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HIGH FREQUENCY MICRO LAYER TRANSISTOR 

R. L. Luce 
J. D. McCotter 

J. A. Sluss 
C. G. Thornton 

Philco Corporation, Lansdale Division 
Lansdale, Pennsylvania 

INTRODUCTION 

During the past decade the precision etch proc¬ 
ess has been used in fabricating several different 
types of high frequency germanium transistors, 
including the SBT (Surface Barrier Transistor), 
MAT (Micro-Alloy Transistor), and the MADT 
(Micro-Alloy Diffused-Base Transistor). Each 
new design featured some new element in its 
structure to impart desirable properties not avail¬ 
able in its predecessor. 

A thin basewidth structure, first produced in 
the SBT, was made possible by development of the 
precision etch process. In the MAT, the addition 
of micro-alloy electrodes gave increased current 
handling capabilities without affecting the base¬ 
width control. The use of diffused-base tech¬ 
niques in the MADT permitted significant reduc¬ 
tion in electrical basewidth, with resulting gain¬ 
bandwidth design extending to 1.0 Kmc. 

This paper describes methods and results of 
fabricating precision-etch PNP transistors having 
a thin homogeneous base region epitaxially grown 
on a collector substrate of opposite conductivity 
type. This new class of devices having a preci¬ 
sion etched base layer of sub-micron width in 
conjunction with collector regions of opposite con¬ 
ductivity type is given the designation MLT, or 
Micro Layer Transistor. 

COMPARISON OF DIFFUSED-BASE AND 
EPITAXIAL-BAS E STRUCTURES 

Figure 1 illustrates the diffused-base and epi¬ 
taxial-base types of precision-etch germanium 
transistor. The diffused-base, or MADT type, is 
obtained by the controlled diffusion of an N-type 
impurity into a high-resistivity N-type substrate, 
followed by accurate placement of the two micro¬ 
alloyed electrodes. In the epitaxial-base struc¬ 
ture, an epitaxial N-type base layer is grown on a 

suitable P-type substrate to form the base-col-
lector junction. Precision etching techniques (the 
same as those used in MADT fabrication) are em¬ 
ployed to obtain the desired thickness of the base 
and collector regions. 

EPITAXIAL GROWTH SYSTEMS 

The epitaxial systems used in the growth of 
the base layer are indicated in Figure 2. Good 
quality epitaxial layers are obtained by high tem¬ 
perature reduction of GeCl^ Prior to epitaxial 
deposition, the thin residual germanium di-oxide 
layer must be completely removed by high-tem¬ 
perature vaporization. Hydrogen is not a suitable 
ambient for this process since the oxide would be 
preferentially reduced to amorphous germanium 
directly on the substrate surface. Therefore, a 
short high-temperature pre-treatment in an inert 
ambient is required prior to starting the growth 
process. The vapor-grown interfaces obtained 
show no evidence of lattice discontinuity when sub¬ 
jected to rigorous inspection techniques involving 
cross-sectioning and treatment with structure¬ 
sensitive etching solutions. To minimize the 
effects of diffusion, a short rapid-growth period 
is used. 

The low-temperature disproportionation sys¬ 
tem with its negligible diffusion effects generally 
yields smooth single-crystal layers; however, the 
work to date on this system has not produced good 
electrical characteristics. Examination of etched 
cross-sections revealed crystal imperfections at 
the interface. Poor collector diode characteris¬ 
tics are attributed to these interface imperfec¬ 
tions. Figure 3 displays the collector-base diode 
characteristics obtained by the high temperature 
process. Note the sharpness of the voltage break¬ 
down on the expanded scale. This high quality 
collector-base diode is an epitaxially grown 
junction. 
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BENEFITS DERIVED FROM COMBINED 
EPITAXIAL AND PRECISION ETCH TECHNIQUES 

Having established the techniques for producing 
good quality base-collector junctions by epitaxial 
growth, we now direct our attention toward the 
benefits to be realized from their use. First, let 
us consider the delay times associated with the 
diffused-base structure. 

Delay Time Considerations in Diffused- Base 
Structures 

Figure 4 shows the diffused-base structure and 
its associated carrier delay times. The total de¬ 
lay time for this type of transistor structure has 
been defined as the sum of three elements: 1) 
charge time of the emitter barrier capacitance, 
Cte> 2) transit time through the base region, and 
3) transit time through the collector depletion 
layer. In standard MADT structures designed for 
gain-bandwidth products up to 1.0 Kmc, the width 
of the electrical base region is the prime limiting 
factor in achieving minimum delay time. Calcula¬ 
tions show that at higher frequency levels the 
transit time in the collector depletion layer is ex¬ 
pected to become significant. The emitter barrier 
capacitance, Cte, limits the device only at low 
current levels. In reducing the emitter area to 
obtain a lower Cte, current density is increased, 
and a compromise is necessary. Reduction of 
emitter area may increase the current density to 
a point where the initial charge distribution in the 
base and collector regions is modified, resulting 
in shrinkage of the collector depletion layer and a 
consequent increase in the electrical basewidth. 
The widening of electrical basewidth with in¬ 
creased current density causes a decrease in fj, 
the effect being similar to that experienced at very 
low levels of collector voltage. 

Effects of Basewidth Decrease in Diffused-Base 
Structure 

With reference to Figure 5, consider the effects 
of decreasing the electrical basewidth in the dif¬ 
fused-base device. The process of diffusion re¬ 
quires that the concentration of base impurities 
obtain a sufficiently large gradient at the diffusion 
front so that the doping atoms move into the sub¬ 
strate. As the basewidth is decreased by obtaining 
higher diffusion gradients, that is, by increasing 
the slope of the base impurity distribution the 
integrated amount of these impurities is reduced. 
Since an applied voltage is sustained by the inte¬ 
grated number of impurities, a reduction in dopant 

atoms in the base layer lowers the maximum volt¬ 
age which can be applied without causing punch-
through. 

Compromise in Base Layer Thickness Avoided 
Through Epitaxial Techniques 

The punchthrough compromise in base layer 
thickness obtained by a diffusion process can be 
avoided by a process which does not depend upon 
a concentration gradient to form the base layer. 
A thin base region that is essentially homogene¬ 
ously doped is obtained when the dopant distribu¬ 
tion is controlled during the process of epitaxially 
growing the base layer. This is the desirable fea¬ 
ture of the short rapid growth of the base layer by 
epitaxial techniques. 

Design for Minimum Transit Time Through _ 
Collector Depletion Layer 

The final structure takes full advantage of the 
thin basewidth achieved by the epitaxial layer when 
the structure is designed to maintain a collector 
depletion layer transit that represents a minimum 
contribution to the total delay time. By depositing 
the base layer on a P-type substrate of suitable 
conductivity, the expansion of the depletion layer 
can be controlled to provide maximum frequency 
performance at practical levels of applied volt¬ 
ages, while maintaining a satisfactory breakdown 
voltage. Following upon the desired distribution 
of doping atoms, optimum control of the thickness 
of the base and collector regions is obtained by 
using precision-etch techniques. 

TYPICAL MICRO LAYER TRANSISTOR 

The photomicrograph of Figure 6 shows a 
cross-section of a typical epitaxial-base transist¬ 
or, magnified approximately 300X. The diameter 
of the micro-alloyed emitter junction is 3 mils; 
collector diameter is approximately 7 mils. The 
distance between the emitter and the base-collec¬ 
tor junction is 1/2 to 3/4 of a micron. The re¬ 
maining distance between the collector junction 
and the ohmic contact is controlled to maintain 
the low series resistance that is characteristic 
of precision-etch transistors. 

The high frequency performance of a typical 
MLT structure is recorded in Figure 7. Again, a 
schematic representation of the impurity distribu¬ 
tion between the micro-alloyed contacts is includ¬ 
ed. In (b) of Figure 7, the small-signal current 
gain at 80 me is plotted as a function of collector 
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voltage and current. This plot is for a typical 
epitaxial-base MLT enclosed and measured to the 
TO-18 package. A peak ft of the 2.2 Kmc is ob¬ 
tained by extrapolation from this measurement. 
Measurements made at 200 me also extrapolate 
to the 2.2 Kmc ft value. 

Figure 8 records D-C Beta as a function of 
collector current at low collector-to-emitter volt¬ 
ages. An additional indication of the quality of the 
epitaxial-base layer is demonstrated by the level 
and linearity of the D-C Beta as a function of 
current. 

CONCLUSION 

This paper has described incorporation of pre¬ 
cision etching techniques in fabrication of epitax¬ 
ial-base PNP transistors. Evidence has been pre¬ 

sented to show that precise control of the base and 
collector regions results in desirable high fre¬ 
quency performance in the fabricated devices. 

It is expected that further refinements of this 
basic design will lead to still higher frequency 
performance levels. The intent is to extend the 
described techniques to the fabrication of devices 
that will exhibit high frequency performance in 
high current and high power applications. 
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A NEW UNIJUNCTION TRANSISTOR STRUCTURE 
USING SPREADING RESISTANCE MODULATION 

V. A. Bluhm, T. P. Sylvan 
General Electric Company 

Semiconductor Products Department 
Syracuse, New York. 

Summary 

A new design approach, using the 
modulation of the spreading resistance of 
a small area ohmic contact by injection of 
minority carriers from a nearby emitter 
junction, makes possible a unijunction 
transistor with small size and improved 
characteristics. Silicon unijunction pre¬ 
viously described in the literature have 
been filamentary in structure with two 
large area base contacts and have utilized 
conductivity modulation of a large fraction 
of the total volume of the filament with a 
small area emitter junction located near 
the center of the filament. 

The new device geometry permits a 
reduction of the distance between the 
emitter and base-one contact for a given 
value of standoff ratio and hence reduces 
the turn-on time of the device by a factor 
one hundred or more owing to the shorter 
carrier transport time between emitter and 
base-one. The closer spacing and smaller 
base-one area reduces the effective volume 
in which conductivity modulation takes 
place and thus reduces the emitter satu¬ 
ration voltage, the valley point current, 
and the peak point current. The lower 
emitter saturation voltage and valley point 
current permit bistable circuit appli¬ 
cations which have been impractical with 
conventional unijunction transistors. The 
lower peak point current makes possible 
extremely sensitive voltage sensing 
circuits which require very small values of 
current for triggering. The lower peak 
point current combined with a low emitter 
leakage current makes possible time delay 
circuits which can operate with a very 
large time delay using a small timing 
capacitor. 

Devices have been successfully fabri¬ 

cated using a pulse alloy technique for 
forming both the emitter junction and the 
base-one ohmic contact. The simplicity 
of this fabrication process makes it ex¬ 
tremely advantageous from the standpoint 
of cost. Measured device parameters have 
shown a reasonably good correlation with a 
first order theoretical analysis. 

Introduction 

Since the first announcement ofthe 
UJT (unijunction transistor) in 1953 
significant progress has been made in the 
improvement of its electrical character¬ 
istics and in the development of practi¬ 
cal circuit applications . The first 
UJT's, made of germanium, suffered the 
disadvantage of excessive temperature 
sensitivity, very low switching speed, and 
limited range of operating temperature. 
The availability of high lifetime, high 
resistivity silicon made possible the 
introduction of the silicon UJT in 1956. 
Introduction of the ceramic disc mounting 
structure in 1958 made possible tighter 
control of the geometrically dependent 
electrical parameters with a consequent 
improvement in the overall specifications. 
Present applications of the UJT include 
relaxation oscillators, timing circuits, 
voltage sensing circuits and firing 
circuits for SCR's (silicon controlled 
rectifiers). Although the characteristics 
of the present design are satisfactory for 
most of these applications, a significant 
reduction in switching speed, valley 
current and saturation voltage would be 
very desirable in that it would extend the 
range of present applications and open up 
new areas of application. 
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Conventional Structure 

A cross-sectional diagram of a con¬ 
ventional UJT is shown to scale in Figure 
1A. A ceramic disc having the same 
thermal expansion coefficient as silicon 
is used as a mounting platform. A gold 
antimony film is deposited on both sides 
of a 10 mil slot in the center of the disc. 
A single crystal n-type silicon bar having 
a resistivity of about 120 ohm-cm. and 
dimensions of about 8 x 10 x 60 mils is 
placed across the slot and two ohmic base 
contacts called base-one (Bl) and base-
two (B2) are formed by alloying between 
the silicon and the gold. A single p-type 
emitter (E) junction is formed by alloying 
a 3 mil diameter aluminum wire on the side 
of the silicon bar opposite from the base 
contacts. The emitter junction is gener¬ 
ally located closer to base-two than to 
base-one. Symmetrical units are obtained 
if the emitter junction is an equal 
distance from base-one and base-two, but 
such devices do not have optimum electri¬ 
cal characteristics for most applications. 

Fig. 1 Cross-sectional details of UJT 
Structures drawn to scale, (A) 
Conventional UJT Bar Structure, 
(B) New UJT Structure (ZJ-85). 

Electrical Characteristics 

The standard symbol for the UJT to¬ 
gether with a static emitter characteristic 
curve are shown in Figure 2. The emitter 
curve is exaggerated in the vicinity of 
the Vg axis in order to show more clearly 
the details of the curve and the important 

measurement points. This characteristic 
is shown for a single value of interbase 
voltage (Vßß = lOv) although generally a 
complete family of emitter characteristic 
curves is presented for several fixed 
values of interbase voltage. To complete 
the description of the static electrical 
characteristics of the device, a family of 
interbase characteristic curves is re¬ 
quired which is generally presented in 
terms of Vgg vs. Ig£ for fixed values of 
Ig. However, most of the applications of 
tne UJT are based on the emitter charac¬ 
teristics with base-two serving only as a 
biasing input and consequently the inter¬ 
base characteristics will not be consider¬ 
ed here in any detail. 

Fig. 2 Standard Unijunction Transistor 
Symbol With Nomenclature Used For 
Voltages And Currents; Static 
Emitter Characteristic Curves 
Showing Important Parameters And 
Measurement Points (Exaggerated To 
Show Details). 

In the normal mode of operation, the 
base-one terminal is grounded and a posi¬ 
tive bias voltage, Vgg, is applied at 
base-two as indicated in Figure 2. An 
interbase current Ib2 will flow determined 
by the applied interbase voltage and the 
interbase resistance, Rgg. The interbase 
voltage establishes an electric field 
within the silicon bar and produces a volt¬ 
age on the n side of the emitter junction 
which is a fraction, r¡ , of the applied 
interbase voltage. The parameter r,, 
called the intrinsic standoff ratio, is 
determined by the spacing between the 
emitter junction and the base contacts. 
If the emitter voltage, Vg, is less than 
^^BB’ th6 fitter junction will be reverse 
biased over its entire area and only a 
small reverse leakage current, I„_, will 
flow in the emitter circuit. If the ap¬ 
plied emitter voltage exceeds TjVßß by an 

8 



amount equal to the forward drop of the 
emitter diode, V^, holes will be injected 
into the silicon bar. Because of the 
electric field within the silicon bar, 
these holes will move towards base-one and 
being minority carriers will increase the 
conductivity of the bar in the region be¬ 
tween emitter and base-one. As the 
emitter current is increased, the emitter 
voltage will decrease because of the in¬ 
creased conductivity so that a negative 
resistance is observed between emitter 
and base-one. The essential features of 
the emitter characteristic curve are 
shown in Figure 2. The two important 
points on the characteristic curve are the 
peak point and the valley point. At these 
points the slope of the emitter character¬ 
istic curve is zero. The current at the 
peak point is called the peak point 
current, Ip. For a given unit, the peak 
point current is inversely proportional to 
the interbase voltage. The voltage at the 
peak point is called the peak point volt¬ 
age and is related to the interbase volt¬ 
age by the equation; 

VP = ^BB + VD 

where Vq, the equivalent emitter diode 
voltage is in the range of 0.6 to 0.7 
volts for silicon devices. The current at 
the valley point is called the valley 
point current, Iv, and the voltage at the 
valley point is called the valley point 
voltage, Vy. For a given unit, both the 
valley point voltage and current increase 
with increasing interbase voltage. The 
emitter voltage at a high value of emitter 
current is called the emitter saturation 
voltage, Vg(sat), and is generally speci¬ 
fied at IE = 50 ma, Vgn = lOv. The base-
two current flowing under the same biasing 
conditions is called the base-two modu¬ 
lated current, IB2(m°d)• 

The region to the left of the peak 
point is called the cutoff region, here 
the emitter junction is reverse biased. 
The region between the peak point and the 
valley point is called the negative re¬ 
sistance region, here conductivity modu¬ 
lation of the silicon bar between emitter 
and base-one is the predominant effect. 
The region to the right of the valley 
point is the saturation region. In the 
saturation region, conduction between 
emitter and base-one is limited by the 
surface and bulk recombination rates. 

Design Objectives 

The optimum UJT design objectives are 
determined by the particular application, 
however the following general rules can be 
given ; 

(1) The intrinsic standoff ratio 
should be variable over a range of at 
least 0.40 to 0.80, but should be capable 
of close production control. 

(2) The emitter saturation voltage 
should be as low as possible, particular 
for applications in switching circuits 
since this parameter determines the 
switching efficiency of the device. 

(3) The interbase resistance should 
be high enough to prevent excessive inter¬ 
base power dissipation, but generally the 
precise value is not important. 

(4) The peak point current should be 
as low as possible, particularly for ap¬ 
plications in sensitive time delay 
circuits and voltage sensing circuits 
where trigger current sensitivity is im¬ 
portant. 

(5) The valley current should be de¬ 
signable over a wide range. A high value 
of valley current is required in oscil¬ 
lator circuits where it permits a high 
average emitter current or load power. A 
low value of valley current is required in 
oscillator circuits where it permits oper¬ 
ation at low current and power levels. 

(6) A low value of turn on time is 
required for pulse generators and timing 
circuits working at short time cycles. 

The variables which are available to 
the device designer to achieve the above 
objectives include silicon resistivity, 
bar size, interbase spacing, and emitter 
location. The resistivity of the metal 
should be as high as possible to maximize 
the interbase resistance, but should be 
low enough to give stable parameters and 
permit good ohmic contacts to be made. 
Units have been made using silicon with a 
resistivity as high as 1000 ohm-cm, but 
for reasonable stability of parameters, it 
appears the upper limit should be about 
200 ohm-cm. The minimum bar size and 
interbase spacing which can be achieved 
are determined by fabrication problems and 
required tolerances. The location of the 
emitter junction is determined by a 
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(2) 

compromise between the emitter saturation 
voltage, the intrinsic standoff ratio, and 
the switching time. The emitter should be 
located as close as possible to base-one 
to minimize the emitter saturation voltage 
and the switching time, but should be 
located as close as possible to base-two 
to maximize the standoff ratio. For the 
bar structure, the value of intrinsic 
standoff ratio is given to a good approxi¬ 
mation by the relationship; 

dEBl 

dEBl + dEB2 

where dEg^ is the minimum distance between 
emitter and base-one and dgg2 is the mini¬ 
mum distance between base-two and the 
point on the emitter closest to base-one. 
The relationship between intrinsic stand¬ 
off ratio and the emitter saturation volt¬ 
age has been found to be given with 
reasonable accuracy by the following em¬ 
pirical relationship; 

v = n - 0--33 
vE(sat) F 

(3) 

where F, the figure of merit, is a constant 
determined by the bar size, the slot width, 
and the surface and bulk lifetime. Equa¬ 
tion 3 can be used to predict the effects 
that a change in emitter location will 
have on V£(sat) and 77 assuming that all 
other geometrical values remain fixed. A 
final compromise which must be made in the 
device design is the effective lifetime. 
The surface and bulk lifetime should be as 
high as possible to minimize the emitter 
saturation voltage, but should be low to 
minimize the turnoff time. 

The relationships between the more 
important electrical parameters are summa 
rized in Figure 3. As an example, it is 
seen from this chart that if Rgg is in¬ 
creased by increasing the silicon resis¬ 
tivity ton and VE(sat) will increase and 
I„ and Ip will decrease. This chart in¬ 
dicates compromise that must be made when 
optimizing parameters for a given appli¬ 
cation. 

From the preceding discussion of de¬ 
sign objectives and design relationships, 
it is seen that the present UJT bar 
structure imposes well defined limitations 
on the electrical parameters. Once the 
minimum practical physical size is deter¬ 
mined and values fiar r¡ and Rgg are chosen, 
the values of all the other parameters 

are fixed. 

LEGEND 
f POSITIVE CORRELATION 

+ NEGATIVE CORRELATION 
0 NEGLIGIBLE CORRELATION 

Fig. 3 Design Relationships Between 
Principal UJT Parameters 

New Unijunction Transistor Structure 

A unijunction transistor structure 
(designated ZJ-85) has been developed 
which uses a radical new geometry to 
achieve an order of magnitude improvement 
in some of the important electrical para¬ 
meters of the device. A cross-sectional 
detail of one version of this new 
structure is shown in Figure IB to the 
same scale as the conventional UJT bar 
structure in Figure 1A. The essential 
feature of the new structure is the use of 
a small area base-one contact which can be 
formed with a 2 mil diameter antimony 
doped gold wire pulsed or alloyed into the 
top surface of a 8 x 20 x 20 mil n-type 
silicon pellet. The emitter junction is 
formed by pulsing or alloying a 3 mil dia¬ 
meter aluminum wire approximately 3 mils 
away from the gold wire. The base-two 
contact is formed by a broad area gold¬ 
antimony alloy contact between the bottom 
of the bar and the transistor header. 
Photographs of the conventional UJT in a 
TO-5 header and the new UJT on a TO-18 
header are shown in Figure 4. A cross¬ 
section photograph of the new structure is 
shown in Figure 5. 

Because of the geometry, the voltage 
gradient in the vicinity of the base-one 
contact is much higher than elsewhere in 
the silicon, so it is possible to achieve 
a high standoff ratio with a much closer 
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Fig. 4 Photograph of UJT Structures, left-
Conventional UJT Bar Structure On 
10-5 Header (.370" Diameter), 
Right - New UJT Structure On TO-18 
Header (.225" Diameter). 

Fig. 5 Cross-sectional Photograph Of New 
UJT Structure 

spacing between emitter and base-one than 
with the conventional structure. Assuming 
a hemispherical base-one contact of radius 
r, the intrinsic standoff ratio is given 
approximately by; 

where d^ß^ is the minimum distance between 
the emitter junction and base-one. The 
interbase resistance is given approximate¬ 
ly by; 

»bb ■ « 0 (-^ 

(error < ̂  ) 

where p is the silicon resistivity in 
ohm-cm, r is the base-one radius in mils 
and d is the pellet thickness in mils. 
The interbase resistance is determined 
chiefly by the spreading resistance of 
base-one contact and the thickness of the 
pellet has only a second order effect. 

For a device having d^g^ = 2 mils, r 
= 1 mil, d = 8 mils, and p = 120 ohm-cm, 
the preceding equations give r¡ = 0.66 and 
Rbb = 6.6K. These values are comparable 
to the typical values for the conventional 
structure but the emitter to base-one 
spacing has been reduced by a factor of 5 
so that a significant reduction in the 
emitter saturation voltage and switching 
time can be expected. 

The static emitter characteristic 
curves for a conventional UJT structure 
are shown in Figure 6 together with the 
emitter characteristic curves of a new 
UJT structure having the same value of 
standoff ratio. The lower saturation 
voltage and valley current for the new 
UJT structure are evident. The negative 
resistance and cut-off frequency for the 
new UJT structure are so high that it is 
difficult to stabilize the device in the 
negative resistance region. For high 
values of emitter voltage in the negative 
resistance region, the device will os¬ 
cillate in the relaxation mode with its 
own case capacity. 

The relationship between the intrin¬ 
sic standoff ratio and emitter saturation 
voltage for both the conventional and new 
UJT structures are shown in Figure 7. 
Measured values on 35 standard production 
units of each type are given. It is seen 
that the conventional units follow the 
relationship given by Equation 3 with a 
figure of merit, F, between .08 and .10. 
In the case of the new structure however, 
the saturation voltage is practically in¬ 
dependent of the intrinsic standoff ratio 
up to approximately 77 = 0.80. It is 
evident that the new UJT structure makes 
possible the achievement of higher values 
of standoff ratio with reasonably low 
values of emitter saturation voltage. 
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Fig. 6 Comparative Static Emitter Charac¬ 
teristic Curves; Left - Convention¬ 
al UJT Bar Structure; Right - New 
UJT Structure. 

Fig. 7 Relationship Between Intrinsic 
Standoff Ratio And Emitter Satura¬ 
tion Voltage For Typical Lot Of 
Conventional UJT's And New UJT's. 

Switching Speed 

The switching speed of the UJT can 
be specified with either a resistive or 
capacitive load in the emitter circuit. 

If a resistive load is used, the load line 
should intersect the emitter character¬ 
istic curve in both the cutoff region and 
the saturation region so that the circuit 
will normally be bistable and it will be 
possible to turn the UJT on and off with 
pulses of the appropriate polarity at 
either the emitter or base-one terminal. 
A negative pulse at base-two can be used 
to turn the UJT on but it is generally not 
possible to turn the UJT off with pulses 
at this terminal. The turn on waveforms 
for both the conventional UJT structure 
and the new UJT structure are shown in 
Figure 8. The lower trace shows the 
switching waveform of the new UJT 
structure alone with the time scale ex¬ 
panded by ten times. The measured 10% to 
907» risetimes were 4.0 gsec. for the con¬ 
ventional UJT and 50 nsec, for the new 
UJT. The rise time can be reduced by 
proper choice of the value of capacitance 
in parallel with the load. This capaci¬ 
tance provides a source to rapidly es¬ 
tablish the charge concentration required 
in the emitter to base-one region of the 
UJT for steady state conduction. The 
base-one voltage pulse waveform for a new 
UJT switching a capacitive load is shown 
in Figure 9 ; the waveform for a conven¬ 
tional unit is not shown because the 
amplitude would be too low to be detect¬ 
able on the same scale. The initial large 
amplitude pulse seen on the waveform is 
due to the capacitive discharge current, 
whereas the long, low amplitude tail on 
the pulse is due to the minority carrier 
lifetime in the silicon bar. This tail is 
not seen if the 50 ohm current reading 
resistor is placed in series with the 
emitter alone. Another parameter of 
interest in some switching circuits is the 
trigger charge. Measurements of trigger 
charge on the new UJT structure give a 
value of about 10 picocoulombs in compari¬ 
son with a value of 1000 picocoulombs for 
the conventional structure. 

The higher switching speed of the 
new UJT structure is the result of three 
factors; (a) for a given applied inter¬ 
base voltage the average electric field 
strength in the region between emitter 
and base-one will be higher because of 
the smaller geometry, (b) for a given 
average electric field strength the 
transit time for both holes and electrons 
will be less because of the shorter 
distance between emitter and base-one, and 
(c) the volume of silicon in which conduc-
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Fig. 8 Comparative Switching Waveforms For 
UJT Switching 500 Ohm, 200 pf Load 
In Emitter Circuit; vertical scale 
is emitter voltage 2.5 volts per 
major division. Upper Picture -
Conventional Structure And New 
Structure; horizontal scale is time 
from right to left 1 /isec. per 
major division. Lower Picture -
New Structure Alone; horizontal 
scale is time from right to left 
100 nsec, per major division. 

Fig. 9 Base-one Voltage Pulse Waveform Of 
New UJT In Relaxation Oscillator 
Circuit, Emitter Capacitor 200 pf, 
Base-one Resistor 50 Ohms; vertical 
scale is base-one voltage 0.5 volts 
per major division, horizontal 
scale is time from right to left 
200 nsec, per large division. 

tivity modulation occurs is lower and 
accordingly the charge which must be es¬ 
tablished in switching a given emitter 
current is less. 

The turn off time of the UJT is 
normally defined in terms of the rate at 
which the peak point voltage approaches 

its steady state value after the emitter 
current is cutoff. Note that the turn off 
time is not equivalent to the reverse re¬ 
covery time of the emitter diode. The 
test circuit used to measure the turn off 
time is shown in Figure 10. In this 
circuit, current for the emitter is pro¬ 
vided by the 470 ohm resistor. The clamp¬ 
ing voltage, V£, is adjusted so that the 
emitter voltage is below the peak point 
voltage. The UJT is turned on by the 
negative pulse at base-two which occurs 
when the pole of the mercury relay trans¬ 
fers to the left contact. The UJT remains 
in the conducting state until the pole of 
the mercury relay transfers to the right 
contact at which time a negative pulse is 
coupled to the emitter through the variable 
capacitor. The emitter voltage will rise 
towards the positive supply voltage at a 
rate determined by the time constant of 
the 470 ohm resistor and the variable 
capacitor. When the emitter voltage be¬ 
comes positive, the UJT will turn on 
(dotted line) if the length of time the 
emitter is reverse biased is shorter than 
the turn-off time, otherwise the UJT will 
not turn on and the emitter voltage will 
rise until it is clamped by the diode. The 
variable capacitor is adjusted to deter¬ 
mine the minimum time the emitter can be 
reverse biased and still block when the 
emitter voltage goes positive. Measured 
values of turn off time in the circuit of 
Figure 10 lie between 1.5 and 3.0 p.sec. 
for both UJT structures. 

Fig. 10 Test Circuit For Measuring Turn-
Off Time Of UJT With Typical Op¬ 
erating Waveforms. 

Summary Of Characteristics 

Comparative values of the more im¬ 
portant parameters for the new UJT struc¬ 
ture and the conventional UJT structure are 
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given in Figure 11, together with the es¬ 
timated designable range for these para¬ 
meters. The feasibility of higher values 
of intrinsic standoff ratio with the new 
structure has already been demonstrated by 
Figure 7. The lower limit of intrinsic 
standoff ratio is limited in the new 
structure because of the difficulty of 
accurately maintaining the close spacing 
required whereas there is no lower limit 
in the conventional structure. The 
emitter saturation voltage is obviously 
lower with the new structure. Generally, 
the lowest possible emitter saturation 
voltage is desirable, if higher values are 
required they could easily be achieved by 
either decreasing the effective lifetime 
or by adding appropriate external resis¬ 
tance in series with base-one or the 
emitter. The range of interbase resistance 
that can be achieved with both structures 
is determined primarily by the practical 
upper limit in the silicon resistivity and 
the practical lower limit in the size of 
the base contacts. The lower value of 
peak point current with the new UJT 
structure increases the value of the UJT 
in sensitive trigger circuits. A wider 
range of valley current is possible with 
the new structure than with the convention¬ 
al structure. High values of valley 
current can be achieved by reducing the 
surface or bulk lifetime of the silicon. 
The faster turn on speeds of the new 
structure have already been described. The 

CONVENTIONAL 
BAR STRUCTURE 

NEW 
STRUCTURE 

parameter TYPICAL DESIGN 
RANGE TYPICAL DESIGN 

RANGE 

INTRINSIC STANDOFF 
RATION 0.60 0-0 75 0 65 0 30-0 90 

EMITTER SATURATION 
VOLTAGE (^ = 0 60) 3.0V - l.5v -

INTERBASE RESISTANCE 
RB8 7K 0-30K 7K 0-30K 

PEAK POINT CURRENT, ID 

(VBB = 2OV, 17 = 0 60) 12/x a - 0 3 /io -

VALLEY POINT CURRENT,I v 

(VBB 8 20v, = 0.60) I5ma lO-2Omo 2 mo 05-20ma 

TURN ON TIME 
(R L=500il) 4/xs - 80ns -

THERMAL RESISTANCE 
TO CASE 

0 I2°C/MW 
(T0-5) - 0.06*C/MW 

(TO-18) -

Fig. 11. Comparative Values And Design 
Ranges Of Principal Parameters 
For Conventional UJT Bar Structure 
And New UJT Structure. 

thermal resistance to the case of the new 
structure is about one-half the thermal 
resistance to case of the conventional 
structure owing to the fact that the new 
structure is mounted directly on the 
header and the heat path is shorter. This 
will permit higher power ratings with the 
new structure when used with an appropri¬ 
ate heatsink. The thermal resistance in 
free air will be approximately the same 
for the two structures. 

Applications 

The ZJ-85 can be used in most of the 
standard applications in which the conven¬ 
tional UJT is presently being used, in¬ 
cluding oscillators, pulse generators, 
time delay circuits, SCR firing circuits, 
etc. For applications requiring a high 
valley current, it is important to design 
and specify a minimum valley current 
consistent with the application. In some 
cases the need for a high valley current 
can be circumvented by using a small in¬ 
ductance in series with the emitter 
circuit which produces a ringing action to 
cut off the emitter at the end of the 
pulse. 

Oscillators 

The frequency stability of the ZJ-85 
in a relaxation oscillator circuit is 
lower than the stability of the conven¬ 
tional UJT. However, the stability of the 
ZJ-85 is satisfactory for many appli¬ 
cations. The temperature stability of a 
ZJ-85 in a relaxation oscillator is shown 
in Figure 12. In this test, the base-two 
resistor was adjusted to give the minimum 
frequency change in the vicinity of 25°C. 
The UJT alone was subjected to the temper¬ 
ature change, in a practical circuit the 
temperature stability would also be deter¬ 
mined by the relative temperature co¬ 
efficients of the 20K resistor and the 0.2 
pfd capacitor. 

One-Shot Multivibrator 

The low valley current of the ZJ-85 
makes possible a normally on type of one 
shot circuit such as shown in Figure 13. 
In this circuit the 3.9K resistor is 
small enough to provide a current larger 
than the valley current so that the 
circuit is stable with the emitter in the 
conducting state. A positive trigger 
pulse of the proper amplitude and duration 

14 



Fig. 12 Measured Frequency Change Versus 
Temperature For ZJ-85 In Relaxa¬ 
tion Oscillator Circuit. 

applied to base-one will cause the emitter 
to cut off. The .001 pfd capacitor will 
then charge to the peak point voltage at 
which time the UJT will fire and return to 
its conducting state. When the UJT fires 
a negative pulse will be generated at Vo 
and a positive pulse will be generated at 
Vi owing to the discharge current from 
the capacitor. For the circuit shown a 
1.2 volt, 0.6 ptsec. pulse was required to 
trigger the UJT and the pulse delay was 
4.5 ptsec. 

Fig. 13 Normally On One-Shot Multivibrator 
Showing Typical Operating Wave¬ 
forms. 

Voltage Comparator 

Because of its very low peak point 
current and stable peak point voltage, 
the ZJ-85 can be used in sensitive voltage 
comparator circuits. One such circuit is 
shown in Figure 14. Potentiometer R4 is 

adjusted so that the UJT will just fire 
when the signal inputs are shorted to¬ 
gether. If the signal input is negative, 
the UJT will not fire, but if the signal 
is slightly positive, the UJT will fire 
and a pulse will appear at the secondary 
of the pulse transformer due to the dis¬ 
charge of C-^ through the emitter. The 
diodes prevent loading of the input 
circuit prior to triggering and clamp the 
voltage at the emitter of the UJT when 
large voltages are applied to the input. 
Capacitor Cj^ is recharged through so 
that response time of the circuit is 
limited by the time constant of R-p C2 
and C^. One advantage of the ZJ-85 in 
this circuit is that small values of 
emitter capacitor can be used with a 
consequent improvement in the response 
time. The location of the pulse trans¬ 
former is chosen to reduce the possibility 
of false triggering caused by transients 
coupled into the circuit through the 
pulse transformer. Temperature compensa¬ 
tion is achieved by adjustment of R2. It 
is possible to obtain a firing voltage 
stable to within + 2 mv from 25°C to 55°C. 

Fig. 14 Sensitive Voltage Comparator 
Circuit. 

Time Delay Circuit 

The ZJ-85 can be used in most of the 
time delay circuits in which the conven¬ 
tional UJT is used and owing to its low 
peak point voltage, is particularly useful 
in circuits where a very large time delay 
is desired with a small value of timing 
capacitance. In cases where a very long 
time delay is required over a moderate 
temperature range, a technique such as 
that shown in Figure 15 can be used. In 
this circuit the SCR is chosen in accbrd-
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anee with the maximum supply voltage and 
maximum load current, diode D^ is chosen 
in accordance with the maximum supply 
voltage, and is chosen to supply the 
proper current to zener diode before the 
SCR turns on and to supply the minimum 
holding current to the SCR after it turns 
on. A UJT with a low peak point current 
and low emitter leakage current is chosen 
for Qi. The second UJT, serves as a 
pulse generator, producing negative 
pulses across the 22 ohm resistor. These 
negative pulses effectively reduce the 
value of current required to trigger to 
a value below the peak point current. The 
required current to fire may be as low 
as 20 na and the ultimate sensitivity of 
the circuit is limited by the lowest 
emitter leakage current it is possible to 
achieve. The time delay for the circuit 
shown is over one minute even though the 
timing capacitor is only 1 gfd. 

Fig. 15 Time Delay Circuit With Very Long 
Timing Interval. 

Sharp Threshold Device 

In applications where a very sharp 
voltage threshold at low voltage levels 
is required the ZJ-85 can be used in the 
inverted connection. The emitter to base-
two characteristic of the ZJ-85 with a 5 
volt bias on base-one is shown in Figure 
16 in comparison with a conventional 
diode characteristic. 

Fig. 16 Sharp Threshold Characteristic 
Using ZJ-85 In Inverted Connection 
(Upper Trace) Compared With Con¬ 
ventional Silicon Diode Character¬ 
istic (Lower Trace); vertical 
scale is 0.1 volts per division, 
horizontal scale is 50 lia per 
major division. 

Acknowledgement s 

The authors wish to acknowledge to contri¬ 
butions of W. B. Walkup, G. P. Greiner, 
and B. L. Westcott to the development of 
processes used in the fabrication of the 
devices described in this paper. 

Reference s 

1. Lesk. I.A., Mathis, V.P., "The Double¬ 
Base Diode - A New Semiconductor De¬ 
vice", IRE Conventional Record, Part 6, 
pp. 2-8, 1953. 

2. Sylvan, T.P., "Notes On The Application 
Of The Silicon Unijunction Transistor", 
General Electric Company Application 
Note 90.10, May, 1961. 

16 



FREQUENCY OF MERIT FOR THREE TERMINAL 
ELECTRON DEVICES» 

S. VENKATESWARAN 
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Summary . A simple and closely accurate 
expression for the "frequency of merit" 
(•figure of merit*) of each available three 
terminal electron device is obtained from its 
maximum operating power gain potential at 
higher frequencies as a tuned amplifier, in a 
suitable configuration (common-source etc.) and 
system (unilatéralisation, mismatch); it is in 
terms of the parameters of the ’physical 
equivalent circuit’ of the device including its 
"signal delay time" ('transit time'). 
Calculations on typical devices show that 
unlike a vacuum triode or field effect 
transistor, a graded base junction transistor 
may have a 'frequency of merit' greater than 
the inverse of its 'signal delay time*. 

List of Principal Symbols . 

f 
m 

f 
max 

®maxc 

= "frequency of merit" (’figure 
of merit’) 

= maximum frequency of oscillation 

= maximum available power gain of 
stage with conjugate matched 
terminations (MAC) 

= Stern’s 'stability factor' 
= Stern's Inherent stability factor' 

= h, z, y or g 

rpn 
Lp21 

P12 

P22” 
= general four-pole matrix of stage 

P1 

P2 

s 
U 
X 
P 

r 

= total input self parameter 
(including source immittance) 

= total output self parameter 
(including load immittance) 

= author's "invariant stability factor" 

= Mason's U factor 
= complex variable 

= Re (p) 

= "signal delay time" (’transit time') 

u = 2nf 

Based on a Ph.D. thesis^ of London University 

Junction Transistors in Common Base Configuration 

COl 

Cde 

Cte 
m 

rb' 

rd 
y 

rde 

= inner collector capacitance 

= emitter diffusion capacitance 

= emitter transition layer capacitance 

= field factor in base region 
= resistance in series with 'base' 

= emitter diffusion resistance 

= f/fa

= Cde rd 

= <Cde + rd 

1 
= "signal delay time" of 'intrinsic' 
transistor 

= "signal delay time" of ’extrinsic' 
transistor 

u = \/r = J db out off angular frequency of 
a intrinsic transistor 

u = l/r = 3 db out off angular frequency of 
“ extrinsic transistor 

Vacuum Triode and Field Effect Transistor 
in Common Source Configuration . 

Ccs = control-source charging capacitance 

G = mutual conductance at lovi freouencies 
mo 
R = control source series resistance 
cs 
R, = drain-source shunt resistance 
ds 

Y = y„. - y = mutual admittance 
m 21 12 

g = amplification factor at low 
frequencies 

I. Introduction 

A three terminal electron device can 
amplify power in any of its 'configurations'. 
These configurations correspond to having one 
each of its terminals i.e. source, control or 
drain common between input and output terminal 
pairs. A limitation arises, if the device is 
used for power amplification, this being its 
maximum frequency of oscillation, f ; f is max 
an invariant with respect to configurational 
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permutation and. may in theory, be obtained by 
equating Mason's U factor2^ to unity. However, 
no simple and accurate or explicit expression for 
f has been obtained so far, for even a single 

4. • -i -, 4. a • 11,13,15,25,27. three terminal electron device. « 
It has been previously concluded^ that no 

general and simple "frequency of merit" ('figure 
of merit') relating power gain and bandwidth1“ of 
active two-port networks exists. The question 
arises as to whether a simple and accurate freq¬ 
uency of merit exists for each of the commercially 
available types of three terminal electron devices 
in terms of its power gain performance at higher 
frequencies in a suitable configuration, 'system' 
(unilatéralisation or mismatch) and 'matrix envi¬ 
ronment' (h-, z-, y- or g- type of terminations). 
An affirmative answer is provided in this paper; 
this frequency of merit is obtained in terms of 
important parameters of the 'physical equivalent 
circuit' of the device including its 'signal 
delay time' (transit time). 

II Maximum Power gain of Active Two-Port 
_ Network._ 

For a wide range of active two-port net¬ 
works, including valve and transistor amplifier 
stages, the total self parameters (including 
terminations), p^, p2 and the transfer parameters 

p21’p12 ^ave no Poles ^d zeros either on the 

imaginai^ axis or on the finite right half comp¬ 
lex plane whether each of their ports be open 
circuited or short circuited. Only such networks 
are considered here. Two-port networks not sat¬ 
isfying these conditions may be 'padded' by resis¬ 
tances at the ports and/or external feedback may 
be applied with passive 'elements' (resistance, 
inductance, capacitance, transformer, gyrator52 ) 
such that the modified networks satisfy the above 
conditions. 

At higher frequencies (f < fmax)> conjugate 

matching with passive terminations at the ports of 
an active two-port network may be impossible. If 
so, the 'potentially unstable' network can be rend¬ 
ered 'absolutely stable' by Mason's lossless 
unilatéralisation25 , matrix unilatéralisation5 or 
mismatch of real parts in port terminations'1. 

Mason's Lossless Unilatéralisation 
25 It has been shown by Mason that the maxi¬ 

mum available power gain of a two-port network 
after lossless unilateralising feedback is given 
by U, where 

lP21 " pl/ . . 
U = —r-— -——— p = z or y ana p = Re (p) 

* ^1^22 P12P21 
(1) 

As the frequency is increased, U usually 
decreases and a frequency f^ is reached where U 

equals unity. At this frequency, fmax , an invar¬ 

iant for all three configurations, conjugate 
matching without unilatéralisation results in a 
power gain of unity while matrix unilatéralisation 

results in a power gain not exceeding unity. 
^max therefore is a unique frequency of 

merit for a given three terminal device. Where 
even a single matrix parameter p^ , P12 , P2^ or 

P22 of the device is a quotient of two high 

degree polynomials involving a number of signifi¬ 
cant poles and zeros in the complex (A) plane, an 
accurate and compact expression for fmax in terms 

of the parameters of its 'physical equivalent 
circuit'1 does not seem possible. Such is the sit¬ 
uation for every type of three^erminal electron 
device commercially available ’ 5’ 5»25 »2Z viz. 
uniform base, graded base and PNIP (or NPIN) junc¬ 
tion transistors, field effect transistor and 
vacuum triode. 

Matrix Unilatéralisation 

The theory of matrix unilatéralisation has 
been developed and applied to junction transistors 
by Cheng?, Stern^^ with Aldridge and Chow, Chu4 
and Cote?. The type of two-port networks treated 
by them satisfy the requirements of Section II; 
as such these networks may be unilateralised by 
passive external feedback in four basic ways. The 
maximum available power gain (MAG) after optimi¬ 
sed z or y matrix unilatéralisation is given by 

g lP21 “ p12 I 3
maxo . =-T-

opt.unilat. 4 [^^22)? - P12 
with p = z or y 

In (2), p12 is positive for z 

parameters and negative for y parameters; a 
positive sign before p^ is to be taken with 
impedance matrix and a negative sign with 
admittance matrix. The upper bound for optimum 
unilateralised MAG is given by 

gmaxc — —with p = z or y (j) 
opt.unilat. 4 P11 P22 

If Re ( z 2̂) equals zero, z matrix unilatéra¬ 

lisation yields a MAG equal to the upper limit, 
which in ibis case equals Mason's U factor; simil¬ 
arly for y matrix unilatéralisation. This coinci¬ 
dence with U factor should be expected, since the 
considered matrix unilatéralisation is also loss¬ 
less. 

Resistive Mismatch at the Ports 

Where Stern's 'inherent stability factor', 
k^ (i.e. for zero real parts of terminations) of 

the network is less than unity in a matrix envir¬ 
onment, any power gain may be realised-5-3 by a 
suitable choice of the network stability factor, 
k (including terminations). As k tends to unity, 
maximum power gain tends to infinity. 

If one or more regions of 'potential insta¬ 
bility' occur over the useful range of frequencies 
for the device in some configuration, the bounda¬ 
ries of these regions define frequencies of 

18 



'marginal stability1,where k. equals unity in all 
35 1four matrix environments . At any of these 

frequencies the maximum available power gain equ¬ 
als the ’measure of non-reciprocity',|P2i/Pq2[> 

of the network. 
Stern's 'stability factor'^, k, is not a 

true index of the gain potentiality of the device 
as k value varies from one matrix environment to 
another for the same power gain of the stage35 
except for the 'marginal' case where k = k. =1. 

1 37 A new stability factor, s, has been defined 
which is an exact invariant for all its values in 
the four possible matrix environments; it demar¬ 
cates the regions of 'potential instability' and 
'absolute stability' and is directly rel ted to the 
maximum available power gain of the two-port net¬ 
work when this gain is finite. In terms of s, 
MAS is given by 

gmax o S _ P21 (. x 
s > 1 " P12

Before these results can be applied to three 
terminal devices, a knowledge of their equivalent 
circuits is necessary. 

Ill Equivalent Circuit. 

Care must be taken in the choice of a suit¬ 
able circuit for any three terminal device. A 
number of different equivalent circuits may yield 
nearly the same answer for terminal behaviour, but 
only that equivalent circuit where the parameters 
are well defined - least frequency dependent - will 
yield the most compact expression for power gain 
in terms of frequency. An equivalent circuit that 
has the least number of frequency dependent para¬ 
meters is often the one representing the physical 
processes in the device and is usually called the 
'physical equivalent circuit'; it is the circuit 
favoured by the device designer and any frequency 
of merit in terms of the parameters of such a 
circuit may be appreciated by him as well as the 
circuit designer. In the following two sub¬ 
sections the physical equivalent circuit of the 
field effect transistor6 (also of analog transis-
tor^ and negative grid vacuum triode) valid over 
a wide frequency range and some circuit features 
of junction transistors (uniform base, graded base 
and PNIP types) will be presented. 

Negative Grid Vacuum Triode and Field Effect 
Transistor (Class A Devices) 

22 
Llewellyn has derived a simple equivalent 

circuit for a negative grid vacuum triode which is 
claimed accurate in predicting its performance till 
the "signal delay angle" (familiarly known as 
'transit angle') equals half a radian. This is 
illustrated by Fig, 1. In assessing the maximum 
frequency of oscillation of their field effect 
transistor, Dacey and Ross have used the very 
simple equivalent circuit of Fig. 2. For calcula¬ 
tions on the performance of this transistor as a 
tuned amplifier at higher frequencies, a resis¬ 
tance R^3 and a capacitance may be placed-' 

across the output current generator. In their 

models the gate or control electrode is a metal 
slab alloyed to the semiconducting slab with the 
source and drain terminals on either side. There 
will therefore be a capacitance C between gate 

and drain and a capacitance C between gate and 

source; the latter is small compared with J 

which is an intrinsic part of the device. Fig. 3. 
represents the physical equivalent circuit of the 
field effect transistor at higher frequencies. 

Dishal-LO has neglected R^ (negative) as 

small comparecí with the reactance of when 

computing the voltage ains of common grid vacuum 
trioae amplifiers at ultra high frequencies. Thus 
it appears that at higher frequencies, the only 
significant difference between Figs. 1 and 3 lies 
in the expression for Y , the mutual admittance. 

In Fig.1, Y = u /R = G , whereas in Fig. 3. 
& ’ m a p mo’ J

Y = G / (i + jau R ), If in Fig.1. Y were m mo ' v gs gs D m 
modified to G / (1 + jwC ,R , ), it will hardly mo gk gk ’ J

affect the calculated performance of the vacuum 
triode when the 'signal delay angle' is less than 
half a radian. This is because the product 
C R , is of the order1̂  of 10”^ of the 'transit 
gk gk 

time'. So at higher frequencies negative grid 
vacuum triodes and field effect transistors have 
physical equivalent circuits as of Fig. 3. This 
circuit has a physical interpretation. An appl¬ 
ied voltage charges the capacitance C through 

gs 
the resistance R , this process being associated 

with a time constant C R ; a current is genera¬ 
gs gs 

ted at output strictly proportional to the instan 
taneous charge (or voltage) on J and indepen¬ 

dent of frequency for signal delay angles 
less than half a radian. 

Electron devices like vacuum triodes, 
analog transistors and field effect transistors 
which have equivalent circuits like that of Fig. 
3. may be categorised as "Class A" types. In 
each of these device types only one polarity 
(+ or -) of charge carriers plays the significant 
role. 

Junction Transistors (Class B Devices) 

The complete physical equivalent circuit 
of a graded base transistor is complicated due to 
the following major causes. r^ and C^e the dif¬ 

fusion resistance and capacitance respectively 
are frequency dependent at higher frequencies®. 
The 'extrinsic' elements and comp¬ 

licate the situation further. Thus the determin¬ 
ation of the four-pole parometers for a general¬ 
ized junction transistor (with or without an 
electric field in base) is too complicated. 

For such a situation h12 , h21 and h22 in 

the common-base configuration may still be expre¬ 
ssed. But the expression for h^ is sufficiently 

complex that judicious approximations are neces¬ 
sary to obtain the external cut off frequency,f 
analytically. a
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At frequencies less than 2f&, for the 

intrinsic transistor, ma^ be exPresse ^- as

a exp [- j(r - r ) d 
, o_1_a 

a = “h21i = 1 + ja>Ta
(5) 

where aQ is a, at low frequency, the inverse of 

til. and r the inverse of <i> . With extrinsic ele-
1a a 

ments G. , G . and r < , the expression for h„. in 
te’ d o 21 

common base becomes more complex. At higher fre¬ 
quencies, it is given by ' 

a exp[-j( T.-rJo] z 1+jwTjX 
o i a _/ \ i p _ i 

(1 +joTa) 1 +jwTe J W Cl b 

1 + jo C . r 
d b 

(6) 
12 

neglecting Early's feedback factor, p, as small. 
(Refer Appendix 1) 

In (6), a refers to low frequency a, C to O Q Cl 
collector inner junction capacity and r ' to 

extrinsic base resistance . r, to the time con-
’ de 

stant associated with diffusion capacitance and 
resistance at emitter junction and r to the time 

e 
constant at emitter junction taking transition cap¬ 
acitance also into account. 

It is proved in Appendix 1 that the cut off 
frequency for a uniform base transistor - with 

Cte^Cde <<1 “ is given by

Ta ~ 2y* (2 - a^) J 

r2
Cde 

where x = a ’ + 4.88 a y - (2-a 3)yaand y = o C ^.r 
o o o a cl o 

Further, if y $ 0.1, for a uniform base transistor 

Ta ’ ““ i% a + 4.88 %  y - ^-a^y3]* 

C 
T25 « 1 ; y 4 0.1 
° de 

« 
This assumes that the collector body series 
resistance, r , plays a negligible part; as such 
it may not be°applicable for some VHF/UHF 
transistors. However it is valid for the epitaxial 
diffused transistor?} whose f can be in the UHF 

a 
region. 

#Value of r^, depends upon type of measurement. For 

the product Cc^r^, in (6) and (11), reliance is 
made on h^ measurements at higher frequencies. 

For a practical 
y « 1 but Cte/Cde

graded base transistor, 
is not negligible. As 

shown in Appendix 1, its u> is given by 
a 

(9) 

At higher frequencies Early's voltage feed¬ 
back factor is negligible compared with ùi C r^ 

so that 

h12~ ’ ”here y = ^^a 

for both uniform and graded base transistors. 
With practical transistors Jy2 «1 in the 
frequency range f to 2f . Therefore 

|hi2] = “ cd rb' - yy 

yV «1 

(11) 

and increases linearly with frequency over this 
range. Thus the magnitude of Pgj/P^ ab 

is given by 

(12) 

?2j/Pj2 J may taken to start with the 

above value at and decrease at 6 db/octave 

rate over range to 2wq; as shown in 

Appendix 2 the error in use of this proposed 

Cc 
obtained from h^ measurements in common base 

at higher frequencies is composed of the inner 
junction capacitance Cq1 and a terminal stray 

plus outer junction capacity C „. For VHP 
02 

transistors they are comparable. 
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simple law does not exceea 1 db at 2^^, 
Electron devices that nearly obey the above 

simple law in their common control configuration 
may be categorised as "ClassB". Most junction 
transistors including VHf/üHF transistors of the 
diffused mesa^O,21, or epitaxial diffused type 5 
fall in this category. All these devices depend 
for their »otion on two polarities (+ and -) of 
charge carriers. 

Before expressions for the frequency of merit 
of three terminal electron devices can be obtained 
in terms o, their signal delay times, it is neces¬ 
sary to define signal delay time in a general and 
useful way. 

IV. Signal Delay Time 

From sinusoidal response of a given device 
at its terminals in its common-control configura¬ 
tion and h - environment, it is possible to define 
"signal delay time" (usually known as 'transit 
time') in several ways . Of these the one defied 
from low frequency considerations leads to an 
expression well related to the 'physical equiva¬ 
lent circuit' of each given device and is hence 
adopted here. 

Class B devices 

Define 'signal delay time', r of the 

devices as 
de( in) i 

S do I <0^0 (13) 

where its forward transfer hybrid parameter (in 
h - environment) in the common-control configura¬ 
tion is given by 

h2y^2i|w-»o = exp (^) 

In (14), A( w) is the normalised amplitude response 
and -6(w) the phase angle in radians at frequency 
u. For the intrinsic transistor in its common 
base configuration, 

ho<../h_. .1 -, = i /-^(t-t )—"tan cot 
211 21ilu-»0 , , ay?/ 1 a_ 1 a 

V1 +to ———————— 

(15) 

From (15), T ■ r. • For the transistor with 

'extrinsic' elements C C , and r.', (6) and 
te’ d b ’ ' ' 

(1J) yield 

Ts = T1 + Te ' rde = T1 + Cte rd = TI (l6)

The 

Cte 
and 

= l/^ 

Cc1 

signal delay time depends upon time 

and r^ but is independent of = lA>a

rb ’ 

Class A devices . 

For Class A devices, as shown in Appendix 3 

s 

/ 4 \ C C 
/ o \ OS ~ OS 
U +1 ) C C 
\ o / mo mo 

for p »1 (17) 

The extreme simplicity of (17) may be observed. 
'Transit times' calculated for various Grass A 
and Class B devices b,14>l? are from the mean 
velocities of charge carriers in the direction 
of the electric field and are not obtained from 
the time of travel of any individual charge 
carrier. The values thus obtained are coincident 
with Tg as given by (13) . 

V. Frequency of Merit 

It is now possible to evaluate a simple 
and accurate expression for the frequency of 
merit of each existing type of three terminal 
electron device; it will be in terins of para¬ 
meters from its physical equivalent circuit. The 
power gain,maximisation will be carried out in 
such a configuration (common-source etc,) system 
(lossless unilatéralisation etc.) and matrix 
environment (h- etc.) as is most convenient. 

Class A Devices 

The equivalent circuit for these devices is 
shown in Fig. 3. The y^ parameters oi such a 

device at higher frequencies in the three possime 
configurations are 

common source y_ — jvC 
12 cu 

common control y., _ — - (i, -JwC, 
12 ds ds 

and common drain y,, — - Ju J /( 1 + jwo R ) 
J12 os' ' u os os7

(18) 

Of the three configurations and four matr±x 
environments, only the y- environment in the 
common source configuration yielus a lossless 
reverse feedback. As such y-uniiateralisation in 
common source yields a maximum power gain given 
hy 

g = U~G aAu3C aR G (id) 
maxo mo/ os cs ds ' ' 

opt.unilat. 

as shown in Appendix 4. 

A closely accurate frequency of merit, may 
therefore be defined from 

/ p72
“m “ Vgmaxc " “ “ ~74(p +1) r C R 

v o s os os 

where t is given by (17). If >>1 as is 
3 o 

usually the case, the angular frequency of merit 

(21) 
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(20) or (21) closely defines the maximum 
power gain with y-unilateralisation in the com¬ 
mon source configuration or with Mason's lossless 
unilatéralisation in any of the three configura¬ 
tions, at frequencies where the equivalent cir¬ 
cuit of Fig. 3 is valid. According to Fig. 3 
the input port admittance due to 6 > Ro< has a 

real part a2c * R and hence proportio-
os cs 

nal to t^if m'C “ R z « 1, as in practice. But 
CS cs 

at frequencies approaching f , real part 

of input admittance increases beyond that given 
by the above square lav/ due to 'transit time' 
effects. As a result f < f ; it may oe 

max m 
thought that f sets an upper bound for > 

but the real utility of f is in its definition 
m 

of the maximum gain potentiality of the device 
as a tuned amplifier at higher frequencies in 
the common source configuration with y-unilate-
ralisation. 

Class B Devices 

By definition, for a Class B device, 

|P21/ ?12 | 

in its common-control configuration falls nearly 
atódb/octave rate from wa to 2w . For junction 
transistors in the common base configuration one 
or more regions* of potential instability occur 
over the useful frequency range as shown in Figs. 
4 and 5, aiso at least* one frequency of margi¬ 
nal stability (k. = s = 1) occurs near the cut 
off frequency fa. Thus as long as the i'requency 
of marginal stability is on the 6 db/octave 
straight line of fall in measure of non-recipro-
city, 

cl 
(23) 

since m 2 C 2 r2 ' « 1 and a fourth root 
a cl b 

occurs. 

Also over angular frequency range to 2w$ 

_ °o 

/2 Ta Ccl rb' 

; s w2 j 2 = w ~ 
maxs m 

* These results have not been previously 
observed by others. 
error = (calculated result-ex^ctar?sult¿it . 

The maximum available power gain for a 
given invariant stability factor, s, obtained 
through (24) is exact at w and within 1 db at 

. In (24) a is in tetros of and not in 
terms of signal Selay time rg (xtJ. If required 
w may be expressed in terms of t using (24),<7) 
or (9) and (.16). he complete egression is too 
complex and will not be presented; out these 
equations will be presently used in two examples 
to illustrate t is theory. 

If an approximate expression for in 

terms of t (= rT) is required the relation 
s 1 

(25) 

may be used for any practical transistor^ with 
a uniform or a graded base. The error in its 
use for a Milliard Type 0C44 transistor (uniform 
base) is + 16/t while that for a RCA Type W21t-7 
transistor (graded base) is -9%. For details 
on the characteristics of these transistors 
refer to Section VI. 

VI. Verification and 
Illustration of Theory. 

In this Section, it is proposed to verify 
the behaviour of . 

|P2l/ P12| 
from a to 2 m for a typical uniform base trans-
sistor^ and a typical graded base transistor. It 
is also proposed to evaluate gma . Q and 

JP2I / P12¡ 

for these junction transistors in their common 
base configurations over a wide range of freq¬ 
uencies tillo values; the ratio of w to 

max m

w and product w t will be computed not 
max m s 

only for these junction transistors but also 
for a typical field effect transistor and a 
vacuum triode. 

Junction Transistors 

|P21 / P12¡ 

and g values / re calculated for two typical 
6max c 

transistors in their common-base configuration 
over a wide range of frequencies starting írom 
u/u of 0.001 to u/u of nearly 2 for the 

a a

uniform base transistor, Mullard Type 0C44 and 
of nearly 10 for the graded base transis-

" a 
tor iCA Type 2N247. The following are assumed 
parameters for these transistors._ 

ï 4—t-represents <0 of an idealised 
z i r C r ' r max 
< 3 c J reference device with specific 

characteristics. For details refer 1;pp.10.32. 
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Type 0C44*at I = 1 mA, V = - 6V and K =298°; 
e & ? 

a - a = 0.99; Re(h ) = 0.8/iV; p = 1.11x10 o o ¿¿ o 
W-» o 

C “ C = 10.5pF; r. ' = 110 0 and f = 15 Mc/s. 
cl c b a ' 

Type 2N247 at I = 1mA, V = -9V and 
_ e c 

K = 298 . 

» a - a = 59/ 60; Re(h„„) = 0.1pv;p =20xl0-fc : 
O o ¿¿ o 

Cd “*O 

+C , = 1pF; r.,= 200; f = 22.8 Mc/s;f. = IJ.^io/s 
d b’ a 1 

m = 5; Cde = 115 pF and C. = 50pF. 

Calculations of g and 
°max c 

|P21/ P12| 

are based on the original equations of Kroemer^ 
modified to take into account C. , C . and r. '. 

te’ d b 
Figs. 4 and 5 were urawn from a number of spot 
computations, g values were obtained from 

max c 
a well known equation. 

The extrinsic cut off frequency fwas 

obtained from (7) or (9) as appropriate. A spot 
by spot (frequency) evaluation of h^ verified 

the accuracy of these equations. 
point (« A> , a //2v C .r a 

v"a'ao a d b ’ 

Through the 
6 db/ octave 

line is drawn to meet the normalised frequency 
axis at wm/wa. It may be seen that 

|P21 / p12l 

follows this straight line closely over a range 
of at least w i.e. from w to at least 2 a . 

a a a 
Also at least one angular frequency of marginal 
stability is near there being two regions 

of potential instability for the graded base 
transistor. 

The frequencies of merit and of limiting 
power gain (^max) for these two devices are 

tabulated in Table 1; also normalised values 
with respect to signal delay times of 'extrinsic' 
transistors are given. For both these devices 

1 < f / f <2 
m max 

(26) 

By a remarkable coincidence, both these 
transistors have the same value for T . Yet the 
graded base transistor has a higher gain perfor¬ 
mance and hence a higher frequency of merit; this 
is due to its smaller value of C .r ' achieved by 
the grading of impurity concentration in base. 

Average values computed from low frequency meas-
urments. 

Average values kindly provided by Das irom his 
high frequency measurements. Reference 8. 
From manufacturer's data of average parameters. 

Table 1 reveals that for the type 2N247 
transi, tor both f and f are greater than the 

max m 
inverse of r . i.e. for a Class B device f 

s max 
and f may be greater than the inverse of its 
signal uelay time. 

Vacuum Triode and Field Effect Transistor 

For a negative grid vacuum triode the data 
selected refer to a RCA Type R-192 vacuum triode 
as reported by Ferris1*. The following informa¬ 
tion was used. P = 12; G = 0.645 mt 

o ’mo ’ 
R. = 25 kO at 50 Mc/s and mr = 0.659 radians in s 
at 50 Mc/s. From this data and (17) 

Cgk - 2.4 pF (27) 

Since ^^itional information 

in (2^ gives 

CgkRgk °* 52 m"3 (23) 

From these values and (21) it may be verified 
that 

f = 200 kc/s and f r — 0.68 (29) 
m ms 7

The frequency of oscillation for a Gill-
Morrell oscillator *17 may be used to estimate 
f viz f r 0.5 (50) max max s 

From (29) to (50) it follows that 
o 

f -1.5x 10 Mc/s and f_/f « 1.5 (51) 
max 'tí max ' ' 

For a field effect transistor the data of 
Dacey° and Ross relating to their unit No. 52 
and some results from their theory will be used. 
At a drain voltage of 40V and a gate voltage of 
-5V, G = 1.0mV R = 57kQ and u = 57. 

mo po *o 

According to their theory C R — ir (55) oses w s 

and 
Imax 72 n C R 

cs cs 
(34) 

Their square root mobility theory gives 

f - 46 Mc/s ( 55) 
max ' 

From these details, (17) and (21) it may be 
verified that C R —4.9 mus; r~7.5mus 

cs cs s 
and f — 81 Mc/s. (56) 

f value of 81 Mc/s may be compared with their 
experimental f value of 50 Mc/s. Using this 

max 
value of f , Ÿ r - 0.59: f r —0.57 and 

max m s max s 

n/fmax 1 •(37) 

* Unlike a Barkhausen-Kurz oscillator, the Gill-
Morrell oscillator is sensitive to external 
circuit tuning. 

23 



Table 2 summarises these results for both 
the devices. For both 

1 < f/f < ' max 
(38) 

Both f and f values for these "Class 
m max 

A devices" are less than the inverse of the appro¬ 
priate signal delay times. 

VII. Conclusions. 

Misting three terminal electron devices 
are classified under two major headings. Devices 
which have an equivalent circuit similar to that 
derived by Llewellyn for the vacuum triode at 
higher frequencies are categorised under "Class 
A"; those whose 'measure of non-reciprocity', 

|P21 / P1 s| 

in their common-control configuration follow near¬ 
ly a 6 lb / octave law at higher frequencies are 
categorised under "Class B". Vacuum trioes and 
field ei'l'ect transistors are "Class A devices"; 
practical junction transistors (with uniform or 
non uniform oase) are "Class B devices". 

A "Class A device" may be y-unilateralised 
in its c .mmon-source configuration to yield a MAG 
equal to ason' s U factor. Fora wide range of 
higher .frequencies, this gain is shown to be 
inversely proportional to the square of frequency. 
From such an expression a simple and closely 
accurate 'frequenc of merit' has been obtained. 

Any electron device yields a MAG inversely 
proportional to the chosen "invariant stability 
factor"; for a "Class B device" the product of 

such a gain and stability factor in tne common 
control configuration follows closely a b db / 
octave law over the frequency range (.cut off 

frequency) to 2f^ or higher I'requency. Also a 

frequency of 'marginal stability' occurs about f • 

Both ways a simple and closely accurate 'frequency 
of merit' has been obtained. 

Single delay time may be defined in various 
ways. Of these, that defined from low frequencies 
is proved equally adaptable for all existing 
three-terminal devices; the values thus obtained 
coincide with those obtained from t e mean velo¬ 
city of charge carries in transit. 

Results are computed for a vacuum triode, 
a field effect transistor, a uniform base transis¬ 
tor and a graded base transistor. These show that 
both the maximum frequency of oscillation and the 
frequency of merit are less than the inverse of the 
low frequency signal delay time for each of the 
first two electron devices. For the graded base 
transistor these are greater than the inverse of 
its signal delay time. 

Thus for the same signal delay time, the 
power gain performance of a graded base transistor 
may be superior to all otner devices. For future 
'epitaxial diffused' junction transistors f raax 
is estimated to be pushed up to tens of kMc/s, g 
which is much higher than the estimated maximum 
of 4 kMc/s for a vacuum triode. 

These results on the maximum frequency of 
oscillation of three terminal electron devices in 
relation to 'transit time' do not support many of 
the conclusions of Johnson^ and Rose. 

X Appendices 

1. Forward Transfer Hybrid Parameter in C ommon-
Base Configuration of Junction Transistors. 

Taking C. , C . and r, ' into account 
te d b 

unimportant*; hence in evaluating ua from (39) the 
low frequency values of C, and r, may be taken. 

de d 
The factor r. */r in the numerator and the 

b c 

rb‘ • r

Í1 + j“ r j / rr + JW ' a x ee te z c 

1 + + ju C r ' 
r d b 
c 

(39) 

where y is the input admittance of the intrinsic 
transis€Sr in its common base with the output port 
short circuited and r , the collector resistance 

c’ 
of the intrinsic transistor with the input port 
open circuited. 

Till the cut off frequency of h^^, the 

variation of C^e and r^ with frequency is 

denominator of (39) may be omitted as it is 
usually less than 10~5; the low value of r, '/r 

b c 
also makes close to a . Thus practically 

♦ 
the cut-off frequency of r^ is greater than 
w, r i 

f ; —- = —— 24 1.22 for m = 0 and a (2m)z
a* u r, ' ' 

a de 

for m 1 4. Reference 7; pp.541. 
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-h 
21 

1 + juT 

1 + 
(40) 

+ jw C r 
o1 b 

where T ~ C r. I and r ~ (C, + C, )r, I 
de de d Q e de te d u*0 (41 ) 

It is proposed to evaluate from (40) 

separately for uniform and graded base 
transistors. For uniform base transistors 
C. /C, « 1, so that 
te de ’ 

fall for 

|p2l/ P12 | 

over range u$ to 2uq will yield a fractional 

[%  cos. - ra) -^r Co1 + rb ' - sinu - r&)] 

■ 21 - (1 + ju Ta)(1 + ju Cc1 rb ’) 

In (42). r - T ~ 0.22 T , so that 
x 1 a a* 

The }db cut oi’f angular frequency w = 1 /t is 
now obtainable from (42) and is given “ 
in (?) 

For the graded base transistor a C . r, ' «1 
a d b 

so that (40) may be expressed as 

_h <12±Jde X 
21 1 + Ta V + ’s 

h21 Jl_12iZdJ_1_ 

h21 ~ p+J«ra ||1+JWre|~ |1 + JwrJ 

u ■* 0 

where = 1/u^ is given by (9) 

2. ^21^12 I f°r Jun^i011 Transistors in 

Common-Base over Frequency Range f* to 2f$. 

For a uniform base transistor, the law' 

% exp [-j (r, -

* “ 1 + Ja ra

holds fairly accurately till = 5. For such 

transistors C. / C, <<1 and y = u C .r ' is 
te de i ado 

not negligible (of order of 10 ); but y2 is 
negligible. Therefore at higher frequencies 

h „ — wC , r ’ and increases at 6 db/octave rate. 
12 I d b 

If y is negligible, fractional response of 
a (or a) at 2a (— 2w ) will be 1//5 according 

a a 
to (46); but the proposed 6 db/octave rate of 

response for a at 2wq of I//8. Thus the true 
response of 

|P21 Z P12 | 

at 2^^ will be /s/ 5 of the proposed response or 

1 db higher. 

Since y is not negligible, w <a and the 
response of a 

or J P21 /P12I 

at higher angular frequencies (near 2 u‘ ) falls 
more rapidly tnan at lower angular frequencies 
(near u^). By definition response of 

P21 Z P12¡ 

at will fit; therefore actual response at 

2^a is less than 1 db above proposed response. 

For a graded base transistor, increasing 
m, t e field factor makes the response of, a, 
at 2w lower and lower®; for m = 5. the res-

ponse is 0.8 db below that indicated by (46) 
waereas for m = 8 it is 2.1 db. lower. For 
these transistors y is negligible (of the order 
of 10“^) but Cbe/ C^e is not negligible. If 

C, / C, <<1, the proposed response of 
te de 

|p21 Z P12¡ 

at 2^ is 0.6 db below actual response for 

m = 5 and — 0.1 ab above actual response for 
m = 8. 

If C. / C , »1 the law 
te de 

exp [ -j(r - r )w ] 
a = a -I-r (47) 

1 + 

34 / X is applicable even at 2^a. In (47) is the 
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low frequency signal delay time. For this case 
t .e proposed law gives a response at 2^a approx¬ 

imately 1 db below actual response. 

Usually C^^/C^ is neither very small nor 

very great compared with unity. In sue i a situa¬ 
tion, the response at frequencies near 2fa is 

affected more than that at f in relation to the 
proposed law of response. 

Q 
This is primarily due to tne decrease of C^e 

at higher frequencies unlike C^.e which is more 

constant. For the usual value of 5 for m, the 
error in 

J P21^P12^ 

at 2u is therefore less trian 0.6 db. 
a 
To conclude, under practical conditions, the 

true response of 

I P2/P12 J 

over range u to 2a follows closely a 6 do/ 
a a 

octave law; the departure from this law is 
small and does not exceed 1 db at 2a . a 

3. Signal Delay Time for a Class A Device 

Fig 

y11 

Admittance parameters for the circuit of 
are given by 

Cde + ; 
+ jaC R 
u cs cs 

(4B) 

yÏ2 = " ^cd 

and 

y22 = &ds + (Cds + Ccd}

(49) 

(50) 

(51) 

Therefore 

2 y ' = yil + yi2 + y21 + y22 
G + jw C 

r mo 03
as + ds + 1 + jw C R cs cs 

(52) 

h21 
in the common-control configuration 

(i.e. without prime, prime denoting common-source 
configuration) is given byh ¿1 = “ + y¿¿^ /2y ' 

G +G, -waC. C R +jm(C R G. +C. ) 
mo ds ds cs cs _ cs cs ds ds _ z „x 
G +G. -mäCJ C R +jw(C R G +C +cT7 
mo ds ds cs cs cs cs ds os ds 

From (15) and (53), signal delay time 

s 

C 
cs 

G + G. 
mo ds 

(54) 

and is re-expressed in terms of in (17). 

4. Optimum y unilateralised MAG in Common-
Source Configuration for a Class A Device 

From (48) to (51) 

Re (y^) 
)aCa R CS cs 

(55) 

Re (y22} = &ds (%)

and ly*21 

G 3 
mo 

1 + waC 3 R 3CS cs 

(57) 

Thus from (3), (55) to (57) 

°max c 
opt.unilat 

G 3 
mo 

4 w3C 3 
os 

R G, 
cs as 

(58) 

and is inversely proportional to the square of 
frequency. 
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Table 1 , 

Signal delay time and gain performance of a uniform base 
and a graded base .junction transistors . 

Device 
(transistor) 

mg s r 
s 

T 
a 

M c/s cycles 

T1 
T 
3 

T 
a 

T 
a f 

max 
f 
m 

f r 
max s 

f r 
m s 

0C44 

2N247 

12.9 

11.6 

12.9 

12.9 

10.6 

6.99 

12.9 

7.68 

1.09 

1.68 

22.9 

176 

34.5 

340 

0.30 

2.3 

0.45 

4.4 

Signal delay time and gain performance of a vacuum triode 
and a field effect transistor. 

Table 2. 

Device 
m^ s C R 

C3 OS 
Mo/s f cycles 

T 
3 

C R 
CS C3 

T 
3 

f 
max 

f 
m 

f 
max 

f T 
max s 

f T 
m s 

R-192* 

32+ 

3.4 

7.3 

0.52 

4.9 

0.15 

0.67 

150 

50 

200 

81 

1.3 

1.6 

ä 0.5 

0.37 

0.68 

0.59 

vacuum triode of Ferris. Reference 14 

+field effect transistor of Daoey and Ross. Reference 6. 
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i Rgp I Rgk 

Rpk - Rp 

Fig. 1. Equivalent circuit for negative grid vacuum 

triode as obtained by Llewellyn forcoTs — 2-

Fig. 4. p„, /p. J and g for a typical uniform 121 121 max c 
base transistor (Mullard type OC 44) in common 
base configuration. 

Fig. 2. Equivalent circuit of Dacey and Ross for 
their field effect transistor. 

C » 

Vcs 

s o-

-od 

ds 

m ^mo 

1 + j° C csRcs 

< ^cs\n^:s 
or I Fig. 5. p /p and g for a typical graded 

1 zi i^i max c 
base transistor (RCA type 2N 247) in common 
base configuration. 

Fig. 3. Common equivalent circuit of Class A 
devices at higher frequencies. 
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NEW MICROWAVE TECHNIQUES IN THE MEASUREMENT OF SEMICONDUCTOR PHENOMENA 

H. Jacobs, F. A. Brand, J. D. Meindl, S. Weitz 
U. S. Anny Signal Research and Development Laboratory 

Fort Monmouth, New Jersey 

and 

R. Benjamin 
Monmouth College 

West Long Branch, New Jersey 

Summary. An important aspect in the design 
and construction of semiconductor devices is the 
measurement and control of physical and electri¬ 
cal properties of materials. Recently, new 
techniques have been developed using microwave 
transmission and reflection to determine the 
physical constants of crystals such as the bulk 
lifetime, surface recombination velocity, 
resistivity and dielectric constant. The new 
methods appear considerably simpler than some of 
the more conventional techniques. Sample pre¬ 
paration is minimized with respect to surface 
conditions and electrodeless measurements are 
possible. Measurement of crystal characteristics 
as a function of temperature is also facilitated. 
One of the most recent developments involving 
the profiling of ingot resistivity and lifetime 
by a microwave reflection method promises to be 
as accurate and less complicated than the more 
conventional de conductivity techniques. 

Introduction 

In the study of the interaction of microwaves 
with bulk semiconductors, a means exists of 
studying the electrical properties of materials. 
Several recent reports have indicated that as 
microwave energy is transmitted through a semi¬ 
conductor medium, the presence of excess free 
carriers can be detected by measurements of 
transmission, reflection or absorption of the 
electromagnetic power. Gibson,1 Benedict^ and 
Shockley, Harrick3 and Ramsa^ have used the 
techniques of microwave and infrared transmission 
to measure such properties as dielectric constant, 
mobility, conductivity and lifetime. In additicn, 
others5 have suggested possible device applica¬ 
tions inherent in the interaction of microwaves 
and bulk semiconductors. In what follows, a 
description will first be given of more recent 
experiments in the study of physical properties 
of semiconductors and second, it will be shown 
that the same techniques can be applied in the 
development of new devices. 

Consider reflections in air due to the 
presence of a semiconductor medium infinite in 
the X, z plane and finite in the -y direction. 
The reflections here are analogous to the re¬ 
flections from a waveguide filled with a semi¬ 
conductor in the -y region and air in the +y 
region as shown in Fig. 1, or with a transmission 
line which has a propagation constant, Vq1, and 
impedance, Zqj_, in the +y region and Tq2 and 
Zq2 in the -y region. Now if an incident wave is 

partially reflected, the magnitude and phase of 
the reflected wave will depend upon the conductiv¬ 
ity of the material amongst other factors. We 
note that if the conductivity is changed by the 
creation of excess minority carriers due to light 
or direct current injection, the amount of re¬ 
flection will change. 

Next consider the three medium problem 
(Fig. 2) where a wave approaches from the right 
through air and is normally incident upon an in¬ 
finite sheet of semiconductor of thickness I2. 
The analogue for a waveguide with a germanium 
plug inserted in a section is a transmission line 
made up of three characteristic sections. In the 
case describing three media we can see that as 
the conductivity of medium 2 is changed, that is 
if the conductivity of the semiconductor is varied, 
the transmission coefficient, reflection coeffi¬ 
cient and absorption will change. If high re¬ 
sistivity semiconductors are used, the changes 
will be large in both amplitude and phase. 

Resistivity and Dielectric Constant by Reflection 

To measure resistivity and/or dielectric 
constant, one of the simplest approaches is the 
reflection system in Fig. 1. We shall offer some 
quantitative estimates for a typical case at 
10,000 Mc/second. Let us assume an infinite rod 
of semiconductor material surrounded by the wave¬ 
guide structure with its own waveguide impedance 
and propagation constant, Zq2 and 7^02 respec¬ 
tively. The basic equation for the reflection 
coefficient in a waveguide is given by, 

_ Z02 ~ ^01 
R Z02 + Z01 ' (1) 

To obtain Zqj 

P01 =

we use the following relations, 

and 

Zqi = 
P01 

and where 
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u>= 27F X lO^ cycles/second, 

X- = U.56 X 10“2 meters, the cutoff wavelength at 
X-band, 

X = 3t° X 108 = 3.0 X 10*2 meters, 

1 1010

the wave¬ 

length in free space, 

kTT X 10'7 henry per meter. 

(5) 

where 

OJ = 27T X lO^® cycles/second, 

A = ^.56 X 10”2 meters, 
0 _2

A = 3*0 X i10 meters, the wavelength in loss-
J ^r 

less germanium, 

JJL = 4TT X 10’7 henry per meter, 

£ = £ € farad/meter. 
O K 

In addition, the conductivity, 0~ , will be varied 
throughout the useful range of semiconductors. 

In Fig. 3 we see the effects of varying the 
dielectric constant , and at the same 
time changing the conductivity of the semicon¬ 
ductor. In the region of higher conductivity, 
that is above 10 (ohm meter)"!, the reflection 
coefficient magnitude is independent of the di¬ 
electric constant and hence does not depend upon 
the material. In the region below approximately 
10 (ohm meter)“}-, the reflection coefficient mag¬ 
nitude is more dependent upon the dielectric con¬ 
stant. This indicates that if one would like to 
measure the dielectric constant for a relatively 
pure high resistivity material, the determination 
of the reflection coefficient would provide a 
rather accurate means. In Fig. 4 the magnitudeaf 
the reflection coefficient is given as a function 
of various dielectric constants with values rang¬ 
ing from 1 to 20. What is proposed then is as 
follows: the conductivity and/or dielectric con¬ 
stant can be determined at a frequency of lO^ cy¬ 
cles per second by inserting the semiconductor rod 
eÇfícSenÇ^g11^ 6 measuring the reflection co-

A further approximation can be made in 
placing a large block, or ingot of semiconductor, 
over the open end of the air filled section of 
waveguide. Since the dielectric constant of ger¬ 
manium and silicon is so high, the calculations 
using a material filled waveguide gives very 

nearly the same results as the case of reflections 
from the large crystal not enclosed by waveguide 
walls. 

Experiments have been conducted to test the 
validity of the calculations. Here, using the 
technique of placing a large ingot adjacent to 
the opening of the air filled waveguide, reflec¬ 
tion measurements were made to determine the re¬ 
sistivity of crystals measured with four point 
probe techniques. The agreement between the two 
methods is good, as shown in Tables I and II. 
Furthermore, in the resistivity measurements by 
microwave reflection, the values are not criti¬ 
cally dependent upon surface preparation. In 
these cases, was taken at 16 for germanium 
and 12 for silicon. However, in the range 
studied, the reflection is dominated by conducti¬ 
vity and the dielectric constant plays a minor 
role. 

It was found that these techniques could be 
applied to lifetime measurements. In this case 
the surfaces were polished, etched, washed and 
dried. A pulsed light irradiated the crystal, 
either at the point of reflection or nearby. By 
measuring the decay in reflection changes, a 
measure of lifetime could be obtained. Experi¬ 
ments have been tried correlating the microwave 
reflection technique with more conventional de 
conductivity methods and have shown good agree¬ 
ment (see Table-III). 

This technique can be applied to frequencies 
or temperatures where inertial effects come into 
play. The equations which give the effective 
conductivity, <r ', and permittivity, €', are 
given in Eqs. 6 and 7. Here, using the Drude-
Zener theory of complex conductivity, 

(6) 

e' = e (1 - % —(7) 
X 1 + ui % J 

It turns out that one can substitute €' and a-' 
directly into the nomograph shown in Figs. 3 and 
U, or stated conversely, if one measures the re¬ 
flection coefficient and cr1 in the region of in¬ 
ertial effects one can determine €. ' • 

Resistivity and Transmission 

Resistivity can also be measured by trans¬ 
mission. Consider a transmission system consist¬ 
ing of a waveguide, in which electromagnetic 
energy is being propagated in the TEqi mode. 
Assume that a slab of semiconductor is inserted 
in the waveguide as shown in Fig. 2, where the 
large surface of the semiconductor slab is 
oriented perpendicularly to the direction of 
propagation. The following theory will apply to 
the measurement of Eo/Ein, or the ratio of trans¬ 
mitted electric field to the incident electric 
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field. This ratio is given by 

E 
-2_ = r+ (cosh 
Ein * 

■» 1 - ^02 sinh T 1 ), (8) 
02 2 ZoH 02 2 

where 

2Z . 
• = 
1 Zab + Z01 

(9) 

and 

„ 7 / ^3 + tanh ^0212>' 
¿nh = ADP! -~-

\Z02 + Z03

where 

ZQ1 is the impedance of the line (waveguide) 
in air and is equal to Zq^, 

Zq2 is the impedance of the waveguide filled 
with germanium and is a function of conductivity 
and wavelength, 

Z^ is the impedance of the germanium at the 
front surface, 

Tq1 is the propagation constant in air in 
the waveguide, 

Tq2 is the propagation constant in germanium 
in the waveguide, 

lg is the thickness of the slab of semi¬ 
conductor. 

Typical computations of Eq 
Ein 

at 10,000 mega¬ 

cycles are shown in Fig. 5» The use of this type 
of curve, together with measurements of thickness 
and frequency, allow the determination of con¬ 
ductivity. By varying the temperature of the 
sample in the waveguide by means of an oven heat¬ 
ing a section of the guide, conductivity has been 
measured as a function of temperature. Results 
are shown in Table IV indicating the applicability 
of the new techniques. 

At very reduced temperatures (T' and €' in 
(6) and (7) can be substituted directly, (8), (9) 
and (10) to take into account inertial effects 
of free carriers. 

Lifetime and Surface Recombination Velocity 

The principle of the measurement can be ex¬ 
plained with the aid of Figs. 6 and 7- Here a 
germanium or silicon sample is cut so that it is 
rectangular in shape and can be fitted into an 
X-band waveguide. It is then placed in the ther¬ 
mal control unit and the microwave power is trans¬ 
mitted through the semiconductor block at normal 
incidence to the largest face. With reference to 
Fig. 6, as a light pulse is flashed on the side 
edge of the semiconductor, excess carriers are 
created resulting in an absorption of microwave 
power. At the cessation of light, the carriers 
recombine and the power transmitted is increased. 
The time constant of the increase in power, as 

viewed on an oscilloscope, is assumed to be the 
lifetime of excess minority carriers. The thermal 
control unit as shown in Fig. 7 was made up of the 
following elements. A and D represent a large 
brass block, C is a sliding holder for the semi¬ 
conductor sample B, and E represents a quartz rod 
through which the light pulse can pass and irradi¬ 
ate the end of the semiconductor block. It can be 
noted that for a large block the light does not 
strike the large planar surfaces and hence after 
the carriers diffuse into the sample, the micro¬ 
wave energy is absorbed largely by carriers in the 
bulk material. The temperature was controlled by 
a container filled with fluid (not shown) soldered 
to the brass block A. In addition, a thermocouple 
was inserted by means of a small hole and screw in 
the brass block D just under the sliding holder. 
The microwave system was closed by teflon windows 
inserted in the waveguide and flushing gases or a 
vacuum could be utilized. 

At the outset of the experiments it was deter¬ 
mined that for high resistivity germanium, the 
conventional de conductivity value of lifetime and 
the microwave transmission technique of measuring 
lifetime gave substantially the same result (see 
Table III). Correlation was established on the 
same materials in both methods of testing, in air 
at room temperature. Following this, tests were 
run in the microwave system with various samples 
of germanium and silicon in an ambient of dry 
oxygen and vacuum at various temperatures. In 
general, thin samples were prepared for surface 
recombination studies, and from the same crystal 
thicker samples were prepared in order to deter¬ 
mine the bull: lifetime. In following this proce¬ 
dure, two objectives were to be accomplished. 
First, a check could be made of the work of pre¬ 
vious research in the field and second, new physi¬ 
cal effects would be examined. 

A wide variety of sanpies was examined and in 
general, all results were surprisingly consistent 
with the Shockley-Read theory of bulk lifetime and 
the Stevenson and Keyes modification for surface 
recombination. A typical run for the variation of 
the product of surface recombination velocity and 
temperature as a function of the reciprocal of 
temperature is shown in Fig. 8. Here the ambient 
in oxygen and the microwave technique is used. 
Similarly in Fig. 9 we see typical results in ger¬ 
manium. Now the Shockley-Read theory predicts 
that the lifetime for bulk semiconductors is given 
by. 

^ = ^2-
(no + nl) + % (Po + Pl) 
_ no 

no +
(11) 

where T is the measured lifetime, 'YpO is the life¬ 
time of holes injected into highly n-type material, 
T'no is the lifetime of electrons injected into 
highly p-type material, and np, po, n^ and pp are 
the equilibrium density of free electrons, free 
holes, the density of free electrons if the Fermi 
level were at the same energy level as the trapping 
centers, and the density of holes if the Fermi 
level were at the same level as the trapping 
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centers respectively. The application of this 
theory to experimental results gives use to the 
data in Table V where energy levels are deter¬ 
mined as a result of temperature tests. The 
energy levels are interpreted as follows. 
For p-type silicon, = E^ - Ey = .065 ev is the 
difference in the level of the recombination 
centers and the valence band. For thin silicon 
slices et = .1$ ev - Et - Ey at the surface of 
the particular silicon sample in oxygen. For 
thick type germanium, e-t = Ec - E^ = .20 ev, the 
difference in energy of the conduction band and 
the trapping centers and for thin germanium in 
oxygen and vacuum, et = Ec - E^ = .25 ev and 
.12 ev represent the differences in energy levels 
at the surfaces respectively. We conclude here 
that the microwave techniques represent a simple, 
electrodeless technique for measuring recombina¬ 
tion processes. 

Other phenomena such as injection and ex¬ 
traction can also be studied using similar techni¬ 
ques. This has been accomplished by forming the 
contacts on the side of the semiconductor slug 
and biasing in the forward or reverse direction. 
Changes in conductivity can be readily observed 
by the detector in the microwave transmission 
system. 

Devices 

In arrangements similar to that shown in 
Fig. 10, modulators of microwave carrier frequen¬ 
cies have been developed by biasing the semi¬ 
conductor so that a diode injects excess minority 
carriers. The transmission or reflection can be 
varied to give either amplitude or phase modula¬ 
tion or both, depending on the geometry of the 
semiconductor block. The limit of frequency is 
determined by the magnitude of u>7. Preliminary 
calculations indicate that these devices should 
operate up to frequencies of 10^2 to 10^3 cycles 
per second. 

Conclusion 

A general theory of microwave transmission 
and reflection in semiconductors has been given. 
Based on this, new techniques for measurement of 
physical properties of materials has been des¬ 
cribed i.e., resistivity, dielectric constant, 

lifetime, surface recombination velocity and in¬ 
jection efficiency. In addition, device possi¬ 
bilities from the microwave region to the far 
infrared regions of the frequency spectrum are 
suggested. 
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TABLE I 

COMPARISON OF FOUR POINT PROBE AND MICROWAVE REFLECTION 
TECHNIQUES FOR MEASUREMENT OF RESISTIVITY 

Sample Description Remarks 

in -6L cm 
(4-Point Probe 
Resistivity) 

y^in -61 cm 
(Reflection 
Resistivity) 

Sample No. 1 
Germanium Ingot 

Unpolished, dry surface 20 18.3 

Sample Ho. 2 
Germanium Ingot 

600 mesh polish, dry 
surface 

1.18 - 1.28 1.20 

Sample No. 3 
Ge Ingot - 2 GET 

Rough polish, dry 
surface 

10 - 15.9 13.0 

Sample No. 3 
Ge Ingot - 2 GET 

Same - opposite end 11.3 - 13-6 14.8 

Sample No. 4 
Ge Ingot - 2 GE 399 

Rough polish, dry 
surface 

10.7 - 16.9 12.7 

Sample No. 5 
Ge Ingot - 86 AD 

Rough polish, dry 
surface 

3-9 - ^-7 4.0 

Sample No. 6 
Ge Ingot - A 53 EA 

Rough polish, dry 
surface 

8.71 - 1M 11.3 

Sample No. 7 
Si Ingot - center slice 

Opening not completely 
covered, dry surface 

K 1.0 1.0 
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TABLE II 

SURFACE PREPARATIOL AND RESISTIVITY lEASUREI'ENT 
BY REFLECTION TECHNIQUE 

Sample Description Remarks Resistivity (Hen, 

Sample No. 2 - Ge Ingot 
.1 x .9 x 1.1 in 
1 point probe, 

1.16 - 1.26 

Polished with Ó00 mesh, 
standing in air 9 months 

1.2 

Sample No. 2 - Ge Ingot 
.U X .9 X 1.1 in 
4 point probe, 
Z$= 1.18 - 1.26 

Wet with tap water 1.2 

Sample No. 2 - Ge Ingot 
.b X .9 X 1.1 in 
U point probe, 

= 1.18 - 1.26 

300 mesh polish, water 
rinse, left wet 

1.16 

Sample No. 2 - Ge Ingot 
• lx .9 X 1.1 in 
1 point probe, 
Z>= 1.16 - 1.28 

300 mesh polish, water 
rinse, standing: 1 week 
in air 

1.5 

Sample No. 2 - Ge Ingot 
.4 X .9 X 1.1 in 
4 point probe, 
Z3 = 1.18 - 1.26 

600 mesh polish, water 
rinse, heat lamp dry 

1.15 

Sample No. 2 - Ge Ingot 
• lx .9 X 1.1 in 
1* point probe, 

1.16 - 1.28 

6OO mesh polisu, water 
rinse, heat lamp dry 

1.5 

Sample No. 2 - Ge Ingot 
.1 X .$ X 1.1 in 
1 point probe, 

= 1.18 - 1.26 

Cyl A etch, water wash, 
heat dry 

1.5 

Sample No. 2 - Ge Ingot 
.4 X .9 X 1.1 in 
1 point probe, 

= 1.16 - 1.26 

houghed with #32 emory 
paper, water wash and 
heat dry 

1.6 
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TABLE III 

COMPARISON OF LIFETIME DATA BY METHODS OF DC PHOTOCONDUCTIVITY, MICROWAVE 
HUUISMISSION VARIATIONS ABD MICROWAVE REFLECTIONS 

Sample No. 
and Type 

Lifetime by 
Microwave 
Transmission 
in Microseconds 

Lifetime by 
de Photo¬ 
conductivity 
in Same Holder 
in Microseconds. 
Bias Current at 
5 ma 

Lifetime by 
Reflection 
of Microwaves 
in Micro¬ 
seconds 

Lifetime by de 
Plioto conductivity 
in Same Holder 
in Microseconds. 
Bias Current at 
2.5 ma 

No. 3 - Ge* 
.257x1.035x2.17 cm 
47 ohm cm, n-type 

680 800 700 7OO 

No. 4 - Ge* 
•362xl.O35x2.15 cm 
47 ohm cm, n-type 

1200 1300 1200 1250 

Ito. 5 - Ge* 
.550x1.210x2.15 cm 
47 ohm cm, n-type 

I25O 1250 
750 
to 

900 
1225 

No. 6 - Ge** 
•550x.963x2.o3 cm 
47 ohm cm, n-type 

45O 450 475 
450 
to 

475 

Ito. 8 - Ge*/*** 
•437x.960x2.15 cm 
20 ohm cm, n-type 

8OO at 5 » 
1000 at 3 M 
1225 with no 
current 

9OO at 5 ma 
1100 at 3 ma 

II50 1100 

No. 10 - Ge** 
.241x.750x2.10 cm 
3 ohm cm, p-type 

90 90 100 110 

No. 13 - Si** 
About 
.4x1.000x2.00 cm 
3000 ohm cm 
-6OOO ohm cm, p-type 

275 

300, with very 
bright intens¬ 
ity light 
superimposed 
on light 
pulse - 600 

With very high 
intensity light -
6OO 

♦Samples exposed to air for one (1) week prior to measurement. 
♦♦Surfaces slightly abraded during etching, washing and plating of contacts. Samples 

tested immediately after washing and drying. 
***Sample No. 3 was the only germanium unit which showed variations in lifetime with de 

current during test. 

36 



TABLE TV 

ENERGY BAND GAP AI® RESISTIVITY 

Trial Run 

Experimental 
Band Gap Near 
3OO°K in ev 

Experimental 
Resistivity 
in olim cm at 
300*K 

Band Gap Near 
3OO°K as Shown 
in Literature 

Resistivity 
in ohm cm at 
300°K as 
Shown in 
Literature 

1 • 70 46.1 • 72 47.O 

2 • 75 U5.3 • 72 47.0 

3 • 75 52.5 • 72 47.0 

4 • 75 46.4 • 72 47.O 

5 • 7^ 48.4 • 72 47.0 

TABLE V 

BULK LIFETIME AI® SURFACE RECOMBINATION 

Description Ambient in ev Magnitude 
Test Run 
Humber 

Silicon (thick) .447 cm Oxygen .065 TT = 620 ^isec at 300 *K S-23 

Silicon (thin) .077 cm Oxygen .142 ST = 3.6 X 105 at 

1 = 3 X 103 . 
s-9 

Silicon (thin) .059 cm Oxygen • 153 ST = 4.1 X 10^ at 

if = 3 X io3 

0-14 

n-type, 20 ohm cm 
Germanium (thick) .435 cm 

Oxygen .203 "CQ = I350 ^isec at 300’K 0-21 

n-type, 20 ohm cm 
Germanium (thick) .455 cm 

Vacuum .192 = 1280 ^isec at 300°K A-5 

n-type, 20 ohm cm 
Germanium (thin) .0203 cm 

Oxygen .265 ST = 6.5 X kA at 
T = 300*K 

A-26 

n-type, 20 ohm cm 
Germanium (thin) .035^ cm 

Oxygen .244 ST = 4.95 X kA at 
T = 300°K 

A-23 

n-type, 20 ohm cm 
Germanium (thin) .064 cm 

Vacuum .121 ST = 3.3 X kA at 
T = 300°K 

T-12 
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Fig. 1. Transmission line analogue for reflection. 

TRANSMISSION LINE ANALOGUE 

Fig. 2. Transmission line analogue for transmission 
in air, semiconductor and air. 
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I 0000 

<r .1000 3162 1000 3.162 10.00 3162 100 0 316 2 1000 3162 10,000 
1778 5623 1 778 5.623 1778 56.23 177 8 562.3 1778 5623 

a (OHM METER)’,1 CONDUCTIVITY --

MAGNITUDE OF REFLECTION COEFFICIENT, f « IO 10 

CYCLES/SECOND, ALL IN WAVEGUIDE AIR TO 
SEMICONDUCTOR, AS A FUNCTION OF CONDUCTIVITY 
AND DIELECTRIC CONSTANT 

Fig. 3. 
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<r(OHM METER);1 CONDUCTIVITY —-

MAGNITUDE OF REFLECTION COEFFICIENT FROM AIR TO 
DIELECTRIC IN WAVEGUIDE AT f = IO 10 CYCLES/SECOND 
AS A FUNCTION OF DIELECTRIC CONSTANT AND CONDUC¬ 
TIVITY 

Fig. 4. 
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PULSE 

THERMAL CONTROL UNIT 

Fig. 5. Magnitude of transmission coefficient for 
germanium block in X-band waveguide at f = 101 

cycles per second. Dielectric constant is assumed 
to be 16. 

Fig. 7. Thermal control unit and holder for 
germanium sample. 

HP4I5B HP430C 

Fig. 6. Experimental arrangement for measurement 
of transmission coefficient. 

Fig. 8. Product of surface recombination velocity 
and temperature as a function of the reciprocal of 
temperature for a thin sample of silicon (re¬ 
sistivity in the range of 3000 to 6000 ohm cm). 
The ambient is oxygen. 
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Fig. 9. Lifetime as a function of the reciprocal of 
temperature for a thick block of 20 ohm cm n-type 
germanium in vacuum. 

TOP VIEW FRONT VIEW 

Fig. 10. Design of modulator structures to give 
amplitude and/or phase modulation of microwaves 
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A HIGH-SPEED, MEDIUM-POWER, ALL-DIFFUSED 
GERMANIUM NPN MESA TRANSISTOR 

R. M. Folsom, W. A. Pieczonka, 
P. P. Castrucci, and M. M. Roy 

Components Division 
International Business Machines Corporation 

Poughkeepsie, New York 

Summary 

To improve ferrite-core and thin-film memories, 
transistors that can switch substantial currents 
through useful voltage swings in very short periods 
of time are needed. This paper describes the de¬ 
sign and fabrication of one such device, a high¬ 
speed, medium-power, all-diffused germanium 
NPN mesa transistor. The electrical parameters 
that have a bearing on the transient switching time 
of the transistor, such as base input resistance, 
junction capacitances, and gain-bandwidth product, 
are discussed. 

The fabrication process relies on the use of 
SiO or SiO^ films as a diffusion mask for N-type 
impurities. The relative merits of evaporated SiO 
films and thermally deposited SiO¿ films for device 
fabrication are discussed and the resulting device 
performance is described. 

Of the electrical performance characteristics, 
the most important is the switching transient time. 
The transistors switch one ampere-of current 
through a 20-ohm resistive load in less than 10 
nanoseconds, with a V„_ of less than three volts CE 
at the end of 25 nanoseconds. Other essential 
characteristics of this device are: collector break¬ 
down voltage, 50 volts; emitter breakdown voltage, 
five volts; f^,, ^150 megacycles; common emitter 
current gain at one tempere of Ic, > 100; and 
thermal resistance, S 10° C/watt. 

I. Introduction 

This paper describes the development of a 
germanium transistor for use in nonsaturating 
solid-state memory circuits to supply the power 
needed to switch memory storage elements such 
as ferrite cores and thin films. In such a device, 
a compromise between power-handling ability and 
switching speed must be made. At one extreme 
the voltage swing and the current switched must 
be great enough to handle a practical number of 
memory elements, while at the other extreme 
greater and greater demands on switching speed 
are being made. To compound the difficulties, the 
saturation voltage drop must be sufficiently low to 

prevent destruction of the transistor due to exces¬ 
sive power dissipation while in the "on" state. The 
transistor developed to do this is an NPN double¬ 
diffused device, where the two diffusions produce 
the base and emitter regions respectively. First 
some design considerations will be discussed, fol¬ 
lowed by a description of the fabrication process, 
the results of the work, and some conclusions. 

II. Design Considerations 

As mentioned previously, the design of a medi¬ 
um-power switching transistor is usually a com¬ 
promise between power-handling capacity and 
switching speed. These two factors are not inde¬ 
pendent, and specifying one generally sets a theo¬ 
retical limit on the other. 

In the present case, the power-handling capacity 
was specified by circuit applications; that is, the 
device must switch one ampere through a 20-volt 
swing. For an NPN germanium device to do this, 
BVCBO should be at least 2 Vz to 3 times this val¬ 
ue, or about 60 volts, to provide a margin of safety 
with respect to BVqeO» which should be equal to or 
greater than Vqq. The design problem, then, was 
to meet this breakdown voltage and the one-ampere 
current specifications while minimizing rise and 
fall times and Vqe- With these criteria in mind, 
the physical parameters for this device may be 
chosen in the following way. 

First, consider the parameters that control the 
rise and fall times of a switching device and the 
limits imposed on these parameters by switching 
current, switching voltage, and Vrequirements. 
The turn-on time (ton) of a switching device can be 
approximated with reasonable accuracy by the 
equation: 

t = _2_ + Q3 ... 

°" lb " lb b b 

In other words, there exists a charge Q made up 
of three components that must be supplied by the 
base current during the rise time. Qj is the 
charge that must be replaced in the emitter deple¬ 
tion region and is given by: 
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?BE 

Ql = J CedVbe 
0 

thus can be neglected. Thus for all practical 
(2) purposes the only parameters that affect the turn¬ 

on transient or rise time are collector area and 
base width. 

(3) 
cb 

(4) 

(7) 

where as follows, 

(5) 

where é is 
are the emitter and collector junction areas 

respectively, and d 

W 113 ) 

where 

-4 

Upon weighing the previous considerations, the 
following physical parameters were chosen: 

Assuming linearly graded junctions as a result 
of the double-diffusion process, and substituting 

A C 

for C e 

Ac 

This expression is only approximate because of the 
effect of two other factors, which are difficult to 
assess. One is that the current density across 
the collector junction cannot be considered to be 

From Equation (6) we can see that the device pa¬ 
rameters (in a first-order approximation at least) 
that have a bering on the turn-on time of the tran¬ 
sistor, and the ones that can be varied readily, 
are the junction areas and the base width. How¬ 
ever, the first term in Equation (6) represents 
stored charge in the emitter transition capacity 
and results in a turn-on delay, which in the 
present device has proved to be very small and 

Wc

Ac 
Ic 
s 

C e 

Q 3 

where is the base width and D the minority 
carrier diffusion constant. 

collector junction depletion widths respectively. 
Poisson's equation, X7 2^ = , can be solved for 
the junctions and in this particular case results in 
a final engineering equation: 

Q3 is the charge necessary to neutralize the in¬ 
jected minority carriers in the base region, and 
is given by: 

ÎE = 
A C 
A e = 
A c = 
W b = 
D = 

Obviously, then, the collector area and base 
width should be made as small as possible. As 
mentioned previously, however, other require¬ 
ments impose limits on these two parameters; 
they are switching voltage and current, and 
Thus the collector junction depletion width in tiie 
base, which is dependent upon operating voltage, 
fixes the minimum base width. The necessary 
collector junction area is dictated by the maximum 
current density at which the device will perform 
satisfactorily, and by the allowable extrinsic 
collector series resistance that will determine 
the value of at a particular collector current. 
The relationship between V and other device 

parameters is given by the expression: 

Emitter junction impurity gradient in cm 
Collector junction impurity gradient in cm 
Base width in mils 
Minority carrier diffusion constant in 
cm^/sec 

the permitivity of germanium, Ag and 

„ and d are the emitter and e c 

Again referring to Equation (7), the resistivity 
of the collector bulk also has an effect on VqE , 

such that by reducing this resistivity an improve¬ 
ment in VCE should be realized. However, the 
problem arises, if p is reduced, of obtaining the 
necessary collector-junction breakdown voltage, 
so that a minimum value of p is set primarily by 
practical processing techniques. 

uniform, because an emitter area smaller than 
the collector area as well as transverse currents 
in the base may cause emitter crowding. The 
other factor is spreading resistance in the extrin¬ 
sic collector bulk. These two factors have oppo¬ 
site effects on Vand tend to cancel each other E 
although the former probably has the greater 
effect. 

and C 
c 

= Resistivity of the collector bulk in fl-cm. 
= Thickness of the collector bulk in mils 

2 
= Collector area in mils 
= Collector current in amps 
= Spreading factor ( ä 0. 8) 

1/3 2/3 1/3 
Eae V BE H ACac (V

2 
Emitter area in mils 
Collector area in mils 

2/3 2/3 
CC VCE 

v CC 

2 
~ 4 X 10 I CE c 

is a similar charge that has been swept out of 
the collector depletion region and is given by: 

4 

Ic 6. 4 X 10 3Wh2 ,,, 
5 - (6 > 

-11 
2, 88 X 10 

*b 

¿ a E ¿ A C 

de C ’ dc 

Icwb¿

2D 
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p = 0. 1 n -cm 
Ag =150 mils^ 
Aq = 400 mils¿ 
Wb = 0. 08 mil 
Wc = 5 mils 

If 1 ampere is switched through a 20-volt 
collector swing with a base drive of 0. 1 ampere, 
the preceding equations predict: 

7"r = 4. 2 + 2. 8 = 7 nsec 

VCE= 

For reasons mentioned previously, the value for 
Vßg should be a little higher. 

Equations (1) through (7), and definitions of the 
terms used in these equations, are summarized in 
Figures 1 and 2. 

III. Device Fabrication 

The following is a brief outline of the process 
steps used to fabricate the double-diffused transis¬ 
tor. 

Starting Material 

The starting material is an antimony-doped, 
0. 1 n-cm, germanium wafer etched to 10 mils 
thickness and cut into a square 0. 480 inches on 
edge (see Figure 3a). 

Diffusion Blotter 

A film of pure tin, « 0. 01 mil thick, is evapo¬ 
rated onto one side of the wafer. This serves to 
"blotter" such contaminants as copper during the 
base diffusion. 

Base Diffusion 

The wafer is placed in a one-zone dynamic in¬ 
dium diffusion furnace for a period of 20 hours at 
860 C. The source is a tin-indium alloy and the 
carrier is forming gas. Through suitable control 
of the furnace conditions, an indium diffusion re¬ 
sults with the following parameters, as shown in 
Figure 3b. 

17 3 
Co = 1. 5 X 10 /cm 
Xjc = 0. 25 mil 

Mask for Emitter Diffusion 

The second diffusion, the emitter diffusion, 
produces the emitter junction and determines the 
base width of the transistor. In order to prevent 

undesirable channeling due to n-type inversion 
layers on the base region, the emitter must be of 
a planar structure. To accomplish this, the side 
of the wafer with the indium, or base diffusion, is 
coated with a film of SiO¿ approximately 2000 A 
thick, as shown in Figure 3c. By using standard 
photolithographic techniques, an opening is etched 
in the SiO^ film to allow arsenic to diffuse into the 
wafer in a selected area. Before the deposition of 
the SiO^, the tin blotter is lapped off. 

Emitter Diffusion 

The emitter diffusion is carried out in an evacu¬ 
ated quartz capsule containing the wafer and a few 
milligrams of pure arsenic. The diffusion is done 
in 30 minutes at 700°C, with the following results 
(as shown in Figure 3d): 

C = 6 X 10^/ cn/ 
Xje = 0.17 mil 
Wb = 0. 08 mil 

Figure 4 is a drawing of the final net impurity con¬ 
centration in the wafer. 

Ohmic Contacts 

The SiO¿ film is removed from the wafer and 
ohmic contacts are deposited through a metal mask 
on the emitter and base regions, by standard vacu¬ 
um-evaporation techniques, and alloyed with the 
wafer (see Figure 5a). The contacts are silver 
alloys. The contacts are covered with a thin film 
of evaporated SiO during the alloy step to prevent 
spreading of the metal across the emitter junction 
(see Figure 5b). The wafer is then lapped to a 
thickness of 5 mils. 

Moat Etching 

The contact side of the wafer is then coated with 
a thin film of Apiezon black wax, and a 0. 002-in. 
wide chisel is used to plow grooves inthe wax, out¬ 
lining the collector area of the transistor, as shown 
in Figure 5c. Etching in CPg produces moats that 
bare the collector junction. The advantage of moat 
etching over mesa etching for laboratory fabrica¬ 
tion is that it is more versatile, since it does not 
employ evaporation masks (see Figure 5d). 

Final Processing 

The rest of the process is rather straightforward 
and simple. The remainder oí the black wax is 
rinsed from the wafer, and the wafer is cut into 
individual units. The units are then soldered to a 
header containing a copper plug; gold wires are 
thermocompression-bonded to the base and emitter 
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contacts; and the transistor is then etched electro -
lytically, washed, dried, baked, and capped. After 
baking 100 hours at 100°C, the unit is ready for 
electrical tests. 

IV. Results 

will switch one ampere through a 20-volt swing. 
Experimental values of and rise time are 
close to the theoretically limiting values. The 
electrical characteristics of this device are sum¬ 
marized in Figure 6. The circuit used to measure 
rise time is also shown in this figure. 

A germanium core-driver for use in nonsatu¬ 
rating memory circuits has been developed which 

• ° • Ql * ° 2 * °3 (1) 

VBE 
Q, = y C, dVbe (2) 

0 

V« 
a2 ■ f Cc dvcb (3) 

Vcc 

WHERE • = THE PERMITIVITY OF GERMANIUM 

Ae = EMITTER AREA 
Ac = COLLECTOR AREA 

d. = EMITTER DEPLETION WIDTH 

dc = COLLECTOR DEPLETION WIDTH 

Fig. 1. Charge equations. 

ton (ns) • o?/3 ^2/i + Ac Oe,/S (Vcc2/S_ Vce 2/S )] 

(6) 

Ic 6.4xlO 3Wb2

* Tb 2D 

9 P^C S Vce <s4xl0^ Ic

WHERE: A E = EMITTER AREA IN MILS 2

AC = COLLECTOR AREA IN MILS2

a. « EMITTER JUNCTION IMPURITY GRADIENT IN CM" 4

ac « COLLECTOR JUNCTION IMPURITY GRADIENT IN CM" 4 

Wb = BASE WIDTH IN MILS 

D = MINORITY CARRIER DIFFUSION CONSTANT IN CM 2/SEC 

P • RESISTIVITY OF THE COLLECTOR BULK IN A-CM 
Wc • THICKNESS OF THE COLLECTOR BULK IN MILS 

Ic « COLLECTOR CURRENT IN AMPERES 

S « SPREADING FACTOR («0.8) 

Fig. 2. Design equations. 

_ GERMANIUM WAFER, n - TYPE 
p « 0.1 n - cm ; 0.010 In. THICK 

b. 

~ ■*-INDIUM BASE DIFFUSION 
Co’1.5 X IO’7/cm 3, XjC«0.25MIL 

!.. ....TIN blotter, o.oimil thick 

c. 

==================== -DEPOSITED LAYER OF Si 02
- 2000 Ã THICK 

-----TIN BLOTTER REMOVED 

d. s— HOLES ETCHED IN SiO2

-ARSENIC emitter diffussion 
Co = 6xlO l9/cm3iX|.«O.I7MIL 

Fig. 3. Diffusion steps. 
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Fig. 4. Net impurity concentration in wafer. 

a. 
SILVER ALLOY OHMIC CONTACTS 
EVAPORATED 0.02 MIL THICK 

b SiO CONTACT COVER 

ALLOYED OHMIC CONTACTS 

BLACK WAX COVER 
CHISELED FOR MOAT ETCHING 

- FINAL TRANSISTOR READY FOR 
HEADER BONDING AND LEAD 
ATTACHMENT FINAL WAFER 
THICKNESS, 0.005 IN 

Fig. 5. Ohmic contact and mesa etching steps. 

DOUBLE - DIFFUSED, NPN, Ge, CORE DRIVER 
EXPERIMENTAL ELECTRICAL CHARACTERISTICS 

BVcBO @ 

BVebo ® 
B Vceo 
Vce(SAT) (3) 
Vbe (a) 
rr (3) 
3 (a) 
fT (3) 

lOOpa 

lOOpa 
I ma 

Ic 1 Io. I b x O '° 

Ic ’•a. Ib* O.la 
Ic -Io, lb’ O.la 
Ic -0.5a 
Vc « 5v, !<■ 30ma 

60 V 

8 V 
20 V 

1.0 V 
1.0 V 

I Ons 
150 
25OMc 

Fig. 6. Summary of electrical characteristics 
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PANEL: BROADENING DEVICE HORIZONS 

Chairman: W. Webster, RCA, 
Princeton, N. J. 

Panel Members: 

I. A. Lesk,* Motorola, Inc., 
Phoenix, Ariz. 

G. Birnbaum, Hughes Aircraft Co., 
Malibu, Calif., 

J. M. Early, Bell Telephone Labs., 
Murray Hill, N. J. 

Abstract 

This panel session consists of a group who were invited to 
talk on significant new developments in the field of electron de¬ 
vices which will soon increase the scope of the electronics indus¬ 
try. Frontier areas which will be discussed this year include 
generators, modulators and detectors of coherent optical radi¬ 
ation, semiconductor devices in the microwave region and inte¬ 
grated electron devices. The speakers will review developments 
in these fields and discuss some of the future potentialities in 
these forefront areas. An opportunity for comments and questions 
from the floor will be an important feature of the session. 

*Paper follows. 

t 48 



INTEGRATED ELECTRON DEVICES 

I. A. Le sk 
Motorola, Ino. 

Semiconductor Products Division 
Phoenix, Arizona 

Summary 

Definitions previously advanced^ to 
cover the solid-state device aspects of 
microsystems electronics^ are slightly 
modified and extended into the circuitry 
area to cover those aspects relating to 
integrated circuits. The design of 
integrated circuits may be broken down 
into four steps—conventional component 
circuitry, compatible component circuitry, 
hybrid integrated circuits, and single or 
multiple block integrated circuits. Sur¬ 
face passivation is an extremely im¬ 
portant requirement for integrated 
circuits. Advantages of integrated 
circuit applications are apparent in such 
areas as cost, size and shape, speed, 
weight, power utilization, and thermal 
matching. The improved reliability 
potentially obtainable by integrated 
circuits is a significant factor in their 
eventual large scale use, but it must be 
very carefully designed into them, and 
guaranteeing it requires quantitatively 
determined process reliability and con¬ 
trol comparable to that now demonstrated 
on high quality conventional components. 

The introduction of Integrated 
circuits into operating electronic equip¬ 
ment has become gradual, starting In 
many cases with mixed component systems 
to capitalize on the advantages of 
particular Integrated circuits as they 
are developed. Although standard 
integrated circuits will be available as 
catalog Items, the varying requirements 
on integrated circuits for different 
applications, the continually appearing 
innovations in devices and circuits, and 
the use of proprietary circuits by equip¬ 
ment manufacturers Indicate that a 
majority of integrated circuits will be 
special Items. 

Introduction 

The great current Interest In 
integrated circuits stems partially from 
their demonstrated as well as potential 
advantages, partially from their novelty, 
and partially from the uncertainty as to 
what they actually are. The term 
integrated circuits (and others similar 
to it) has been publicly applied all the 

way from magnetic thin films to 
assemblies of plug-in rectifiers. To 
add to the confusion, a great many 
process technologies that can be used 
and are contemplated are being identified 
with it. The purpose of this paper is 
to try to define the various device and 
pertinent circuit aspects of microsystems 
electronics In a consistent manner, in 
order to present a clearer perspective 
of Integrated circuits and their present 
status. As much as possible, existing 
terms are used. 

Definitions 

Table 1 shows the device and 
pertinent circuit terms to be defined for 
the purposes of this paper. A basic 
device Is defined as the simplest useful 
device exhibiting a basic solid-state 
phenomenon. There are a large number 
of basic devices, including the various 
types of diodes, resistors, capacitors, 
inductors, etc. Figure 1 shows schemati¬ 
cally some of the forms a resistor may 
take, depending on the processes used in 
its fabrication, and its required proper¬ 
ties. In use, care must be taken so 
that the types employing p-n junctions 
are not appreciably forward biased, or 
reverse biased to exceed the breakdown 
voltage. The shaped types generally 
employ higher resistivity semiconductor 
material to obtain higher resistance 
values, hence, have larger temperature 
coefficients. In Figure 2 are two types 
of capacitors, the junction type which 
can have higher (but voltage variable) 
values, and the film type. 

A complex device is a device con¬ 
taining within its structure more than 
one recognizable basic or simpler complex 
device, utilizing the properties of the 
Interconnecting medium to perform a 
function other than electrical connection 
or isolation. Complex devices Include 
the various types of transistors and 
many multi-junction devices. For example 
in Figure 3, by putting together various 
combinations and types of the diode 
schematically Illustrated on the left, 
we can arrive at many other commonly 
used structures. In the centre we may 
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have, for example, a bipolar, unipolar, 
avalanche, tunnel emitter, unijunction, 
or tetrode translator, or a compensated 
avalanche diode, in each case only by 
utilizing the properties of the Inter¬ 
connecting (base) region other than 
connection or Isolation. On the right 
In Figure 3, by designing the structures 
to make proper use of both base regions, 
we can have a controlled rectifier, or 
a hook collector or remote base tran¬ 
sistor. 

A distributed device is a device 
having within Its structure more than one 
recognizable basic or complex device, 
utilizing for Its performance the dis¬ 
tributed nature of their geometries and 
interconnections. For example, Figure I4. 
shows a distributed resistance-capacitance 
network. 

An integrated device Is defined as 
a device containing within its structure 
more than one recognizable basic or 
complex device, in which the inter¬ 
connection medium is used only for 
electrical connection or isolation, 
restricting the interconnecting medium 
to be of the same (or slightly modified) 
material as the rest of the structure. 
Figure $ shows schematically integrated 
semiconductor diodes and resistors. 
Because the interconnecting medium is 
common to that of the device regions 
themselves, there can be undesired inter¬ 
actions other than the connection (or 
Isolation) desired. For example, in 
Figure 5 top, there is not only electri¬ 
cal connection between the n-type regions 
of the diodes, but, if improperly design¬ 
ed, measurable transistor action as well. 
Hence, this would result in the forward 
biased on one diode producing an Increase, 
the leakage current of the reverse biased 
ones can increase. In Figure 5» bottom, 
the contacting geometry must be proper 
in order that the total resistance be 
equal to the sum of the parts. Figure 6 
is a photomicrograph showing part of a 
silicon wafer containing diffused 
resistor integrated devices. Each 20 mil 
square pattern contains 20 resistors In 
values of 100 or 1,000 ohms, all connected 
In series. 

In the area of circuit terms, we 
will define a functional electronic block 
(FEB) as a circuit formed in such a way 
as to have all of its component devices 
within its (solid) structure, having at 
least some of its interconnections and/or 
isolations made of materials different 
from those comprising the devices. 

Figure 7 shows schematically two function¬ 
al electronic blocks Incorporating the 
same circuit. In both cases the diode 
(left) and transistor (center) are 
Isolated by diffused p-n junctions. The 
resistor (right) is Isolated from the 
substrate by its own p-n junction. 
Required Interconnections are made by 
means of adherent metal films (black) 
over the insulating surface layer (cross¬ 
batched). Examples of FEBs are shown 
In Figures 8-11. Figure 8 shows a 
silicon flip-flop of the R-C coupled type 
(mounted on an 8-pln T0-5 header). 
Figure 9 shows a wafer of 5-stage 
Darlington amplifiers before separation 
into individual blocks. In Figure 10 
we have a thin film FEB, the R-C pattern 
for a bistable circuit. Figure 11 shows 
a Series 51 Solid Circuit Semiconductor 
Network (Texas Instruments) which is 
encapsulated in a small package having 
dimensions about 250 x 125 x 35 mils. 
The structures shown in Figures 8, 9, 
and 10 we shall call monolithic, i.e., 
the series of processes used to make 
them resulted In a completely solid 
structure. Although the component in 
Figure 11 is not monolithic because of 
the few wire interconnections from point 
to point on the FEB, other units in the 
TI Series 51 sire monolithic.* 

We now have all the components for 
building integrated circuits, and will 
define three types in an attempt to have 
terms that will be valid well into the 
future. An Integrated circuit Is defined 
as an assembly in a single package of 
device and FEB component parts, con¬ 
taining at least one FEB or integrated 
device. The Integrated circuit then 
becomes associated with the smallest 
’’throw-away" (or replaceable) circuit 
item, although integrated circuits can be 
permanently interconnected in groups to 
make a larger throw-away component. A 
"single block integrated circuit" is one 
having a single FEB or Integrated device 
in a package. Figure 12 is an illus¬ 
tration of this type, one of the Fair¬ 
child micrologic elements (half-shift 
register In this case). Figures 8 and 11 
are other examples of single block 
integrated circuits. A "multiple block 
Integrated circuit" will be defined as 
one having more than one unpackaged FEB 
and/or integrated device Interconnected 
In the same package. There are many 
technical programs under way to develop 
multiple block integrated circuits, and 
their practical application in the near 
future is certain. The third category 
is the "hybrid Integrated circuit," in 
which case we have at least one FEB or 
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integrated device, together with one or 
more basic, complex, or distributed 
devices, interconnected in the same 
package. Examples of hybrid integrated 
circuits are shown in Figure 13 ( a tran¬ 
sistor and a four-diode integrated device 
to make a NAND gate) and Figure 1U (a 
transistor, capacitor, resistor, and an 
integrated resistor device to make an 
R-C coupled amplifier stage). 

There are cases where mounted 
devices are interconnected with FEBs to 
produce a more complex circuit function. 
We will call these "combination circuits," 
Illustrated in Figure 15 for the case of 
a dual AND gate. 

5,6,7 
The term molecular electronics 

(molectronlcs, molecular engineering) Is 
becoming one more and more defining an 
attitude on the part of the research and 
development worker in that it emphasizes 
the utilization of many broad fields of 
endeavor (l.e., solid state research, 
process technology) toward the attain¬ 
ment of new electronic application. The 
results of work in this area may, however, 
be classified In terms of the definitions 
given above. Functional advances in 
solid state technology are continually 
increasing our store of devices, prima¬ 
rily the basic and complex ones. These, 
in turn, can be combined to give us other 
devices, FEBs, and Integrated circuits. 
Advances in process technologies, for 
example, epitaxial crystal growth, are 
beneficial to all areas shown in Table 1. 

Some Integrated Circuit 

Design Considerations 

In the design of Integrated circuits 
it is necessary to consider some process 
strengths and limitations. It is 
generally advisable to maximize the number 
of transistors and diodes, since they are 
highly developed and occupy little space. 
High value resistors and capacitors will 
take more room, depending on the types 
and processes used, so should be mini¬ 
mized. Only small values of inductance 
are presently available, so large In¬ 
ductors (and transformers) must be 
separate components, perhaps put Inside 
the package of a hybrid integrated circuit. 
The magnetic field coupling of thin film 
Inductors to low resistivity substrates 
and other components places stringent 
requirements on their location. Devices 
requiring tight control through final 
processing (l.e., closely matched peak 
current tunnel diodes) are to be mini¬ 
mized. The interconnection and isolation 

parasitics in an integrated circuit will 
affect the high frequency performance. 
In general, interconnection Inductances 
are considerably reduced, inter-component 
capacitances often increased, compared to 
standard circuitry. Tight frequency con¬ 
trol or filtering will still require 
piezoelectric elements. Power dissipation 
of the package, heat removal from the 
assembly of packages, and the topology 
of external circuit connections are other 
Important design factors to be considered 
from the early stages. 

The design of a new integrated cir¬ 
cuit (whether special or standard) will 
generally proceed through the four steps 
shown in Table 2. The first step is the 
circuit design and construction using 
conventional components, with consider¬ 
ation given to the component limitations 
in integrated circuits. Next comes 
duplication of the circuit using com¬ 
patible components. Compatible components 
are devices made in exactly the same way 
that they will appear in the Integrated 
circuit. For examples, Figures 16-19 
show a diffused resistor, silicon dioxide 
capacitor, metal film inductor, and an 
integrated two-diode device respectively, 
each in a separate TO-18 can. They will 
each have the same component values and 
internal parasitics as when made in 
Integrated circuit form. In the future, 
the more commonly used integrated devices 
and FEBs will find Increased use as 
compatible components at this stage. 

The next step is to bring the 
separate components together in the same 
package, resulting in a "separate chip 
circuit" if all elements are separate, 
or a hybrid Integrated circuit when 
some integrated devices or FEBs are used. 
The trend for the future is more commonly 
into a hybrid integrated circuit directly 
at this design stage. Figure 23 shows 
the completed assembly. Some redesign 
may be necessary at this point to allow 
for the changed Interconnection para-
sitics, and several forms of the hybrid 
Integrated circuit may result as separate 
devices are consolidated. Figures 20-23 
show an example of the hybrid stage of 
integrated circuit development, a 12 Me 
I.F. amplifier, the schematic of which is 
shown in Figure 20. Figure 21 shows the 
two .003 and the .001 pf junction 
capacitors mounted on a 10-pln T0-5 
header. Figure 22 shows the rest of the 
circuit mounted on a preferentially 
metallized ceramic piece that is mounted 
over the capacitors on the same header. 
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In many cases, i.e., for small 
sample sizes, if Isolation parasltics in 
a FEB are too high, if initial cost is 
a prime factor, if a very short time cycle 
must be adhered to, or if the particular 
reliability considerations dictate, the 
hybrid Integrated circuit version will be 
the one used in actual operation. In 
many cases, the single (or multiple) 
block integrated circuit will have 
advantages in cost, size, reliability, 
etc. that make its design and fabrication 
steps important and the future will see 
an increasing use of this component. 

The Role of Surface Passivation 

Surface passivation is used in the 
fabrication of many devices and FEBs, 
and is absolutely necessary to any 
practical integrated circuits approach. 
Surface passivation refers to the 
formation on the surface of a device a 
film that has three properties: 

1. Results in desired electrical 
properties of the device. 

2, Keeps the electrical proper¬ 
ties stable under specified 
thermal, electrical, shock, 
and environmental conditions. 

3. Isolates the device from its 
immediately surrounding 
ambient. 

The above properties are necessary 
if the structure is to have interconnec¬ 
tions by means of metal surface films 
over the passivating (isolating) layer, 
be measured (and perhaps preselected) 
before encapsulation, and pass required 
reliability tests. The present state of 
the art“»$1s that the above requirements 
can be met on structures in glass to 
metal hermetic packages, and there is 
promise of extension to non-hermetic 
packages. 

Advantages of Integrated Circuits 

The large scale anplication of 
integrated circuits, as with any 
electronic element, depends upon one or 
more advantages it has over the previ¬ 
ously used methods. The same factors 
cannot be applied to all integrated 
circuits, but rather, different Inte¬ 
grated circuits will be used In differ¬ 
ent situations for different reasons. 

Cost is an Important consideration 
in most contemplated uses. A comparison 
between integrated and standard circuits 
should include the comonent, inventory, 
test, Interconnection, and replacement 
costs. The number of a specific type 

made will have a bearing on Its cost, 
althou^i In view of the large usage of 
special Integrated circuits, manufacturing 
versatility and process control will have 
a large bearing on the matter of cost. 
Although generally the opposite, In some 
ways Integrated circuits have a yield 
advantage over conventional components. 
For example, since the end use conditions 
are known, unneeded parameters or parameter 
ranges needn't be obtained. Also, some¬ 
times a structure can be specially design¬ 
ed to be used for more than one FEB by 
using, for example, a different surface 
film metallizing pattern to produce 
different circuit functions. 

The size, weight, and shape ad¬ 
vantages of well-designed integrated 
circuits are obvious today. Also, 
because of the close proximity of differ¬ 
ent parts of a circuit, thermal matching 
(i.e., keeping parts of a circuit at the 
same temperature so their electrical 
performance will be the same) can be a 
decided advantage. Speed can be Improved 
In some circuits, since distances between 
circuit elements (and, hence, delays) are 
reduced. Wiring Inductances and capaci¬ 
tances are also reduced, although inter¬ 
component capacitances (due to isolation 
parasltlcs and close proximity) may be 
increased. Reductions in power dissi¬ 
pation are obtained mainly through novel 
circuit design, and apply to standard 
circuitry as well. However, Integrated 
circuits can contribute to lower power 
and temperature through reduced Inter¬ 
connection parasltlcs, and better 
utilization of package dissipation 
capabilities. 

Package Types 

There are several package types 
being used at the present time for 
Integrated circuits, and others are 
certain to follow. Figure 2l|. shows pan¬ 
cake and regular multi-lead TO-5 packages. 
Similar versions of the TO-18 are used. 
Figure 25 shows a 10-pin TO-5 package 
of standard height on which five layers 
of circuitry are possible. All except 
the bottom stage are mounted on metallized 
ceramic wafers, Inter-wafer connections 
being by means of the header riser wires. 
Figure 26 Illustrates the flat package 
used in the Texas Instruments Solid 
Circuits. 

Reliability Considerations 

Separate electronic devices have 
reached high levels of reliability, so 
high (i.e., better than .001^1,000 hour 
failure rate in some cases) that it is 
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impossible to quantitatively measure 
reliability under operating conditions 
with reasonable numbers of units or in 
reasonable lengths of time. It is 
necessary, then, to measure component 
reliability under a variety of high 
stress conditions, and establish 
acceleration factors to extropolate the 
reliability numbers obtained to those 
to be expected under operating conditions. 
It is important to note that the devices 
actually used in equipment are not those 
on which reliability data are obtained, 
(most manufacturers employ some sort of 
ageing cycle on all units. This is con¬ 
sidered part of the production process 
and not for reliability determining 
purposes). Hence, what is guaranteed is 
the control and stability of all the 
processes that went into making a 
particular component. Since many failure 
modes are directly attributable to surface 
changes, and surfaces are not at all well 
understood at the present time, a small 
process change can lead to rather 
catastrophic reliability changes. This 
underscores the need for reliable surface 
passivation In integrated circuits. Also, 
proven process reliability and control 
must be used to make reliable integrated 
circuits in the same way that they are 
used to make reliable devices. Since 
large enough numbers of each type of 
integrated circuit may not be made for 
reliability determination, especially 
since the cost can become prohibitively 
large, and since the component devices 
in an integrated circuit cannot always 
be put under high electrical stress con¬ 
ditions because of their interconnections, 
it is necessary to determine process 
reliability on each type of compatible 
component that goes to make up an 
integrated circuit separately, and then 
use exactly the same processes to make 
the integrated circuit. Reliability of 
the isolation and/or Interconnection 
scheme must be determined separately in 
a similar way. Also, the package 
reliability must be ascertained. 

Conclusions 

It Is possible to categorize the 
device and pertinent circuit aspects of 
micro-systems electronic in a manner 
consistent with our defined Integrated 
circuit terms. Some Integrated circuits 
are practically useful today, and the 
future will see their increasing use as 
further developments are made. Single 
block, multiple block, and hybrid 
integrated circuits will all be used, 
depending upon the particular application. 
Also, some applications will at least 

start as mixed systems, in which both 
standard component and integrated 
circuits are used to take advantage of 
particular integrated circuits as they 
are developed. 
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Figures 

1. Some forms of resistors (basic 
devices) 

2. Two types of capacitors (basic 
devic es ) 

3. Basic and complex devices 
I;. Distributed device 
5. Integrated devices 
6. Part of a wafer of integrated 

resistor devices—20 resistors In 
series per device, 20 mil centers. 

7. Functional electronic blocks 
8. Silicon flip-flop, R-C coupled type 
9. A wafer of completed 5-stage 

Darlington amplifiers. 
10. R-C pattern for a bistable circuit. 

8 nichrome resistors, U silicon 
monoxide capacitors. 

11. A Series $1 Solid Circuit 
Semiconductor Network (Texas 
Instruments) 

12. Half Shift Register (Fairchild) 
13. NAND gate 
1Ú. R-C coupled amplifier 
15. Dual AND gate. 12 nichrome resistors 

2 silicon monoxide capacitors, 8 
diodes, 2 transistors. 

16. Compatible component - diffused 
re si stor. 

17. Compatible component - silicon 
dioxide capacitor 

18. Compatible component - thin film 
Inductor 

19. Compatible component - two diode 
integrated device 

20. Circuit diagram - 12 Mc I.F. 
empllfler 

21. Bottom level - part of 12 Me I.F. 
amplifier 

22. Top level - part of 12 Me I.F. 
amplifier 

23. Completed (two level) 12 Mo I.F. 
nmnlifier 

21|.. Multiple pin T0-5 packages—pancake 
and standard 
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25. Five level circuitry in 10-pin TO-5 
p ackag e-st andard 

26. Flat package (approximately 250 x 
125 x 35 mils). Texas Instruments. 

Table 1 

SOME DEVICE AND CIRCUIT CATEGORIES 

Devices 

Basic 
Complex 
Distributed 
Integrated 

Circuits 

Functional electronic blocks 
Integrated circuits 

single block 
multiple block 
hybrid 

Combination circuits 

Table 2 

STEPS IN THE DESIGN OF INTEGRATED CIRCUITS 

1. Circuit design using conventional 
components. 

2. Circuit design using compatible 
components. 

3. Hybrid integrated circuit versions. 
Ú. Single or multiple block Integrated 

circuit. 
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MASK SHAPED RESISTOR 

FILM RESISTOR 

Fig. 1. 

JUNCTION CAPACITOR 

Fig. 2. 

BASIC AND COMPLEX DEVICES 

Fig. 3. 

DISTRIBUTED DEVICE 

Fig. 4. 

INTEGRATED DEVICES 

Fig. 5. 

Fig. 6. 
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FUNCTIONAL ELECTRONIC BLOCKS 

Fig. 7. 

Fig. 8. 

Fig. 10. 

Fig. 11. 

Fig. 9. 
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Fig. 22. 
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A WIDEBAND MICROWAVE 
DEFLECTION-AMPLIFIER TUBE 

H. J. Wolkstein and R. W. 
McMurrough, Electron 

Tube Div., RCA, 
Harrison, N. J. 

Abstract 

This paper describes a novel wide-band microwave amplifier 
tube which bridges the gap between conventional low-frequency 
amplifier tubes and broad-band microwave traveling-wave tubes. 
This small, light-weight, rugged, preamplifier tube will be use¬ 
ful in the frequency range from 100 to 1200 Me. 

This experimental device uses a novel wide-band, synchro¬ 
nous, slow-wave input-deflection circuit in conjunction with a 
similar wide-band output circuit. It can be operated in two ways: 
the output can be taken from the slow-wave circuit as in a con¬ 
ventional transverse-field traveling-wave tube, or the output 
can be taken from a high-impedance output target on which the 
modulated collector current impinges. 
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THE MULTIPLE-BEAM KLYSTRON 

M. R. Boyd, R. A. Dehn, J. S. Hickey, T. G. Mihran 
General Electric Company, Schenectady, N. Y. 

Summary 

The multiple-beam klystron (MBK) isa 
device for extending klystron power generation 
capability at a given frequency by a factor of 
ten or more. The MBK utilizes a multiplicity 
of electron beams in conjunction with multiwave¬ 
length waveguide circuits. These circuits are 
periodically loaded and operate in the /2 mode. 
The efficiency, bandwidth, gain, and stability of 
the MBK are equal to or better than that of the 
single-beam prototype klystron. Furthermore, 
the MBK permits generation of a given power 
level at an unusually low voltage, thus minimi¬ 
zing insulation, x-radiation, and modulator 
problems. 

Two MBK amplifiers have been built. The 
first at 750 Me demonstrated the principle of 
the device at 10 kilowatts output from ten beams. 
Initial tests of a ten-beam X-band amplifier 
have resulted in 35 kw cw output at 8350 Me. A 
single main magnetic field is used to focus all 
beams simultaneously. Bandwidth and gain are 
identical with those of the single beam proto¬ 
type operation. Second harmonic output of the 
X-band MBK was measured as 56 db below funda¬ 
mental. No disruption in operation was 
experienced when several beams were shut off, 
indicating that end of useful life of an MBK will 
not be reached until more than one or two beams 
have ceased functioning. 

Introduction 

The continually increasing sophistication of 
radar and communication systems requires 
ever-increasing transmitter power output. At 
this time the most energetic stable power source 
in the microwave region is the klystron power 
amplifier. The klystron can be characterized 
as being a high gain amplifier of moderate band¬ 
width and efficiency and having a more robust 
mechanical structure than other types of 
generators. In the search for devices with 
higher and higher power capability, the klystron 
interaction represents a logical starting point. 
This paper discusses a unique configuration of 
electron beams and circuits whereby the power 
generation capability of amplifiers at a given 
microwave frequency can be increased by ten¬ 
to one-hundred fold while retaining other 

desirable operating characteristics such as gain, 
efficiency, and bandwidth. 

Conventional klystrons, either pencil or 
hollow-beam, have a limiting power capability 
which depends on frequency, cathode emission 
density, and the thermal dissipation required on 
various portions of the rf circuits. This 
limitation results, in part, from the necessity 
for limiting maximum resonator dimensions to 
values less than one free-space wavelength and 
also by the requirement for relatively small 
drift tube diameters to achieve good coupling 
between electrons and resonator fields. For 
pencil beams, the result is a drift tube diameter 
of the order 

d = Jh- . X 
where 

= free space wavelength 

V = electron axial velocity 

c = velocity of light 

Use of a hollow beam increases this limiting 
diameter by the factor c/v. However, at high 
power levels, where large-beam voltages must 
be used, this factor will, in general, be less 
than two. Obviously, no order-of-magnitude 
increase in power is available by this expedient. 

One solution to the problem of very high 
power generation is to employ circuit structures 
with extended dimensions normal to the electron 
velocity. In such a case at least one dimension 
of the electron beam must be restricted so that 
good coupling to circuit fields are maintained. 
This leads to use of either a sheet electron beam, 
or a multiplicity of pencil beams. The circuits 
used with these beams may be either resonant or 
non-resonant. Devices using a multiplicity of 
beams in conjunction with resonant circuits have 
been proposed in recent years, but no devices 
representing a reduction to practice have been 
reported. The adjacent mode interference prob¬ 
lem was probably responsible to a great degree 
for holding back development of this idea. In 
the work to be described this difficulty has been 
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greatly minimized by utilizing a mode with the 
maximum frequency separation between it and 
adjacent modes. 

Multiple- or sheet-beam devices utilizing 
non-resonant circuits have also ^een proposed 
for obtaining high power output. ’ However, 
while these studies investigated the principles 
of traveling-wave klystron interaction, neither 
resulted in a practical demonstration of a 
significant amount of power output. 

At the present time, the most successful 
practical approach to the problem of increased 
power output is to combine the outputs from an 
even number of tubes by the use of hybrid 
couplers. The MBK constitutes an alternate 
and significantly different approach to 
"harnessing" beams together which is much 
less complex and bulky than the hybrid scheme. 
Furthermore, it is much less sensitive to 
disruption of operation in the event of beam 
failure. 

In the following sections, the basic princi¬ 
ples governing the choice of the operating mode 
and the design of MBK circuits are outlined. 
This is followed by a description of experiments 
in which an order-of-magnitude increase in 
power output was obtained by the use of MBK 
principles. 

Circuits for Multiple-Beam Resonators 

Essential components of any circuit suitable 
for a multiple-beam klystron are the interaction 
gaps. In general, these gaps are small 
compared with wavelength and can be treated as 
capacitors. The geometrical configuration of 
the gaps and tunnels is largely determined once 
the power level per gap and the frequency are 
specified. Thus, in a specific MBK circuit 
design, these capacitors are fixed, and the 
circuit problem reduces to determining the 
optimum method for coupling power-producing 
interactions from an array of these gaps. 
Factors to be considered are the location of the 
gaps relative to the field maxima of a given 
mode in the resonator and the frequency 
separation of the various possible resonant 
modes. 

A multi-mode resonator may be derived 
from a conventional klystron cavity by tightly 
coupling a number of such cavities in an 
extended array. The resulting structure may 
be considered as a length of waveguide 
periodically loaded with capacitors as shown in 
Figure 1. The modes of this circuit can be 

obtained from a knowledge of the propagation 
characteristic of the loaded waveguide as a 
transmission line. In Figure 2, a theoretical 
frequency-phase shift (U>-|9) curve of a 
capacitor-loaded guide is shown. Also given are 
frequency points corresponding to the resonances 
of an eight-section shorted length of such a 
loaded line. In addition, Figure 2 shows the 
spatial voltage patterns of the respective modes. 
The experimental data of Figure 2 were obtained 
using a circuit designed for the four-beam MBK 
tests to be described later. The theoretical 
curve was plotted using an approach outlined 
reference 4. 

From the spatial mode plot of Figure 2, it 
is evident that only the mode at D ='Tt* has 
equal maximum voltages at all gap locations. 
This is a desirable characteristic if electron 
beams passing through all gaps are to be used 
most effectively. Reference to the Cü-ß curve, 
however, shows that in the vicinity of TT -mode, 
the modes tend to be crowded together in 
frequency and therefore adjacent mode inter¬ 
ference would be a serious problem. Similar 
crowding exists for zero-mode (not shown), i. e. , 
the frequency at which the waveguides just cut 
on. From the CO-fi diagram of Figure 2, it is 
evident that the mode at = TT/Z represents 
the optimum mode configuration for two reasons. 
First, maximum frequency separation of 
adjacent modes exists here. Second, all 
voltage maxima are of equal amplitude. In this 
particular mode, alternate capacitors are 
located at voltage nulls, hence electron beams 
are not used at these positions, that is, alternate 
gaps would be dummy capacitors having the same 
capacitance as tube gaps. 

In the P D = IT 2 mode each electron beam 
is situated in precisely the same electrical 
environment as a beam in the single-mode 
resonant cavity of a conventional klystron. This 
situation allows each of the beams of an MBK to 
deliver energy to the resonator fields fully as 
efficiently as in the single beam case. Further¬ 
more, in the MBK the individual interactions or 
outputs of all beams are phase-locked because 
the fields are very tightly coupled throughout 
the resonator. This advantage of strapping does 
not exist in a system where outputs of isolated 
klystrons are combined externally. 

The use of a multipoint drive and a 
particular mode in a multimode resonator has 
an important advantage with regard to klystron 
harmonic output. Current bunches arriving at a 
klystron output gap are extremely rich in 
harmonic content. In a single resonant cavity, 
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for harmonic power to be developed it is only 
necessary to have impedance present at the 
harmonic frequencies. In an MBK, however, 
in addition to this impedance requirement, there 
also is a phase requirement that must be 
satisfied to obtain harmonic output. In this 
case harmonic generation requires not only 
that the harmonic frequency occur in a higher 
passband at a resonance of the loaded circuit, 
but also that the phase shift per section be 
harmonically related to that of the fundamental 
input signal. Minimum harmonic output will be 
achieved by designing so that harmonic 
frequencies occur in the stop bands of the 
circuit. This minimum output should be 
significantly less than that of a single beam 
klystron of the same total fundamental output. 

Tuning and coupling to multimode resonators 
are somewhat more complicated than in single 
mode resonators. For efficient operation 
klystron output circuits are usually loaded 
externally to an impedance level that permits a 
voltage swing approximately equal to the beam 
voltage to be developed across the interaction 
gap. To load the IT/2-mode of an n-section 
MBK resonator to the same Q as the prototype 
klystron requires that the load be coupled to 
the resonator n times as tightly as in the 
single cavity case. In practice it was found 
that iris coupling such as that shown in Figure 
1 could be used to obtain any degree of loading. 
With iris coupling it was found, incidentally, 
that as the loading is increased it is necessary 
to move the position of the iris in the direction 
of the gaps to avoid distortion of the fields at 
the gap locations. For the limited number of 
beams used in our low frequency test setups, 
loop coupling or probe coupling was used. For 
instance, in the ten-beam experimental model 
MBK a probe coupler section was used in the 
center of the resonator. This was done to 
permit symmetrical trim-tuning by moving two 
shorts in the end resonators simultaneously. 

Mechanical tuning of a multimode resonator 
can also be achieved by varying other cavity 
dimensions. End-wall tuning is restricted to 
narrow frequency ranges because the mode 
pattern tends to become distorted. Side-wall 
tuning of each cavity section is required for 
wide tuning ranges or large numbers of beams. 

Demonstration of MBK Principle 

Description of Equipment 

For flexibility and convenience,the basic 
principles of the MBK were first tested by 
using conventional commercially-available 

external circuit klystrons inserted into multi¬ 
wavelength waveguides. This setup has proven 
to be very useful in that modifications can be 
made in the rf circuitry without disturbing the 
dynamics of the individual electron beams. 

The tube chosen for this purpose was the 
3K3000LQ klystron. This is a three-gap 
klystron, and operates in the frequency range 
from 610 to 985 me. Although these tubes are 
rated at 2 kw rf output, they were operated 
conservatively at the reduced beam voltage of 
7 kv and a power output of 1. 0 kw. 

Our goal was to show that ten such tubes 
properly interconnected could operate as an MBK 
and deliver 10 kw of rf power to a single load, 
representing an order of magnitude increase in 
power capability. To do this, we first 
constructed a four-beam MBK, and when this 
was found to operate satisfactorily, a ten-beam 
model was built. A cross-sectional view of the 
four-beam model is shown in Figure 3(b). The 
prototype cross-section is shown in Figure 3(a). 
The tubes are detachable from the circuitry just 
outside the ceramic insulators, shown in dotted 
cross-section. Loading capacitors are added 
midway between tubes in order to obtain IT/2-
mode operation, as described in the previous 
section. Tuning is accomplished by movable 
shorts located at both ends of the individual 
waveguides. 

The ten-beam model was arranged and tuned 
in much the same manner as the four-beam 
model, except that the circuits were horseshoe¬ 
shaped rather than linear. A photograph of an 
assembled ten-beam MBK is shown in Figure 4. 
The high-voltage seals of the tubes can be seen 
beneath the table. The electron beams travel 
vertically upward through the three waveguide 
circuits and are collected by water-cooled 
collectors. These collectors are insulated from 
the tube bodies, making it possible to monitor 
individual body current on each tube. The out¬ 
put coupling cavity utilizes probe coupling and is 
located directly below the double-slug tuner 
shown in the upper part of the photograph. Input 
coupling is obtained by a loop in the correspond¬ 
ing cavity of the input deck. The corresponding 
cavity of the center deck is not used for 
coupling but is loaded by a capacitor equal to 
the average tube gap capacity to preserve 
TT/2-mode. Tuning is accomplished by means 
of double tuning pistons with gear mechanisms 
placed in the cavities diametrically opposite the 
coupling cavities. Thus the 12-unit circuit is 
composed of ten units enclosing tubes, one 
coupling unit, and one tuning mechanism unit. 
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The four beams shown in Figure 5 and the 
ten beams in Figure 4 were focussed by the 
single solenoid and iron shell shown in Figure 
5. In addition, the particular tubes utilized in 
this demonstration normally require focus coils 
near the cathode end as shown in Figure 3. 
These coils would not be used for electron guns 
of the types currently in widest use. 

Test Results 

Power Output, Efficiency and Gain. The 
performance of the ten-beam MBK is most 
readily evaluated by comparing it with single¬ 
tube performance. This comparison is made 
in Figure 6 where rf power output is plotted as 
a function of rf power input. The upper curve 
represents ten-beam MBK performance; the 
lower curve was obtained by taking data on a 
single-beam klystron and subsequently scaling 
the efficiency at a drive level of six watts to 
the average of the individual efficiencies of the 
ten tubes used in the ten-beam MBK as deter¬ 
mined by data supplied by the manufacturer. 
In taking these curves, the middle or pen¬ 
ultimate circuits were optimized at each drive 
level. The shapes of the two curves are very 
similar except that the ten-beam MBK gives 
ten times more power output at a drive level 
ten times that of the corresponding prototype 
point. Note that this is done not by raising 
beam voltage but by increasing current, or, in 
effect, perveance by a factor of ten. 

Bandwidth. The bandwidth of the ten- beam 
MBK is compared with single-tube bandwidth 
in Figure 7. Two measurements of bandwidth 
were made. In one case all circuits were 
optimized at midband and a curve of power out¬ 
put versus frequency was taken with no retuning. 
These curves are shown as the dashed lines 
marked "overall". The curves shown as solid 
lines were taken by keeping drive level constant 
and retuning both input and middle circuits. 
The output circuit remained fixed in this test, 
hence this curve is indicative of output circuit 
bandwidth. If additional stagger-tuned bunching 
cavities were available, presumably the dashed 
curves could be made to approach the solid 
curves as in conventional broadband klystrons. 

Comparing MBK and a single-tube band¬ 
widths, we see the output circuit of the MBK 
performs as well as the single-klystron output 
circuit, both bandwidths being about 3. 5 me out 
of 720 me. This represents a bandwidth of 0. 5 
percent, which is proper for a beam whose de 
beam resistance is about 20, 000 ohms working 
into an output circuit with an R/Q of about 100. 
Thus, the MBK output circuit operates over the 

same bandwidth as the prototype klystron output 
circuit. The reason for the apparent improve¬ 
ment in the overall bandwidth of the MBK, shown 
by the dashed curves, is not clear. It probably 
can be attributed to different relative placement 
of the resonant frequencies of the input, middle, 
and output circuits used in the two cases. 

Effect of Beam Failures. The MBK is 
relatively insensitive to beam failures. If a 
beam is lost, the power output drops by an 
amount roughly equal to the power the lost beam 
was contributing. There is some reaction on the 
performance of the other tubes, but it is not 
major. For instance, dropping out one beam re¬ 
duces de input power by 10 percent, hence out¬ 
put power would be expected to drop off by a 
similar factor. When this test was made, output 
power dropped by 14 percent. The additional 
drop-off over that expected is due to a combina¬ 
tion of factors, such as reduced effective R/Q, 
lower circuit efficiency, and improper output 
impedance. This last factor can be eliminated 
by reoptimizing the output impedance after a 
tube is dropped out. A test was made in which 
three beams of the ten-beam MBK were biased 
nearly off, such that there was a 28 percent 
reduction of de input power. Output power 
dropped 40 percent under these circumstances. 
By reoptimizing the output load impedance, this 
drop-off was reduced to 35 percent, which com¬ 
pares favorably with the expected drop-off of 
something greater than 28 percent. 

Ten-Beam X-Band MBK 

The successful demonstration of the MBK 
principle has led to the design and construction 
of a ten-beam amplifier for CW operation at 
8. 4 Gc. Here all beams and resonators are 
contained in one vacuum enclosure. A cutaway 
section of this amplifier is shown in Figure 8. 
The ten individual gun assemblies are precisely 
located in a water-cooled reference bar in the 
enclosure at the top. The beams from these 
ten guns are focussed through corresponding 
tapered apertures in a magnetic pole piece after 
which they traverse the four multiple-gap 
resonators shown in the center of the photograph. 
A single magnetic coil and yoke assembly keeps 
the beams focussed in this region. After output 
power extraction in the lower resonator, the 
spent beams enter the tapered collector shown 
at the bottom. This collector has a shape 
similar to a gable roof. 

The rf drive is coupled from the standard 
RG51/U waveguide at the left through a vacuum 
seal and iris aperture to the input resonator. 
Output is coupled also by an iris at the end of 
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the lower resonator to a tapered waveguide and 
through a circular window section to WC 150 
circular waveguide operating in TE^ mode. 

The individual electron beams have a 
perveance of 0. 7 x 10"^ which means an over¬ 
all perveance of 7 x 10*^. The tube is 
designed for 150 KW CW input. Preliminary-
test results on an amplifier of this design are 
shown in Fig. 9. The tube was tuned for high 
efficiency operation with a corresponding gain 
ranging from 45 to 50 db. The top point of 
35 KW output represents the point at which fail¬ 
ure of the waveguide load caused the output seal 
to fracture. In pulse tests, 51 KW output was 
reached at 41% efficiency. 

The second harmonic level has been mea¬ 
sured at 56 db below fundamental. This is to be 
compared with a 41 db second harmonic 
measured with the same equipment on a single 
beam klystron at 1 KW output, 8. 4 Gc. Similar 
measurements on third harmonic indicated the 
MBK to have approximately ten db less harmon¬ 
ic level than the equivalent single beam tube. 
Absolute values of harmonic level remain to be 
determined and will require proper summation 
of power components in the twenty-six trans¬ 
mission modes possible in WC150 guide at 25 
Gc. 

Conclusions 

A multiple-beam klystron has been demon¬ 
strated which promises to extend the power 
capability of microwave tubes embodying 
klystron-type interactions by at least one order 
of magnitude. As the name implies, this 
device has the gain, efficiency, bandwidth, 
and stability characteristic of conventional 
klystrons. However, by using a multiplicity 
of electron beams and a carefully selected 
mode of resonance, the power output of the MBK 
can be made to exceed that of the prototype 
klystron by a factor equal to the number of 
beams used without sacrifice of any klystron 
advantages. The concept of reduced harmonic 
generation because of the phasing requirement 
in the MBK appears to be valid from pre¬ 
liminary tests on the X-band amplifier. 

The MBK is fundamentally a low-voltage, 
high-current approach to superpower. There¬ 
fore, problems such as high-voltage power 
supplies, voltage breakdown, and x-radiation 
protection are simplified. In an MBK each 
beam operates under the same conditions as 
the beam of the prototype klystron. Con¬ 
sequently, the electrical and thermal stresses 
impose no new limits on available materials. 

The basic unit of the MBK is a conventional 
klystron beam; therefore, an MBK design 
requires no advance over the present state of 
the art for the design of the single-beam proto¬ 
type unit. Furthermore, any future advances in 
klystron technology may be incorporated into 
MBK designs. 

The ultimate limits of power capability of an 
MBK are not precisely known. The first limit 
to be encountered will probably be due to 
adjacent mode interference. This limit will 
depend upon circuit design, individual beam 
impedance, and the ability to control mode 
excitation in the input circuit by selective load¬ 
ing or strapping. The best present estimate 
for typical existing klystrons is that the limita¬ 
tion will occur somewhere between 40 and 100 
beams. A more fundamental limitation will be 
encountered at power levels where the circuit 
losses are comparable to the unit power being 
developed. At present the latter is not a 
practical limit. 

Since the failure of individual beams in a 
multiple-beam klystron does not result in a 
serious reduction of output power, the useful 
life of an MBK extends beyond the point where 
one, or even several, beams become inoperative. 
The MBK concept thus permits the effective 
coupling of many electron beams in a stable, 
reliable manner. This is accomplished without 
the cumbersome equipment and redundancy of 
operating controls characteristic of systems 
whereby the output powers from several 
amplifiers are combined. 
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Fig. 3. Cross-sections of single and 
multiple-tube amplifiers. 

Fig. 1. Distributed-beam resonator. 

Fig. 4. Ten-beam MBK amplifier without 
magnetic beam. 

Fig. 2. Modes in periodic resonator. 
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Fig. 5. Four-beam MBK amplifier. 
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Fig. 6. MBK power output. 

Fig. 7. MBK bandwidth. 

Fig. 8. X-band MBK cut-away model. 
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Fig. 9. Power output—X-band MBK. 
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A LIGHT WEIGHT, COMPACT BACKWARD - WAVE OSCILLATOR FOR X-BAND 

C. Biechler and K. R. Evans 

Microwave Associates, Inc. 
Burlington, Massachusetts 

SUMMARY 

A backward-wave oscillator with the physical 
properties of a reflex klystron has been dev¬ 
eloped. As a voltage tuneable oscillator, it has 
bandwidth capability of 20 per cent with power 
output exceeding 10 milliwatts. Forty milli¬ 
watts over a 3 per cent bandwidth has been 
observed. The nominal operating frequency is 
8. 5 to 9. 6 kmc. 

These backward-wave oscillators utilize 
electrostatic-periodic focusing and a unique 
r. f. matching technique to achieve light weight, 
small size and the similarity to reflex klystron 
oscillators. The design is simplified and the 
reliability improved by the use of a convergent-
flow solid beam electron gun. 

This device is still in the experimental stage 
and minor problems yet exist. Most of the 
design goals have been met. 

INTRODUCTION 

There are many microwave systems in use 
today which employ a reflex klystron as a local 
oscillator. The klystron, in some instances, 
must be tuned in order to track a frequency¬ 
varying received signal. Utilization of a reflex 
klystron as a tuneable local oscillator has been 
only partially successful because of the prob¬ 
lems encountered in mechanical gap tuning 
with simultaneous reflector voltage tracking. 
Further, the mechanical tuning imposes a limit 
on the speed of tuning and on life. 

Yet the klystron, because of its size, weight and 
low voltage requirements is, in many instances, 
more attractive to the system designer than fast, 
electronically swept backward-wave oscillators 
as they exist today. Permanent-magnet focused 
BWOS are comparatively heavy and large and, in 
addition, are sensitive to magnetizable materials 
placed near them. Hence, the development of an 
inexpensive, light weight, electronically tuneable 
oscillator seemed very desirable. 

Such a device form has been largely achieved. 
The application of periodic-electrostatic focus¬ 
ing to an "o" type backward-wave oscillator and 
the development of a radio frequency slow-wave 
circuit-to-waveguide match have allowed the 
realization of a electronically tuneable oscilla¬ 
tor which looks like a klystron. 

X-band was chosen as the frequency range for 
the development program for convenience and 
for application to general system requirements. 
A modest tuning range of 10 per cent was set as 
a goal in order to concentrate on the inherent 
electron-optical problems. 

Although the development of this backward-wave 
oscillator is by no means complete, enough pro¬ 
gress has been made to date to predict the a-
chievement of the original design goals. 

This paper is not intended as a theoretical anal¬ 
ysis of the operation of a backward-wave oscilla¬ 
tor nor of periodic-electrostatic focusing since 
these topics have been the subject of numerous 
papers. Instead, it is our purpose to report on 
the details of the development of a backward¬ 
wave oscillator to meet the objectives set forth 
above. 

DESIGN OBJECTIVES 

As explained previously, the tube was to have 
characteristics, both physical and electrical, as 
similar to a reflex klystron as possible. The 
following specifications were outlined at the be¬ 
ginning of the development program. 

Frequency range 

Power output 

Voltage range 

Efficiency 

Weight 

Size 

Configuration 

Cost 

8. 5 - 9. 6 kmc 

20 mw (minimum) 

all applied potentials to 
be below 500 v 

0. 5 per cent (minimum) 

4 - 5 oz. (maximum) 

3" long (maximum) 

Waveguide output per¬ 
pendicular to tube axis 

Competitive with reflex 
klystron with mechanical 
tuning. 

These objectives determined the design approach 

DESIGN 

This design, as with many, is a compromise 
between complexity and hence high cost, and 
electrical specifications. Since weight, size 
and voltage range are of primary importance, 
efficiency and tuning range specifications are 
more modest than for a typical permanent-
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magnet backward-wave oscillator. 

It was important to choose a lightweight focusing 
system in order to eliminate the heavy and bulky 
permanent magnets usually used to focus back-
ward-wave oscillators. Periodic-electrostatic 
focusing in the form of a bifilar helix was chosen 
for its light weight and potential for low voltage 
operation. The bifilar helix performs a dual 
function; that of the focusing structure and of the 
r. f. slow-wave circuit for the tube. 

Figure 1 shows a d. c. potential difference ap¬ 
plied between adjacent turns of the helix assem¬ 
bly. The resultant static field forms alternate 
convergent and divergent electrostatic lenses 
perpendicular to the direction of beam flow. An 
electron, because of the axial decelerating force 
spends more time under the more negative con¬ 
ductor and hence is influenced more by the con¬ 
vergent lens. An electron, transversing the 
series of lenses receives a net radially inward 
force, which under the proper conditions can be 
made to counterbalance the radially outward 
force exerted by space charge in a beam of 
electrons. The electron beam within such a 
focus system drifts at an average potential 

where Vj = voltage on helix #1, 

V2 = voltage on helix #2, 

V£ = Vj - = focus voltage. 

Figure 2 is a block diagram of the power supply 
arrangements which are used to establish the 
required potentials and operate the tube. 

Utilization of the bifilar helix as an r. f. struc¬ 
ture and a focusing structure simultaneously is 
a complicated compromise between r. f. per¬ 
formance and focusing properties. Considering 
the average voltage Vo , as the "tuning" voltage 
(i. e. , that drift potential determining the fre¬ 
quency of operation) and choosing a minimum 
drift potential consistent with focusing require¬ 
ments, resulted in these values for Vo : 

Vo = 280 at 8. 5 kmc, 

Vo = 440 at 9. 6 kmc. 

The frequency at which operation in both the -1 
space harmonic (backward-wave) and the 0t̂ 1 

space harmonic (forward-wave) can exist simul¬ 
taneously is termed the upper cutoff frequency. 
This occurs when the parameter 

F - 0.5. 

where k = 2tt/X0 , free space propagation 
constant, 

a = radius of helix in meters, 

D= dialetric loading factor. 

Most helix type backward-wave oscillators ex¬ 
hibit a discontinuity in power output at this point 
although they will operate at even higher fre¬ 
quencies. A value of ka/D = 0. 43 at midband 
was chosen for this tube in order to allow the 
helix diameter to be as large as possible without 
operating too close to the cutoff frequency. 

A value of 0. 600" was chosen for the length of 
the slow-wave circuit, assuming that the cur¬ 
rent for start-oscillation was available from the 
beam. Subsequently, this length has been in¬ 
creased to decrease the starting-current require¬ 
ments. 

For simplicity and cost considerations, the 
electron gun used is one furnishing a solid beam. 
Because of the rapid decrease in r. f. fields 
radially inward from the helix radius, only the 
outside edge of a solid beam is effective in in¬ 
teraction with the slow-wave circuit. Electrons 
near the center of the beam are not modulated 
and hence decrease the d. c. to r. f. conversion 
efficiency. This problem is solved in the per¬ 
manent-magnet focused BWO by using a hollow 
cylindrical beam formed by a comparatively 
expensive electron gun. The problem solves 
itself with the periodic-electrostatic tube be¬ 
cause of the radial distribution of focusing force. 

Just as the r. f. fields are an inverse function 
of radius, so too are the focusing fields. Elec¬ 
trons near the beam edge are in a strong focus¬ 
ing field region; whereas electrons near the axis 
are practically unaffected by focusing fields, but 
are influenced by a radially outward space charge 
force. Hence these inner electrons drift toward 
the beam edge until they reach an equilibrium 
radius where focusing force balances space¬ 
charge repulsion. A small percentage of the 
beam never reaches equilibrium because of the 
short transit time through the slow-wave circuit. 
The most important condition for focusing a solid 
beam with this system is that the edge electrons 
be at their equilibrium radius with no transverse 
velocity at the entrance to the bifilar helix. 

Figure 3 demonstrates the effect of electro¬ 
statically focusing a solid beam. This picture 
was drawn from observation of beam intercep¬ 
tion with a thin carbon screen placed across the 
beam exit of the focusing structure. With no 
focusing potential applied, the major part of 
the beam drifts unperturbed through the bifilar 
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helix. Application of the proper focusing 
potential separates the beam into three thin seg¬ 
ments forming a circle slightly smaller than the 
helix diameter. The sementation is thought to be 
caused by the electrostatic charging of the three 
helix support rods by stray electrons. The field 
so produced creates an improper focusing poten¬ 
tial in the vicinity of the support rods and hence 
defocuses and scatters the beam passing close 
by. Better shielding of the support rods from 
stray electron interception can no doubt decrease 
this effect with a consequent slight increase in 
efficiency. 

Electron beam optics have, in this tube, been 
determined purely by a cut-and-try process. 
Some theoretical analysis could perhaps have 
been performed but boundary conditions and pri¬ 
mary assumptions were so indefinite that the 
experimental determination of proper beam shape 
and entrance conditions seemed to be the more 
practical approach. 

To provide the backward-wave oscillator with 
the objective configuration of a reflex klystron, 
we borrowed the concept of the standard wave-
guide-to-coaxial transmission line transition. 
In place of the usualy dipole antenna is a cylinder 
housing the bifilar helix assembly. The cylinder 
projects thru the waveguide leaving a small gap 
to the opposite wall. The usual waveguide short 
is placed behind the transition for matching 
purposes. 

Electrical and r. f. connections are made to the 
slow-wave circuit by welding connections to the 
bifilar helix across the gap formed between the 
helix cylinder and opposite wall of the waveguide. 
The dipole-like cylinder is isolated from the 
waveguide by a ceramic insulator. An r. f. choke 
prevents energy leakage around the insulator. 

Some special studies were conducted on the re¬ 
sultant r. f. match to determine if we were in¬ 
deed coupling to the backward-wave space har¬ 
monic of the bifilar helix. Field solutions of 
the various space harmonics for a helix (single 
or multi-filar) show that 

Ezo ± 0 at r = 0 

Ez = longitudinal electric field 

r = radius 

whereas 

E , = 0 at r = 0 z-1 
for the -1 space harmonic or backward wave. 

A conducting rod down the center of the helix 
will short out any electric field existing on the 
axis. Measurements of the r. f. match showed 
no change with the presence of this conducting 

rod. A typical match pattern is shown in Fig. 4 
where VSWR is displayed as a function of fre¬ 
quency. It should be noted that the irregulari¬ 
ties are due to some reflections from the col¬ 
lector end of the helix assembly which was not 
terminated when this data was obtained. 

Electrons intercepted by the helix turns tend to 
heat the molybdenum tape and increase its r. f. 
loss. The helix loss has a large effect on ef¬ 
ficiency and beam starting current requirements. 
To provide a better heat sink, the helix support 
rods are made of beryllia, an insulator with the 
thermal conductivity of brass. The helix assem¬ 
bly is shrunk fit into a precision broached bore 
in the dipole cylinder further enhancing the heat 
drain from the helix. Heat is carried from this 
cylinder through the ceramic insulator and out 
through the collector. Figure 5 is a cross sec¬ 
tion drawing of the experimental tubes as they 
have been constructed at this writing. There 
are many parts of the tube which were drawn 
from existing assemblies for expediency rather 
than for compactness. Further design refine¬ 
ment will reduce the overall length of the tube 
approximately one inch. 

Backward-wave oscillators require an r. f. 
termination at the collector end of the slow-wave 
circuit. This usually takes the form of sprayed 
graphite in a helix-type tube, but because of the 
electrical d. c. isolation required turn-to-turn 
in this tube, the normal termination was im¬ 
practical. Various d. c. isolated terminations 
have been used with onlypartial success. Further 
effort is being expended to develop an inexpensive 
reliable termination. 

OPERATING DATA 

The marriage of a solid beam to a periodic -
electrostatically focused backward-wave oscil¬ 
lator has produced some gratifying results. 
Experiments with gun and beam testers verified 
approximate theoretical calculations of focus 
voltage requirements. They also revealed a 
need for lower starting current requirements. 
The data discussed in this section may be 
favorably compared to the design objectives 
described earlier. 

The present tube uses a gun with an area con¬ 
vergence of 8 or 9:1 and a fairly high perveance 
of 

I 
° L 

K = -—- = 6 X 10' b perv. 
V3/ 

where I = beam current, o 

Y, = anode and helix #1 potential. 
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Gun perveance, of course is a function of anode¬ 
cathode spacing. This spacing also affects the 
beam entrance conditions for focusing to the 
extent that the entrance conditions determine the 
perveance. In order to change the perveance 
appreciably, an extensive redesign of the gun and 
entrance optics would be necessary. Figure 6 
is a plot of power output vs frequency over the 
X-band range of interest. Power output is a 
function of focus voltage and is plotted for two 
different values in Fig. 6. By judicious selec¬ 
tion of focus voltage it is possible to achieve 
larger bandwidths at a sacrifice of power level. 
It is also feasible to program the focus voltage 
such that as the tuning voltage is varied, the 
power output curve may be made a predeter¬ 
mined value (within limits) versus frequency. 
The power output characteristic presented here 
is from an early experimental tube without a 
termination. 

Figure 7 shows the average tuning voltage Vo vs 
frequency of the same early tube. We have 
since decreased the overall voltage require¬ 
ments by approximately twenty per cent. 

Beam currents for the power levels shown are 
quite high leading to disappointing conversion 
efficiencies as shown in Figure 8. Much work 
is in progress to raise these efficiencies and in 
fact one very recent tube had better than double 
the efficiency of the tube represented by Fig. 8. 
It is yet too early to predict the praticai limita¬ 
tions in efficiency as the design is undergoing 
considerable refinement both on focusing and 
thermal stability. 

Figure 9 is a photograph of our experimental 
tube, waveguide down, next to a typical reflex 
klystron. As mentioned in the section on con¬ 
structional details the tube may be made con¬ 
siderably shorter by proper design refinement 
of the collector-insulator region. 

CONCLUSION 

Although development is not yet complete, the 
program has produced results up to or exceed¬ 
ing the original design goals. The feasibility of 
a compact lightweight, voltage-tuneable oscil¬ 
lator has been demonstrated. 

The device is reasonably simple to construct and 
with proper production techniques, should be 
relatively inexpensive. The weight, size and 
configuration are those of a reflex klystron with 
the possibility of lower values with proper re¬ 
finement. 

Some basic refinements remain to be performed 
which should lead to a marketable device in the 
near future. 
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Fig. 1. Bifilar helix for focusing an electron beam. 

WITH FOCUS VOLTAGE NO FOCUS VOLTAGE 

Fig. 3. Beam shape at collector end of helix. 

COLLECTOR 

BEAM SUPPLY 

( V2) 

Fig. 2A. Low voltage circuit. 

Fig. 2B. Standard circuit. 

HELIX MATCH 

MA 2200 SN5 
36 TURNS PER IN. 900 IN LONG 
NO TERMINATION 

Fig. 4. 
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Fig. 5. Crossection of backward-wave oscillator. 

FREQUENCY - kMc 

Fig. 6. Operating characteristics MA 2200 SN 5. 

Fig. 7. Tuning voltage. 
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Fig. 8. MA 2200 #5 CW operation. 

Fig. 9. Physical comparison. 
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THE PROPERTIES OF THERMO-ELECTRIC ELEMENTS 
AS MICROWAVE POWER DETECTORS 

S. Hopfer, N. H. Riederman, L. A. Nadler 
PRD Electronics, Inc. 
Brooklyn, New York 

I Introduction 

The development of low level, microwave 
power measuring devices has been restricted in 
the past almost exclusively to the design of 
bolometric elements. This is surprising, in 
view of the impressive amount of work which has 
been done on thermo-electric devices as radiation 
detectors. In fact, the state of the art in this 
field has progressed to a point close to the 
theoretical limité, and although highly sensitive 
bolometric radiation detectors have been devel¬ 
oped, the thermo-electric devices have found^more 
extensive use by far in radiometric measurements. 
Accordingly, we shall show in the following dis¬ 
cussion, that the use of thermo-electric elements 
in the microwave range is not only feasable but 
offers many advantages over the bolometric 
systems. 

II Thin Film R.F. Thermocouples 

Microwave heating in conductors is caused 
by surface currents. In order to assure proper 
conversion of the incident microwave energy into 
heat by means of these currents, the thickness 
of the thermo-electric elements must be small 
relative to the skin depth at the highest oper¬ 
ating frequency. Since it is extremely diffi¬ 
cult, if not impossible, to draw thin enough 
wires of suitable materials or to fuse or solder 
them to form the necessary junctions, the use of 
thin film thermo-electric elements is implied. 
Accordingly, we shall restrict our discussion to 
thin film devices only. 

The basic situation we wish to describe is 
illustrated in Fig. 1. It is seen that r.f. 
currents generated in the metallic boundaries by 
the microwave fields are made to flow capaci¬ 
tively through the substrate material and then 
conductively through a thin metallic film con¬ 
sisting of metals A and B to complete the r.f. 
circuit. Owing to the Joule heating which takes 
place in the film, its temperature is changed, 
leaving the center of the film at the junction of 
the two metals at some elevated temperature T^ 
and the ends of the film which are in contact 
with relatively large thermal masses at the 
ambient temperature Ta. As a result of this 
temperature distribution, a d.c. current will 
flow in the external circuit as shown in Fig. 1. 
This non-conventional use of the thermocouple 
raises some important questions. 

1. Does the r.f. requirement of the use of 
thin metallic films have any adverse effect on 
the magnitude of the thermal emf? 

2. Is the thermal emf affected by the r.f. 
currents in the film other than through the 
thermal effects which they produce? 

Effect of Film Thickness 

As is well known,the material constants of 
metals such as electrical conductivity, thermal 
conductivity, etc. can not be treated as con¬ 
stants any more when used in connection with 
thin films. Since the electronic mean free path 
in this case is comparable to the thickness of 
the film, those characteristics of the metal 
which depend upon it become functions of the 
thickness. In particular, the thermal emf 
should change with film thickness, as shown by 
Meyer^ and others. If we now demand that the 
film thickness t, shall not exceed a given 
fraction p of the skin depth 8, we can determine 
a lower limit of the film resistance Ro in Í2 per 
unit square, provided we know the dependance of 
the resistivity on the film thickness for any 
particular material. In order to obtain a feel 
for the numbers involved, we have chosen the 
factor 5 for the ratio of film to bulk resis¬ 
tivity independant of material and have plotted 
Ro min for various materials as a function of 
frequency. This graph is shown in Fig. 2. It 
is evident that our interest lies in reasonably 
thin films. We have measured the thermal emf of 
Bismuth-Antimony (Bi-Sb) combinations for films 
varying in resistance from 7 ñ/o to 200 0/a . 
The corresponding film thicknesses are estima-
ted^ to range from 5000 Â to 300 Â. Fig. 3 
shows the results of these measurements. It is 
seen that within the accuracy of our measure¬ 
ments, the thermal emf for the Bi-Sb combination 
does not show any thickness dependance for the 
range of thicknesses considered. The seemingly 
lower value of sensitivity of about 90 pv/“C 
compared to the bulk value of about, 110 pv/°C 
should not necessarily be considered a thin film 
effect, since the magnitude of this difference 
can be attributed to a number of other causes. 
It is worth noticing that the reproducibility of 
the thermal emf in the various samples is quite 
good, remembering that these samples have been 
made at different times and no doubt at condi¬ 
tions of evaporation which cannot be considered 
Identical. This seems to indicate that these 
films are polycrystalline showing no particular 
ordering, since otherwise one should expect 
differences in the thermal emf owing to its 
strong dependance upon the anisotropy of the 
Bismuth and Antimony crystals. A view of the 
experimental set up for the above measurements 
is shown in Fig. 4. 
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Effect of R.F. Currents 

The presence of high frequency currents in 
the film should theoretically have no direct 
influence upon the thermal emf. This follows 
from the nature of the thermal emf, which accor¬ 
ding to Bridgman^ is a driving emf, located in 
the individual conductors and generated by the 
tendency of the electrons to restore thermal 
equilibrium. This tendency being greater in one 
conductor than the other produces the resultant 
emf. Thus, the overall process may be pictured 
as follows: the electromagnetic field induces 
currents in the metallic film delivering energy 
in the form of 12r losses to the film. This 
energy in turn is almost entirely lost to the 
surroundings through thermal conduction, convec¬ 
tion and radiation, leaving the film in a non¬ 
equilibrium state with a certain temperature 
distribution. The tendency of the electrons to 
restore equilibrium gives rise to the thermal 
emf driving a current through the circuit which 
is sustained by the absorption of heat at the 
junction in the form of the Peltier heat and 
along the leads in the form of the Thomson heat. 
Evidently, the process described above is com¬ 
pletely insensitive to the manner in which the 
state of thermal non-equilibrium is maintained. 
This is clearly shown in Fig. 5 where deviations 
in the thermopile output for constant r.f. power 
are plotted against frequency. The apparent 
decrease in sensitivity with frequency is due to 
r.f. mount losses which can be largely eliminated 
by proper design. 

Ill The Thermo-Electric Load 

As mentioned previously, there is an exten¬ 
sive literature^ on the optimum design of thermo¬ 
couples and thermopiles for radiometric measure¬ 
ments. Many of these results apply directly to 
our case, yet there are others which are unique 
to the present application. In particular, we 
shall comment in the following on the problems 
of thermopile versus thermocouple, and the shape 
and drift characteristics of the thermo-elements. 

Thermopile Versus Thermocouple 
Roess and Dacus7,8 have shown that if pro¬ 

perly designed thermocouple amplifier systems 
are used, the various thermal detectors may be 
compared on the basis of their respective signal 
to noise ratios. Under these conditions the 
signal to noise ratio of a thermocouple is 
ideally equal to, but in practice better than 
that of a thermopile. Consider now the thermo¬ 
couple of Fig. 1. Its signal to noise ratio is 
proportional to E^Z/Rj where Ei is the thermo¬ 
couple voltage and R^ is its resistance, assumed 
to be equal to Eo, the characteristic impedance 
of the transmission line which it terminates. If 
we now use n thermo-electric branches instead of 
a single one, the branch resistance R' must be so 
chosen that all the n branches, being in r.f. 
parallel and sharing the power equally, are now 
terminating the line, i.e. R' = nZo. But the 
d.c. resistance Rn of the pile is at least nR', 

since some extra path length is always involved 
in turning the resistive path around so that 

Similarily, we find that the thermal emf En of 
the pile is given by 

E < nE. n - 1 
since the power is now shared by n branches and 
the thermal losses of the n branches to the sur¬ 
roundings is at best as low, but practically 
larger than that of the single branch. 
Thus, we have 

which is the result stated by Roess and Dacus. 
This conclusion, however, is only valid when the 
Johnson noise of the thermocouple is the limiting 
factor, otherwise the thermopile offers better 
sensitivity. Furthermore, there are practical 
considerations such as drift, thickness of film 
and others which greatly favor the use of a pile 
over a couple. 

Shape Factors 

Consider the truncated film strip of Fig. 6. 
It is desired to find the temperature of the 
strip along X = 0, assuming that at X = ± a/2 the 
film is at the ambient temperature Ta. If 
T (x) = Q?(x) - Ta), is assumed to be small, so 
that the convective and radiative losses are 
directly proportional to T, equation (1) is a 
statement of the heat balance which has to hold. 
For computational simplicity we are ignoring the 
y dependance of tixjy) which should actually 
enter into equation (1) through the divergence 
of the conductive heat flow. This approximation 
seems valid if the angle of the strip is within 
about 20° to 30° and should hold particularly 
well along the line y = 0, or almost anywhere 
else on the strip if the total conduction loss 
is only a small part of the overall thermal loss 
to the surroundings. Two special cases are of 
practical interest for the type of films we deal 
with. Case 1 is the condition of free convection 
where the film element is mounted in a microwave 
housing at atmospheric pressures. Under these 
conditions it can be demonstrated that the con¬ 
vective heat loss is by far the greatest, justi¬ 
fying the dropping of the conduction term as far 
as T(o) is concerned. Case 2, covers the vacuum 
condition with no convection losses but only 
conductive losses. This situation may not always 
be as readily realized in practice as that of 
case 1, since the radiation losses may become 
comparable to, or even predominate over the con¬ 
duction losses. Since our application does not 
require the use of a blackened receiver as do the 
radiometric devices, the low emissivity of the 
desirable metallic films of reasonable thickness 
will keep the radiative losses considerably below 
the conduction losses. However, if the film is 
thin enough to become transparent, the approxi¬ 
mation of case 2 is not applicable. Another 
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point of caution in the use of the expression 
for 7(o) is the fact that both K and t enter into 
it. Since in a matched system the total strip 
resistance must remain constant, t must change 
with £ and so will K due to its thickness depen¬ 
dance. As K and t are treated as constants in 
our expression, the formula applies strictly 
speaking only if the substrate backing plays a 
considerable part in the conduction process. In 
any event, the above expression represents a 
lower limit of what can actually be expected 
under the conditions of case 2. Defining the 
gain factor G as the ratio of T(o) of the trun¬ 
cated strip and T(o) of a rectangular strip of 
width d, we can plot these factors as a function 
of the variable J. This is shown in Fig. 7. It 
is seen that in the case of free convection G 
increases as Í increases, whereas under vacuum 
conditions G decreases slightly as 5 increases. 
In cases where both types of loss mechanisms 
are present one would expect the gain factors to 
fall somewhere between the two curves Gi and G2-
It may be concluded, therefore, that the detec¬ 
tion sensitivity of the thermocouple or pile is 
not criticially dependant upon its shape. This 
conclusion is fortunate in view of the undesir¬ 
able microwave effects which result from employ¬ 
ing large ratios of (b/d). 

Drift Characteristics 

As mentioned previously, the thermal emf is 
a driving emf caused by a state of thermal non¬ 
equilibrium. This implies that uniform changes 
in ambient temperature will by themselves not 
generate a thermo-electric output. In practice, 
however, changes in the ambient temperature are 
usually accompanied by the generation of thermal 
gradients, which in turn give rise to output 
drift. Fortunately, this type of drift is large¬ 
ly eliminated in our application. This is demon¬ 
strated in Fig. 8 which depicts two thermo-elec¬ 
tric branches in thermal contact with two iso¬ 
thermal metallic masses at temperatures T^ and T2 
respectively. Due to non-equality of Ti and T2> 
a temperature gradient is set up along the 
branches. If properly designed, the junction 
temperature Tj can be made to correspond to the 
average temperature of T^ and Ï2- Under these 
conditions it is easily seen that cancellation 
of the partial emf terms will occur resulting in 
zero output. On the other hand, when current 

flows through the branches, Tj will be larger 
than (T^ + T2>/2, resulting in the desired output 
e0. In microwave structures one usually deals 
with metallic boundaries which shield the inter¬ 
nal parts from direct interaction with the out¬ 
side. Thus, outside thermal interaction with 
the thermopile takes place via the metallic 
boundaries, which permits the design of inter¬ 
nally balanced structures as demonstrated above. 
Fig. 9 shows several balanced film structures 
and Fig. 10, a microwave housing for them. 

IV Conclusions 

Our work with thermo-electric films has 
shown that these elements can be readily used 
for the detection and measurement of microwave 
power. Furthermore, these elements show decided 
advantages over bolometric elements with regard 
to broadbanding, drift characteristics, simplic¬ 
ity of operation and overall accuracy. 
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Fig. 1. Schematic of high-frequency 
thermocouple arrangement. 
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Fig. 2. Film resistance vs. frequency. 

so 



D
E
V
I
A
T
I
O
N
 
F
R
O
M
 
M
E
A
N
 

RESISTANCE-ÏL/d 

Fig. 3. Thermo-electric power vs. resistance. 

Fig. 4. Experimental arrangement for thermal EMF measurements. 
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Fig. 5. Power sensitivity vs. frequency. (Ref. power standard-PRD type N670 calorimeter-absolute 
accuracy + 2%) 
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APPROXIMATE SOLUTIONS, ASSUMING T = f ( x') 

^L-P2rz ~ s -
dx'2 (a+^x1)2

O< X1 < 1/2 ( I ) 

CASE I: FREE CONVECTION 

P1 C-i 
qad In £ 

< < P2 r at X1: 0 
dx 12

(2) 

CASE 2! VACUUM CONDITIONS P*T << 
dx 12

(3) 

P'= POWER DISSIPATED IN STRIP 
q = CONVECTIVE LOSS CONSTANT 
K =THERMAL CONDUCTIVITY OF STRIP 
t = FILM THICKNESS 
C = (b/d) 

Fig. 6. Truncated strip design. 
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Fig. 7. Truncated strip gain factors. 

IFT.*T2 e o = O IF T)-

IF CURRENT FLOWS THROUGH STRIP 

TJ > AND 60*0 

Fig. 8. Internal balance of thermocouple. 
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Fig. 9. Thermo-electric film elements. Fig. 10. Coaxial test mount. 
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A BROAD-BAND UHF PARAMETRIC AMPLIFIER 

Richard LaRosa 
Hazeltine Research Corporation 

Little Neck, New York 

Introduction and Summary 

This paper describes a fixed-tuned diode 
parametric amplifier for the frequency range l|06 
to Me. The one-port was chosen in preference 
to the other types of parametric anplifiers for 
the following reasons : 

1. The diode mount of a one-port amplifier 
requires external ports only for signal 
frequency and pump frequency. This makes 
the construction quite simple compared to 
a mount which must provide an external 
port for one of the sidebands. 

2. Two or more one-port stages are easily 
cascaded with resultant increase in gain, 
bandwidth, and noise-figure safety margins. 
The ease of cascading is due to the fact 
that the signal output frequency is the 
same as the input frequency, allowing 
identical or similar design of the 
successive stages. 

The amplifier to be described uses two 
stages to achieve an over-all noise figure 
under 2.0 db when a vacuum-tube post amplifier 
is used. The gain per stage is only about 9 db. 
This reduces sensitivity to pump-level changes 
and temperature drift of the components. A 
block diagram of the amplifier is shown in Fig. 
1. 

Circulator System 

The success of this type of amplifier is 
critically dependent on the availability of broad¬ 
band low-loss circulators. Such circulators for 
the hOO-Mc range became available commercially in 
mid I960. Three of these are used: one in con¬ 
junction with each of the two one-port amplifiers 
to provide separate input and output ports for 
each stage, and one to serve as an isolator be¬ 
tween stages. A compact field-displacement or 
absorption-type isolator might have been used in 
place of the interstage circulator. However, 
better over-all performance was obtained by 
specifying the entire nonreciprocal network as a 
single assembly. Manufacturers who quoted on the 
assembly invariably preferred to use Y-junction 
circulators throughout. 

Main Signal Path 

Fig. 2 shows the intended signal path. A 
wave of unit amplitude incident on the input port 
of the first circulator is routed with complex 
voltage transmission coefficient t| to the first 
parametric one-port. The complex reflection co¬ 
efficient f of the one-port has a magnitude of 
about J. The reflected wave from this one-port 
is routed to the next circulator, which in turn 
routes it on to the third circulator. Assuming 
that the circulators are identical, the reflected 
wave from the first one-port suffers the complex 
transmission coefficient tp in making its way to 
the second one-port. 

The second one-port (identical to the first 
for simplicity) also has a reflection coefficient 
/> with magnitude of about 3. The reflected wave 
from this one-port leaves the output port of the 
last circulator and proceeds to the post amplifier. 

All told, the forward signal path makes five 
passes through circulators and undergoes two re¬ 
flections. The-forward gain is therefore: 

tj5/? (1) 

Feedback Loops 

Fig. 3 shows the six principal feedback 
loops which are present in this amplifier. Fig. 
3a shows that a signal traversing the full for¬ 
ward path of the amplifier can be reflected by 
the post amplifier, whose reflection coefficient 
is? 2. This reflected wave is transmitted back 
to the second circulator which has been included 
to stop just such backward transmission. Most of 
the backward wave is absorbed in the termination 
of this circulator, but the circulator allows 
some backward transmission, specified by the com¬ 
plex number tg, toward the first circulator. The 
first circulator routes the backward wave to the 
source. The reflection coefficient?! of the 
source completes the feedback loop. The complete 
loop of Fig. 3a contains seven forward passes 
through circulators and one backward pass, as 
well as four reflections. The loop gain is 
therefore: 

Path (a): tt7 t2/>2 fif>2« (2) 
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The feedback path shown in Fig. 3b is similar 
to the above, except that the reflected wave from 
the second one-port returns via the reverse trans¬ 
mission t2 of the last circulator. Thus, two for¬ 
ward passes are eliminated and one reverse pass is 
substituted for the post-amplifier reflection. 
The loop gain is therefore: 

Path (b): (3) 

In the feedback loop of Fig. 3c, the post¬ 
amplifier reflection is included but the source 
reflection is eliminated by reverse transmission 
through the first circulator. The loop gain is 

Path (c): t|5t2f>2f2* U) 

The feedback path of Fig. 3d eliminates both 
source and load reflections by reverse transmission 
in each circulator. The loop gain is therefore: 

Path (d) : ti^ t^p2. (5) 

Fig. 3e shows a feedback path which is con¬ 
fined to the front end of the amplifier. The loop 
gain in this case is therefore: 

Path (e): t;t2 fi p (6) 

Similarly, Fig. 3^ shows a local feedback 
path at the output end of the amplifier whose loop 
gain is 

Path (f): tj P2p (7) 

Observed magnitude values for the various 
parameters are given in Table I. 

TABLE I. Typical Magnitudes of Parameters 

Para¬ 
meter 

Voltage 
Ratio 

Equiv. 
db Nomenclature 

t| 
t2 

P 
A 

0.98 
0.22 
0.33 

3.0 
0.20 

- 0.2 
-13.0 
- 9.6 

9.5 
-1U.0 

Forward Loss 
Isolation 
Source Reflection Co¬ 
efficient (2:1 VSWR) 
One-port gain 
Load reflection Co¬ 
efficient (1.5:1 VSWR) 

The value of t2 shown in Table I applies 
only at the band edge and at a temperature ex¬ 
treme; it is much better at mid-band. The other 
parameter values apply across the band. The for¬ 
ward gain and the loop gains for all the paths of 
Fig. 3 are given in Table II, computed from the 
values of Table I. 

TABLE II. Forward and Loop Gains 

Path 
Voltage 
Gain 

Equiv. 
db Frequency where important 

Forward 
Loop (a 
Loop (b 
Loop (c) 
Loop (d) 
Loop (e, 
LOOP (f, 

7.9 
0.11 
0.13 
0.079 
0.093 
0.22 
0.13 

18.0 
-19.0 
-17.6 
-22.0 
-20.6 
-13.3 
-17.7 

Flat across band 
Band edge only 
Band edge only 
Band edge only 
Band edge only 
Band edge only 
Band edge only 

The separate loop gains listed in Table II 
show that the interstage isolator has broken up 
the most serious of the feedback loops, leaving 
(e) as the most troublesome. 

The loop gain for path (e) can only be re¬ 
duced by lowering the first-stage gain and/or pro¬ 
viding an input isolator. There are already three 
ferrite devices in the main signal path of the 
amplifier, so that we were quite reluctant to add 
another. Furthermore, isolator loss at the input 
of the amplifier adds directly to the noise figure. 
Path (f) is not affected by the interstage iso¬ 
lator but it is affected by load reflection co¬ 
efficient. This has therefore been made small by 
designing the input circuit of the vacuum-tube 
post amplifier for impedance match rather than 
best noise figure. 

In the actual amplifier, the effect of the 
feedback loops can be seen on an automatic re-
flection-coefficient plotter when the input re¬ 
flection coefficient is observed over the fre¬ 
quency band. There is about one revolution on the 
Smith Chart over the UU-Mc band (l*06 to U50 Me) 
and the magnitude is dependent on the reflection 
coefficients of the two one-ports. Moreover, 
there is some ripple observed when a mismatched 
antenna on a long transmission line is simulated 
and over-all gain is plotted against frequency. 
However, while these effects can be observed in 
laboratory measurements, they are harder to find 
in a practical installation and are not noticeable 
in operation. The triple-circulator assembly des¬ 
cribed has therefore proved adequate. 

Design of One-Ports 

In order to present a reflection coefficient 
greater than unity in magnitude, the one-port must 
contain a signal-controlled active device. In the 
present case, a nonlinear capacitance is used to 
control the flow of RF pump power into the ex¬ 
ternal circuit at signal frequency. In accordance 
with well-known principles,1 power at the lower-
sideband (idler) frequency must be dissipated. In 
this amplifier, idler power is entirely dissipated 
in the diode internal resistance. 

Fig. b is a cross section of the one-port 
showing external terminals for signal, bias, and 
pump power. A small silicon varactor diode about 
1/8" long and 1/8" in diameter is located at the 
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center of the drawing. One end of the diode 
cartridge presses against a spring-loaded piston 
which is surrounded by a double concentric set of 
spring fingers. These fingers form a low-induc¬ 
tance path between the piston and the fixed con¬ 
ducting sleeve. Movement of the fingers controls 
the inductance in series with the diode. 

The outer conductor of the variable inductor 
is interrupted by a capacitive gap across which 
the pump voltage appears. At pump frequency, this 
capacitor resonates with a coaxial-cavity resona¬ 
tor approximately */2 long surrounding the diode 
mount, as shown in Fig. U. The coaxial line from 
the pump source feeds the cavity by means of a 
probe at the center. A capacitive screw at the 
center of the cavity tunes the system to resonance 
at the fixed pump frequency of $930 Me. The 
resonant pump feed allows appreciable pump voltage 
to appear across the capacitive gap in spite of 
its low reactance. 

At the lower-sideband or idler frequency 
(which lies in the range of 5502 + 22 Me) the pump 
feed resonator is almost an open circuit across 
the pump feed capacitor. Therefore, only the 
small capacitive reactance of this gap appears in 
series with the diode at idler frequency. Thus, 
the resonator pump feed causes negligible distur¬ 
bance to the diode circuit at idler frequency and 
upper-sideband frequency. At signal frequency, 
the small inductive reactance of the pump feed 
cavity short-circuits this gap and there is no 
disturbance to the signal circuit. It is, however, 
necessary to control the gap capacitance carefully 
to avoid a parallel resonance with the feed cavity 
near the signal-frequency band. 

The diode is so located in the coaxial line 
that the pump feed gap is at about the mid-point 
of the diode cartridge. One end of the diode is 
connected to the outer conductor by the spring-
loaded piston and contact fingers already des¬ 
cribed. The other end of the diode presses 
against a stationary contact whose capacitance to 
the outer conductor completes the diode circuit as 
far as pump,, lower side-band and upper-sideband 
frequencies are concerned. 

Connection to the UHF circuit box is made 
across this latter capacitive diode contact. The 
lead from the contact is very thin and becomes the 
center conductor of a coaxial trap one quarter¬ 
wave long at pump frequency. This choke prevents 
pump, idler, and upper-sideband currents from 
flowing into the UHF box by introducing an open 
circuit in the lead coming from the diode contact. 
The short-circuited end of this quarter-wave choke 
is connected via a button mica capacitor to the 
center conductor of a male type-N panel-mounted 
connector. A piece of bus bar from the choke to a 
button mica bypass forms a shunt inductor and a 
DC feed to the diode. The bias lead enters the 
UHF compartment via a button mica capacitor and an 
RF choke as shown. 

Except for the pump-feed resonator and the UHF-
lead trap, the entire one-port is composed of 
lumped circuit elements. The equivalent circuit 
of Fig. 5 includes all the elements which have been 
mentioned so far. Symbol Lg designates the varia¬ 
ble inductor formed by the movable contact fingers, 
C the gap capacitance across one end of the pump¬ 
feed resonator, and Cb the shunt capacitor formed 
between the stationary diode contact and its 
support. 

The equivalent circuit of the diode cartridge 
has been included in Fig. 5. The non-linear 
junction capacitance Cj is in series with the bulk 
semiconductor resistance Rs. The shunt capacitance 
between the semiconductor block and contact spring 
is Ci. The inductance Li represents the magnetic 
field due to currents on the metal end pieces, and 
the package shunt capacitance is C2. Both C2 and 
Li depend on the surrounding metal parts. In this 
diode mount, these surrounding metal parts have 
been carefully designed to enclose the diode as 
tightly as possible. This is to decrease and 
12 in order to obtain maximum bandwidth, as will 
be explained. 

Using the simplest theory, the diode junetien 
capacitance Cj is caused to vary sinusoidally at 
the radian frequency of the pump source. As far 
as the effect on the signal is concerned, the pump 
voltage and charge may be ignored and Cj may be 
replaced by the time-varying capacitance, 

Co t- C (8) 

where Co is the average junction capacitance, hC 
is the peak-to-peak variation. The time origin 
is taken at the forward peak of the pump waveform. 
The average capacitance can be included with all 
the other linear, non-varying circuit elements, as 
shown in Fig. 6. 

The time-varying part of the capacitance to 
the left of the dotted line acts as a frequency 
translator. The admittance looking to the right 
from these te mina Is is Yp at idler radian fre¬ 
quency «2 and YX at upper-sideband radian frequensy 
S. These admittances are respectively transronned 

to the admittances yp and yx which are seen 
looking to the left from the dotted terminals at 
signal radian frequency The transformations 
are described by 

2 
-^2 C 

y2 = Ÿ2* (9n) 
C2

y3 - I3 (9b) 

The admittance y2 contains the negative conduc¬ 
tance responsible for the amplifier gain. The 
asterisk in (» denotes complex conjugate. The 
choke in the UHF circuit lead makes it unnecessary 
to consider elements beyond capacitor Cb in com¬ 
puting Ï2 and ^3» 

It will be noted that although the circuit of 
Fig. 6 is not exactly a single mesh, only the 
small parasitic capacitances Cl and C2 prevent it 

87 



from being considered as such. It will turn out, 
however, that the diode package capacitance Cp 
falls approximately at a voltage null for idler 
frequency 64p. Moreover, the combination of Co and 
RB will be essentially reactive at idler frecuency 
when a good-quality varactor is used. This permits 
Cl to be lumped with Co with a slight lowering of 
the value of Rs to maintain the same Q factor. 
These approximations result in the equivalent cir¬ 
cuit of Fig. 7, where the reactance of Cp has also 
been neglected. 

For maximum negative conductance, the ad¬ 
mittance Yp should, according to equation 19a), be 
approximately real and of minimum value. This 
requirement is satisfied by parallel-resonating C o 

with the other elements shown, and by not intro¬ 
ducing dissipation other than Rs. Parallel re¬ 
sonance for Yp corresponds roughly to series re¬ 
sonance in the single mesh of Fig. 7. 

For maximum bandwidth, the susceptance slope 
of Yp should be minimized. This corresponds to 
minimizing the reactance slope of the mesh. For 
any given Ra, maximum bandwidth means minimum Li + 
Lp. This is the reason for surrounding the diode 
as closely as possible with a close-fitting metal 
shell, since the inductance of any device approxi¬ 
mating coaxial geometry depends on the diameter of 
the outer conductor. 2

The idler-mesh bandwidth is independent of the 
choice of Co and Cb. The largest available junc¬ 
tion capacitance is used in order to minimize the 
signal-voltage swing at a given power level. This 
provides the widest dynamic range. Consideration 
of the maximum capacitance available in the differ¬ 
ent cutoff—frequency categories available from the 
diode manufacturer leads to the specification of 
2.17 pf + 19Ä as the junction capacitance at zero 
bias. The average junction capacitance when opera¬ 
ting is assumed to have the nominal value of 1.9 pf • 
The stray capacitances Cy and Cp each appear to be 
about 0.12 pf for the pill package chosen. 

The choice of Cb involves a compromise between 
two considerations. A large value of Cb increases 
the susceptance slope at signal frequency end 
narrows the bandwidth. A small value of Cj, allows 
a large idler and pump voltage to appear across the 
capacitor and makes filtering in the UHF circuit 
lead more difficult. The value chosen, 1.8 pf, 
appears to be a good compromise. 

If the capacitor Cp is assumed to be at a 
voltage null at idler frequency, as already men¬ 
tioned, the mesh capacitance is tho series combina¬ 
tion of 2.02 pf and 1.8 pf giving 0.95 pf. If the 
idler center frequency is chosen at 5502 Me, the 
value of Li + L2 required for resonance is 0.88 nh. 
The minimum inductance achievable in this diode 
mount is believed to be about 0.7 nh, so there is 
adequate margin between the nominal setting and the 
minimum. 

The idler frequency quoted above corresponds 
to a pump frequency of 5930 Me, which is near the 
low-frequency end of the tuning range of the VA220F 

klystron. This tube was chosen for its long life, 
fast delivery, adequate power output, and compara¬ 
tively low price. 

The value of Rs is about 2.0 ohms. If the 
idler circuit is simplified by lumping Ci with C o 
the corrected mesh resistance of Fig. 7 is 

RI - R f C°R~V “ 2«° (- OhmS
9 S \.CO + ¿1/ \ 2.02 / 

The mesh bandwidth is then 

Ri - I« 8 - 325 Me (11) 
Pn(tï+L2) 2^ '0.é8nh 

For a + 22 Mo frequency change, the mesh phase 
angle 'changes by 

♦ x 2 -+ 0.135 radian (12) 

The phase angle of Yp has approximately this 
same excursion. The mid-band value for Y2 is 
approximately 

Gp “ (^Po^o^Rs » (I?) 

where »20 is ^he center value of the idler radian 
frequency. The mid-band value of y2 is approxi-
ma tely 

_ «lo^oSf - - ^10 ( c )2. 1 
G2 *2o ( *RS

h?8 ,(0.2)2 - -I.553 mV (Ik) 5502 5 

assuming the capacitance ratio c/Cq " 1/5« T^9 
admittance yp will follow a constant-resistance 
circle if the idler mesh is slightly detuned to 
compensate for the variation of wq in (9) over the 
frequency band and also to compensate for the fact 
that the conductance contributed by Rs is not con¬ 
stant over the idler bend. The susceptance change 
in yp is roughly the value of expression (ill) times 
that of (12), or _+ 0.21 mV. 

The admittance yp appears at node B (defined 
in Fig. 5) in parallel with the node capacitance 
Co + Ci + C2 + Cb “ 3.9k pf* Over a + 22 Me band 
this node capacitance causes a + 0.5kC mu suscep¬ 
tance change. The inductive coupling network 
causes almost an additional + 0.5bk mV susceptance 
change. The admittance y^ reflected from the 
upper-sideband domain according to (9b) contributes 
a small amount of negative susceptance which does 
not very much with frequency. The total suscep¬ 
tance change at node B is ♦ 1.29 mV. The node 
conductance is almost consTant at -1.55 mV« 

Use of Circulator for Broad-Banding 

The equivalent circuit representing the im¬ 
pedance of the circulator is included in Fig. 5« 
The fixed resistor Ra can be considered to be the 
source. Its value was found by curve fitting to be 
90 ohms. The capacitor C8 contributes a _+ 1.58 mV 
susceptance change at node A over the frequency 
band. The two inductors of the circulator equiva¬ 
lent circuit, along with the inductive coupling 
circuit of the one-port add about _+ 1.5° muto the 
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susceptance cta>^e of node A. 

Each node (A and B) is roughly resonant when 
the other one is short-circuited. Both node ad¬ 
mittances have positive susceptance slope as a 
function of frequency. The admittance YL defined 
in Fig. 5 contains the self-susceptance of node A 
plus the inversion of the self-admittance of node 
B. 

For 9.55 db ga in at mid-band the mutual sus¬ 
ceptance of the inductive network between node B 
and node A must be chosen such that the -1.55 
node B conductance is transformed into -22.2 m U 
at node A. If this mutual susceptance were con¬ 
stant over the frequency band, the node B admit¬ 
tance locus would be transformed approximately 
into the constant resistance circle of Fig. 8. 

The positive susceptance slope at the source 
node squeezes the ends of the locus together. The 
vectors representing numerator and denominator of 
the reflection coefficient at U06 Me are shown 
dotted in Fig. 8. The ratio of these two vectors 
is 5.I8, or 10.06 db, showing a O.5 db rise in 
gain at the band edges. 

The mutual susceptance of the inductive tunirg 
network is, of course, not constant, since the 
mutual susceptance is inversely proportional to 
signal frequency. Some detuning of the diode con¬ 
tact node is required to avoid excessive skewing 
(loss of symmetry about horizontal axis ) of the 
Fig. 8 loci. The internal circulator node must 
also be detimed. All told, there are three causes 
of skewing: variation of conductance in the Yp of 
Fig. 6, variation of oq in expression (9a), and 
variation of the mutual susceptance between node B 
and node A. These three effects cancel each other 
to some extent. Detuning of the idler circuit and 
signal circuit nodes A and B removes tilt from the 
gain-vs-f requency curve. The over-all result is 
observed in adjusting the amplifier, so it is not 
necessary to specify exactly the various admittance 
loci. 

Although the amplifier is adjusted for flat 
gain in the U4 Me - wide band, the gain curve of 
the two-stage amplifier has been observed to be 
only O.5 db down at 78 Mo width and J db down at 
110 Me width. 

Without readjusting the inductance coupling 
network the gain curve tends to remain flat when 
diodes of different capacitance end cutoff fre¬ 
quency are inserted. The controls which are ad¬ 
justed when changing diodes are idler inductance 
(Lp), diode bias, end pump amplitude. Retuning of 
the pump feed cavity is not usually required. Its 
loaded Q is only about I50. The diode bias control 
tends to compensate directly for changes in diode 
capacitance from unit to unit, while the idler in¬ 
ductance control takes up the rest of the variation 
as far as idler resonance is concerned. 

Complete Dual-Channel Amplifier 

Fig. 9 shows a block diagram of a dual-channsl 

amplifier built for an airborne radar. A Type VA 
220 F klystron is used to feed the four one-ports. 
The klystron power is split by a ring hybrid, using 
one output for each channel. Each of these outputs 
is then split in half by a second stage of ring hy¬ 
brids to feed each stage. A strip-line assembly 
contains the three hybrids with terminations and 
four individual variable attenuators. Type RG-55/ü 
coax with TNC connectors is used to feed the indi¬ 
vidual one-ports. 

Fig. 10 shows a side view of the dual-channel 
amplifier. The circulator assembly for each chan¬ 
nel is mounted on an aluminum side plate which ob¬ 
scures the view. Dotted lines have been added to 
the photograph to indicate the locations of the 
circulators. 

Fig. 11 shows a close-up 
These are mounted directly on 

of the one-ports. 
the circulator jacks. 

The isolator between the pump klystron and the 
power splitter was found necessary in order to ad¬ 
just the pump level in one of the one-ports with¬ 
out varying the klystron output which would dis¬ 
turb the adjustments of the other one-ports. 
Klystron beam and repeller voltages are provided 
by an unregulated inverter-rectifier circuit fed 
from a regulated 28-volt DC supply. 

The over-all noise figure is under 2.0 db 
when feeding a vacuum-tube post amplifier having a 
7 db noise figure via 5 feet of RG-55/U cable. 
These measurements were made using a Kay Thermanode 
after comparing the impedance of the hot and room¬ 
temperature terminations. 

Although the required flat gain can be achieved 
with many combinations of bias, idler tuning, and 
pump level, it was observed on one occasion that 
the back bias had to be less than 0.5 volts to keep 
the noise figure under 2.0 db. This observation 
was not pursued to determine the noise mechanism. 

Diodes are inserted with the heat-sink end 
toward the idler tuner assembly. The radar pulse 
width is 6 us, and at 6 watts peak incident power 
each one-port absorbs about 1 watt, all of which is 
presumed to be dissipated in the diode. 
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Fig. 1. Block diagram of amplifier. 

Fig. 2. Forward transmission path. 
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Fig. 5. Equivalent circuit of one-port and circulator. 
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Fig. 6. Equivalent circuit for computation of negative conductance. 

Fig. 7. Approximate idler equivalent circuit. 

Fig. 8. Effect of circulator on admittance locus. 
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Fig. 9. Block diagram of complete two-channel amplifier. 

Fig. 10. Side view of dual-channel 
parametric amplifier. 

Fig. 11. Close-up view of parametric 
amplifier one-port. 
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SUPERCONDUCTING COAXIAL DELAY LINE 

Peter K. Shizume and Eo Vaher 
Air Armament Division 

Sperry Gyroscope Company 
Division of Sperry Rand Corporation 

Great Neck, L.I., New York 

A superconducting delay line is described 
having a diameter of 0.036 inch. The loss of 
this line was measured to be 2.5 db per micro¬ 
second at 9 kmc and 3.5° K. Variation of line lops 
with frequency was found to be proportional to , 
so that for operation at 3 kmc a loss of 0.3 db per 
microsecond is expected. The line is capable of 
operation over the frequency from 0-10 kmc, and 
delay-line volumes of 14 cubic inches per micro¬ 
second are shown to be possible. A method for 
measuring the very low losses in the line using a 
three-inch sample of the line is given, and meas¬ 
ured properties of some dielectrics and super¬ 
conductors are presented for temperatures down 
to 3°K. 

Introduction 

The ability to store microwave signals for 
periods in excess of one microsecond has always 
been a problem to microwave engineers. Short 
delays of a few tenths microsecond have been 
attained using low-loss transmission lines; how¬ 
ever, the associated loss and large volume of line 
required have limited the usefulness of such delays. 
More frequently, the technique has been to convert 
from microwave frequencies to megacycle fre¬ 
quencies where delay is accomplished in lumped 
constant or ultrasonic delay lines. These methods, 
although capable of giving delays of milliseconds 
in duration, suffer from limitations of narrow 
bandwidth and large conversion losses. 

Recent developments in the generation of 
microwave phonons in quartz show promise of 
extending the frequency range of ultrasonic delay 
lines to the gigacycle range. This is made pos¬ 
sible by cooling the quartz to temperatures below 
20° K, where substantial reduction in attenuation 
of sonic waves is realized. The early works of 
H.E. Bommel and K. Dransfeld1 and E.H. Jacobsen^ 
on such an ultrasonic cryogenic line have demon¬ 
strated the feasibility of obtaining delays of sev¬ 
eral milliseconds at frequencies as high as 10 kmc. 
Factors that presently limit the usefulness of this 
technique are (1) the large transducer loss in the 
conversion from the electromagnetic to the ultra¬ 
sonic mode of propagation and (2) the inherently 
narrow-band transducer techniques presently 
available. Conversion losses using cavity-type 
transducers used with this line have been reported 

to be of the order of 60 to 70 db, with bandwidths 
of only a few megacycles. 

This paper describes the work done on 
another type of cryogenic delay line. This line 
uses the low-temperature, superconductive 
properties of metals to enable the realization of 
low-loss delays. The feasibility of obtaining 
(1) modest delays of the order of 10 microseconds 
with losses as low as a few tenths of a db per 
microsecond, (2) bandwidths of several octaves, 
and (3) small volume has been shown with this 
type of line. 

The lack of practical engineering data on 
low-temperature properties of materials required 
this investigation to be primarily experimental. 
A coaxial configuration for the delay line was 
chosen, and the loss of various coaxial line con¬ 
figurations were measured using a resonant 
cavity technique. In this technique, measurements 
were made on three-inch sample sections of the 
line to determine the loss of the line. These 
measurements were also used to obtain the sur¬ 
face resistance and loss tangent of the materials 
composing the lines. The surface resistance of 
lead and niobium and the dielectric constant of 
Teflon and polystyrene were measured down to 
temperatures of 3° Kelvin. The frequency varia¬ 
tion of the superconductor surface resistance was 
also measured and found to agree with elementary 
theory. A one-half microsecond length of line was 
later constructed and its loss was found to agree 
with the results as given by the resonant cavity 
method. 

Low-Temperature Losses 

The losses expected in materials at low tem¬ 
perature are of particular concern to this investi¬ 
gation. These losses will determine the ultimate 
reduction of size and attenuation of the delay line. 
Possible sources of loss are conduction loss re¬ 
sulting from finite resistance in the metal walls of 
the line, and displacement loss in the dielectric 
medium of the line. The conductor loss mechanism 
is significantly modified at low temperature 
from that at room temperature. There are two 
conduction processes peculiar to low temperatures 
which will determine the metal losses. One is the 
anomalous-skin effect, which occurs for all metals, 
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and the other is superconductivity, which is pe¬ 
culiar only to certain metals. 

At temperatures below 30° Kelvin and fre¬ 
quencies in the X-band, high-conductivity metals 
exhibit losses that cannot be accounted for by the 
simple classical skin-effect relation. At these 
temperatures, the conductivity of the metal 
increases to the point where the skin depth, as 
determined by the classical description, becomes 
comparable to the increasing mean-free path of 
the electrons in the metal. When this condition 
prevails, the current in the metal varies from 
that predicted by Ohm's law. A kinetic theory of 
this effect has been developed by Reuter and 
Sondheimer^ and is called the anomalous-skin 
effect. The result of their theory has shown that 
the anomalous behavior of metals at these low 
temperatures can be accounted for by the assump¬ 
tion,, of an effective conductivity proportional to 
a>3/2 This anomalous behavior is common to all 
good conductors at low temperatures. 

The metals of primary interest to this 
investigation are those known as superconductors. 
A number of metals, alloys, and compounds have 
been found displaying this phenomenon, among 
them being lead, tin, and niobium - the metals 
examined in this work. The term superconduc¬ 
tivity refers to the infinite d-c conductivity that 
these metals display at temperatures below their 
transition. According to the classical description, 
the a-c surface resistance is zero for a metal 
having infinite d-c conductivity. In a supercon¬ 
ductor, however, in spite of the infinite d-c con¬ 
ductivity, a finite a-c resistance exists. This 
resistance is frequency dependent. For D.C., the 
superconductor exhibits zero resistance; however, 
as the frequency is increased, the resistance also 
increases, and, at microwave frequencies, a sig¬ 
nificant resistance can be detected. At infrared 
frequencies, the surface resistance of the super¬ 
conductor increases to the point where it becomes 
equal to that of the metal in its normal conducting 
state. 

London's macroscopic theory of supercon¬ 
ductivity4 gives a qualitatively accurate descrip¬ 
tion of the conduction phenomena that takes place. 
In this theory, a two-fluid description of conduc¬ 
tion is assumed. The currents in the supercon¬ 
ductor are divided into normal current, jn, and 
supercurrent, js. These are related to the total 
current j, by; 

j ^n + ^s 

= a E + jg

where a is the d-c conductivity and E is the 
electric-field intensity within the metal. The 
supercarrier population is assumed zero at the 
transition temperature. As the temperature is 
lowered, the supercarrier population increases 
as more of the normal carriers are transformed 
into the super state. 

An electric field impressed across the 
superconductor is assumed to accelerate the 
supercarriers in the same way that a force accel¬ 
erates a body. Thus we have the equivalent of 
Newton's equation of motion, 

AJL Js = E (2) 
St s

where A is a constant characteristic of the 
superconductor and is, in general, a function of 
temperature. If this expression for E is substituted 
into Maxwell's equations, we have: 

(3) 

If the constants of integration are assumed zero, 
we obtain; 

Vx (A j ) = - B Ö (4) 

Equations (1), (2), and (4) are the basis of London's 
macroscopic theory. Together with Maxwell's 
equations, these are sufficient to describe, in a 
qualitative manner, the electromagnetic behavior 
of superconductors. Using these equations and 
applying the results from Reuter and Sondheimer's 
theory to account for the behavior of the normal 
current, it can be shown4 that the surface resis¬ 
tance will vary as ^2 for frequencies where 
ctAw«i This condition prevails for supercon¬ 
ductors at microwave frequencies. 

The dielectric loss observed in nonpolar 
materials at room temperatures is generally due 
to polar impurities in the material. The polar¬ 
izability of these ionic impurities are temperature 
dependent, and, at liquid-helium temperatures, 
they are expected to be largely " frozen in," so 
their contribution to the dielectric loss will be 
reduced. Therefore, substantial reductions in the 
loss tangent of certain dielectrics are to be ex¬ 
pected at low temperatures. 
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Experimental Setup 

Very little data is available on the proper¬ 
ties of materials at liquid-helium temperatures. 
It was necessary, therefore, to generate this 
information by direct measurements in liquid 
helium. An exhaustive study to determine the 
optimum materials for the line was not intended. 
Instead, the investigation was limited to a few 
specific materials which were used in making up 
small sample-line sections for evaluation at 
liquid-helium temperatures. 

Since the purpose of this investigation was 
to establish the degree of miniaturization possible, 
primary interest was focused on the measurement 
of line loss, since this ultimately controls the 
minimum practical line size. The measurement 
methods adopted were, therefore, based on the 
ease and accuracy with which this parameter 
could be measured, and, as a consequence, they 
did not lend themselves to precise evaluation of 
the individual properties of the materials com¬ 
posing the line. However, useful, if not precise, 
values for the low temperature properties of 
materials used in the line were obtained from 
these measurements. 

The transmission-line configuration chosen 
for this investigation was the coaxial line. This 
choice was made on the basis of low dispersion, 
low loss per unit delay, compact size, broadband 
characteristics, and simple, rugged construction. 
The procedure used to evaluate the line was to 
construct short, three-inch samples of the line 
to be tested. These line segments were trimmed 
and capacitively coupled at both ends to form a 
coaxial cavity resonant at the desired measure¬ 
ment frequency. Figure 1 shows the configuration 
of the fixture used to contain the line sample, and 
Fig. 2 shows the measurement setup and the 
manner in which the experiment was contained for 
measurement in liquid helium. 

The cavity-coupling coefficient could not be 
measured with the required accuracy because of 
thermal contraction of the feed lines and cavity 
parts that changed the coupling when the exper¬ 
iment was cooled to liquid-helium temperatures. 
Thus the cavity was loosely coupled, so the 
approximation QL = Qo could be assumed. In 
practice, the coupling was reduced to the point 
where a transmission loss in excess of 50 db was 
measured at resonance with the cavity in the 
superconducting state. For such loose coupling, 
Ql could be assumed equal to Qo with an error of 
less than one percent. 

Initially, the measurements were made 
directly in the liquid helium; however, it was 
found that the presence of liquid helium in the 

line and coupling space resulted in modulation of 
the cavity resonant frequency. Apparently, this 
was due to the boiling of the liquid helium in and 
around the cavity. It was also noted that the cavity 
Q, measured while immersed in liquid helium, was 
consistently lower than the value when the cavity 
was lifted above the bath, which suggests that 
liquid helium has a measureable dielectric loss. 
The sample line was, therefore, isolated from 
the liquid by the chamber shown in Fig. 2. A 
copper compression gasket was used to make a 
liquid-helium-tight seal. The chamber was first 
evacuated, then filled with pure helium to a 
pressure of about 1 mm of Hg (when the experi¬ 
ment was cooled to 4.2° Kelvin) to allow for better 
thermal contact with the bath. Stable measurements 
of the cavity Q could be made with this arrange¬ 
ment. Typical cavity Q's of 10° were encountered 
in these measurements. The cavity Q was 
measured by the decay-decrement method. 

The metals used in construction of the line 
samples were niobium and lead or lead-tin alloys. 
The dielectric used was Teflon. The metals were 
chosen on the basis of their high-transition tem¬ 
peratures, and Teflon was chosen because of its 
flexibility and ease in fabrication. Niobium was 
used for the center conductor, and the lead or 
lead-tin alloys were used for the outer conductor. 

To measure the loss contributed by the 
various materials of the line, measurements were 
made using the specially constructed, large 
(0.028-inch diameter) coaxial cavity shown in 
Fig. 1. The dielectric loss was separated from 
the metal losses by measuring the cavity Q first 
when it was filled with Teflon, and again when the 
center conductor was bead-supported. Three thin 
beads were used for this purpose anu they were 
positioned at the electric-field node positions in 
the cavity to minimize their effect. 

The loss contributed by the niobium center 
conductor was separated from the lead outer con¬ 
ductor by measuring the loss of the cavity when a 
0.062-inch diameter center conductor was used, 
and again when a 0.010-inch diameter center con¬ 
ductor was used. To use this method for separat¬ 
ing the loss due to the inner conductor from those 
of the outer conductor, it must be assumed that 
the surface conditions of the different-diameter 
niobium center conductors are the same. In 
practice, this is not likely to be the case; how¬ 
ever, the surface resistance values so obtained 
will be indicative of the average metal resistance. 

Dielectric constants and loss tangents of 
some other dielectrics were measured in the 
cavity shown in Fig. 3. This cavity is an X-band 
waveguide cavity. It was formed by pressing 
from a solid billet of lead. The material to be 
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measured was machined to fit into the cavity, and 
the dielectric constant and loss tangent were deter¬ 
mined from measurements of the resonant fre¬ 
quency and Q of the cavity. 

Experimental Results 

Figure 4 shows the equivalent loss per 
microsecond of a 0.036-inch diameter coaxial line. 
The center conductor of this line was a 0.010-inch 
diameter niobium wire; the dielectric was Teflon; 
and the outer conductor was 60-40 lead tin. The 
loss drops smoothly from 8 db per microsecond at 
4.5° K to 1.9 db at 3.2° Kelvin. 

In this same figure is shown the loss meas¬ 
ured for a four-foot length of the same cable, 
showing the effect of a splice in the outer conductor 
of the line. The splice was made by overlapping 
one outer conductor and swaging it snugly down 
over the other. Fusion of the metal was obtained 
at the outer surface. These results indicate a 
significant increase in loss from 5 to 12 db per 
microsecond due to the electrical discontinuity at 
the splice. The volume of a 10-microsecond 
length of this line having an outer conductor wall 
thickness of 0.005 inches is about 140 cubic inches. 
This volume is capable of being contained in liquid-
helium cryostate of the type commonly used in low-
temperature work. 

Measurements of the loss properties of lead, 
niobium, and Teflon were made using the 0.028-
inch diameter cavity shown in Fig. 1. The lead 
outer jacket of the cavity was formed by casting 
lead in the form of a cylinder and boring a hole 
through the axis to a diameter of 0.028 inch. Fig¬ 
ure 5 shows the variation in cavity Q for the case 
of a 0.062-inch diameter niobium center conductor 
and a solid Teflon dielectric. In Fig. 6 the same 
lead outer conductor is used as in Fig. 5, but the 
center conductors are supported by three Teflon 
beads placed at the electric-field node positions. 
Curve A of this figure shows the variation of Q 
when a 0.062-inch diameter center conductor is 
used, and curve B shows the variation when a 
0.010-inch diameter center conductor is used. 
It will be noticed from these figures that the lead 
outer conductor becomes superconducting at 7.5°K. 
The normal transition temperature for pure lead is 
7.22°K, and this increase of 0.28°K indicates a 
high degree of impurity in the lead used for the 
outer conductor. 

The line with the 0.010-inch diameter center 
conductor is noticed to have a lower loss than the 
line with the 0.062-inch diameter center conductor 
at temperatures just above 7.5°K and below 4°K. 
This behavior can be explained on the basis of the 
minimum attenuation configuration of the line. At 
temperatures above 7.5°K, the niobium center 

conductor is superconducting (transition temper¬ 
ature of niobium, 8.9°K), whereas the outer con¬ 
ductor is still in the normal state. The ratio of 
surface resistance for the outer and center con¬ 
ductors at this temperature is therefore as much 
as 50:1. For such large differences in the resis¬ 
tance of the two conductors, the optimum ratio of 
outer to center conductor diameter for minimum 
loss is about 25. (The conventional outer to inner 
conductor ratio of 3.6 assumes equal resistance 
for the inner and outer conductors.) The line with 
the 0.010-inch diameter center conductor, with a 
ratio of outer to center conductor diameter of 28, 
approximates this minimum-loss configuration 
more closely than the line with the 0.062-inch 
diameter center, and explains why the loss of this 
line is lower at this temperature. As the tem¬ 
perature is reduced below the transition of the 
outer conductor, the resistance ratio of outer to 
inner conductor is reduced to near unity as the 
outer conductor becomes superconducting and the 
line with the 0.062-inch center becomes the lower 
loss configuration. At lower temperatures, how¬ 
ever, the ratio of resistance of the outer to inner 
conductor begins to increase, due to the high 
residual resistance of the impure lead outer con¬ 
ductor, until below 4°K the loss of the 0.010-inch 
center conductor line once again falls below the 
0.062-inch diameter center conductor line. 

The results of measurements on the three 
line configurations discussed above were used to 
separate the dielectric and metal losses of the 
line. Figure 7 shows the temperature variation 
of the resistance of lead at 9 kmc. Results for 
two samples are shown in comparison with data 
obtained by Simon^ on vacuum-cast, high-purity 
lead specimens. One sample is seen to approxi¬ 
mate quite well the slope of Simon's result, where¬ 
as the other varies considerably from this. This 
later behavior is characteristic of rough or im¬ 
pure surfaces. 

Figure 8 shows the temperature variation of 
the surface resistance of niobium. The results 
on two separate sample pairs are seen to agree 
in regard to slope; however, one sample pair is 
noticeably more lossy than the other. Variations 
in the surface resistance of niobium, however, 
were found to be smaller than in lead, and in 
part this is probably due to the fact that niobium is 
more resistant to the formation of oxides and 
other corrosion products than lead, so that day-
to-day or sample-to-sample measurements are 
more consistent. 

The loss tangent of three different samples 
of Teflon was measured using the coaxial cavity. 
The results of these measurements are tabulated 
in Table I. The measurements indicate no 
measurable change in the loss tangent over the 
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temperature range specified. Other measure¬ 
ments of dielectrics made using the waveguide 
cavity are also tabulated. These measurements 
show a definite temperature variation of the loss 
tangent. It will be noted also that a noticeably 
greater loss tangent was measured for Teflon in 
these measurements as compared with those ob¬ 
tained from the coaxial cavity. This difference 
might be due to the differences in the purity of the 
Teflon used in the waveguide cavity compared to 
that used in the coaxial cavity, since the samples 
were not cut from the same stock. The differences 
in the temperature variation of the loss tangent is 
not understood. The polystyrenes are seen to be 
considerably more lossy than Teflon, and here 
again a definite temperature variation is indicated. 

The dielectric constant and loss tangent of 
liquid helium was measured. Due to technical 
difficulties, only one measurement at 4.2°K was 
possible. This measurement indicates that liquid 
helium has a small but significant loss at 9 kmc. 
This loss, however, might be due to condensed 
particles of other gases which are often noted to 
be present in liquid helium. The measured a-c 
dielectric constant of helium compares favorably 
with the results from Squire^ for d-c measure¬ 
ments. 

Figure 9 shows the frequency variation of 
the superconductor resistance. This result was 
obtained using the coaxial cavity by measuring the 
cavity Q at two successive resonant points. An 
approximate dependence,.of the surface re¬ 
sistance was found. The R(^) curve predicted 
from theory is shown for comparison. 

Conclusion 

These experiments have shown the feas¬ 
ibility of using a superconductive coaxial delay 
line for obtaining delays of up to 10 microseconds. 
Volumes for such a line are approximately 14 
cubic inches per microsecond of delay, and the 
maximum losses are 2.5 db per microsecond 
below 9kmc and3.5°K. Variation of line loss with 
frequency has been shown to approximate the 
dependence predicted from elementary theory,and 
from this dependence, the expected attenuation at 
3 kmc is only 0.3 db per microseconds. Band¬ 
widths of several octaves are possible because 
of the inherent broadband character of the line. 

The ultimate bandwidth of the line is limited only 
by the increasing losses that result at higher 
frequencies. Some further improvement in inser¬ 
tion loss might be possible using other materials; 
however, it is not expected that these improve¬ 
ments will be substantial. 

Because of the expense in maintaining large 
volumes at liquid-helium temperatures, the use¬ 
fulness of this technique is limited to maximum 
delays of approximately 10 microseconds. Max¬ 
imum operating frequencies are not expected to 
rise much higher than the X-band, because of the 
high losses at the greater frequencies. For ob¬ 
taining delays up to 10 microseconds, the super¬ 
conducting delay line has significent advantages in 
operating bandwidth and insertion loss over 
presently available techniques. A maximum in¬ 
sertion loss of about 30 db and useful bandwidths 
from 0 to 10 kmc are expected in such a line. 
The volume of the line (about 140 cubic inches for 
ten microseconds) makes it possible to contain 
the line in cryostats only somewhat larger than 
those presently being used in maser applications. 
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TABLE I 

Material 

Teflon 
(coaxial cavity) 

Frequency (kmc) T(°K) 

2.8-4.2 
3-4.5 
3-6.5 

Teflon 8.609 
( waveguide cavity) 

Cross-linked Styrene 8.842 

Polystyrene 8.846 

Liquid Helium 9.004 
(Squire) D.C. 

4.2 2.03 
3.1 2.03 

4.2 1.910 
2.5 1.910 

4.2 . 1.907 
2.5 

4.2 1.05 
3.5 1.05 

tan ft 

1.33 X 10*6
1.15 X 10' 6 
.75 X W6

3.03 X 10'6
2.33 X 10-6 

2.94 X W5
1.94 X IO’5

4.31 X IO’5
3.12 X IO“5

- IO’6

.SAMPLE LINE 

FIG. I COAXIAL-CAVITY CONFIGURATIONS 

FIG. 2 COAXIAL-CAVITY SETUP 
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FIG. 8 SURFACE RESISTANCE OF NIOBIUM 
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FIG. 9 FREQUENCY VARIATION 
OF SURFACE RESISTANCE 
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A WIDE-BAND MICROWAVE COMPRESSIVE RECEIVER 

F. J. Mueller and R. L. Goodwin 
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A Division of Cutler-Hammer, Inc 
Deer Park, Long Island, New York 

Summary 

The compressive receiver, developed by 
W. D. White of AIL and others, is useful when both 
high-frequency resolution and a fast scan rate are 
desired. The receiver uses a network "matched" to 
an internally-generated FM wave of large bandwidth¬ 
duration derived from the external signal. 

A practical receiver is described in which 
the network was realized as a tapped-delay-line 
filter (theoretical compression factor of 100) . 
The scanning local oscillator was a voltage-
tunable magnetron. The receiver scanned a selected 
800 -Me-wide RF band at a 100 kc/sec rate, with a 
frequency resolution of 2 to 3 Me. The compression 
factor obtained varied between 50 and 70. 

I. Introduction 

The compressive receiver, developed by White 
(reference 1) and others, is a new type of scan¬ 
ning superheterodyne designed especially for recon¬ 
naissance applications such as the interception of 
pulsed radar signals. Ry comparison, a conven¬ 
tional panoramic receiver is Umi ted in its ability 
to scan rapidly with high sensitivity and good 
frequency resolution—a limitation imposed by its 
maximum scan rate, which is approximately equal to 
the square of the IF bandwidth (reference 2). 
Thus, a conventional panoramic receiver with a 
10-Mc bandwidth is limited to a scan rate of about 
100 Mc/psec to obtain a frequency resolution of 
10 Me. 

The compressive receiver uses a pulse¬ 
compression network in the IF section to time¬ 
compress the output of the IF amplifier. Since 
the time of occurrence of the output is propor¬ 
tional to its RF frequency (because of the 
receiver's scanning action), time compression of 
the IF amplifiers output is equivalent to an 
increase in frequency resolution. The increase 
is proportional to the square root of the compres¬ 
sion factor of the compression network. Thus, the 
compressive receiver, scanning at 100 Mc/psec and 
having a compression factor of 100, has a frequency 
resolution of 1 Me rather than the 10 Me possible 
with a conventional receiver with the same scan 
rate. It has the sensitivity of a 1-Mc receiver 
(rather than that of a 10-Mc receiver), and the 
image response is suppressed by a factor that is 
twice the compression factor; the image response 
is suppressed 23 db in a receiver with a com¬ 
pression factor of 100. 

This paper describes the development of a 
wide-band compressive receiver that scans an 
800-Mc RF band in 10 psec. Major emphasis is given 
to the design and performance of the scanning 
local oscillator and the compression network. 

II. Overall Receiver Description 

The receiver is a double-conversion super¬ 
heterodyne: the intercepted signals are converted 
to S-band by the first converter and then down-
converted by a scanning second converter. Figure 1 
is a block diagram of the compressive receiver. 
The first converter is single-ended and converts 
one of three, selected, 800-Mc-wide RF bands into 
the first IF band of 2,600 to 3,4-00 Me. The first 
IF amplifier is a low-noise, S-band, traveling¬ 
wave-tube (TWT) amplifier. The local oscillator 
power for the second converter is obtained from a 
voltage-tunable magnetron (VTM) that is swept 
electronically from 2,900 to 3,800 Me in 9 psec 
with a retrace time of 1 psec. Thus, the scanning-
local-oscillator sweep rate is 100 Mc/psec, and 
the sweep repetition rate is 100 kc. 

The output of the second converter is a 
signal whose frequency varies with time (Figure 2) . 
During the sweep period, the converter output 
frequency sweeps through the second IF band (300 to 
400 Me) at different times, depending on the fre¬ 
quency of the RF intercept. Since the slope fre¬ 
quency versus time of the sweeping signal is 
100 Mc/psec, and the second IF bandwidth is 100 Me, 
a 1-psec FM pulse is developed in the second IF 
system. This pulsed FM signal is amplified by two 
UHF TWT amplifiers, one preceding and one following 
the compression network. 

The compression network (CN) in the second 
IF section reduces the 1-psec FM pulse width by a 
factor of 100: thus, the output pulse width from 
the CN is 10 nsec (nanoseconds). The CN is a 
tapped-delay-line with a band-pass filter on each 
tap. The delay line consists of about 64o feet 
of coaxial cable and has twenty taps and twenty 
band-pass filters. The tapping and recombining 
function is performed by directional couplers. 

Attenuators equalize the transmission losses 
through each tapping point to the output, and the 
coupler coefficients are varied from tap to tap. 
A shaping, or weighting, filter is also included 
in the second IF section; it shapes the frequency 
spectrum of the uncompressed pulse to provide 
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side-lobe reduction in the compressed pulse. A 
crystal detector and several wide-band (50-Mc) 
video amplifiers complete the receiver. 

III. Scanning Local Oscillator 

A. Introduction 

The local oscillator (LO) in the scanning 
second converter must sweep 2,900 to 3,800 Me in 
9 nsec and return to 2,900 Me in 1 psec. Thus, 
the frequency sweep rate is 100 Me/nsec, and the 
selected RF band is scanned at 100 kc/sec. The 
LO output power should be sufficient to drive a 
mixer, and the power variation across this band 
should be small. The prime requirement of this 
component (and of its associated sweep circuits) 
is a tuning rate with little deviation from the 
desired 100 Mc/nsec over the band, because, 
excessive deviations will result in poor pulse 
compression and low S/N ratio. 

Two types of electronically tunable oscil¬ 
lators were considered: ( 1) backward-wave oscil¬ 
lator (BWO) and (2) voltage-tunable magnetron 
(VIM). Both types can be rapidly tuned at 
extremely high rates over bands approaching an 
octave and both can be obtained with permanent¬ 
magnet focusing structures, which minimize supply 
drain. The VTM was chosen, however, because its 
linear tuning curve permitted the use of a sim¬ 
pler sweep circuit. The General Electric Type 
GL-7398 VTM, which covers the range 2,200 to 
3,850 Me with an average power output of 5 watts, 
was used. The tuning sensitivity is about 2.6 Me 
per volt. The VTM output frequency is determined 
primarily by its anode-to-cathode voltage but is 
a secondary function of anode current, load VSWR, 
and heater-voltage variations. Power output can 
be varied by changing the injection-electrode 
voltage (analogous to changing the voltage of 
the control grid in a conventional electron tube). 

To determine the optimum operating conditions, 
tuning-voltage versus frequency was measured at 
50-Mc increments, with injection-electrode volt¬ 
age as a parameter. The results of these meas¬ 
urements showed that an injection-electrode volt¬ 
age of +360 V, with respect to the cathode, gave 
the best tuning linearity over the desired band¬ 
width. Figure 3 shows the tuning curve of VTM 
Serial No. IO82-S and the corresponding slope¬ 
linearity curve, based on a "least squares," best 
straight-tuning voltage. 

A Miller sweep circuit drives the VTM cath¬ 
ode with a negative-going waveform that drops 
from +142 v to -206 v in 9 nsec. The anode of the 
VTM was maintained constantly at about l,400 v. 
To minimize incidental FM, a DC supply was used to 
energize the heater of the VTM. 

B. Linearity Measurement Procedure 

Final adjustment of the VTM sweep circuit, 
and subsequent measurement of the frequency-time 
linearity of the scanning LO, was obtained by 
using the test circuit shown in Figure 4. A time-

mark generator (Tektronix 181) generated sync pulses 
at the 100 kc/sec system scan rate. Since these 
"time marks" were not of sufficient amplitude to 
synchronize the VTM sweep circuit, an additional 
pulse generator (DuMont 4o4) was used for this 
purpose. 

The trigger pulse from the VTM sweep gen¬ 
erator circuit was applied to the delay trigger 
(Time Base B) of the oscilloscope (Tektronix 54$A). 
By means of the delay-time multiplier (Time Base A 
set to 0.1 nsec/cm), any 1-nsec portion of the VTM 
sweep can be examined. 

One input to the dual-trace oscilloscope 
prpampl1fi er is a 10-Mc sine wave from the time-
mark generator; the other input is from the 
detector and frequency meter on the VTM RF output 
line. The detector is loaded with a 100-ohm 
resistor to decrease the width of the frequency¬ 
meter "pip" (increased video bandwidth). 

To measure the scanning-L0 linearity, the 
following procedure was used. 

1. The delay-time multiplier was adjusted 
so that the first 1-nsec interval of 
the detected VTM output appeared on 
trace A. Ten sine waves appeared on 
trace B. 

2. The frequencies corresponding to "pip" 
locations directly over successive pos¬ 
itive peaks of the 10-Mc sine wave were 
noted. 

3. The delay-time multiplier was adjusted 
to bring the next 1-nsec interval 
into position, and steps 1 and 2 were 
repeated. 

4. This procedure was repeated until the 
whole 9-Usec sweep interval was 
examined. 

The scanning-L0 linearity-measurement pro¬ 
cedure outlined above removes the effect of scope 
time-base errors and ensures that the actual 
frequency-versus-time of the VTM RF output is 
being determined. It Is believed that each fre¬ 
quency was measured with an accuracy of +2 Me. 

C. Scannlng-LO Linearity Versus Time 

The scanning L0 converts a CW signal into a 
linearly frequency-modulated signal of 100 Me 
deviation in 1 nsec. If the frequency deviation 
in 1 nsec differs greatly from 100 Me, the system¬ 
output compressed-pulse width will Increase, and 
the peak amplitude of the conqiressed pulse will 
decrease. Therefore, a reasonable criterion of 
scanning-L0 performance is the deviation from 
the ideal 100-Mc/nsec rate over the IO range. 

Scanning-LO linearity is defined by the 
following equation: 

Linearity in percent (at f , t ) = 

X 100 percent 
f - f - 100 Me 

-
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where 

fx = frequency at 1.0 nsec after tx, in Me 

fx = frequency at t , in Me 

\ = time from beginning of sweep, in psec. 

The linearity versus time of the scanning L0 
(using VTM GL-7398 Serial No. 10Ö2-S) is shown in 
Figure 5. For 60 percent of the sweep time, the 
linearity was +2 percent. For 81 percent of the 
sweep time, the linearity was +5 percent. This 
means that the scanning L0 swept 100 + 5 Mc/psec 
for 81 percent of the total sweep timZ . 

IV. Compression Network 

A. Introduction 

The purpose of the compression network (ON) is 
to transform the linearly frequency-modulated pulse 
from the second converter into a higher-amplitude 
(higher-peak-power), smaller-time-duration output. 
The CN gives the compressive receiver the properties 
of high sensitivity, good resolution, and high 
probability of intercept, which are difficult to 
obtain simultaneously in conventional scanning 
receivers. 

The selection of the center frequency of the 
CN (and also of the associated second-IF amplifiers) 
was influenced by several factors: 

1. The IF center frequency should not be too 
high to accomplish compression; a tapped¬ 
delay-line type of CN suffers from high 
attenuation at high frequencies. 

2. The IF center frequency should not be too 
low to obtain good video detection; having 
an IF band that is close to the video 
band will result in poor video detection. 

3. The IF center frequency should be com¬ 
patible with readily available ampli¬ 
fiers of sufficient bandwidth. 

On the basis of these considerations, the 
300 to 400 Me band was chosen as the frequency 
range of the CN of the second IF band. Components 
for the CN, as well as TWT amplifiers optimized 
for this band, proved to be readily available. 

B - Formation of Compressed Pulse 

The CN has a time-delay-versus-frequency 
characteristic that is the opposite of the signal 
waveform (that is, it is one class of "matched" 
filter). This time delay is composed of two parts: 
( 1) a fixed time delay, tp (independent of fre¬ 
quency), and (2) a linearly varying time delay 
that varies from zero nsec at 400 Me to 1 nsec 
at 300 Me. When the 300-Mc component of the input 
FM pulse is applied to the CN, it does not emerge 
until 1.0 + tf nsec have elapsed. One nsec later, 
however, the 400-Mc component of the input FM pulse 
is applied, and this component passes through the 
CN in just tf nsec. Thus, the 300-Mc and 400-Mc 
components of the input signal (as well as all 

the other components) emerge at the output simultane¬ 
ously and add in-phase to a high-peak amplitude. 

Idealized input and output waveforms asso¬ 
ciated with the CN are shown in Figure 6. Theoret¬ 
ically , the output pulse width, measured at -4 db 
points, is the reciprocal of the input bandwidth 
(100 Me) or 10 nsec. The compression factor, given 
by the product of input signal bandwidth (100 Me) 
and input signal pulse duration (1 psec) is 100. 
This is the factor by which the output peak power 
is increased over the input peak power (for a loss¬ 
less CN). The input and output pulse durations, 
and the input and output (resolution) bandwidths, 
are related to the compression factor by the 
equation 

CF = Tj = ^1 
T B 
o o 

where 

T^ = input pulse duration, 

To = outPut pulse duration, 

= input bandwidth, 

Bq = output bandwidth. 

Side lobes will also appear in the output, 
preceding and lagging the main response, because 
of the phase interference between the various 
components of the input waveform. In a network 
in which no attempt has been made to mí ni mi 
these side lobes, they are of sin t/t form; the 
first side lobe is only I3.2 db below the peak 
response. In a tapped-delay-line-filter network, 
however, there is no output until the input FM 
pulse completely "fills" the line (because of the 
band-pass filters in each tap), and the side-lobe 
level is futher reduced. 

Shaping or weighting of the input spectrum 
to the CN also tends to suppress the side lobes 
( references 3 and 4) . These side lobes are 
undesirable because they may obscure weak signals 
adjacent in frequency to a stronger signal. In 
addition, the use of weighting aids in minimizing 
compressed-pulse-width broadening caused by ampli¬ 
tude and phase deviations from the ideal in both 
the scanning L0 and the CN. 

C. Compression Network Design 

!• Network Configuration 

The CN is a tapped-delay-line, in the form 
of a ladder, with lengths of coaxial cable and 
directional couplers forming the sides of the 
ladder. The cables provide the major amount of 
time delay, and the directional couplers sample 
and also recombine the input signal. The rungs 
of the ladder are composed of band-pass filters 
with equalizing attenuators on their input and 
output terminals. Figure 7 is a simplified 
diagram of the CN. 
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The spacings between taps and the center fre¬ 
quency of the band-pass filters vary in a quadratic 
manner rather than in a linear manner. On the basis 
of computations made by W. White of AIL, the min¬ 
imum number of taps required for this type of CN 
to achieve a moderately low side-lobe level is 
given by the square root of the compression ratio. 
As a safety factor, twice this minimum was actually 
used; that is, 20 taps, rather than 10. Figure 8, 
a detailed schematic of the CN, shows the arrange¬ 
ment of the delay cables, directional couplers, 
filters, and equalizing attenuators. Figure 9 is 
a view of the rear of one of the three units in 
which the CN is packaged. 

2. Electrical Design 

The phase of the input signal versus time, 
with zero phase at 300 Me and at zero time, is 
given by: 

0 

where h is 

Also, 

f = 

= 2«F t +-H¿ 
o 2 

= 2n X 300 X 106 X t + 

X 100 X lO^ X t2 radians (1) 

12 
2n X 100 X 10 radians/sec 

/i , i de 

300 X io6 + 100 X io12 X t cvcles (2) 

The total phase shift in the input signal 
after 1 psec is: 

0T = 2« X 300 X 106 X IO-6 + 

2 

X 100 X io12 X (io-6 ) 

= 2it (350) radians (3) 

If we space the delay-line taps at equal wave¬ 
lengths, then the tap spacing is: 

eSP = = ^’5 x 2,1 radians W 

Relative to the 300-Mc end of the network, 
the tap spacing is : 

Equation 1 can be solved for t with the 
result: 

tn = 3 + y/9 + .175(2n-l) usee, (6) 

1 < n < 20 

The t values thus obtained are the total 
delay at each tap relative to the 300-Mc end of the 
network. The differential tap spacing, or spacing 
between each tap point, is the difference between 
t and t -1. 
n n 

NOTE 

Although the delay-line-tap spacing is 
calculated from the 300-Mc end of the 
network (that is, 300 Me occurs first 
in the signal waveform), in operation, 
the signal enters the 400-Mc end of the 
network. 

The center frequencies of the band-pass 
filters are obtained by substituting the t values 
from equation 6 into equation 2. 

Thus, 

= 302.9 Me, f2 = 308.6 Me, f3 = 314.2 Me, etc. 

The filters should have the following character¬ 
istics: 

1. Low insertion loss 

2. Approximately linear phase (constant 
time delay) over their bandwidth 

3- Filter crossover points not too far 
below the center-frequency response to 
pass the maximum amount of energy in 
the input pulse to the output 

4. Moderate, rather than sharp, selectivity 
to minimize filter "ringing." 

The band-pass filters were two-pole Butter¬ 
worth types having about 7-Mc bandwidth at -3 db 
points. Adjacent filter crossovers were -1.0 db 
relative to center-frequency response. Table I 
lists the filter center frequencies, their band¬ 
widths, and the filter tapping-point delay relative 
to the 300-Mc end of the network. Figure 10 shows 
the insertion-loss-versus-frequency plot of the 
filters. Type RG-213/U coaxial cables were used 
for the delay cables. 

The proper length of each cable was calculated 
in the following manner. First, the required 
differential time delay was converted to an equiv¬ 
alent length of "air dielectric" transmission line 
by the following relation: 

First: 1/2 x 17.5 (2n) radians from end 

2+1 
Second: ——;—x 17-5 (2n) radians from end 

Nth: 2n ~ ■ x 17-5 (2n) radians from end 

td(nsec) II.788 inches 
1 nsec electrical 

(inches) 
length (7) 
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Table I 

Compression Network Parameters 

Table II 

Compression Network Delay Cable Lengths 

Filter 
Center Filter Differential Cumulative 
Frequency Bandwidth Time Delay Time Delay 
(Me) (Me) (nsec) (gsec) 

302.9 8.0 O.O29O3 O.O29O3 

308.6 7-9 O.O5723 O.O8626 

314.2 7-8 0.05619 0.14245 

319.8 7-7 O.O5521 O.I9766 

325.2 7-6 0.05426 O.25192 

330.5 7-4 0.05338 0.30530 

335-8 7.3 O.O5253 O.35783 

341.0 7.1 O.O5172 0.40955 

346.0 7.0 0.05094 0.46049 

351.1 7-0 0.05021 O.5IO7O 

356.0 6.9 0.04950 0.56020 

360.9 6.8 0.04882 0.60902 

365.7 6.7 0.04817 O.65719 

370.5 6.6 0.04754 0.70473 

375-2 6.6 0.04694 0.75167 

379-8 6.5 0.04636 0.79803 

384.4 6.4 0.04580 0.84383 

388.9 6.3 0.04526 0.88909 

393A 6.2 0.0474 0.93383 

397-8 6.1 0.04423 0.97806 

NOTES 

1. Cumulative time delay is in reference 
to the 300-Mc end of the network. 

2. f = 300 + 100t f in Me, t in nsec 
n n n ’n 

3- tn = -3 + V9 + 0.175(2n-l) nsec 

1 < n < 20 

Second, this length was divided by two, because of 
the differential time delay is due to both "sides" 
of the "ladder" (Figure 7)- Third, the electrical 
length of the directional couplers was subtracted 
from the cable length arrived at in step 2. 
Finally, the electrical length of the right-angle 
connectors on each end of the cable was subtracted 
from the cable length arrived at in step 3* This 
value, divided by the square root of the cable's 
dielectric constant, is the length to which each 
cable was cut. Table II summarizes these calcu¬ 
lations. 

t,, Differential 
d 

Between Tap Points 
_ (nsec)_ 

Delay Cable Lengths 
(inches) Exclusive 
of RF Connectors 

57.2 

56.2 

55-2 

5^-3 

53-4 

52.5 

51-7 

50.9 

50.2 

I+9.5 

1+8.8 

1+8.2 

1+7.5 

1+6.9 

1+6.1+ 

1+5-8 

45-3 

44.8 

1+4.2 

214.1 

210.2 

206.3 

202.7 

199-2 

195-7 

192.5 

189.4 

186.7 

183.9-

181.2 

178.8 

I76.I 

173-7 

171-8 

169.4 

167.4 

165.5 

163.1 

1. 

2. 

where 

NOTES 

There are two cables at 214.1, 
210.2, 206.3 inches, etc. 

Cable length = 
’ II.788 inches 
. d * nsec 

L 
conn Ldc 

td = Differential delay in nsec 

L = Electrical length of directional coupler, 
12.17 inches 

^conn = Electrical length of two right-angle RF 
connectors, 3*15 inches 

■^ë" = I.503—square root of dielectric constant 
RG-2I3/U cable 
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Three methods of sampling and recombining the 
signal on the delay-line were investigated: 

1. Probe couplers 

2. Directional filters 

3. Directional couplers 

Probe couplers are small and inexpensive. 
However, tight couplings in excess of 15 db are 
not obtained without VSWR's that can combine to a 
large value when as many as Uo units are required. 
Directional filters have the advantage of being 
both filters and directional couplers combined and, 
in theory, are matched at all frequencies. However, 
in the 3OO to 400 Me range, their size opposed their 
use. Therefore, coaxial directional couplers 
having good coupling-versus-frequency character¬ 
istics, high directivity, and low primary-line 
VSWR were used. 

Fixed attenuators are inserted in the rungs 
of the ladder between the band-pass filters and 
the coupling ports of the directional couplers. 
These attenuators serve two purposes: 

1. Making the overall CN loss-versus-
frequency characteristic flatter 

2. Minimizing power reflection caused by 
off-tune filters; the high directivity 
of the directional couplers provides 
most of the isolation. 

As mentioned in Section II, the scanning-LO-
frequency sweep rate is 100 Mc/psec. The actual 
deviation from this rate was about +5 percent. 
Other investigators ( reference 5) have shown that 
shaping or weighting of the input spectrum mini¬ 
mizes compressed pulse-width broadening due to 
these scanning deviations as well as to amplitude 
and phase nonlinearities inherent in systems 
covering such a broad RF bandwidth. A two-pole 
weighting filter centered at 350 Me, with -3 db 
responses at 325 and 375 Me and -12 db responses 
at about 300 and 400 Me, was placed at the input 
to the CN. 

D. Overall CN Characteristics 

The amplitude-versus-frequency character¬ 
istic of the complete CN shows a loss that averages 
53 db across the 300 to 400 Me band (Figure 11). 
While tnis loss may seem excessive, it must be 
remembered that at the 300-Mc end of the CN (that 
is, with maximum amount of delay cable), the cable 
loss alone is about 24- db. Some measurements were 
also made to determine the phase-versus-frequency 
characteristic of the complete CN. Unfortunately, 
the lack of time forced abandonment of further 
work in that direction, and the phase-versus-
frequency characteristic was never fully determined. 

V. Overall Receiver Performance 

The following compressive-receiver performance 
characteristics were measured: 

1. Compressed pulse width (compression 
factor) 

2. Side-lobe level of compressed pulse 

3. Frequency resolution. 

A. Compressed Pulse Width 

CW signals, or pulsed carriers whose pulse 
duration is long compared with the system scan 
period, were applied to the first IF amplifier 
(in the 2,600 to Me range) to measure the 
compressed pulse width. Applying the test signal 
at this point removes the small amount of FM Jitter 
contributed by the local oscillator in the first 
converter. This aids in stabilizing the compressed-
pulse presentation on a monitor oscilloscope. The 
total Jitter in the presentation was about 10 nsec. 
Compared with a sweep period of 10 psec, the Jitter 
was 1 part in 1,000. 

The compressed pulse width was measured with 
the aid of a signal generator and a wide-band 
oscilloscope. The signal level from the signal 
generator was adjusted to provide a high s/N ratio 
(about 20 db). The oscilloscope gain was adjusted 
to provide a convenient display. The input power 
was then reduced 3 db, and the amplitude of the 
output was noted. The original input level was 
restored, and the pulse width was measured at the 
reference level previously noted. (This reference 
level was found to be between O.65 and O.7O of the 
peak amplitude.) These measurements were performed 
at 20-Me increments over the band from 2.6 to 
3.4 Gc. The compressed pulse width varied from 
15 to 22 nsec (Figure 12). The compression factor 
(the ratio of 1 psec to the compressed pulse 
width) thus varied from about 50 to 70, compared 
to a theoretical compression factor of 100. 
Figure 13 shows a typical compressed pulse. 

B. Side-Lobe Level of Compressed Pulse 

The side-lobe level was also measured while 
making the compressed-pulse-width measurements. 
The level of the highest side lobe was 18 to 20 db 
below the level of the peak amplitude of the 
compressed pulse. This is to be compared with the 
13-2-db first side lobe of sin t/t. 

C. Frequency Resolution 

The frequency resolution was measured by 
applying signals from two signal generators to 
the first IF amplifier and observing the compressed 
pulse output. The frequency separation was then 
varied until the output pulses merged to the point 
of 3-db peak-to-valley ratio. The frequency reso¬ 
lution was found to be 2 to 3 Me. Figure 14 shows 
the output indication for two signals that are 
100, 50, 20, 10, 5, and 3 Me apart, respectively. 
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VI. Conclusions 

A wide-band, microwave receiver that scans a 
selected 800-Mc-wide RF band at 100 Mc/psec has 
been described with emphasis on the design of the 
compression network and scanning local oscillator. 
By application of pulse-compression techniques to 
the design of this receiver, a resolution of about 
2 to 3 Me was obtained with band coverage in 
10 nsec. By comparison, a conventional receiver 
with a resolution of 2 Me would be restricted to 
a scan rate of about 4 Mc/psec and would require 
200 psec to cover the same band. 

VII. References 

1. W. D. White, "Electronic Circuits," U. S. 
Patent No. 2,882,395, 14 April 1959-

2. H. Batten, R. Jorgensen, A. MacNee, and 
W. Peterson, "The Response of a Panoramic 
Receiver to CW and Pulse Signals," Proc IRE, 
Vol 42, p 948-956, June 1954. 

3. C. E. Cook, "Modification of Pulse Compression 
Waveforms," Proc NEC, p IO58-IO67, 1958. 

4. G. Ohman, "Getting High Range Resolution 
With Pulse Compression Radar," Electronics, 
p 53-57, 7 October i960. 

5. J. Klauder, A. Price, S. Darlington, and 
W. Albersheim, "The Theory and Design of 
Chirp Radars," B.S.T.J., Vol 3% P 745-808, 
July i960. 

Acknowledgment 

The authors wish to acknowledge the helpful 
theoretical discussions with W. D. White, and the 
very able contributions of L. LoSasso, I. Maxwell, 
A. Wi 1H ams , and G. Kanischak to the realization 
of the equipment. 

FIRST SECOND SECOND 
CONVERTER CONVERTER IF SECTION 

VIDEO OUTPUTS 
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Fig. 2. Scanning action of compressive receiver. 
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FREQUENCY IN MC 

Fig. 3. Results of static tests on voltage-tunable magnetron. 
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Fig. 4. Circuit for testing linearity of scanning local oscillator. 
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Fig. 5. Frequency and linearity of scanning local oscillator. 
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A. INPUT WAVEFORM B. INPUT FREOUENCY-TIME CHARACTERISTIC 

C COMPRESSIVE NETWORK DELAY-FREQUENCY D. NETWORK OUTPUT 
CHARACTERISTIC 

Fig. 6. Idealized input and output waveforms of compression network. 
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AND HIGH-FREQUENCY 
REGION OF NETWORK 

\__J 

MAXIMUM-TIME-DELAY 
AND LOW-FREQUENCY 
REGION OF NETWORK 

k__/ 

INPUT 

nnhhhhonnnnnnnnnnnn TERMINATIONS 

OUTPUT 

BAND-PASS 
FILTERS AND 
ATTENUATORS 

DIRECTIONAL 
COUPLERS 
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Fig. 7. Simplified diagram of compression network. 
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Fig. 8. Detailed schematic diagram of compression network. 
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Fig. 9. Rear view of one compression network unit. 

RESONANT FREQUENCES IN MC 

ACTUAL 302.7 3092 314.7 319 9 325.5 330.7 336.3 341.3 346 9 3519 356.4 3612 366 0 370 9 375 6 380 0 384 6 389 1 393 5 3980 
DESIRED 302 9 308 6 314 2 319 8 325 2 330 5 335 8 3410 346 0 351.1 356 0 360 9 365 7 370.5 375 2 379 8 384 9 388 9 393 4 3978 

DETECTOR MOUNT 

Fig. 10. Insertion loss vs frequency of compression network band-pass filters. 
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Fig. 11. Insertion loss vs frequency of complete compression network. 

FIRST IF FREQUENCY IN MC 

Fig. 12. Compressed pulse width vs frequency. 
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HORIZONTAL SCALE: 
1.0 USEC/CM 

HORIZONTAL SCALE: 
0.1 USEC/CM 

HORIZONTAL SCALE. 
0.01 USEC/CM 

TIME INCREASES 
FROM RIGHT TO LEFT 

CW SIGNAL AT 3040 MC, COMPRESSED 
PULSE WIDTH: 16 AT -3 DB POINTS 

Fig. 13. Typical compressed pulse. 
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3300 MC, 3200 MC CW SIGNALS: 
(HORIZONTAL SCALE 0.5 USEC/CM) 

3300 MC, 3250 MC CW SIGNALS 
(HORIZONTAL SCALE 0.1 USEC/CM) 

3300 MC, 3280 MC CW SIGNALS 
(HORIZONTAL SCALE O. I USEC/CM) 

3300 MC, 3290 MC CW SIGNALS: 
(HORIZONTAL SCALE 0.05 USEC/CM ) 

3300 MC, 3295 MC CW SIGNALS. 

(HORIZONTAL SCALE 0.05 USEC/CM) 

3300 MC, 3297 MC CW SIGNALS: 

(HORIZONTAL SCALE 0.05 USEC/CM) 

IN ALL PHOTOGRAPHS, TIME 
INCREASES RIGHT TO LEFT 

Fig. 14. Frequency resolution of 
compressive receiver. 
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A COMPACT UHF HIGH POWER 
FERRITE ISOLATOR 

E. Wantuch and R. Poppe 
Airtron Division of Litton Industries 

Morris Plains, New Jersey 

Summary 

A compact UHF ferrite isolator was de¬ 
signed to cover the 406 to 450 Mc/s range. The 
isolator has been tested at power levels up to 
3 MW peak and 5 KW average. This isolator 
has been designed in single-ridge waveguide 
with transitions to 3 1/8" diameter coaxial 
line at each end. 

The ferrite, in the form of two strips, 
was mounted on the flat waveguide surface op¬ 
posite the single-ridge near the edges of the 
ridge. This arrangement is advantageous for 
water cooling. 

The ferrite used was a low saturation 
magnetization nickel aluminum ferrite capable 
of handling the high peak power without device 
deterioration. 

This isolator possesses a front to back 
ratio of approximately 20 to 1 under high power 
conditions. 

The overall length of this unit is 42" and 
its overall weight less than 100 pounds, which 
may be considered rather low at this low fre¬ 
quency range. 

* $ # # 

One of the most challenging problems re¬ 
maining in the ferrite device state of the art is 
the design of low frequency, high power isola¬ 
tors. 

High power systems, except super pover 
versions, in the frequency range below lOOOMc 
are generally designed in coaxial line rather 
than waveguide. High peak power breakdown 
problems are much aggravated by the use of 
coaxial transmission lines due to high electric 
field intensity at the center conductor surface. 

Also, the design of ferrite isolators in 
coaxial transmission lines requires partial load¬ 

ing with (high) dielectric material to produce lo¬ 
cal circular polarized magnetic fields for non¬ 
reciprocal device operation. The use of such 
dielectric loading enhances the possibility of 
corona in any small air gaps left between the 
center conductor and the dielectric. The grind¬ 
ing of such large ceramic bodies to close toler¬ 
ances also presents considerable difficulties. 

In the frequency range of 406 to 450 Mc/ s 
waveguide width of at least eighteen inches must 
be used for TEjomode transmission. Previous 
designs of high power isolators in this frequency 
range have used coaxial transitions to reduced 
height waveguide of this or larger width. Wave¬ 
guide height was reduced in order to lower the 
waveguide impedance and achieve better match 
to the 50 ohm coaxial line. In addition, reduc¬ 
ing waveguide height also has the advantage of 
reducing magnet weight by shortening the air 
gap over which the proper magnetic field strength 
must be maintained. 

The device described minimizes these de¬ 
sign limitations by the use of single-ridged wave¬ 
guide. A waveguide width of eleven inches was 
chosen with an aspect ratio of one-quarter. A 
ridge width of 6.6" was chosen, thus fixing the 
ridge gap at .66". The ridge edges were round¬ 
ed with a one-quarter inch radius and the entire 
structure was fabricated of one-quarter inch 
aluminum plates. 

The use of this transmission line permits 
the design of a rather simple transition to coax¬ 
ial line. 1 This transition consists of a door 
knob with the inner conductor of the coaxial line 
fastened to the top of the ridge. The character¬ 
istic impedance of the ridged waveguide was de¬ 
signed to be 50 ohms. A low VSWR transition 
without elaborate matching structure was devel¬ 
oped as is shown in Figure 1. This arrangement 
resulted in an input VSWR of less than 1. 12 over 
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the 10% band-width of interest. 
A low characteristic impedance trans¬ 

mission line also has the advantage of intensify¬ 
ing the r.f. magnetic field, thus resulting in 
stronger interaction with the ferrite material. 
In this manner more isolation per unit length may 
be achieved which is most desirable in the low 
microwave frequency range. 

The choice of ferrite material is influ¬ 
enced by several factors. First, the saturation 
magnetization must be kept low in order to ob¬ 
tain good isolation to insertion loss ratio at this 
relatively low microwave frequency. The re¬ 
sonance linewidth must also be kept narrow for 
the same reason. The composition chosenrrust 
resist the onset of non-linear behavior, which 
is characteristic of many ferrite materials at 
high r.f. magnetic field intensity. These fact¬ 
ors can be seen qualitatively in Figure 2. 

The above parameters can best be met 
by a substituted nickel ferrite. The saturation 
magnetization of nickel ferrite may be lowered 
by the substitution of aluminum for iron. This 
will result in a lowering of saturation magnetiza¬ 
tion with a compensation point obtained with an 
empirical formula of Ni Al 67Fei .33O4. Com¬ 
positions close to but below the compensation 
point result in a material having a high "g" fact¬ 
or which is undesirable. With aluminum substi¬ 
tutions of greater than . 75, the "g" factor is 
less than 2. In the above empirical formula a 
more suitable material can be produced with a 
moderate sacrifice of Curie temperature. Fig¬ 
ure 3 summarizes these relationships and indi¬ 
cates the composition used. 

In order to maintain stable device opera¬ 
tion, an efficient ferrite geometry had to be 

chosen from a heat-transfer standpoint. For¬ 
tunately, in single-ridged waveguide there are 
two circularly polarized magnetic field regions 
near the ridge edges. These have opposite 
senses of polarization; two ferrite slabs located 
in these regions may therefore be biased by 
means of a U-shaped permanent magnet. Proper 
direction of applied magnetic field may there¬ 
fore be obtained with an efficient magnetic cir¬ 
cuit. This arrangement is shown schematically 
in Figure 4. 

The following device performance was ob¬ 
tained with this design approach: 

Frequency range: 406 to 450 Mc/s 
Isolation: 7 db 
Minimum insertion loss: 0. 3 db 
Input VSWR: 1.20 max. 
Power handling capability: 3 MW peak, 5 KW 
average into 2:1 load VSWR at 30 psia of 
dry air. 
Overall dimensions of the device are shown 

in Figure 5, and a photograph of the unit is shown 
in Figure 6. 

Cooling was provided by a water and glycd 
mixture at an inlet temperature of 50°C. 

This device has been successfully flight* 
tested in an existing radar system and has per¬ 
formed reliably under typical military conditions. 

# # # 
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Fig. 1. Cross sectional view of transition. 
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Fig. 2. Applied magnetic field—general 
isolation characteristics. 

Fig. 5. High power isolator UHF. 

Fig. 3. Saturation magnetization and curie 
temperature vs. composition. 

Fig. 6. Photograph of complete unit. 

Fig. 4. Cross sectional view of ferrite section. 
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ANALYSIS OF RESONANT CAVITIES IN PARAMETRIC 
AMPLIFIERS AND FREQUENCY MULTIPLIERS 

Y. KAITO 
Nippon Electric Co., Ltd. 

Kawasaki, Japan 

Summary 

Using two fundamental resonant circuits, the 
analysis on the composition of parametric ampli¬ 
fier or frequency multiplier having a varactor 
diode was carried out. One of the two fundamen¬ 
tal circuits consists of a varactor diode, a 
transmission line and a parallel susceptance. 
The circuit using a quarter-wavelength resonator 
may be considered a variation of this circuit. 
The other circuit is composed of a varactor diode, 
a transmission line and a filter having different 
coupling coefficients. This resonant circuit can 
be conveniently used in frequency multipliers. 

The results of these analyses are shown in 
the accompanying two design charts. 2 Gc para¬ 
metric amplifiers, designed by making use of one 
of these charts, are being used in over-horizon 
communication systems in Japan and have gain of 
16 dB , bandwidth of 15 Me and noise figure of 
2.5 dB. A frequency multiplier, which has been 
designed by utilizing the other design chart for 
doubling 0.5 Gc to 1 Gc, shows an efficiency of 
50% at 500 mW output. 

Introduction 

The operating characteristics of microwave 
parametric amplifier with a varactor diode and 
frequency multiplier have already been discussed 
in the past by employing equivalent circuits. 
However there have been few discussions or papers 
on the subject of the composition of resonant 
circuits which become necessary when applying to 
actual circuits the results obtained through the 
use of equivalent circuits. 

This paper discusses how to compose actual 
resonant circuits in order to realize a para¬ 
metric amplifier or a frequency multiplier with 
desired performance. The optimum noise factor 
and large gain condition of parametric amplifier 
as well as the maximum efficiency of frequency 
multiplier depend on the cut-off frequency of 
diode, variation ratio of capacitance and fre¬ 
quency in use. 

And the coupling coefficient between the 
diode and the external load which gives this 
optimum condition can be calculated by means of 
the equivalent circuit. 

Accordingly in the analysis of a resonant 
circuit, the objective is to determine the elec¬ 
trical dimension of elements composing the cir¬ 
cuit to get the desired coupling coefficient. 

Equivalent circuits of parametric amplifier 

Representation of performance by equivalent 
circuit 

The relation between the constants of equiv¬ 
alent circuit and its operating characteristics 
will be briefly explained in the following, as it 
is necessary in the analysis of the resonant cir¬ 
cuit of parametric amplifier. An example of the 
equivalent circuits of a circulator-type para¬ 
metric amplifier or a lower sideband up-converter 
is shown in Fig.l. and U)o present the 
angular frequencies of signal, idler and pumping 
respectively. The parallel resonant circuits 
Lio ^10 and ^20 C20 in fig« i are assumed to have 
the symbolic meaning of being resonant to U4 and 
C02 respectively while offering a short-circuit 
path to any other frequencies. G^q and G20 in the 
figure are likewise assumed to represent the ex¬ 
ternal conductances of «4 and 0)2 while Gi and G2 
are the conductances indicating the losses of the 
diode at 04 and u>2 respectively. And it is 
further assumed that there is no loss in the cir¬ 
cuit itself. 

When AC is being pumped and changed as in 
the equation (1), 

AC = 2 Ci cos %t (1) 

As is widely known, the voltage reflection 
coefficient of uiiCr*), conversion gain (Conv. 
Gain) from 04 to 04 and noise figure (F) can be 
shown as the followings. And /f/2 represents the 
power gain of a circulator-type parametric ampli¬ 
fier. 1»2

p _ (Glo/Gi-l)(G2o/G2 + D* 444)2 Ci2XJiG2
' (Gio/Gp 1) G20/G2 + D -

Conv. Gain = , -I PI 2• i*g2/g20 04 " 1

(when G10»Gi) (3) 

F =. (1 ♦ ^1/W2) (1 * G1/G10) (4) 

In order to have sufficiently large, the 
following equation must be realized. 

(1 ♦ Gio/Gi)(l ♦ G20/G2) U444C1/G1G2 (5) 

As can be seen from the equations (2) to (5), 
the gain and noise factor of a parametric amplifier 
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are determined by Gx/Gxo (X = 1,2) and 
W1 C12/G1G2. 

Here, Gx/Gxo represents the coupling coeffi¬ 
cient between the diode and the external load at 
signal or idler frequency, and when this external 
load is a matched transmission line, the Gx/Gxo 
stands for the input conductance normalized by its 
characteristic conductance at the time when the 
pumping power is not applied. 

As to be described next,U/L4j2 C12/GtGj is 
the value depending on the characteristics of 
diode and pumping condition; and when this value 
becomes the maximum, the noise factor can be made 
the minimum under the conditions of a definite 
gain and bandwidth. 

Relationship between equivalent circuit and 
actual circuit 

The equivalent circuit of a varactor diode 
may be represented as in Fig. 2 by a series ele¬ 
ment of a fixed resistance Rs and a variable 
capacitance Cb which changes according to its 
bias voltage.3 

In order to be equal the actual resonator 
including a diode to the equivalent circuit such 
as shown in Fig. 1, when we look at the resonator 
from its external terminals, the input admittance 
must satisfy the following conditions: When the 
capacitance Cb of the diode is statically altered, 
the input conductance remains unchanged while only 
the input susceptance changes, and this change in 
susceptance must be plus and minus with 0 as its 
center whenever Cb is varied plus and minus with 
a certain value Co. In other words, the equiva¬ 
lent circuit shown in Fig. 3 has to be realized at 
<*>]. and 

Under this condition the resonant cavity 
mounted with a diode may be considered as a kind 
of impedance converter that transforms a diode 
impedance into an input admittance satisfying the 
above-mentioned conditions. 

An example of an ideal impedance transformer 
satisfying the said conditions is shown in Fig. 4. 
Fi and Fj in the illustration indicate ideal 
filters that pass and ¿üj only, blocking all 
other frequencies. 

The transmission lines £i and &2 have their 
lengths corresponding to the quarter wavelengths 
of U>i and a>2 respectively, their characteristic 
impedances being taken as Zo. T^ and T2 are ideal 
transformers while Bi and B2 indicate parallel 
susceptances. When operating as an amplifier, the 
external conductances of signal and idler (Giq and 
G20 in Fig- 1) are to he connected at the termi¬ 
nals aa' and bb' . Also R-jX is to be the imped¬ 
ance normalized by Zo of Rs and Cb in Fig. 2. 

When the diode is pumped at U)o, the change 
in Cb takes place in the following manner: 

Cb = Co + 2C]/ cosit>ot + 2C2' cos2u)ot (6) 

When this change in capacitance is observed 
through £ i or ¿2> th® normalized admittance 
becomes as follows: 

A _ R 1X = Rs • 1 
Yo - n J Zo “ZoUbcCo 

(1 + cos uJot + cos2ctbt) (7) GO GO 

Assuming 1 (8) 

J Z?àc32 <Co - 2CÏ cos«*t) 

Next, the admittance is transformed by T^ or 
T2 and the fixed portion of the transformed 
susceptance, which does not change at the fre¬ 
quency of CCb, is canceled out by Bi or B2. The 
input admittance as seen from aa 1 and bb1 can be 
represented in the following manner: 

Yin(X)r Rsu>x^Co^+ JU>x2Ci'cos <Cpt(X-l,2) 

By comparing this with the equation (1) and 
the equivalent circuit in Fig. 3, it becomes 
apparent that it can be denoted as follows: 

Cl * Ci' 

Gx Rs uix^o2

(9) 

(10) 

The equations (9) and (10) will be realized 
under the condition of the equation (8), and it 
is not imperative that the angular cut-off fre¬ 
quency cue corresponding to Co defined by the 
equation (11) has to be far greater than 
¿Ox (X = 1,2). 

“ CoRs 

Now, «Ji CÜ2 Ci2/GiG2, a factor determining 
the performance characteristic of parametric 
amplifier, may be represented in the following 
manner by using the equations (10) and (11). 

<V1¿O2C12 . _ m2 
G1G2 U>i <X>2 wi a¡2 

Here, ¿ and M are to be defined as follows: 

8 = , M = í CQ: (13) 
Co 

The lefthand side of the equation (12) is 
proportional to the product of the ratio of the 
absolute values of input susceptance to input 
conductance at Uli and the similar ratio at ¿O^. 
Accordingly, even if the impedance transformation 
ratio of T^ and T2 is changed in order to select 
the value of Gx/Gxo as one pleases, the value of 
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<1/ ÍO2C 12/G]p2 remains unaffected or fixed. In 
other words, this value is dependent on the figure 
of merit M of diode and the frequency used. ^»5 

Fig. 2* shows an ideal circuit which trans¬ 
forms a varactor diode, shown as a series element 
of variable capacitance and resistance, into a 
parallel circuit of variable capacitance and 
resistance, and in which a coupling coefficient 
Gx/Gxo can be chosen at any desired value. How¬ 
ever, in materializing this circuit in the micro¬ 
wave region, there are the problem of too many 
components, practical way of realizing an ideal 
transformer, etc. When an actual circuit satis¬ 
fies the following conditions, it becomes same 
to the equivalent circuit of Fig. 4 or that of 
Fig. 1. The conditions mentioned below serve as 
a basis in the analysis of fundamental resonant 
circuits. 

Conditions: When a varactor diode in no pumping 
power or cold state is observed through a some 
circuit by statically varying its bias voltage, 

1. Input conductance remains fixed regardless of 
the variations in the capacitance of diode. 

2. Input susceptance becomes zero when the 
capacitance of diode becomes Co. 

3. Under the conditions of 1 and 2, the normal¬ 
ized input conductance (Gx/Gxo = GIN) can be 
taken at any value. 

Analysis of fundamental resonant circuit 

Deferring to the next chapter the method of 
realizing frequency selective circuits such as Fj 
and F2 shown in Fig. 4, the analysis of a circuit 
transforming the diode impedance into parallel 
admittance will be described below. 

Transmission line resonator using a susceptance 

A fundamental resonant circuit as shown in 
Fig. 5 which consists of a coaxial line terminated 
by a diode and a susceptance shunted the line will 
be analyzed. Fig. 5 (a) may be redrawn like Fig. 
5 (b). 

The symbols or notation in the figure have 
the following meanings. 

R = — : Series resistance of diode 
normalized by the characteristic 
impedance of transmission line. 

-IX = -1 , „ : Reactance of diode 
C normalized by the 

characteristic impedance 
of transmission line. 

2R^ : Electrical length between 
diode and JB (radian) 

JB : Shunt susceptance normalized by the 
characteristic admittance of trans¬ 
mission line. 

: Electrical length between JB and the 
reference plane AA' for making Fig. 
5 (c). 

Gin : Input conductance seen from the 
reference plane AA' normalized by 
the characteristic admittance of the 
line (corresponds to Gx/Gxo in Fig. 
3). 

Fig. 6 is redrawn for the purpose of computing 
the input admittance as seen from AA' in Fig. 5 
(b). The following relationship exists among Ej, 
II, E2 and I2 of the circuit in Fig. 6. 

fEl] Í AB I ÍE2] [1 R-jX) ["cos d jsinö] 
[il] = (CD J [l2J P 1 J ]jsin0 cos#] 

[ 1 O'] (cos S’ jsincpUE2l (14) 
(jB 1J (jsinS» cosyj(l2 j 

The input admittance of Fig. 5 may be shown 
as - I2/E2 when the left side of Fig. 6 is short-
circuited or as A/B of the equation (14)- After 
calculations, the equation (15) will be obtained 
from the equation (14), 

By taking, 

A _ AA 
B “ BB 

(15) 

AA = R + ( R2- 1 - 2BX - X2 ) 2|?) 

+ ( R2B * BX2 ) cos 2̂  (cos 2? - BgÍEF ) 

+ ( B + B2X - R^ - 2X - BX2)sin 2? ÊUL2^. 

- ^sin 2^ sin2̂ +X cos 2fcos 2& 

+ B cos 2y>sin2^ ] 

BB = ^x-(cos (i*^) - B sinS’cosó’ 

+ B sin sin 

- sin(¿? + y>) j2 + R2

icos ■* 6} - B sin^cos^j2

From the condition that the input con¬ 
ductance in the equation (15) remains unaffected 
irrespective of changes in X, the term having X 
in the denominator has to be zero. From this the 
equation (16) results: 

Cot y = tan Ö + B (16) 
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Also assuming a resonant condition is reached at 
X — Xq corresponding to Cb = Co, then the imagin¬ 
ary part must become zero. Out of these stipula¬ 
tions after considerably long calculations the 
equation (17), convenient for design purpose, is 
obtained. 

~(2Xo ♦ B2Xo) 

20-ocs |B|/(xg +D^4) 

♦ cos-l 28 + B2Xo 

I Bl /(xo2 + 1)(b2+ 4) 
(17) 

In the equation (17) the following assump¬ 
tions are to be made: that B takes the limits of 
4Xq<B2 (B2 + 4), and if the angle of the first 
term has the limits of b/2 -ÎT , the second term 
takes the limits of 0 ~iy2 for 2 Xo> B and the 
limits of 0 —72 for 2 Xo< B when B> 0, while 
the second term has the limits of — ^2^-IT for 
IBl < 2/Xo and the limits of 0 ^~V2 for IB| > 

2/Xo when B < 0. 

From the equations (15), (16) and (17), the 
equation (18) for the input conductance Gin will 
be obtained. 

Gin = 2 * B2 ♦ /B2(B^ 4) - 4xJ 

R 2(XO2 ♦ 1) 
(18) 

The results of calculations obtained from the 
equations (16), (17) and (18) are shown in Fig. 7. 

It is apparent that by applying the char¬ 
acteristics R and Xo of a diode and the desired 
Gin - Gx/Gxo in Fig. 7, B, Q and f<  required for 
the composition of a resonant circuit may be 
obtained. By the way, since the calculations or 
computations needed to arrive at the curves in 
Fig. 7 are quite complicated, for the check of 
Fig. 7 it is convenient to make use of the Smith 
chart. 

Transmission line resonator using a filter 

Just as in the previous case, the analysis of 
this circuit will be carried out by using a sim¬ 
plified circuit as shown in Fig. 8 (a). Fig. 8 
(a) shows the circuit which consists of a coaxial 
line terminated by a diode and hes a filter having 
its input and output coupling coefficients differ¬ 
ing from each other connected to the lines. To 
make the explanation simpler, it is assumed that 
the resonant frequency of the filter is identical 
to the frequency of the resonant circuit. Fig. 8 
(a) can be redrawn like Fig. 8 (b). 

Of the symbols in the illustration, R, -jX 
and Gin have the same definitions as before, and 
the rest has the following meaning: 

Electric length to the point where 
the filter can be considered as an 
ideal transformer looking from the 
diode, (radian) 

k : Impedance transformation ratio when 
the filter is considered as an ideal 
transformer at the resonant fre¬ 
quency . 

: Electrical length from the point 
where the filter can be considered 
as an ideal transformer to the 
reference plane AA' where it is 
replaced with one like Fig. 8 (c). 

The input admittance, observing the diode 
side from the reference plane AA' in Fig. 8 (b), 
can be obtained by computing A/B of the equation 
(19) similarly as before. 

(AB).[1 R-jX] feos 0 jsinôíLç 0 feos? jsinfl ( 19 ) 
[cdJ [o 1 ] [jsinfl cos0j[o /k j [jsinf eos?] 

Same as in the previous case, from the two 
similar stipulations that the input conductance 
unalters even if X is changed and that the input 
susceptance at resonance or X = Xo is zero, the 
following equation is obtained. 

k coty = tan (20) 

cos 2? = + /7 
’ (1/k -k )2

cos 2 9 = /~, 4Xq2 K k 
’ (1/k - k)2

R _ b 1/k 1 /( k- l/k) z - 4XO2
Gin 2 

The results obtained from the euqations (20), 
(21) and (22) are shown in Fig. 9. In this chart, 
the lines corresponds to lines and dotted lines to 
dotted lines. By using this chart, &, k and f 
will be got at once from R and Xo of a diode, and 
desired Gin. 

Now the case where the resonant frequency of 
the filter is somewhat away from the frequency of 
a resonant circuit will be considered. In this 
case the filter is to be equivalently represented 
by the combination of an ideal transformer with 
turn ratio of /K : 1 and a parallel susceptance 
of + jb, (when the resonant frequency of filter 
is higher than the frequency of the circuit, the 
notation becomes -jb). 

When this circuit is operated as a para¬ 
metric amplifier, a characteristic admittance is 
to be connected across the external terminals. In 
other words, since an external conductance 1 is to 
be connected across AA' in Fig. 8 (b), if we con¬ 
sider an excess line + △ Padded to the detuned 
filter, as Fig. 10 (a) and the admittance seen 
from BB' , we shall find the circuit becomes like 
Fig. 10 (b) in which the susceptance has been 
canceled out, leaving the ideal transformer having 
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ratio of /K': 1. In this case if K-4C 1 and more¬ 
over if the frequency is only slightly out of 
resonance, then K' t K. This means that in Fig. 
8 without any change in £, #can be equivalently 
altered. For example, if the resonant frequency 
of a filter is shifted toward the hitler direc¬ 
tion, the equivalent 0 becomes shorter, result¬ 
ing in the hitler resonant frequency of this 
system. 

This fact indicates that the resonant fre¬ 
quency of the system can be changed without alter¬ 
ing the equivalent short plane of the filter at 
the frequency considerably away the resonant fre¬ 
quency of this filter, and from practical stand¬ 
point this is a very convenient characteristic of 
the resonant circuit. 

A quarter-wavelength resonant circuit 

As shown in Fig. 11, when a quarter-wave-
length resonator is terminated by a conductance 
Ga which is much smaller than the characteristic 
admittance Yo, the normalized input admittance 
Gin seen from the terminal placed at Ä , from 
shorting end is expressed as follows“; 

Ga 
Gin * 7777^1 (23)

Accordingly, Gin can be taken at any value by 
shifting the position of taps. If the relation¬ 
ship of the equation (24) exists between the 
operating frequency i*Jx and MJc as defined by 
the equation (11), the diode may be approximated 
to parallel elements consisting of Gx, Co and 4C. 

Therefore within the range where the equations 
(25) and (26) hold true, instead of Ga in Fig. 11, 
a diode may be placed to form a resonant circuit, 
the normalized input conductance taking the form 
of expression (27): 

Gx«Yo (25) 

«¿Co « Yo 

Gin j. Rs tOx^o2 1 
’ Yo Sin2 

_ R Í .. 
X? sin2 

(26) 

(27) 

For the range where the expression (24) to 
(26) do not hold true, the errors resulting from 
the equation (27) become considerable. Whenever 
this happens, since the resonant circuit can be 
restated like that in Fig. 12, this can be taken 
as a modification of Fig. 5 (b). By substituting 
0=02 ~&i> and B = cot in Fig. 7, the resonant 
conditions or Gin can be got. Furthermore, within 
the range where the expressions (24) to (26) are 
applicable, the equation (27) coincides remarkably 
well with the results obtained from Fig. 7-

Example of applications to parametric amplifier 

Composition of resonant circuits 

The structure of the resonator in a 2 Gc 
circulator-type parametric amplifier is shown in 
Fig. 13. The frequency ranges of signal ( «J^), 
pumping ( 4Û0) and idler («^2) are 1*7 - 2.3 Gc, 
7.75 - 8-1 Gc and 6.17 - 5.75 Gc respectively. 
The signal frequency ( «>1) enters from a 50 ohm 
coaxial line and after passing through two capa¬ 
citive metallic cylinders and a low-pass filter, 
is impressed onto the varactor diode MA-45OE 
located within a 7 Gc band low-impedance wave¬ 
guide. The resonant circuit of the signal fre¬ 
quency is composed of the varactor diode, two 
capacitive metallic cylinders and the lines con¬ 
necting them, its equivalent circuit becoming like 
the one shown in Fig. 5. By making the structure 
of the resonant circuit like the one as stated 
above, 0 in Fig. 5 can be made as desired by 
changing the distance between the diode and the 
metalcylinders while B in Fig. 5 can be chosen 
likewise by altering the distance between the two 
cylinders. 

Now assuming the average capacitance of 
diode Co = 1 p F, series resistance Rs = 5 ohms 
and the lead inductance of diode L = 2 myH, the 
reactance of diode at the frequency of 2 Gc 
becomes j “ J 55 ohm. Accordingly, 
the impedance of the diode normalized with the 
characteristic impedance of 50 ohm coaxial line 
becomes Xo = 1.1 R = 0.1 

Now in order to get the normalized input 
admittance of this resonator Gin = 0.2 at the 
input sitial frequency, by substituting Gin/R = 
0.2/0.1 - 2 and Xo - 1.1 in Fig. 7, IB| - 1.8 
and 0^ 75° + n x 180° will be obtained (where 
n = 0,1,2.. and B>0). These values of B and 0 
are the values when the uniform 50 ohm coaxial 
line is used. However, in the resonator designed 
like that shown in Fig. 13, it is necessary to 
get the actual values of B and 0 from Fig. 7 by 
adding to the above mentioned value of Xo the 
series reactance produced due to the discontinuity 
by the waveguide. Moreover to determine the 
actual resonant length from & found in this manner, 
the equivalent length of low-pass filter must be 
taken into consideration. 

Next, the resonant circuit of the idler fre¬ 
quency (Cdj) i3 composed of the section between 
the diode and the inductive window provided in the 
7 Gc low-impedance waveguide. The shorting plate 
behind the diode is located at approximately a 
quarter wavelength of «>2» “d it does not affect 
the idler circuit much and is mainly used for 
matching pumping power. Therefore its equivalent 
circuit, just as before, is represented by the one 
shown in Fig. 5 (b). The minute adjustments of 
and B are carried out by means of a tuning screw 
set between the inductive window and the diode as 
well as by a screw set on the inductive window. 
In designing this circuit because of the obscure 
characteristic impedance of waveguide, there are 
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many factors which have to be determined experi¬ 
mentally, nevertheless the design chart shown in 
Fig. 7 is very useful in conducting such experi¬ 
ments . 

For instance, when experimentally realizing 
Gin by making use of a capacitive stub with vari¬ 
able position, if B of the stub as well as its 
resonant length ¿ are actually measured, the 
values of B and^ which give the corresponding 
the same Gin by replacing the stub with an induc¬ 
tive window can be easily found from the chart of 
Fig. 7. 

The pumping power (U)o) 18 impressed to the 
diode through 10 Gc band waveguide. Since this 
10 Gc waveguide is in the cut-off range against 
CÖ1 and CÛ2, there is no leakage. 

Performance characteristics 

Fig. 14 shows the input admittances of signal 
and idler circuits in no-pumping state for changes 
in the bias voltage of diode. These input admit¬ 
tances were obtained when getting the performance 
characteristic to be described below. 

Althou^i the fixed bias voltage under operat¬ 
ing condition is -0.7 volt, as can be seen from 
the chart the bias voltage is approximately around 
-0.3 volt for the zero value of input susceptance. 
This indicates that the bias voltage corresponding 
to Co in the equation (6) is around -0.3 volt. 
Furthermore it is needless to say that the Co 
which gives the maximum figure of merit M depends 
on the variety of diode and coefficient of pump¬ 
ing (S ), but it is essential to make note of the 
fact it is also dependent on the resonant circuit 
of pumping frequency. 

In other words, even though the bias voltage 
in pumping state varies at the frequency of CUOj 
that the wave forms of pumping voltage gets the 
sine wave or the distorted form containing harmon¬ 
ics depends on the selection of the pumping reso¬ 
nant circuits. Therefore, the same diode and the 
same fixed bias voltages do not result the same 
values of Co and Ci- The 2 Gc parametric amplifier 
was composed of the Fig. 13 resonator adjusted as 
Fig. 14, 2 Gc circulators with the forward loss of 
about 0.4 db and the reverse loss of over 40 dB, 
and the 2 Gc receiver with the noise figure of 
about 8 dB. We have got the following performance; 
the overall noise figure 2.5 dB (1.8 dB for the 
parametric amplifier only), gain of parametric 
amplifier 16 dB, bandwidth I5MC, and pumping 
power approximately 30 nW. 

The calculated value of noise figure arrived 
at by substituting in the equation (4) the numeri¬ 
cal values obtained from the chart of Fig. 14, 
G1/G10 = O- 1?, G2/G20 - !*5 and CÜ1/CÜ2 = 0.286, 
coincides quite well with the actually measured 
value. Also by putting the afore-mentioned values 
Gj/G^o and Gj/Gjq in the equations (5) and (12), 
the figure of merit M for the diode MA-45OE is 
found to be 11.1 Gc. 

Stability Figs. 15 and 16 are examples showing 
the fact that the characteristics of this para¬ 
metric amplifier is stable against pumping varia¬ 
tion, Fig. 15 giving the changes in gain and 
amplitude characteristics due to the variations 
in pumping power while Fig. 16 giving the changes 
in the similar characteristics owing to variations 
in pumping frequency. 

In order to utilize a parametric amplifier as 
practical device, its gain sensitivity against the 
changes in frequency and power of pumping have to 
be dull as shown in Figs. 15 and 16. Now why such 
characteristics can be got will be investigated. 
The broad-banding against the pumping frequency is 
to be accomplished by making the bandwidths of 
both pumping and idler circuits broad. And the 
saturation characteristic of the gain against 
pumping power as shown in Fig. I5 can be con¬ 
sidered to be due to the following two causes. 

To begin with, the first cause will be ex¬ 
plained. Along with an increase in the pumping 
power, the variation ratio of capacitance in¬ 
creases simultaneously augmenting Co. This in¬ 
crease in Co makes the tuning of both signal and 
idler circuits detuned toward the lower frequency. 
The shifting of the resonance of idler circuit 
toward the lower side means the increase in the 
gain at the somewhat toward the lower side from 
the center idler frequency, and this is equivalent 
to an increase .in its gain at the hitler side 
from the center frequency at the signal. There¬ 
fore with an increase in the pumping power, 
apparently the detuned signal and idler circuits 
produces saturation characteristic without any 
change in the frequency response of the gain. 

The second cause to be considered is that 
when the pumping power is increased, the variation 
ratio of capacitance increases. However because 
of the subsequent increase in Co, the cut-off 
frequency gets lower with the consequence that 
M, the product of ¿and <Z)C, does not become so 
great that the gain remains unchanged. 

The saturation characteristic of gain against 
pumping power, it seems, is caused by the composite 
actions of foregoing two causes, and this char¬ 
acteristic was positively verified by testing 
numerous varactor diodes MA-45OE. Many parametric 
amplifiers stabilized in this manner are already 
being employed in Japan in the over-horizon com¬ 
munication systems having up to 60 channels for 
telephone. By the by, the following fact is given 
for the reader's information that a similar satura¬ 
tion characteristic can be produced when the ampli¬ 
tude characteristic is made flat by adding another 
cavity resonator to the idler circuit. 

The stabilities of a parametric amplifier used 
in the over-horizon television transmission cir¬ 
cuit used 900 Me band are shown in Figs. 17 and 18. 
The structure of the cavity resonator of this 
parametric amplifier resembles that illustrated 
in Fig. 13, only an additional filter being pro¬ 
vided on the idler. And the noise figure of the 
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amplifier is about 2.0 dB at the point of its 
maximum gain. 

Example of applications to frequency multiplier 

Requirement for the composition of circuit 

The maximum efficiency (^ ) of frequency 
multiplier using a varactor diode depends on the 
cut-off frequency at the equivalent bias point of 
the diode, input and output frequencies and varia¬ 
tion ratios of a capacitance. Furthermore this 
maximum efficiency is obtained when not only the 
input circuit is matched at the operating condi¬ 
tion but also the coupling coefficients of input 
and output sides are equal. Assuming the equiva¬ 
lent circuit of frequency multiplier being alike 
to that of Fig. 1, there exists the following 
relationship between this efficiency ( ) deter¬ 
mined by the characteristic of diode and the coupl¬ 
ing coefficients of circuit.9,8,9 

Gl/G10 " G2/G20 = G/0° (28) 

=R (29)

Moreover, in order to realize the maximum 
efficiency it is important to compose the resonant 
circuit such as the undesirable frequencies are not 
to be consumed in the series resistance Rs of the 
diode. For this reason, when the input and output 
circuits are observed from the diode at the un¬ 
desired frequencies, they must be reactive, not 
possessing any resistive component, and in addi¬ 
tion they must be far detuned from their resonant 
conditions. 

Composition of resonant circuit 

Fig. 19 illustrates the structure of resonator 
unit used in doubling 482 Me (¿01) to 964 Me (¿O2). 
c01 passes through a re-entrant cylindrical filter 
with variable input coupling coefficient and is 
applied to the varactor diode placed in series 
between the input filter and another re-entrant 
cylindrical filter likewise with variable output 
coupling coefficient, that is nearly resonant at 
it>2-

Ct) 2 generated by the diode passes through the 
output filter and comes out at the output terminal. 
All coaxial lines are 50 ohm. 

The equivalent circuits for ¿O2 and un¬ 
desired harmonic frequencies become respectively 
as shown at (a), (b) and (c) in Fig. 20. In these 
illustrations, £3 and £5 are the distance from 
either AA' or BB 1 to the point where the filters 
may be regarded as ideal transformers; and these 
can be found through the measurements of the 
admittance of the circuit from AA' or BB' with a 
dummy load attached at the external terminals by 
varying frequencies near idl or <Z>2 respectively. 
Also the impedance transformation ratios ki and k2 
can be obtained from the Smith chart at the same 

time. The symbol represents the distance of 
the output filter at from BB 1 to its equiva¬ 
lent short while £^ denotes the same of the input 
filter at (Ü2 irom AA ' to its equivalent short 
plane. These values may be measured si mi la rly 
Besides, even if not only the input and output 
coupling coefficients and K2 of the filters 
but also the tuning of all filters are adjusted 
for matching, there will be hardly any change in 
the equivalent shorting lengths and £&. 

The input conductance under cold state 
satisfying the equation (29), or the coupling 
coefficient between the diode and its external 
load, may be materialized by means of the graph 
of Fig. 9. 

In case of for instance, Xo in Fig. 9 
has to be taken as shown below: 

i*0| - I- jxj * jtan 21x1^^ | (3O) 

Where, Xq being the impedance of diode at 
the average capacitance. By use of the equation 
(30) and the graphs in Fig. 9, K and 9 necessary 
in getting the desired coupling coefficient will 
be obtained. Thereby we can determine £ but 
since the effects of undesired harmonic have to 
be taken into consideration, £¿ must not be 
decided upon by its matching requirements alone. 
However even though the value of £1 is different 
from the afore-mentioned matching conditions, the 
0 that fulfils the resonant conditions can be 
had by detuning the input filter as stated pre¬ 
viously. This was mentioned during the analysis 
of the fundamental resonant circuits. The same 
thing can be said for the determination of £2-

As the input and output filters serve as 
short-circuit paths for those frequencies except¬ 
ing and ¿02> the equivalent circuit for the 
undesired harmonics becomes like the one shown 
in Fig. 20 (c). Hence by properly selecting 
either £1 or £2 or the both of them, the circuit 
including a diode can be brought to a state far 
beyond the resonant conditions at undesired 
harmonics. 

Performance 

Fig. 21 shows the variations in 964 Me out¬ 
put power against the changes in L under the con¬ 
ditions that with 482 Me input power kept con¬ 
stant at 1W and also with£2 in fig. 19 held 
fixed, the matching of the input and output cir¬ 
cuits was being perfectly maintained. The match¬ 
ing of input and output was conducted both by 
turning the coupling loops and by detuning the 
filters. That the conversion efficiency becomes 
the maximum when L = £1 + £2 ” 130 h™ is due, it 
seems, to the fact that the consumption at the 
diode of the undesired harmonics component becomes 
the minimum. The output at this time was 500 nil!, 
the conversion efficiency being 50%. And the 
fixed bias voltage was -1.2 V while the current 
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was ♦ 1.1 mA. And MA-4287, 30 volt varactor, was 
used. 

The admittances measured at a low level from 
the input and output terminals are shown in Fig. 
22. The results obtained from the chart in Fig. 
22 coincide remarkably well with compulations 
using Fig. 9. 

Conclusions 

The analyses of resonant cavities used in 
parametric amplifiers and frequency multipliers 
can be carried out under the two conditions; that 
if the bias voltage of a varactor diode is stati¬ 
cally changed, only the input susceptance varies 
while the input conductance as seen from external 
terminals remains unaltered and that the input 
susceptance becomes zero at a certain impedance of 
the diode. 

There are two fundamental resonant circuits 
analyzed according to these conditions, and the 
results obtained are represented in the accompany¬ 
ing design charts. 

In a parametric amplifier or a frequency 
multiplier, if the characteristics of a diode as 
well as the operating frequency are given, the 
input conductance at cold sate that gives the 
optimum performance is determined. Therefore the 
electrical dimension of the component in a reso¬ 
nant circuit can be found by applying to these 
design charts the above-mentioned input con¬ 
ductance and the average capacitance and the 
series resistance of the diode. But in practical 
design, in order to make an actual circuit ap¬ 
proach the fundamental circuit, both experiments 
and calculations are required to some extent. 

The circuit composition methods for a 2 Gc 
parametric amplifier with noise factor of 2.5 dB, 
bandwidth of 15 Me and gain of 16 dB and also for 
a frequency multiplier, which has efficiency of 
50$ and doubles 2*82 Me to 964 Me, are shown as 
examples of practical applications. 
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Fig. 1. An equivalent circuit of a 
parametric amplifier. 

Fig. 2. An equivalent circuit of a varactor diode. 
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Resonant cavity 
including a diode 

Fig. 3. An explanation of Fig. 1. 

Fig. 4. An ideal circuit showing the relation 
between Fig. 1 and Fig. 2. 

Fig. 5. A transmission line resonator using 
a susceptance. 

Fig. 6. The circuit for the calculation of input 
admittance in Fig. 5. 
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Fig. 7. Design chart of the transmission line 
resonator using a susceptance. 

132 



Fig. 8. A transmission line resonator using a filter. 
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Fig. 9. The design chart of the transmission line resonator using a filter. k
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Fig. 10. An equivalent circuit of a detuned filter. 

Fig. 11. An impedance transformer using a quarter 
wavelength resonator. 

Fig. 12. A system using a quarter 
wavelength resonator. 

Fig. 13. The resonator of the 2GC parametric amplifier. 
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Fig. 14. The input admittance of the 2GC parametric amplifier in no pumping power. 
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Fig. 15. The variation of amplitude response due to the 
pumping power in the 2GC parametric amplifier. 

Fig. 17. The variation of amplitude response due to 
the pumping power in the 900 Me parametric 
amplifier. 

Fig. 16. The variation of amplitude response due to 
the pumping frequency in the 2GC parametric 
amplifier. 

Fig. 18. The variation of amplitude response due to 
the pumping frequency in the 900 Me parametric 
amplifier. 

Fig. 19. The resonator of the frequency multiplier. 
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Fig. 20. The equivalent circuit of the 
frequency multiplier. 

L in milimeter 

Fig. 21. Output power VSL in Fig. 19. 
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Fig. 22. The input admittance of the frequency multiplier in small signal condition. 
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MULTIPLE HARMONIC LOCAL OSCILLATOR SOURCE 
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A method is describedof generating a micro¬ 
wave signal whose power spectrum consists of a 
large group of stable discrete lines of nearly equal 
power, equispaced in frequency, and extending 
over an octave or more in the microwave frequency 
region. The technique uses a low-frequency crys¬ 
tal-controlled oscillator feeding a varactor diode 
mounted in a modified microwave crystal holder 
to produce the desired spectrum and output levels. 
Design considerations which lead to optimum 
transfer of low-frequency power to the varactor 
and maximum broadband harmonic microwave 
power are presented. 

Introduction 

The harmonic generation of a microwave 
signal of a single frequency from a low-frequency 
generator has received considerable attention 
elsewhere, M A less commonly described, but 
important version of harmonic generation is one 
which is required to produce multiple frequencies 
in its output. This paper describes a method of 
generating a microwave signal whose power spec¬ 
trum (1. e., power content versus frequency) con¬ 
sists of a group of stable discrete lines simulta¬ 
neously present and of nearly equal power. These 
lines are equispaced in frequency and extend over 
a frequency range of 2 to 1 or greater in the 
microwave region. 

Such a waveform has been sought to serve 
in a number of recent microwave applications, 
one of which is its use as the local oscillator in 
a broadbanding or "frequency folding" technique. 
In this case an input signal is heterodyned in a 
single component with the multiple harmonic local 
oscillator source, translating signals in a broad 
microwave band of frequencies into a narrower 
intermediate frequency bandwidth. This permits 
amplification and signal processing with IF tech¬ 
niques. As will be described in a later paragraph, 
the local oscillator source can be similarly uti¬ 
lized in an up-converter as well, translating a 
single IF signal into higher center frequencies 
extending over a broad portion of the microwave 
spectrum. In addition to this application, a 
multiple harmonic waveform at microwave fre¬ 
quencies can be used in communication systems. 
For example, the required stability of one part 
in 106 exhibited by the discrete frequencies of the 
local oscillator source permit frequency coding 
of a communications transmitter chain in a pre¬ 
arranged way by following the harmonic generator 
with a narrow-band electronically tunable amplifier 
(which exists in current microwave technology). 

Because of the relationship that exists be¬ 
tween the frequency description of such a fre¬ 
quency group spectrum and its time-waveform 

description as a narrow pulse train, a multiple 
harmonic signal might also form the basis of an 
extraordinary microwave short-pulse generator. 
These, as well as other applications, including 
stable frequency markers and other frequency 
measuring devices, all indicate the value of a 
convenient multiple harmonic microwave source 
of useable power level and low noise content. 

It was in support of the first application 
mentioned above, its use as a local oscillator in 
a broadband frequency conversion circuit, that 
the varactor multiple harmonic circuit to be 
described was examined. It is perhaps worth¬ 
while to first describe the operation of a mixer 
using a multiple harmonic local oscillator and to 
indicate some of the characteristics required of 
the latter. 

Broadband Conversion by Frequency Folding 

In Fig. la is shown an arrangement in 
which the multiple harmonic local oscillator 
source (a) feeds a broadband microwave crystal 
mixer (b). The input signal, (c), in this case a 
signal of several megacycles bandwidth with 
center frequency anywhere in the 2000 - 4000 Me 
band, is heterodyned without distortion of its 
waveform, frequency, or phase modulation to an 
intermediate center frequency, in the 20 - 30 Me 
band, available at the output port, (d). 

Each local oscillator line acts independently 
for all practical purposes to produce 20 - 30 Me 
intermediate frequencies which are differences 
between its own frequency and appropriate por¬ 
tions of the incoming microwave signal. The use 
of multiple frequencies in the local oscillator at 
(a) together with the proper choice of IF band 
limits insure that there will always be one, and 
only one, local oscillator line in the mixer which 
will cover any frequency of the input band. In 
Fig. 1c are shown the intermediate frequencies 
for all LO lines as a function of input frequency. 
It is seen by following the dashed line RST that a 
signal at 2048 Me, for example, is converted to 
28 Me which is the first order difference between 
2048 Me and the LO line at 2020 Me. The heavy 
broken line in Fig. 1c shows how the r-f band 
from 2000 to 4000 Me is "folded" into an IF band¬ 
width between 20 and 30 Me. In order to reduce 
direct leakage of the local oscillator intermodu¬ 
lation products into the output, a balanced mixer 
configuration may be used. It is found best to 
operate with an input signal exceeding the LO 
power per line by at least 10 db. It is possible 
to obtain IF signals in this manner which are 
less than 10 db below the local oscillator input 
power per line. 

In Fig. lb is shown the arrangement in 
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which the multiple harmonic local oscillator 
source supplies an up-converter modulator in 
which an IF signal (20 - 30 Me) is simultaneously 
translated to a large array of center frequencies 
in the 2000 - 4000 Me band. This reverse of the 
previously described down-conversion process 
can be seen, from the typical process LMN in 
Fig. 1c, to produce many output frequencies for 
the one input IF frequency. 

Both types of conversion have been tested 
successfully for applications including an exact 
frequency measurement and analysis device using 
the down-converter, and a highly stable repeater 
with the combination of down and up-converters. 
A stable multiple harmonic local oscillator source 
was needed here with a separation frequency of 
20 Me in the frequency range of 2000 - 4000 Me. 
Since (1) efficiency was not of the first importance 
and (2) high power output per line was not as 
important as frequency stability of all the lines 
(1 part in 10®) and uniformity of output (±. 3 db 
unequalized), then only -40 dbm/line was accepted 
as a goal, although considerations leading to 
more efficient operation are useful. 

Among alternative approaches considered 
to implement such a signal source were fre¬ 
quency modulation of a CW oscillator, genera¬ 
tion of ultra short pulses by amplitude modula¬ 
tion of a CW source and use of a nonlinear 
semiconductor element to be driven by the de¬ 
sired separation frequency and if necessary, some 
of its multiples. Primary consideration was 
given to the last approach because of its com¬ 
pactness and simplicity. 

Nonlinear resistance, i. e., conventional 
microwave diode elements were tried first. 
These produced fair results but very little output 
power per line. The use of mixed frequencies to 
drive these elements and to boost output power 
led to several drawbacks, one being a pronounced 
and unacceptable variation of power per line over 
the output spectrum. In addition to its expense, 
the use of a second drive source also led to sta¬ 
bility problems unless it was phase-locked to the 
fundamental oscillator. Attempts to increase this 
output power led to the use of the relatively less 
lossy and higher voltage capability varactor ele¬ 
ments for operation in a broadband circuit 
to be described below. 

Background and Operation of the 
Multiple Harmonic Generator 

Varactor diodes are p-n junctions designed 
to act as nonlinear capacitors. They are low re¬ 
sistance, low capacitance devices and are cap¬ 
able of operation at extremely high frequencies. 
Unlike the previous microwave diode types, var¬ 
actors can handle higher input power, and some 
types are made with substantial reverse break¬ 
down voltages. Since the resistive loss of the 
varactor under comparable conditions is lower, 
it is therefore reasonable to expect that it should 
be a more efficient harmonic generator than the 
previously used nonlinear resistive diode. 

Varactor harmonic generators of low orders 
of multiplication involving a single input frequency 
and a single output frequency have been developed 

with very high efficiencies when both input and 
output circuits were tuned. Theoretically, with 
the proper shape of the nonlinear characteristic, 
unity efficiency of conversion with a nonlinear 
capacitor is possible. Of particular interest here 
was the goal of generating a high order spectrum 
of harmonics for use as a local oscillator source. 
There is evidence that in the case of broadband 
frequency multiplication, where all harmonics 
are generated and no attempt is made to econo¬ 
mize by reflecting the unwanted ones, the maxi¬ 
mum attainable efficiency drops off at t/n^ for 
ideal nonlinear capacitors and l/n^ for nonlinear 
resistors, n being the order of the harmonic.$ 

The varactor (Fig. 2) considered here is 
the graded p-n junction type having a behavior at 
high frequencies described as being equivalent to 
a small resistance, Rg, in series with a deple¬ 
tion layer capacitance, C, whose value is a func¬ 
tion of the voltage across the unit. The incre¬ 
mental capacitance is given by: 

C = d£L cn (!) 
dV -V/<p 

where V is the applied voltage across the var¬ 
actor, considered positive when applied so as to 
induce forward conduction, q is the charge stored 
in the varactor, <p is about 0. 5 volts for silicon 
diodes at room temperature and CQ is the capac¬ 
itance defined at V = 0 bias. For positive (con¬ 
ducting) bias voltages approaching <p, the value 
of C increases without Ümit, indicating the 
ability of the varactor to conduct a current that 
is limited only by the external circuit impedance 
and the applied voltage. For negative bias the 
capacitance decreases to a value, Cmin, for a 
reverse voltage just short of breakdown at 
volts. 

When an ideal varactor is put in series 
with a voltage generator and a series resistance, 
part of which may be considered the load resist¬ 
ance and part the internal resistance of the 
generator, the current exhibits a waveform 
similar to that indicated in Fig. 3b. During most 
of the interval from a to c the varactor is biased 
for forward conduction and, neglecting <p and the 
small internal series resistance, the current 
through the circuit is given by: 

,, , E sinmt - Vp 

w = X'V » 
The charge in the capacitor increases between 
times a and b, at which latter point the net im¬ 
pressed voltage becomes negative. From b to c 
the stored charge in the varactor decreases to 
zero as the varactor voltage decreases slightly 
from <p to zero volts. The point c at which the 
discharge current changes rapidly to zero is 
determined by the requirement that the entire 
charge accepted by the varactor, i.e., numerically 
the area under the positive current curve from a 
to b, must equal the charge returned to the circuit, 
or the area above the negative current curve from 
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b to c. The average current through the var¬ 
actor is ideally zero. The voltage V across the 
varactor itself is then one which follows the im¬ 
pressed voltage except for the time interval from 
a to c, during which it stays between zero and cp 
volts. 

By comparison, a nonlinear resistance pro¬ 
duces only a positive pulse of current, similar to 
the fractional sine wave shown between a and b in 
Fig. 3b, its amplitude limited by its own forward 
resistance as well as the circuit resistance. 
Actual varactors also rectify current to some 
extent because of recombination effects, and ex¬ 
hibit substantial charge storage capability only at 
high frequencies, i. e., above several megacycles 

Leenov and Uhlir have compared the satu¬ 
ration conversion loss of ideal nonlinear resist¬ 
ances and capacitances used as broadband har¬ 
monic generators by obtaining the Fourier co¬ 
efficients of the two kinds of current wave forms 
characteristic of these elements. It was found 
that the nonlinear capacitor was superior, espe¬ 
cially at the higher harmonics. An untuned, broad¬ 
band, harmonic generator using varactors and 
demonstrating this behavior may be obtained by 
approaching the series circuit suggested above and 
arranging the d-c bias and a-c drive voltage for 
maximum harmonic output. 

Technique and Experimental Results 

The technique described here utilizes a 
single crystal controlled low frequency oscillator 
and a single nonlinear element held in a specially 
constructed coaxial holder and connected as shown 
in Fig. 4a. The varactor originally used as the 
nonlinear element was the Microwave Associates 
460A which had a power rating of 0. 3 watts and a 
tp of approximately 0. 5 volts. The capacitance at 
zero bias was specified between 2.4 and 6.0 puf 
and the breakdown voltage was Vp = -6 volts. The 
indicated cutoff frequency of 30 kmc assured that 
the capacitive reactance at minimum capacitance 
was large compared to the series resistance at 
the frequencies of interest in this harmonic gen¬ 
erator. 

The physical outline of the varactor element 
was identical to that of the conventional micro-
wave crystal cartridge. The varactor was mounted 
as part of the center conductor in a coaxial holder, 
Fig. 4b, containing an inductive D.C. returnon 
the microwave output side, and a shunt capaci¬ 
tance from center conductor to ground on the low 
frequency input side of the varactor. The object 
of this configuration was to approach the circuit 
described in the preceding section, in which the 
high harmonics of the resultant series current 
waveform passed thru the 50-ohm microwave 
load to produce the required uniform array of 
microwave frequencies. 

A crystal controlled 20 Me oscillator of the 
Pierce configuration was used to supply the funda¬ 
mental drive power. The output of the oscillator 
was fed to a 6AN5 power amplifier stage which 
delivered 20Mc to the varactor thru an impedance 
transformer. This circuit is shown in Fig. 4c. 
The capacitor built into the varactor holder was 
important in the efficient transfer of 20 Me power 

from the source because it was used as part of the 
tuning capacity for the 6AN5 output transformer. 
It was parallel-resonated with the output tap of the 
impedance transformer to maximize the voltage 
across the varactor. A variable capacitor was 
available to trim the circuit for this purpose. 

The frequency stability of the 20 Me oscil¬ 
lator was controlled by the stability of the crystal 
Long term frequency stability of 0.0001 per cent 
was obtainable with the use of a temperature-
controlled crystal oven. 

The d-c return at the microwave side of 
the varactor holder, a fine wire placed across 
the dielectric portion of the coaxial line, pro¬ 
vided a low impedance to ground to complete the 
low frequency current path while offering a high 
impedance of several hundred ohms to the de¬ 
sired output frequencies. In this way maximum 
current pulses could be delivered to the varactor 
from the input generator while the higher har¬ 
monics of current could be conveniently absorbed 
in the load. 

By virtue of the shunt capacitor (approxi¬ 
mately 40ppf) across the coaxial line, the var¬ 
actor was located near a broadband voltage null 
in the microwave line, the object here being to 
minimize frequency sensitive reflections and 
standing waves in the coaxial line which would 
enhance undesirable variations of output power 
with frequency. To accomplish a uniform output, 
the holder was designed so that the capacity at 
the low frequency input side of the varactor was 
made as large as would be consistent with the in¬ 
put drive requirements. It was found that this 
capacitor should be physically located cylind-
erically about the broad base of the varactor 
cartridge as shown in Fig. 4b for the smallest 
fine structure variations of the output frequencies 

In the 2-4 kmc band the circuit impedance 
seen by the varactor was largely determined by 
the microwave load, while at 20 Me the plate 
resistance of the 6AN5, as seen through the 
matching transformer, dominated. The 6AN5 
amplifier tube can deliver about 1 watt at 20 Me. 
The plate circuit was tuned to resonance and the 
transformer output circuit was tuned for maxi¬ 
mum voltage with the varactor and coaxial holder 
attached. The varactor drive was kept at a low 
level when the tuning adjustment was made so as 
not to load the tuned circuit. 

The use of an externally applied d-c bias 
voltage across the varactor was considered and 
attempts were made to provide such a bias in 
order to optimize power output at the frequencies 
of interest. Initial experiments indicated that 
output power at the fiftieth harmonic could be 
greatly affected by the d-c bias for a given gen¬ 
erator peak-to-peak voltage, but that a broad 
maximum output existed for high drive levels for 
a range of negative bias voltages close to zero, 
see Fig. 5. It was further found that the self¬ 
bias, established by the partial rectification in 
the varactor of the applied 20 Me voltage pro¬ 
duced a bias voltage which was consistent with 
maximum output power, see Fig. 6. A compar¬ 
ison of Figs. 5 and 6 show that externally applied 
d-c bias was not necessary and self-bias was 
ultimately used. 
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A measurement of the harmonic power per 
line absorbed into a matched 50-ohm line was 
made by a substitution method using an r-f atten¬ 
uator and narrowband receiver. The result in 
Fig. 7 shows a uniformity of harmonic power per 
line within +. 3db in the 2000 - 4000 Me range at 
an average level of -40 dbm. Some varactor 
selection was necessary since the average output 
power level could vary by several db among dif¬ 
ferent varactors. 

Since this device generated harmonic power 
at frequencies below 2000 Me and above 4000 Me 
as well, it was necessary to use filtering in the 
local oscillator application described earlier. 

In all cases when compared in the identical 
circuit with nonlinear resistance diodes such as 
the IN21, the varactors were seen to produce 
between 15 db and 30 db more saturated output 
power than the resistance diode. The 1N21 out¬ 
put fell off at a faster rate as the harmonic number 
increased. The result is shown in Fig. 8. 

Measurements were repeated for a number 
of different varactor types in the same circuit as 
described above. Measurements of harmonic out¬ 
put power versus drive for a 30 volt breakdown 
series MA4283 varactor are shown in Fig. 9. 
These varactors saturate at higher levels of out¬ 
put power than the MA460A, a 6-volt breakdown 
unit. With increasingly higher power varactors 
it therefore appears possible to build a multiple 
local oscillator source which will be capable of 
delivering more power per harmonic and over a 
frequency spectrum limited by the cutoff frequency 
of the varactor used. 

Conclusion 

A low-power, multiple harmonic, local oscil¬ 
lator source for use in a broadband frequency¬ 
folding technique has been constructed and found 
to have met the electrical requirements set for 
it. Varactor elements which are coming into in¬ 
creasing use are well suited as a basis of such a 
device and are superior to nonlinear resistance 
diodes. A highly stable, low noise, uniformly 
spaced line spectrum of nearly constant output 
power per line is easily attainable at levels of -40 
dbm and higher over a broad range of microwave 
frequencies, by the use of a varactor held in a 
simple coaxial holder and driven by a low-fre¬ 
quency crystal-controlled oscillator. 
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FIG I BROADBAND UP AND DOWN CONVERSION USING 
THE MULTIPLE HARMONIC LOCAL OSCILLATOR 
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(A) CAPACITANCE VS. VOLTAGE 

(B) HIGH-FREQUENCY EQUIVALENT CIRCUIT 

FIG. 2 VARACTOR CHARACTERISTICS 

(A) SERIES CIRCUIT 

(B) VOLTAGE ANO CURRENT WAVEFORMS 
ASSUMING <^> = O 

FIG. 3 VARACTOR CURRENT WAVEFORM 
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OUTPUT TRANSFORMER 
TUNED TO 20 MC 

FIG. 4(A) MULTIPLE HARMONIC GENERATOR 

20-MC 
INPUT 

MICROWAVE 
OUTPUT 

DC 
RETURN 

FIG. 4(B)VARACT0R HOLDER 

FIG. 4(C) 20-MC CRYSTAL OSCILLATOR AND POWER AMPLIFIER 
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FIG. 7 VARACTOR POWER OUTPUT VS. FREQUENCY 
LINE SPECTRUM SPACED 20MC APART 

'G 9 OUTPUT POWER VS. DRIVE AND SELF BIAS 
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Abstrae t 

Synthetic ruby, which is single 
crystal aluminum oxide doped with varying 
small percentages of chrome oxide, is used 
for both optical and microwave maser. This 
material is primarily produced by the 
flame fusion (Verneuil) crystal growth 
technique. Recent developments in growth 
processes have produced materials for op¬ 
tical maser application in which threshold 
powers have been lowered by a factor of 
five and that have linewidths as low as 
0.08 cm'l, In addition, modified crystal 
geometries have been produced which lower 
the required threshold power by a factor 
of fifty compared to the original rods 
tested. This paper describes the flame 
fusion growth technique for synthetic ruby 
with primary emphasis on optical maser 
(laser) material. Included are physical 
properties of the material pertinent to 
optical maser application. 

Introduce ion 

Synthetic ruby is single crystal alu¬ 
minum oxide in which a small percentage of 
chromium ions have been substituted for 
the aluminum ions. This material has 
found application in both optical and 
microwave MASERS*. Townes, Bloemberger^ 
and others first suggested the use of solid 
state materials for microwave masers in 
1956. Geusic, Kikuchi^* and others^» 6 
investigated the paramagnetic properties 
of ruby for microwave masers. Schawlow 
and Townes? further proposed the applica¬ 
tion of solid state devices for stimulated 
emission at a higher frequency. In 1959, 
Maiman® observed this phenomenon in ruby 
at a wave length of 6943A 0. Collins, 
Schawlow, Nelson^ and others at Bell 
Laboratories confirmed the coherence and 
directionality of the stimulated light 
emission. 

Ruby has been grown successfully by 
several techniques including flame fusion, 
hydrothermal, flux, melts and vapor depo¬ 
sition. The flame fusion process is the 
predominant growth procedure for ruby being 
used commercially both in the United States 
and Europe with an annual world-wide pro¬ 
duction of about sixty tons. The process 
invented by Verneuil?® in 1904 is described 
mechanically in Figure 1. Powder of the 
proper particle size and composition is 
contained in the hopper (A). This powder 
is dispensed through a mechanically tapped 
screen (B) into a cone. From the cone, 
oxygen gas carries the powder through a 
post mixed oxygen-hydrogen burner (C). The 
powder is heated in the flame to a near 
molten state and then deposited on the 
molten cap of a seed crystal (D). The 
furnace chamber (E) is designed for a 
continuous heat leak from the seed to the 
furnace and atmosphere so that there is a 
continuous solidification of the material 
from the melt onto to seed. The crystal 
is then lowered to maintain a constant 
distance between the molten cap and the 
burner tip. In the case of both white 
sapphire and ruby, growth rates of from 4 
to 400 grams/hour have been successfully 
used . 

Figure 2 shows some of the sapphire 
and ruby crystals grown by the flame fusion 
technique and modifications thereof. Prior 
to 1954 the largest crystals available are 
as shown in area A and the rods as shown 
in area B. In 1954, the Drost-Keb1 er 11 
disk growth process (Figure 3a) was intro¬ 
duced, thereby allowing the growth of 
crystals in disk form shown in area C of 
Figure 2. In 1957, the Kebler-Hutcheson?^ 
dome growth process (Figure 3b) was intro¬ 
duced allowing the growth of dome shaped 
crystals up to 5 inches in diameter and 
weighing 3 pounds, as shown in area D of 
Figure 2. In 1961, the Linde Company 

*Microwave amplification by stimulated 
emission of radiation now used to refer 
to all types of amplification by stimulated 
emiss ion. 
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modified the conventional flame fusion 
growth process, as shown in Figure 3 c, 
and was thus successful in the growth of 
crystals in the conventional carrot shaped 
form that were approximately three times 
as large as those grown previously. The 
larger carrot shaped crystals or boules 
are as shown in area E of Figure 2. 

The above described crystals were 
intended primarily for such uses as infra¬ 
red windows, pressure cells, wear applica¬ 
tions, high temperature furnace components 
and electronic applications. They are not 
high perfection crystals and contain such 
defects as lineage or low angle grain 
boundaries, twinning, slip planes, 
microscopic bubbles, and some powder 
inclusions. It is the purpose of this 
paper to describe some of the recent work 
on flame fusion ruby to improve its 
properties for maser application. 

Discussion 

The flame fusion crystal growth 
process has several advantages over other 
techniques for the growth of high melting 
point crystals such as ruby. Among these 
advantages are: (1) the process requires 
no crucible since the material holds its 
own melt; (2) the equipment is basically 
simple in design and consists only of a 
powder dispenser, a burner, a furnace 
chamber, a lowering mechanism and a supply 
of clean oxygen and hydrogen; (3) the 
source of heat energy is clean and thus 
does not contaminate the material being 
grown; (4) the growth rates for commercial 
grade crystals are fairly high and thus 
economical; (5) the process allows fairly 
close control of the resulting crystal 
geometry; and (6) large crystals can be 
grown. The disadvantages of the conven¬ 
tional flame fusion process are: (1) there 
is a relatively high thermal gradient in 
the crystal during growth and consequently 
the crystal is subjected to high thermal 
stresses; (2) only crystals resistant to 
oxidation or reduction at their melting 
point can be grown; (3) for the alumina 
lattice only doping materials with a low 
vapor pressure at 2000°C can be used; (4) 
high purity powders must be used; (5) pow¬ 
der feed must be relatively uniform and 
accurate; and (6) doping material burnout 
is nonuniform. 

The predominant defects in ruby which 
affect maser action as reported by Schaw-
low,13 Collinsl^ and others are strain 
crystal inhomogeneities, particularly 
lineage, bubbles, and nonuniform chromium 
concentration, and C-axis wander. The 
strain in crystals comes from three sources 
Lattice strain results from the introduc¬ 
tion into the lattice of larger chromium 
ions in the order of 10^7 to 10^0 lons/cm^ 
and other impurities in the order of 10^8 
ions per cubic centimeter. Structural 
strain is the result of the dislocations 
and voids occurring during the growth 
process as evidenced by the etch pit 
density of 10$/ sq. cm on the basal planes 
of conventional material. Thermal strain 
is the result of the thermal gradients in 
the growth process. Lattice strain is 
inherent in crystals and can be lowered 
only by reducing the total impurities in 
the crystal. Structure defects .can be 
reduced by controlling the growth direction 
and the growth conditions. Thermal strains 
can be reduced by modifying the growth 
procedures and annealing techniques. 

Figure 4 shows a growth position for 
growing ruby disks at furnace temperatures 
of about 1900°C. By using this furnace 
and a modified burner, crystals can be 
grown with total thermal gradients in the 
crystal during growth not exceeding 150°C. 
This situation compares to that of 400 to 
600°C in the conventional flame fusion 
process. The furnaces used are constructed 
of high purity alumina refractory with 
spherical shaped chambers to obtain near 
black body conditions on the furnace walls. 
The burner is of the same basic tri-cone 
design as is used for conventional growth; 
however, the water cooling of the tip has 
been improved to allow for operation at 
higher temperatures. Figure 5 shows the 
modified conventional growth station with 
the same modifications. 

Figure 6 shows two pieces of ruby 
between crossed polaroids as follows: (a) 
grown by the conventional process and cut 
perpendicular to the optic axis and (b) a 
slab from a disk boule cut perpendicular 
to the optic axis. As can be observed, 
not only is the strain pattern considerably 
less predominant in (b) but also the crys¬ 
tal inhomogeneities are lessened. 
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The predominant crystal inhomogeneity 
in ruby is lineage which can be defined 
as low angle grain boundaries in which 
the C-axis wander does not exceed five 
degrees. Lineage originates on the basal 
plane and after it is once formed, fans 
out from this plane. Figure 7 shows a 
disk with the C-axis in the plane of the 
disk face and horizontal in the plane of 
crossed polaroids. Lineage in the boule 
occupies the area indicated by the arrows. 

The degree of lineage in ruby is de¬ 
pendent on growth rate. For 90° orientation 
disk, that is a disk with the C-axis in 
the plane of the faces, lineage increases 
as the growth rate is increased from 1/2 
linear inch per hour until the piece shows 
complete polycrystallinity at a growth 
rate of 1 1/2 linear inches per hour. At 
growth rates of from 1/4 to 1/2 linear 
inch per hour, lineage formation appears 
to be independent of growth rate. Slower 
growth rates have been investigated and 
show no definite results. Investigation 
of growth rates less than 1/4 linear inch 
per hour is continuing. 

The predominant source of bubbles in 
ruby crystals is impurities which exist in 
the growth powder and boil at near the 
melting point of the ruby and thus form 
gas bubbles which are entrapped in the 
solid. One of the worst offenders is 
silica which causes bubbles that connect 
to form a series of small feather shaped 
patterns. Higher growth rates and higher 
growth temperatures both result in higher 
bubble formation, when excess impurities 
exist in the growth powder. To date, no 
material that is completely bubble free 
has been produced. 

Color banding or variation in chromium 
ion concentration is caused by fluctuation 
of the thermal input to the crystal. As 
the solubility of chromium ions in an alu¬ 
mina solution is temperature dependent, 
thus very minute fluctuations in gas flows 
into the furnace chamber will cause changes 
in the melt temperature and consequently 
in the chromium ions concentration in the 
melt. In Figure 8 the upper crystal is 
heavily banded 90° orientation modified 
conventional boule. During the growth of 
this crystal, a variation of approximately 
1/27. in the thermal input occurred. This 

variation was caused by nonuniform gas 
flows. The lower boule was grown with 
fluctuation of less than .2% in the ther¬ 
mal input with the exception of point A 
where a relatively large gas pressure 
fluctuation occurred. 

Disregarding the lineage effect, C-
axis wander in ruby takes two forms. Rota¬ 
tion of the C-axis is relatively minor 
being normally only Io to 2° in an 18 inch 
length. Plane drift, i.e., movement in 
the plane formed by the C-axis and growth 
axis is more predominant and is orientation 
dependent. For 0° orientation, i.e., the 
C-axis is parallel to the growth axis, the 
normal drift is about 3° toward 90° per 10 
inches of length. For 60° orientation the 
drift is about 2° toward 90° per 10 inches 
of length. For 90° orientation, the axis 
is approximately stable. In 90° disk boule 
the C-axis wander is virtually non-existent 
in the areas of the crystal which are 
apparently lineage free. 

To date, all ruby crystals used for 
maser application that have been supplied 
by Linde are annealed. The annealing is 
performed in a special furnace separate 
from the growth furnaces (Figure 9). The 
crystals are held at 1920°C for a period 
of from 24 to 48 hours and then slowly 
cooled. Prior to annealing, the crystals 
are stressed so excessively that they can 
not be fabricated. Annealing reduces the 
stresses sufficiently to allow diamond 
sawing and grinding to be performed with¬ 
out cracking the material in question. 
There is evidence of impurity diffusion 
during annealing since lineage boundaries 
become more evident after annealing, 
appearing to concentrate the impurity ions 
on the sub-grain boundaries. However, at 
present there is no evidence of chromium 
ion diffusion in the alumina lattice at 
annealing temperatures. An extensive study 
on chromium diffusion in the alumina lattice 
at temperatures above 1920°C is now being 
made at the Linde Company, Speedway Labora¬ 
tories . 

Results 

For maser application, Linde supplies 
three different types of ruby. Most common 
is 90° orientation disks supplied in Cr2 O3 
concentrations from 0.00057. to .57. by weight. 
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From this material, rods of any orientation 
relative to the C-axis can be fabricated 
as shown in Figure 10. The size limit for 
rods cut from disks is 4 1/2 inches long 
by 1/2 inch diameter. While lineage in 
rods longer than 1 inch can not normally 
be eliminated, the effect is minimized as 
the lineage boundaries are formed nearly 
planer with the C-axis. As proof that 
lineage is the predominant factor in opti-
cal maser filamenting, Dr. R. J. Collins 
at Bell Telephone Laboratories selected a 
disk from which he could cut two rods at 
90° to one other, one parallel to the C-
axis, in lineage free areas of the disk. 
Both of these rods mased uniformly over 
the full cross sectional area of the crys¬ 
tal. 

Two variations of the disk process 
are the Schawlow overlay 16 shown in Figure 
11,which consists of a ruby core cut from 
disk material of either 0° or 90° orienta¬ 
tion with a white sapphire sheath grown 
over it and the continuous wave ruby, 
recently announced by Nelson and Boyle 
of Bell Telephone Laboratories, cut from 
a disk grown on a large diameter square 
white sapphire seed (Figure 12). 

For large optical masers and micro¬ 
wave masers, Linde currently supplies 
material grown by the modified conventional 
technique in either 60° or 90° orientation. 
Both types of these boules are being used 
for some of the higher power optical maser 
work. In addition, material of this type 
is employed in the larger microwave cavities 
utilizing ruby masers operating in both 
the 5.6 KMC and 1.35 KMC regions. 

Table I is the result of a joint 
investigation by Trion Instruments, Inc. 
of Ann Arbor, Michigan and the Linde Com¬ 
pany on various types of ruby. As all the 
rods are of the same size, the same 
approximate Cr2Û3 content, and all were 
mased in the same cavity, the threshold 
can be assumed to be related to the quality 
of the crystal. The rods cut from 60° 
split modified conventional boule show the 
lowest threshold with the annealed split 
boule having a slightly lower value. This 
result can be explained by the fact that 
until annealing techniques were developed 
all ruby boules were split on the plane 
formed by the growth axis and the C-axis 

of the crystal to relieve growth strains 
prior to fabrication. As would be expected 
annealing further reduces these stresses. 
However, this material is available only 
in the 60° orientation whereas most appli¬ 
cations require either 0° or 90° material. 
Of the rods cut from whole annealed material 
the 0° orientation rod cut from disk boule 
containing light lineage shows the lowest 
threshold. Rods 1 and 2 were cut from the 
same disk; however, it cannot be assumed 
that 0o mases at a lower threshold than 
60° as a rod fabricated at 60° to the C-
axis from disk necessarily contains more 
lineage than a 0° rod cut from the same 
boule. The predominant effect of lineage 
on threshold can be seen by the comparison 
of rods 1 and 3. The relationship between 
strain in the crystal and lineage content 
is not known; however, these data indicate 
there is a relation. Rods 4, 5, and 6 were 
fabricated from the same crystal. These 
results indicate the seed end of the 
crystal is more highly strained than the 
cap end. This is because during growth 
start-up the seed end of the crystal is 
subjected to higher thermal gradients. The 
increase in threshold caused by reannealing 
rod 6 after fabrication is probably because 
of the recrystallization of the rod surface 
during annealing resulting in decreased 
optical coupling efficiency. Repeat tests 
will be necessary to verify this effect. 
The rod cut from conventional material 
shows the highest threshold of all the 
rods, as expected. 

The beam pattern and beam divergence 
can be related to the crystal inhomogene¬ 
ities and end conditions. Irregular shapes 
in the pattern indicate nonuniform masing 
with filaments occurring only in sections 
of the rods. Beam divergence measures the 
internal scattering as well as the lens 
effect of the ends. Additional work on 
these two factors to more closely coordinate 
the data to crystal quality is planned. 

Thresholds on ruby rods made from 
disks cut 0° orientation by 1/4 inch 
diameter by 2 inches long have reported 
threshold powers as low as 240 joules. 
These measurements were made in cavities 
with improved optical coupling. The 
Schawlow overlay 16 described earlier has 
a threshold of 48 joules. The improvement 
of threshold in the overlay is because of 
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the focusing of the light energy into the 
ruby core by the white sapphire sheath. 
The Nelson-Boyle C-W ruby maser'? has a 
continuous input of 850 watts from a Hg-dc 
lamp. 

Another tool for measuring crystal 
quality is the fluorescence linewidth. 
Whereas conventional material has a normal 
linewidth of 0.3 cm-', both disk and modi¬ 
fied conventional have normal linewidths 
near 0.12 cm-'. Linewidths of some disk 
material have been reported as low as 
0.08 cm-1. The above measurements assume 
a constant temperature of 77°K. 

For microwave application, chromium 
ion content and distribution is critical 
as shown in Figure 13. For maximum 
performance, Cr2Û3 concentration in the 
maser must be held to with 10% of the 
base value. Lineage causing C-axis wander 
is critical for MW application. For opti¬ 
mum performance, the C-axis must not vary 
more than one degree throughout the crystal. 

In conclusion, the author wishes to 
thank Dr. R. J. Collins and Mr. E. Schultz-
Dubois of Bell Telephone Laboratories for 
the helpful discussion on the operation 
of maser devices. In addition, the 
author thanks the Trion Instruments, Inc. 
for the data on optical maser rod perform¬ 
ance. The author also wishes to thank 
Mr. B. N. Callihan of the Linde Company 
for his helpful discussions in preparing 
this paper. 
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TABLE I 

Rods: 1/4" Diameter by 2" Long, 0.057. Cr203 by Weight 
Ends Polished Flat to Less Than 1 Wave of Helium Light and 
Parallel to Within One Minute* 

Threshold ( 1 ) Beam Pattern^) Beam Divergence^^^ 
Material Joules Dia., Inches Milliradians 

1. 0° Disk 1207 5/8 80 
Light Lineage 

2. 60° Disk 1314 5/8 100 
Light Lineage 

3. 0° Disk 1560 Irregular 100 
Heavy Lineage 3/8 

4. 60° Modified 1278 3/8 60 
Cap End 

5. 60° Modified 1332 Not Available 80 
Seed End 

6. Same as 4. 1369 1/2 80 
Reannealed after Fabrication 

7. 60° Modified 1173 3/8 80 
Unannealed Split Boule 

8. 60° Modified 1139 Not Full 100 
Annealed Split Boule 3/8 

9. 60° Conventional 1580 Light 140 
Annealed 1/2 

(1) Threshold measured at 150°K transmission ends unsilvered. 
(2) Beam pattern photographed at 36" from rod end and at 3200 joules input. 
(3) Beam divergence determined by the burn on polaroid film at a distance 

of 8" from the face and at 1257. threshold output, 2025 joules input. 
(4) All measurements made by the Trion Instruments, Inc., Ann Arbor, 

Michigan. 

*Most recent fabrication tolerances are: rod ends flat to less than 1/10 
wave of sodium light and ends parallel to within 10 seconds. 

152 



Fig. 1. Flame fusion crystal growth setup. 

Fig. 2. Sapphire and ruby crystal produced by the 
flame fusion process. 

Fig. 3. Modifications of the flame fusion crystal 
growth process, (a) Disk, (b) Dome, (c) Modified 
conventional. 

Fig. 4. Disk growth machine. 
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Fig. 7. 90° Orientation disk showing lineage. 

Fig. 5. Modified conventional growth machine. 

Fig. 6. Comparison of conventional and disk material. Fig. 8. Color banding in ruby. Upper crystal 
heavily banded; lower crystal lightly banded. 
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Fig. 9. Annealing furnace. 

0 0 5 % c,,^ RUBY 

.COLOR BAND 

Fig. 10. Fabrication of 90° disk ruby. 
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Fig. 11. Schawlow overlay. 

Fig. 12. Nelson-Boyle C-W ruby maser disk. 
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MICROWAVE MODULATION OF LIGHT 

Warren M. Macek, Robert Kroeger, J. Raymond Schneider 
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Sperry Gyroscope Company 
Division of Sperry Rand Corporation 

Greet Neck, L.L, New York 

The requirements for microwave light beam 
modulators and detectors have become particu¬ 
larly significant of late with the increased empha¬ 
sis on space systems, and the successful demon¬ 
stration of optical masers. Numerous techniques 
are readily available to permit intensity modula¬ 
tion of light at low frequencies. Moreover the 
need to extend the modulation frequency into the 
microwave region is apparent in practical Doppler 
radar and wideband communication applications. 

Although there are many physical effects 
which might seemingly be utilized to achieve high-
frequency modulation, only a few can be practically 
applied to this problem. 

This paper contains in the introduction, a 
discussion of the advantages inherent in utilizing 
modulated light beams for space communications 
and navigation. In addition, light source require¬ 
ments for this type of modulator will be reviewed. 
The need to extend the modulating frequencies 
beyond the 100-Mc region will then be mentioned 
including the specific applicability of the Pockels 
effect. Chief emphasis will be devoted to the 
application of the Pockels effect to an electro-
optical microwave light beam modulator. 

Following a basic fundamental review of 
the modulator technique, the resulting equations 
will then be applied to a practical device operat¬ 
ing in the region from 200-2000 Me. This modu¬ 
lator has resulted from an extensive research 
and development program conducted during the 
past two years. The program will be briefly re¬ 
viewed, emphasizing the laboratory measurements 
and modulator parameters. The pertinent spec¬ 
ifications and recorded data applicable to one 
specific modulator model will be outlined and 
discussed. This unit operates at 870 Mc C.W. 
with a modulating index of 30 per cent. The detec¬ 
tion problems at these frequencies, as well as the 
numerous methods employed to quantitatively 
evaluate this device, will be reviewed. 

Introduction 

The current technological revolution is 
exemplified by recent developments in the field 
of communications. The transmission of informa¬ 
tion by means of electromagnetic waves has 

played a major role in this revolution. Initially 
it was only necessary to transmit information to 
as many people as possible. For this purpose 
ordinary radio broadcasting using the lower radio 
frequencies, from 100 kc to 1 Me was adequate. 
However, as the broadcast spectrum became 
crowded and the need for long-range point-to-
point communicating arose, a move to higher 
frequencies was inevitable. However, a selective 
propagation of electromagnetic energy requires 
the linear dimensions of the radiating structure 
to be of the order of magnitude of the wavelength. 
It therefore requires an antenna a hundred million 
times larger in area to obtain the same radiation 
patterns at 1 Me as that obtainable at 10 kmc. 

As a result of the general need for more 
communicating channels and, in particular, for 
channel frequencies suitable for highly directive 
propagation, an extensive effort was initiated to 
expand the useable communication spectrum. 
This effort has resulted in the present considera¬ 
tion of the application of millimeter waves. How¬ 
ever, their widespread use in communications 
systems does not appear to be imminent. Need¬ 
less to say, the ever-growing need to transmit 
more information, especially in the light of current 
space exploration requirements, can of course be 
partially satisfied by a more efficient utilization 
of the existing radio spectrum. However, a rigid 
upper limit to the total amount of information that 
can be transmitted arises from the bandwidth 
limitation of about 30 kmc. 

Recent developments in the field of optics, 
namely the optical maser, will soon permit a 
portion of the electromagnetic spectrum, which 
has been largely overlooked in the past, to be 
used for transmitting intelligence. The visible 
near infrared spectrum covers a frequency range 
from about 1014 cps to 8 x 1014 CpS (0.4 microns 
to 3.0 microns) a total bandwidth of approximately 
800 milion Me. Also, because of the extremely 
small wavelengths involved, highly efficient 
directional radiators and guiding structures of 
modest size are possible. Incoherent light sources 
with 10 per cent efficiencies have already been 
realized and current optical maser estimates of 
2 to 3 per cent are now reported as possible. In 
addition, photomultiplier light detectors having 
an S-20 characteristic with 2-3 per cent quantum 
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efficiencies and a conservative NE1 of (10'13) 
watts at a ruby laser wavelength of 6943 A are 
currently available*. Communications over 
extensive ranges is therefore readily possible. 
There are however, a few principle factors limit¬ 
ing the practical realization of the potential of 
light as an information carrier. 

Limitations of Light Beams as Carriers 

The applicability of light beams for long-
range communications within the earth's atmos¬ 
phere is severely limited due to the sunlight and 
other sources of noise at light frequencies. In 
addition, atmospheric scattering of light and 
susceptibility to weather conditions make it ex¬ 
tremely difficult to achieve reasonably acceptable 
signal-to-noise ratios in the transmission of 
intelligence by light carriers. 

Also, light sources are generally incoherent 
as compared to radio-frequency sources. The 
latter are generally produced by a coherent motion 
of electrons in an electrical conductor such that 
c-w single frequencies can be readily obtained. 
Light however is normally generated by uncor¬ 
related individual electronic transitions. A 
single photon results from each transition to 
which is normally associated a wavetrain of 
specific frequency but of finite duration. Because 
of the frequency spread resulting from this fre¬ 
quency discontinuity and due to the incoherent 
nature of the light beam, normal methods and 
techniques employed at radio frequencies are not 
totally applicable at light frequencies. 

And finally, light beams until fairly recently 
were almost impossible to frequency, or ampli¬ 
tude, modulate at high radio frequencies thereby 
severely limiting their potentially available wide 
bandwidths. 

Some of these arguments are still valid to a 
degree. For example, although the noise and 
scattering limitation will of necessity limit the 
application of light for earth-bound purposes, 
nevertheless, for point-to-point communications 
using highly directional devices (and narrow op¬ 
tical filters) to minimize noise, light beams are 
quite attractive for fair-weather modest ranges 
within the atmosphere and especially for outer 
space exploitation. In regard to the nature of the 
light source, the coherency argument is no longer 
applicable since the recent discovery of optical 
masers, although specialized tooling techniques 

are still a necessity. Optical masers now make 
it practically feasible to anticipate spectral line 
sources having about a hundredth of an Angstrom 
spread with a peak pulse power in the multimega¬ 
watt range, and nominally radiated into beams of 
milliradian width from transmitter objectives of 
only a few square inches. In addition, it should 
also be noted that light heterodyning has already 
been accomplished by the application of the non¬ 
linear detection characteristics of photoelectric 
devices. Beat frequencies resulting from the 
superpositioning of two laser signals onto a photo¬ 
cathode have been detected and used to determine 
the spectral content of the laser sources. The 
application of such techniques to the extrapolation 
of the Doppler frequency from a laser return sig¬ 
nal is of course quite apparent. Coherency as 
such, for its own sake, is no longer a relevant 
argument against the use of light. 

An important advantageous feature of light 
as a currier is the permissible modulation fre¬ 
quency range. The highest modulating frequency 
must, in general, be no greater than a fraction 
of the carrier frequency. For example, a band¬ 
width of a few hundred megacycles might be 
associated with a 3000-Mc carrier. Using light 
as a carrier, modulation frequencies as high as 
the infrared region are potentially available. 
Consequently, considerably more information can 
be sent on a single carrier at light frequencies 
than at radio frequencies. However, the modula¬ 
tion of light over broad frequency bands poses 
many difficult problems. We shall now review a 
few of the many possible modulating schemes and 
in the process indicate one in particular which we 
find is best suited to a practical microwave mod¬ 
ulator commensurate with current systems 
requirements. 

Modulation of Light 

The modulation of light over broad fre¬ 
quency bands poses many difficult problems. 
Microwave light beam modulators and detectors 
have been among the primary missing components 
required for optical communication systems. 
Numerous techniques are readily available to 
permit coherent intensity modulation of light 
beams at low frequencies. However, for com¬ 
munications, when the maximum amount of infor¬ 
mation must be transmitted, and for many appli¬ 
cations, such as optical velocimeters, modulating 
frequencies of necessity must be extended out into 
and beyond the microwave region. 

*It has also been recently announced that a high gain microwave photomultiplier detector, having a 
distributed multiplier structure using a dynamic crossed-field electron multiplication process with 
a frequency response of 3 kmc is currently operating with an NEI of 10"watts J 
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Many physical effects can seemingly be 
utilized to realize this transition; however with 
further consideration only a few are practically 
applicable. The modulation of light can be gen¬ 
erally divided into two classes. Either the light 
beam emitted from the source or the light source 
itself may be modulated. The latter may be 
accomplished by many techniques. For example: 

1. The modulation of the power sustaining 
a gaseous discharge. 

2. Modulation of an electron beam exciting 
fluorescence. 

3. A spectral line generation or line 
splitting by application of high electric or mag¬ 
netic fields to a gaseous discharge, namely, the 
Stark or Zeeman effects. 

In addition, a steady light beam may also be 
modulated by many techniques as for example: 

1. Mechanical shuttering. 

2. Variation of gas absorption frequencies 
by electric or magnetic fields. 

3. A rotation of the polarization of a light 
beam by magnetic fields applied to transparent 
optical media, namely, the Faraday effect. 

4. The eliptical polarization of plane polar¬ 
ized light by electric fields applied either trans¬ 
verse or longitudinally to the light propagation in 
specific optical media, namely, the Kerr or 
Pockels effect. 

A discussion of the relative merits of each of 
these techniques is beyond the scope and intent of 
this paper. Some of these methods are restricted 
to low frequencies while others are capable of 
high-frequency response, but limited to laboratory 
use. Also, while gaseous media have been men¬ 
tioned, these same effects have, of course, been 
observed in solids and liquids and for complete¬ 
ness these media should also be considered. We 
will now discuss a few techniques applicable to 
high-frequency light modulation. Primarily how¬ 
ever, we will specifically be concerned with 
recent developments in the application of the 
Pockels effect to the microwave modulation of 
light beams. 

Paramagnetic crystals may be used to mod¬ 
ulate light at microwave frequencies making use 
of theiç mechanical, electrical, or magnetic prop¬ 
erties.^ For example, the elasto-optical effect 
may in principle be modulated by ultrasonic waves 
at microwave frequencies since such waves can be 
readily generated. However, it is difficult to ob¬ 
tain a well-defined acoustical mode essential for 

an optical modulation and as such this technique 
does not offer much primise of reduction to a 
practical device. The mageto-optical (Faraday) 
effect, which describes the change in propagation 
constant of right and left circularly polarized 
light, can however be utilized. The rotation of the 
plane of polarization per unit length is proportional 
to the component of magnetization parallel to the 
direction of light propagation. As a result, a time¬ 
varying component of magnetization will cause a 
modulation of the plane of polarization. If a con¬ 
stant magnetic field perpendicular to the direction 
of light propagation is applied to a paramagnetic 
crystal containing rare earth ions; and if a micro¬ 
wave field parallel to the light propagation near a 
magnetic resonance frequency is also applied, 
then a large microwave component of magnetization 
will be created. As a result, the plane of polar¬ 
ization can be rotated by about 1 degree per esu, 
or 1 degree per gauss-centimeter, in a typical 
rare earth salt at about 2 degrees K. The re¬ 
quirement of a LHe temperature however, makes 
it complex from a practical point of view. The 
analogous effect in transparent ferromagnetic 
insulators could, however, be used at room tem¬ 
peratures; but the effect would be in the best avail¬ 
able garnet, an order of magnitude smaller than in 
a paramagnetic salt at the low temperature. How¬ 
ever, the microwave power consumption in the 
latter case is quite small and the effect could be 
readily extended to higher frequencies in the 
millimeter range. 

Although the magnetic effects are capable 
of exploitation, the best technique to date is the 
electro-optical effect. Kerr cells have already 
been used as extremely fast light shutters to pro¬ 
duce pulses of 0.3 nanosecond duration. The 
effect is based upon a statistical preferential 
alignment of dipolar molecules in an electric field. 
The index of refraction of the optical media is a 
function of the average orientation of the molecules. 
Therefore, for partial alignment, the propagation 
constant depends on the polarization direction. 
With dipolar liquids however, the upper frequency 
limit is determined by the relaxation effects and 
losses occurring when the inverse frequency be¬ 
comes comparable to the tumbling time of the 
molecules, namely, to the characteristic correla¬ 
tion time for Brownian motion. 

With solids, the dipoles are usually com¬ 
pletely frozen in, or the characteristic time for 
motion of the dipoles is much longer than in liquids. 
A striking exception however is presented by the 
motion of the hydrogen atoms in the dihydrogen 
phosphates. The displacement can follow rapid 
variations of an electric field Well into theVnicro-
wave range beyond lO^ Cps. The optical index of 
refraction is slightly dependent on the position of 
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the hydrogen atoms and, therefore, on the angle 
between the polarization vector and the applied 
electric field. Consequently, an electrical mod¬ 
ulation of the optical propagation tensor is 
possible. The rotation of the plane of polariza¬ 
tion is about 0.5 degree per esu which is acci¬ 
dentally of the same order of magnitude as the 
Faraday effect. However, the low temperature 
and constant magnetic fields are not required and 
the necessary electric fields can be simply gen¬ 
erated using standard microwave cavity resonator 
techniques and medium power sources. We shall 
now investigate this latter effect more fully. 

The Electro-Optical Effect 
in Crystalline Materials 

The variation of the refractive properties 
of an optical medium by the application of an 
electric field is called the "electro-optic effect." 
In a liquid medium with the field normal to the 
light propagation, the effect is designated the 
"Kerr effect." In a crystalline medium with the 
field parallel to the light propagation, it is called 
the "Pockels effect." The principle practical 
interest in these effects is associated with 
their applicability to producing an electrically 
controlled birefringence in either an electroded 
liquid Kerr cell, or an electroded crystal section. 
As a result, if the electric fields are properly 
oriented relative to the medium and the light 
propagation, an electrically variable phase differ¬ 
ence may be produced between orthogonally polar¬ 
ized interfering light beams thereby resulting in 
a possible light beam intensity modulation if the 
cells are positioned between crossed polaroids. 
In other words, the plane polarized light is 
changed to elliptically polarized light before 
passing through an analyzer (see Figs. 1 and 2). 

All piezoelectric crystals to some extent 
show electro-optical effects with polarized light. 
The use of a device incorporating Pockels effect 
offers a decided advantage over the ordinary 
liquid Kerr cell in that the induced retardation is 
proportional to the applied voltage rather than 
the square of the voltage. As a result, a linear 
response is available without necessitating large 
biasing voltages. This results from the fact that 
in liquids the molecules are all free to rotate. 
Thus in averaging over-all orientations of the 
molecules, the linear terms drop out. In a 
solid crystal, however, the molecules are all 
held in fixed positions, and assuming no inversion 
symmetry, the linear terms will not average out. 
However, a linear response can be obtained in 
the liquid cells if a large biasing field is applied. 
This field effectively serves the same purpose for 
the liquids molecules as the internal crystalline 
field does for the solids molecules; i.e., it de¬ 
stroys the parity of the ground state. There are, 

in addition, many other features attesting to the 
practical applicability of the Pockels cell over the 
Kerr cell for modulating light at microwave fre¬ 
quencies Typical examples might be the extreme 
purity required of the nitrobenzene for the Kerr 
cell, the increased cavity complexity to contain 
the liquid, the extended cell lengths (limited by the 
modulating-wave length) required to produce com¬ 
parable retardations using reasonable field 
strengths, etc. 

It should also be pointed out that the 
electro-optical effect of a crystal is dependent 
upon its mechanical condition resulting from the 
electro-optical effect of the piezoelectric defor¬ 
mation which contributes to the normal effect if 
the crystal is free to move, as a result, the crys¬ 
tals birefringence due to these photoelastic effects 
must be distinguished from the direct electro-
optical effect since with high frequencies (above 
40 kc) the crystals are essentially clamped due 
to inertia effects. 

The dihydrogen arsenates and phosphates of 
ammonium and potassium are available as large 
single crystals, and are of particular interest in 
so far as their electro-optical properties are 
concerned. In crystals of this symmetry class 
(Vd = 42m), electro-optical retardation Can be 
obtained free of overlapping natural retardation 
if both the electric field and the light propagation 
are parallel to the crystal's C-axis. Thus 
a Z-cut (001) basal section can be most usefully 
employed as a variable retardation plate. The 
chief advantage of these crystals is their sensitivity 
to low voltages and their capability of responding 
to high frequencies with a low loss tangent angle 
(see Fig. 3 and Tables 1 and 2). For example, 
KDP and ADP has already been utilized at micro¬ 
wave frequencies and their exact upper limits 
are as yet not definitely determined. 

The Retardation Effect 

The theoretical and experimental aspects 
of the electro-optical effect in tetragonal scaleno-
hedral crystals of the type KH2PO4 (KDP) have 
been discussed in considerable detail in the 
literature.4,5 [t Was shown by Billings that the 
equation of the Fresnel index ellipsoid for crystals 
of tetragonal scalenohedral symmetry under 
arbitrary electric fields can be written: 

2 . 2 2. 2, 2V , 
0 (x + Y ) + e (z ) + 2r63 Ezxy 

+2r41(Exyz + EyZX) = 1

where the xyz coordinates are taken as the stan¬ 
dard crystallographic axes, o and e are thé 
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reciprocals of the ordinary and extraordinary 
refractive indices no and ne, respectively, of the 
crystal in the absence of an electric field, and 
r63 and r4i are the two independent electro-
optical coefficients describing the changes in the 
index ellipsoid when the electric field is applied. 
The r63 coefficient thus describes the effect of a 
field parallel to the optic axis (the crystal C or 
Z axis), and rqi the effect of a field perpendicular 
to this axis. Under the electric field, the crystal 
becomes biaxial and the three axes of the index 
ellipsoid no longer coincide with the standard xyz 
axes. The new principle axes and refractive 
indices may however be determined purely 
algebraically by considering the effect to be a 
rotation of the coordinate axes to coincide with the 
principal axes of the ellipsoid defined by Equation 
1. 

Thus for a field in the Z-direction (Ex = 
Ey =0), the axes of the ellipsoid can be denoted 
by (X* y' z’). Thus z' coincides with z, while x' 
and y' are rotated by 45 degrees from x and y. 
The values of the three indices of refraction are 
then given by: 

3 
nx' =no+7 no r63EZ 

1 3 
ny' =no-Tno r63EZ (2) 

The retardation through a basal section of the 
crystal is then given by: 

(3) 

, 3 d no r63 V 
r =~(n , - n ,) =---X ' x' y' X 

Values found for rß3 by R. Carpenter, et al, 
are 2.54 x 10-7 cm/stat volt for ADP and 3.15 
x 10"7 cm/stat volt for KDP. It should be noted 
that the retardation is a function of the sign of 
the electric field. Therefore, after reflection, if 
the field essentially remains fixed, the phase dif¬ 
ference of the orthogonally polarized light beams 
will be additively retarded. As a result, if the 
cell produces a phase difference of 45 degrees for 
a single pass, then after reflection the total dif¬ 
ference will be 90 degrees (i.e., 1/4 wave plate 
or plane polarized light converted to circularly 
polarized light). On the other hand, if the field 
has reversed, then the phase retardation will be 
cancelled and the light will be reflected essentially 
the same as it was incident. This technique can be 

specifically applied to demonstrating the attain¬ 
ment of microwave modulation or, still better, 
practically doubling the over all effect as we will 
describe more fully a little later on. 

Electrical-Optical Light Modulation 

General Principles 

Tetragonal crystals, such as KDP and ADP, 
have a unique crystalline direction called the 
optic axis along which light rays propagate with 
the same velocity regardless of their polarization. 
Such crystals are called uniaxial. In general, 
they possess two principle indices of refraction 
and as a result, light traveling in any direction 
other than the optic axis consists of rays with 
two distinct velocities for two specific polariza¬ 
tions of the light. If a uniaxial crystal such as 
KDP is polished and placed in an electric field 
which is parallel to its C-axis, namely its optic 
axis, then for light propagating along the optic 
axis the uniaxial crystal becomes biaxial result¬ 
ing from the electro-optical effect of KDP. There¬ 
fore, whereas with no field the same propagating 
velocity existed for all polarized rays propagating 
along the optic axis, with the field applied two 
specific velocities exist for two specific light-ray 
polarizations. As a result, for plane polarized 
light initially aligned at 45 degrees to these two 
specific polarization directions, an electrically 
variable retardation plate results. If an analyzer 
is then added, crossed to the polarizer, an inten¬ 
sity modulation of the light beam will result. In 
the absence of an electric field no light is trans¬ 
mitted, while for the half-wave voltage the light 
is plane polarized at 90 degrees to the polarizer, 
and is therefore parallel to the analyzer with the 
resulting transmitted light at a peak intensity. 

In general, therefore, the net E-field causes 
eliptically polarized light to emerge from the 
crystal resulting from the phase delay introduced 
between the two specific light polarizations as 
derived from the incident plane polarized light 
by the crystal. This effect is typical for biré¬ 
fringent crystals and is most notably applied in 
designing wave plates. However, due to the 
alternating electric field, the eccentricity of the 
resulting elliptically polarized light will change 
and consequently the analyzer passes a period¬ 
ically changing light intensity. 

Plots of the relative transmitted light 
intensity versus the applied voltage across the 
crystal, (the electric field in the Z-direction), are 
shown in Fig. 4 for the case of the crossed polar¬ 
izer-analyzer and two conditions of bias. If 0 
represents the crystal retardation, Io the maximum 
transmitted light intensity, Vo the corresponding 
voltage required for 100 percent modulation of 
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the light, and I and V the instantaneous intensity 
and voltage; then the relative light transmission is 
given by; 

, i ■ 2 I = 1 sin o 

The operating conditions depicted in the 
second figure (biased condition) may be obtained 
by employing either (1) a d-c bias across the 
crystal or (2) a quarterwave retardation plate 
placed between the crystal and either the polarizer 
or analyzer, with its principal axis of refraction 
parallel to the birefringenet axis of the crystal. 
Obviously the latter method is normally preferred. 

These results assume that the collimated 
light from the incoherent source is incident norm¬ 
ally upon the crystal and parallel to its optic axis. 
However, off-axis rays suffer a natural retarda¬ 
tion due to the crystal symmetry thereby reducing 
the transmission contrast ratio, namely complete 
extinction is not possible. All light sources in 
addition to having a finite but significant spectral 
spread also have an associated source size. The 
former can be compensated for by filtering. The 
latter results in a limit to the degree of collima¬ 
tion in keeping with a required aperture size and 
therefore a maximum peak intensity since to fur¬ 
ther collimate necessitates a drop in available 
power. This departure from perfect collimation 
as well as the finite spectral spread must there¬ 
fore be accounted for in optimizing the modulat¬ 
ing index of an EOLM. The angular aperture of 
the EOLM is, therefore, limited by the permissi¬ 
ble contrast ratio; and for a contrast ratio of 100 
to 1, for a crystal thickness of 1/2 inch and light 
centered at 5000A, the acceptable divergence is 
approximately 2 degrees. The angular aperture 
is inversely proportional to the square root of 
the crystal thickness and directly proportional to 
the square root of the wavelength for a constant 
contrast ratio. However, larger cones of light 
can be utilized for more flux at the expense of the 
contrast ratio. 

In this regard, optical masers are especially 
advantageous, not only for their narrow spectrums 
and small beam divergences, but because they can 
be recollimated to extremely small apertures by 
simple lenses. They may also be designed so as 
to produce plane polarized light, using 90-degree 
oriented ruby crystals, and as such the 50 per cent 
intensity loss suffered in the polarizer can thereby 
be avoided. The application of EOLM's to modu¬ 
lating laser beams is therefore readily apparent. 
However, they may also be readily incorporated 
into a laser for a feedback control, or as a laser 
cavity Q switching technique. These latter 

techniques hold considerable promise for signifi¬ 
cantly increasing the available peak powers from 
pulsed solid state lasers. 

Figure 5 is a diagram of a typical EOLM and 
detector arrangement with the polarization orienta¬ 
tion shown stage by stage. The polarizers can 
consist of ordinary commercial grade sheet polar¬ 
izers, Nicol or Gian-Thompson polarizing prisms 
or such other sophisticated units such as multi-
thin-film polarizers. The specific choice is dic¬ 
tated essentially by the required ratio of maximum 
to minimum light intensity, namely, the crossed 
relative to the parallel arrangement of the polar¬ 
izer-analyzer combination, as well as the permis¬ 
sible linear cell aperture. For example, sheet 
polarizers having transmissions from 22 to 38 
per cent with associated extinctions of 0.0005 to 
0.05 per cent are currently available at modest 
cost and applicable over essentially the complete 
visible region with no aperture limitations. On 
the other hand, prism polarizers with considerably 
better extinction ratios are also available with 
improved transmission characteristics, but limited 
in aperture by the exponential increase in cost due 
to the limited crystal sizes currently available. 
The thin-film technology holds some promise of 
compromising these two extremes although their 
widespread application is not extensive due to 
lack of commercial sources and the attendant high 
cost of making them individually in small quantities. 

Electrodes 

Two types of electrodes are essentially 
available for an electro-optical light modulator 
based on the Pockels effect. In general, they 
must be transparent and conducting, and a means 
of protecting the polished hygroscopic crystal 
surface is required. The latter can be best ac¬ 
complished by coating the crystals with an anti¬ 
reflection coating such as MgO or lithium fluo¬ 
ride. A possible electrode might be a laminating 
glass with a thin conductive layer, such as Nesa 
glass. However, although this electrode has a 
high transparency and provides a uniform field, 
the high electrode resistance restricts the fre¬ 
quency response to about the 100 kc range. These 
electrodes also cannot be used for d-c or 
unilateral pulses because of the deterioration of 
the laminating layer due to electrolysis. The 
most effective electrodes are therefore either 
evaporated gold or metallic structures in the 
form of grids or rings. Since the opaque rings 
or grids will obscure from 20 to 30 per cent of 
the optical aperture, the proposed configuration 
employs the rings shaped as washers with the 
inner diameter the same as the crystal thickness, 
and the outer diameter conveniently set equal to or 
slightly less than the diameter of the cylindrical 
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KDP crystal. Therefore, the fringing of the 
electric field between the electrodes provides 
a field in the transparent region. This requires 
that the spacing between the electrodes (the inner 
ring diameter) not exceed the crystal thickness. 
Thus grids can be used on thin crystals, and rings, 
as herein proposed, on thick crystals. As such, 
the effective voltage will vary from 100 per cent 
of the applied voltage at the edge of the electrodes 
to approximately 70 per cent in the center of the 
transparent region. Therefore, the retardation 
will not be quite uniform over the aperture and 
on the average about 20 per cent more than the 
theoretically calculated voltage is required for a 
given response. These effects will not be intol¬ 
erable, however, if the modulator contrast ratio 
is not especially sensitive to or restricted by the 
specific retardation. It should also be noted that 
if it is desired to keep the peak voltages to a min¬ 
imum, another proven technique would be to con¬ 
nect two electroded crystals, properly oriented 
and laminated together, electrically in parallel. 
The optical effects would thereby be additive and 
require half the voltage but have twice the cap¬ 
acity of a single cell. These techniques, however, 
would not be amenable to a simple cavity design. 

Transmission Losses 

From available data, the absorption losses 
of ADP and KDP in the visible region do not 
appear to be foreboding. The specific measure¬ 
ment of the transmissivity of these crystals is to 
some extent complicated by the fact that the 
quality of the crystals surface is especially sus¬ 
ceptible to variation from one sample to the next. 
This results from the basic hygroscopic nature of 
the crystal and can be prevented by careful polish¬ 
ing techniques and overcoating. However, allowing 
for this, as well as possible inhomogeneities of the 
material, it does not appear unreasonable to expect 
the absorption losses to be less than 3-4 per cent 
for a 1 cm thickness. This is based on the fact that 
a KDP sample 0.580 inch long had a measured 
transmittance of 87.5 per cent. Allowing 8 per 
cent for reflection losses, the absorption and 
scattering loss is therefore less than 4.5 per cent. 
Admittedly the reflection losses can be compen¬ 
sated for by overcoating and a minimum crystal 
thickness is desirable. The required thickness 
depends directly on the requirement to minimize 
cell capacity and to maintain an adequate contrast 
ratio across the cell aperture. The crystal 
material itself poses no problem since it can be 
cut to 50 mils before spontaneous fracturing 
occurs due to its fragility, and will in addition 
support 25 KV/mm. The field intensity problem can 
therefore be alleviated by potting techniques. The 
primary limitation is essentially the power dis¬ 
sipation and cavity design configuration. 

Cavity Design 

Since it was necessary to apply several 
thousand volts peak to peak across the crystal at 
microwave frequencies in order to achieve an 
effective light-beam modulation index, it was 
necessary to employ standard microwave tech¬ 
niques as opposed to conventional low-frequency 
procedures. As a result, a high-Q re-entrant 
type capacitive-loaded coaxial-line resonator 
was employed to develop the necessary electric 
fields along the desired crystal axis. The 
electro-optic crystal was employed, in the form 
of a cylinder, as the dielectric medium of the 
cavity. Thus the cavity concentrates an extremely 
high electric field in the limited region in which 
the crystal is placed. In addition, the require¬ 
ments that the electric field and optical path 
through the crystal be parallel to the Z, or optic 
C, axis of the crystal are thus quite easily ful¬ 
filled. A cross section of a laboratory model 
cavity resonator is shown in Fig. 6. Its resonant 
frequency can be determined with reasonably 
good accuracy by setting the susceptance of the 
capacitance, formed by the crystal, equal to the 
inductive reactance of the coaxial transmission 
line, formed by the outer and center conductors. 
In addition, although the loss tangent of the potas¬ 
sium and ammonium dihydrogen phosphates are 
low (see Table 2) for high voltage at microwave 
frequencies, the crystal loss can be excessive; 
and as a result produce unwanted thermo-optic 
effects in the crystal. In extreme cases the 
crystal might even be permanently damaged. 
Therefore, an extremely low crystal capacitance 
and/or cooling is mandatory. 

Due to the necessity of passing the collimated 
light beam through the cavity and also the crystal 
cylinder, the following equations can only approx¬ 
imate the actual characteristics of the particular 
physical configuration employed. The cavity's 
resonant wavelength, shunt impedance and unloaded 
Q-Qo- of the cavity can therefore be approx¬ 
imated by: 

rl 

+A + 2 1n22 

rl r2 rl 
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Rsh 2h rl 

L S' Í, , , r„ h-t h 2 
“ + + 21n — 

The above equations assume the crystal to 
be lossless. Taking into account the radio-fre¬ 
quency losses (tan 8 ) in the crystal, these equa¬ 
tions have to be modified by paralleling the shunt 
resistance (Rg^) with the equivalent dielectric re¬ 
sistance (R¿) where: 

1 
Rs = -

oie tan 8 

Modified equations are as follows; 

RshR8 . 

R Sh = R R ’ Qo' =
RshRS “ L 

where 

L = cavity inductance =(MQh/2") In r2/rj 

= permeability of free space = 4 ttX 10*? 
henry per meter 

Im = 1/2 [(r2-r1)2 + h2j X/2

e = 2.718... 

’I = free space impedance = 120 w ohms 

t' = thickness of an equivalent air capacitor = 
t/e ' r 

t = actual thickness of the crystal 

e r = relative dielectric constant of the crystal 

r. = cavity re-entrant post radius (also 
crystal radius) 

r2 = radius of the cavity 

h = height of the cavity 

8 ' = skin depth of the cavity 

tan 8 = loss tangent of the crystal 

œ = resonant frequency of the cavity 

Power dissipated in the crystal is only due 
to the loss tangent; and it can be expressed as 
follows: P = <dCV2 tan 8 , where C = crystal 
capacitance, V=voltage across the crystal, or 
more familiarly as: P = 2 w A fCV2 since tan 8 ~ 
1/Q = 2 -n Li/ w (if the material losses of the cav¬ 
ity are assumed to be negligible.) 

In addition, since the cavity is coupled to a 
transmission line, Xo and Q'o are somewhat altered 
from the values given by the equations. For the 
matched conditions the Q of the cavity will be half 
of Q’o. 

The regions through which the light beam 
passes on either end of the crystal may be treated 
as circular waveguide segments. In order to 
limit microwave energy losses in these regions, 
their dimensions must be such that the critical 
cut-off frequency occurs below the resonant fre¬ 
quency of the cavity. As can be seen from Fig. 6 
the polaroid holders and the long axial path length 
on one side of the crystal in combination with a 
relatively small cross-sectional optical path 
opening provides adequate attenuation. 

A cavity EOLM with a quarter-inch aperture 
and a resonant frequency of approximately 900 
Me has been designed and operated successfully. 
The loaded Q measures about 1000. The best 
modulation index, with 8 watts of r-f power input, 
was measured to be 30 per cent using ADP, and 
40 per cent using KDP. 

In one application where a much larger 
aperture was required, another type of cavity was 
designed, where the optical aperture was increased 
from 1/4 inch to 3/4 inch. Provisions were also 
made for liquid, or gas, cooling of the cavity in 
order to enhance the electro-optical effect and 
improve the stability of the resonant frequency. 
Due to such a Urge aperture (3/4 inch), it was 
necessary to install vanes across the aperture on 
either side of the crystal. These vanes help to 
distribute the electric field more uniformly and 
axially across the crystal and still transmit about 
90 per cent of the light. An exploded view of the 
EOLM is shown in Fig. 7. 

The resonant frequency and the loaded Q of 
this cavity are 600 Me and 1000 respectively. 
With 8 watts of r-f power input, the modulation 
index was measured to be 18 per cent. 

Due to difficulties in detecting the light 
signal over the previously mentioned frequency 
range it was necessary, for one recent applica¬ 
tion, to make an EOLM with an operating 
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frequency equal to about 200 Me. At this frequency 
the use of a cavity for the EOLM is impractical 
due to its size being prohibitively large. Hence a 
200-Mc oscillator was developed using two 8025a 
vacuum tubes in push-pull. For the resonant net¬ 
work in the plate circuit, 3/8-inch silver plated 
copper tubing is being used as a short-circuited 
transmission line with the ADP or KDP crystal 
acting as the capacitive element at the open end of 
the line. The 200-Mc oscillator has two significant 
advantages over the re-entrant cavities, in that it 
is simpler to build and it always has the crystal in 
the maximum electric field, due to the crystal 
being part of the resonating circuit itself. Where¬ 
as with the re-entrant cavities, when the resonant 
frequency drifts, power coupled into the cavity 
drops, unless the r-f oscillator frequency is 
changed to "follow" the resonant frequency of the 
EOLM cavity. 

With 850 volts applied to the tubes and draw¬ 
ing about 45 ma of plate current, the modulation 
index was measured to be 36 per cent. Future 
plans are to increase the plate voltage and also 
to apply cooling to the crystal. The expected mod¬ 
ulation index should be about 60 per cent. 

In cooling the ADP crystal, one must be 
careful to avoid thermal transients and minimize 
thermal gradients through the crystal. It has been 
found that thermal transients affect the electro-
optical effect considerably. 

Measurement Techniques. 

Concurrent with the design and development 
of a microwave light modulator, it is necessary to 
devise methods whereby the degree of modulation 
Can be measured. Calculated values are appropri¬ 
ate and necessary but monitored results are often 
more expedient and obvious to everyone concerned. 
We shall now discuss a simple and direct technique 
to accomplish this, assuming photomultipliers with 
adequate frequency response are not readily avail¬ 
able. The light passing through the EOLM is re¬ 
flected from a mirror back into the modulator, 
where, by using a beam splitter (half-silvered mir¬ 
ror) in front of the cavity, a portion of the reflected 
light reaches a photomultiplier. If the mirror is 
properly positioned relative to the modulator, then 
light initially passed through the shutter while it 
was open Can be returned during this same phase 
and thereby reach the detector. In so doing we must 
note that the phase retardation of the detected light 
will, as a result, be doubled over that ordinarily re¬ 
sulting from a single pass. If the mirror is then 
moved to another position, a quarter of a wave¬ 
length away in terms of the modulating frequency, 
then the light initially passed by the open shutter 
will now return out of phase, while the shutter is 

closed, so that no light will reach the detector. 
In other words the retardation is cancelled. On 
the other hand, if the reflecting mirror is uniform 
formly translated, then the photocurrent will vary 
from a maximum to a minimum with the relative 
intensities indicative of the degree of modulation 
and the rate-of-change of the signal correspond¬ 
ing to the translation velocity. Similar measure¬ 
ments could also be used to determine the actual 
modulating frequency by noting the separation be¬ 
tween the peaks and nulls. 

A simpler method to continuously indicate 
the degree of modulation is to modulate the micro¬ 
wave modulating frequency with a much lower 
frequency to which the photomultiplier can respond 
and which can be easily amplified and displayed 
on a scope. This technique affords a simple 
method for aligning polarizers, KDP crystal, as 
well as optical biasing wave plates. It also per¬ 
mits us to estimate the degree of modulation as 
before, by rms measurements, but with better 
sensitivity since the noise resulting from the 
detectors shot noise and the light transmitted by 
the knee of the response curve (poor extinction of 
crossed polaroids) can effectively be eliminated 
by narrowband amplifiers tuned to the low fre¬ 
quency as compared to the former d-c measure¬ 
ments. 

For practical applications however, a detec¬ 
tor capable of responding to microwave frequencies 
is of course mandatory. Heterodyning techniques 
using photocathodes or photomultiplier dynode 
mixing schemes have been demonstrated, as well 
as a few recent photodetector techniques with 
microwave response capabilities. A standard 
1P28 photomultiplier tube was successfully used 
as a heterodyne detector at 870 Me by injecting 
a low impedance 870-Mc signal on a suitable pair 
of dynodes. The signal was then conventionally 
detected by a mixing scheme whereby the injected 
(L.O.) signal was offset from the received signal 
and the low-frequency difference extracted and 
amplified. However, all these detection techniques 
will require further refinement before they can be 
considered for immediate application. 

Another method of detecting microwave 
modulated light is to use a second EOLM as a 
demodulator (see Fig. 8). We, therefore, essen¬ 
tially utilize two electro-optical units as a mod¬ 
ulator-demodulator combination as we did in the 
reflector detection scheme. The applicability of 
such a configuration, namely two separate elec¬ 
tro-optical devices, to a wideband communications 
system is depicted in Fig. 9. In keeping with the 
finite bandwidth limitations of must modulators, 
the EOLM's being no exception, a wide bandwidth 
capability would therefore result from essentially 
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packaging a number of electro-optical modulators 
and demodulators into a single system. Each is 
assigned a specific channel frequency and band¬ 
width and, if need be, utilizes a single source and 
transmitter by beam splitting and reassembling 
techniques such as with fiber optics. However, 
many sources could also be used in conjunction 
with a single transmitter. The receiver is sim¬ 
ilarly designed such that each demodulator in 
conjunction with a channel amplifier and filter 
will in essence select out their particular channel 
(by means of a straightforward superheterodyne 
arrangement as shown). Similar techniques to 
achieve high information rates could also be 
accomplished with other detection schemes em¬ 
ploying essentially the same modulating technique. 

Temperature Effects And The 
Advantages Of Other Materials 

Effects of temperature upon the electro-
optical coefficients of ADP and KDP are now be¬ 
ing studied intensely. Not only is it expected that 
by cooling these crystals a considerable increase 
in their electro-optical coefficients will result, 
but in addition, the heat dissipation problem will 
be considerably enhanced with thermal gradients 
and localized heating kept to a minimum. Thus 
degradation of the modulation effect in EOLM ap¬ 
plications resulting from severe thermal gradients 
can be avoided and a reduction by a few orders of 
magnitude of the required half-wave retardation 
voltages might result. As a result, tests have 
been made utilizing dry ice as well as dry N2 gas 
precooled by immersion in L N2, to lower the 
crystal temperature to approximately -40 degree 
C. The results to date have been as anticipated^ 
and the current test work was initiated. A helium 
Dewar has been modified, Fig. 10, and L N2 
utilized to effectively lower the crystals temper¬ 
ature close to its Curie point (for KDP, 123 degrees 
K), at which point the maximum effect is antici¬ 
pated (Fig. 11). These results have been encour¬ 
aging and are presently limited by thermal 
gradients introduced along the optic axis of the 
crystal resulting from the asymmetrical design 
of the cold sink. Typical results achieved so far 
indicate a 5 to 1 reduction in the half-wave retar¬ 
dation voltage of KDP. A symmetrical cold sink 
is presently being designed and results comparable 
to those indicated in Fig. 11 are expected. 

This investigation is significant and warrants 
further study in the future in so far as adopting 
these cooling techniques to high-frequency electro-
optical components. Preliminary results have 
shown that the dielectric constant, as well as the 
tangent loss angle, will increase slightly with cool¬ 
ing at high frequencies. The extent of the loss 
tangent increase, however, is not expected to limit 

the applicability of cooling to increasing the elec¬ 
tro-optical coefficients. It is however, obvious that 
further study must be devoted to, the effects of 
temperature on the materials loss tangent and di¬ 
electric constant at high frequencies. Nevertheless, 
it is conservatively estimated from available data 
that by cooling the KDP crystals to the vicinity of 
their Curie point (300 degrees K to approximately 
123 degrees K), an improvement factor of at least 
20 to 30 can be practically realized. 

In addition to cooling KDP, the practical 
feasibility of effectively raising the crystals Curie 
point from 123 degrees K to 213 degrees K by 
utilizing deuterated KDP has already been indicated^ 
and these crystals are now available in limited 
quantities. As a result, the anticipated improve¬ 
ments resulting from cooling KDP can be realized 
by cooling the deuterated KDP with a considerably 
less severe cooling requirement. These potassium 
dideuterium phosphate crystals are also noteworthy 
since their electro-optical coefficients are approx¬ 
imately three times better than KDP at room tem¬ 
perature, (see Fig. 11). It is therefore expected 
that by cooling the deuterated KDP from 300 
degrees K to approximately 225 degrees K, a con¬ 
servative improvement factor of at least 2 to 3 re¬ 
sulting from deuteration and 20 to 30 resulting from 
cooling can be realized. 

Other materials, such as the arsenates pre¬ 
viously mentioned in another section, as well as 
zinc sulphide should also be investigated. These 
advantages are not as obvious, however substitu¬ 
tion of cubic crystals for tetragonal can be advan¬ 
tageous, especially for off-axis rays which suffer a 
natural birefringence in tetragonal crystals and of 
more importance the applicability of multireflec¬ 
tion techniques (using off-axis rays) to consider¬ 
ably enhance the electro-optical effect without in¬ 
creased power or complexity. The zinc sulphide 
problem to date is that they are not available as 
synthetically grown large single crystals. Further 
research, however, may soon overcome these 
problems and their applicability to electro-optical 
components should not be discounted based on the 
fact that they are only naturally available for anal¬ 
ysis in limited quantities of extremely small 
single crystal size. 

Conclusion 

The current need for wideband communica¬ 
tions to permit high information rates has resulted 
in a critical requirement for microwave light 
modulators and detectors to fully exploit the poten¬ 
tial of current state-of-the-art developments in 
regards to light sources. These requirements are 
especially notable today as a result of the increased 
emphasis on space systems and the successful 
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demonstration of optical masers permitting an 
accurate control of the direction of high-power 
coherent light beams. 

The infrared/optics group at Sperry has 
been actively conducting advanced research and 
development in these immediate areas for the 
past two years and was able to successfully dem¬ 
onstrate, for the first time, a c-w microwave light 
beam modulator in June 1960. This unit operated 
at 900 Me using electro-optical crystals and cavity 
resonator techniques. 

This paper has attempted to review some of 
the pertinent background material necessary for 
a fundamental and complete understanding of these 
modulation techniques in addition to describing 
some specific design concepts and basic measure¬ 
ments. A few promising areas of study warrant¬ 
ing further consideration have also been mentioned 
although we have been far from exhaustive in this 
area for obvious reasons. 

As a final note we would like to point out 
that with a microwave modulation of light, the old 
arguments as to the basic nature of light can again 
be considered. Since the duration of a single 
photon wavetrain, as determined by spectral line 
widths, is normally around a nanosecond for many 
sources excluding gas lasers, and since our mi¬ 
crowave modulating period is of the same order 
of magnitude, we are essentially capable, with full 
modulation, of splitting a photon if the photon's en¬ 

ergy can be thought of as being distributed over 
the wave. This concept is naturally completely 
unacceptable to physicists. Nevertheless, we are 
grateful in having been able to contribute to the 
continued research necessary to clarify this and 
other philosophical questions relevant to the con¬ 
cept of the basic nature of light. We therefore 
leave it to you to decide - did we or did we not 
split a photon? 
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Table I 

Crystal 

Potassium Dihydrogen 
Phosphate (KDP) 

Potassium Dihydrogen 
Arsenate 

Potassium Dideuterium 
Phosphate 

Ammonium Dihydrogen 
Phosphate (ADP) 

Ammonium Dihydrogen 
Arsenate 

Rubidium Dihydrogen 
Phosphate 

Zinc Sulphate (cubic 
symmetry) 

Ref: A.LP. Handbook6

ELECTRO-OPTICAL COEFFICIENTS 
AND 1/2 WAVE RETARDATION VOLTAGES 
FOR SELECTED CRYSTALLINE MATERIALS 

8 r41 8 Í63(108 cm/stat volt) (10° cm/stut volt) y x/2 

25,8 31.5 7.5 KV 

39 6.2 KV 

70 3.4 KV 

62-5 25.4 9.6 KV 

19 13.0 KV 

33 7.3 KV 

- 12.4 KV 
6-4 - 9.3 KV 
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Table II 

ADP, KDP LOSS TANGENTS & DIELECTRIC 
CONSTANTS VS. FREQUENCY 

104 105 106 IO7 1Ü8 3xl08 3xlO9 1010

55.9 55.9 55.9 55.9 55.9 55.9 -

Mate- Field Temp- Fre- 2 3 
rial Orientation erature quency 10 10 

¿optical axis 25°C e'/eQ $6.4 56.0 

tan 8 400 46 

ADP 1 1 optical axis 25°C e'/«o 16.4 16.0 

tan 8 2400 240 

¿optical axis 25°C e'Ao 44 -5 44- ^ 
KDP tan 8 98 15 

1 1 optical axis 25°C €'/eo 21.4 20.7 

tan 8 170 24 

4.6 <5 <5 <5 <5 <10 

15.4 14.7 14.3 14.3 - 14.3 - 13.7 

70 70 60 10 - 5 - 50 

44.3 44.3 44.3 44.3 44.3 - -

<5 <5 <5 <5 <5 -

20.5 20.3 20.2 20.2 20.2 - -

<20 <5 <5 <5 <5 

NOTES: 1) Values for tan 8 must be multiplied by 10-4

2) Frequency in c/s 
3) e'/e0 is dielectric constant or permittivity relative to vacuum (also designated K, e, etc.) 

4) Tan 8 is dielectric loss tangent or dissipation factor 

5) Samples were dried over phosphorous pentoxide 

6) Nominal acc. « 'Ao = ±2% 

7) Nominal acc. tan 8 = ±5% 

Ref.' A Von Hippel, Tables of Dielectric Material,, Vol. 4, Jan, 1953 
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FIG. I KERR CELL MODULATOR 

4 • PHASE DIFFERENCE 
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UNPOLARIZED 
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FIG. 2 POCKELS MODULATOR 
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FIG. 4 RELATIVE INTENSITY VS. APPLIED VOLTAGE WITH AND WITHOUT OPTICAL BIASING 
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FIG.5A EOLM BASIC TEST SETUP 
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FIG 5 B ORIENTATION OF PLANES OF POLARIZATION 

TYPICAL VALUES 

Fj = 0. 25" 

r2 « 1.5 " 

Zo e 2.59° 

t = 0.573 

FIG.6 CUTAWAY VIEW OF COAXIAL 

RE- ENTRANT CAVITY 
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FIG. 7 600-MC LIGHT BEAM MODULATOR 
WITH 3/4-INCH APERTURE 

INPUT 

FIG. 8 EOLM MODULATOR - DEMODULATOR PHASE MODULATION TEST 
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RECE IVER 

FIBER OPTICS 
MULTI-CHANNEL RECEIVER SEAM SPLITTER 

FIG.9 TYPICAL MULTICHANNEL WlDE-BAND ELEC T RO - OP TICAL 

MODULATOR-DEMODULATOR COMMUNICATION SYSTEM 
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TEMPERATURE TESTING OF CRYSTAL SAMPLES 
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FIG.II EFFECTS OF COOLING KDP AND 
DEUTERATED KDP 
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PRACTICAL SOLID STATE THREE DIMENSIONAL (3-D) DISPLAY 

John L. Coddington And Robert J. Schipper 
Avco Electronics and Ordnance Division 

Cincinnati 41, Ohio 

Summary 

This paper presents a fresh and unique approach for 
generating a practical three dimensional display. The 
feasibility of this concept has been substantiated by a 
demonstrational model which offers a simple approach 
to dynamically presenting multi-parameters in their 
true perspective for fast evaluation and decisions con¬ 
cerning complex situations. 

An electroluminescent (EL) cross-grid, non-sup-
pressed, matrix panel is the heart of the "3-D" dis¬ 
play. When both a vertical and a horizontal line is 
energized (vertical for range and horizontal for height), 
their intersection produces a bright spot of light in two 
dimensions. As the panel is rotated in azimuth about a 
vertical axis, at a speed of 20 cycles per second above 
flicker rate, the third dimension is obtained. Elec¬ 
tronically pulse gating the EL panel displays floating 
spots of light representing data or aircraft in three 
dimensions. These spots appear to be floating within 
the non-evacuated enclosure. 

The paper describes the following: the display de¬ 
sign considerations, discussion of the working model, 
system operation, advantages and limitations, new dis¬ 
plays, and concludes with an example of a technique to 
incorporate this display in the Naval Tactical Defense 
System (NTDS) or Semi-Automatic Ground Environ¬ 
ment (SAGE) System. 

Introduction 

In the past the three dimensional (3-D) display has 
been considered more as a novelty or toy than a truly 
new and useful tool. This situation was undoubtedly 
the result of two basic factors; the numerous "3-D" 
display limitations, and the lack of systems that re¬ 
quired utilization of such a display. Recent advances 
in volumetric and multi-parameter systems has given 
impetus to the generation of a practical "3-D" display. 

"3-D" Display Considerations 

General 

A display system can only be as useful as the design 
objective and specifications designated. It is quite dif¬ 
ficult to state a single overall objective therefore the 
consideration of many areas in the overall design is 
necessitated to insure a good design. Any new design 
idea presenting parameters never before truly employ¬ 
ed, limits the extent of specifying some of the normal 

criteria along with new criteria until certain concepts 
are proven and are available for extensive study. The 
Avco "3-D", display falls into this catagory of dis¬ 
plays. The initial objectives of our display were as 
follows: 

Design. The prime consideration was to eliminate 
as many of the major disadvantages of other "3-D" 
displays as possible while retaining as simple and 
practical a design as possible. 

Decisions . Almost without exception the most gen¬ 
eral objective of any visual display is to enhance hu¬ 
man decision making. These decisions encompass de¬ 
cisions and data from a Controller vectoring the land¬ 
ing of an aircraft to a Commander deciding a tactical 
decision. To insure an accurate decision, a display 
must show an element of understanding or realism. 
This was a primary factor in the design. 

( Complex Situations — Equally as important a 
factor in design is the presentation of complex 
situations. Presenting data such as aircraft 
in their true perspective — range, height, and 
azimuth — is essential to obtaining a useful 
display.) 

Speed and Accuracy. Rapid reaction time, ac¬ 
companied with high accuracy for multi-dimension dis¬ 
plays are incompatible in the human mind where rapid 
important decisions are required. The speed and ac¬ 
curacy of response for decisions will be enhanced if a 
human is able to evaluate the answer in a binary type 
form (yes or no). This display permits this judge¬ 
ment without unnecessary degradation. 

Improved System Operation. System operation is 
generally improved if data is combined in one display 
rather than separate consoles such as Plan Position 
Indicators and Range Height Indicators. This area 
was to be more fully investigated and incorporated if 
possible. 

Other. Many other areas such as coding, control, 
access of information, human factors, etc. , are to be 
considered later in a full evaluation which is not com¬ 
pleted at this time. 

Electroluminescence 

Since Electroluminescence ( EL) is the basic "heart" 
of the system it is logical to present here a cursory 
review of this phenomenon. EL is the direct conver-
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sion of electricity into light. This process eliminates 
all intermediate steps normally connected with elec-
tricity-to-light conversion. Electrons within the EL 
phosphor are excited to a higher state energy level, 
generating a photon type of light. This light is usually 
referred to as a solid state transfer of energy. The 
visible light is dependent upon photon emission which 
is a direct result of an atom entering into and then re¬ 
turning from a highly excited state. Visible light is 
resultant only when the electron within the atom is in 
motion to or from its higher energy level. 

Model Discussion 

Figure No. 1, Demonstration Model, illustrates the 
practical hardware of the program. This is a feasi¬ 
bility model and not a final type which would later be 
designed to a particular application. This model was 
designed as a self-contained simulator, rather than 
being dependent on other equipment for its input data 
information. There are three individual Operator Con¬ 
trol Panels to present each operator with individual 
targets for positioning in three-dimensions anywhere 
within the non-evacuated enclosure area. The parame¬ 
ters for this display are: Range 100 miles in 5 mile 
increments, Height 30,000 feet in 500 foot increments, 
and Azimuth 1.4 degree increments. These parame¬ 
ters (Range, Height and Azimuth) are operator select¬ 
ed by appropriate switches on the Operator Control 
Panel. 

Figure No. 2, Layer Structure of Electrolumines¬ 
cent Panel, displays a commercial type EL panel. The 
glass base sheet is primarily for mechanical rigidity, 
and also acts as the foundation surface for the trans¬ 
parent conductive film. This film acts as one plate of 
a capacitor. A ceramic dielectric with an EL phosphor 
is next, and then another layer of transparent conduc¬ 
tive film which acts as the other plate of the capacitor. 
Electrical connections are then attached to each film. 
This effectively forms an electronic capacitor. 

Figure No. 3, EL Panel Cross-Grid Pattern, dis¬ 
plays the type of panel construction employed. The 
basic difference is in the conductive strips in the "x-y" 
directions. If 1 "x" and 1 "y" strip is energized each 
line will light, but their intersection will light very 
much brighter depending on the signal: frequency, volt¬ 
age, phosphor, waveform, and duty cycle. 

Figure No. 4, The Electroluminescent (EL) Panel 
is a cross-grid, non-suppressed, matrix type. It is 
comprised of vertical lines extending from the hori¬ 
zontal axis (representing Range), and horizontal lines 
extending from the vertical axis (representing Height). 
Since non-suppression ( a light vertical and horizontal 
line with a bright dot at the intersection) was utilized, 
the two halves of the panel were divided into odd and 
even height lines. The EL panel is 10 inches in diame¬ 
ter and 11 inches in height utilizing a 1 inch vertical 

center area for electrical connection for height infor¬ 
mation. The Range lines are connected across the bot¬ 
tom of the panel for electrical range insertion. The 
spot to line ratio, voltage wise, is 15:1. By the use of 
grid suppression techniques, a contrast ratio of 1000 
through 5000 to 1 can be obtained. 

Mechanical Considerations . The EL panel is at¬ 
tached to a split-shaft for rigid mounting, support, 
and positioning. The split-shaft in turn is attached to 
a bearing housing unit located at the top of the viewing 
dome, and to a coupler at the opposite end. The op¬ 
posite end of the coupler is attached to a slip-ring as¬ 
sembly (100 rings) shaft. The opposite end of the slip¬ 
ring assembly shaft is attached to a shaft-angle posi¬ 
tion encoder. The entire unit is rigidly supported and 
mounted in a vertical plane. A rigidly supported mo¬ 
tor operates at approximately 1200 revolutions per 
minute, or 20 per second, rotating the split-shaft, EL 
panel, slip-rings, and angle encoder. 

Circuit Design and Power Requirements . The cir¬ 
cuit design is entirely solid-state and utilizes 500 
milliamperes at -30 volts, and 50 milliamperes at +30 
volts or an average of 16. 5 watts. There are four 
chassis of which three are identical comparators, and 
one containing the oscillator and encoder amplifiers, 
along with two power supplies (+30 and -30 volts). The 
Range, Height, and Azimuth switch-positions on the 
Operator Control Panels make up the fixed memory for 
the display. 

System Operations 

The electronic operation of the "3-D" display pro¬ 
ceeds as follows: 

The Power Switch is placed in the "ON" position al¬ 
lowing 60 cycle 115 volts to energize the motor and 
power supplies. Figure No. 5, System Block Diagram, 
will aid in understanding the discussion of system op¬ 
eration. The EL panel, slip-rings, and azimuth en¬ 
coder begin to rotate when power Is applied. Selection 
of a target's Range, Height, and Azimuth is made from 
each of the Operator Control Panels with correspond¬ 
ing EL Parameter readouts. 

The Interrogate Oscillator, operating at 50 kilo¬ 
cycles (KC) sends an Interrogate Signal to the 28 bit 
Gray-Code Shaft Encoder. Each of the encoder's 
eight tracks, depending on angular position, sends its 
coded reply (0,1) to its corresponding track ampli¬ 
fiers. The amplifiers send a 0 volt or -30 volt to the 
three Azimuth Comparator Chassis. The Azimuth 
Switches on the Operator Control Panels have set fixed 
0 volt and -30 volt levels into this chassis. When the 
encoder output is identical with that of the Azimuth 
Selector Switches, a Compared Gate is generated. 
The length of the Compared Gate depends on the speed 
of panel rotation and azimuth resolution. Our gate is 
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generated for approximately 195 microseconds. 

The 50 KC signal, besides being sent to interrogate 
the encoder, is amplified and sent to Range and Height 
"and" circuits in the Azimuth Comparator Chassis. 
The Compared Gate "enables" the Range and Height 
"and" Circuits allowing the 50 KC signal to pass to the 
Range and Height output amplifiers for this 195 micro¬ 
second period. The output amplifiers are operated in 
push-pull with an output signal peak-to-peak of 350 
volts. The output push-pull signal is then sent to the 
Range and Height Selector Switch whose position de¬ 
termine which brush-block of the slip-ring assembly 
accepts the signal. The 50 KC signal is then sent 
through the slip-rings to the correct height and range 
line for a period of 195 microseconds. The EL panel 
illuminates displaying the target in three dimensions 
floating within the space enclosure. 

System Advantages 

Figure No. 6 illustrated the inherent advantages of 
this type of system namely: 

• Full 360° viewing angle 
• Completely solid state design 
• Multiple colors for target identification 
• Low power requirements 
• Simplicity of design eliminating: 

Special Optics 
Special Viewing Lenses 
Special Projection Equipment 
Cathode-Ray Tubes ( Normal and Storage) 

System Limitations 

EL Panel . This display is presently limited in dis¬ 
play volume to 30 inches in diameter by 20 inches in 
height. This is primarily due to panel manufacturing 
equipment limitations. The display must be viewed in 
subdued lighting because of the relatively low level of 
light output. At present 15 lines per inch horizontally 
and 15 lines per inch vertically are practical quantities 
for resolution. For a display with a range of 300 miles 
radius, a range resolution of 1.3 miles is possible. 
With a height display covering 100,000 feet, a resolu¬ 
tion of 333 foot increments is possible, and an azimuth 
resolution of 0.35 degrees. These figures can be im¬ 
proved by the use of expanded range and height tech¬ 
niques. 

Mechanical Problems . The primary mechanical 
problem is slip-ring life. The present state of the art 
in slip-ring design indicates approximately 1000 hours 
operating time before maintenance is necessary. Nor¬ 
mally only the brush-blocks require replacement at the 
1000 hour interval. We are presently investigating 
techniques to eliminate the use of the slip-ring as¬ 
sembly. 

Possible Applications 

The advantages presented by this type of display 
make the following types of usage more of a reality 
than has ever been possible with earlier systems. 

The Control Concept seen in Figure No. 7, illus¬ 
trates an Air-Traffic Control situation with the run¬ 
way or landing strip located at the center of the dis¬ 
play. The illustration shows only three targets, but 
the actual number that could be displayed would be 
limited only by the amount of information available or 
by the number of aircraft that human engineers deter¬ 
mine that a Controller can effectively handle. It 
should be noted that not only is there a volumetric dis¬ 
play, but also a PPI display to which the operator is 
normally accustomed. It is also possible to add other 
target identification techniques such as bands of color, 
denoting height for different altitudes, beacon codes, 
future or past-target-position tracks, etc. The entire 
display in each case is generated solely by one rota¬ 
ting EL panel. 

The SURVEILLANCE Concept seen in Figure 8, il¬ 
lustrates a military volumetric or "3-D" type of dis¬ 
play. Again, the target information data that can be 
displayed is quite extensive. 

The SATELLITE TRACKING Concept seen in Fig¬ 
ure 9, illustrates the true positions of objects in 
space. This type of display could be changed to dis¬ 
play various planets of the universe with any type of 
modified space relationship. 

The COMMAND CENTRAL Concept seen in Figure 
10 illustrates a tactical command decision-type dis¬ 
play. This display illustrates data such as ships on 
the ocean, aircraft above the surface of the ocean. 
This display can present all of the target identification 
techniques as previously noted, and all with the one 
rotating EL panel. 

Practical Military Application 

This system, due to its demonstrated flexibility, 
makes itself readily useful in systems concepts pres¬ 
ently in use, such as the Semi-Automatic Ground En¬ 
vironment (SAGE) or the Naval Tactical Defense Sys¬ 
tem (NTDS). The following is a discussion of a "3-D" 
System built for use with such strategic planning sys¬ 
tems. 

Figure No. 11, SIMPLIFIED SYSTEM BLOCK DIA¬ 
GRAM, illustrates functional logic of the system. The 
basic elements of the "3-D", display system are iden¬ 
tical to those discussed earlier. The major differ¬ 
ences lie in the sections concerning Memory, Informa¬ 
tion Access, and Information Selection. A discussion 
of these sections follows. 
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Memory. A nonvolatile (nondestructive) type of 
memory system is utilized in a coincident current se¬ 
lection principle. The three basic reasons for the se¬ 
lection of a nonvolatile system are: (1) a computer or 
data processing device will require the least modifica¬ 
tion to allow operation with the "3-D", (2) if a power 
or intermittant failure occurs there is the assurance of 
no lost information, and (3) a unique application for 
flexibility and reliability of design is available. 

Information Access . Processed data either from a 
volumetric radar, or from a computer may be accept¬ 
ed. The information is inserted into the Input Buffer 
directly from the Computer where it has been changed 
from analogue to binary. 

Information Selection. Either the Radar or the 
Computer initiates system operation by informing the 
Control Section with a Start Signal. The information 
from the Input Buffer is inserted into the appropriate 
Range, Height, and Azimuth Registers or Matrixes by 
the access gate. The Azimuth Encoder information is 
amplified and compared with the Azimuth Memory in¬ 
formation. A Compared Trigger is generated upon 

proper comparison which in turn selects the Range and 
Height information at this azimuth. A Channel-Selector 
Translator then selects the correct Range and Height 
Line from the selected memory information. A gated 
AC Signal is then allowed to pass down these lines to 
the EL Panel via the slip-ring and brush-block as¬ 
sembly. The Compared Trigger also informs the Con¬ 
trol Section that the display is in operation, and to al¬ 
low no new information during this gating period. After 
the gating time a resume signal is sent to the Computer 
to inform it that new information can be accepted. 

Conclusion 

A "3-D" display system with advantages outweigh¬ 
ing the disadvantages is now feasible. Further work 
in refinement of this system promises to result in a 
very useful tool for the system designer, who, in this 
present rapidly expanding technology must think in 
terms of more and more information handling capability 
while still retaining the human understanding necessary 
for decision making. This display is a step in that 
direction. 

Fig. 1. 
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LAYER STRUCTURE OF 
ELECTROLUMINESCENT PANEL 

Fig. 2. 

Fig. 3. 
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Fig. 4. 

BLOCK DIAGRAM 

I-1 
HEIGHT RANGE 
SELECTOR SELECTION V 

Fig. 5. 
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AVCO’S SOLID STATE, THREE-
DIMENSIONAL DISPLAY 

OFFERS 

FULL 360° VIEWING ANGLE 

COMPLETELY SOLID STATE DESIGN 

MULTIPLE COLORS FOR TARGET IDENTIFICATION 

LOW POWER REQUIREMENTS 

SIMPLICITY OF DESIGN, ELIMINATING: 

SPECIAL OPTICS 

SPECIAL VIEWING LENSES 

SPECIAL PROJECTION EQUIPMENT 

CATHODE-RAY TUBES (NORMAL AND STORAGE) 

Fig. 6. 

CONTROL 

Fig. 7. 

SURVEILLANCE 

Fig. 9. 

Fig. 8. 
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THE ELECTROSTATIC VIDICON AND METHODS OF EVALUATION 

R. J. Doyle 
Westinghouse Electric Corporation 

Elmira, New York 

The electrostatic vidicon, developed by 
Westinghouse, is an image tube sensitive to 
visible and near visible electromagnetic rad¬ 
iation, that features resolution capabilities 
similar to those of the electromagnetic types. 
The tube also incorporates high deflection 
sensitivity, low power consumption, and 
ruggedization. 

During this electrostatic vidicon develop¬ 
ment program specialized evaluation techniques 
were devised and used. 

Introduction 

The vidicon is an electronic transducer 
that converts electromagnetic radiation of the 
visible and near-visible range into electrical 
signals. These video signals can then be 
transmitted over wire or carrier-type circuits 
and the video information viewed on television 
or similar type displays. 

Today the vast majority of vidicons in 
use are of the electromagnetic type which re¬ 
quire bulky, power consuming external focus 
and deflection apparatus. The electrostatic 
vidicon, however, is completely self-contained 
in that all the elements required to control 
the electron beam are within the tube's one 
inch diameter envelope. Thus, this electro¬ 
static tube finds many applications where size, 
weight, and power consumption must be kept to 
a minimum, 

Tube Parameters and Operation 

The electrostatic vidicon is basically 
a miniature cathode-ray tube with a photo¬ 
conductor in place of the phosphor screen, 
see Figure 1. In fact, tubes have been built 
using the same geometry and electron optics 
with a phosphor output; such tubes are very 
useful for certain aspects of design evalua¬ 
tion and in the early stages of camera chain 
breadboarding. 

Beam Generation. The electron beam in a 
vidicon is generated from a triode structure -
similar to that found in most cathode-ray guns.1 
However, after the beam passes into the G2 
region it is mechanically masked by a tiny 
aperture - normally between .0005 and .005 
inches in diameter. In the low velocity gun 
this brute-force reduction in beam diameter 
creates a small spot which is the object of 
the main focus lens. This technique is 
employed in the triode structure to aid in 
minimizing the diameter of the spot that 

ultimately lands on the photoconductor. 

Focusing . Focusing of the electron beam in 
the electrostatic vidicon is accomplished by 
a straight cylinder type lens.2 The lens con¬ 
sists of three electrodes: the grid 2 cylinder, 
the first cylinder of the grid 4 group, and 
the grid 3 cylinder which is adjusted for 
optimum focusing action. The grid 3 is nor¬ 
mally operated at about 25% of the grid 4 
voltage. 

3 
Deflection. The beam after it emerges from 
the focus lens enters the deflection plates 
where deflection is accomplished by two con¬ 
secutive sets of parallel plates located at 
right angles to each other and separated by an 
aperture. This aperture electrode between the 
two sets of plates minimizes the capacitance, 
and thus the crosstalk, between the horizontal 
and vertical sets of deflection plates. 

The deflection plates themselves are so 
designed and located as to provide marimn 
deflection sensitivity and yet maintain mini¬ 
mum mechanical size. And since the ratio of; 
(1) the distance from the center of verti ral 
deflection to the photoconductor, to(2) the 
distance from the center of horizontal de¬ 
flection to the photoconductor, is nearly 
unity, the extensive defocusing and His— 
tortion effects theoretically attributed to 
the sequential deflection system are undetect¬ 
able in the operation of the tube. 

Collimation . Subsequent to deflection the elect¬ 
ron beam is collimated to insure its landing 
at all points orthogonal to the photoconductor. 
Without this lens the beam would strike the 
photoconductor at angles increasingly less than 
90° as it is deflected from the center to the 
edge of the faceplate. If this were to occur, 
the beam's velocity component normal to the 
photoconductor surface would decrease causing 
shading and resolution degradation from the 
center to edge of the generated image. 

Photoconductor. The photoconductor is a thin 
semiconductor material, sensitive to visual and 
near-visual electromagnetic radiation, that is 
deposited on a transparent conductive 1 amina 
on the inside of the faceplate. These materials 
in combination with the electron beam act like 
an array of elemental capacitors and resistors 
whose resistivity varies as a function of the 
amount of incident radiation. 

Initial scanning of the photoconductor 
with the low velocity electron beam stabilizes 
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its back surface at cathode potential. Thus, 
by applying a positive voltage to the conductive 
lamina a potential gradient is set up across the 
photoconductor. Where radiation falls on the 
target a more conductive path is established; 
a current flows through the photoconductor and 
the potential of the illuminated photoconductor 
elements rises towards the conductive lamina 
potential. When the beam rescans the photo¬ 
conductor it restores the elements to cathode 
potential, thus giving rise to a signal current 

Design Objectives 

The objectives of this development program 
were simply to develop a tube with the same 
transducing capabilities as the electromagnetic 
vidicon, while retaining the inherent advantages 
of electrostatic type tubes. Ruggedization and 
low heater power were also to be incorporated 
for missile and airborne applications. 

Resolution. Resolution is a measure of the 
number of elements or bits of information a 
device can resolve, and must be qualified by 
an indication of the relative contrast between 
bits. In the normal mode of operation, the 
electromagnetic vidicon is capable of resolving 
600 TV lines, at 10% response factor, in the 
center of the tube.5 The electrostatic vidicon 
should be able to do the same. 

Deflection Sensitivity. The deflection 
sensitivity of the electrostatic vidicon is one 
of the basic advantages this type has over the 
electromagnetic. Therefore, the deflection 
system should have maximum sensitivity, minimum 
defocusing and distortion effects, and yet be a 
simplified type of mechanical structure in the 
tube. 

Power Consumption. The electrical power needed 
to operate an electrostatic tube is inherently 
much less than that required to run an electro¬ 
magnetic type. To further enhance this inherent 
advantage, a low power heater and compatible 
cathode were to be designed. 

Ruggedization. Since the electrostatic vidicon 
obviously lends itself to use in aircraft and 
satellite video systems it must be ruggedized 
to the point where it will withstand aircraft 
vibration, and the environmental conditions 
associated with rocket blast-off, without de¬ 
gradation in its performance. 

Measuring Techniques 

As the electrostatic vidicon development 
program progressed, it became necessary to 
establish thorough testing procedures so that 
the relative performance of each tube design 
could be accurately evaluated. 

Resolution. Resolution,as was mentioned 
under "Design Objectives," is a measure of the 
ability of a device to resolve picture detail. 

The most common method for determining the 
resolution of a vidicon involves the imaging of 
the REINA test pattern on the photoconductor and 
determining from a television monitor the point 
where the black and white bars in the resolution 
wedge are no longer distinguishable. This method 
is fine for setting up camera chains and for 
getting a rough idea about the performance of a 
tube, however, for the laboratory evaluation of 
electrostatic vidicons, where slight differences 
between tubes must be detected, the technique 
was not found adequate. 

Therefore, a new type of test pattern was 
devised (Figure 4) which consists of nine line-
groups; each of these groups contains a black 
and white bar to represent 100% response factor, 
followed by ten sets of four black and three 
white lines which represent 100 to 1000 TV lines, 
in 100-line increments. 

This new chart makes it possible to obtain 
data for a complete square-wave aperture re¬ 
sponse curve with one oscilloscope presentation. 
Figure 5 is typical of the type of presentation 
that is obtained fron an oscilloscope that is 
fed the video signal and set to select one 
horizontal scan line when an image from the 
"line selector" pattern is being transduced. 

The procedure for obtaining the aperture 
response curve is as follows: 

1. The tube is set up under the 
desired test conditions, in 
this case optimum overall per¬ 
formance. (Figure 2 shows the 
REINA test pattern image for a 
basis of comparison, while 
Figure 3 was obtained under 
the same operating conditions 
with "aperture compensation" 
added.) 

2. The REINA test pattern is re¬ 
placed in the light box with 
the "line selector" pattern 
(Figure 4). 

3. The video signal from a 
selected horizontal line is 
presented on an oscilloscope 
and a photograph is taken. See 
Figure 5. 

4. The photograph is measured for 
the relative response of the 
line-sets to that of the black 
and white bars, and a curve is 
plotted. See Figure 6. 

From this procedure outline, and assoc¬ 
iated figures, one can equate the square-wave 
aperture response curve to the familiar pre¬ 
sentation of the REINA test pattern. 

The square-wave aperture response curve, 
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now so easily obtained, proved to be a most 
useful tool for the detailed study of factors 
affecting resolution. 

Parameters and Their Effects on Resolution, 
In reality probably everything within the 
vidicon effects the resolution to some extent, 
however, some effects are more prominent than 
others and are described below. 

Grid 2 Voltage . In the electrostatic 
vidicon, the Grid 2 (G2) is a cylindrical 
electrode containing apertures which help con¬ 
trol the final diameter of the electron beam. 
The G2 serves several functions, two of which 
are to accelerate the electrons toward the 
photoconductor, and to act as part of the 
focusing lens system. 

By varying the G¿ voltage independent of 
the other electrode voltages, and measuring 
the aperture response at discrete points after 
the beam had been refocused, it was found that 
as the G2 voltage was lowered the resolution, 
in most designs, tended to increase. Of 
course lowering the Gg voltage also reduced 
the strength of the field on the cathode space 
charge and at voltages which were very low the 
beam was often insufficient to charge the back 
surface of the photoconductor. 

From this type of test it has been found 
that for a best compromise the Gj should be 
operated at between 200 and 250 volts. 

Focus Voltage . As would be expected, 
the focus voltage has a marked degree of con¬ 
trol on the resolving power of the tube. Of 
interest, however, is just how much control. 

The sensitivity of the focus electrode 
(Gj) was determined in the following manner. 

The tube under test was set up in the 
camera chain with an image of the "line 
selector" test pattern focused on the photo¬ 
conductor. Then data for a series of aperture 
response curves were taken as a function of Gj 
voltage, using the procedure previously out¬ 
lined. Figure 7 is a typical set of curves 
from such an experiment except that for clarity, 
the curves for 71, 72, 73, and 74 volts were 
emitted since they lie in approximately the 
same positions as the curves shown for 69, 68, 
67, and 66 volts. 

At the point of 50% response factor 
(indicated by the dash line) a measurement of 
the number of TV lines resolved was made and 
the data were then plotted as a function of the 
G, voltage (see Figure 8). In this graph the 
data from below and above optimum focus voltage 
are both included. 

From the slopes of this curve are measured 
the change in resolution, at 50% response 
factor, in TV lines per volt. As measured from 

Figure 8, the focus sensitivity over the 
straight parts of the curve is 62 TV lines per 
volt. Other detailed studies of the curve 
within the area of ¿ 1 volt of optimum focus, 
have revealed that the sensitivity curve is 
relatively flat at the top. 

Grid 4 and D.C, Deflection Plate Voltage . 
The G^ voltage is internally connected to three 
electrodes: 1) the entrance aperture in front 
of the horizontal plates which forms part of 
the focus lens, 2) the crosstalk reducing aper¬ 
ture between the two sets of deflection plates, 
3) the post-accelerator which follows the 
vertical set of deflection plates and forms 
part of the collimating lens. The deflection 
plate D.C. voltage is set at the same value as 
the G^ voltage except for 2 or 3 volts differ¬ 
ence between the sets of plates for astignatism 
correction. 

Here again, as in the focus sensitivity 
experiments, the G^ and deflection plate 
voltages were varied together, and at discrete 
voltages aperture response curves were plotted. 
The data plotted for the most recent designs 
show some increase in resolving power above 
25O volts, however, not enough to recommend 
operation much above 300 volts. 

Supply Voltage . In many electrostatic 
vidicon cameras the voltages for all the posi¬ 
tive electrodes are developed from a single 
power supply through a series of voltage divider 
networks, and in the course of designing such 
cameras the question arises as to how much 
regulation is required in this main power supply. 
Thus a series of aperture response curves were 
plotted as a function of the change in the main 
supply voltage. The filament, Grid 1, and 
photoconductor were supplied from independent 
sources. 

Before analyzing the results presented note 
that the Gi voltage plays a major role in deter¬ 
mining the shape of the resulting curve, and that 
the data for the curve shown were taken under 
conditions of fixed Gl, e.g., the Gl was set so 
that when the power supply was lowered by 50 volts 
there was still sufficient beam current to charge 
the back surface of the photoconductor. 

For the experiment the power supply was 
set at 5OO volts, the focus optimized, and then 
the power supply voltage was adjusted and data, 
as in previous tests, were taken for aperture 
response curves, then at 50% response factor on 
each curve the number of TV lines resolved was 
measured and plotted as a function of the change 
in power supply voltage (see Figure 9). It is 
felt that these results are the most significant 
to the camera designer, when for example, the 
tube will be operating in a satellite or moon 
probe where a minimum of control will be avail¬ 
able. Figure 9 illustrates that even with fixed 
Gi voltage the tube suffers relatively little 
resolution degradation over a 30 volt change in 
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power supply voltage. 

When the same experimental procedure is 
followed, but the voltage is adjusted at 
each power supply voltage setting for optimum 
beam landing at the photoconductor, the curve 
continues to rise beyond 500 volts as would be 
expected from basic principles of electron 
optics. 

Deflection Defocusing . From electron 
optic theory it is known that beam defocusing 
occurs when the distance from focus lens to 
the ima ge plane changes without equivalent lens 
refocusing. Such a change takes place in the 
electrostatic vidicon when the beam scans from 
the center to the edge of the raster area. 

To investigate this deflection defocusing 
a series of aperture response curves were 
plotted using the nine line groups on the "line 
selector" test pattern. Figure 6 indicates a 
typical change in response from the center to 
corner of the raster area with no refocusing. 
This center to corner degradation can, to some 
degree, be relieved by dynamic focusing. 

Deflection Sensitivity and Linearity. Deflect¬ 
ion sensitivity is a measure of the voltage 
change required on each deflection plate to 
generate a specified raster size. In the one 
inch vidicons the standard raster is 1/2 x 3/8 
of an inch. 

Two methods have been employed to measure 
the deflection sensitivity in the electrostatic 
vidicon. The first method uses the electron 
gun in a standard vidicon structure. Here a 
collimated light source is projected through 
a 1/2 x 3/8 inch rectangular opening in an 
opaque template that is centered over the face¬ 
plate of the tube. Then from a condition of 
overscan, in the normal vidicon operating mode, 
the raster size is decreased until, as observed 
on a monitor, it just fills the illuminated 
area. Then with an oscilloscope the peak-to-
peak sawtooth voltage being fed to the deflect¬ 
ion plates is measured. 

The second method requires the building 
of a special tube with a TV-type phosphor coated 
faceplate. With this tube, containing the 
electrostatic vidicon gun set at the desired 
operating voltages, the beam is statically 
deflected across the phosphor and the voltage 
required to move a specified distance is 
measured. 

Figure 10, indicates the peak-to-peak 
sawtooth voltage required on each deflection 
plate, in push-pull operation, as a function of 
the D.C. potential on the deflection plates. 
The horizontal plates, although slightly more 
sensitive than the vertical plates, require 
more deflection voltage because of the four to 
three ratio between horizontal and vertical 
scanning distances. 

Within the tube itself the linearity of 
deflection has been studied using the same 
phosphor output tubes used for the second method 
of measuring sensitivity with a calibrated 
graticule affixed to their faceplates. Then 
the beam was focused and indexed across the 
phosphor from one intersection to smother; each 
time recording the deflection plate voltages. 
The maximum variation found in the voltage re¬ 
quired to cover the standard raster area in 
any of the recent dip-beaded type gun structures 
was well within tolerable limits. 

Vibration Effects. Figure 1 shows the WX-4871 
ruggedized, low heater power electrostatic 
vidicon that has been thoroughly evaluated 
in the X, Y, and Z axes for the effects of 
vibration of its performance. 

In the non-operating evaluation procedure 
the tube is vibrated at a particular accelera¬ 
tion level while the frequency is automatically 
cycled within a specified range. Under these 
conditions the tube is examined with a 
synchronized stroboscope flashing at a rate 
one cycle per second less than the frequency 
at which the tube is moving. Thus, any re¬ 
sonances in the tube structure appear as slow 
motion movements and their amplitudes can be 
measured. 

Operating vibration tests are performed 
using special holding fixtures. A test pattern 
is affixed to the faceplate of the tube while a 
collimated beam of light floods it and generates 
an image on the photoconductor; this eliminates 
the complications of a vibrating lens system. 
Using this technique, it is possible to view on 
a monitor any degradation in tube performance 
due to vibrations similar to those that take 
place when the tube is operating in an aircraft 
or rocket. 

Test Results 

The test results from the latest 
electrostatic vidicon designs indicate a marked 
improvement since the beginning of the develop¬ 
ment program—the various illustrations used in 
the text of this paper are typical of the per¬ 
formance of these tubes. 

Resolution . The resolution (better defined as 
aperture response) of the present electrostatic 
vidicon designs is, in many instances, equal to 
that of the standard one inch electremagnetic 
types. However, the development program con¬ 
tinues to further improve the electron-optics, 
making use of gun structures accurately con¬ 
trolled by means of the dip-beaded construction 
technique. This method of assembly, commonly 
used in cathode-ray gun construction, insures 
reproducibility and rigid placement of the many 
elements in the tube. 

Deflection Sensitivity. Deflection sensitivity 
has been maximized to the point where deflection 
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is easily achieved with simple transistor drive 
circuitry while deflection defocusing and 
structure size have been kept to a minimum. 

Power Consumption . The power consumption of 
the low power electrostatic vidicons, with a 
.945 watt heater, is only a fraction of that 
required by the standard magnetic types, and 
although work continues to develop even more 
efficient cathodes, it is felt that this tube 
fulfills the present-day low power requirements. 
It is realized that heater-cathode structures 
exist which operate at lower heater power, how¬ 
ever, the reliability and degree of ruggediza¬ 
tion possible using such structures is not 
always satisfactory for "space-age" environments. 

Ruggedization. The ruggedized types of electro¬ 
static vidicons are all similar in appearance 
to the WX-4871 shown in Figure 1, and their net 
weight is less than three ounces. 

Two ruggedization requirements have been 
imposed on the tube, one operating and the 
other nonoperating. Nonoperating tests apply 
under circumstances where, for example, the 
tube will be required to survive the shock and 
vibration of rocket blast-off and then be turned 
on when the satellite is in orbit. The operat¬ 
ing tests apply where the tube is required to 
be on during blast-off or severe environmental 
conditions. 

All the tubes similar to the WX-4871 with 
their electrodes embedded in the multiform glass 
beads have had little trouble meeting the 
imposed requirements. Che problem was encount¬ 
ered, in operating tests, from spurious signals 
being generated by the movement of the thin 
G5 mesh electrode. This trouble has been 
eliminated to a great extent but has set the 
ultimate vibration and shock levels that the 
tube can withstand while operating. Work is 
continuing to eliminate this final barrier. 

Conclusions 

Certainly the objectives to develop an 
electrostatic vidicon with low power consump¬ 

tion, high deflection sensitivity, etc. have 
been met and incorporated into tubes now in 
pilot production. ïet, work continues to 
develop new and more improved tubes to meet 
the ever increasing demands of defense and 
space-exploration. And, although not mentioned 
in this paper, an extensive program is being 
carried on to develop improved photoconductors. 

It should also be mentioned that the same 
electron guns developed and used in this 
electrostatic vidicon program are being success¬ 
fully incorporated into the low velocity 
scanning sections of the all electrostatic 
scan-converter, ebicon, and uvicon. 
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Fig. 3. Monitor display of RETMA test pattern 
(with aperture compensation). 

Illllllll 

I Illllllll Illllllll IIllllllll 
Fig. 1. WX 4306 Industrial type electrostatic vidicon 

and WX 4871 ruggedized type electrostatic vidicon. 

I Illllllll lllllllllllllll Illllllll 

Fig. 2. Monitor display of RETMA test pattern 
(without aperture compensation). 

Fig. 4. “Line-selector* test pattern. 

Fig. 5. Oscilloscope presentation of video signal 
from selected horizontal scan line (Fig. 4 
being imaged). 
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Fig. 6. Typical square wave aperture—response curves for electrostatic vidicon. 

Fig. 7. Square wave aperture response as a function of focus electrode voltage. 
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Fig. 9. The effect of a change in power supply voltage on resolution. 
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Fig. 10. Deflection plate sensitivity. 
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NEW DEVELOPMENTS IN ULTRA-FAST WARM-UP PLANAR TUBES 

J. M. Connelly and D. D. Mickey 
General Electric Company 

Owensboro, Kentucky 

Abstract 

Present day military weapons systems re¬ 
quire the reliability and the high frequency 
performance made possible by using modern ce¬ 
ramic planar tubes, but in addition, these 
weapon systems need to possess the ability to 
perform their mission with a few seconds notice. 

As a result of this requirement, a new 
heater-cathode structure has been designed that 
enables high performance planar tubes to be pro¬ 
duced that have a warm-up time of less than 
three seconds. This paper discusses the meth¬ 
ods used to analyze the thermal problems and 
obtain solutions leading to the achievement of 
this ultra fast warm-up time. The performance 
characteristics of planar tubes using this new 
heater-cathode structure will also be disclosed. 

This new heater-cathode structure is adapt¬ 
able to other types of tubes, such as cathode¬ 
ray tubes and traveling wave tubes. 

Introduction 

There are a number of important military 
applications in which the ability of electronic 
systems to achieve full operation in a short 
period of time is a prime requirement, tfeny 
of these systems also require the superior high 
frequency performance and the ability to with¬ 
stand severe environments made possible by use 
of modern planar ceramic tubes. A notable exam¬ 
ple of an application where fast operational 
warm-up is vitally necessary is in guided mis¬ 
siles intended for interception purposes. In 
addition to this specific use where fast avail¬ 
ability of stand-by systems is essential, there 
is a wider area of interest in both industrial 
and military applications where fast warm-up 
of electronic systems is a desirable feature. 

In recognition of the need for fast warm¬ 
up high frequency tubes, development programs 
at General Electric were accelerated to reduce 
drastically the warm-up time of planar tubes 
incorporated in or planned for use in these 
systems. The immediate objective of this pro¬ 
gram was a heater-cathode structure capable of 
delivering 90^ of the steady-state current of 
approximately ten milliamperes in three to five 
seconds. The ultimate objective is incorpora¬ 
tion of this fast heating cathode in a family 
of high frequency ceramic triodes. Realization 
of these objectives requires a reduction of 
warm-up time from approximately 20 seconds to 
three seconds. 

This program resulted in the development 
of a unipotential heater-cathode structure hav¬ 
ing the ability to warm up in less than three 
seconds. This heater-cathode also possesses 
superior electron emission characteristics, and 
tubes employing this structure should provide 
reliable operation over long periods of time. 

Methods of Approach 

The first step in this program was a com¬ 
prehensive thermal analysis of several proposed 
structures. In order to evaluate economically 
and accurately the effects on warm-up time of 
varying parameters such as thermal mass, emis¬ 
sivity and thermal conductivity, a thermal an¬ 
alogy was established on an analog computer. 
The accuracy of this study was greatly improved 
by determining boundary conditions in the ana¬ 
log circuit using data derived from prototype 
tubes having a number of features in common 
with the models being studied. 

Two basically different types of heater¬ 
cathode structures were studied. The first of 
these depends primarily on radiation transfer 
of energy from heater to cathode. This repre¬ 
sents a conventional approach since practically 
all tubes having electrically isolated cathodes 
utilize this type of heat transfer. The second 
type structure studied is based on conduction 
transfer of heat energy from heater to cathode. 
In this case it is necessary to physically bond 
heater and cathode in order for the conduction 
mode to predominate. 

In order to present some idea as to the 
size of the tubes being considered in this 
study, a photograph of a family of prototype 
ceramic tubes is shown in Figure 1. 

A cut-away drawing of a radiation transfer 
heater-cathode structure having reduced ther¬ 
mal mass but otherwise similar to those in the 
preceding tubes is presented in Figure 2. The 
various portions indicated were considered as 
separate reference points, or nodes, in the 
computer study. Actually eighteen nodes were 
considered in this study; for simplicity, only 
four typical nodes are shown in the drawing. 
Each of these nodes were receiving and losing 
energy in a manner illustrated in Figure 3-
These relations can be expressed mathematically 
and were simulated in an analog computer by 
choosing appropriate analog quantities and es¬ 
tablishing the necessary number of electrical 
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Fabrication Techniques 

circuits corresponding to these nodes. It is 
of interest to note that this study represents 
the first known example where thyrites were 
used extensively to simulate the 4th power re¬ 
lationships involved in radiation type heat 
transfer. 

Similar studies were made using models hav¬ 
ing bonded heater-cathodes. A cross-sectional 
drawing of this type structure is shown in 
Figure 4. Again nodal points of interest were 
chosen and the proper analog constants for ther¬ 
mal masses, thermal conductivities, heat sources 
and heat losses were applied to the computer 
circuits. 

Results of Theoretical Studies 

Typical results of a radiation model struc¬ 
ture obtained using the analog computer are 
shown in Figure 5. The exponential nature of 
input power with a constant applied heater volt¬ 
age is seen in the upper curve. This non-linear 
power input results from the large change in re¬ 
sistivity of tungsten heater wire with tempera¬ 
ture and permits a faster warm-up than would be 
possible with a material having a lower tempera¬ 
ture coefficient of resistivity. Predicted in¬ 
stantaneous values of heater and cathode temper¬ 
atures are also shown in Figure 5. It is seen 
that steady-state cathode temperature is not 
attained until approximately ten seconds, al¬ 
though equilibrium heater temperature is reached 
in about four seconds. This time lag is caused 
primarily by the thermal mass of cathode com¬ 
ponents including the radiation shield that 
surrounds the heater. The thermal emissivities 
of heater, cathode and radiation shield are also 
factors in this time lag. By optimizing heater 
and cathode emissivities, decreasing thermal 
masses and increasing conduction losses along 
the cathode support it was predicted that warm¬ 
up time of radiation heated cathodes could be 
decreased to about five seconds. Other tech¬ 
niques requiring higher steady-state power input 
can be used to reduce this time to approximately 
three seconds. 

Results obtained from studies of conduction 
transfer are shown in Figure 6 where predicted 
input power, heater temperature and cathode tem¬ 
peratures are plotted versus time. In this case 
90^6 warm-up time should be effected within the 
desired three seconds. 

Based on the results obtained in these 
studies, the major portion of subsequent de¬ 
velopmental work was directed toward perfecting 
the conduction transfer structure. 

Earlier work performed at the General 
Electric Research Laboratory had demonstrated 
that small planar tubes having bonded heater¬ 
cathodes would be practical to make. Conse¬ 
quently, a number of heater-cathodes contain¬ 
ing various material combinations were evalu¬ 
ated in diodes. A ceramic diode was chosen 
as a test vehicle for these various cathodes 
because of its simplicity of construction. A 
number of these bonded units are shown in the 
photograph presented as Figure 7. The coil 
heater is bonded to a cathode cup and electri¬ 
cally insulated from it by means of a thin 
layer of ceramic which is applied to the de¬ 
sired areas and allowed to dry. Bonding be¬ 
tween coil, ceramic and cup is effected at 
high temperature in a protective atmosphere. 
Another high temperature firing is used to 
braze heater legs to each terminal of the 
heater coil. This sub-assembly then is in¬ 
corporated into the complete tube following 
procedures previously established at General 
Electric. A cylindrical cathode support is 
welded to the bonded cathode assembly, and 
in turn this support is welded to a cathode 
ring and ceramic sub-assembly as shown in 
Figure 8. The cathode in this photograph 
has emissive coating applied on its planar 
surface. The relationship of the cathode to 
other tube elements can be seen in the cross-
sectional drawing of Figure 9. Although a 
radiation heater is actually shown in this 
drawing; the same comments apply to diodes 
having conduction heaters. Positioning of 
the cathode is such that the emissive surface 
lies flush with a ceramic reference surface 
and by this means the cathode is accurately 
located with respect to other tube elements. 
Metal parts are shaded and ceramic parts are 
dotted. Metal portions of the external en¬ 
velope are titanium. This metal provides 
very desirable gettering action at the high 
temperaturesi (1000 c) employed to seal metal 
and ceramic parts together. It also is the 
source of the titanium used in the nickel¬ 
titanium metal to ceramic seal. The same 
basic materials and methods are used in the 
fabrication of planar ceramic triodes. 

Results of Experimental Program 

The degree of improvement in warm-up ef¬ 
fected by these techniques is illustrated in 
Figure 10 where plate current is plotted ver¬ 
sus time for three tube designs. Curve A rep¬ 
resents a typical response curve of a proto¬ 
type utilizing radiation transfer from heater 
to cathode. In the design of this tube type 
warm-up time was not a primary consideration; 
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time to achieve 90^ steady-state plate current 
is approximately 23 seconds. Curve B gives 
results obtained with a similar tube contain¬ 
ing a radiation transfer heater-cathode whose 
thermal mass has been reduced to a practical 
minimum. In this case the time required to 
achieve 90^ warm-up was eight seconds. Final¬ 
ly, Curve C shows the warm-up attainable when 
the heater is physically bonded to the cathode 
and both are of minimum mass. A warm-up time 
of less than three seconds is realized; this 
value closely agrees with predicted values ob¬ 
tained during the study phase. Warm-up time 
as a function of ambient temperature is shown 
in Figure 11. The dotted curve was obtained 
during the computer study; the two measured 
values indicated again demonstrates the close 
correlation between predicted and actual 
values. 

In addition to studying the effect on 
warm-up of varying such parameters as emis¬ 
sivity and thermal mass of components, the 
idea of using a series connected, non-linear 
resistor to improve warm-up time was explored. 
By choosing an appropriate value resistor hav¬ 
ing a longer thermal time constant than the 
heater of the tube and a positive temperature 
coefficient, it is possible to effect a sub¬ 
stantial reduction in warm-up time. This tech¬ 
nique is applicable to either conduction or ra¬ 
diation type heater-cathodes. 

If a constant voltage source supplies pow¬ 
er to the combination heater and non-linear or 
ballast resistor as shown in Figure 12, the in¬ 
stantaneous power in the heater can be varied 
over rather wide limits by varying the resist¬ 
ance or time constant of the ballast. The 
peak heater power can be adjusted by changing 
the electrical resistance of the ballast and 
the time for which higher than normal heater 
power is applied is determined by the thermal 
time constant of the ballast. This circuit 
can be designed to operate in several differ¬ 
ent ways. For example, it might be considered 
desirable to limit heater temperature to its 
normal steady-state value, or it may be that 
a small "overshoot" in cathode temperature for 
a short time is desired. Thus, considerable 
design flexibility is possible. The penalty 
involved in the use of such an arrangement is 
some increase in steady-state power require¬ 
ments. However, a properly designed combina¬ 
tion should give more reliable operation in a 
more compact package than programmed heater 
supplies involving some devices that are com¬ 
monly used, such as timers and relays. 

The effect on plate current of a ballast 
in series with the heater of a bonded heater¬ 
cathode is shown in Figure 13, where plate cur¬ 
rent versus time curves are plotted when the 
tube is operated with and without a ballast. 

Warm-up time, when the ballast is used, is re¬ 
duced to 1.3 seconds. Steady-state cathode 
temperatures are approximately the same in all 
examples so that a true measure of performance 
improvement is shown. 

The low mass, integrally bonded type con¬ 
struction that gives this heater-cathode its 
fast warm-up characteristics also results in 
an extremely sturdy unit demonstrating excel¬ 
lent resistance to mechanical shocks and vibra¬ 
tion. Sample quantities of tubes were subjected 
to 35G swept frequency fatigue tests according 
to established procedures for reliable, military 
type tubes. The frequency of vibration was 
swept from 70 to 2000 cycles per second and re¬ 
turned with 10 minutes per sweep. This was done 
for one hour in each of three mutually perpen¬ 
dicular planes. 

This type structure also possesses excel¬ 
lent stability during life. Life tests were 
conducted with heater voltage cycled (on for 
ten minutes and off for five minutes). Results 
are shown in Figures 14 and 15 where heater cur¬ 
rent and tube drop of a group of diodes are 
plotted versus time. The slight decrease of 
tube drop during life testing is a result of an 
increase in emission. 

An increase in reliability should be ef¬ 
fected by use of this type heater-cathode by 
virtue of the exceptionally low heater tempera¬ 
ture required. A heater wire temperature of 
only 800°C is required here for proper opera¬ 
tion whereas in conventional radiation transfer 
heater-cathodes heater temperatures in the order 
of I2OO-I3OO0C are used. This reduction in 
heater temperature has several important advan¬ 
tages. The cooler heater is subjected to less 
mechanical stress during cycling. The chemical 
reaction rates between the heater wire and the 
insulating heater coating are decreased so that 
heater-cathode leakage and the probability of 
heater-cathode shorts are reduced. In addition, 
the lower heater temperature reduces any tend¬ 
ency for material to be evolved from the heater 
that might poison the cathode. This provides 
a higher and more stable emission level from 
the cathode. 

Triodes 

A few triodes incorporating bonded heater¬ 
cathodes have also been made and evaluated to 
a limited extent for the following character¬ 
istics: 

Swept Frequency Vibration Output 
Noise Figure (450 Me) 
Oscillator Power Output (4-50 Me and 1.2 Ge) 
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Vibration 

Further evidence of the rigidity of this 
bonded cathode is given in Figure 16 where 
swept frequency vibration output characteris¬ 
tics of a triode are shown. These curves were 
obtained by subjecting a triode to a variable 
frequency vibration at an acceleration level 
of 10G. The frequency of applied vibration was 
varied from 100 to 7000 cycles per second. The 
gain of the particular tube and circuit used 
was about 50 and the amplifier in the test 
equipment used to amplify microphonie output 
was essentially flat from 20 cps to 50 KC. 
Thus, any harmonics being generated within the 
tube would be amplified and be present in the 
output. Maximum output over the entire range 
is about six millivolts peak to peak; this is 
a very low level for a high performance triode. 

High Frequency Performance 

When a typical triode was tested as a small 
signal amplifier at 450 Me, noise figure and 
gain measurements were approximately 5 db and 
14.5 db respectively. These measurements were 
made with impedances matched for maximum power 
transfer with a 7 Me bandwidth. Performance 
as an oscillator at 450 Me is shown in Figure 17 
where oscillator power is plotted as a function 
of total cathode current at various plate volt¬ 
ages. Oscillator data obtained at 1.2 Gc and 
presented in a similar manner as before is shown 
in Figure 18. It is seen that approximately 
500 milliwatts at 450 Me and 350 milliwatts at 
1.2 Gc are available at a cathode current of 
12 milliamperes. It should be noted that these 
triodes were not optimized for high frequency 
performance since existing parts and assembly 
fixtures were used to a large extent. For this 
reason, these data should be considered tenta¬ 
tive and subject to slight improvement. Tests 
at 1.2 Gc were made in a grid separation planar 
oscillator designed for production testing tubes 
for radio-frequency characteristics. This unit 
is shown in Figure I9. It is electrically sim¬ 
ilar to a coaxial type circuit with the added 
feature that tubes being tested are readily ac¬ 
cessible. 

Other circuits using tubes to which this 
heater-cathode can be adapted are shown in 
Figures 20 and 21. In Figure 203 a laboratory 
model grounded grid amplifier designed for 
2.7 Go operation is presented. The small unit 
to the left is an adjustable series output 
capacitor removed from the main unit here in 

Tubes shown in Figures 20 and 21 and discussed 
herein are types 7077 and 7625- These types 
resulted from earlier General Electric develop¬ 
ment programs. 

order to show more circuit details. Similar 
tubes have been operated as high as 10 Gc in 
appropriate cavities. The fast warm-up heater¬ 
cathodes described in this paper can be incorp¬ 
orated into tubes designed for frequencies 
ranging from audio to microwave. For example, 
the two stage amplifier in Figure 21 was de¬ 
signed for use as a low level audio amplifier 
featuring low microphonism and high input im¬ 
pedance . 

Other Applications 

In addition to the various applications 
in which fast warm-up planar diodes and tri¬ 
odes are needed, this planar heater-cathode 
lends itself ideally to use in other electron 
devices such as cathode ray tubes, traveling¬ 
wave tubes and parametric amplifiers. 

Conclusions 

A fast warm-up heater-cathode utilizing 
conduction transfer of energy from heater to 
cathode has been developed that will attain 
essentially steady-state operation within 
three seconds. The addition of a series non¬ 
linear resistor further reduces warm-up time 
to less than I.5 seconds. Low operating tem¬ 
peratures permit excellent electrical insula¬ 
tion between heater and cathode and offer 
promise of high reliability in continuous or 
cycling type operations. The exceptional 
rigidity of the bonded structure provides a 
high degree of resistance to externally ap¬ 
plied mechanical vibrations. 

The planar nature of the cathode makes it 
readily adaptable to existing planar ceramic 
receiving tubes and other thermionic devices 
requiring this type cathode. 
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MODERN GENERAL ELECTRIC 

CERAMIC TUBES 

PLANAR CATHODE 
HEATED BY RADIATION HEATER 

LETTERS INDICATE 

TYPICAL NODES 

Fig. 2. Cut-away drawing of radiation heater-cathodes. Fig. 1. Modern general electric ceramic tubes. 

PORTION OF HEATER-CATHODE SYSTEM 

RECEIVING AND LOSING ENERGY 

HEAT GENERATED 
WITHIN NODE 

I 
£ HEAT CONDUCTION IN-- -— £HEAT CONDUCTION OUT 

NODE 
£ HEAT RADIATED INHEAT RADIATED OUT 

QUANTITY 

HEAT FLOW 

TEMPERATURE 

THERMAL RESISTANCE 

THERMAL CAPACITY 

TIME 

ANALOG 

= CURRENT 

= VOLTAGE 

= ELECTRICAL RESISTANCE 

= ELECTRICAL CAPACITANCE 

= TIME 

Fig. 3. Nodal drawing and analog quantities. 
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CROSS SECTION OF 
CONDUCTION HEATER-CATHODE 

CATHODE 
SUPPORT 

CATHODE 
CUP 

Fig. 4. Cross-sectional drawing of conduction 
heater-cathode. 

J r PREDICTED RESPONSE OF 

x 20 l CONDUCTION TRANSFER HEATER-CATHODE 
a. V 
I 10 ■ _ 

I- POWER IN 
CD qL 

Fig. 6. Predicted response for conduction heater¬ 
cathode. 

Fig. 5. Predicted response for radiation heater¬ 
cathode. 

199 



CONDUCTION TRANSFER 

HEATER - CATHODES 

Fig. 7. Photograph of conduction transfer heater¬ 
cathode. 

COATED CATHODE 
SUB-ASSEMBLY 

Fig. 8. Coated cathode sub/assembly. 

CERAMIC DIODE 
RADIATION TRANSFER HEATER-CATHODE 

Fig. 9. Cross-sectional drawing of diode. 

PLATE CURRENT 
vs 

Fig. 10. Plate current versus time; prototype; radiation model; 
conduction heater-cathode. 
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PLATE CURRENT WARM-UP TIME 
vs 

AMBIENT TEMPERATURE 

-100 0 +100 + 200 + 300 

AMBIENT TEMPERATURE IN “C 

ig. 11. Warm-up time versus ambient; conduction heater-cathode. 

TYPE Y-1057 
HEATER VOLTAGE AND POWER 

VS 
TIME 

Fig. 12. Heater voltage and heater power vs. time (conduction 
heater-cathode with ballast). 
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TYPE Y-1057 
PLATE CURRENT 

vs 
TIME 

Fig. 13. Plate current versus time (conduction heater-cathode with 
and without ballast). 

TYPE Y-1047 

HEATER CURRENT 
vs 

HOURS LIFE 

Fig. 14. Heater current during life test. 
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TYPE Y-1047 

TUBE DROP vs HOURS LIFE 

Fig. 15. Tube drop during life test. 

TYPE Y-1057 
FIG. 16 

DRIVE FREQUENCY CPS 

ACCELERATION LEVEL = 10 G 

STAGE GAIN = 50 

Fig. 16. Swept frequency vibration output. 
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450 MC POWER OUTPUT 
VS 

CATHODE CURRENT 

TYPE Y-1057 

oc 
2 

CATHODE CURRENT IN MILLIAMPERES 

Fig. 17. 450 MC power output versus cathode current. 

1.2 Gc POWER OUTPUT 

VS 
CATHODE CURRENT 

CATHODE CURRENT IN MILLIAMPERES 

Fig. 18. 1.2 Gc power output versus cathode current. 

1.2 Gc PLANAR OSCILLATOR 

Fig. 19. 1.2 Gc planar oscillator. 
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2.7 Gc AMPLIFIER 

Fig. 20. 2.7 Gc amplifier. 

TWO STAGE AUDIO AMPLIFIER 

Fig. 21. 2-Stage low noise audio amplifier. 
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A HIGH ACCURACY TECHNIQUE 

FOR THE MEASUREMENT OF 

MICROWAVE FREQUENCY AND PHASE MODULATION 

Samuel A. Rosen, 

Rantec Corporation, 

Calabasas, California 

Summary 

This paper describes a technique for the 

measurement of the frequency modulation or phase 

modulation produced by an active microwave de¬ 

vice. The system, which is based on the use of a 

ferrite single sideband modulator is independent of 

both source frequency and source amplitude varia¬ 

tions. Two such systems have been constructed, 

one for the measurement of the frequency modu¬ 

lation produced by a conically-scanning antenna, 

and the other for the measurement of peakdynamic 

phase shift vs. de bias current of a ferrite phase 

shifter. Frequency deviations of less than one 

cycle-per-second in 10, 000 Me have been accu¬ 

rately measured. 

Introduction 

With the increased use of microwave systems 

which require the precise knowledge of frequency 

and phase, greater emphasis is being placed on the 

ability of system components to reproduce signals 

with a minimum of phase- and frequency distortion. 

The equipment described in this paper was devel¬ 

oped in order to measure these distortions; parti¬ 

cularly the amount of frequency modulation pro¬ 

duced by a ferrite - scanned slot-array antenna. In 

an extension of the principles used, another equip¬ 

ment is discussed which measures the dynamic 

phase shift produced by a ferrite phase shifter 

when driven by an a-c current. 

Measurements of this type formerly required 

the use of a highly stable microwave source. AFC 

systems with cavity references, or phase-locked 

local-oscillator techniques were required. The 

equipment was costly and the accuracy of the in¬ 

formation obtained was several orders of magni¬ 

tude less than that which can be obtained by the 

system described in these pages. 

The ability of the single sideband modulator 

to supply an output which is displaced infrequency 

from its input allows measurements of this type 

to be free of the previous requirements for signal 

source frequency stability. 

Ferrite Single Sideband Modulator 

Before entering into the description of the 

equipment, a brief discussion of the ferrite single 

sideband modulator is in order ; since it is upon its 

operation that this equipment is based. 

As the name implies, the single sideband 

modulator is a device that produces a single fre¬ 

quency output, displaced from the input carrier by 

an amount equal to the modulating frequency. Fig¬ 

ure 1 portrays the modulator operation. The input 

is split into two components of equal amplitude but 

of quadrature phase. Each component is then sup¬ 

plied to a ferrite balanced modulator. The mod¬ 

ulators are driven in quadrature phase at the de¬ 

sired offset frequency and their outputs are com¬ 

bined in a magic-Tee. The upper sideband may 

then be obtained from the sum arm of the magic-

Tee, and the lower sideband from the difference 

arm. 

The balanced modulator consists of a circu¬ 

lar waveguide with a shorting plate at one end and 

an orthogonal mode junction at the other end. A 

ferrite rod is placed along the waveguide axis with 

a solenoid wound around the periphery of the guide. 

Energy entering one of the orthogonal ports will be 

reflected by the short and leaves the same port. 

If a direct current is supplied to the solenoid, the 

206 



polarization of the energy will be rotated and an 

output will be obtained from the other port that is 

porportional to the sine of the rotation angle. When 

an alternating cur rent is supplied, maximum output 

is obtained at both the postive and negative cur¬ 

rent-peaks and the output phases are displaced by 

180°. The resultant spectrum is that of a balanced 

modulator and contains two-sidebands and no car¬ 

rier. With this in mind, a brief analysis of the 

single sideband modulator may be made. 

Input = Ein e^o1

Input A = 1/2 E.nej“ot e^ 

Input B = 1/2 E^e 

Output A = 1/2 E^e^0*^ sin 0^t 

Output B = 1/2 E. sin 0 t in B 
where 

= carrier frequency 

0 = rotation angle 

Then 

E t = (the output from either port) 

E = 1/2 E. e^ 01 (sin 0_t ± e^ sin 0 . t) out in B A 

Let 

4> = tt/ 2 

and 

“A = “b + n/2

then 

E , = 1/2 E. e^0* [ sin 0t ± 
out in L 

(cos ir/2 + j sin ir/2) cos 0t J 

since 

cos it/ 2 = 0 

and 

sin ir/2 = 1 

E = 1/2 E. e^^ (sin 0t ± j cos 0t) 
out in 

= 1/2 E. e^o1 e * j0t in 

= 1/2 E. e^ (“o * 9)in 

Since 0 (the rotation angle) varies sinusoi¬ 

dally with modulation, the output frequency is 

translated by an amount equal to the modulating 

frequency. The sum arm will contain the upper 

sideband and the difference arm the lower side¬ 

band. Figure 2 is a photograph of a single side¬ 

band modulator similar to the one used in the 

equipment described. 

System Theory 

The basic system operation is shown in the 

block diagram of Figure 3. The output of the 

microwave signal source, f is split into two com¬ 

ponents. One component is connected to a ferrite 

single sideband modulator and the other to the local 

oscillator arm of a crystal mixer. The single 

sideband modulator is driven by a two-phase driver 

at the modulating frequency, f and the resultant 

output (f + f^) is supplied as the input signal to 

the device being tested. The output from the de¬ 

vice is then connected to the signal arm of the crys -

tai mixer. 

Since the local oscillator frequency is fc> 

and the signal frequencyis (f + f ), the resultant 

I-F output from the mixer will be at f . This I-F 

frequency is completely independent of the carrier 

frequency and its stability is determined solely by 

the modulating frequency. 

The I-F frequency is then amplified, amp¬ 

litude-limited, and supplied to a frequency discrim¬ 

inator. If a frequency shift is introduced by the 

device being tested, there will be a change in the 

signal frequency supplied to the mixer. The new 

frequency will be (f^ + ± Af), which when com¬ 

bined with the local oscillator signal, fc> will re¬ 

sult in a new I-F frequency of (f ± Af). An out¬ 

put voltage proportional to Af will be produced by 

the frequency discriminator. In the case of fre¬ 

quencymodulation, an a-c signal is obtained. The 

frequency components can be measured, and peak 

deviation obtained with apeak-reading voltmeter. 
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System Requirements 
for 

Frequency Modulation Measurements 

The system described is used to measure 

the peak dynamic frequency deviation vs. azimuth 

rotation angle as produced by a conically scanning 

slot antenna. The deviation range is 10 cps, and 

the measurement error requirement no greater 

than 10% of the deviation range. The X-band an¬ 

tenna carrier frequency results in a required ef¬ 

fective stability of 1 part in 10^. In the previous 

discussion of system theory, it was stated that the 

accuracy is dependent on the modulator frequency 

stability. However, in practice, one must add to 

this several other factors. 

The output from a linear discriminator can 

be written as follows: 

Eout = (k) (± Af) 

where „ E. 
k = k.-—-

l/2->3 

E^ = the input to the discriminator 

ß = the bandwidth 

and 

k l 

E out 

= the gain factor of the discriminator 
E. 

= k -Hl— (± Af) 
1 l/2-ß 

Therefore, the maximum percent amplitude mod¬ 

ulation for a given accuracy would be: 

Max error in cps , -1— X 100 
1/2 Bandwidth 

Amplitude modulation therefore can be a severe 

problem when dynamic measurements are made. 

In this equipment, a bandwidth of 1200 cps is used, 

so that for an error of 0.6 cps the maximum per¬ 

centage of modulation which can be tolerated is 

0. 1%. There is 10% amplitude modulation pro¬ 

duced by the antenna at the extremes of the meas-

urment, which must be reduced by amplitude lim¬ 

iting and clipping. Another factor which can affect 

dynamic measurement-accuracy is frequency-de¬ 

pendent phase shift in the I-F amplifier. In addi¬ 

tion, when fixed offset frequencies are to be meas¬ 

ured, the thermal-stability of the discriminator 

becomes decidedly important. 

Circuit Design 

Figure 4 is a block diagram of the final sys¬ 

tem configuration. The deviation measurement 

equipment is part of a complete test facility for the 

antenna, so that other considerations determined 

the choice of 455 kc as the I-F frequency. The 

single sideband modulator is therefore driven by a 

two-phase 455 kc crystal controlled driver. Fre¬ 

quency stability has been obtained by placing the 

crystal in a thermostatically controlled oven whose 

temperature is held to within 0.2°C. 

For auseable output, at one cycle deviation, 

a steep discriminator slope is required. To obtain 

a steep slope and permit a sufficiently wide pass¬ 

band, a discriminator center frequency of 15 kc 

was chosen. The conversion is performed by an¬ 

other mixer and oscillator. The oscillator is cry¬ 

stal controlled and operates at a frequency of 440 kc. 

The crystal is contained in an oven similar to the 

one employedin the single sideband modulator dri¬ 

ver, since its stability also affects the accuracy 

of the system. Utilization of this second conver¬ 

sion yields a simple, but effective technique for 

system calibration. By purposely changing the 

frequency of this oscillator, an output from the 

discriminator is obtained. In order to obtain a 

frequency shift of 10 cps, a front panel switch is 

used which changes the capacity across the crystal. 

The input signal to the 15-kc amplifier is 

amplitude limited by standard techniques. Several 

stages of limiting are required to reduce the per¬ 

centage of amplitude modulation to 0. 1%. The 

limiter output connects to the frequency discrim¬ 

inator which is a Foster-Seeley type. Ratio de¬ 

tectors and solid state frequency discriminators 

are presently being investigated to determine 

whether a less amplitude-sensitive discriminator 

can be obtained. 

A peak reading voltmeter is connected to the 

discriminator through a band-pass filter to meas-
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ure peak deviation at the antenna scan frequency. 

A voltage proportional to the meter reading is sup¬ 

plied to the Y-axis of an X-Y recorder. X-axis 

information is obtained from a data-take off pot¬ 

entiometer on the antenna mount. A typical curve 

of peak deviation vs. azimuth look-angle is shown 

in Figure 5. 

The frequency modulation measuring equip¬ 

ment is completely self-contained in a rack type 

of enclosure, and is used in conjunction with a 

microwave anechoic chamber. Figure 6 is a photo¬ 

graph of the complete antenna test equipment with 

the portions which are utilized for deviation meas -

urements highlighted. Waveguide runs are utilized 

between the receiving horn and mixer and between 

the single sideband modulator and antenna mount, 

thereby assuring maximum input signal for good 

limiting in the I-F strip. 

Phase Modulation Measurement System 

When a carrier is phase modulated, its in¬ 

stantaneous frequency will change. The maximum 

frequency excursion which occurs is: 

△f = -f AO m 

where 

f = the modulating frequency 

△6 = the peak phase shift in radians. 

If the modulating frequency is held constant, the 

frequency excursion is directly proportional to the 

peak phase shift. Since this direct relationship 

exists between peak phase shift, and the frequency 

deviation it produces on a carrier, a system sim¬ 

ilar to the one previously described can be used to 

measure dynamic phase shift. 

Figure 7 is a block diagram of a system which 

has been developed to measure the peak phase shift 

of a ferrite phase shifter. The microwave section 

is basically the same as that used in the frequency 

deviation system, The I-F frequency is 450 kc with 

a bandwidth of over 2 kc. A broader bandwidth is 

used since the high index of modulation produced 

by the phase shifter results in a broad spectrum. 

The signal is amplitude-limited in the latter stages 

of the I-F strip. The discriminator output is a sine 

wave whose frequency is the same as that of the 

modulation, and whose amplitude is proportional 

to the peak phase shift. The sine wave is ampli¬ 

fied, filtered to remove noise, and peak-rectified 

to produce ad-clevel proportional to the discrim¬ 

inator output. 

The phase shifters, whose characteristics 

are measured by the equipment shown in Figure 8, 

are used in the slot array previously mentioned in 

this paper. For symmetrical scanning, the phase 

shifters must be matched in groupings of four. A 

constant-amplitude a-c voltage is impressed on the 

drive coil of the phase shifter. Concurrently, a 

bias winding on the phase shifter is supplied with 

a d-c current which varies linearly from zero to 

a pre-set maximum and back to zero again. As 

the current changes, an X-Y recorder plots a curve 

of dynamic phase shift as a function of de bias 

current. Figure 9 is a representative curve of one 

of the phase shifters tested. 

System Errors 

System errors can be produced by insuffi¬ 

cient amplitude limiting, non-linear phase shift 

over the pass band of the I-F, and frequency drift 

of the single sideband modulator driver and dis¬ 

criminator. With careful design and control, these 

errors can be minimized. 

The output of a practical single sideband 

modulator consists of the desired sideband plus a 

small amount of the undesired sideband, the car¬ 

rier and sideband harmonics. These spurious out¬ 

puts, particularly the unused sideband, can affect 

the accuracy of the system. For a fixed micro¬ 

wave frequency, however, the carrier and unde¬ 

sired sideband can be reduced by careful adjust¬ 

ment of the bias magnets on the modulator (ref. 

Figure 2) and the phase and amplitude balance of 

the driver, so that they are at least 30 db below 

the desired sideband. 

The harmonics can be reduced by tuning the 

modulator coils to the drive frequency and utilizing 

low level drive 1. Their effects however are second 
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order, and since they normally fall outside of the I- F 

pass band these may be neglected for most measurements. 

Conclusions 

Two sets of test equipment were developed and con¬ 

structed based on the techniques described. Measure¬ 

mentaccuracies were obtained which were several orders 

of magnitude greater than heretofore possible. The prima¬ 

ry reason for the increased accuracy was the phase co¬ 

herent frequency translational properties of the micro¬ 

wave single sideband modulator. The use of the single 

sideband modulator in microwave instrumentation opens 

new fields of measurement that were previously 
untouched. 
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ANALYSIS OF ROTATION ERRORS OF A 

WAVEGUIDE ROTARY VANE ATTENUATOR 

Wilbur Larson 
National Bureau of Standards 
Radio Standards Laboratory 

Boulder, 

Summary 

In the Electronic Calibration Center of the 
NBS Radio Standards Laboratory, Boulder, 
Colorado, an analysis of calibration data obtained 
from measurements made on a rotary vane type 
attenuator reveals that the vane alignment pro¬ 
duces an inherent vane angle error. It is found 
that the standard deviation of the measured values 
of attenuation is correlated with the vane angle 
error. Approximately two-thirds of the attenu¬ 
ators calibrated were in error by less than 50 
percent of the manufacturer's stated specifications 
of accuracy. 

The treatment of the errors of a rotary vane 
attenuator is extended to cover the vane angle 
error, resettability error, and mismatch error. 
The method of analysis is applicable to all attenu¬ 
ation values and vane angle errors of this sample. 
Graphs are used to estimate the limits of these 
errors. Several representative cases are given 
using the deviation from the "estimated vane 
angle error" to establish limits in the correction 
of vane angle error. 

A modified rotary vane attenuator with a 
resolution equal to 30 times the resolution of the 
attenuators comprising the sample was used to 
verify calculated vane angle error at various 
values of attenuation. Inherent vane angle error 
can be reduced by increasing the dial resolution 
and by a technique of precise vane alignment at 
zero dial setting. 

Introduction 

The rotary vane attenuator which is common¬ 
ly used as an interlaboratory attenuation 
standard by industrial and governmental labora¬ 
tories, is characterized by a simple relationship 
between the angle of rotation of the vane from a 
zero reference position and the resulting attenu¬ 
ation. The expression stating this relationship 
may be written as 

2 
A = 20 log 10 cos O (1) 

where Q is the angle of the rotating section rela¬ 
tive to the stationary end sections and A is the 
resulting attenuation in decibels. The attenu¬ 
ation of devices of this type is nearly independ¬ 
ent of frequency throughout the range of oper-

Colorado 

ation. The rotating center section in most 
commercially available rotary vane attenuators 
is coupled to a direct-reading dial marked in 
decibels with gears having a ratio in the range of 
12 to 24. 

Data has been recorded on attenuators cali¬ 
brated in the Electronic Calibration Center of 
the NBS Radio Standards Laboratory, Boulder, 
Colorado. The analysis of calibration data 
presented in this paper suggests methods to im¬ 
prove the rotary vane attenuator for use as an 
interlaboratory standard. The results from 
more than one hundred calibrations performed on 
several types of waveguide rotary vane attenuators 
are given. These attenuators were calibrated in 
the frequency range of 4. 0 to 18.0 Gc. 

Error Analysis 

When an interlaboratory standard is cali¬ 
brated in the Center the value assigned to the 
standard is reported to be correct within certain 
limits. Errors that determine these limits are 
both systematic and random. The systematic 
error is always of the same sign, while the ran¬ 
dom error present in the measurement can be 
positive or negative with equal probability. 

The rotary vane attenuator has a systematic 
error which is inherent and is caused by the in¬ 
correct vane alignment of the attenuator. This 
inherent error can be positive in some cases and 
negative in others. The random error con¬ 
sidered here is an error caused by the operator. 
Both of these errors must be considered in 
setting the rotary vane attenuator to a given value 
of attenuation. A positive or negative inherent 
error is determined by the direction of rotation 
of the center vane from perfect alignment with 
the stationary sections. The operator error can 
be either positive or negative because the 
direction of rotation is random in making a dial 
setting. 

The attenuation difference of a variable 
attenuator can be measured by moving the dial 
from zero or reference position to another 
position that is marked on the scale. In making 
an attenuation difference measurement of a 
rotary vane attenuator one may write the initial 
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setting as 

A.' = A. ±e. +e. T (2) 
i i 10 11 

where A. is the calculated attenuation at the 
initial setting, e. is the error made by the oper¬ 
ator at the initial setting, and is the inherent 
error at the initial setting. 

The errors at the initial setting may be 
written as 

So +cir 40106 10 cos (ei * eio +eii) - 40 log 10COS e i 

cos(0.±0. + ©._) 
1 IO 11 

= 40 log 10- < 3> 
cos 0. 

1 

where 0. is the vane angle at the initial setting to 
obtain t¿e calculated attenuation, 0. is the vane 
angle error made by the operator at the 
initial setting, and 0 is the inherent vane angle 
error. 

In a similar manner, the final setting may be 
written as 

^M^o^I (4)

IS 

fo 

at the final setting. 

where A^. 
setting, e 
the final 

the calculated attenuation at the final 
is the error made by the operator at 
setting, and is the inherent error 

The errors at the final setting may be written 
as 

cos 0^ 

cos(9f±efo + en
e + e =40 log, ■ 
fo fl 6 10 

(5) 

where 0 is the vane angle at the final setting to 
obtain the calculated attenuation, 9^o is the 
vane angle error made by the operator at the 
final setting, and 0^ is the inherent vane angle 
error. 

The error due to mismatch must be con¬ 
sidered in making an attenuation measurement be¬ 
cause the attenuator is inserted in an imperfectly 
matched s^s^em. This mismatch error may be 
written as ’ 

em = 201°g 10 

,f)rr )(i- (f)s r : 
1 £> £> 

(i- (i) r.rG)(i- (i)s22rL) 
(6) 

where the front superscripts, 
to the initial and final values 

(i)’ and (i) , refer 

respectively, and where r. is the input voltage 

reflection coefficient of the attenuator when termi¬ 
nated with a load (detector system) having a re¬ 
flection coefficient r . The quantity r is the 
reflection coefficient of the generator $ and S22 
is an element of the scattering matrix of the 
attenuator. 

The attenuation difference measurements of 
this sample were made with the initial dial setting 
at zero decibels. Therefore, the rotation errors 
at the initial setting are very small as shown in 
Equation (3). However, the error could be sig¬ 
nificant with the initial dial setting at zero 
decibels for a very large inherent vane angle 
error. If the initial setting is made at a high 
value of attenuation, the errors at the initial 
setting will become significant since 0. will be 
large. 

Graphical Presentation of Data 

To compare measured values of inherent 
vane angle error with calculated values, a rotary 
vane attenuator was modified to permit precise 
determination of the angle of rotation of the 
vane by increasing the gear (coupling the rotary 
section to the dial mechanism) ratio to 360. With 
this modified attenuator, the inherent vane angle 
error was adjusted to a desired value and attenu¬ 
ation difference measurements were made at 
several values of attenuation. 

The solid-line curves of Figure 1 represent 
the calculated deviation in attenuation for vane 
angle errors of +5' and -5'. These values are 
obtained from Equation (5) with 0 = 0. Table 1 
_ . - _ , _ , . IO 
lists the calculated deviation in attenuation, 
the measured deviation in attenuation, and the 
difference between the calculated and measured 
results for vane angle errors of +5' and -5' at 
the dial settings of 10, 20, 30, and 40 db. The 
measured values of deviation in attenuation from 
Table 1 are plotted in Figure 1. 

The dashed-line curves of Figure 1 represent 
the calculated deviation in attenuation for operator 
errors of ± 30", estimated to be the maximum 
limits of resettability by the operator for the 
modified attenuator. 

The broken-line curves of Figure 1 represent 
the calculated deviation in attenuation for the com¬ 
bined operator and mismatch errors. The mis¬ 
match error was calculated from Equation (6) 
using values of '^r., f T., T, , and 

i i L G 22 

( ^S22 obtained from the usual relation between 

r and VSWR and to VSWR values shown in Figure 1. 
The mismatch error was calculated with the 
phase of the reflection coefficients chosen to give 
the maximum mismatch error. 
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In this analysis of the performance of rotary 
vane attenuators, data were selected from cali¬ 
brations performed on 52 attenuators. This in¬ 
cluded 114 calibrations, each consisting of the 
measurement of the attenuation difference for 
several values of attenuation settings at a given 
frequency. This sample had a frequency cover¬ 
age from 4.0 to 18. 0 Gc in waveguide sizes 
WR 187, WR 137, WR 112, WR 90, and WR 62. 
For most of the calibrations performed in this 
sample, the measured values of attenuation 
difference did not correspond to the dial settings 
of the attenuators. This lack of correspondence 
caused by inherent vane angle error, will in¬ 
crease at the larger values of attenuation differ¬ 
ence as indicated in Equation 5. If the vane angle 
error is large, lack of correspondence between 
measured values of attenuation difference and 
dial settings will become significant even at the 
small values of attenuation difference. 

Since the values of attenuation difference of 
10, 20, 30, and 40 db were common to all cali¬ 
brations in the sample, these values were used 
in computing the arithmetic mean and standard 
deviations recorded in Table II. A vane angle 
error corresponding to a deviation in attenuation 
equal to the standard deviation of the sample at a 
30 db setting was calculated to be approximately 
5. 5'. The curve shown in Figure 2 was plotted 
from calculations obtained using Equation (5) 
with 0, =5.5' and 0, = 0. The standard de¬ 
fl fo 

viations for each value of attenuation difference of 
the sample also are plotted in Figure 2. It will 
be noted that an increase in attenuation due to a 
vane angle error of + 5.5' passes approximately 
through the standard deviation of each value of 
attenuation difference determined for this sample. 
The greatest departure from the curve occurs at 
20 and 40 db, and is 0.002 db. 

Shown in Figure 3 are graphs of the 
arithmetic mean and the standard deviation of 
this sample. Approximately 32% of the results 
from individual calibrations differ from the 
nominal setting by an amount greater than O', 
4.6% fo^ greater than 20, and 0.27% for greater 
than 30 . Or, in other words approximately 
68% of the nominal dial readings are accurate to 
± 0.7%, 95.4% are accurate to 1.4% and 99.7% 
are accurate to ± 2. 1%. Results from Figure 3 
indicated that two- thirds of the attenuators of the 
sample were in error by less than 50 percent of 
the value of the manufacturers' stated specifi¬ 
cation of accuracy. 

Let us consider the measurements of one 
attenuator in this sample and estimate the vane 
angle error from these measurements. The 
difference between the attenuator dial readings 

and the measured value in decibels was used to 
determine the estimated vane angle error. The 
results for one attenuator in this sample with an 
average estimated vane angle of -2.8' are shown 
in Table III. 

The estimated vane angle error is determined 
from the dial error in column 3 with the use of 
Equation (5), and is listed in column 4 of the 
table. The average estimated vane angle error 
of column 4 is -2.8'. The deviation from this 
average is listed in column 5. If a correction is 
made for the -2.8' estimated vane angle error, 
the remaining error in decibels, listed in column 
6 of the table, results. This shows that for a 
correction of +2.8 minutes in setting the dial, 
the greatest error would occur at 30 db. The 
error at this value is 0.019 db or 0.06% of the 
attenuation value measured. 

In Figure 4, the graph for the rotary vane 
attenuator with a vane angle error of -2.8' is 
plotted in a manner similar to Figure 1, with the 
operator and mismatch error included. The 
measured values of attenuation difference fall 
within the limits of operator error except at 10 
db. However, when the limits of mismatch error 
are included, all values fall within limits of total 
error. 

Data selected from one attenuator calibrated 
at three different frequencies is summarized in 
Table IV and presented graphically in Figure 5. 
This attenuator was calibrated at 9.0, 9.8, and 
11.2 Gc, designated as A, B, and C, respectively, 
in the table and the graph. The average estimated 
vane angle error is +5. 9', at A, +5. 7' at B, and 
+ 5.5' at C. The maximum error in decibels for 
these vane angle corrections is 0.016 db for A, 
0. 015 db for B, and 0. 011 db for C. The error at 
frequencies A and B is 0.06% of the attenuation 
value measured, and the error at frequency C is 
0.03%. 

Deviations from the estimated vane angle 
error of any given measurement are in the same 
direction for each frequency, except for one 
point, 35 db, at the 9, 000 Me measurement. De¬ 
viations from the estimated vane angle error 
curve could be caused by a warp in the vanes or 
eccentricity during rotation of the center section. 

The estimated vane angle error was 
determined for each of the attenuators in the 
sample. Deviations from the estimated vane 
angle error were recorded at the 10, 20, 30, and 
40 db dial settings. The deviation averaged for 
all the attenuators was approximately 1.9' at 
10 db, 2. 1' at 20 db, 1.2' at 30 db, and 1.4' at 
40 db. These angles correspond to dial readings 
in error by 0. 014 db at 10 db, 0. 031 db at 20 db, 
0. 033 db at 30 db and 0. 069 db at 40 db. 
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Thus, if a correction equal to the estimated vane 
angle error were made at the respective 
attenuation values, all values of the dial readings 
would be in error by less than 0.2 percent of the 
value measured. 

The positioning of the vane at a dial setting 
of zero can be aligned with a precision attenuation 
measurement system so that the vane angle error 
is very small. The modified rotary vane attenu¬ 
ator referred to above was adjusted so that the 
differences between dial settings and measured 
values were within 0. 1 percent throughout the 
range 0-40 db. The modified attenuator was 
aligned several times by this technique. One ad¬ 
justment resulted in an average estimated vane 
angle error of approximately + 1'10" and another 
in approximately + 12". Figure 6 shows a curve 
of vane angle error of + 12" and the measured 
values of deviation in attenuation from the dial 
setting for the modified attenuator. These 
measured values of attenuation difference agree 
within 0. 1 percent of the dial settings, at 35 and 
40 db and within 0.05 percent at the lower values 
of attenuation. Details of this method of vane 
angle alignment will be presented in a forth¬ 
coming paper. 

Conclusions 

It has been shown the inherent error of the 
rotary vane attenuator is correlated with the 
standard deviation of the measured values of 
attenuation difference. The accuracy of the dial 
settings of the rotary vane attenuator can be im¬ 
proved with a correction of vane alignment equal 

to the "estimated vane angle error". With 
present rotary vane attenuators, the technique of 
correcting vane angle alignment can bring dial 
settings in agreement with precisely measured 
values of attenuation difference to within 0.2 
percent. 
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TABLE 1 

Comparison of Calculated Deviation in Attenuation and Measured Deviation in 

Attenuation for a Modified Rotary Vane Attenuator with an Induced Vane Angle 

Error of + 5 and -5 minutes 

Dial 

Setting 

VANE ANGLE ERRORS + 5' VANE ANGLE ERROR 5' 

Calculated 

Deviation in 

Measured 

Deviation in 

Difference 

in 

Calculated 

Deviation in 

Measured 

Deviation in 

Difference 

in 

DECIBELS DECIBELS 

10 

20 

30 

40 

0. 037 

0. 076 

0. 139 

0.250 

a 

b 

c 

d 

0. 040 

0. 074 

0. 145 

0.247 

+ 0.003 

- 0.002 

+ 0.006 

- 0.003 

0. 037 

0.076 

0. 139 

0.247 

a' 

b' 

c ' 

d' 

0. 036 

0. 071 

0. 138 

0.248 

- 0.001 

- 0.005 

- 0.001 

+ 0.001 
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TABLE II 

Arithmetic Mean and Standard Deviation in Decibels for a 

Sample of 114 Rotary Vane Attenuator Calibrations 

Dial Setting Arithmetic 

Mean 

Standard Deviation 

1 <r Ztr 3<r 

10 

20 

30 

40 

10.014 

19.985 

30.014 

40. 026 

±0.041 ±0.082 ±0.123 

±0. 085 ±0. 170 ±0.255 

±0.154 ±0.308 ±0.462 

±0.279 ± .558 ±0.837 

TABLE III 

Rotary Vane Attenuator Calibrated at 11,200 Me 

AVERAGE - 2.8' 

Dial Setting 

in DB 

Measured 

DB 

Dial 

Error 

in DB 

Estimated 

Vane Angle 

Error 

Deviation From 

Average Estimated 

Vane Angle Error 

Error in DB with 

Estimated Vane Angle 

Correction 

10 

15 

20 

25 

30 

35 

40 

9.992 

14.980 

19.946 

24.931 

29.902 

34.904 

39.867 

. 008 

. 020 

.054 

.069 

.098 

.095 

. 133 

- i. r 

- 2.0' 

- 3.6' 

- 3.3' 

- 3.5' 

- 2.7' 

- 2.7' 

+ 1.7' 

+ 0.8' 

- 0.8' 

- 0. 5' 

- 0.7' 

+ 0.1' 

+ 0. r 

012 

. 009 

.012 

.011 

.019 

.004 

.005 
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TABLE IV 

Rotary Vane Attenuator Calibrated at Three Frequencies 

A-9,000 Me, B-9,800 Me and C-11,200 Me 

Dial 

Setting in 

DB 

Dial Error 

in DB 

Estimated 

Vane Angle 

Error 

Deviation from 

Average Estimated 

Vane Angle Error 

Error in DB with 

Estimated Vane Angle 

Correction 

A B C A B C A B C A B C 

10 

15 

20 

25 

30 

35 

40 

. 047 

.056 

.085 

. 140 

. 154 

.218 

.290 

. 046 

.061 

. 085 

. 137 

. 147 

. 197 

.274 

.052 

.059 

.079 

. 121 

. 128 

. 179 

. 275 

6. 35' 

5. 10' 

5.65' 

6.65' 

5. 50' 

6.21' 

5.81' 

6.20' 

5. 55' 

5.65' 

6.50' 

5. 33' 

5.62' 

5. 50' 

7.00' 

5. 35' 

5. ¿5' 

5. 75' 

4.60' 

5. 12' 

5. 50' 

+ .46' 

- .79' 

- .24' 

+ .76' 

- . 38' 

+ . 32' 

- .09' 

+ .44' 

- .21' 

-. ir 

+ .74' 

- .43' 

- . 14' 

- .26' 

+ 1.49' 

- . 16' 

- . 26' 

+ . 24' 

- .11' 

- .29' 

- .01' 

.004 

. 009 

.004 

.016 

.010 

.012 

. 005 

.003 

.003 

.002 

.015 

.013 

. 005 

.013 

.010 

.002 

. 004 

.005 

.003 

.011 

.001 

5.9' 5. 7' 5. 5' 

AVERAGE 

Fig. 1. Comparison of calculated deviation in attenu¬ 
ation and measured deviation in attenuation for a 
modified rotary vane attenuator with an induced 
vane angle error of + 5 and - 5 minutes. 

Fig. 2. Calculated deviation in attenuation for a rota¬ 
ry vane attenuator with a vane angle error of 5.5 
minutes and the standard deviation for a population 
of 114 rotary vane attenuator calibrations at 10, 
20, 30, and 40 db dial settings. 
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Fig. 3. Arithmetic mean and standard deviation for a 
population of 114 rotary vane attenuator cali¬ 
brations at 10, 20, 30, and 40 db dial settings. 

DIAL SETTING IN db 

Fig. 5. Rotary vane attenuator calibrated at three 
frequencies A-9,000 Me, B-9,800 Me, and 
C-11,200 Me, with an estimated vane angle error 
at A, 5.9 minutes, at B, 5.7 minutes, and at 
C, 5.5 minutes. 

= 1.05 

OPERATOR 

10 

LIMITS OF 
MISMATCH 
ERROR 

LIMITS OF 
OPERATOR 
ERROR —-

LIMITS OF OPERATOR 
ERROR PLUS / 
MISMATCH ERROR 7

VANE ANGLE 
V -2.8 

COMPONENT 6 

ERROR(0 

O DIAL ERROR AT n

MEASURED POINT 
-CALCULATED ATTENUATION 

ac = 

LIMITS OF 

LIMITS OF COMPONENT 
OF MISMATCH ERROR 
(T| « cr22 = IO3 

of« a2¿ « 104 

DIAL SETTING IN db 

Fig. 4. Rotary vane attenuator with estimated vane 
angle error of -2.8 minutes determined from cali¬ 
brated points measured at 11, 200 Me. (IF 
substitution method). 

006 

004 
LIMITS OF OPERATOR ERRORS 

002 

0 

-002b 
_ LIMITS OF COMPONENT €m OF MISMATCH ERROR 

d - On - 1.03 
-004- 1.04 

q « q - 105 

ATTENUATOR VANE 
ANGLE 

■LIMITS OF OPERATOR ERROR 
PLUS MISMATCH ERROR 

LIMITS OF 
, MISMATCH, 
I ERROR < 

o MEASURED ATTENUATION 
-CALCULATED ATTENUATION 

LIMITS OF COMPONENT €to-€ (0 OF 
OPERATOR ERROR (Qo • 130") 

-0.061-‘-1-।-।-¡-1-1-1_ 
0 5 10 15 20 25 30 35 40 45 

DIAL SETTING IN db 

Fig. 6. A modified rotary vane attenuator with esti¬ 
mated vane angle error of 12 seconds determined 
from calibrated points measured at 9390 Me. 
(IF substitution method). 
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MEASUREMENT OF EFFECTIVE TEMPERATURES 

OF MICROWAVE NOISE SOURCES 

J. S. Wells, W. C. Daywitt, and C. K. S. Miller 
National Bureau of Standards 

Boulder, Colorado 

Summary 

The need for the calibration of gas discharge 
noise sources has existed for some time. In an 
effort to accommodate this need, work has been 
completed on a comparison system in X-band that 
uses a heated resistive wedge as a standard 
source of noise power. 

The reference standard is based on Nyquist's 
Theorem and consists of a high temperature wave¬ 
guide terminated by a suitably matched resistive 
element. The waveguide itself is one continuous 
piece with a heat sink on the flanged end. Two 
standards are in use; one of platinum - 13 per¬ 
cent rhodium waveguide and the other of gold 
waveguide. 

The comparison system is a modified radio¬ 
meter of the type used by Dicke, the principal 
modification being the use of one arm for compari¬ 
son purposes and the other arm for a reference. 
The powers from an unknown noise source and a 
standard noise source are compared through a 
single arm, and an indication of the ratio of the 
power levels is read as an attenuation difference 
on a precisely calibrated variable attenuator. 
The noise temperature of the unknown source is 
then determined from the attenuation difference, 
the temperature of the attenuator, and the 
effective noise temperature of the standard. 

An error analysis includes sources of errors 
in the comparison system and in the standard 
source. The errors due to the comparison 
system consist of: mismatch and calibration 
errors associated with the precision variable 
attenuator; chart resolution uncertainty; switch 
uncertainty; and the ambient temperature un¬ 
certainty of the attenuator. For the standard 
source the errors include the mismatch factor of 
the standard (and also the corresponding one for 
the unknown source), errors due to the uncertairty 
in the temperature of the hot load, and the 
uncertainties in the calculation of the effective 
noise temperature. 

All of these uncertainties will give a total 
error of 0. 07 db in the excess noise ratio of a 
suitable unknown noise source to be calibrated. 

The evidence of good repeatability in a set of 
measurements is presented along with the 

determination of the excess noise ratio of a 
commonly used, terminated, tube-in-mount noise 
source. 

Introduction 

Recent work in microwave noise measure¬ 
ment techniques in the Radio Standards 
Laboratory has led to the completion of a hot 
load standard noise source and an improved 
microwave radiometer. These are now incorpo¬ 
rated in a microwave noise calibration system. 

This report includes a description of recent 
improvements in the radiometer, the reference 
standard noise source, and an analysis of 
possible errors involved in making a measure¬ 
ment. The results of experiments to determine 
the effective noise temperature of one type of 
commonly used argon noise source with a 
nominal pressure-radius product of 11.9 mm 
Hg-cm are presented. This source is used as a 
working standard for the calibration service in 
the frequency range 8.2 to 12.4 Gc. 

Radiometer 

The comparison system consists of a modified 
radiometer of the type developed by Dicke(1> . The 
principal modification of the Dicke radiometer is 
the use of one arm for comparison purposes and 
the other for establishing a reference noise level. 
A block diagram of the system is shown in 
Figure 1. The combining junction shown in this 
figure may be either of two configurations. When 
two noise sources of approximately equal power 
are being compared, a magic tee junction. 
Figure 2, is used. When two sources of very 
different power levels are compared, a di¬ 
rectional coupler assembly is used. Figure 3. 
A photograph of the comparison system is shown 
in Figure 4. An earlier version of this system 
and its operation have been previously described*2). 
Therefore, a detailed description of its com¬ 
ponents and operation will not be given. 

In brief, the power from an unknown noise 
source and the power from a standard noise 
source are compared through a single arm of the 
radiometer, Figure 1, and the ratio of the power 
levels is determined from an attenuation 
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difference read on a precisely calibrated 
variable attenuator. The following procedure is 
used to determine the attenuation difference. The 
unknown source is connected to the radiometer 
input and the precision attenuator is set to one of 
the calibrated points in the vicinity of 10.6 db. 
A null output of the radiometer is then obtained 
and is achieved by readjusting the balance 
attenuator, which remains fixed during the re¬ 
mainder of the measurement. The hot load 
standard is then substituted for the unknown 
source and the precision attenuator readjusted to 
null output. The attenuation difference is then 
the difference between the attenuation readings 
on the precision attenuator at the two null 
conditions. The temperature of the unknown 
source is then determined from the attenuation 
difference, the temperature of the attenuator, 
and the effective temperature of the standard. 

Reference Standard 

The reference standard is based on Nyquist's 
Theorem and in practice consists of a high 
temperature waveguide terminated by a suitably 
matched resistive element. The waveguide it¬ 
self is of one continuous piece with a heat sink 
in the form of a water jacket enclosing the 
flanged end. This design eliminates two flange 
joints and the resulting reflections which had ex¬ 
isted in the previous standard* 21, and since flange 
joints lack exact reproducibility, the new design 
permits greater uniformity. The use of a homo¬ 
geneous material for the entire length of wave¬ 
guide also simplifies the calculation of attenu¬ 
ation as a function of temperature. 

The choice of materials for a high 
temperature waveguide is somewhat limited. 
Magnetic materials such as inconel and nickel 
were eliminated due to some uncertainty regard¬ 
ing their behavior in the vicinity of the Curie 
point. The materials given further consideration 
were restricted to the noble metals because of 
their relative stability and resistance to 
oxidation and corrosion. Most of these were 
eliminated for various reasons. Silver has too 
low a melting point; palladium and rhodium 
oxidize at relatively low temperatures; 
ruthenium, rhodium, and iridium are difficult to 
work, and osmium produces poisonous fumes 
when heated*31 . 

It was finally decided to utilize waveguides 
of two different materials, as shown in Figure 5. 
One is of gold and the other is of a platinum-13% 
rhodium alloy. Both gold and platinum are too 
soft for repeated use at high temperatures. The 
platinum-rhodium alloy is quite satisfactory 
mechanically and will maintain its shape over a 
long period; however, the uncertainty in its 
attenuation is larger than that of a gold waveguide. 

The attenuation of the gold waveguide is calcu-
able, but its softness and lower melting point are 
disadvantages. The gold waveguide was 
terminated by a silicon-carbide load, and the 
platinum-rhodium alloy waveguide was terminated 
by a zinc-titanate load. It was necessary to use 
something other than a silicon-carbide load in the 
platinum alloy waveguide, since platinum and 
silicon combine to form a eutectic which melts 
around 800° C‘4) . 

The temperature controller and oven used to 
heat the waveguide and its resistive termination 
are shown in Figure 6. The temperature con¬ 
troller was designed by E. Campbell of the 
Bureau Laboratories and was found to be very 
effective as can be seen on strip 4 of Figure 10. 
A horizontal orientation of the oven was found to 
be more desirable than a vertical orientation for 
several reasons. Possible cooling of the load by 
convection currents is reduced. In addition the 
thermocouples which measure the temperature of 
the termination are brought out the rear of the 
oven and thus the possibility of error due to 
kinking is minimized. With the oven in the 
horizontal position the flange of the output 
terminal of the standard may be connected 
directly to a reflectometer for a more accurate 
measurement of the reflection coefficient. The 
load may be positioned within the waveguide for 
optimum performance by use of a ceramic rod in¬ 
serted from the rear of the oven. The desired 
temperature distribution is achieved by controll¬ 
ing the current through three separate heater 
coils wound on a single core inside the oven. 
While in theory it would seem desirable to servo 
all three coils, proportional control of the 
current in the center coil has proved satisfactory. 
The sensing thermal junction is located 
longitudinally in the proximity of the hot load. 
The current through the auxiliary coils on either 
side of the central coil is adjusted manually to 
minimize the gradient along the length of the load. 
This gradient is measured by thermocouples in 
contact with the face of the load. The load itself 
contains a thermocouple that is used to monitor 
its temperature. 

A combination water flow and temperature in¬ 
dicator is attached to the front of the oven. It was 
found necessary during the initial heating to keep 
the jacketed section of the waveguide considerably 
above room temperature to prevent water from 
condensing on the interior of the waveguide. Some 
earlier erroneous results are attributable to such 
condensation. Another source of error during 
the developmental stage was power absorption by 
an inorganic growth which formed in the inconel 
waveguide then in use, as pictured in Figure 7. 
The bulk of this material was lost in the process 
of measuring its power absorption. Hence a 
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proposed chemical analysis could not be attempted. 
Later efforts to duplicate this growth were un¬ 
successful. 

Calculation of Output Temperature 

General Analysis 

The noise power entering the radiometer 
from the standard may be written as 

p — ltp. , 

where the reflection coefficients, T, are defined 
in Figure 11 (Appendix 1), T s is the effective 
temperature of the standard, k is Boltzmann's 
constant, and B the bandwidth of the system. T a 

will be less than the measured value of the load 
temperature, due to the attenuation of the noise 
power by the walls of the high temperature wave¬ 
guide. However, the resistivity of the walls also 
contributes to the noise output, and this must be 
taken into account. 

The analysis used here to determine the out¬ 
put temperature of the standard is essentially 
that outlined by Sees15’. His expression can be 
written 

T= io-^Lt, , (i) 
where: 

Ts = the output noise temperature in °K 

Tg (z) = the temperature of the waveguide in °K 

Tm = the measured temperature of the load 
in °K 

A ' = the total attenuation of the waveguide in 
decibels. 

z = the axial distance from the tip of the 
load (for convenience the reference 
point was taken to coincide with the tip 
of the load) to the waveguide region 
under consideration in inches 

b = the length of the waveguide from the 
tip of the load to the output flange in 
inches 

a(z) = the attenuation in nepers per unit 

length, 

where p is the resistivity of the wave¬ 
guide. The subscript "0 " refers to 0°C. 
The quantities a0 and p0 are constants, 
depending on the size and composition 
of the waveguide. 

Equation (1) is obtained from 

T = T 

The physical interpretation of Equation (1) is 
made evident with this alternate form; the first 
term in the alternate expression is proportional 
to the power generated by the hot load and 
attenuated from 0 to b, and the second term is 
proportional to the sum of the power generated in 
each infinitesimal segment dz of waveguide at z 
and attenuated from z to b. 

To make practical use of Equation (1), it is 
convenient to make several approximations. With 
the section of the waveguide between the hot load 
and the output flange considered to be divided into 
sufficiently small segments, the quantities'a'and 
Tg can be considered constant over each segment. 
Then when Equation (1) is applied to each segment, 
the output of the kth segment may be expressed as 

u, = io' v,°Lt (z) 
which becomes 

X “T-O.23ÁkíT-T> (3) 

provided that second and higher order terms in 
Ak, the total attenuation of the kth section, are 
discarded and the average values of a and T are 
taken. Ak' is related to ak by Ak' = 4. 34 ak Azk , 
where 4. 34 ak is the average attenuation in 
decibels per unit length for the kth segment and 
△zk is the length of this segment. 

To apply Equation (3), the temperature dis¬ 
tribution along the waveguide must be measured 
and a(z) calculated as a function of this dis¬ 
tribution. The expression for the attenuation per 
unit length (db/in) along the waveguide is given in 
Appendix 2 as 

r i tc\^ (f i + t
C, ( p/f ) ( £ * _ )Ä (4) 

where f is the frequency in Gc, p is the 
resistivity in pil - cm. Equation (4) is used to 
calculate A'k for each segment. Roeser and 
Wensel's(6) values for resistivity as a function of 
temperature for platinum and platinum-rhodium 
alloys appear in Table I. Values for resistivity 
as a function of temperature for gold are taken 
from Northrup's work171 . 

The uncertainty in the output temperature of 
each section,õTk+ j , is found by taking the total 
differential of Equation (3) and is 

ST, ’ I ST I+ O23CT "TH S<I 
+O.23Ä' I S(T~TJI • <5> 
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The total uncertainty in T 8 is then found from 
successive applications of Equation (5). 

Sample Calculation 

The analysis in the previous section will now 
be used to calculate the correction to the final 
output noise temperature of the hot load standard 
and also the accompanying uncertainty. Figure 8 
shows a typical temperature distribution for a 
gold waveguide as measured by temporarily 
positioning a thermocouple at integral values of 
z inside the waveguide and reading the thermal 
emf after equilibrium had been attained. The tip 
of the load is located at z = 0. When the system 
is in steady state, the gradient can be held to 
within 1°C per load length. The temperature at 
z = 11 inches is dependent upon the temperature 
and rate of flow of water through the water 
jacket. Also indicated in Figure 8 are the 
assigned values of T gk and A' k for each segment. 

Tb and 6T S are calculated from Equations 
(3) and (5) and Figure 8. The details of the cal¬ 
culation are shown in Table II. This calculation 
shows that Ts, the temperature of the reference 
standard, is reduced by 5.9°C; and that the un¬ 
certainty is Ts, 6T S, is 4. 1°C. 

Error Analysis 

General Analysis 

Several factors limit the accuracy to which 
the noise temperature of an unknown source can 
be measured. These are: 

(1) Possible uncertainty in the power ratio. 
Two factors contribute to this uncertainty. One 
is due to the difficulty in recognizing the proper 
adjustment to return the system to a null after 
changing radiometer inputs. The other is due to 
the inability to evaluate one of the small terms 
in the first order balance equation. 

A comparison of two noise sources by the 
radiometer requires the following adjustments: 
One noise source is attached to the input of the 
radiometer and the system is adjusted to a null 
by observing a level on a strip chart recorder. 
On replacing the first noise source by the second 
the precision attenuator is then readjusted to 
obtain the previous null. Obtaining these two 
nulls is made difficult by fluctuations in the re¬ 
cording and by the long integrating times needed 
for averaging. 

The complete balance equation as given in 
Equation (ll)of Appendix 1 is 

IO fo^ lo
(T-T )( I-Iff) 

= △ A -H2O 
)l -c<C I 

II-O.0 

~h20 log ,o

4-10 íog» U + €) (6a) 

where the quantities are defined in the appendix. 

Additional sources of noise power beside 
those being compared are generated in the attenu¬ 
ator section and receiver section*8’ (as defined in 
Figure ll)of the radiometer. Portions of these 
two powers appear in the complete balance equa¬ 
tion because of incomplete cancellation due to 
r2 changing when the attenuation setting is 
changed. The uncertainty caused by this effect 
is incorporated in the term 101og 10 (1 +e) of 
Equation (6a). 

(2) System uncertainty. One might 
question how closely an indication of equality re¬ 
lates the effective noise temperatures of two 
sources. The variables here are the attenuator 
error, which includes mismatch as well as 
resolution and resettability, and the impedance 
matches at the input of the radiometer and the out¬ 
put of the noise power generators. 

From Equation (11) of Appendix 1 it is 
apparent that the contribution to the system un¬ 
certainty due to the attenuator is 

11 — I« A.. I 2

I I - I« A'. I* 

11 - i? r i g 

li-G'C i*’ 

The corresponding contribution from the input 
mismatch is 

I I -C„ I? I* 

I l~C Ç l’¬ 

Ail of the contributions to the uncertainties 
given in the first two parts of this section are due 
to the unknown phase of the pertinent reflection 
coefficients. 

(3) The uncertainty in the noise temperature 
at the output terminal of the standard source. 
This depends on three factors: the accuracy with 
which temperatures can be measured, the 
accuracy to which the attenuation or resisitivity 
of the high temperature waveguide is known, and 
finally, on the approximations made. 

If the last three terms of Equation (6a) are 
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included as a composite attenuation error, then 
the balance equation becomes, to first order, 

AA = in, -- -
°9” 

= 4.34- -inq, T. T) (6b) 

The quantities in the above equations are defined 
as follows: 

AA = the attenuation difference in db, as read 
on the precision attenuator 

k = Boltzmann's constant 

B = the bandwidth of the system 

T = the temperature of the attenuator in °K 

Ts = the hot load thermocouple temperature 
modified by the effective attenuation of 
of the guide in °K 

Tne = the measured effective temperature of 
the noise tube and mount in °K. (The 
mount includes a termination at room 
temperature at one end). 

By differentiating (6b) and rearranging, one 
obtains 

8Tm = O.23(Tm -X)è(AA) Æ  j- 8X 
(X -t) 

- 11 ST. <7> 
L »5 I A. J 

since the small uncertainty in (1 - |r s | 2) is 
negligible compared to the terms retained. 

The quantities 6(AA), 6Ta and 6TS are the un¬ 
certainties in the first order balance equation. 
From Equation (7) the maximum uncertainty is 

I S Te I * 0.23 (X. -T ) I $(A A) I + 2e I ST I 
( Is la) 

454^ “ 'I I STI . <8) L Is I» J 
The quantities 6(AA), 6Ta and 6TS are discussed 
separately. 

Associated Attenuation Uncertainties 

The expression giving AA is found in 
Appendix 1. The uncertainty, 6(AA), due to the 
radiometer, is composed of the last three terms 
of Equation (6a): a precision attenuator mismatch 
uncertainty 6 (AA) , a source mismatch un¬ 
certainty 5(AA)n , and a balance uncertainty 

6(AA) U- In addition to these three terms a fourth 
term and optional fifth term must be included in 
6(AA). The fourth term is due to the uncertainty 
in the calibration of the attenuator, 6(AA)C, and 
the fifth term is due to the switch uncertainty, 
6(M) S . 

a. Precision Attenuator Mismatch Un-
certainty. The maximum value of precision 
attenuator mismatch uncertainty is given by 

S (A A \ = ZO ïog „ (l MCCI) , 
(I 5: H„ A'JK I + IG'CD 

When the equality log 10 x = 0.434 loge x and the 
approximation loge (1 + x) ~ x are inserted into 
this expression, it becomes 

8.68 [IIJÜAJ+ lAUniCTO+IClj. 
(9) 

Multiple-stub tuners are used to reduce the re¬ 
flection coefficients |r | and |l 22 | to as small a 

value as possible in order to minimize 6(AA). 
The uncertainty in measuring these parameters is 
small compared to their absolute value and may be 
ignored. It was found necessary to use two 
isolators in cascade following the tuners to insure 
that the measured reflections remained the same 
when the units were connected to the radiometer. 

The reference planes, at which the magni¬ 
tudes of the reflection coefficients are measured, 
are indicated in Figure 11 and discussed in 
Appendix 1. [An |, the reflection coefficient at 
the input of the attenuator, is measured with T 
replaced by a matched load (T S 0. 001). L 

Typical curves of reflection coefficient as a 
function of frequency are presented in Figure 9, 
with the IF signal and image frequency responses 
indicated by cross hatching. The primes of 
Equation (9) refer to the values of the quantities 
obtained with the attenuator set at approximately 
zero db, as is the case when the hot load is 
supplying the power at the radiometer input. 
Using Figure 9 one can calculate ô (AA) with the 
result e

bCAM€ < 0.016 db . 

b. Source Mismatch Uncertainty 

The second factor in the expression for AA 
may be considered to be an uncertainty due to 
multiple reflections resulting from two mis¬ 
matched sources supplying noise power to a mis¬ 
matched input terminal at different times. This 
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source mismatch factor may be written 

SÓA A)m < 20 o 

or, 

6(AA)„ « 8.68 [ |C„O+ IC.' rïl] . 

A typical value is 

8(AA)m < O.OO5Jb. 

c. Balance Uncertainty 
Using typical values of the parameters in 

Equation (10) of Appendix 1 to calculate e, one 
finds that 

lOfog^l+OÂ 0.006 db. 

The experimental resolution of the radio¬ 
meter is found by changing the precision 
attenuator setting a small amount and noting the 
resulting deflection on the recorder. De¬ 
flections less than this resolution must be in¬ 
cluded as a balance uncertainty. With a power 
level corresponding to a hot load tempera¬ 
ture of 1000°C at the radiometer input, un¬ 
balances of less than 0.005 db are discernible at 
the output, and unbalances of 0.002 have been 
detected. The limit of the resolution is 
certainly less than 0.01 db. 

Adding these two uncertainties the total 
balance undertainty is 

¿(AA^ < O.OI6 db. 

d. Attenuator Calibration Uncertainty 
The limits of resolution and repeatability 

were established by means of observations made 
during the precise calibration of the precision 
attenuator and are estimated to be ± 0.002 db. 
The calculated mismatch error was less than 
0. 005 db. Therefore, in summing both contri¬ 
butions, the uncertainty in the precision 
attenuator calibration is 

SCAAt < 0.007 Jb . 

The requirement for keeping the error in the 
excess noise ratio to within 0. 1 db necessitated a 
more precise calibration of the attenuator than 

was commonly available. The method decided 
upon was a subcarrier technique®’ . In order to 
assure the accuracy of the attenuator, it is cali¬ 
brated periodically. The need for assurance was 
pointed up when it was noted that a previous cali¬ 
bration had changed by 0. 04 db at the higher levels 
of attenuation during an 18 month period. 

e. Switch Uncertainty 

Another possible error (due to the switch) 
should be mentioned when discussing attenuation 
uncertainties. The system is sufficiently stable 
that the reference standard and the unknown 
source may be attached alternately to the same 
input terminal and may be compared without 
changing the position of the switch. Thus, in 
this case, the error due to switching is 
eliminated. 

Comparison with the working standard 
(Figure 1), however, depends on the repeat¬ 
ability of the switch. Both reflection coefficient 
measurements on the switch and tests of the 
switch in the system indicate that the switch un¬ 
certainty is less than 0.002 db, or 

S(AA)s < 0.002 Jb. 

The maximum associated attenuation uncertainty 
is then obtained by adding the uncertainties of a, 
b, c, d, and e. The result is 

6CAA) < O.O46db . 

Uncertainty in the Temperature of the Radiometer 

6Ta is the uncertainty in measuring the 
ambient temperature of the attenuator section of 
the radiometer. The room is temperature 
controlled, and Ta does not vary appreciably. A 
thermocouple was taped to the side of the 
resistive element in an attenuator (which had been 
substituted for the precision attenuator) to 
measure heating due to radiation when the thermal 
noise standard is connected to the radiometer. 
An increase in temperature of less than one 
degree was observed 30 minutes after noise 
power from the reference standard had been 
applied. This is the normal time duration for a 
measurement. The waveguide switch apparently 
absorbs and reflects a large portion of the infra¬ 
red energy from the hot load as the reading of a 
thermometer directly in front of the terminal 
of the hot load standard rose about 40°C during 
this same time. 

As may be seen by examining the Equation (8), 
a. 6Ta of 1°C in the equation causes an un¬ 
certainty which is small compared to that con¬ 
tributed by the other sources. Hence a 
conservative estimate is 
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é>T, < 2° . 

Uncertainty in the Temperature of the Standard 

It is convenient to define 6TS as 6Tm + S6Tk , 
where 6Tm is the uncertainty in the measurement 
of the load temperature and is due to a small in¬ 
accuracy in the calibration of the thermocouple 
and to its physical placement at a small distance 
from the point of interest. Error due to the 
latter is reduced by minimizing the temperature 
gradient across the load and waiting sufficiently 
long to ensure thermal equilibrium. The quantity 
6T / T canbeas much as ± 0.25 percent. How-
ever, precautions are taken to minimize this un¬ 
certainty by annealing the platinum thermocouple 
at approximately 1450°C for one hour. The ut¬ 
most care is exercised to avoid contamination in 
construction of the thermocouples. Insulation 
and protection tubes of high purity alumina 
(better than 99. 0 percent) are used for greater 
stability and accuracy. The portion of the 
thermocouple not enclosed in protective ceramic 
tubing is prevented from kinking by enclosing it 
in thick walled plastic tubing. 

The SôTk contribution to the hot load 
standard uncertainty represents uncertainties 
arising from the waveguide portion of the hot 
load and have already been discussed in 
"Calculation of Output Temperature". The 
addition of both of these contributions leads to 

STs £ 4.) ° . 

Maximum Total Uncertainty 

The maximum total uncertainty given by 
Equation (8) will now be calculated. For repre¬ 
sentative values it is assumed that Ts is 962°C, 
that Ta is 23°C, and that Tne is 10, 796°K. Then 
(T ne ' Ta)/(Ts ’ T a> is 1123 and from Table II 
6T g is found to be 4 .1 °C. õ(AA) is 0. 046 db and 
ST. is 2°C, where the values are found on this 
and the preceding page. Substituting these 
values into Equation (8) gives 

I STM 1 £ (0.23X10,500)+(Z)( 10.23) 4(4. Dill.2 3) 

Äf ¡78 °C . 

The excess noise ratio, ENR, is defined to 
be 

ENR = l0io3,o ’ 

where T o = Z90°K. 

From this equation it is easily found that 

6Œ N R ) = IO ïog,0 I 

Substituting the above values into this equation 
their results 

ÓÍENR) £ 0.07O JE . 
These results represent the maximum total 

uncertainty in the measurement of effective noise 
temperature and excess noise ratio of a waveguide 
noise source given in this analysis. 

Experimental Results 

The performance of the comparison system 
may be determined by examining Figure 10 which 
contains recordings of the radiometer output and 
a temperature recording made simultaneously 
with part of Strip No. 3. Corresponding points 
in time are indicated by pairs of markers 
designated X, Y, and Z. The stability and 
sensitivity at an excess noise temperature of 
10, 500°K are indicated on Strip No. 1. The 
distance from the bottom of the chart to the point 
'la' represents six hours. The power level was 
changed 0.02 db at 'la' and returned to its 
original level at 'lb'. A magic tee was the 
combining junction for the result indicated here. 

The power level in Strip No. 2 corresponds 
to an excess temperature of 940°K at the radio¬ 
meter input which is the nominal operating 
temperature of the hot load. The increase in 
fluctuation of the amplitude is due to the 
determination of the signal-to-noise ratio at the 
lower signal input temperature and the consequent 
increase in gain required to maintain the same 
nominal deflection sensitivity. Strip No. 2 shows 
changes of 0.02 db at '2a' and 0.04 db in the 
opposite direction at '2b'. Here the magic tee has 
been replaced by the directional coupler assembly. 

Strips NoS. 3 and 4 are indicative of the 
types of records made during an actual measure¬ 
ment. At the beginning of the measurement the 
precision attenuator was adjusted to 10. 62 db. A 
small unbalance was noted and the balancing 
attenuator was used to obtain a null output as in¬ 
dicated at '3a'. After sufficient time to establish 
the reference level, the recorder input was short 
circuited and waveguide source No. 1 was re¬ 
placed by the hot load standard. The precision 
attenuator was changed from 10.62 db and the out¬ 
put was recorded again at '3b'- Note that the 
temperature indicated on Strip No. 4 increases 
until point Y. At point Y an unbalance is detect¬ 
able on Strip No. 3 and the attenuator repositioned 
to 0. 10 db, and the system uninterrupted for 30 
minutes, during which time the temperature is 
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stable as indicated. At '3d', the waveguide noise 
source No. 1, is substituted for the hot load 
standard and attenuator returned to 10. 62 db. 
Flange reproducibility and attenuator resetta¬ 
bility appear good. At '3e', waveguide noise 
source No. 2 is attached to the system and no 
other adjustments made. 

The results of two sets of 10 consecutive 
runs such as illustrated on Strip No. 3 are 
shown in Table III to indicate the system 
repeatability and self consistency. One set was 
taken using the gold and silicon-carbide model of 
the standard noise source. The other set was 
obtained using the platinum alloy and zinc-
titanate model. The center calibration frequency 
was 9.8 Gc and the average excess noise ratios 
were 15.59 db for the gold combination and 
15.58 db for the platinum combination. In either 
case the uncertainty was less than 0. 1 db. 

To obtain a better idea of the reproducibility 
of gas-tube noise sources, several different 
comparisons were made. For this purpose, 
the 10 db coupler assembly was replaced by the 
magic tee assembly, and the radiometer was 
operated at a level corresponding to an excess 
temperature of 10, 500°K at its input. Strip No. 1 
in Figure 10 indicates the stability and 
sensitivity at this level. 

Four each of two different specially con¬ 
structed noise tubes, one type using a heated 
cathode, the other operating with a cold cathode, 
were compared in the same mount, which re¬ 
mained fixed to the comparison system. The 
spread in excess noise ratio was less than 0.02 
db for both sets. Two tubes with nearly identical 
excess temperatures were then put in different 
mounts, and the tube-in-mount units were 
compared. The output of these units differed by 
as much as 0. 05 db. This seems to suggest that 
the repeatability among tubes is better than that 
for mounts. Factors, such as a flaw in the glass 
envelope and a deviation from nominal mount in¬ 
sertion angle were found to cause even larger 
differences . 

Conclusion 

Because of the very good agreement be¬ 
tween measurements made with the hot load 
noise sources it was decided that the outputs 
from both sources were sufficiently calculable, 
and that either could be used as a reference 
noise source. From experimental results 
discussed it is apparent that the system has 
sufficient sensitivity for the purpose of compar¬ 
ing sources, and the above analysis shows that 
the system is capable of the desired accuracy. 
It was concluded from these considerations that 
a calibration service for x-band waveguide noise 
sources could be offered. 

Due to small differences in output power of 
of one tube in different mounts it was concluded 
that for a calibration service to be offered with 
the desired accuracy it would be mandatory for 
the units submitted for calibration to consist of a 
tube - in - mount. 

Consequently, a calibration service is being 
offered at the selected frequencies of 9.0 Gc, 
9.8 Gc, and 11.2 Gc to the accuracy of ± 250°K 
of the effective noise temperature and ± 0. 1 db of 
the excess noise ratio. 
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Appendix 1 

Derivation of Balance Equation 

Figure 11 depicts how the radiometer is con¬ 
sidered to be divided for the purpose of this 
analysis. With reference to Figure 1; the input 
terminal of the radiometer is coincidental with 
the input plane of Figure 11, and the terminal 
surface between the output of the precision 
attenuator and the following tuner is coincidental 
with the comparison plane of Figure 11. The 
attenuator section is considered to be at constant 
temperature, T , in degrees Kelvin, with an 
efficiency r) from the input to the output of the re¬ 
ceiver section. The input portion of the 
receiver section is assumed to be at a constant 
temperature, T , with an efficiency £ from the 
output to the input and the output portion at a 
constant temperature, Tr , in degrees Kelvin. 
The input portion of the receiver section consists 
of the tuner, and isolator immediately following 
the comparison plane. All T's appearing in 
Figure 11 are reflection coefficients. 

When used for the measurement described in 
this paper, the radiometer may be considered as 
a device which indicates the equality of noise 
power propagating toward the comparison plane 
under two different conditions. This noise power 
is composed of power originating in a noise 
generator at temperature T which is transmitted 
by the network, PS(T), power originating to the 
right of the comparison plane (Figure 11) which 
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is reflected back into the radiometer by 
impedance discontinuties denoted by either r 2 or 
r2'. Let P denote power originating to the left 
of the comparison plane and p denote power 
originating to the right of this plane. The 
subscripts j r and d refei- to the incident, re¬ 
flected and delivered power respectively. The 
primed variables refer to the situation in which 
the thermal noise standard is connected to the 
input terminal of the radiometer; the same 
variables without primes refer to the situation 
in which the waveguide noise source is connected 
to the input terminal. When one noise source is 
compared to another and the system is returned 
to a null, the power entering the receiver 
section in either case must be the same. Since 
noise power from independent sources can be 
added linearly, we get 

R + f>r = I? ' +  fr (1) 

where 

_ _ R ft ^1* 
S Û-I01) and * (I -ICI*) 

Similar expressions hold for Pt' and Pr'> in which 
all the quantities except become primed 
Figure 11 may be used to relate Pd and pd to the 
measured quantities of interest. 

To find Pd , it is necessary to find Ps , the 

noise power delivered from a source at tempera¬ 
ture T to a passive load (i.e. a load at 10°K); 
P , the power contributed by the network; and n, 
the efficiency of the network. 

Combining the expression due to Nyquist for 
the average voltage squared, 

= «¿TßRXZ) 

with an expression for the power delivered to a 
mismatch load from a mismatch generator 

e* ll-çrd-içi1) 
4 Zo 11 - r91? i1

k is Boltzmann's Constant, T is the temperature 
of the source, B is the bandwidth of the receiver, 
Re(Z) is the real part of the source impedance, 
Zo is the characteristic impedance of the line, 
Tg is an arbitrary source reflection coefficient, 
and F. an arbitrary load reflection coefficient. 
The result is 

(2) 

Using Equation (2), the power delivered by a 
source at temperature T, in degrees Kelvin, 
connected to the input plane is 

¿tb d-igOd-irn n -m’ 
(3) 

P will be determined. With the receiver 
sectiin at a temperature Ta the expression for the 
power delivered to the left of the comparison 
plane is 

R(T) = IT B 

However, when the networks on both sides of the 
comparison plane are at the same temperature 
Ta , 

or solving for P (Ta) 

%lTa) = R(T.)-P,(T)77 (4) 
In general 

E = ^(T) <4a > 
The expression for the efficiency rj<10> of the 

network when applied to this system is 

? n-cjrro-in*) 
Where C 22 is the appropriate element of the 
scattering matrix for the attenuation section, 
which consists of a matched isolator and an attenu¬ 
ator. The element C 21 is the transmission 
scattering coefficient for the attenuator section 
and is determined by the usual method of cascad¬ 
ing matrices. The quantities and are the 
elements of the scattering matrices for the 
isolator and the attenuator respectively 

When Equations (3), (4), and (5), along with 
the relations 

d-re hi -¿«o = d-« )(i-çc) 
and 

( l-17'ÇXI-CA C) = (l-C¿ r?)( l-C'O 
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are substituted into an expression (Equation 4a) 
for the power delivered to the receiver section 
and when the temperature of the generator is 
Tn , the result is 

Ç = kBÍHO2) 
r(X-T;)((-iG;r) icj* 
. h-cxth-qc2

XuCI-(Qf*) ' 

ll-GCI2 _ 
(7a) 

where C n is a scattering coefficient for the 
attenuator section. Similarly 

B'=kBH-lCI2) ji-ci j; i* ii-Q'rzf 

H-TCi2 . 
(7b) 

Note the common factor in the denominator of 
the two terms comprising the expressions for 
either Pd . In a similar fashion the power re¬ 
presented by p consisting of power from a re¬ 
ceiver at temperature Tp and the network £ at 

Ta 

p;= kß [(^-TDFÇ +T.Í I - iri2)J 
( l-l£l2) 
II-QÍTI2

= k B [ ( Tr - TJ F g + TU I -102)} ¿ 1, i 
L j -i, r 

The details of the matching factor F need not be 
known since ( is of the order of 10‘12, and hence 
this term may be neglected. When Equations (6), 
(7), and (8), are combined with (1), the resulting 
balance equation may be shown to be 

(T-TJ ( l-ICñ 

li— H-r/CI2

ia; i2 i i-Cncr 
IAaJ2 ll-CÍÇI*-

X(l+€) (9) 

where 

T, I I-GÍÇI2ll-Q'fZI2 

(Ts-T)id2(i-ir;i2) 

" 11 - r? rzï^ 
(10) 

Terms of order £ « 10 12 and | |2 | r 2’|2

XU 1 -r 2r I2) 1 « 10-6 1—1 

have been neglected in the approximation for e. 

Let 

tO^ A/'° = 
I a; I 2 
IAJ* 

and let T ne be defined as follows: 

(Tn-TJilHF/; T„( HC/2}-X =TW -Ta . 

Using the two definitions given above it is 
easily shown that Equation (9) can be written as 

10 - △A + 10 h* ( I + e’ 
+20 fog,o H-CXI 

11-ci Cl 

(11) 
Appendix 2 

Calculation of the Attenuation of a High Temper¬ 

ature Waveguide 

The field intensity in a rectangular wave¬ 
guide of finite conductivity is known* 11' to vary as 

eJ<w‘-y2> ( where y, the propagation constant, is 
defined as 

and 
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a = large dimension of the waveguide 

b = small dimension of the waveguide 

co = angular frequency in radians/sec. 

a = conductivity of the waveguide walls 

= permeability of the waveguide walls 

p. = permeability of the medium in the wave¬ 
guide 

e = dielectric constant of the medium in the 
waveguide 

p = resistivity of the waveguide walls 

ô = skin depth in the waveguide walls 

The units for the above definitions are all 
m. k. s. units. 

The imaginary part y of the propagation 
constant causes a diminution of the field intensity 
and is related to the attenuation along the wave¬ 
guide in db, A', by the definition 

<2> 

or 

A'/AZ = 2OHöglo e)^ db/m , 

where Az is an incremental length along the wave¬ 
guide . 

p 72 k a? Zb J 
(¿P^ 

Then, 

ÁMZ = 20^ e) if 

ZOi^,oe^„(2.p)'/2 C^a3 + ^/¿b) , 

which can be written as 

a7^z = c, 
(fz+C>.) 

if, the constants Cj , C2, and C3 are adjusted so 

that A1 / reads in db/in, when the frequency is 
express^cl in gigacycles per second and the 
resistivity is in micro-ohm-centimeters, their 
values are found to be C1 = 36.2 x 10"s , C 2 = 38.2 
and C3 = 43 - 0 for x-band waveguide. 
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TABLE I 

Resistivity of Waveguide Materials as a Function of Temperature 

Platinum 90% Platinum 
9.83pi2-cm* 10% Rhodium 

18 pfl-cm* 
Temp. °C p/po p/po

0 1.000 1.000 
100 1-392 1.166 
200 1-773 1.330 
300 2.142 J . 49Q 

400 2-499 1.646 
500 2.844 1.798 

600 3. 178 i. 947 
700 3.500 2.093 
800 3.810 2.234 
900 4.109 2.370 

1000 4.396 2.503 

1100 4.671 2.633 
1200 4.935 2.761 
1300 5.187 2.887 
1400 5.427 3.011 
1600 5.655 3 133 

87% Platinum 
13% Rhodium 
19.0 pD-cm* 

p/po 

1.000 
1. 156 
1.308 
1.456 
1.601 
1.744 

1.885 
2.030 
2. 157 
2.287 
2.414 

2. 538 
2. 660 
2. 780 
2.898 
3. 014 

Gold 

P 

2.97 pfl-cm 
3. 83 
4. 72 

6. 62 

9. 94 

12. 52 

Data for Platinum alloys given by Roeser and Wensel(7)

Data for Gold given by Northrup<8)

♦Resistivities at zero degree centigrade 
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TABLE II 

Typical 

. 2 3 A*. T 

- 846) (963 

error in calculating the effective temperature Cumulative 

g* 

|6Tktl | k 

4. 1 

14 inches. 

963 
963 
963 
963 
963 

46. 2° 
72. 2° 
102.6° 
133. 3° 
164.0 ° 
192. 7° 
210. 5° 

.00169 

.00169 

.00167 

.00164 

.00160 

X 
X 

X 

X 

1.47 
1.47 
1.45 
1.43 
1. 39 

(963 
(962 
(962 
(961 
(961 

.00169 
.00169 
.00167 
.00164 
.00160 

963 
962 
962 
961 
961 
960 
959 

.00152 

.00140 

.00129 

.00114 

.00101 

.00087 

.00233 

3 
3 
3 
3 
3 

3 
3 
3 
3 
3 
3 
3 

0 
1 
2 
3 
4 
5 

6 
7 
8 
9 
10 
11 
12* 

0 
1 
2 
3 
4 
5 

3. 118° 
3. 188° 
3. 285° 
3. 408° 
3. 548° 
3. 698° 
3. 860° 

.00152 

.00140 

.00129 

.00114 

.00101 

.00087 

.00233 

1. 32 
1.22 
1.12 
1. 00 
0. 88 
0. 76 
0. 68 

X 
X 

X 

X 
X 

X 
X 
X 

X 

X 
X 

0. 188 
0. 285 
0. 408 
0. 548 
0.698 
0.860 
1. 143 

6 
7 
8 
9 

10 
11 
12* 

X 

X 

X 

X 

X 

X 

X 

X 

X 

X 

X 

X 

X 

- 762) 
- 648) 
- 516) 
- 382) 
- 248) 

X 

X 

X 

(963 - 959) 
(963 - 952) 
(963 - 938) 
(963 - 908) 

(960 - 122) 
(959 - 44) 

X 6° 
X 6° 

6° 
6° 
6° 

6° 
6° 
6° 
6° 
6° 
6° 
6° 

10" 3
10' 3
10' 3
10’ 3 

IO’ 3

10' 3
10’3
10’ 3
10‘3
10"3
10' 3
10'3

I6TJ 

3. 000° 
3.000° 
3. 011° 
3.025° 
3. 04 3° 
3. 071 ° 

Tk

0.23(Tk -

|õAk I** 
3° 
0. 011 
0.025 
0. 043 
0. 071 
0.118 

-0.23 A'k (T gk

* Includes 11 
**6Ak = 0. 2 A 

0. 9 
2. 5 
5. 7 

12. 7 
26. 9 

Calculations of Effective Temperature of 
Power from Gold Waveguide 

963 - . 650 
963 - 1.090 
963 - 1.666 
963 - 2.326 
963.- 3.046 
963 - 3.775 
963 - 5. 907 « 957.1 

963 
963 - .007 
963 - .026 
963 - .068 
963 - . 158 
963 - .344 

gk )|6A'k | +0.23Ak|õ(Tk - Tgk ) I 

0. 2 3 A'k 

|6(Tk -Tgk )| 

<Tk - T gk ) 

k.d = b Tk l +0.23(T 
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TABLE III 

Computed Excess Noise Ratios from Ten Consecutive Test Runs 
using the Gold Waveguide with a Silicon Carbide Termination 

Tm °C 

958.4 
961.2 
966. 6 
964. 5 
97o. 4 

984. 5 
986.0 
999. 5 
1000.0 
1010.6 

Ts ° c

952.6 
955.4 
960. 7 
958.6 
970.6 

978.5 
980. 0 
993.5 
994.0 
1004.5 

Ta C M db 

25.0 10.54 
25.9 10.53 
26.0 10.51 
25.9 10.50 
26.1 10.46 

26.0 10.43 
26.3 10.41 
25.7 10.35 
25.8 10.35 
25.9 10.30 

Tne “K ENR in db 

10,800 15.593* 
10,800 15.592 
10,810 15.596 
10,770 15.580 
10,800 15.592 

10,820 15.598 
10,780 15.584 
10,790 15.587 
10,790 15.589 
10,780 15.586 

Average T ne = 10, 790°K 

ENR = 15. 59 db 

Computed Excess Noise Ratios from Ten Consecutive Test Runs 
using the Platinum-Rhodium Waveguide with a Zinc Titanate Termination 

T o c 
m 

947. 3 
972.0 
976.6 
995.6 
1008.0 

Ts ° C T a ° C AA db 

934.5 22.5 10.60 
959.0 25.2 10.50 
963.6 24.9 10.48 
982.4 24.3 10.39 
994.7 23.3 10.34 

Tne °K ENR in db 

10,770 15.578* 
10,780 15.581 
10,780 15.585 
10,780 15.582 
10,800 15.593 

1019.5 1006.0 
1021.1 1007.6 
1047.4 1033.7 
1059.2 1045.4 
1060.0 1046.2 

24.4 10.28 
24.5 10.28 
23.9 10.17 
23.3 10.11 
23.3 10.10 

Average Tne = 10, 1 

10,770 15.578 
10,780 15.585 
10,800 15.591 
10,780 15.584 
10,760 15.577 

°K 

ENR = 15. 58* db 

*The fifth place is retained for averaging only 
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Fig. 1. Block diagram of the system. 

Fig. 2. Magic tee junction of the radiometer. 
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Fig. 3. Directional coupler assembly of 
the radiometer. 

Fig. 4. The radiometer. 

Fig. 5. Heat distributor, load, and high 
temperature waveguides. 

Fig. 6. Temperature controller and oven. Fig. 7. Inorganic growth in an inconel waveguide. 
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Fig. 8. Typical waveguide temperature distribution. 
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INPUT COMPARISON 

PLANE PLANE 

Fig. 11. Schematic showing planes for derivation of 
balance equation. 
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A 1962 REVIEW OF MILLIMETER WAVE INSTRUMENTATION 

L. L. Bertan 
FXR Division 

Amphenol-Borg Electronics Corporation 
Woodside 77, New York 

Summary The increasing number of appli¬ 
cations for millimeter and submillimeter waves 
(frequencies above 30 Gc) within the past few 
years makes desirable a review at this time of 
the current status of devices and components 
for this frequency range. Recent advances in 
both conventional and newer types of signal 
sources are reviewed. The advantages and 
limitations of several alternative transmission 
systems are discussed. Examples are shown 
of the development of microwave components, 
with emphasis placed upon devices which are 
particularly applicable to the shorter wave¬ 
lengths. A number of areas are presented from 
which future developments may be expected. 

INTRODUCTION 

The demands for additional portions of the 
electromagnetic spectrum has recently occa¬ 
sioned a heightened interest in developments in 
the millimeter and submillimeter wavelength 
bands. Progress in these areas, although per¬ 
haps not quite as dramatic as that in the infrared 
and optical regions, has nevertheless resulted 
in a considerable increase in and refinement of 
techniques, devices and components within the 
past few years. 

For the purposes of this paper, millimeter 
waves may be defined as wavelengths from 10 
millimeters to 1 millimeter (frequencies from 
30 Gc to 300 Gc). Submillimeter waves will be 
defined as wavelengths shorter than 1 millimeter 
(frequencies above 300 Gc). It is pertinent at 
this point to enumerate several of the more im¬ 
portant applications for these frequencies. 

Much of the earlier development work on 
millimeter and submillimeter wave instrumenta¬ 
tion was performed by researchers in the field of 
microwave gas spectroscopy, where this instru¬ 
mentation is used to measure the absorption fre¬ 
quencies due to molecular rotational transitions? 
These wavelengths are also utilized for research 
on solid-state materials and for the analysis of 
energy gaps in superconductors. It is of interest 
to note that many of the more spectacular recent 
advances in microwave technology can be traced 
back to the painstaking efforts of the early gas 
and solid-state spectroscopists. 

A major reason for the increased interest in 
millimeter waves that began about a decade ago 
was the requirement for additional channels of 
communications. At these wavelengths, band¬ 
widths of tens of gigacycles, or many times the 
entire presently used microwave spectrum, could 
be readily made available. Accordingly, tech¬ 
niques and components for this application are 
being developed to permit its^ installation as 
future requirements dictate. 

Space communications, radar, and telemetry 
are fields particularly applicable to millimeter 
waves. Here the lower atmosphere absorption of 
these frequencies can be ignored, and advantage 
can be taken of the narrow antenna beams and high 
accuracy readily attainable with reasonable size 
components at the short wavelengths. 

Millimeter waves have been used for micro¬ 
wave diagnostics of the highly ionized plasma 
produced in controlled fusion research. The 
propagation characteristics of the plasma at 
millimeter wave frequencies can be related to 
such plasma properties as temperature, electron 
density, and confinement time. Microwave 
measurements have the advantage of providing 
the required plasma information without appreci¬ 
ably disturbing the reaction. 

There are many additional applications that 
can be profitably exploited by millimeter and 
submillimeter waves as the necessary compo¬ 
nents and techniques become available. Among 
these is communication with a re-entering space 
vehicle, where millimeter waves may be neces¬ 
sary to penetrate the shock wave that accom¬ 
panies the vehicle as it re-enters the upper at¬ 
mosphere. Millimeter and submillimeter waves 
are required as high frequency pumps for para¬ 
metric amplifiers and masers. Valuable scien¬ 
tific information can be obtained from millimeter 
wave radiometry and radio astronomy. 

It is the intent of this paper to summarize 
the devices, components, and techniques current¬ 
ly available for utilization in the millimeter por¬ 
tion of the spectrum, and to point out some areas 
that are being explored for the required future 
developments in the submillimeter range. 
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SIGNAL SOURCES 

Millimeter Wave Tubes 

Traditionally one of the major difficulties 
confronting those working at the shorter wave¬ 
lengths has been the lack of suitable self-excited 
coherent sources of power. Until fairly recent¬ 
ly, tubes could be obtained only up to frequen¬ 
cies of approximately 75 Gc, or a wavelength of 
four millimeters. The small physical size of 
the tube structures and the resultant high current 
density requirements effectively set a practical 
upper frequency limit for the common types of 
microwave tubes. However, improved fabrica¬ 
tion procedures and the application of techniques 
learned in the development of super-power tubes 
for lower frequencies have considerably extended 
this limit within the past few years. 

Figure 1 shows graphically many of the CW 
and pulsed millimeter wave tubes that have been 
successfully built and tested. Many of these 
sources are presently commercially available. 

Among the more striking recent disclosures 
are the backward-wave oscillators currently 
being developed by CSF in France. This group 
has fabricated a tube with a bandwidth of 10% and 
an output power of up to 15 milliwatts in the 0. 7 
millimeter wave region. They are currently 
working on oscillators for the 0. 5 and 0. 3 milli¬ 
meter wave bands, and they estimate that they 
will shortly provide 1 watt of CW power at 1 
millimeter wavelength. The slow wave struc¬ 
tures of these tubes have dimensions of the order 
of small fractions of a millimeter and tolerances 
of the order of microns. Figure 2 is a plot of 
the performance of the experimental 0. 7 milli¬ 
meter tube, while Figure 3 is a picture of a 
water-cooled 2 millimeter tube in its permanent 
magnet. 

Submillimeter Wave Devices 

Despite the millimeter wave tube develop¬ 
ments summarized above, and the spectacular 
advances recently announced in the field of 
optical masers where watts of coherent CW 
power and megawatts of pulsed power have been 
obtained, a frequency gap of several orders of 
magnitude still exists for sources between the 
millimeter and optical regions of the spectrum. 
Among the less conventional approaches to sub¬ 
millimeter wave generation are the Cerenkov 
Radiator proposed by professor Coleman of the 
University of Illinois, and the Tornadotron 
proposed by Dr. Weibel of the General Telephone 
and Electronics Laboratories. 

The Cerenkov Radiator When a charge particle 
moves thru a medium with a speed greater than 
the phase velocity of light in the medium, it sets 
up an electromagnetic field which opposes its 
motion. The work the charge does on this field 
appears as electromagnetic energy, i. e. , the 
charge radiates Cerenkov power. Since the fre¬ 
quency spectrum of the radiation emitted by a 
single charge is not coherent, a bunched beam 
containing harmonics of some lower, obtainable 
microwave frequency must be used in order to 
obtain coherent Cerenkov radiation. 

A scheme for realizing a Cerenkov radiator 
is shown in Figure 4. The beam is passed thru 
a hole in medium 1 which is surrounded by a non-
dispersive, isotropic dielectric medium 2. The 
Cerenkov radiation emerging at the angle G~ 
from medium 1 is internally reflected at A on the 
surface of the exterior cone^ travels to point B 
where it strikes at the Brewster angle, and then 
emerges parallel to the beam axis. 

Medium 1 in the Cerenkov radiator can be a 
scalar dielectric, a plasma, a ferrite, etc. The 
efficiency of the system can be shown to be 

fl = an 2 R 
1 2 Ro 

where = the efficiency of the Cerenkov system 
an - a constant lying between 0 and 2, 

depending on how well the beam is 
bunched 

R = the interaction resistance of the 
Cerenkov system 

Ro : the DC resistance of the bunched beam, 
typically 2 x 10 ohms 

It is thus seen that in order to couple an appreci¬ 
able percentage of the power in the system, the 
Cerenkov interaction resistance R must be of the 
order of the beam resistance Ro. 

The interaction resistance for scalar di¬ 
electrics varies between several hundred to 
several thousand ohms. However, when medium 
1 is a ferrite or a plasma in an appropriate mag¬ 
netic field, interaction resistances of the order 
of megohms can be obtained, and high efficien¬ 
cies may be expected. 

The Cerenkov radiator is in a sense a har¬ 
monic generator, in that it converts RF energy 
at a microwave frequency into RF energy at some 
high harmonic of this frequency. However, the 
high frequency microwave problems are allevi¬ 
ated by the use of nonresonant physical optics 
types of coupling structures. It is hoped that 
optimization of the bunched beam and the coupling 
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structure will result in a device producing watts 
of Cerenkov power in the submillimeter range. 

The Tornadotron In the Tornadotron submilli¬ 
meter waves are produced via the mechanism of 
radiation from accelerated charges. Energy con¬ 
version from microwave to submillimeter wave¬ 
lengths is accomplished in a cycle of operations. 
First, electrons are injected and trapped inside 
a cylindrical chamber formed by a split anode 
ring as shown in Figure 5, and two end plates 
not shown in the diagram. The electrons are 
compressed in a radial direction by the magnetic 
field (B) parallel to the axis of the chamber, 
while axial confinement is achieved by electric 
fields. The cigar-shaped electron beam rotates 
around its axis as indicated by the short arrows. 
Outward spiraling of the beam is then accom¬ 
plished by applying a microwave electric field at 
cyclotron frequency between the two sections of 
the split anode. In the following step the fre¬ 
quency of orbital motion, and the rotational kine¬ 
tic energy associated with it, is increased by 
several orders of magnitude by applying a pulsed 
high magnetic field. Radiation of submillimeter 
wave power is then obtained directly from the 
rapidly swirling beam without the necessity of 
using interacting structures. 

In experimental operation thus far this de¬ 
vice has produced milliwatts of power with a 
magnetic field of 25, 000 gauss at a wavelength 
at 4 millimeters. A new tube with a higher space 
charge is being prepared which, in conjunction 
with a magnetic field of 100, 000 gauss, it is hoped 
will deliver 1 watt of power at a wavelength of 
1 millimeter. 

Additional Generation Schemes Other areas of 
generating millimeter and submillimeter wave 
power are being^investigated. These include the 
moving mirror, where an electromagnetic wave 
at an incident frequency (fj is reflected from an 
electron cloud or a plasma moving at high veloci¬ 
ty in a direction opposite to the direction of pro¬ 
pagation of the incident wave. The reflected 
wave has a frequency (fr) that can be determined 
from the relation. 

f . f. (1 4^) 
r 1 K-ô) 

where @ = v/c 
V velocity of mirror 
c ■ velocity of propagation 

The practical problem involved here is the 
achievement of a good reflecting surface moving 
with sufficient velocity. 

Harmonic generation in non-linear resistors, 
non-linear reactors, ferrites, plasmas, and gas 
discharges, has been used as a source of milli¬ 
meter and submillimeter wave power?®' 12,13,14 
This was, until recently, the only means of 
obtaining the shorter millimeter and submilli¬ 
meter wavelengths. It is still a convenient and 
comparatively inexpensive source for those appli¬ 
cations that can afford the resulting 10-20 db or 
more of conversion loss. 

The use of multiple quantum transitions for 
harmonic generation has been suggested. If a 
two-energy-level system is subjected to suffi¬ 
ciently strong RF pumping at a frequency which 
is close to a submultiple of the natural transition 
frequency, an interaction occurs between the 
system and the RF input. If the system can ab¬ 
sorb power at the pump frequency and emit it 
back at the natural transition frequency, such an 
effect would constitute a procedure for high-
power high-efficiency harmonic generation, and 
would be applicable at very short wavelengths. 

Recent developments in optical masers sug¬ 
gest the possibility of mixing two different optical 
wavelengths in an appropriate semiconductor to 
provide a difference frequency in the submilli¬ 
meter region. There is also the intriguing possi¬ 
bility that the tunnel diode may prove to be a 
practical means of converting DC to millimeter 
wave energy. 

It is certainly possible that one or more of 
the schemes mentioned above will prove to be a 
practical generator of millimeter and submilli¬ 
meter energy. It is at least equally possible that 
some other device, perhaps as yet unthought of, 
will emerge as the dominant source of submilli¬ 
meter wave power. It seems fairly safe at this 
time to assume that if one would expect to gen¬ 
erate submillimeter wave power of the level now 
being generated at microwave and optical wave¬ 
lengths, reasonably efficient high energy devices 
would be required with internal dimensions quite 
large as compared to the operating wavelength. 

TRANSMISSION LINES 

Millimeter Waveguides 

The two types of waveguide transmission 
that have heretofore been generally used for the 
guiding of millimeter wave energy are the TE 10 

rectangular waveguide mode and the TEqj circu¬ 
lar waveguide mode. These modes are trans¬ 
mitted in fully enclosed metallic waveguides. 
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The adaptability of fundamental mode TE^q 
rectangular waveguide to the transmission of 
microwave energy and to the design and fabrica¬ 
tion of most of the common microwave com¬ 
ponents has resulted in the choice of this wave¬ 
guide for the great majority of microwave appli¬ 
cations. However, as the shorter millimeter 
wave frequencies are reached, attenuation in this 
mode becomes quite high, and its use must be 
restricted to those components that can be kept 
to fairly short lengths of transmission line. 

The TEqi circular waveguide mode has the 
desirable characteristic of continuously decreas¬ 
ing loss as frequency increases for a given wave¬ 
guide inside diameter. However, when those 
higher frequencies are reached where the TEq^ 
mode attenuation becomes low, it will be found 
that many other waveguide modes can also pro¬ 
pagate. If these undesired modes are excited, 
they will contribute attenuation and distortion to 
the microwave signal. Thus, great care must be 
taken to insure both the launching and maintain¬ 
ing of a pure TEqj mode in a circular waveguide 
system. 

A number of non-enclosed waveguides have 
been considered for the transmission of milli¬ 
meter and submillimeter energy. These include 
the H-type waveguide which like the TEq^ 
circular metallic guide has the property of con¬ 
tinuously decreasing loss with increasing fre¬ 
quency, the dielectric rod waveguide, the di¬ 
electric image guide which consists of half of a 
dielectric rod waveguide mounted on a conduct¬ 
ing surface, and the dielectric coated wire.^ 
All of these transmission lines have the capabil¬ 
ity of lower transmission losses than fundament¬ 
al mode rectangular waveguide. They have the 
disadvantage, however, of tending to radiate at 
bends, supports, and other discontinuities. 

Beam Waveguide 

The sizes and tolerances required in any of 
the single mode waveguide transmission systems 
limits their use to the millimeter and longer 
submillimeter wavelengths. As the shorter sub¬ 
millimeter wavelengths are approached, it be¬ 
comes necessary to turn to optical or quasi-
optical transmission schemes. A promising 
transmission line for these shorter wavelengths 
is the recently disclosed beam waveguide. 2

The beam waveguide differs from the usual 
waveguide in that the energy is transmitted in the 
form of a wave beam rather than a wave mode. 
A wave mode is characterized by a propagation 

constant and field pattern which do not vary down 
the length of the guide. The field in a beam wave¬ 
guide consists of a bundle of waves characterized 
by a spectrum of propagation constants and a 
field distribution that varies along the guide, but 
is periodically repeated. The beam wave is 
guided by passing through phase transformers 
which reset the cross-sectional phase distribu¬ 
tion in the beam at predetermined intervals. 

Figure 6 is a schematic drawing of the beam 
waveguide, including the launching and guiding 
structures. The phase transformers consist of 
dielectric lenses which advance the phase of the 
outer portion of the beam relative to the center 
in accordance with the relation 

kP 2 

T D 

where phase advance at radius C 
D = spacing of the phase transformers 
k • 217 /7i 

The maximum phase shift (at the outer radius 
R of the phase transformer) is related to the 
diffraction loss of the phase transformer. This 
loss, caused by the cross-sectional limitation 
of the beam, can be held to less than 0. 01 db per 
phase transformer when the maximum phase shift 
approaches 2 7T. Experimental data on a beam 
waveguide at a frequency of 35 Gc shows an itera¬ 
tion loss (total of diffraction, reflection, and 
absorption losses) of approximately 0. 03 db per 
transformer, or about 1.2 db per kilometer. A 
photograph of a beam waveguide, as set up at the 
Ultramicrowave Section of the University of 
Illinois, is shown in Figure 7. 

COMPONENTS 

Millimeter Wave Components 

In view of the recent interest in millimeter 
waves, most of the standard microwave com¬ 
ponents have recently been extended to cover the 
rectangular waveguide sizes down to wavelengths 
of 1. 5 to 2 millimeters. Because of the high 
attenuation and close tolerances inherent at these 
wavelengths, careful fabrication techniques, in¬ 
cluding precision milled block and electroformed 
construction, are generally used. Among the 
novel ideas that have been applied to the shorter 
wavelength components are those incorporated in 
the design of two different slotted sections, or 
impedance meters, that will be described. 

The dielectric vane slotted section,^ shown 
schematically in Figure 8, consists of a fixed 
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position coupling probe followed by a calibrated 
adjustable phase shifter. The phase shifter is a 
thin eccentric mounted mica disc, the insertion of 
which can be varied within the primary waveguide. 
Thus, the phase of the standing wave produced by 
a load under test can be moved past the fixed 
position probe, which couples a portion of this 
wave into this secondary waveguide. The stand¬ 
ing wave pattern coupled into the secondary wave¬ 
guide is similar to that provided by the moving 
probe of a conventional slotted section. 

The variable impedance meter measures 
the modulus and argument of the reflection co¬ 
efficient by using the principle of the rotary 
attenuator. Referring to the schematic rep¬ 
resentation of Figure 9, the variable impedance 
is used in conjunction with a hybrid tee to balance 
the reflection of a load under test. This balance 
is determined from a null indicator in the fourth 
arm of the hybrid. 

The impedance meter consists of a transition 
from rectangular to circular waveguide and a 
section of circular waveguide in which are con¬ 
tained two thin attenuating vanes and a reflecting 
plunger that can be both rotated and axially dis¬ 
placed. The input attenuating vane is fixed per¬ 
pendicular to the electric field of the incident 
wave. The second attenuating vane is fixed at its 
far end to the reflecting plunger, and thus rotates 
and moves axially with the plunger. The modulus 
of the reflection coefficient of the impedance 
meter can be shown to be equal to the cosine 
squared of the angle between the two attenuating 
vanes, while the argument of the reflection co¬ 
efficient can be shown to be proportional to the 
axial movement of the plunger. 

The design of ferrite devices has proceeded 
well into the millimeter wave region, and a Y 
circulator has been constructed with good per¬ 
formance at 140 Gc. The development of per¬ 
manent magnet type ferrite materials with very 
high anisotropic fields suggest that broadband 
resonance isolators requiring little or no extern¬ 
ally applied magnetic fields can be developed for 
a substantial portion of the millimeter wave 

24 2 5 spectrum. T^ie ferrite phase-shifter and the 
YIG resonator have also been extended to oper¬ 
ate at millimeter wave frequencies. 

Quasi-Optical Components The applicability of 
optical techniques at microwave frequencies has 
long been realized by the antenna and propagation 
engineer. As the requirements arise for com¬ 
ponents in the submillimeter wave region, the 
size limitations of conventional microwave de¬ 
vices will certainly require their replacement, 

in the majority of cases, by quasi-optical com¬ 
ponents. Many optical components can be more 
readily realized at millimeter than at optical 
frequencies. The Fabry-Perot interferometer 
shows promise of being useful not only as a high 
Q wavemeter, but as a res^jyator in millimeter 
wave generation schemes. 

An illustration of the combination of micro¬ 
wave and optical techniques at millimeter wave 
frequencies can be seen in Figure 10. This 
shows a Michelson interferometer^® as set up 
for the measurement of relative dielectric con¬ 
stant at the General Telephone and Electronics 
Laboratories. At the lower left corner can be 
seen a BWO signal source, voltage-tunable over 
the frequency range 50-80 Gc. The output of 
the BWO feeds thru a horn antenna into a poly¬ 
ethylene lens, which directs the output into a 
Teflon split prism. The spacing of the two 
halves of the prism is adjusted to give a 3 db 
power split between the two arms in the upper 
left and upper right corners of the illustration. 
The outside surfaces of the Teflon prism are 
coated with a 7)/4 thick material of relative di¬ 
electric constant equal to the square-root of 
that of Teflon, thus providing a match at the 
dielectric-air interface. The energy in the 
upper left arm passes thru a frame holder for 
the dielectric under test, and is then reflected 
back into the prism by the sliding mirror. A 
reflecting mirror can also be seen in the upper 
right corner. The equipment behind the upper 
right mirror is a Golay cell which is used for 
power detection when the mirror is removed. 
The interference measurement is made in the 
detecting element following the focusing lens 
and horn antenna in the lower right corner. 

CONCLUSIONS 

Standard microwave devices and compon¬ 
ents, or slight modifications thereof, have 
recently been extended to cover the millimeter 
wavelength frequency range up to 300 Gc. It 
is possible that these techniques can be extended 
somewhat into the longer submillimeter wave¬ 
lengths. However, at some point it becomes 
necessary to concede that these microwave 
techniques cannot be indefinitely scaled down in 
size until the optical wavelengths are reached. 

Considerable progress has been made in 
the application of optical and quasi-optical 
techniques to millimeter and submillimeter 
wave transmission systems and components. 
However, the major obstacle to the exploitation 
of the submillimeter wave band has been the 
inability up to now of both classical and quantum 
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electronics techniques to produce an adequate 
coherent source of submillimeter wave energy. 
It is fervently hoped that this situation will short¬ 
ly be corrected. 
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Fig. 1. Millimeter wavelength CW and pulsed tubes. 
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Fig. 

CO. 0.7mm EXPERIMENTAL BWO 

Fig. 2. Performance of the CSF 0.7 millimeter experimental BWO. 

3. A 2 millimeter BWO in its permanent magnet. Fig. 4. Schematic representation of the 
Cerenkov Radiator. 
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Fig. 5. Motion of electron cloud in the Tornadotron, 

PHASE TRANSFORMERS 

LAUNCHER 

Fig. 6. Schematic representation of the 
beam waveguide. 

- DISTANCE TOLDAD -

(Electrically variable. 

sampling probe. 

SCHEMATIC-2 MM SLOTTED SECTION 

Fig. 8. Schematic representation of the dielectric 
vane slotted section. 

Fig. 7. A beam waveguide transmission line. 

Fig. 9. The variable impedance meter, consisting of 
a hybrid T and a variable impedance shown as a 
section and end view. 1) Flange with rectangular 
opening. 2) Transition from rectangular to circu¬ 
lar cross-section. 3) Circular waveguide. 
4) Fixed vane. 5) Vane capable of being rotated 
and axially displaced, fixed to plunger. 6) When 
5 is rotated, the modulus of the complex reflection 
coefficient is changed; when 5 is displaced axially, 
the argument is changed. 
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Fig. 10. A millimeter wave Michelson interferometer. 
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LOW LOSS X-BAND TRAVELING 
RESONATOR 

E. Wantuch and A. H. Reeves 
Airtron Division of Litton Industries 

Morris Plains, New Jersey 

Summary 

The use of the resonant ring to simulate 
higher power levels than available from the pow¬ 
er source is well known. At lower microwave 
frequencies substantial power multiplication may 
be obtained with this technique. At X-band the 
use of a reasonably sized ring becomes a limit¬ 
ing factor due to the loss of the waveguide mak¬ 
ing up the ring. 

This limitation has been overcome by the 
use of square waveguide operating in the TEqj 
mode. This scheme reduces ring losses by al¬ 
most one-half. The use of this configuration re¬ 
quires the elimination of the cross-polarized TE, 
as well as the lowest TM modes. Power multi¬ 
plication factors up to 40 to 1 have been measur¬ 
ed. 

The problem of temperature variation can 
cause serious detuning of this ring due to dimen¬ 
sional changes. A second version of this equip¬ 
ment was therefore designed using silver laminat¬ 
ed invar tubing. 

Several design features such as 180°bend$ 
mode launchers, and other pertinent details are 
described. 

íjc J¡C 5*« Sjt 

The u s e of the traveling wave resonator 
to simulate high microwave power levels is well 
known. At the lower microwave frequencies the 
multiplication factor obtainable is generally limit¬ 
ed by the insertion loss of the device to be tested 
and losses of the ring can be neglected. At the 
higher microwave frequencies such as X-band, 
this assumption is no longer justified. A rather 
complete review of this situation has recently 
been made by S. Miller. 

The traveling wave resonance is shown 
schematically in Figure 1. It consists of a vari¬ 
able coupler which has been designed utilizing 
two directional couplers with a variable phase¬ 

shifter inserted in one line. In this manner the 
overall coupling may be varied from approxi¬ 
mately 6 db tighter than one of the fixed coup¬ 
lers to any arbitrarily low value limited only 
by component imperfections. A similar coup¬ 
ler may be designed using only 3 db hybrids. 
The latter arrangement has the disadvantage 
that phase-shifter losses affect ring losses to 
a greater extent than the use of looser couplers 
would entail. Moreover, this device is only use¬ 
ful, if it does provide appreciable multiplica¬ 
tion, and therefore extremely tight coupling to 
the ring is not necessary. 

In the present design the fixed coupler had 
coupling values of 13 db. These couplers also 
served as mode transducers from rectangular 
to square waveguide. The coupling apertures 
consist of eight slots of full rectangular wave¬ 
guide height. The wall left between adjacent 
slots was adjusted until the desired coupling is 
obtained. This arrangement is indicated in 
Figure 2. 

Figure 3 summarizes typical attenuation 
values for different transmission lines operat¬ 
ing at 9. 375 KMc/s. These figures are theo¬ 
retical figures with actual losses generally rum-
ing twenty-five per cent higher than these figures. 

Figure 4 shows the theoretical curve for 
power multiplication as a function of ring loss. 
In order to obtain a power multiplication of 40 
(16 db) the total ring insertion loss must be hdd 
to 0. 1 db. If the ring is to be kept to reasonable 
physical size such as six feet, the use of rec¬ 
tangular waveguide is clearly ruled out. Circu¬ 
lar waveguide operating in the TEp^mode diould 
provide an optimum configuration. 

Considerable work has been done on micro¬ 
wave components utilizing the circular electric 
mode. Literature on the subject generally dis-
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cusses the extremely low attenuation figures in 
runs of several hundred feet, but neglects to men¬ 
tion the power loss at the mode coupler due to un¬ 
wanted mode conversion. This energy is gener¬ 
ally dissipated in a selective mode absorber. 

Our initial experiments were therefore 
attempted to realize a low-loss mode exciter con¬ 
sisting of a four-way power divider with each of 
the four waveguides fed to a two-way power di¬ 
vider to obtain a directional injection scheme ut¬ 
ilizing eight coupling apertures into the circular 
waveguide. Despite this elaborate approach, no 
satisfactory low-loss solution to the coupling 
problem could be obtained. This approach was 
therefore abandoned in favor of the next most 
attractive scheme which is the use of square 
waveguide. 

Again, referring to the previous figure, a 
substantially lower attenuation may be obtained 
in square waveguide as compared to rectangular 
waveguide of the same width. The use of square 
waveguide would require the elimination of two 
undesired modes, namely, the cross-polarized 
TE mode as well as the first TM mode. Fortun¬ 
ately, it is found that by preserving strict sym¬ 
metry in the ring couplers, these two modes 
were not set up. Such symmetry would have to 
be violated in bends necessary to close the ring. 
The problem of making waveguide bends in square 
waveguide was avoided by the use of 3 db side¬ 
wall hybrids as 180° bends. These hybrids could 
be scaled from corresponding designs in rec¬ 
tangular waveguide with only a readjustment of 
the capacitive loading in the coupling region. 

Particular attention must be paid to the 
flange design to avoid appreciable losses. A 
configuration shown in Figure 5 was evolved and 
proved quite satisfactory. It consists of a rais¬ 
ed portion immediately surrounding the wave¬ 
guide opening. Next, a groove is milled which 
contains a suitable pressure gasket. The remain¬ 

ing flange face, except for a raised portion at the 
outer periphery of the flange, is machined to be 
0.005 to 0.008" below the inner and outer raised 
portions. The screws joining these flanges are 
located in this relieved region. Tightening of 
this connection will result in a distortion of the 
flange but will insure good mechanical contact at 
the inner and outer portions of the contact flange. 
As a further precaution, these two surfaces were 
lapped to a surface finish of better than 16pin. 

Since a traveling wave resonator may be con¬ 
sidered as a high Q cavity, the effect of changing 
ambient temperature must be considered as a 
factor in ring tuning. The final version of the 
traveling wave resonator was therefore construct¬ 
ed of silver laminated invar tubing. The wave¬ 
guide had a wall thickness of 0. 040" with a sil¬ 
ver layer 0.005" lining the inside of the wave¬ 
guide. 

The traveling wave resonator showed a 
power gain of 16 db measured at 9. 375 Me/s. An 
input power up to 400 KW peak could be handled 
without pressurization with an r. f. pulse length 
of Igsec. 

Figure 6 shows the variable coupler assem¬ 
bly with the addition of the monitoring coupler 
on the return branch of the ring. Figure 7 shows 
the side-wall hybrid in square waveguide with its 
associated movable shorting plunger assembly. 

Figure 8 shows the complete resonant ring. 
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Fig. 2. Mode transducing coupler. Fig. 4. Power multiplication as a function of 
ring loss. 

WAVEGUIDE OPERATING 
CROSS-SECTION MODE 

□ 
0.400 X 0.900" TE 10

0.497" X 1. 122" TeJ“1

0. 938" 1. D. TE i 1° 

1.164" Square TE^ 

2.50" I. D. TE° 
V J 

LOSS PER FT. 
(Silver)_ 

0.031 db 

0.021 db 

ãASUÉT 

0.024 db Fig. 5. Low loss flange design. 

0.011 db 

0.0023 db 

Fig. 3. Transmission line comparison at 9.375 kMc. 
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Fig. 6. Variable coupler assembly. Fig. 7. Side wall hybrid. 

Fig. 8. Complete resonant ring. 
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