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l_'fdesi n

6530 South Yosemite Street / Englewood, Colorado 80111 (303) 694-1522

June 5, 1985
Dear RF TECHNOLOGY EXPO 85 Speaker:

Enclosed is your complimentary copy of the Proceedings from RF TECHNOLOGY
EXPO 85. This 600-page book contains copies of the 60 papers that were
presented at the EXPO in January f{yours included). Printing the book turned
out to be a time-consuming labor of love; but I'm sure you'll agree that

it has been worth the wait.

I would like to thank you again for helping us successfully launch the first
RF TECH EXPO. The response to the show has been overwhelming. Exhibitors
are still commenting on the quantity and quality of the attendees; and the
attendees keep telling us how invaluable the sessions were. The overall
feeling seems to be--let's get together again next year!

And so we will. RF TECHNOLOGY EXPO 86 will be held January 30-February 1
at the Anaheim Hilton and Towers (just blocks from the Disneyland Hotel).
29,000 square feet of exhibit space has been set up to accommodatel50 ten-
foot booths. This is twice the number of booths used at EXPO 85, but with
60 booths reserved to date, we're confident that we'll have a "full house"
next year.

I will be serving as program chairman for EXPO 86. If we haven't already
talked about your participation in the show, please contact me with your
paper proposal (note my "Call for Papers" in the April and May issues of
RF Design). Paper selections will be finalized early for EXPO 86 so that
the Proceedings can be ready for distribution at the show. Proposals must
be received by July 26, 1985. Speakers and papers will be announced by
August 30. Speakers at EXPO 86 will receive free conference registration
and a copy of the show Proceedings.

I hope I can count on your support at RF TECHNOLOGY EXPO 86. We are indebted
to you for your participation at EXPO 85. Thanks again. See you at the show!

Sincerely,

e ot

James N. MacDonald
Editor
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Hybrid Varactor~Tuned Oscillator Modules
Their Practical Applications in RF Communications

by Ron Patston,
Applications Engineer,

Avantek, Inc,

Santa Clara, CA

Introduction

Varactor-tuned oscillators (VTOs) have been used in many
types of radio frequency systems over the years. Until the advent
of thin film hybrid technology and its use in design at radio
frequencies, however, varactor tuned oscillators, produced with
conventional "discrete component" construction, have tended to
be bulky and cumbersome for most system applications. Building
VTOs with discrete technology also created other problems for the
designer, including non-linearity, restriction to narrow
bandwidths, unreliability, non-repeatability, instability over
temperature, and the labor costs involved in building and tuning.

On the other hand, thin film hybrid VTOs of fer wider
bandwidths, reproducibility, high reliability, smaller size,
lower cost, low pover consumption, and extreme ease in

incorporating them into new designs or retrofitting into existing
designs,

What are They?

The thin film oscillators manufactured by Avantek have many
features that are useful to RF system designers. The VTO0-8000
series oscillators, for example, covers RF frequencies as low as
300 Mz and up to 11 GHz. They are suitable for operation over
either narrow or wide frequency bands.

These oscillators are designed using a varactor diode as a
voltage controlled capacitor in a thin film microstrip resonator
to control the frequency of a negative resistance transistor
oscillator. With thin film construction, it naturally follows
that the size of these oscillators is very small in comparison
with their discrete-component counterparts,
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All of the VTO-800U series oscillators are supplied in the
TO-8 type package: a small, hermetic package that enhances the

reliability of the product.

The basic VTO circuit is fabricated using a silicon abrupt
varactor diode -- which will produce voltage-vs. frequency tuning
curves that are relatively non-linear, but which are quite smooth
and monotonic., As an option, it may be equipped with a silicon
hyper-abrupt varactor diode -- which will provide a relatively
linear tuning response across a wider bandwidth (i.e. Figure 10).
These oscillators also feature good noise performance (Figure 11)
plus extremely fast tuning speeds and low post-tuning drift.

Application Techniques

There are many different parameters involved in selecting
and properly applying varactor tuned oscillators. System designs
will generally be based upon a specific subset of the
oscillator's specifications whether it be low noise, linearity,
fast tuning speed, temperature stability, etc., or a combination
of several of these. The primary application techniques that
will be covered here are; temperature compensation,
linearization, and varactor-tuned oscillator specifications as
they pertain to oscillators used in phase-locked systems.

Temperature Compensation and Stabilization

The reduction of oscillator frequency change with changes in
temperature may be carried out using one or more of these three
basic techniques; control of the oscillator temperature, tuning
voltage temperature compensation, or the use of a phase locked
loop.

The temperature of a TO-packaged component is easily
controlled by either a very small, low-power heater or by placing
the component in a temperature-controlled chamber (oven).

There are commercially-available DC proportionally-
controlled heater assemblies specifically designed for use on TO-
8 typecans, or it is arelatively simple matter to fabricate a
heater by mounting the component on a block (which provides
thermal mass), that is temperature controlled using a
proportional heater
(See Figure 9).



A self-controlling heater may be used, which employs a
material with a definitive temperature vs.
resistance characteristic. This material may be directly epoxied
to the top of the TO-8 oscillator and then supplied with a bias
voltage. The temperature vs, resistance characteristic of the
material will cause it to act as a temperature controlled heater
that will provide very good temperature stability at a very low
cost.

An important point to always keep in mind when using any
heater approach for temperature compensation is that the
temperature of the oscillator must be kept 5 to 10 degrees above
the maximum expected system operating temperature. This will
ensure that the oscillator will not be affected by the external
temperature changes.

The primary drawback to using the heater approach is the
extra power required to keep the oscillator at a higher-than-
ambient temperature. The advantage is the high degree of
temperature stability for a relatively low cost.

The effect of temperature on the oscillator frequency may
also be reduced indirectly, by varying the tuning voltage in the
proper direction to bring the oscillator back to the correct
frequency., Temperature compensation of the tuning network may be
done using either a Positive Temperature Coefficient (PTC) or
Negative Temperature Coefficient (NTC) thermistor(or network of
thermistors), depending upon the actual tuning circuitry used.

Typically, VTO-8000 Series oscillators will display a
negative frequency vs. temperature drift coefficient. To
compensate for this, a voltage compensation network must be put
in place to offset the frequency drift. There are two simple
networks which may be used: one employing a PTC thermistor, the
other a NTC thermistor,

The first network is that using a PTC thermistor.

PTC NETWORK

Vo=(VtRy)/[Ry+Ry+(Rg| IRT)]

(Figure 1.)

The second network is that using a NTC thermistor.

Vo-Vt(R2+Rs||RT)/

[Ry+Ry+(Rg||RT) )

Rr=R25(1+4) (eI
Where:
NTC NETWORK T = Temperature in C°

A = Temperature Coeff
z/c®
(Figure 2.)
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Other types of resistance nctworks may be used in place of
R depending upon personal preference. A suggestion for
determining the best compensation network for the application is
tohold the value of R) fixed und use a curve fitting routine to
find the values of Ry and Rg when the desired R is known for at
least three different temperatures. When temperature
compensation of the tuning voltage is used, the temperature
sensing device should be mounted as close as possible to the
oscillator itself. This will provide the shortest thermal time
constant possible from the sensing device to the compensated
oscillator.

Linearization

Linearizer circuits of various types have been used for
years to improve the voltage-vs.-frequency curves of varactor
tuned oscillators. In fact, a properly-designed and "tweaked"
linearizer can provide virtually any degree of linearity required
for a particular application. Linearizer circuits may also
incorporate the additional function of shifting the tuning
voltage provided by the system to one more appropriate for the
oscillator itself.

There are typically two types of linearization schemes
employed today: analog and digital., The use of an analog
linearizer is desirable when the oscillator interfaces with an
analog tuning voltage, or when a linear modulation spectrum at
any point in the frequency range is desired. A simple analog
linearizer circuit is shown in Figure 3, The primary application
for a digital linearizer is in applications where the oscillator
is to be tuned by a digital computer.

Vo—

ANALOG LINEARIZER
(Figure 3.)

Vo=V +(I3Rg)+(I Rf)
Ig=V /Ry & I1=Ip+I
Tp=(Vp-Va-YTi)/ RTY
Also: Ip=0 if (Vgq+VTpu) <_ Vb
Therefore: V  aV (142Rg/Ry)+ILR,
From this it is easily seen that Vo will determine where

the increase in slope will occur and Ry will determine the
amount of the increase in the tuning slope.

To replace Ryy and VTy with a simple resistive divider use
Thevenin's Theorum.

A circuit such as this:

R
TH

TH

(Figure 4.)

iay be replaced by this:

AAAA.

2 TH

(Figure 5.)



with some simple calculations:
V=Vg/V7y
Ry=Ry/V
RZ-RT"/(I-V)

In using this type of circuit one would have the capability
of introducing almost any numbher of changes to the slope of the
tuning curve, which may all be implemented in parallel depending
upon the degree of linearity required. This circuit will also
provide good modulation response which will only be restricted by
the frequency response of the op amp itself.

One of the most efficient linearization techniques combines
an analog-to-digital converter with a PROM and an op amp.

'OUT

SoRTROL +
>lpron :> o
OATA 0Ac T

(Figure 6.)

Using this configuration and a small computer, the PROM may
be programmed to provide linearity better than 0.5% across the
full frequency spectrum of the VCO. The circuit will also
provide extremely fast tuning response time, primarily limited by
the settling time of the Op Amp.

Phase Lock

Phase- l ocked~1oops using VCOs are bhecoming much more common
than in the past, due to the improvements and greater
availability of divider techniques and crystnl multiplied
sources. Some of the more important requirements for an
oscillator to be suitable for a phase locked application are:

1) Phase stability (spectral purity)

2) Large electrical tuning range

3) Linearity of frequency vs control voltage

4) (frequently), the capability of accepting wideband
modulation

The major concern of synthesizer designers is the phase
stability or, as it is commonly termed, "Phase Noise”. The phase

noise generated by a VCO is primarily determined by; 1) The
circuit Q (quality factor) and 2) The Q of the varactor diode.

Phase noise of an oscillator will also be improved by the use of
a silicon bipolar transistor rather than a gal lium arsenide FET
for the oscil lator transistor. The VT O0-8000 series features the
use of silicon bipolar transistors exclusively. This means that
their phase noise performance will primarily be based upon
circuit Q and Diode Q.

The oscil lator circuit itself is usually designed with a
specific parameter.in mind. In order to design a circuit with a
very high Q the tuning bandwidth must invariably suffer.
Therefore, in order to design an oscillator circuit for optimum
phase noise performance it will ultimately end up being a fairly
narrow band oscil lator. With this in mind the VT0-8000 series
oscillators are casily modified at the factory to provide narrow-
band low noise performance.

The other governing parameter for good phase noise
performance is the Q of the tuning varactor., The tuning varactor
Q is primarily dependent on which of the two types of tuning
varactors are used: the abrupt-tuning, or the hyperabrupt-tuning
varactor.



The abrupt tuning diode wil 1l provide a very high Q along
with a continuous monotonic tuning curve and it will also operate
over a very large range of tuning voltages (0-50v). As a result
of its very high Q, the abrupt diode offers Lhe best-available
phase noise performance. Both silicon-abrupt and GaAs-abrupt
diodes are available, and both are used in VCOs. Although the
GaAs abrupt diode will exhibit a higher Q (see Figure 12) than
the silicon abrupt diode the phase noise performance of the
oscil lator will be poorer.

The other type of diode used extensively in the design of
VCO's is the hyper-abrupt diode. The hyper-abrupt diode will
provide a much more linear tuning response than the abrupt due to
its linear voltage vs capacitance characteristics, this al so
8ives the capability to cover a wider frequency range in a
smal ler tuning voltage (0-20v), (see Figure 10). The drawback
to using the hyper-abrupt tuning diode is that it has a much
lower Q than an abrupt tuning diode. From observing Figure 12,
it becomes obvious that in order to achieve the maximum diode Q
for a low-noise oscil lator, the oscillator should be tuned at the
highest possible voltage (without exceeding the breakdown voltage
of the diode).

As is seen in Figure 11 the phase noise dif ference between
using the si-abrupt and the si-hyper-abrupt diode is typical ly
about 3 dB. The si-abrupt outperforms the si-hyper-abrupt in
phase noise characteristics due to the higher Q of the si-abrupt
as mentioned earlier. The general theory is that the noise
performance of the GaAs varactor is degraded (even though it has
a higher Q) because of the surface currents created on the diode.

From the information supplied thus far it is recommended
that if a very low noise oscillator is required then the best
performance will be obtained when the bandwidth is kept as low as
possible (<20%) and the tuning voltage is kept high as possible
(>10v). This will provide the oscil lator with the criteria to
obtain the optimum in low noise performance.

Integration With TO0-8 Amplifiers

For applications requiring a higher power level than is
available directly from the oscil lator, the TO-8-packaged
varactor-tuned oscil lator is easily combined with readil y-
available TO-8 hybrid amplifier modules. Integrating such

oscillators and amplifiers is a simple exercise in stripline
design in a 50 ohm system. Using the TO-8 oscillator with a
number of TO-8 amplifiers makes it easy to develop a single- or
multiple- output system with +10 dBm output power. These types
of applications are briefly outlined below.

RF

ANP

- \ O RF
v

veo POWER
SPLITTER

RF

ARP
(Figure 7.)

Applications

The modular varactor-tuned oscil lator has many applications
in frequency-agile systems such as digital ly-controlled receivers
and active jamming transmitters. In such equipment, the
oscillator is usually combined with an external linearizer
similar to those mentioned earlier.

The VTO Series oscil lator is also an ideal local oscil lator
for use in satel lite earth station downconversion systems due to
its small size, high reliability and the avajlability of the
oscillators in high volume at a very low cost.

The VTO Series oscillators have been designed with a tuning
bypass capacitance which is sufficient to provide the necessary
RF filtering action, yet as low as possible to maximize dv/dT

characteristics.



Used in a phase-1ocked loop circuit (Figure 8.), a VTO
provides a receiver LO with stability equivalent to the reference
oscil lator (usually crystal controlled), yet variable in discrete
steps or continuously depending on the PLL configuration. An
important feature of the VTOs used in an LO application is their
power vs. frequency flatness (+1.5 dB). This assures that once a
receiver mixer is biased for best dynamic range that the local
oscillator drive will remain constant throughout the tuning range
without complex leveling circuitry.

These oscil l1ators are excel lent candidates for the next
generation of portable test equipment. Many designers have
already found these oscillators ideal for use in frequency
synthesizers, spectrum analyzers, sweep generators, and many
other types of test equipment which require internal RF sources.
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SURFACE MOUNTED COMPONENTS

MARTIN L.BARTON
COLLINS TRANSMISSION SYSTEMS DIVISION
ROCKWELL INTERNATIONAL
DALLAS TX

INTRODUCTION

STANDARDS FOR SURFACE MOUNTED COMPONENTS (SMC’S) ARE STILL VERY
MUCH IN AN EMBROYONIC STAGE AND APPLICATION DATA ON THESE NEW
COMPONENTS IS SPARSE. THE DESIGNER FACES THE PROBLEM OF DESIGNING
WITH SMC’S OF WIDELY VARYING CHARACTERISTICS.

THIS PAPER ADDRESSES THESE DIFFERENCES AND PROVIDES SOME DESIGN
CONSIDERATIONS IN THE USE OF SUCH COMPONENTS.

CHIP COMPONENTS

CHIP COMPONENTS ARE PASSIVE, LEADLESS COMPONENTS AND INCLUDES
RESISTORS, CAPAPCITORS AND INDUCTORS. THESE COMPONENTS BEHAVE
BASICALLY LIKE THEIR STANDARD-SIZED COUNTERPARTS BUT ARE LIMITED
IN SOME PERFORMANCE CHARACTERISITIC COMPARED TO TRADITIONAL LEADED
COMPONENTS:

1) RANGE OF VALUES
2) BREAKDOWN VOLTAGE
3) POWER DISSIPATION

CHIP COMPONENTS OFFER CONSIDERABLE ADVANTAGES OVER LEADED
COMPONENTS:

1) HIGHER RELIABILITY (ELIMINATION OF LEADS)
2) IMPROVED HF CHARACTERISTIC (LESS LEAD INDUCTANCE)
3) REDUCED PROPAGATION DELAYS (HIGHER DIGITAL SPEEDS)
4) LESS POWER LINE NOISE (LESS LEAD INDUCTANCE)
S) LOWER EMI (SMALLER SIZE)
6) SPACE SAVING (CAN BE MOUNTED ON BOTH SIDES OF PCB)
7) LOWER COSTS (NO LEADS TO TRIM OR FORM, NO HOLES TO
DRILL & SMALLER PCB)
9) REDUCED SHIPMENT AND STORAGE COSTS
10) MORE STANDARDIZED COMPONENT SIZES

THERE ARE ALSO SOME DISADVANTAGES TO USING SMC’S:
1) LACK OF WORLD-WIDE INDUSTRY STANDARDS
2) IDENTIFICATION IS DIFFICULT (NO MARKINGS)
3) PRESENT HIGHER COST OF SEMICONDUCTORS
RESISTORS

THE PACKAGE CONFIGURATION FOR RESISTORS HAS BEEN STANDARDIZED INTO
3 BASIC STYLES:

1) FLAT RECTANGULAR “CHIP*" DOUBLE-SIDED METALIZATION
2) FLAT RECTANGULAR “CHIP*" SINGLE-SIDED METALIZATION
3) CYLINDRICAL *“MELF*" (METAL ELECTRODE FACE BONDING)

STANDARDIZATION IN SIZE, THOUGH NOT YET COMPLETE, NOW EXISTS. THE
MOST COMMONLY USED SIZE IS 3.2 X 1.6 MM SIZE (0.125W). MELF TYPES
ARE 6 X 2.2 MM OR 3.5 X 1.1 MM SIZE (0.25 AND 0.125W). TOLERANCES
ARE 10,5,2 AND 1x WITH S AND 1x BEING MOST COMMON. THE TIGHTER
TOLERANCES ARE OBTAINED BY ACTIVE TRIMMING TO VALUE. TYPICAL
TEMPERATURE COEFFICIENT RATIOS (TCR) RANGE FROM 300 TO 100 PPH.
FOR BRIDGING PRINTED CIRCUIT BOARD TRACES, I.E. CROSSOVERS,
ZERO-OHM RESISTORS (LESS THAN SO MILLI-OHMS RESISTANCE) ARE
AVAILABLE.

MELF RESISTORS ARE MADE BY CROPPING THE LEADS OF AXIAL-LEADED
CARBON RESISTORS AND METALIZING THE END CAPS FOR TERMINATIONS.
THESE RESISTORS ARE SLIGHTLY LOWER IN COST THAN CHIP RESISTORS.
COMPANIES WITHOUT THICK FILM EXPERTISE FAVOR THIS TYPE OF
CONSTRUCTION. THE MAIN DRAWBACK OF THE MELF IS THE SPIRAL
RESISTIVE TRACK WHICH IS INDUCTIVE AND THEREFORE LIMITS ITS USE AT
HF. BELOW SO0 OHMS VALUE, THE RESISTOR IS INDUCTIVE (10-15 nH) AND
ABOVE S00 OHMS THE RESISTOR LOOKS CAPACITIVE (0.2 pF). IN THE US
AVAILABILITY OF MELF‘’S IS LIMITED TO A SINGLE SUPPLIER.(TRW).

CHIP RESISTORS HAVE GOOD RF CHARACTERISTICS TO SO0 MHZ (APPROX.
0.25 pF SHUNT CAPACITY) AND ARE ALSO MORE COMPATIBLE WITH
AUTOMATIC PLACEMENT EQUIPMENT. HOWEVER, THEIR LACK OF MARKINGS FOR
ELECTRICAL VALUE CODING NECESSITATES A SYSTEM OF COMPONENT
HANDLING AND CONTROL TO AVOID MIXING OF THESE PARTS. (IF PARTS TO
GET MIXED, THEY MUST BE POSITIVELY IDENTIFIED OR DISCARDED. IN
MOST CASES, DISCARDING IS A LOWER COST ALTERNATIVE.)

THE DOUBLE-SIDED CHIP (MOUNTED THICK-FILM SIDE UP) AND MELF
RESISTORS ARE INTENDED TO BE USED WITH A WAVE SOLDERING PROCESS.
WHEN MOUNTED ON THE BACKSIDE OF A PCB THEY REQUIRE TO BE
ADHESIVELY ATTACHED PRIOR TO SOLDERING WITH REFLOW SOLDERING
(VAPORPHASE OR IR) IS USED THESE RESISTORS HAVE A TENDENCY TO
SHIFT OFF THE SOLDER PADS (KNOWN AS *“DRAWBRIDGING" OR
“TOMBSTONING*) DURING THE REFLOW PROCESS. THE PROBLEM IS PRIMARILY
CAUSED BY THE POOR QUALITY OF THE TERMINATIONS. FOR GOOD SOLDERING
YIELDS IT IS ESSENTIAL THAT THE TERMINATIONS BE CLEAN AND THERE BE
A MINIMUM OF 10 MILS METALIZATION (MIL VERSION CALLS FOR THIS
REQUIREMENT). ALTERNATIVELY THE RESISTORS MUST EE ADHESIVELY
ATTACHED PRIOR TO REFLOW SOLDERING.

THE SINGLE-SIDED RESISTOR IS MOUNTED WITH THE THICK-FILM SIDE DOWN
AND IS LESS SUSCEPTIBLE TO MOVEMENT DURING REFLOW. IT ALSO ALLOWS
A HIGHER PACKAGING DENSITY DUE TO THE SMALLER FOOTPRINT. ITS MAIN
DISADVANTAGE ARE THE TOTALLY HIDDEN AND UNACCESIBLE TERMINATIONS
MAKING INSPECTION OF SOLDER JOINTS AND TEST ACCESS IMPRACTICAL.
CURRENTLY THE ONLY MANUFACTURER OF THIS STYLE RESISTOR IS
PANASONIC (JAPAN) AND IT IS NOT AVAILABLE FOR SALE. (DALE
ELECTRONICS HAS A SINGLE-SIDED RESISTOR CHIP UNDER DEVELOPMENT.)

RESISTOR NETWORKS ARE PACKAGED IN 16 PIN SOIC CONFIGURATION AS



WELL AS IN FLAT PACKS. TCR’S ARE AS LOW AS 25 PPM WITH 2x
TOLERANCE. THERMISTORS WITH NEGATIVE TCR’S AND S/10% TOLERANCES
ARE AVAILABLE.

VARIABLE RESISTORS - SINGLE AND MULTI-TURN, HORIZONTALLY AND
VERTICALLY MOUNTING STYLES - ARE ALSO AVAILABLE. POWER DISSIPATION
RANGES FROM SOmW TO O.5W AND TCR’S ARE TYPICALLY 100 TO 250 PPM.

CERAMIC CAPACITORS

CERAMIC CAPACITORS HAVE ACHIEVED WORLD-WIDE STANDARDIZATION AND
ARE AVAILABLE IN THE INTERNATIONAL 3.2 X 1.6 MM RECTANGULAR SIZE
FOR VALUES FROM 1pF TO O.1uF. FOR HIGH DENSITY DESIGNS A SMALLER
VERSION 2.0 X 1.3 MM IS USED. FOR BY-PASS AND COUPLING
APPLICATIONS DESIGNERS ARE ENCOURAGED TO USE THE PREFERRED VALUES
OF 100pF, .001, .01, AND .1uF.THESE VALUES HAVE HI-VOLUME USEAGE
AND ARE THEREFORE LOWEST IN COST AND MORE READILY AVAILABLE.

THERE ARE 4 CLASSES OF CERAMIC CAPAPCITORS:

NPO 1 TO 1000pF 1 TO 20x TOL
X7R .001 TO .1uF S TO 20x TOL
Ysv .01 TO .1luF 20 TO -80x TOL
25U .01 TO .22uF

CAPACITY AND DISSIPATION FACTOR DROP WITH INCREASE OF FREQUENCY.
FOR RF APPLICATIONS NPO SHOULD BE USED DUE ITS LOW DISSIPATION
FACTOR AND GOOD TCR (30 PPM). X7R IS PRIMARILY USED FOR CRITICAL
BY-PASS APPLICATIONS, WHILE YSV FOR LOWEST COST. THE MORE COMMON
25U IS NOT SUITABLE FOR OPERATION BELOW +10 DEGREES DUE TO THE
LARGE DROP IN CAPACITY (ONLY 25x OF 25 DEGREE CENTIGRADE VALUE.)

LARGE VALUES OF CAPACITANCE ARE PRONE TO MICROCRACKS WITH THERMAL
SHOCK. IT IS ESSENTIAL TO SUBJECT CERAMIC CAPACITORS TO A PRE-HEAT
AND POST-COOL CYCLE DURING THE SOLDERING PROCESS. MEASUREMENT OF
INSULATION RESISTANCE AT 85 DEGREES C. IS A GOOD SCREENING METHOD
FOR DETECTING VOIDS. BURN-IN FOR 48 HOURS AT 85 DEGREES C AND
TWICE THE DC RATED VOLTAGE IS ALSO EFFECTIVE. A VOLTAGE DESTRUCT
TEST (TYPICALLY S TIMES YHE DC RATING) IS A GOOD MEASURE OF THE
QUALITY OF THE DIELECTRIC LAYERS.

A RELATIVELY UNKNOWN FACTOR IS THAT CERAMIC CAPACITORS ARE
MICROPHONIC AND ARE NOT SUITABLE FOR USE IN VIBRATORY
ENVIRONMNENTS. (TANTALUM OR FILM CAPACITORS SHOULD BE USED
INSTEAD.)

ABOVE 100 MHz OPERATION PORCELAIN CERAMIC IS USED TO REDUCE LOSSES
AND IMPROVE THE DISSIPATION FACTOR. ACHIEVABLE Q‘’s RANGE FROM 200
TO 2000 DEPENDING UPON CAPACITANCE VALUE. GENERALLY USED IN RF
POWER CIRCUITS. DUE TO THEIR LIMITED USE THESE CAPACITORS ARE
COSTLY.

TANTALUM CAPACITORS

TANTALUMS ARE USED FOR APPLICATIONS REQUIRING CAPACITANCE VALUES
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ABOVE O.1uF. DEPENDING ON CAPACITANCE VALUE AND VOLTAGE RATING,
SEVERAL DIFFERENT SIZES ARE AVAILABLE. AT PRESENT THERE NO
INDUSTRY STANDARDS FOR TANTALUM CAPACITOR SIZES MAKING
INTERCHANGEABILITY A PROBLEM. SIZES RANGE FROM 3.2 X 1.6 MM TO 7.3
X 4.3 MM FOR MOLDED TYPES AND 3.4 X 1.6 MM TO 8.3 X 4.2 FOR MELF
STYLE. VALUES RANGE FROM 0.1 TO 100 uF, 4 TO SOV AND S TO 20x%
TOLERANCES.

TANTALUMS ARE POLARIZED AND ARE SUSCEPTIBLE TO FAILURE WHEN
EXPOSED TO REVERSE VOLTAGE. FOR NON-POLAR APPLICATIONS 2
CAPACITORS CAN BE CONNECTED IN SERIES *“BACK-TO-BACK". LEAKAGE
CURRENT TYPICALLY INCREASES TEN-FOLD FROM 25 TO 83 DEGREES C. GOOD
QUALITY CAPACITORS HAVE LEAKAGE CURRENTS OF LESS THAN 1 uA AT 835
DEGREES C. THE LEAKAGE CURRENT CAN BE REDUCED AND STABILIZED BY
BURN-IN.

ALUMINUM CAPACITORS

THESE CAPACITORS ARE USED IN LOW-COST (CONSUMER PRODUCT)
APPLICATIONS. THEIR LIFE IS LIMITED DUE EVAPORATION OF THE
ELECTROLYTE WITH TIME. VALUES AND VOLTAGE RATINGS ARE SIMILAR TO
TANTALUM CAPACITORS. AVAILABLE SIZE IS CYLINDRICAL 6.3 X S MM.
THERE ARE CURRENTLY NO US SOURCES.

METALIZED FILM CAPACITORS

METALIZED FILM CAPACITORS HAVE SUPERIOR CHARACTERISTICS TO
CERAMIC. THERE IS NO PIEZO-ELECTRIC EFFECT AND NO FREQUENCY VERSUS
VOLTAGE SENSITIVITY, THEY ARE ALSO SELF-HEALING. TYPICAL SIZE IS
%,7 X S.7 MM. VALUES RANGE FROM .01 TO 1.0uF AND 30 TO 100 VDC.

VARIABLE CAPACITORS

VARIABLE CAPACITORS ARE AVAILABLE FROM S TO 30 pF IN NPO MATERIAL
WITH Q@ MIN OF SO0 AT 100 MHz. TCR’s RANGE FROM 200 TO SO0 PPM AND
SOME HAVE NEGATIVE CHARACTERISTICS. SELF-RESONANCE OCCURS ABOVE 1
GHz. MOISTUREPROOF TYPES ARE A SO AVAILABLE. THESE HAVE THE
ADVANTAGE THAT THEY ARE COMPATIBLE WITH NORMAL CLEANING PROCESSES
USED IN REFLOW SOLDERING. SIZES ARE TYPICALLY 4.5 X 4.0 MM OR 3.5
MM DIAMETER.

INDUCTORS

CHIP INDUCTORS ARE WOUND ON FERRITE OR CERAMIC CORES AND THE LEADS
ARE SOLDERED TO METALIZED TERMINATIONS. CONSTRUCTION RESEMBLES
THAT OF STANDARD-SIZE COMPONENT. INDUCTANCE VALUES RANGE FROM 10
nH TO 10 mH WITH 10 TO 20% TOLERANCES. MAXIMUM CURRENTS ARE A
FUNCTION OF WIRE SIZE AND VARY FROM 25 TO 150 mA. Q’s RANGE FROM
25 TO 60 AT VHF/UHF. TCR’s ARE -110 TO 300 PPM. TYPICAL SIZES ARE
2.5 X 2.0 TO $.0 X 4.0 MM. AT PRESENT NO INDUSTRY STANDARDS EXIST
FOR CHIP INDUCTORS AND INTERCHANGEABILITY IS A PROBLEM.

CURRENT DESIGNS ARE RELATIVELY FRAGILE DUE TO THE FINE WIRE SIZE
USED AND THE POOR ADHESION OF THE METALIZATION TO FERRITE CORES.
(CERAMIC CORES ARE MUCH BETTER IN THIS RESPECT.) CHIP INDUCTORS



ARE ALSO PRONE TO DAMAGE FROM ULTRASONIC CLEANING.

TO MINIMIZE COUPLING BETWEEN ADJACENT INDUCTORS, THE INDUCTORS
SHOULD BE MOUNTED AT RIGHT ANGLES TO EACH OTHER. VALUES BELOW 200
nH ARE DIFFICULT TO MEASURE DUE TO ERRORS INTRODUCED BY THE TEST
FIXTURE LEAD INDUCTANCE. THE USE OF A CORRELATION STANDARD AND
COMPARISON MEASUREMENTS WILL ELIMINATE THE MEASUREMENT
UNCERTAINTIES.

WHERE POSSIBLE RESISTORS SHOULD BE USED IN LIEU OF INDUCTORS AS
THESE ARE MUCH MORE COST EFFECTIVE FOR DECOUPLING PURPOSES.

VARIABLE INDUCTORS ARE BECOMING AVAILALE.INDUCTANCE VALUES RANGE
FROM 0.1 TO 10 uH AND Q’a ARE FROM 10 TO 30. SIZE IS APPROX. 7 X
3.5 TO 10.5 X 4.5 MM.

RF_TRANSFORMERS

NINIATURE RF TRANSFORMERS ARE CONSTRUCTED WITH FERRITE CORES -
TOROID AND BALUN TYPES - AND MOUNTED ON A CARRIER. THE CARRIER IS
TYPICALLY CERAMIC OR GLASS-EPOXY MEASURING 4 TO 6.5 MM SQUARE.
TOROIDS ARE USED FOR LOW-LOSS APPLICATIONS BUT THE BALUN CORE IS
LESS SUSCEPTIBLE TO PERFORMANCE DEGRADATION WHEN CONFORMALLY
COATED. IT IS ALSO BENEFICIAL TO PROTECT THE WINDINGS BY PLACING
SOME HEATSHRINK TUBING OVER THE BALUN CORE AND WINDINGS. THESE
TRANSFORMERS TEND TO BE LARGE AND COSTLY COMPARED TO THE NORMAL
SMCa.

DIODES

ALL TYPES OF DIODES - SIGNAL, RECTIFIERS, ZENERS, PIN, SCHOTTKY,
GENERAL PURPOSE - ARE CURRENTLY PACKAGED IN THE SOT-23 PLASTIC
PACKAGE. POWER DISSIPATION IS LIMITED TO 0.2 W MAX. SINCE THE
SOT-23 IS A 3 TERMINAL PACKAGE IT WILL HOUSE 2 DIODES. SERIES,
CATHODE-TO-CATHODE AND ANODE-TO-ANODE CONNECTED CONFIGURATIONS ARE
AVAILABLE. THIS NOT A COST EFFECTIVE P{ACKAGE FOR SINGLE DIODES.
THE CYLINDRICAL MELF PACKAGE IS LESS COSTLY AND CAN DISSIPATE
POWER UP TO 1 WATT AND IS THEREFORE MORE SUITED FOR POWER
RECTIFIERS AND ZENER VOLTAGE REGULATORS. THE 0.5 W SIZE MEASURES
3.2 X 1.6 MM AND THE 1 W DEVICE XXX X XXX.

LED’as USE THE DO-33 LEAD GLASS PACKAGE. THIS ALLOWS 360 DEGREE OF
LIGHT TRANSMISSION. AVAILABLE COLORS ARE RED, GREEN AND YELLOW.

TRANSISTORS

SMALL SIGNAL DEVICES ARE CONTAINED IN THE SOT-23 PACKAGE. MAX DIE
SIZE IS 30 X 30 MILS. POWER DISSIPATION IS LIMITED TO 0.2 W AND
MAX JUNCTION TEMPERATURE IS 130 DEGREES C.(VARIES BETWEEN 125 AND
175 DEGREES C. DEPENDING ON MANUFACTURER.) AN ALTERNATIVE
LO-PROFILE PACKAGE REDUCES CLEARANCE UNDER THE PACKAGE TO LESS
THAN S MILS TO FACILITATE ADHESIVE ATTACHMENT. THE STANDARD SOT-23
HAS RAISED FORMED LEADS TO ENSURE THAT CLEANING UNDER PART IS
FEASIBLE.
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SOME TRANSISTORS ARE AVAILABLE WITH REVERSED BASE-EMITTER
CONNECTIONS TO SIMPLIFY LAYOUTS BUT THEIR AVAILABILITY IS
GENERALLY POOR. SEVERAL DEVICE MANUFACTURERES ARE ADVOCATING THE
USE OF THE "J*" LEADS RATHER THAN THE *“GULL WING"™ TYPE LEADS. SINCE
THE GULL WING DESIGN IS ALREADY WELL ESTABLISHED IT IS DOUBTFUL
THERE WILL BE MUCH SUPPORT FOR ANOTHER PACKAGE CHANGE.

MINOR MIMENSIONAL DIFFERENCES EXIST BETWEEN THE US, EUROPEAN AND
ASIAN MANUFACTURERS. PROVIDED TAPE AND REEL PACKAGING IS USED
THESE VARIATIONS ARE TOLERABLE AND PRESENT NO PROBLEMS. HOWEVER,
WHEN CATRIDGES ARE USED THESE DIMENSIONAL DIFFERENCES WILL RESULT
IN FEED JANMS.

POWER DEVICES UTILIZE THE SOT-89 PACKAGE WHICH HOUSE A MAX DIE
SIZE OF 60X60 MIL AND A MAX POWER DISSIPATION OF 1 W. THE PACKAGE
IS MOUNTED FLUSH ONTO THE PCB FOR HEAT SINKING (NOTE: DEVICE HAS
NO RAISED LEADS). DUAL COLLECTOR CONNECTIONS FACILITATES RF
LAYOUTS. UNFORTUNATELY, THE SOT-89 HAS LIMITED SOURCING. A HIGHER
POWER PACKAGE, CAPABLE OF 3 W POWER DISSIPATION, IS UNDER
DEVELOPMENT AT MOTOROLA. IT IS ESSENTIALLY A MODIFIED TO-220
PACKAGE (NAMED "DPAK"). THE PACKAGE WILL BE ABLE TO HOUSE A MAX
DIE SIZE OF 115X115 MILS.

FET’s

FET’s ARE PACKAGED IN A 4 LEADED VERSION OF THE SOLT-23 (CALLED
SOT-143). GENERAL PURPOSE, SWITCHING, AUDIO AND RF FET’s ARE
AVAILABLE.

INTEGRATED CIRCUITS
IC’a ARE AVAILABLE IN 3 DIFFERENT STYLES OF PLASTIC PACKAGES:

1) SMALL OUTLINE (SO)
2) PLASTIC LEADED CHIP CARRIER (PLCC) AND
3) FLAT PACK

THE SO PACKAGE IS 150 MIL WIDE AND IS EFFECTIVELY A "SHRUNK" DIP
PACKAGE USING SO MIL LEAD SPACING AND IS SUPPLIED WITH LEADS
PREFORMED FOR SURFACE MOUNTING. THE CHANGE TO SURFACE MOUNTING
MEANS THAT THE PCB INTERCONNECTION DENSITY CAN BE DRAMATICALLY
INCREASED AS THE SIZE OF THE VIAS (HOLES FOR INTERCONNECTION FROM
ONE SIDE TO THE OTHER SIDE) CAN BE SMALLER. IN ADDITION,
INTERCONNECTS DO NOT NEED TO BE ROUTED AROUND LARGE HOLES DRILLED
FOR COMPONENT LEADS.

THE SO PACKAGES ARE AVAILABLE IN 8 PIN (78XS94 MIL DIE),14 PIN
(78X122 MIL DIE) AND 16 PIN (78X134 MIL DIE), AS WELL AS THE WIDE
BODIED VERSIONS (300 MIL) SO-16L, S0-20, S0-24 AND S0-28. THE
ASIAN SEMICONDUCTOR MANUFACTURERS USE A SLIGHTLY WIDER BODY THAN
THE EUROPEAN/US MANUFACTURERS. SOME MANUFACTURERS ARE ADVOCATING
LEADS THAT ARE ROLLED UNDER THE DEVICE ("J" LEADS) TO REDUCE THE
OCCUPIED REAL ESTATE AND ELIMINATION OF PROTRUDING LEADS
FACILITATES FEEDING AUTOMATIC ASSEMBLY EQUIPMENT. HOWEVER, SOLDER
JOINTS ARE DIFFICULT TO INSPECT AND TEST POINTS MUST BE PROVIDED



12

TO ACCESS THE LEADS. STANDARD TEMPERATURE RANGE IS O TO 70 DEGREE
C.BUT MANY DEVICES ARE CAPABLE OF OPERATION FROM -40 TO +85 DGREE
C.OPERATION. THE PACKAGE HAS NOT YET BEEN APPROVED BY JEDEC.

BEYOND 20 LEADS THE PLCC IS CONSIDERED TO BE MORE COST EFFECTIVE
THAN THE SO PACKAGE. THIS SQUARE PLASTIC PACKAGE IS AVAILABLE IN
JEDEC STANDARD SIZES OF 20,28,44,52,68 AND 84 LEAD OR $,7,11,13

AND 17 PER SIDE. LEAD SPACING IS ALSO ON S0 MIL CENTERS AND *J*

LEADS ARE USED.

THE PLCC PERFORMS BETTER THAN A COMPARABLE DIP - PARTICULARLY AS
LEAD COUNT INCREASES - IN LARGE PART BECAUSE OF THE DIFFERENCES IN
LEAD AND CONDUCTOR LENGTH. THE LONGEST TRACE ON A 64 LEAD DIP IS
ALMOST 8 TIMES THAT OF THE CORRESPONMDING TRACE ON THE 64 LEAD
PLCC. LONG LEADS MEANS INCREASED INDUCTANCE AND RESISTANCE.
UNEQUAL TRACE LENGTH AFFECTS SYSTEM AND DEVICE PERFORMANCE BY
RESTRICTING POWER AND GROUND CAPBILITIES. LONG SIDE-TO-SIDE
CONDUCTOR TRACES RESULT IN SIGNIFICANT LEAD-TO-LEAD CAPACITANCES.
CLOCK RATES TO 4 GHz HAVE BEEN REALIZED.

THERMAL FACTORS

WITH ALL LEADED PLASTIC PACKAGES THE MAIN HEAT PATH 1S THROUGH THE
LEADS. SOME MANUFACTURERS ARE PROVIDING COPPER LEAD FRAME IN PLACE
OF THE CONVENTIONAL ALLOY 42 FOR SOIC’s. THIS LOWER THE THERMAL
RESISTANCE BY APPROX. 80 DEGREES C./W. E FREE AIR TEMPERATURE
THERMAL RESISTANCE 1S OF LITTLE USE TO THE DESIGNER SINCE THE
THERMAL RESISTANCE 1S GREATLY IMPACTED BY THE SUBSTRATE MATERIAL.
APPROXIMATE THERMAL RESISTANCE VALUES OF SEMICONDUCTORS WHEN
MOUNTED ON A PCB ARE:

SOT-23 420 DGREES C/W
SOT-89 160
SO-8 260
S0-14 190
S0-~-16 180
SO-28 140

(A CERAMIC CUBSTRATE WILL IMPROVE THESE FIGURES APPROX. 23%)

CONFORMAL COATING PROVIDES SOME IMPROVEMENT IN THERMAL
CONDUCTIVITY. REDUCING THE AIR GAP OR FILLING THE VOID BETWEEN THE
DEVICE AND PCB WITH THERMAL CONDUCTIVE COMPOUND WILL ALSO LOWER
THE THERMAL RESISTANCE.

MOISTURE RESISTANCE

THERE HAS BEEN MUCH CONCERN THAT PLASTIC PACKAGES, BEING
NON-HERMETIC, HAVE INADEQUATE RELIABILITY FOR INDUSTRIAL
APPLICATIONS. THIS ISSUE IS BEING ADDRESSED BY THE SEMICONDUCTOR
MANUFACTURERS AND MOST DEVICES ARE PROTECTED WITH A NITRIDE
PASSIVATION LAYER OVER THE ALUMINUM DIE AND A SLICONE LAYER ACROSS
THE DIE AND CONDUCTORS. IN ADDITION, SILICONE 1S ADDED TO THE
PLASTIC ENCAPSULANT. A CRITERIA BEING USED
INDUSTRIAL/TELECOMMUNICATION APPLICATIONS 1S THAT THE DEVICES MUST
PASS A 2000 HOUR LIFE TEST WITH DC BIAS AT 85 DEGREES C. AND 85x%

HUMIDITY AND ALSO A 96 HOURS 120 DEGREE C. 15 PSI "PRESSURE
COOKER* TEST. (THIS ACCELERATED TEST REPRESENTS 20 YEARS OF FIELD
LIFE FOR TELECOMMUNICATION EQUIPMENT.) AN ALTERNATIVE APPROACH IS
TO USE AN EXTERNAL CONFORMAL COATING OF ELASTO-PLASTIC SILICONE

FIELD EXPERIENCE INDICATES THAT WHEN THE DEVICE IS OPERATED
CONTINUOUSLY AND DISSIPATING APPROXIMATELY 100 mW OF POWER, THE
INTERNAL HEAT GENERATED WILL DISSIPATE ANY MOISTURE WHICH
PENETRATES THE PACKAGE. POTENTIAL CORROSION IS MORE LIKELY TO
OCCUR WITH CMOS (LO-CURENT/HIGH IMPEDANCE)> DEVICES.

COMPONENT SOLDERABILITY

SOLDERABILITY IS PROBABLY THE MOST CRITICAL ISSUE FOR SUCCESS WITH
THE SURFACE MOUNTING PROCESS. IT IS ESSENTIAL THAT THE
TERMINATIONS BE COATED WITH SN60 OR SN63 OR BE PLATED WITH
TIN-LEAD ALLOY ABOVE 60% TIN CONTENT AND THAT THE TERMINATIONS
CONTAINING PRECIOUS METALS ARE PROTECTED FROM LEACHING BY A
BARRIER LAYER.

SOLDERABILITY TESTING IS DONE BY IMMERSING THE COMPONENT FOR 20
SECONDS AT 24% DEGREES C. AND EVALUATING THE TERMINATIONS WITH AT
LEAST 10X MAGNIFICATION. 95% OF THE TERMINATION AREA MUST BE
COVERED WITH A NEW, CONTINUOUS AND SMOOTH SOLDER COATING. SUCH
TESTS MUST BE CONDUCTED BY RECEIVING INSPECTION ON A REGULAR BASIS
TO ENSURE SUPPLIER COMPLIANCE.

IN JAPAN IT IS COMMON PRACTICE TO STRESS THE COMPONENTS AND SOLDER
JOINTS OF THE COMPLETED ASSEMBLY BY SUBJECTING IT TO S TO 10
TEMPERATURE CYCLES FROM -20 TO +85 DEGREES C. THIS IS MUCH MORE
EFFECTIVE IN DETECTING WEAK SOLDER JOINTS THAN BY VISUAL
INSPECTION.

RELIABILITY CONSIDERATIONS

TO ENSURE GOOD RELIABILITY THE DESIGNER MUST “PICK GOOD PARTS AND
USE THEM RIGHT". SURFACE MOUNT TECHNOLOGY HAS INHERENTLY BETTER
RELIABILITY THAN CONVENTIONAL INSERTED PCB TECHNOLOGY FOR THE
FOLLOWING REASONS:

1) EACH LEADLESS COMPONENT ELIMINATES 2 INTERNAL
CONNECTIONS

2) DELETION OF PLATED-THRU-HOLES IMPROVES RELIABILITY
OF THE PCB

3) LEADS ON ACTIVE DEVICES ARE PREFORMED THEREBY
ELIMINATING DAMAGED SEALS DUE TO LEAD STRESSES

4) . LOWER MASS OF COMPONENT IMPROVES SHOCK AND
VIBRATION CHARACTERISTICS

%) VAPORPHASE REFLOW SOLDERING LIMITS TEMPERATURE
EXPOSURE TO 21% DEGREES C. (S0 DEGREES COOLER THAN
WAVE SOLDERING)



POWER DISSIPATION SHOULD BE LIMITED TO 70x OF MAX RATING AND
JUNCTION TEMPERATURE TO A MAX.110 DEGREES C. STRESS LEVELS IN
GENERAL SHOULD NOT EXCEED 50x OF MAX RATINGS. AS WITH CONVENTIONAL
DEVICES THE HIGHEST FAILURE RATE COMPONENTS ARE ACTIVE DEVICES.

COMPONENT STANDARDIZATION

CONSIDERATION MUST BE GIVEN TO COMPONENT STANDARDIZATION WHEN
MOVING TO AUTOMATIC ASSEMBLY. THE REDUCTION IN THE NUMBER OF PARTS
BY STANDARDIZATION 1S ESSENTIAL 1t PARTS ARE TU BE STUCKED,
PURCHASED AND MANUFACTURED IN SUFFICIENT QUANTITIES TO BE
ECONOMIC.

MOST FEEDING METHODS OF AUTOMATIC PLACEMENT EQUIPMENT DO NOT
UTILIZE TAPE SEQUENCING (AS IS STANDARD PRACTICE WITH AUTOMATIC
INSERTION EQUIPMENT.) IT IS THEREFORE NECESSARY TO MINIMIZE THE
NUMBER OF DIFFERENT COMPONENT PART NUMBERS AS TH1S REDUCES THE
NUMBER OF REQUIRED TAPE REELS, LOADING CHANGEOVERS OR SETUPS FOR
THE MACHINE. NOT USING TAPE-SEQUENCED COMPONENT HAS THE ADVANTAGE
THAT DESIGN CHNAGES ARE MORE READILY ACCOMMODATED DURING A
PRODUCTION RUN.

COHMPONENT PACKAGING

INTEGRAL TO THE DEVELOPMENT OF SMC’a 1S THE PACKAGING OF THESE
DEVICES FOR USE BY AUTOMATIC PLACEMENT EQUIPMENT. THE BASIC
REQUIREMENTS ARE:

1) LOCATE AND ORIENT THE DEVICE

2) IDENTIFY AND PROTECT THE DEVICE DURING SHIPMENT
AND STORAGE

3) FEED THE DEVICE IN A STANDARD MANNER TO THE
AUTOMATIC PLACEMENT EQUIPMENT

THE PREFERRED SYSTEM 1S TO USE TAPE AND REEL WHEREVER POSSIBLE. 1IT
HAS THE FOLLOWING ADVANTAGES:

1) SIMPLIFIES KITTING AND STORAGE

2) TOLERATES DIMENSIONAL VARIATIONS

3) ELIMINATES INADVERTENT MIXING OF DIFFERENT PARTS

4) SHORT PRODUCTION SETUP AND CHANGEOVER TIMES

S5) HAS INHERENT CAPABILITY OF DELIVERING DEVICES THAT
HAVE BEEN 100% ELECTRICALLY VERIFIED AT THE POINT
OF PACKAGING

EIA PACKAGING SPECIFICATION RS-481 IS THE US STANDARD AND
INTERNATIONAL STANDARDS ARE EVOLVING. TAPE SI1ZES ARE 8, 12, 16, 24
AND 32 MM WIDTH AND REELS ARE 7, 11.25 AND 13 IN DIAMETER. THE
REELS WILL HOLD 4000, 9000 AND 14000 PARTS ON AN 8 MM WIDE TAPE.

COMPONENT AVAILABILITY

COMPONENT AVAILABILITY HAS BEEN THE MAJOR REASON FOR THE SLOW
ADAPTATION OF SMT IN THE US. CURRENTLY MANY USERS ARE PUT ON
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ALLOCATION BY THE COMPONENT MANUFACTURERS DUE TO THE DEMAND
OUTSTRIPPING AVAILABLE WORLD PRODUCTION CAPACITY. THIS PROBLEM IS
PARTICULARLY SEVERE FOR SMALL VOLUME ORDERS. SOME SUPPLIERS ARE
MAKING AVAILABLE *“OFF-THE-SHELF*" ENGINEERING DEVELOPMENT KITS TO
ASSIST DESIGNERS IN OBTAINING LOW QUANTITY PARTS. SOME EXAMPLES
ARE:

CHIP RESISTORS
(PANASONIC)

120 VALUES FROM 10 OHM TO 1 MEG
(24000 PARTS - 200 EACH VALUE)

CERAMIC CAPACITORS 60 VALUES FROM O0.S pF TO .22 uF
(MURATA-ERIE) (6500 PARTS) NPO, X7R, 2ZSU, YSV
AVAILABLE IN 1206 OR 0805 SIZE
WITH OR WITHOUT NICKEL BARRIER

CHIP INDUCTORS
(COILCRAFT)

64 VALUES FROM 0.01 TO 1000 uH
(384 PARTS)

IT IS FREQUENTLY NECESSARY TO USE CONVENTIONAL LEADED COMPONENTS
IN SURFACE MOUNT DESIGNS DUE TO THE NON-AVAILABILITY OF SUITABLE
EQUIVALENT SURFACE MOUNT PARTS OR FOR COST REASONS. FOR EXAMPLE, A
STANDARD DIP PACKAGE MAY NOT BE AVAILABLE IN AN SOIC. IT IS
PRACTICAL AND QUITE EFFECTIVE TO MODIFY THE DIP LEADS AND
“LAP-SOLDER" THE DIP. THE SPACE UNDER THE DIP CAN ALSO BE UTILIZED
TO MOUNT SEVERAL CAPACITORS AND RESISTORS. MANY SMALL LEADED
COMPONENTS CAN, AS AN INTERIM MEASURE, BE ADAPTED FOR SURFACE
MOUNTING IN THIS MANNER. IT IS IN GENERAL MORE EFFICIENT TO BUILD
ASSEMBLIES ALL SURFACE MOUNTED RATHER THAN MIX TWO PROCESSES
(INSERTED WAVE SOLDERED AND SURFACEMOUNTED REFLOW SOLDERED PARTS.

ANOTHER TECHNIQUE 1S TO USE LEADLESS CHIP CARRIER PACKAGES (LCC’a)
FOR THE ENGINEERING PROTOTYPES AND THEN REPLACE THESE WITH THE

PLCC’as AS THEY BECOME AVAILABLE AT A FUTURE DATE. THIS IS FEASIBLE
SINCE THE PLCC AND LCC FOOT PRINTS ARE IDENTICAL (JEDEC STANDARD).

THE PRACTICE OF PLACING PARTS UNDER THE IC IS ALSO DONE IN
HIGH-DENSITY DESIGNS WHEN SPACE REQUIREMENTS NECESSITATE THIS
UNORTHODOX PACKING APPROACH.
UR S
= DURING 19853 THE USE OF SMC,s WILL ACTELERATE AND
BY 1990 THEY WILL REPLACE LEAD-IN-HOLE COMPONENTS
AS THE DOMINANT PCB PACKAGING TECHNOLOGY.

» SMC COSTS WILL CONTINUE TO DECREASE AND PARITY WILL
BE REACHED IN 1986 FOR MOST COMPONENTS.

= MANUAL ASSEMBLY WILL NO LONGER BE COST EFFECTIVE.

» THE PREFERRED SMC PACKING METHOD WILL BE IN TAPE AND
REEL FORMAT

* WAVESOLDER WILL CONTINUE TO BE USED BUT FOR HIGH
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DENSITY AND HIGH LEAD COUNT DEVICES VAPORPHASE REFLOW
SOLDERING WILL PREDOMINATE.

* COMPONENT QUALITY WILL REACH LEVELS SUCH THAT
INCOMING INSPECTION WILL NO LONGER BE REQUIRED.

-
&

=

EEN INSERTED AND
SURFACE MOUNTED ASSEMBLY (AWI)

SIZE COMPARISON BETW
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DOUBLE-SIDED RESISTOR

MELF (TRW) ASIAN MELF
SIZE COMPARISONS - RESISTOR AND CERAMIC CAPACITOR
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Chip Chip Trimmer
Potentiometer Capacitor
CVR4 Series CTZ Series
100Q-1MQ2 2.540 pf

VARIABLE RESISTOR AND CAPACITOR (KYOCERA)
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. MOISTUREPROOF TYPE

STRIPLINE TYPE

VARIABLE CAPACITORS
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VARIOUS CHIP INDUCTORS AND TRANSFORMERS (COILCRAFT)

SIZE COMPARISONS - FIXED AND VARIABLE INDUCTOR
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‘MOLDED

A. Ceramic Ferrite Chip Inductor

T-BAR

8. Toroidal Transformers (Nonpreferred)
Mounted on Ceramic Carrier '

C. Balun Core Transformer (Preferred)

on 0.15- and 0.25 in. Square Ceramic Carrier

SIZE COMPARISONS - TANTALUM CAPACITORS




I
J
1
i
|

4 SIZES OF MOLDED TANTALUM CAPACITORS

(NEC)

} 53

DIODE CONFIGURATIONS IN SOT-23 PACKAGE
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INTEGRATED CIRCUTTS FOR I.F. AMPLIFIERS AND DFMODULATORS

P. E. (hadwick
Plessey Semiconductors
(heney Manor

Swindon

Wilts

England

Although the "single chip" radio is becoming practical in certain
applications, and Dick Tracey's wrist radio is not quite so far in the
future, the majority of todays receivers are conventional superhets with IF
amplifiers. Because these amplifiers are operating at fixed frequency and
selectivity can be provided by block filters, this area has proved to be a
Prime candidate for integration into monolithic circuitry. Early attempts
at this in small scale integration led to a number of successful designs
and the SSI circuits thus produced have, in many cases, lasted as "glue"
circuits in new designs over some 12 or 14 years - something of a record in
terms of linear integrated circuit lifetimes.

To a great extent, commercial pressure for I.F. circuits has come fram the
consumer market, although some early circuits were developed for military
and professional applications. This has led to a preponderance of AM and
FM circuits aimed at the consumer radio market and until recently, very
little in the way of purpose designed AM/SSB demodulators. FM circuits,
for communications purposes first appeared in the mid 1970's and the
demands of the cordless telephone market for more than 1 million pieces per
month in 1983 has boosted cammunication circuit sales. Circuits such as
the Plessey SL6601 Fhase locked loop demodulator and the much copied
Motorola MC3357 and its derivatives are the designers standard devices,
although new requirements are appearing.

A major area of compromise is in power consumption. In order to obtain
operation at 10.7MHz the amplifying stages require to run at higher
currents than for 455Kz operation, and some compromise is necessary. ‘The
availability of faster IC processes allows the current consumption to
decrease, but the choice of IF is still related to current consumption.
For example, the Plessey SL6640 running at 10.7MHz required a typical
supply of émA at 6év. ‘This device uses a classic limiting amplifier and
quadrative detector operating at 10.7MHz. The SL6652 which includes a
mixer and oscillator and runs the limiting amplifier at 455KHz typically
requires 1.4mA at 2.5 volts. This reduction in power consumption is useful
insofar as it allows circuits to be “stacked” in series across the supply,
thus minimising total equipment power requirements. A further advantage of
the use of the low frequency IF of 455KHz is the reduction in system cost.
This is because the main selectivity of the equipment can now be obtained
by using a ceramic filter, which is available relatively cheaply, while the
"straight through® 10.7MHz approach requires the I.F. filter to be a
multiple crystal unit with a much higher price. However, sufficient
selectivity is required before frequency conversion to 455KHz to prevent
gain compression or intermodulation in the second mixer: the provision of a
suitably high gain compression point and/or third order input intercept
point reduces the requirements for and thus the expense of this filter,
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The Phase locked Loop demodulator as exemplified in the Plessey SI6601 has
been available for some years. It offers certain distinct advantages in
some applications: for example, where extreme long term stability is
required such as in receivers for remote power switching, and in military
equipments operating over extended temperature ranges. The lack of a
quadrature circuit (either as an L-C cambination or as a ceramic resonator)
is attractive, although certain parameters, such as the ultimate signal to
noise ratio, are unlikely to ever reach those limits achievable with a
quadrature type detector.

All circuits have certain "sensitive" parameters which are difficult to
measure and/or to meet. Typical of these are AM rejection and
sensitivity. AM rejection is a function of AM to PM conversion within the
limiting amplifer and in order to minimise this, balanced stages are used
(fig. 1). Nevertheless measurement becomes a difficulty as the following
example illustrates.

A signal is applied to an FM receiver with a deviation of plus/minus
2.5KHz. Removal of the FM and substitution of AM at 30% requires the
residual FM of the generator to be less than 7.5Hz if an accurate
measurement is to be made of the cammonly required 40dB rejections.

AM to PM conversion within an IC is generally caused by asymmetry in the
output level which varies with input level - see figs 2 demonstrating the
effect of offset on a limiter with varying input level. It is this AM-PM
conversion which has led to the production of special low phase shift
limiters for use in radar systems. The effects of operating at low
collector currents such that Fy is falling does not appear to have any
major effect, which is perhaps surprising, as a differential phase shift of
1 degree for a S5dB input variation (which corresponds to 30% AM) will
produce an output same 43dB below a 3KHz deviation signal. Ref 1 provides
some useful indications of the phase shift with input level in low phase
shift limiters operating at frequencies of approximately 1/20 of Fy.

AM rejection is directly related to co-channel rejection and capture ratio,
and the performance of wide band FM in this respect is well known. Narrow
band FM (3KHz deviation) is much worse, because the allowable phase
deviation caused by the unwanted signal is obviously decreased.

From this discussion, it may be deduced that the requirements for a
limiting I.F. amplifier for FM demodulation include symmetrical limiting,
achieved by the use of balanced stages, and low phase shift with input
level variation, both of which are achievable in integrated form -
possibly, indeed, more readily than with the use of discrete components.

Sensitivity is important for the receiver designer, and in all too many
cases is defined as "3dB limiting™ or same similar inexplicit term. The
measurement of signal to noise ratio on a 100% basis is more meaningful,
but difficult because of the noise lewvel involved with automatic test
machines and handlers. As a result, testing to levels below 5 microvolts
is not very practical, while a "2 microvolt typical® sensitivity without
any tolerance is of no use to the serious design engineer - especially as
it may cost $1 to purchase a part and $2 to change it if the assembled
equipment does not meet specification.



As previously stated, there are performance advantages in the use of an IF
of 455KHz such as very low power consumption, for which the use of a high
frequency I.C. process is mandatory. At frequencies below 1 or 2 MHz, the
use of PNP transistors as active loads as in Fig 3 is attractive. The high
frequency performance is limited by the difficulties of producing high
frequency, high gain lateral PNP transistors in a monolithic I.C.

Cellular, military, amateur and even 900MHz cordless telephone equipments
require signal strength indication (RSSI - Received Signal Strength
Indicator), and this is a feature of new circuits. The use of a radar
style successive detection logarithmic amplifier has obvious applications,
although if a very linear monotonic RSSI response is required, the losses
of any filter section within the amplifier strip must be carefully
controlled. In addition, measurements of the RSSI response must be made
with care, as it is not unknown for the logarithmic curve of the I.C. to
show up hitherto unsuspected errors in the attenuators of signal
generators. ‘The use of an external precision attenuator can help, but
great care must then be taken to avoid leakage. Older signal generators
which use piston attenuators will give the least problems in this respect,
provided that mechanical wear has not invalidated the calibration.

The use of the quadrature FM detector is almost universal, although as
mentioned earlier, the Phase ILocked Loop has some advantages. In narrow
band FM the PLL shows little improvement in threshold extension, because
the loop bandwidth approaches the IF filter bandwidth. In order to obtain
adguate AM rejection, it is necessary to precede the PLL with a limiting
amplifier and this means that no adjacent channel selectivity can be
provided by the loop as unwanted signals will capture the limiting strip.

The quadrature detector is extremely popular for use in integrated circuit
demodulators for a number of reasons, not least of which is the small
number of pins required by the IC in comparison with a Foster Seeley or
ratio detector - as well as the simplification and thus cost reduction of
the inductive component.

There does however, seem to be some misconceptions with regard to the
operation of a quadrature detector - fig 4. At resonance, the voltage
across the guadrature capacitor is 90 degrees out of phase with the voltage
across the tuned circuit, and this phase shift varies as the frequency is
removed from resonance. In order that a linear output may be obtained, it
is necessary for two parameters to be considered:

a) the linearity of the phase detector
b) the tuned circuit Q.

The variation in voltage with frequency offset follows a tangential form,
while the phase detector (or analogue multiplier) will usually have a semi-
sinusoidal transfer characteristic. This requires that for any given Q,
frequency deviation must be small, so that distortion is minimised.
However reducing Q will also reduce the available AF output and thus there
is an optimum value for Q. In a tuned circuit, the phase shift is 45
degrees at the 3dB points and restriction of the phase variation to about
10 or 15 degrees gives a generally satisfactory compromise between output
and distortion. This suggests the use of a Q that gives a 3dB bandwidth of
about 3 times the deviation, which is generally acceptable.
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The use of a high Q circuit damped by a resistor rather than a low Q coil
is advisable insofar as the repeatability and stability are improved. The
use of a ceramic resonator generally gives higher distortion and can also
give matching problems between the filter centre frequency and that of the
resonator. Additionally long term frequency stability is not always
improved to the extent that might be expected.

The use of a differential output as in the Plessey SL6652 (fig 5) has some
advantages. Where data is transmitted as FSK, frequency errors in the
system can lead to bias distortion such that data can be lost with a single
ended output. Additionally, the differential output when suitably filtered
provides AFC and a convenient method of adjustment of the quadrature coil
is to inject a signal at the correct centre frequency and adjust the
quadrature coil for zero voltage across the output. The effects of
internal offset wvoltages does mean however, that the differential output
voltage may well not be zero at zero input. ‘The use of a single ended
output device will of course give problems of temperature drift as well.

It does not seem to be realised by many designers that the group delay
characteristics of the IF filter can have a significant effect upon the
distortion realised in the system, and especially where high speed data
transmission is concerned, differential group delay should be minimised.

An area of some difficulty is squelch. After some years experience, the
author is finmly convinced that the perfect squelch system will be designed
by an engineer who can live in the same house in harmony with his/her
parents, in laws, and grandparents without ever a cross word!

Squelch in the Phase Locked Loop decoder may be implemented by circuitry
which looks for "cycle slipping™ when the input signal is noisy. ‘This
method has two major drawbacks:

a) The number of cycles slipped at a 6dB S/N is considerably more than at
20dB S/N. Thus the change in output at low S/N ratios is adequate to
drive, say, a Schmitt trigger, but at high S/N ratios, the trip point is by
no means as well defined.

b) The front end noise when band limited by a filter is identical in form
with that produced by a valid, noise modulated FM signal. Thus although
only noise is present, the loop will attempt to demodulate it as a valid
signal, and the squelch can therefore open on noise. Probably the best
squelch method is to use the reduction in noise power above the AF band as
an indication of S/N ratio: the noise from the front end is admittedly a
valid signal, but is effectively de-emphasised, and so the HF noise is
lower than would be expected. The reason that the noise is de-emphasised
is that that high order sidebands of the FM signal are reduced by the
filter: thus the low frequency noise components have more sidebands and
effectively higher deviation than the higher frequency components. The use
of carrier strength as a squelch control is again unsatisfactory because of
the squelch breaking at high noise level inputs. These problems have led
to the use of tone coded squelch systems (CTCSS) and one modern tactical
military radio uses S sguelch systems with majority voting!
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Squelch hysteresis is required for situations where deep fading can occur.
For very low signal to noise ratios hysterisis of a few dB is adequate,
while at high (20dB) ratios, a larger hysterisis window gives less trouble
with fading and squelch dropout. Some hysterisis is always desirable and
ideally should vary with S/N ratio.

AM and SSB

Integrated circuits for AM and SSB reception are rather more rare. Leaving
aside broadcast receivers, the AM requirements are now limited to CB,
Aircraft, military and a few other applications. The CB requirement now
tends to be multimode, while the temperature range for aircraft and
military equipments are generally too exacting for broadcast type IC's. In
the case of single sideband, some requirements for in channel
intermodulation ratios of 60dB are extremely difficult to meet, while the
market demand is currently relatively small. The growing trend to ACSB
(Amplitude Compandored Single side Band) may well change this, but again,
low power requirements suggest the use of a low I.F. This is not so
convenient as in the FM case, because the percentage bandwidth of the IF
filter is reduced. This means that the IF filter will tend to be larger,
and quite possibly more expensive.

The use of RF derived, rather than AF derived, AGC is advantageous, as an
RF input corresponding to a low audio freguency signal may well overload
the receiver if the IF filter is fairly sharp. In addition, attack times
are faster with RF derived systems because of the greater number of cycles
of signal available for rectification in a given time. It is, however,
important to ensure that the carrier for SSB demodulation does not block
the AC circuitry. Typical of such a device capable of very good AM/SSB
performance is the Plessey SL6700 which offers a great deal of flexibility
by the "addressability” of the various intermal functional blocks - see fig
6. Refs 2 and 3 provide further details on the use of this device.

An area in which some difficulty can occur is in the A system where the
ripple from the modulation remains on the AGC line. With high impedance
AGC circuits used with tubes, and the high signal voltages, cambined with
the relatively insensitive remote cut off tube, the distortion introduced
by this ripple was normally of manageable proportions. However in an IC
with a 20dB/VWolt AGC law, a few millivolts of ripple are capable of
preventing in-channel IMD specs from being readily met. ‘The use of an
active filter in the AGC system can lead to instability unless phase
canpensation is used, and this is even more problematical with AF derived
AGC.

Historically, the IF amplifier has provided the major part of the receiver
gain, but especially in SSB systems it has become practicable to use some
50 or 60dB of gain at IF with the rest at AF. This eases layout and RF
stability, but does require low noise AF amplifiers, which is a well
developed technology.
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The use of the RSSI output from an FM strip as an AM demodulator is
possible. The logarithmic distortion introduced is only very pronounced at
high modulation levels, and a two or three decade anti-log amplifier will
reduce this distortion substantially. If the average RSSI output level is
used to provide an offset, then acceptable results can be obtained for a
wide range of input signals. It is however, unlikely that the
camplications involved will prove worthwhile.

IF circuits for radar applications are somewhat different, insofar as
usually either a log amp, swept gain or low phase shift limiter strips are
required. Although power consumption is still an important parameter,
centre frequencies of 160MHz and higher militate against low power
consumption. In addition, gains of 60dB at such frequencies are difficult
to achieve with stability, and the production of lower gain blocks is more
practical. The Plessey SL521 log amp first entered production in the
1960's and is still being designed into new systems in the 1980's. Its
successors have pushed the upper frequency limit for a log strip to beyond
200MHz and this will be revised further in new generations currently
undergoing development. At these frequencies, the parasitics involved is
conventional dual in line and TOS5 style packages are excessive, and in
order to prevent performance being package limited, it has become necessary
to use leadless chip carrier packages. The bonding of naked chips to
hybrids can be difficult, insofar as active testing of the devices may well
be impossible, or at least show little correlation with the final
parameters, and the use of the chip carrier package provides both
manufacturer and custamer with a much higher degree of confidence. The
cost of logarithmic amplifiers has now fallen to such a level that the use
of a linear IF amplifier in a radar on grounds of cost can hardly be
justified: even the complication of a swept gain system is unlikely to
outperform the log strip, and the use of a low phase shift amplifier mects
requirements for MTI, monopulse and phase encoded systems applications.

The application of direct conversion (zero I1.F.) and digital techniques
will doubtless lead to major charges in radio receiver design. The
conventional superhet has been with us for over 60 years: technology for
its complete digitisation is a long way off. Ref 4 is an example of some
of the work in this field, while (ollins Radio have an HF receiver which
the I.F. section uses digital processing. Despite these advances, there is
still a place (at the moment) for advanced analogue signal processing,
using advanced IC processes to maximise performance at minimum power
consumptions.

@ 1984 ?IC“CJ S}n-'uuduh" Lw,
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MOTOROLA ADVANCED AMPLIFIER CONCEPT PACKAGE

By Alan Wood

Motorola Semiconductor
Products Sector.

ABESTRACT

This paper describes the philosophy and the design of a new
generation of RF po&er transistors which, for Land Mobile
products, offer a unique design concept that will simplify the
external matching requirements for high power B8@@MHz amplifiers.
An additional benefit is the increased efficiency that can be
obtained over a wider bandwidth. These improvements are brought
about by the use of multiple matching gections inside the
package. Presented here will be an analysis of the design of a
doubly input/output matched part showing its advantages over a
conventionally matched 8@@MHz transistor. Also described will be
the performance characteristics of two RF devices, soon to be
introduced by Motorola Semiconductor Product Group. They will be
rated at 6@Watts output power for application in mobile radio-
telephones (12V operation) and base stations (24V), specifically

cellular, trunked and conventional B8@@MHz systems.
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INTRODUCTION

In a npumber of RF transmitter applications in the 8¢# to
96@0MHz band, e.g. paging and cellular base stations and high
power mobiles it is not uncommon for the amplifier output stage
to have multiple devices in parallel. RF circuit designers would
prefer to replace these complex multi-device stages with a single
device or at least with fewer paralleled transistors. FEut
ipcr}asing the output power of current 800MHz transistors does
present a number of problems: larger transistor die would lower
the manufacturing yields, dissipating the additional heat in the
existing package would limit the maximum operating temperatures,
and the device impedances would be %0 low that broadband
amplifier design would be extremely difficult. »

High power RF transistors developed for these applications
must therefore exhibit a number of desirable features namely:-

i. Power Gain. BGain should be as high as achievable using
the current processing technology but not at the neglect of
other important parameters, i.e. ruggedness and stability.

ii. Power Added Efficiency. High efficiency is of paramount
importance in any high power amplifier application. Space
requirements limit the volume that can be dedicated to power
supplies and heatsinking structures. Invariably this results in a
less efficient device operating at higher junction tempaeratures
and consequently lower reliability.

iii. Low Thermal Resistance. Higher output power ratings
correspond to higher concentrations of heat in a RF transistor.

This is to some degree offset by a larger die size but doubling



the output power, assuming similar efficiency, "will double the
heat dissipation in the package . Making the package larger will
not necessarily decrease the thermal resistance and will
certainly compromise the performance by increasing the package

parasitics.

iv. Bandwidth. Current transmitter power amplifier designs
strive to cover the full allowable operating bandwidth for their
own particular application. The benefits of 1ower inventory and
the elimination of field tuning over spiit band designs outweigh
the added complexity in the design and the trade-offs in
per formance over narrow-band tuning.

v. Stability. Ar amplifier should be stable over the +full
operating range expected in the field.

vi. Load-Pull Ruggedness. A transistor should be capable of

surviving an output mis-match even when operating at the design

extremes. To achieve this degree of ruggedness does involve
trade-offs in both gain and efficiency.

vii. Consistent Per formance. Ferformance and device
characteristics need to b; consistent not only part to part but
also batch to batch if they are to be usable by any equipment
manufacturer. Inéonsistency will make it difficult for the
product development engineer to guarantee the final performance
of his design and eventually it will lead to excessive guard-
banding in the component specifications. Lower product yields
when testifng to a more stringent specification inevitably results

1n higher component cost.
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Most of the above attributes are determined by the die
performance and the inter-relationship of the die and the
package. At higher frequencies, UHF and above, the package
interface with the external circuit also becomes Iimportant.
Device impedances are relatively low compared with the S@ ohm
terminating impedances of an amplifier. For this reason minor
variations in package position, grounding, and the values of
external components can have a significant influence on the
ahpliflqr performance. In fact even minor variations in the
position of the input/output shunt capacitors can emasily cause an
amplifier to exhibit lackluster performance.

Incorporating more of the impedance transformation network
inside the package minimizes the effects of these variations and
simplifies the task of the circuit designer. As an added benefit
it makes the out-going RF testing by the transistor manufacturer

easier, since it simplifies test fixture design and maintenance.

DIE CONSIDERATIONS

RF transistor die design is a compromise between obtaining
the best performance possible in terms of power gain, saturated
output power and efficiency, while still maintaining adequate
ruggedness into an output mis-match, good voltage breakdowns and
long term reliability. Good die yields and low production costs
are also important in developing transistor die for use in Land

Mobile applications.
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MATCHING NETWORKS

Fig. 1 is a very simplified T model of a transistor die in
common base configuration. Common base is normally chosen instead
of common emitter mode for class C amplifiers operating at 8@09UMHz
and above because of its higher power gain. Included in the
model are the junction capacitances and the resistive losses
attributed to each transistor region. The values given are
typical for a é@Watt die designed for operation at 12.S5Volts.

Analysis of this model at 870MHz gives us the equivalent
series input impedance (Zin) and the equivalent series output
impedance, (Zal), that when matched by a conjugate impedance
source and load will operate at the rated output power level with

minimum reflected power.

Zin = @.105 - jB.022 Chms

oL = 3.717 - j@.38 Ohms

Inspection of the series impedances given above indicates
bandwidth is not inherently limited by the die below the cut-off
frequency (ft). The series output impedance has the highest G but
even for this large die it is still less than 1.

RF power transistors are not generally sold in chip form but
are normally assembled in packages or chip carriers before they
can be usefully incorporated in discrete amplifier circuits. The
package provides low resistive paths for both thermal and
electrical connections. It should also provide a method of
mechanically attaching the device to & heatsink. Electrical

connections inside the package at high frequencies have a marked
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Figure 2
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effect on the performance of the transistor. Fig. 2 includes
these package parasitics in the transistor model. For our
purposes this model can be simplified to that given in Fig. X The

values given are typical for a non-internally matched 8@0MHz

K4194

package.

Analysis of this model gives the impedances at the

package terminations to be :

Zin = 6.105 + j3.258 Ohmsa

Zol. = 9#.717 + j2.9@ Ohms

g @

'g% These. are very low impedance levels compared to the S@ohm
§ 8 termination impedances of an amplifier and impedance transforming
:ﬁ networks are essential {f an amplifier is to meet its design
g ; goals. Without these networks the amplifier would exhibit :

; ;. %2 Poor input return loss. A large part of the drive will be
" reflected and thus not available for amplification by the
=z -

ﬁ‘,? transistor.

% Poor gain flatness and consequently limited bandwidth.
* Poor transfer of power to the load because of output
mismatch.

% Instability under certain operating conditions.

MODEL FOR UN-MATCHED PACKAGED DIE.

Matching networks can be implemented externally but the
package parasitic components will severely limit the useful
bandwidth on high power devices. The inevitable losses
associated with these external components and the sensitivity of

the amplifier performance to component variation will also reduce
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the ‘attainable bandwidth in production designs. The inherent
narrow bandwidth of a packaged transistor die at high frequencies
was partly solved several years ago by including part of the
input network inside the package. Later further improvements were
made, especially in the case of mircowave power davices, by
including additional sections of input matching and output
matching within the device package. The added complexity of
multi-section internal matching requires the use of highly
skilled 1labor and careful attention to detail in the assamb{y of
these transistors. Even with these measures the product vyields
are relatively low compared to commercial products and

consequently these parts are expensive to manufacture.

Input Network

Internal input matching performs two functions. It increases
the impedances to a level that can be more readily matched by
external components. Secondly, using the internal feedback
inherent in the package, internal matching can be used to shape
the gain—- frequency response of the device. The feedback is
associated with the common lead inductance and in either CE or CP
configurations there will always be a small amount of common lead
inductance simply due to the physical distance between the die
and the grounded leads. This inductance is represented by the
emitter or base die metallization, the wire-bonds from the bond
pads to the lead frame and the lead-frame itself. The inductance

is minimized by having several wire bonds to the die, using wide
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metallization patterns on the package and having 2 or more common
leads - four is normal. This is illustrated in Fig. 4.

The self and mutual coupling that exists in a double wire
bonded common base or common emitter part can be tuned to vary
the gain of the transistor at a particular frequency. Using this
method the 6&6dB gain slope for the die can be flattened over a
desired frequency range.

The input impedance without matching was given earlier and
is repeated here:
Zin = 9,105 + j3.2358 Ohms
Wirebond inductance and the braze area, necessary for lead
attach, are responsible for the major part of the reactive
component. Using current packaging techniques it would be
difficult to further minimize this inductive component.

A matter of considerable importance is, however, the
bandwidth over which the transistor can be operated without
serious degradation in power gain and efficiency. The high @
represented by this impedance would present an insurmountable
difficulty for any engineer wishing to design even a moderately
broadband circuit. Additionally the high losses associated with
the shunt capacitor necessary to transform the inductive
reactance would severely degrade amplifier performance. This can
be demonstrated using the values given in equation above. The un-

matched device Q@ would be :

D = XS/RS eeeccsssssnsoonosncccscsssnsansasss (1)

= 3,258/9.105 = 31
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Typical Qs for high gquality chip capacitors at this frequency ara
in the range 10@2-392. This represents a gain decrease due to
losses in the capacitor of between @.9dB and 3dB. Typkcal gains
for parts operating at 12.5Volts are 5-6dB so this does represent
a significant factor in circuit performance.

The series inductance internal to the package also limits
the bandwidth that can be achieved with external input matching.
Fig. 5 is a plot of the frequency versus input VSWR of the input
network shown in Fig. &. This analysis assumes ideal loss-less
components. The inductive reactance of the device input impedance
is resonated with a single shunt capacitor at the band center.

This gives the 3dP bandwidth from:

BW(ZXdB) = {r= f, R cesesssessassssssssssssas ()

.&__L

3

= 878 x 18° x 8.105
3. 258

= 28MHz

The real part of the series equivalent input impedance, Rs,
is inversely proportional to the area of the transistor, or more
exactly the emitter periphery, which itself determines the
saturated output power. This explains why low powar transistors
can easily be matched over several hundreds of megahertz whereas
high power devices have limited bandwidth. The 3Idb bandwidth
given in equation 2 1is the theoretical maximum that can be
achieved. Fano in his classic paper (1] analyzed the limitations

of broadband matching a complex load. His work asserts that
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increasing the number of sections does allow the 3dE bandwidth to
be transformed into a nearly rectangular bandpass characteristic
but no matter how complicated the network, it is never possible

to match the entire available drive over a wider frequency band.

Radical improvements in bandwidth can be achieved if the
series inductance is split by including a single stage of
matching inside the package . Bandpass networks offer better
performance than low-pass configurations using the same number of
elements but lbw pass impedance transforming structures have a
topology that can be easily integrated internally using the
wirebonds for inductors and mos-capacitors for the shunt
elements. Mos~capacitors can be fabricated using the same
technology employed in the manufacture of transistor die and
offer very low dissipation at UHF frequencies.

An alternative matching structure has been proposed [ 2 ]
using a shunt-L element, inside the package, to resonate with the
die input capacitance at mid-band. There are some reported
advantages with this scheme namely, higher power gain, and
improved collector efficiency. The shunt-L network also results
in a band-pass structure with effectively zero reactance at low
frequencies. This. suppresses the generation of low frequency
instabilities. A major disadvantage of this matching scheme 1is
the inability to screen the assembled device for certain DC
parameters.

Fig. 7 1illustrates the advantages of 1nternal matching
comparing  an un-matched package with a package 1ncorporating a

single section. The input impedance measuraed at the device
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terminals is still relatively low but it is now practical to

transform it to an higher impedance externally.

A further improvement in the input impedance can be achieved
by adding a more sections of input matching. Matthaei has covered
in depth the design of low-pass impedance transforming networks
ideally suitable for this application [4]. With 2 sections up to
9%% of the input power can be m;tched over the available
bandwidth Fig. B illustrates the behavior of the double input
matched device with frequency. Input impedance is now at a level
where the external matching can be readily accomplished using a
single section transmission line transformation Fig. 9.

Additional bandwidth can be obtained and the gain frequency
response flattened by mis-matching the input at the low frequency
end of the band. The &4dB/octave gain slope of the transistor die
can be used to advantage to extend the low frequency response.
A less than perfect input match partially reflecting the input
power is compensated for by the higher device ‘gain at lower
frequencies. They do require a degree of isolation from the
driver stages to prevent the low frequency mis-match affecting
the stability of these earlier stages. These networks are
adequately covered in the literature(3,4] and will not be further
discussed here.

The input network transforms the die impedance up from @.1
ohm to approximately the Bohm level. The inner section conforms
closely to a typical internal match seen in existing products.
The outer match requires relatively high values of inductance

and, because of the common base configuration, also needs to
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carry the full emitter current with low loss. The minimum number
of wires that can be used is therefore limited. The inductance
is achieved by closely spacing the wires and using the mutual
inductance to offset the lower self inductance of the many

parallel wires.

output network is given by:

-
w
% Output Network
T Reference to the transistor output model given in Fig. 14
»
> ( i show the collector circuit can be represented by a parallel
»-
3 combination of shunt capacitance(Cc) and collector resistance(Rc)
|
d « and the series collector lead i1nductance(L). Output impedance
S
[
L b (Zout) for this configuration is given by[(8]:
1T 3
. K
u A
139 2
‘v‘v‘v‘ﬁ b4 = __£!___‘., j[ul— (NR‘Q) I <]
S 1+ (w,C _R) wC Civ (R C))
b4
) If Cc is the dominant reactive term the intrinsic @ for the
3
T
W

W @ = wRk.C, R 7.3

If the inductive term dominates which it normally does for high

power transistors, then:

Q=w_;..['+{wk‘(‘)‘} 80B00A308000080000800000 Uei
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The maximum available output bandwidth becomes:

- I
1w R C,

T - 2]

if C dominates.

B.W. = ﬂ¢

2nl[1+ (wBC )]

cesscesscssscccsncscass(7)

if L dominates.

The value of collector resistance, Re, can be calculated
approximately, at high frequencies by:

Re 1

we .

-4

Therefore if L dominates :

B.W. = fe

cetssseesencsrcscas (B)

s t
LC (w + )

= 1@86MHz .

This network could be conjugately matched for maximum power

transfer but half of the power would be dissipated in the
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collector resistance limiting the maximum efficiency to SP.
Additionally, perfect matching will not necessarily allow the
transistor to reach its full output power capability because of
current saturation effects. The internal collector resistance
for a class-C amplifier is also highly non-linear and varies over
a wide range as the transistor oscillates between saturation and
cut-off during each RF cycle. In faci the shunt collector
resistance is maximized during product development by the
suitable splection of epitaxial resistivity and epitaxial
thickness consistent with meeting the required collector
breakdown voltages. High shunt collector resistance maximizes

the efficiency and saturated power capability.

RF power transistors are normally operated with a collector
load-line determined by assuming the maximum collector voltage
swing during the device turn—off period will be twice the supply
voltage. The load-line impedance can be approximated by the

equation:

Rp = (Vecc —Vce(sat))l T A AR
® Pou

This equation holds good for frequencies less than the cut-off
frequency for the die (fe). I1f we ignore the collecior
resistance (Rec) the matching problem simplifies to the collector
capacitance shunted by Rp. Limitations of broadband matching
for this load configuration have been analytically described by
Bode(5].

Wwe can apply Bode’'s resistance or attenuation integral
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theorem to estimate the available bandwidth for the transistor

die neglecting the limitations of the package inductance:

o

Rdw = ™ Haa0oa0tbaaa0oanaaaasaa gy
2¢C

0

This expression applies to any minimum reactance network
including a leading parallel capacitor where the source
resistance can be considered substantially infinite. Capaci tance
is estimated to be 1.2 times Cobo. The multiplication factor was
empirically determined by comparing measured impedance data with
an optimized modal of the die and the package parasitic elements
and has been confirmed for a number of UHF and 8a2MHz
transistors. Using the modified capacitance value the constant
resistance integral can be rewritten as :

-

SRdn = 1.88 x 16'° ohm.rad/s

or JRdu = 2.36 x m‘ ohm.hertz
4

Analyzing the network shown in Fig. 11 the series input
resistance can be plotted for all frequencies (Fig 12). It is
apparent from the graph that bandwidth is lost outside the

frequency range we desire especially below I@@MHz.
If the area under the curve is integrated the result should
correspond to the bandwidth-resistance product calculated from
the resistance integral. It can readily be seen that by

restricting the area under the curve to the operating frequency
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range and loading the internal collector node with the calculated
load-line impedance the ultimate bandwidth is realized. At all
frequencies outside the operating band, the series resistance
seen by the internal collector terminal would need to be =zero.
The design of a network to match the available bandwidth would be
impractical but typically only a fraction of the absolute

bandwidth is normally required.

The above requirement on resistive behavior at the collector
can - be best met by adopting an ideal bandpass network that
provides very abrupt transitions through zero resistance outside
the operating range. Practical considerations, as in the case of
the input network, limit the circuit topologies that can be
incorporated inside the package. The un-matched case can be
improved upon by some relatively simple internal changes to the
package metallization which allow the die-bonding of an
additional output mos-capacitor.

Tuning out the collector-basa capacitance at mid-band using
a shunt~-L element remarkably improves the usage of tha available
frequency—resistan&e product. This is clearly illustrated in Fig
13. The series resistance has been re-plotted for the new
network show 1in.Fig. 14. Maximum broadband power transfer is
enhanced by this type of network but more important the impedance
match is improved over the operating bandwidth. Efficiency, which
has a greater sensitivity than gain to reactive loading at the
internal collector node, does not suffer the roll-off at lower
frequencies that would be seen with an un-matched design. Fig. 1%

is a comparative plot of normalized parallel reactance (iXp/Rpt)
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for a shunt-L network and a conventional un-matched transistor.
It can be seen that the shunt reactive component for the shunt-L
match is higher at the low end of the band than in the case of
the un-matched device. For a good match the reactance should be
at least twice the parallel resistive component (iXp/Rpl > 2)
within the operating band (73].

Again as 1in the case of the input network an additional
section of low-pass transformation can be included to further
increase® the impedances to a level which eliminates the need for
an external shunt-C. Fig. 16 shows the bandwidth attainable with

the network shown in Fig. 17.

External Matching Requireaents

The high impedance levals present at the terminations of
this package do greatly simplify the axternal matching
requirements. The device can be matched to S@ohms with a single
section transmission 1line with a characteristic impedance in a
range that can be readily fabricated. The photograph (Fig. 19)
and the circuit schematic (Fig. 2@¢) of the broadband fixture used
for device evaluation illustrate the simplicity of the external
matching. The elimination of the troublesome shunt capacitors
close to the transistor package does simplify the production and
enhance the consistency of the amplifier performance. A paper to
be given in a latter session of this seminar will describe the
design of an amplifier using 4 MRFB98 parts paralleled to produce

223Watts output power over B85¢-9@@MHz bandwidth. This design was
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minimum of variation in gain and
CONCLUSION

efficiency across the operating band.
The design of RF power devices for high power, high

frequency operation involves a number of compromises. Most of

What of the future? Operation in excess of 1@@Watts output
which have been outlined above. The important points are that

power at 908GMHz has already been demonstrated with no changes
the added integration of additional matching inside the package

required in the external matching. In fact this package concept
can have the multiple btenefits of weasier usage, improved

can be extended to products operating at both higher and lowér
performance and better testability.

output powers than the examples given and the design is also
Conventional single input-matched parts will continue to be

feasible for products in the 486-512MHz land mobile band.

used- at lower power levels but at higher power and higher

frequency innovated product design is needed i1f devices are to be
of practical value.

The package design outlined here offers several advantages
over conventional 8@@®MHz packaging:-

& SIMPLER EXTERNAL MATCHING — Higher device impedances eliminate
the need for critical shunt-C
capacitors and allow single section
transmission line matching.

% HIGHER EFFICIENCY - High performance die and the use of
shunt-L collector matching enable
high efficiency (>60%) to be
maintained over a greater bandwidth.

$ BETTER THERMAL PERFORMANCE- Larger package and higher operating
efficiencies result in lower
thermal resistance.

% WIDER BANDWIDTH - Internal matching minimizes the
effects of package parasitics

allowing broader bandwidth and a
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rapidly executed because the simple external circuitry operated
first time with performance close to the design goals and the

amplifier required a minimum of further tweaking.

The accompanying graphs illustrate the performance of both
the 12volt and the 24Volt versions of these devices. Noteworthy
is the flatness of the gain and efficiency responee across the
design bandwidth and the extension of this outside the normal
frequency range of interest. For comparison Fig. 21 shows the
broadband performance for the MRF846 40Watt device.assembled in a
conventional 89dMHz package. Efficiency at the low end of the
band 1is greatly reduced and the input vswr at the band-edges is
much higher than the MRFB848. The package size and higher
efficiency result in both new transistors having a thermal

resistance less than 1 Watt/°C.
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THE HYBRID POWER AMPLIFIER MODULE FOR CELLULAR RADIO TELEPHONE DESIGNS

By Norinan E. Dye and James P. Qakland
Motorola, Inc.
Phoenix, Arizona

Introduction

In 1977, Motorola Semiconductor began design efforts on what was to be a
family of 800 MHz hybrid power amplifier inodules for use in the land-mobile-
telephone industry. Conventional and trunked comnmercial FM radio designs at 800
MHz were seen as inajor targets, but cellular telephone was the bright star in the
future - the area in which to concentrate developinent efforts. This paper
highlights the design, construction, perforinance and reliability of the module used

ininany of the 800 MHz cellular mobile telephones being manufactured today.

In the last 14 years Motorola has designed, built and sold a variety of power
amplifier inodules for use in the VHF (136-174 MHz), UHF (400-512 MHz) and the
806 to 950 MHz frequency bands. The inajority of these modules have gone into
VHF and UHF portable and mobile comnmercial FM radios manufactured both
donestically and abroad. As shown in Figure 1 however, the list of demonstrable
applications for the hybrid P.A. module is not limited. The tnost recent
applications are, of course, the 800 MHz radio designs and in this area the use of
inodules in radio P.A. sections is becoining the industry standard. Many radio
inanufacturers have abandoned conventional djscrete designs in favor of the hybrid

module approach for the reasons suminarized in Figure 2.
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The Hybrid Power Amnplifier Module
Page 2

The U.S. cellular nobile application in the frequency range from 825 to 845
MHz has received the most attention due to the enormous business potential
represented. The MHW808A1 module shown in Figure 3 was designed specifically
for this application and is compatible with the unique cellular system requireinents
as they relate to the P.A. section of the radio telephone. Shown in Figure 4 is a

block diagram of the module incorporated into a typical cellular radio P.A. section,

The inodule has three stages of gain with the overall gain adjustable over a
full 30 dB range by controlling the supply voltage to the first stage. A complete
summary of the electrical specifications and typical RF performance curves are
illustrated in Figures 5 through 8. An iinportant feature to note is the excess
bandwidth capability of the module as witnessed by the 806 to 870 MHz bandwidth
specification and the even more broadband characteristics shown in the typical RF
performance curves. In fact, the MHW808A2, which is identical to the MHW808A |
except for a 806 to 890 MHz bandwidth specification, is sourced fromn the samne
product line. The relatively broad bandwidth of the module is the result of design -
not chance. Experience has shown narrowband designs to be inore prone to
instability under source and load mismatch conditions. Additionally, the output
power versus input power curves shown in Figure 7 are for general interest and are

not included to suggest gain control via RF drive adjustinent. As stated above, the

Al &S O om .
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Page 3

module is designed for gain control via supply voltage adjustinent of the first gain
stage. Most significantly, however, the module is designed to maintain stability
(i.e., no spurious outputs) over the complete range of definable radio operating
conditions which impact on the rnodule in the form of varied levels of RF drive,
supply voltage, gain control voltage, source and load mismatch, temperature and,

especially true for the cellular application, RF output.

A circuit schematic for the module is shown in Figure 9. The three active
devices feature high figure-of-inerit geometries to assure maximum stage
perforinance and gold top metal for high reliability. To enhance overall module
stability, all three stages operate in the common-emitter configuration, The first
stage, the gain control stage, is biased for large signal class-A operation and the
last two stages for class-C operation featuring threshold base bias with
teinperature compensating Schottky diodes. The threshold bias sets the average
einitter-base junction potential at 0.35 to 0.4 volts and is used primarily to
eliininate stability problems at low levels of RF drive when the transistors are just
beginning to turn on. Schottky diodes with the inherently low forward voltage
characteristic are compatible with the threshold bias voltage range and provide
satisfactory temperature compensation for power degradation at reduced
teinperatures. In Figure 10, the benefits of threshold bias are illustrated along
with a graph depicting the forward voltage versus ternperature characteristic for

the IN5817 Schottky diode at 50 mA forward current.
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The virtual ground concept has been einployed at the emitter of the output
transistor to minimize the deleterious effects of common lead impedance on RF
gain associated with coinmon-emitter operation. The emitter wirebonds are not
returned directly to ground, but first to the bottom side of the first shunt capacitor
at the base and at the collector, and then to ground through relatively large
isolation inductances. The net effect is to isolate the first transformation loop at
the base and collector from ground. As configured, a virtual ground is established
at the ernitter wirebond pads on the transistor chip which, in effect, eliininates
coinmon lead inductance and allows a stage gain equaling that achievable with

common-base operation without sacrificing module stability.

In addition to the input and output irnpedance levels being 50 ohins, each
interstage is also designed to be at the 50 ohin level to faciiitate testing of
individual stages and to provide a cascadable, gain block option. In general, low-
pass Chebyshev impedance matching networks as shown in Figure 11 are used to
transform the low base and collector impedance levels to the terininal or
interstage level of 50 ohms. Listed in Figure 12 are the considerations for
deterinining the number of matching network sections required. Consider for
example, the real part of the base iinpedance for the third stage transistor is
approximately 0.35 ohm - a transforination ratio of nearly 140 when transformed to
50 ohms. In Figure 13 the circuit element values and corresponding passband
transducer loss curves are shown for 1, 2, and 3 sections of inatching for

transforming the 0.35 ohm base irnpedance to 50 ohms over the 800 to 900 MHz
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operating frequency band. in this design exainple, both bandwidth and
transforination ratio are known, fixed values. 1f ininimuin transducer loss in the
passband was the primary criterion for selecting a circuit configuration, then the
choice of two sections with a maximuin of 0.007 dB loss would seem nost

reasonable and, in fact, two sections are used in the actual design.

In Figures 14 and 15 are a listing of the various types of inductors used in the
circuit realization and a photograph illustrating specific examples of each type.
The primary factors for determining which inductor type to be used are the
inductance value required and the circuit area available. At 800 MHz with high
transforination ratios it is not uncommon to encounter inductance values less than
1 nH. In the design example above, the first series inductor at the base of the third
stage transistor ranged in value from 0.12 nH to 0.78 nH depending on the number
of natching sections used in the design. Inductance values in this range are
necessarily realized by accurately controlling the height and length of a wirebond
or wirebond array and, in this particular case, the wirebond array used to access
the base wirebond pads on the transistor. Array heights are controlled by using
glass rod forms with diameters specified to within + I mil and, more recently, with

the use of sophisticated autoinated wirebond equipinent.

Larger values of inductance are realized with lengths of electrically short

microstrip transmission line formed on the ceramic circuit substrate. Shown in

The Hybrid Power Anplifier Module

Page 6

Figure 16 is a sketch of the inicrostrip configuration and a graph illustrating
characteristic itnpedance and inductance per unit length as a function of line width
for a coinmon ceramic material - aluminum oxide. The non-linearity of the
relationship between line width and inductance per unit length can often be used to
the designer's advantage in selecting an optirnum physical realization of a specific

inductance value.

Although not used in the MHW808A1 design, airwound coils are also used to
realize the larger inductance values. Many of the VHF and UHF designs

incorporate the airwound coil.

The capacitor types used in the module realization are listed in Figure 17. In
addition, a photograph illustrating examples of each type is shown in Figure 18. In
general, all capacitors used for RF impedance matching purposes are MOS. The
cost effectiveness and piece part control afforded by internal manufacturing and
the relatively high Q of the MOS structure are the primary reasons for this choice.
MOS capacitors are currently mnanufactured with capacitance values in the range
from 0.5 to 750 pF using silicon dioxide as the dielectric insulator. Silicon nitride
has also been used where higher values of capacitance per unit area are required to

minimize capacitor plate area.

in situations where even higher capacitance values are required cerainic chip

capacitors are utilized. NPO ceramic chip capacitors available in the value range
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indicated for MOS capacitors can be used for RF impedance inatching elements but
are physically larger and, in general, exhibit a lower Q. However, for supply
bypassing and dc blocking, which typically dictate larger capacitance values to
accoinmodate hoth a RF and a low frequency function, high dielectric constant
cerarnic chip capacitors are the ideal choice. For some applications, most notably
the dc blocking application, high capacitance values can be simulated at a specific
frequency by selecting a lower value chip capacitor that is self-resonant at the
frequency of interest. Finally, in those situations where high-pass impedance
matching networks are used, series capacitors used for RF impedance matching
elernents serve a dual function and also provide dc blocking. This technique is
enployed at the collector of the first stage transistor in the MHW808A]1 module
where, not only does the series capacitor serve a dual function, but the shunt
inductor is used as a RF matching network element and the means for bias

insertion,

Shown in Figure 19 are the two most common approaches to bias insertion -
one of which is the technique discussed in the preceding paragraph regarding high-
pass matching networks and the dual function of the circuit elements. The other
approach, the approach used for the second and third stages in the MHWS808A |
design, utilizes a separate section of high impedance transinission line
appropriately bypassed at the end closest to the supply voltage access terminal,
The line length is generally selected to yield a high shunt impedance at the point of
insertion in the circuit, but can be chosen to present a shunt inductance value

capable of parallel resonating the output capacitance of the transistor involved.
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Resistive elements are formed using the evaporated nichrome adhesion layer
located between the ceramic substrate and the metal conductor. Nichrome is
exposed by selectively etching the inetal conductor and is laser tritnmed to within

1% of the desired resistance value,

To bridge the gap between design concepts and reality, a "thumb-nail" sketch
of the module construction is in order. Tooled ceramic substrates purchased from
an outside vendor are metallized using thin-filin techniques.  Topside inetal
conductor patterns are defined using photolithographic procedures and plated to
final thickness. Nichrome resistors are laser tritnmed to value. The substrates
are laser scribed and broken into individual circuit boards and at this point are
ready for subsequent assembly operations, All active devices and MOS capacitors
are attached to the circuit boards using gold-silicon eutectic bonding. Other
coinponents including leads, bridges, ceramic chip capacitors and diodes are
soldered to the circuit board using gold-tin solder preforms reflowed in a hydrogen
furnace. The circuit board is wirebonded and at this point is a coinpleted circuit
board subassembly. The appropriate combination of circuit board subassemblies is
soldered to a plated copper flange using a low teinperature indium based solder and
the nearly complete module is ready for initial RF testing using internally
designed, fully autoinated RF test equipment. If the inodule passes the initial RF
test, it is conformally coated and a plastic cover is attached. The module is than

RF tested once again, packaged and shipped to the warehouse
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The MHWS08A|1 module has recently undergone several inajor cost reduction
steps. As originally designed, the first stage circuit was asseinbled on a single
piece of aluminium oxide cerainic measuring 0.3" x 0.65" and the second and third
stages were build on a single piece of beryllium oxide cerainic measuring 0.6" X
0.65". The information shown in Figure 20 highlights the inajor differences
between the two ceramics that impact on inodule design and cost. The choice of
BeO as a substrate material for stages two and three was based solely on thermal
considerations with the thermal conductivity of BeO being five to six times that of
A1303. However, the limited availability and the extreinely high cost of BeO
forced a redesign effort aimed at utilizing alternate assembly procedures which
\ninitnize the use of the BeO ceramic. The photograph shown in Figure 21 features
the original or conventional design contrasted with the newer cost reduced design
which resulted from this effort. In the cost reduced design BeO usage is limnited to
two sinall carriers tneasuring 0.08" x 0.15" to which the active die are mounted.
The reinaining circuitry for stages two and three is constructed on two pieces of
A1703 ceramic with the overall assembly dimensions being the same as the
conventional design. In summary, BeO usage was reduced froin 0,39 square inches

to 0.024 square inches - a factor of 16.25.

The second cost reduction feature is closely linked to the first and involves
the ceramic thin-film metalization scheme, Historically, best resuits in metalizing

BeO using thin-film processes have been achieved with an evaporated nichrome
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adhesion layer followed by evaporated gold and then plated gold. For A1703, a less
expensive metal scheme, the components of which are evaporated nichrome,
evaporated copper, plated copper, plated nickel and a gold flash plating yields very
satisfactory results and allows the use of copper in place of gold as the primary
conductive metal. For the iicrostrip structure the metal closest to the cerainic
surface is the nost critical., Shown in Figure 22 is a sketch of the nicrostrip cross-
section and a corresponding graph illustrating the normalized current density in the
top and bottom side metal as a function of penetration depth measured in units of
skin depth, From the graph a metal thickness of four or five skin depths closely
approximates the maximum penetration depth into the conductor and can be used
as a specification for minimum metal thickness. The chart presented in Figure 23
lists skin depth information in microinches for copper and gold at several
frequencies. For the 800 MHz module designs, four to five skin depths represents
350 to 500 microinches of thickness dependent upon the metal chosen. This is a

significant metal usage and further validates the cost effectiveness of using A1303

in place of BeO.

The third, and last, cost reduction feature is the implementation of
automated wirebonding, Prior to automated wirebonding, manua!l wirebonding
using glass rod forms on critical wirebond arrays was the single most labor
intensive operation in the module construction. Comtnercially available equipinent

was purchased and specially modifed to accoinmodate the coinplex wirebond
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schemne and is fully operational at this timne. It is estirnated the wirebond time per

nodule has been reduced from eight minutes to less than forty seconds.

All of these cost reduction features combined with offshore assembly in
Motorola's Seremban, Malaysia facility have resulted in module selling prices that
are extreinely competitive with the pricing of discrete transistor lineups required

to build the equivalent amplifier.

As always, reliability is a key issue with radio manufacturers. The radio
designer must feel confident the component selections he makes will not result in
unexpected reliability issues and adversely affect the salability of the end product,
in this case the radio telephone. Listed in Figures 24 and 25 are the reliability
tests completed for both the conventional and cost reduced designs. With
exception to the thermal shock testing, which is a destruct test designed to detect
such problems as ceramic fracturing under extreine teinperature stress, sample
groups of modules were subjected to each test with before and after data recorded
to identify failures. These tests were perforined under the supervision of

Motorola's Reliability and Quality Assurance organization and copies of the test

conditions and verified test results are available upon request.
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FIGURE 1

APPLICATIONS FOR HYBRID POWER

AMPLIFIER MODULES
(136 MHz TO 174 MHz, 400 MHz TO 512 MHz,

806 MHz TO 950 MHz)

1. MOBILE AND PORTABLE CELLULAR RADIO TELEPHONE
2. CONVENTIONAL/TRUNKED FM TWO-WAY COMMERCIAL

RADIO
3. PAGING SYSTEMS

4. UTILITY USAGE MANAGEMENT

5. ALARM SYSTEMS

6. BIO-MEDICAL ELECTRONICS
7. WILDLIFE TRACKING SYSTEMS
8. RF DATA TRANSMISSION LINKS

9. MARINE RADIO SYSTEMS

10. AMATEUR RADIO

11. REMOTE SURVEILLANCE LINKS

K4096-1

MOTOROLA INC.
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FIGURE 3 — MHW808A1
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FIGURE 2

CONSIDERATIONS FOR CHOOSING HYBRID
APPROACH OVER CONVENTIONAL DISCRETE
DESIGN APPROACH

-
.

INHERENT SIZE ADVANTAGE.

2. GUARANTEED “SUB-SYSTEM” PERFORMANCE
(i.e., BANDWIDTH, INPUT RETURN LOSS, GAIN, EFFICIENCY
RUGGEDNESS, STABILITY, HARMONIC SUPPRESSION,
DYNAMIC RANGE).

3. HIGH LEVEL OF PROVEN RELIABILITY.

4. MINIMIZE CLOSE TOLERANCE ASSEMBLY PROCEDURES
COMMON TO DISCRETE DESIGNS.

5. BOTTOM-LINE COST EFFECTIVENESS.

6. REDUCE DESIGN TIME FOR RADIO POWER AMPLIFIER
SECTIONS.

K4095

A mOoTOROLA INC.



FIGURE 5
ELECTRICAL SPECIFICATIONS FOR MHWS808A1

(CONDITIONS: PIN = 30mW, POUT = 7.5W,
Vs1=Vs2=12.5V VCONT=12.5V)

BANDWIDTH: 806 TO 870 MHz
GAIN: 24dB

MAXIMUM INPUT VSWR: 2:1
MINIMUM EFFICIENCY: 30%

MAXIMUM HARMONIC OUTPUT: -42dBc @ 2fo, -60dBc @ 3o
AND HIGHER

LOAD MISMATCH STRESS: CAPABLE OF WITHSTANDING

POUT = 9W, V§1 = Vs2 = 16V, LOAD VSWR = 30:1

POWER DEGRADATION WITH TEMPERATURE: LESS THAN 1.7dB
FROM -30°C TO +80°C

(REFERENCE: 7.5W @ +25°C)

STABILITY: SPURIOUS OUTPUTS < 70dBc FOR Py = 0 TO 30mW,
Vg1 = Vg2 = 10 TO 16V, VCONT = 0 TO 12.5V AND LOAD

VSWR = 4:1

K4103E

A moromoLa INC.

FIGURE 4

TYPICAL APPLICATION FOR CELLULAR
MOBILE RADIO

3w

MINIMUM @
ANTENNA
1-5mwW 10-50mW 7.5W
SYNTHESIZER FILTER | HYBRID POWER AMPLIFIER  ISOLATOR
& | MODULE &
BUFFER DUPLEXER
AMPLIFIER
JE— -
GAIN CONTROL
CIRCUITRY Ka108

AA pmpoTOROLA INC.

Z9
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FIGURE 7

OUTPUT POWER VERSUS GAIN CONTROL VOLTAGE
FOR MHWS808A 1

+40 T T—T

PiN - 0.03W  +38.75dBm
- Vgq - Vg2 - 12.5vDC  (7-5W)

+20

10

830MHz 800 MHz

POUT, OUTPUT POWER (dBm)

VCONT: GAIN CONTROL VOLTAGE (VDC)

K41030

M moromoLa inc.

FIGURE 6

GAIN CONTROL VOLTAGE, INPUT SWR, EFFICIENCY
VERSUS FREQUENCY FOR MHWSO0SA 1

%)

a :
a T T T T T T T T T g,
w = >

=7.5

Q " Pc)U-To o;ww 1% 2
'S PN = 0. . 2
6, - Vg1 = Vg2 = +12.5VDC 7 1o %
> ) w
] 10 - 30 w
& 8l VCONT 42 =
4
(o] 6 T
(8] [« 4
2 al- - 2.0: 2
< g
(4] VSWR 4 1.5

- 2 P
[ 2
P4 0 1 i 1 i 1 1 1 1 1 1.0:1 o
(o) 800 820 840 860 880 900 3
O -
>

FREQUENCY (MHz)
K41038 -1

M mOTOROLA INC.



FIGURE 9

CIRCUIT SCHEMATIC FOR MHW808A1
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A moToROLA INC.

FIGURE 8

OUTPUT POWER VERSUS INPUT POWER
FOR MHWB808A1
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FIGURE 11

LOW-PASS CHEBYSHEV IMPEDANCE
MATCHING NETWORK CONFIGURATION
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5A/ MOTOROLA INC.
FIGURE 10
THRESHOLD BIAS FOR CLASS-C OPERATION
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FIGURE 13

DESIGN EXAMPLE ILLUSTRATING PASSBAND
TRANSDUCER LOSS VS. NUMBER OF MATCHING SECTIONS

0.78
—o——"""—o0

50 ¢ i 0.35
44,5
L—o0 < R AR R R, (-
(1 SECTION) a L IS 1
7 800 MHz 900 MHz
2.70 0.23 3
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. = : E
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(2 SECTIONS) Z !
3 800 MHz 900 MHz
4.86 0.84 0.12 L
O
1 L 1
50 = T 0.35
6.7 48.0 277.7
| | | N 00002 - ——Y - -
(3 SECTIONS) - .
800MH2z 900 MHz
UNITS FOR RESISTANCE: OHMS
UNITS FOR INDUCTANCE: nH
UNITS FOR CAPACITANCE: pF T
A\ mororoLa INC.
FIGURE 12

CONSIDERATIONS FOR DETERMINING NUMBER
OF MATCHING SECTIONS NEEDED

1. TRANSFORMATION RATIO (i.e., RHIGH / RLOW).

2. TRANSFORMATION BANDWIDTH OR FRACTIONAL BANDWIDTH
REQUIRED.

3. ALLOWABLE PASSBAND LOSS.
4. LEVEL OF REQUIRED HARMONIC SUPPRESSION.
5. AMOUNT OF CIRCUIT AREA AVAILABLE.

K4092

M moromroLa INc.
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FIGURE 15 — EXAMPLES OF INDUCTORS
USED IN MODULE DESIGN

FIGURE 14

INDUCTOR TYPES

1. PRECISELY FORMED WIRE BOND ARRAYS
(0.1 TO 1 nH).

2. LENGTHS OF ELECTRICALLY SHORT MICROSTRIP
TRANSMISSION LINE (1 TO 30 nH).

3. DISCRETE AIRWOUND COILS (1 TO 50 nH).

K4094

AA mMOoTOROLA INC.
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FIGURE 17

CAPACITOR TYPES

1. MOS (MANUFACTURED INTERNALLY). 0.5 TO 500 pF
2. NPO CERAMIC CHIP. 1 TO 500 pF

3. HIGH DIELECTRIC CONSTANT CERAMIC CHIP (USED
PRIMARILY FOR INTERSTAGE BLOCKING AND
SUPPLY BYPASSING).

18,000 pF

K4093

AL mMoTOROLA INC.

FIGURE 16

PROPERTIES OF TYPICAL MICROSTRIP

CONFIGURATION
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FIGURE 19

BIAS INSERTION TECHNIQUES

1. CHOKES FORMED WITH LENGTHS OF HIGH IMPEDANCE
MICROSTRIP TRANSMISSION LINE:

o
f— Zo S e
TO BIAS INSERTION I TO SUPPLY VOLTAGE
POINT IN CIRCUIT L TERMINAL

a. A/B< (< A/a
b. 55 < Zo < 90 OHMS

c. CAPACITOR, C, PROVIDES LOW IMPEDANCE TO GROUND
OVER OPERATING FREQUENCY RANGE.

2. IN SITUATIONS WHERE HIGH-PASS IMPEDANCE
MATCHING NETWORKS ARE USED, SHUNT INDUCTORS
ALSO PROVIDE A MEANS OF BIAS INSERTION.

K4098
A\ MOTOROLA INC.

FIGURE 18 — EXAMPLES OF CAPACITORS
USED IN MODULE DESIGN
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FIGURE 21 — CONVENTIONAL AND COST-REDUCED

DESIGNS FOR MHWB08A1

FIGURE 20

ALUMINUM OXIDE VERSUS BERYLLIUM OXIDE

RELATIVE DIELECTRIC
CONSTANT

THERMAL
CONDUCTIVITY

METAL ADHESION
STRENGTH

AVAILABILITY
CcosT

ALUMINUM OXIDE BERYLLIUM OXIDE

8.0

0.34

SATISFACTORY
SATISFACTORY
$0.19

World Radio Histo

6.7

1.84

POOR
POOR
$2.70

W/CM -°C

PER SQ. INCH

K4090

AL mororoLA INC.
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FIGURE 23

SKIN DEPTH VERSUS FREQUENCY
FOR COPPER AND GOLD

COPPER GOLD
150 MHz 212 236 u INCHES
450 MHz 123 136 u INCHES
850 MHz 89 99 u INCHES
K4089
M) mororoLa Inc.
FIGURE 22

CURRENT DENSITY WITHIN CROSS-SECTION
OF MICROSTRIP CONDUCTOR

1.0 — - —

METAL L 0.6

NORMALIZED CURRENT DENSITY, J/Jo

0.4 —
J = CURRENT DENSITY IN THE METAL CONDUCTOR
EXPRESSED AS A FUNCTION OF X. 4
Jo= CURRENT DENSITY IN THE METAL CONDUCTOR
AT THE METAL/DIELECTRIC INTERFACE (X=0). 0.2 -
& = SKIN DEPTH = | 2 |
wuag
|
0 1 T T T 1

X (SKIN DEPTHS)

K4097
AA  MOTOROLA INC.
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FIGURE 25

RELIABILITY TEST RESULTS

SAMPLE SIZE FAILURES

HIGH TEMPERATURE STORAGE LIFE 35 0
MOISTURE RESISTANCE 84 0
STEADY-STATE OPERATING LIFE 40 0
CYCLED OPERATING LIFE 16 0
TEMPERATURE CYCLING 80 0
THERMAL SHOCK 10 0
VIBRATION 10 0
MECHANICAL SHOCK 10 0
SOLDERABILITY 10 0
LEAD BEND 10 0
. SMOG ATMOSPHERE, H3S, NO2, SO» 8 of each 0
K4103G
“ MOTOROLA INC.
FIGURE 24

RELIABILITY TESTING SUMMARY FOR HYBRIDS

10.
11.

- HIGH TEMPERATURE STORAGE LIFE (125°C, 1000 HOURS)

MOISTURE RESISTANCE (85°C, 85% RELATIVE HUMIDITY, WITH
DC BIAS APPLIED)

STEADY-STATE OPERATING LIFE (100°C, 1000 HOURS)

. CYCLED OPERATING LIFE (50°C TO 110°C, 5000 CYCLES,

6 MINUTES PER CYCLE)

. TEMPERATURE CYCLING, AIR TO AIR (-55°C TO +125°C,

10 MINUTES AT EXTREMES)

- THERMAL SHOCK, LIQUID TO LIQUID (0°C TO +100°C)

VIBRATION, VARIABLE FREQUENCY (10, 55, 10HZ ON X, Y AND
Z AXIS)

MECHANICAL SHOCK (500G, 1 MSEC, 3 PLANES)
SOLDERABILITY (260°C, 10 SECONDS)
LEAD BEND (8 OZ., 90° BEND AND RETURN)

SMOG ATMOSPHERE, H2S, NO2, SO2(75% RELATIVE HUMIDITY,
96 HOURS)

K4103A

M mororoLa Inc.
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HIGH POWER CLASS A AND CLASS AB TRANSISTORS

Prepared ty:

MICHAEL J. MALLINGER
Vice President - Marketing

“'IhCRIAN

HIGH POWER CLASS A AND CLASS AB TRANSISTORS

For (HF TV and Cellular Base Station Applications.

OUILINE OF PRESENTATION:

A) WHF TELEVISION

I. Overview of Requirement — System Needs

II. UHF TV Class A Performance

III. Transistor Performance Characteristics and Design Criteria
IV. Transistor Performance Achieved

V. Circuit Design Concepts and Performance Achieved

B) CELLULAR BASE STATION

I. Overview of Requirement — System Needs

1I. Base Station Class AB Performance

111. Transistor Performance Characteristics and Design Criteria
IV. Transistor Performance Achieved

V. Circuit Design Concept and Performance Achieved
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A) UHF TELEVISION

I. OVERVIEW OF REQUIREMENT -- SYSTEM NEEDS

The high power UHF TV transmitter has the following system
needs:

Operating Frequency Range: 470-860MHz

Input Signal Levels Frequency
Visual at - 8dB FO

Aural - 7dB FO + 4.5Miz
Color Sub Carrier - 16dB FO + 3.5Miz

All intermodulation products are measured in dB below the peak
sync pulse and are specified at 60dB down. Since this spec
includes preemphasis the transistor is specified at -50dB.

This specification set is usually referred to as the BEuropean
test method and is considered to be the most stringent of the

specifications for this system type.

The solid state amplifier power level desired is 100 watts. This
can be used to drive a high power travelling - wave tube
amplifier to 1KW or higher. To achieve a 100 watt amplifier will
require the following combination in the final stage: (Using
binary cambination)

2 - 70 watt
4 - 40 watt
8 - 20 watt
16 ~ 12 watt
32 - 8 watt



It should be noted that there are a number of systems which have
combined 32 or more of the lower power transistors to achieve the
needed power. The combining of a large number of transistors is
expensive to build and to maintain. The use of a pair of
transistors ocould be costly if it meant downtime due to failure.
A reasonable campramise is to use an 8-way caombined unit
utilizing 20-watt transistors. This improves the initial cost
and allows for "graceful degradation” should a single transistor
fail.

A typical lineup would then lock as follows:

__{>_

Fig. 1 .
The use of cambined transistors in the final stages improves the
intermodulation characteristics and reduces the impact of
interstage mismatch. It also allows for manufacture of
subassemblies consisting of a transistor pair which are then

integrated into the entire power amplifier.

The key transistor is the 20 watt power device used in the final
stage. This presentation will detail the design and

characteristics of the 20 watt power transistor.
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1I. UHF TV CLASS A PERFORMANCE

Class A transistors are used to achieve the required linearity in
line with the system specs for multitone intermodulation
distortion. The device is usually biased Class A at the supply
woltage of 24 wolts 'and at the current necessary for full Class A
operation — assuming 25% efficiency the 20 watt device would be
biased at the DC power of 80 watts which is 24 volts, 3.3 amps.
The device must therefore be capable of a high dissipation at
this bias condition and also withstand load mismatch under full

coperation.

The device must also have a high degree of linearity at the
operation point and therefore must have a 1dB campression point
approx 25% above the rated power therefore the 20 watt power

device has power output in excess of 25 watts.

The high power Class A Transistor therefore incorporates all of
the state-of-the-art technology in order to produce a product
which has the high power output characteristics and still retains
the low capacitance needed to operate at 860MHz.
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III. TRANSISTOR PERFORMANCE CHARACTERISTICS AND DESIGN CRITERIA
The operating specifications for the 20-watt Class A transistor
are as follows:

Frequency Range: 470-860 Mz

Power Output: 20 watts peak sync at IMD of -50dB

Power Gain: 8.5dB

Load Mismatch Capability 3:1 under full operation

Operating Conditions: WC = 24 volts, IC = 2.7 amps

D.C. Safe Operation Range (SOAR) 24V, 3 amps

Utilizing silicon based technology with NPN microwave power
interdigitated designs which include diffused ballasting and gold
topside metalization the generic design conditions, for the total
device, became:

Bnitter Periphery (EP) : 6700 Mils

Base Area (BA): 1200 square Mils

Base Periphery (BO): 900 Mils

EP/BA = 5.8

Chip Design:

Acrian has designed a cell structure which when cambined in a
push pull package and consists of eight (8) cells on each side
will provide the total required active area. This geametry is
interdigitated and incorporates diffused ballast resistors, gold
topside metal and silicon nitride surface passivation. The photo
(PHOTO 1) is a closeup of the cell structure.

The final device is built into a push pull package with eight
cells on each side. The product incorporates two steps of low
pass match (series L shunt C) on the input., This provides a

transformation of the input impedance fram the chip to the
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package terminals and nets an input impedance on each side of
3+ j9 oiMs °. The final device is shown in the photo

(PHOTO 2).

IV. TRANSISTOR PERFORMANCE ACHIEVED
The transistors oonstructed and evaluated have provided the

following results:
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V. CIRCUIT DESIGN CONCEPTS AND PERFORMANCE ACHIEVED

The transistor is a push pull device therefore the circuit
employs the push pull design concept incorporating the balanced
to uwnbalanced 1:1 transformer on the input and output. The
device impedances are transformed fram the package levels to 25
ohms utilizing microstrip transformers; 1lumped elements on
fiberglass circuit board material (teflon) with a dielectric
constant of 2.5 (See Photo 3). This was selected since it is
readily available and is quite conmonly used in the broadcast
industry. If size were critical the design could be accamplished
using ceramic alumina in about 1/4 the total area.

A full schematic of the final circuit is as follows:

This circuit is tuneable for a given channel so that it can be
peaked for best IMD performance. It will cover perhaps 5 channel
quite well without any returning.

Details on the circuit schematic and bill of materials are

included in the Appendix.
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B) CELLULAR BASE STATION

I. OVERVIEW OF REQUIREMENT - SYSTEM NEEDS

The cellular base station requires a power amplifier capable of
achieving:

Frequency Range: 850-960 MHz

Supply Voltage: 24 volts

Power Output: 45 watts (45 + losses)

Power Gain: 284B

Dynamic Range: -28dB fram Full Power

Load Mismatch: to 1 - after circulator

Stable into a 2 to 1 load mismatch

Projected MI'TF 15,000 hrs.

The cell site will consist of a large number (24 to 96) of these
transmit amplifiers and therefore the total unit size and power

consumption are key points to consider.

II. BASE STATION CLASS AB PERFORMANCE

The base station is required to service a number of units within
the cell and must be able to autamatically adjust the output
power depending on the distance to the mobile wit. Therefore,
the power output of the base unit must be adjustable over a wide
range. The Bell specifications call for adjustment of power over
a range of 28dB down fram the full system spec output. Also as
the density of cells increases the power output of operation will
be reduced. The ability to service a wide dynamic range dictates
that the tranamit power AMP be designed with transistors working
Class AB. This therefore prefers the transistor to be designed

cammon emitter,



III. TRANSISTOR PERFORMANCE CHARACTERISTICS AND DESIGN CRITERIA

The transistor specs for power output of 60 watts, Class AB
common  emitter with 6.3dB power gain and rugged intoa 5 to 1
load mismatch indicate the camplexity of the task -- to this
point there has been no such product. The current systems use a
of cammon base power transistors each providing 35 watts of power
output.

Chip Design:

To achieve this performance using NPN silicon bipolar transistors
it was necessary to design a product with total active silicon

characteristics as follows:

Buitter Periphery (EP) 5,000 Mils

Base Area (BA) 900 Square Mils

Base Periphery (BP) 700 Mils

EP/BA 5.8

An interdigitated structure was selected due to the excellent
history of this configuration for designs of this type as used in
UHF TV and the BW band of 500-1000Miz.

The chip incorporates diffused emitter ballasting, gold topside

metalization and silicon nitride passivation.

The final device consists of 2 groups of six cells on each side
of the push pull device.

pair
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Package:

It was also decided to use a push pull flange mount package to
allow for a simplified circuit versus using a large single ended
structure which would have lower terminal impedances. The
package is designed with a short series path (input to output)
and therefore only required a single step on input match on the
final device. Package outline drawing, Figure 7. The transistor
flange is the emitter lead inductance -— improving power gain. A
side benefit is the much improved input return path -- a
capacitor across the two inputs which is mxch easier to
implement versus chip caps to gromd in the more conventional
approach. The package is sealed be adhering a ceramic 1lid in
place with an epoxy preform -—- a commonly used technique in the
mobile/cellular product area.

IV. TRANSISTOR PERFORMANCE ACHIEVED
The final transistor performance over the frequency range is as

follows:

E" FIG. &
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V. CIRCUIT DESIGN OONCEPT AND PERFORMANCE ACHIEVED

VI. NEXT GENERATION SYSTEM PERFURMANCE
The circuit design is a conventional layout which has been

The high power transistor is used in conjunction with the lower
successfully used to cover octave bands in this general range.

power devices as follows:
The ooncept utilizes an input and output balanced to unbalanced
transformer and microstrip matching networks. The bandwidth is

quite easily ocovered with the full spec performance achieved

without any tuning. The trimmers are to allow for minor __D____D jl>
variations in both the circuit and the transistors. The board
material is teflon fiberglass with a dielectric constant of 2.5.

9BSE2E 9BSE14E 9BSEG0E

FIG. 6
The characteristic impedance of each side of the device is

This unit has passed the Acrian qualification procedures as set
5 + j 13 OHMS on each half of the input. A low pass/high pass

lpbyAcriantosimulatemebellptooedureandwulgothm the
match is used to transform the impedance up to the level desired

bell inspection shortly. It is presently undergoing tests at the

prior to the bal/unbal unit. ]
rwcal) labs
CINCUIT: SDORSS .
CLASS € OPERATION
The final configuration - )
performance as follows: v
I
] Rl
L ]
FIG. S »
j

Studies were conducted to verify the junction temperature during
full operation with the results showing a junction temp rise of
less than 90 deg. cent when fully stressed.
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- TEST CIRCUIT PARTS LIST
wnEe
w
w CAPACITORS
Cy, Cg - 4.7 pF ATC Series A
Cz, Cy, C20, C21 - 33 pF ATC Series A
E: Cy, Ca - 1.2-3.5 pF Film Dielectric Trimmer
E:)_ Cs, €7, €11, C12 - 0.01 Microfarad, 50 Volt Disc Ceramic
Cg, C1s, C17, C25 - 1 Microfarad, 50 Volt Tantalum
:' Cyo0, Ci6, C27, C12 - 0.1 Microfarad, 50 Volt Disc Ceramic
i Cy3 - 0.6-6 pF Piston Trimmer
ﬁg Cyg - 0.35-3.5 Piston Trimmer
Cyg, Ca24, Cyy, C26 =~ 10 Microfarad, 50 Volt Electrolytic
s3 Czg, C3p =~ 0.001 Microfarad, 50 Volt Disc Ceramic
= e C3; ~ 100 Microfarad, 50 Volt Electrolytic
!
1
<
& RESISTORS
§ Ry - 10 OHM, ) Watt Carbon Composition
’ Rz, Rg =~ 500 OHM Potentometer
Ry, Ry -~ 4.7 KOHM, % Watt Carbon Film
Ry, Rg - 1 OHM, 3 Watt, 12 Carbon Film
e Rg, Rg - 47 OHM, % Watt, Carbon Film
g
all®
.
2
<
DIODES

CRy, CR; - 1N4148

TRANSISTORS

Qy - ACRIAN UTV200
Qy, Q3 - MIJE 172

INDUCTORS

Ly, Ly - 0.47 MicroHenry Molded Inductor
L3, Ly, - One turn #18 gauge wire on a 0.325 inch form

MICROSTRIPLINES

23, 24 - 0.075 in. X 0.65 in. ?1, ¢° .035 in. x .1 microstrip on board
tg, g - 0.120 in. X 0.310 in.
27, £ - 0.120 in. X 1.33 in. % 91 035 in. x 1.1 microtrip on board

TRANSFORMERS

Ty, Ty, T3, T, - 50 OHM semi-rigid coaxial cable (0.056 in. X 1.1 in.)
soldered to microstripline measuring 0.035 in. X 1.1 in.)
Note: All microstriplines were calculated for 1/32 in. dielectric teflon
glass 2 oz. copper clad substrate (Er=2.575).
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HIGH-VOLTAGE UHF POWER STATIC INDUCTION TRANSISTORS

by

Robert J. Regan
Scott J. Butler

GTE taboratories Incorporated
Waltham, MA D2254

Abstract

This paper describes a new family of UHF power static induction transistors (SITs). These
new transistors have significant advantages with respect to output power, breakdown voltage,
efficiency, and terminal impedances, compared to more conventional bipolar transistors and
MOSFETs. One of these devices, a new single-ended multicell SIT, has demonstrated 180W
cw output power with 6 dB gain at 225 MHz with > 70% drain efficiency while operating at 60 Vdc.
Small signal measurements on single-cell SITs indicate 10 dB gain in the UHF range and a unity
power gain frequency in X-band.

Introduction

Present-day high-frequency electronic system designers and manufacturers are required
to deal with a number of issues which are determined by the characteristics of the transistors
used in their designs. One of the most pressing problems is the conversion of line voltage power
to the lower voltages required by presently used power transistors. This conversion generally
requires the use of large, heavy, and costly magnetic components. Another is in the power cir-
cuit design where very low transistor terminal impedances must be accommodated by high
transformation ratio impedance-matching networks. In addition, thermal considerations are very
important, and transistors with the highest power conversion efficiency are desired. GTE
Laboratories has addressed these problems in the ongoing development of a family of SITs.
The SIT embodies the best combination of power, frequency, gain, efficiency, and breakdown
voitage of any semiconductor device yet reported.! Thus, it is possible, using SITs, to design
and implement efficient, high-gain, high- frequency power amplifiers and oscillators which are
capable of operating at high dc supply voltage levels.

Background

High-voltage SiTs, which operate at relatively low frequencies (100 MHz), have been reported
by Kotani et al.? High-frequency SIT performance has been reported by Kane and Frey,* but
their devices operated at low voltage and relatively low power levels. Thus, high-frequency, high-
power SiTs have been limited to operation at low voltages (< 50V),2 until the recent develop-
ment of high-voltage UHF power surface-gate SITs.!*7:8 Advanced microwave MOS power FETsS
have shown good performance, but these devices also operate at low voltage levels (28V) and
bipolar transistors, the most commonly used UHF power transistors, all operate below 40V.

In order to achieve high-frequency and high operating voltage concurrently, the surface-
gate SIT has been optimized in various designs for operating voltage levels between 60V and
100V with good power gain at UHF and L-band frequencies.
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SIT Operation

$ITs are a special class of junction field-effect transistors (JFETs), in which the current flowing
verticalty” between the source and drain is controlled by the height of an electric potential energy
barrier undgf the source.® Such a barrier will develop when the channel is depleted of mobile
charge carriers by reverse biasing the gate junction. The height of the barrier is influenced by
both the gate and the drain bias potentials. The channel current in an SIT is primarily due to
elgclrpn transfer. Thus, the SIT is a majority carrier device, free from the deleterious effects of
minority carviers. Since the electrons have high mobility and travel at saturated velocity through
the erleled channel, the SIT is a high-frequency device which achieves high-voitage operation
by virtue of the high intrinsic breakdown fields of bulk material.

SIT Electrical Performance

SITs have been fabricated and characterized at GTE Laboratories with pitch ranging from
15 pmto7 pm.'-m.This paper presents the most recent performance obtained from 7 um pitch
devtces.. In order to increase the gain and reduce the interelectrode capacitance in these devices,
loca] oxidation (LOCOS) is employed to separate the gate and source in the vertical direction.
A §|mp!|fled cross section of this LOCOS surface gate SIT (SGSIT) is shown in Figure 1,
while Figure 2 illustrates typical dc I-V characteristics for a multicell LOCOS SGSIT. Figure 3
show§ a set of typical electrical performance data, normalized to device size, where appropriate,
by using the width of the active gate.

Small signat S-parameter measurements, taken using a Hewlett-Packard HP8409 network
analyzer system, have been used in conjunction with SUPER-COMPACT to establish an accurate
equivalent circuit model [Figure 4(a)] for this SIT. Figure 5 compares the measured and modeled
small-signal gain data. The gain calculated using the measured S-parameters from 0.5 GHz to
:(;J:Z'IS identified as (SA) on this figure. The model element values which provided a "best fit"’
o the four measured S-parameters were determined by an optimization procedure performed
using SUPER-COMPACT. The plot identified as (B) on Fizure Spindicates thgl the gain ?;Iculaled
from the optimized model correlates very well with that calculated from the measured data. Once
determined to be a fairly accurate electrical representation of the device, the modet was used
to determine the performance down to 100 MHz and also to evaluate the influence of package
parasitics on the microwave performance of the SIT chip.

Figure 1. Typical cross section of a LOCOS surface gate SIT (SGSIT)



DRAIN CURRENT (A)

20 40 60 80 100
DRAIN VOLTAGE (V)

Figure 2. SGSIT DC |-V characteristic (Wy = 24 cm)

Blocking Voltage BVDG 135v
Voltage Gain I 10
Transconductance L 50 mS/cm
ON-Resistance Ron 1002 - cm
Input Capacitance CSGO 3 pF/icm
Output Capacitance CDGO 2 pFicm
Unity Power Gain Frequency >6 GHz

Figure 3. Electrical performance Data for 7 um pitch LOCOS SGSIT
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Figure 4. SGSIT equivalent circuit model
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As expected, common lead inductance is the most influential package parasitic component
fimiting the frequency response. Although the common lead inductance in the packaged SGSIT
is less than 0.1 nH, there is considerable influence on the high-frequency performance. The reac-
tive portion of the intrinsic SGSIT equivalent circuit may be converted to a common-node con-
figuration using a delta-Y transformation as shown in Figure 4(b). When this is done, it is clear
that a series resonant circuit is formed in the common lead. This results in a resonance peak
in the small-signal gain at about 2.5 GHz.® At this frequency, unilateral gain is approached;
however, the gain decreases rapidly above this frequency. As shown on Figure 5, the common
lead parasitic impedance was reduced in steps between the optimized equivalent circuit value
and zero. The resultant circuit at each step was analyzed from 100 MHz to 10 GHz using SUPER-
COMPACT. In each case the low frequency gain remained about the same, while the unity power
gain frequency increased. The resonance peak frequency was determined by the common lead
reactive element values. The computed unity power gain frequency without common-lead
parasitics was found to be 10 GHz, and the gain-frequency characteristics contained no reso-
nances, as expected. Additional analysis of the equivalent circuit with all of the package parasitics
removed resulted in minor improvements, indicating the relative importance of the common lead
inductance in limiting device performance.

Large-signal tests with 7 um pitch SGSITs have been conducted at UHF frequencies for
three different size devices. For example, three SGSIT cells were combined in a single stripline-
type package, GTE 02-140-50 EXP, and tested under ""Class B’ operating conditions. As in-
dicated on Fig. 6, operating this device at lower drain voltage results in more linear performance
with slightly higher gain but lower Pgay. In addition, overall efficiency is also defined and plot-
ted on this graph. It is interesting to note that the drain efficiency (np = P/Pgc). for example,
at P, = 50W with Vpp = 60V and Ppgvg = 14W, is = 85%. This is very high compared to
any other UHF power transistor.

[

50}

|
T vpg = OV |
Vpo - 6OV

40+ 1100

190
£ g0 £
2 30 .
& 0 &
5 60 8
e | Q
'5 20 150 E

a

’8' {40 g
0w
10 s

20

10

e dde b e —t b e s
2 4 & 8 10 12 14 16 18 20
DRIVE POWER (W)
Pout
OVERALL EFFICIENCY = P P x 100%
dc * Vdrive

Figure 6. 7 um pitch SGSIT 225 MHz cw performance (wg = 6 cm)

Figure 7 illustrates the performance of a packaged six-cell SGSIT (Wg = 12 cm) at various
operating conditions (class ""A™ and “‘B""). As expected, much higher gain (= 8.5 dB) and more
linear operation is possible when the device is biased in a class “A’ mode of operation (curve 3),
albeit with lower saturated output power (Pgar = 75W). Compared to the three-cell class “g"
data shown earlier, this six-cell device performs as expected, providing approximately twice the
output power (> 100W) with the same power gain. The unprecedented 180-W performance of
the single-ended packaged 12-cell SGSIT (W, = 24 cm), GTE 02-140-180 EXP, is shown in
Figure 8. This device consists of six chips eufectically mounted on three specially configured
metallized BeO package inserts which are mounted in place within a specially designed power
package using Au/Tin eutectic preforms. Quartz glass rods are epoxied in place within the package
to provide support for the gate and source aluminum bond wires. Up to 180W cw was demonstrated
with this device. Drain efficiency was also very high, peaking at 76% at P, ~ 175W. The sur-
face temperature of all of the SGSIT cells in this device was monitored during this test using
infrared techniques and found to be approximately 95°C + 5, indicating excelient die bond and
insert bond integrity and uniformity.

Conclusion

Power SGSITs fabricated with small pitch have been shown to be capable of unusually high
bias voltage operation at microwave frequencies while exhibiting high efficiency and gain as
well as high input and output impedances. As a new class of high-voitage microwave power tran-
sistor, the SIT is presently under consideration for applications such as phased array radar
systems, broadcast transmitters and high scanning rate electron beam systems.
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“USE OF SAW TECHNOLOGY IN THE RF SYSTEMS OF THE 1980°s"
by
Carl A. Erikson, Jr.
Director of Processing Operations

Andersen Laboratories, Inc.
1280 Blue Hills Avenue
Bloosfield, CT 046002

ABSTRACT

Today 's Surface Acoustic Wave (S5AW) devices are no longer a research
curiosity but are derived from a mature technology, providing low cost,
high volume production benefits over wide perforaance ranges. SAW devices
include delay lines, bandpass filters, resonators, convolvers, wmatched
filters, and dispersive delay lines.

As RF engineers understand the adgvantages of this technology, sore and more
of thes are using SAW devices i1n such systems as channelized filter banks,
compressive receivers, chirp radars, spread spectrua cosmunication systeas,
and ECM equipment.

This paper will summarize the current usage of SAW devices in RF systeams,
both commercial and military, and also provide soae insight in future
trends and applications.

INTRODUCTION

SAW devices have been desonstrated to be extremely successful 1n sany
state-of-the-art KF systems to include comsercial®??, ailitary®2?,  and
space®>? applications. These systeas’ demands for high performance, highly
reliable coaponents have enhanced SAW devices® reputation, allowing thea to
offer viable alternatives to other technologies such as digital processing,
charge coupled devices, and acousto-optics. As RF engineers begin to
understand the advantages of SAW technology, msore of thea are using SAW
devices in their designs of such systeas as channelized filter banks,
cospressive receivers, chirp radars, spread spectrus cosmunication systeas
and ECM equipsent.

WHAT A _SAN DEV 2

A SAW device can be defined as a passive, electro-acoustic device that
allows acoustic energy to be generated, aanipulated, and detected on a
plezoelectric substrate. There are three basic parts to any SAW device
(See Figure 1). First, a highly polished piezoelectric substrate such as
quartz or lithium niobate 1s used. The property of piezoelectricity allows
the surface acoustic wave to be generated and detected. Table I 1lists
several paraseters for typical substrates used i1n fabricating SAW devices.
Second, thin aetallized or grooved structures need to be fabricated on the
substrate’'s surface by standard eetallization and  photolithographic
techniques. These structures which include interdigital transducers (10T,
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sultistrip couplers (MSC), reflective gratings, and wavequides are designed
to perfora the basic function of the SAN device; e.g9., delay line, filter,
resonator, convolver, etc. Third, the patterned substrate needs to be
packaged and connected to the package's terainals. The package provides
the mechanical support and hermetic environament for the SAW substrate which
can be extresely sensative to surface contamination.

Several major advantages of SAW devices which RF engineers should be aware
of are:

I. Compactness - Because surface acoustic waves travel on the order
of 103 times slower than electrosagnetic waves, significant signal delays
are achieved 1n a short length of substrate, typically 8 microseconds per
inch. For comparison, 1f coax cable were utilized for the same 8
aicrosecond delay, over one mile of cable would be needed'

2. Ease and Versatility of Design - Many types of devices can be
readily designed with standard CAD techniques because there is a direct
correspondence between the finger placement and weighting techniques of the
transducers (representing time-domain) and the desired output {usuaily
frequency domain); namely, the Fourier transforasation. See Figure 2.

3. Economical - The planar processing techniques used to fabricate
SAW devices and the great reproducibility in manufacturing have sade thea
very economical for many aplications. Costs may be as low as $.50 for high
voluae TV IF SAW filters or may run at $5000 to $10,000 per umt for a high
performance, ovenized SAW dispersive delay line. In addition, the ability
to easily integrate SAW substrates with hybrid substrates and coaponents
has been a key in providing low cost SAW oscillators, prograsmable nmatched
filters, and internally-tuned SAW devices.

APPLICATIONS OF SAW DEVICES

Table Il lists a few of the known applications of SAW devices based on type
of function of the device. For each major function a few comments and
exaaples will be sentioned.

SAW DELAY LINES

The amount of separation between the 1nput and output transducers

relates directly to the time delay of the SAW device, nasely

ToaLav = Separation/Velocityeaw. The amount of metal versus free surface
between the transducers, the substrate's surface anomalies, and SAW
saterial paraseter changes with temperature will affect the tiame delay.
Figure 3 is an example of a wideband SAW delay line centered at 700 MHz.

Because of its teaperature stability, quartz is often utilized for delay
lines. Quartz substrates as long as 12 to 15 inches have been used,
giving tiame delays approaching 100 aicroseconds. To increase tiae delays
above this, techniques such as rounding the edges of the substrate,
aultistrip couplers, and cascading substrates have been tried.



SAW FILTERS

The filter functioning is one of the larger volume applications for SAW
devices. Because SAW filters can be designed with optimized amplitude and
phase responses for most of the world's television standards, millions of
devices are fabricated every year for the intermediate frequency stages of
sonochrome and color television receivers. Other IF filtering applications
include both basic and addressable CATV converters and decoders, TV tuners
and Data Modemss. Filtering for video and sound modulator outputs for CATV
and Satellite receivers are other high volume applications. Figure 4 is a
typical frequency response of a SAW vestigial sideband {VSB) filter.

SAW OSCILLATORS AND RESONATORS

GAW oscillators have been developed in response to both military and
commercial needs to provide compact, stable and high performance sources in
the high frequency range (100 MHz to 1100 MHz). SAW delay lines or
resonators are integrated with standard hybrid circuitry into highly
reliable and hermetically sealed packages. Figure 5 is a photograph of an
actual device. Because the SAW oscillators operated at fundamental
frequencies in the VHF and UHF range, the need for frequency wsultipliers
and post amultiplier filtering is reduced or eliminated. Both fixed
frequency and voltage controlled SAW oscillators can be fabricated.

In addition to sources, one major use of SAW oscillators is in sensors.
Parameters such as temperature, force, pressure, vapor density, and
magnetic fields have been "sensed”. For example, under stress {(tension or
compression) a SAW delay line or resonator will change length. When used
as the feedback element in an oscillator, this change in length relates to
a phase change around the oscillator loop causing a shift in output
frequency. When the outputs of two oscillators (one where the SAW 1
stressed and the other 1s used as a reference) are aixed together to
provide an IF output, a fairly linear stress sensor can be obtained (See
Figure 6). The advantages of this technique are wide dynamic range, good
signal to noise ratio, and an IF ouptut not dependent on teaperature as
long as the temperatures of both SAW devices track.

SAW TAPPED DELAY LINES

SAW delay lines can be wused to provide coding schemes. Figure 7
demonstrates how FN type codes can be formulated by switching the polarity
of the transducer fingers in each bit. Fixed codes containing more than
1000 bits have been fabricated. Figure 8 is a plot of the correlated
output of a 13 bit Barker code SAW device. Programmable matched filters
have been sade by interfacing with hybrid switching circuits.

SAW_CONVOLVERS

Frogrammable SAW correlators use monolithic SAW convolvers to provide the
maximum flexibility for waveform programming, being optimized for PN phase
coded waveforms used in spread spectrua communications and phase coded
radar. Figure 9 is a schematic of a programmable SAW correlator. The
input signal, s(t), at the IF frequency (fo) is applied to one input port
of a monolithic SAW convolver while a locally generated reference signal,
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rit), is applied to the second input port. The output signal, c(t), is the
convolution of the reference with the i1nput signal provided that the two
signals coexist within the device processing time window of AT. AT relates
to the length of the pickup plate as seen in Figure 10 of an actual SAW
convolver. Because of the nature of the SAW convolver, the output signal
1s at twice the frequency of the input with twice the input bandwidth and
1s compressed in time by a factor of two. [If the reference signal 1s the
time reversed replica of the input signal, the output signal 1s then the
desired autocorrelation of the input. Figure 11 1s an example of a
correlated peak of a 63 chip Bi-Phase code. Normally the PN code is a
maximal sequence and a large number of codes and time reversed references
can be generated from simple shift registers, Codes to 1000 or more chips
in length at chip rates from a few megaHertz to over 100 MHz can be
correlated with essentially instantaneous programaability.

SAW DISPERSIVE DELAY LINES

Analog pulse compression using SAW dispersive delay lines (DDL) is a coamon
technique for optimizing the range, resolution, and signal to noise
performance of pulsed radar. Subsystems can be configured with both
expansion and coapression channels, Figure 12 1s a schematic of such a
subsystem. An unweighted DDL is used 1n the expansion channel to generate
the linear FM (chirp) signal to be transmitted. The conjugate (opposite
slope) DDL is used in the compression channel to perform matched filter
signal processing. Often, a weighting function to reduce sidelobes is
designed into the compression DDL. Figures 13 and 14 show typical
frequency responses of an expander/cOmpressor pair while Figure 15 1s the
systeas compressed pulse.

SAW DDLs are suited for dispersions under 100 ysec, wide bandwidths up to
500 MHz and center frequencies up to 1 GHz.

FUTURE TRENDS

Several major trends are extending SAW technology into new markets. High
frequency ( >400 MHz) SAW components are being developed to meet the
challenges of cellular radio®*?, higher IFs and microwave links.
Successful and economical manufacture of these high frequency devices will
require a totally integrated approach to include every part of the process,
its equipment and environment.

New materials are being developed to optimize parameters such as
temperature stability and better piezoelectric coupling for specific
applications. Zinc oxide®®> can ve sputtered on low cost substrates at
high production rates. Lithium tetraboratec®? has a high SAM coupling and
low temperature coefficient of delay. This material should be wuseful in
oscillators. Berlinite€?? is another saterial wuseful for oscillators
because it is temperature compensated and has 2 piezoelectric coupling
higher than quartz. In addition, the integration of SAW structures on
gallium arsenide®®’ has allowed the basic acoustic functions of delay,
tapping and filtering and the basic electronmic functions of amplifying,
summing, weighting and aemory to be 1mplemented 1n a single substrate.
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THREE PARTS OF A SURFACE ACOUSTIC WAVE DEVICE

The economical manufacture of SAW devices with grooved structures tle.g.,

reflective array compressors, resaonators and buried 1DT filters) in large o “AAY'::(;“NI?JP'\‘JETTW"

quantities will become a great challenge faor asany SAW caosponent houses TR

because of the complex fabrication process and 1n-process testing WIREBONOS ELECTRODE.

requirements 1n order to obtain the high pertormance necessary n TRANSDUCERS
state-or-the-art RF systems. ﬁ ﬁ ﬂ ﬂ ﬂ ﬁ ﬁ ﬂ
CONCLUSION PACKAGE

SAW components after the RF engineer a viable product 1n the 10 MHz to

1100 MHz trequency range. Understanding the many advantages and functional
applications of this technology allows the RF engineer great design
alternatives 1n nis atteapt to seet the requirements of state-of-the-art
comaunication and radar systems of the 80°'s.
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FIGURE 2

The Impulse Response, AT, is
related to the Frequency Response
by the Fourier Transform

TABLE 11
APPLICATIONS OF BAW DEVICES

Y_LIN
fusing, M7l Rader, comsunuications path length
wqualizer, altimetry, tise ordering, target sisulation.
EILTERS
Calar TV, Redar, CATY, Repesters, Transponders, ECH.

OSCILLATORS, RESONATORS
Stable sources (VHF to eicrowave), Jocal oscillators
for cosmunications and coherent radar, sensors.
TAPPED DELAY LINES
fourier transéormsation, acoustic 1msge scanning,
tlutter reterence radar, ECH deception.
VOLVER!

Synchronizer for spread spectrum tossunicators, Fourjer
transéorsstion.

RISPERSIVE DELAY LINES

Redar pulse expansion/cospression, variable delay
systess, spectrus analysis, cospressive receiver, chirp 2
transtore (CIT), adaptive bandpass filters.
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ABSTRACT

This paper describes the results of
applying surface acoustic wave (SAW)
technology and custom LSI RF control
circuits to the problem of implementing
small size, low cost RF signal proces-
sors for tactical communication equip-
ment. Physical characteristics and
electrical performance are described
for two representative processors com-
prising a programmable RF correlator
for the matched filter detection of
spread spectrum signals and a bandpass
transversal filter having a program-
mable center frequency. Additionally,
it is shown how the concept can be
extended to the design of programmable
HF/VHF notch filters and transversal
equalizers.

INTRODUCTION

Programmable matched and transversal
filters are key processors in tactical
spread spectrum systems. These filters
provide the processing gain necessary
for jam resistant operation and the
electronic programmability essential
for a secure system, Small size, low
cost, and operation in a military en-
vironment are additional requirements
imposed by tactical systems.

This paper describes the design and
performance of both a matched and a
transversal filter that meets these
requirements by using a custom-designed
LSI chip to provide the programmability

for a surface acoustic wave (SAW)
tapped line. This combination of
bipolar LSI and SAW technology results
in programmable filters with near
theoretical electrical performance,
substantially reduced size and cost,
and excellent reproducibility.

The matched filters described will meet
the requirements of most airborne,
vehicular, or manpack systems. The
volume, power dissipation, cost, and
electrical performance are superior to
either their digital correlator coun-
terpart or to SAW analog convolvers.
Additionally, the matched filter {s
designed to operate at carrier fre-
quencies up to 300 MHz and is therefore
capable of processing code rates up to
100 Mb/second. These performance
levels cannot, presently, be achieved
by digital or CCD correlators,

Historically, programmable matched
filters implemented with surface
acoustic wave technology have realized
the peripheral electronic circuits as
thick film hybrids, using multiple
transistor chips and standard SSI inte-
grated circuits., In large time-
bandwidth systems, this configuration
is both large and costly since both RF
switching and logic control must be
provided at each tap, i.e., one tap per
unit of time-bandwidth. Parasitic ele-
ments, inherent in this implementation,
also limit the useful frequency range
to lower IF frequencies. These
constraints have been surmounted with
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the design of a custom LSI chip. This
chip provides programmable switching
for 32 contiguous taps and it can be
cascaded directly to permit matched
filtering for PN coded words having
time bandwidth products of over 1000.

The performance capability provided by
this design is illustrated by descrip-
tion of a 128-bit device operating at
80 MHz with a 12.8 Mb/s code rate and a
256-bit device centered at 240 MHz with
a code rate of 64 Mb/s, Additional
parameters, for the matched filters,
are summarized in Table I, The ex-
perimental results which are presented
demonstrate the near-theoretical
performance obtained,

The implementation and preliminary
electrical performance of a program-
mable transversal filter, operating as
an agile bandpass filter in the 55 to
65 MHz range, is described. Descrip-
tion of the custom-designed LSI chip
used in these filters is also
presented.

PROGRAMMABLE LSI/SAW
MATCHED FILTERS

Implementation

The basic implementation of the cor-
relator is that of an electronically
programmable SAW tapped delay line
having one (switchable) tap for each
chip of the input-coded word. The
total length (delay) of the line is
made equal to the length (time dura-
tion) of the phase-coded input signal
and the tap spacing is made equal to
the length of one chip in the coded
word. The phase at each tap (i.e.,
through each tap to a summation node)
matches the phase code of the signal
and the device operates to compress the
time duration of the input signal.
Electronic programmability is provided
by active circuits contained on a cus-
tom designed LSI chip. For a constant
amplitude input signal, all taps are
weighted equally and the only program-
mable function required is the phase.

Table I, PMF Parameters

Device Device
Parameter 1 2
Number of 128 256
Taps
Tap Spacing 78.125% 15.625
Code Rate ns ns
12.8 64 Mb/s
Mb/s
Code Length 10 ps 4 us
Center 80 MHz 240 MHz
Frequency
Programming 25 Mb/s 25 Mb/s
Rate (max)
Modulation MSK MSK
Waveform
Power Dis- 2.0 4.0
sipation watts watts
Form Factor 1.75" x 2.9" x
0.75" x 2.3" x
0.140" 0.75"
Volume 0.18 5.0
cu in. cu in.

A block diagram illustrating this
scheme 18 shown in figure 1. The SAW
line is an ST-cut quartz crystal whose
metallization pattern consists of an
input transducer and an array of
equally spaced taps. The input trans-
ducer is apodized to provide the
matched filter spectral response for an
MSK waveform. Both the launcher and
taps employ a split-finger configur-
ation to minimize reflections. The
metallization pattern is obtained by a
photolithographic process after a 1500-
Angstrom aluminum thin film has been E-
beam evaporated on the active surface
of the crystal.

The electrical signal is coupled from
the SAW line by wire bonding each tap
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Figure 1. Programmable SAW
Matched Filter, Simplified
Block Diagram

to the control circuits contained on a
custom-designed LSI chip. Binary phase
control (0° or 180°) is obtained by
feeding each tap output through an RF
switch to either one or two different-
fally connected summing buses. Each RF
switch, in turn, consists of two UHF
bipolar transistors and many (32) of
these switches are contained on a
single LSI chip. The switch condition,
and thus the binary phase of the tap,
is controlled by the parallel output of
a shift register (SR) that has been
serially loaded with the proper binary
code. In practice, the parallel output
of the SR is actually transferred into
a holding register that controls the
individual RF switches. This action
permits a code change to be loaded into
the SR while the SAW line is the
matched filter to the previous
(latched) code.

Custom Switch Chip

The excellent electrical performance,
low volume, and low cost result from
the development of a fully customized
LSI chip for these filters. This

integrated circuit, designed using 6
micron, washed emitter, junction-

isolated bipolar technology, contains

g2

32 logic-controlled RF switches and on-
chip summing amplifiers. The chip
layout is specifically designed to
permit the chips to be cascaded easily
and facilitate wire bond connection to
the SAW line.

The chip measures 224 mils long and 130
mils wide with 48 1/0 pads. The phys-
ical form factor and cell layout was
dictated by RF considerations associ-
ated with the interconnection of the RF
Switch and the SAW line. The intercon-
nection lead length should be a minimum
to reduce the parasitic inductance, and
the interconnections should be of un-
iform length to reduce phase varia-
tions. The best way to achieve this is
to have the RF pads along one edge of
the chip facing the SAW line. Other
1/0 pads should be arranged that the
chips can easily be cascaded along the
length (propagation axis) of the SAW
crystal to provide switching for any
number of taps.

All of these features were incorporated
in the design as fllustrated by the
chip topography shown in the photograph
of figure 2. The RF input pads, seen
along the bottom edge of the chip, are
on 6.6 mil centers and all the RF and
logic circuits required to switch a
single tap are contained within a cell
5.8 mils wide.

To simplify the interface with external
circuits, both the clock and transfer
inputs were designed to be TTL compat-
ible. Data inputs are selectable as
either TTL or voltage translated ECL.
The data output from the shift register
is only supplied as voltage translated
ECL. The advantages of voltage trans-
lated ECL are higher clock speeds and
lower power dissipation.

The transfer function of the RF switch
has a 3-dB degradation at 304 MHz and
an ON/OFF isolation of 20 dB at 250
MHz. The chip was designed to operate
over a full temperature range of -55°
to +125°C. In addition to the 32
logic-controlled RF switches, latch
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(a) Pulse { R; ) for
PN Code (top trace), All Zeros {middie trace), end
All Ones {bottom trace) Scele: 2 us/cm.

{b} Correlsted Output for 128-Bit MSK Input Signal
{Note 20 dB sidelobe level.) Scale 2 us/cm.

Figure 4. Waveforms for 128-Bit MSK Programmable SAW Matched Filter

evidenced by the near equal response to
these codes and the flatness (better
than 1 dB) of the impulse responses.

Although not evident from the pho-
tograph, the baseline spurious is down
by over 30 dB. Figure 4(b) is the
correlated output for a 128-bit PN MSK
input waveform. The sidelobe level is
21 dB down and this is within 1 dB of
the theoretical response. The measured
6 dB pulse width is 138 ns, compared to
the theoretical value of 123 ns.

Figure 5 is a plot of the theoretical
loss to the correlated peak of the com-
pressed pulse over the temperature
range for the quartz SAW line. The
shape of this curve is a result of the
parabolic temperature dependence of an
ST-cut -l1ine having a zero slope temper-
ature coefficient at 27.5°C. The loss
at the temperature extremes can be
reduced, at the expense of a slightly
increased mid-temperature loss, by
designing the metallization mask to
match an offset carrier frequency.

This offset frequency results in a
match (zero loss) at two temperatures
symmetrically displaced from 27.5°C.
This tradeoff is shown in figure 5 for
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Figure 5. Processing Gain Loss
vs Temperature

offsets of +10 and +15 kHz. The
oscilloscope photographs of figure 6
demonstrate the performance achieved
for a +10 kHz offset frequency design
and the loss of the correlated peak at
-55¢ and +125°C is seen to approximate
the curve of figure .

One advantage of the LSI/SAW imple-
mentation is the high dynamic range
that is possible as a result of the
linear property of the system. Table
11, below, shows the dynamic range to
internal (transistor) noise and to

OFFSET
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Figure 4. Waveforms for 128-Bit MSK Programmable SAW Matched Filter

evidenced by the near equal response to
these codes and the flatness (better
than 1 dB) of the {mpulse responses.

Although not evident from the pho-
tograph, the baseline spurious i{s down
by over 30 dB. Figure 4(b) is the
correlated output for a 128-bit PN MSK
input waveform. The sidelobe level is
21 dB down and this {s within 1 dB of
the theoretical response. The measured
6 dB pulse width is 138 ns, compared to
the theoretical value of 123 ns.

Figure S 1s a plot of the theoretical
loss to the correlated peak of the com-
pressed pulse over the * :mperature
range for the quartz SaW line. The
shape of this curve is a result of the
parabolic temperature dependence of an
ST-cut line having a zero slope temper-
ature coefficient at 27.5°C. The loss
at the temperature extremes can be
reduced, at the expense of a slightly
increased mid-temperature loss, by
designing the metallization mask to
match an offset carrier frequency.

This offset frequency results in a
match (zero loss) at two temperatures
symmetrically displaced from 27.5°C.
This tradeoff {s shown {n figure S for
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Figure 5. Processing Gain Loss
vs Temperature

offsets of +10 and +15 kHz. The
oscilloscope photographs of figure 6
demonstrate the performance achieved
for a +10 kHz offset frequency design
and the loss of the correlated peak at
-55° and +125°C {s seen to approximate
the curve of figure S.

One advantage of the LSI/SAW imple-
mentation is the high dynamic range
that {s possible as a result of the
linear property of the system. Table
II, below, shows the dynamic range to
internal (transistor) noise and to
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Figure 6. Temperature Performance of Matched Filter

Table II. Measured Input-Output

Characteristics
80 MHz PMF

Output Noise Level =79 dBm
Maximum Output Signal
(1 dB Compression) -6 dBm
Dynamic Range to
Noise 73 dB
Output Clock-Noise
Level -56 dBm
Dynamic Range to
Clock-Noise 50 dB
Insertion Loss to 26 dB

Correlated Peak

parasitically coupled clock noise to be
73 and SO dB, respectively.

The dynamic range to clock noise is
important in those applications which
require a new code to be loaded during
the time of an anticipated epoch (e.g.,
continuous code change). The measured
insertion loss (expanded pulse input to
compressed pulse output) of the PMF {s
26 dB.

Another advantage of the linear proper-
ties of the device is the absence of
any processing gain (PG) loss due to
quantitization or sampling. For an MSK
waveform, the theoretical PG is:

2
PG (dB) - 10 log [((p) . IT (128 T ) 1(1)
[+]

whsre Te is the chip duration and
(x°716) (I/Te) 1s the noise

bandwidth. For a chip rate of 12.8
Mb/s:

PG (dB) = 18.9 db (2)

The measured processing galn at room
temperature was 18.6 dB or 0.3 dB less
than theoretical. The processing gain
at the temperature extremes was not
actually measured. However, since both
the sidelobe profile and the shape of
the main lobe remained unchanged, it is
reasonable to assume that the amplitude
response of the system {s the same, and
that any loss in processing gain is
bounded by the reduction in amplitude
of the correlated peak at the tempera-
ture limits (0.1 and 0.3 dB).

Performance of 240 MHz PMF

The 240 MHz PMF uses 8 LSI chips to
correlate a 256-bit, PN-coded, MSK
input waveform. The code rate and tap
spacing are 64 Mb/s and 15.625 ns
respectively. Figure 7 i{s a photograph
of the matched filter. Note that the
LSI circuitry and other discrete com-
ponents are resident on a thick film
hybrid that supports both the digital
and analog RF signals. The SAW crystal
1s located in the center of the pack-
age. The input to the SAW tapped delay
line consists of a center-fed, cosine
weighted, 7.5 A transducer that
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transducer. These taps are spaced
correctly in the time domain to realize
256 evenly spaced chips. Dummy taps
are inserted between active tap sec-
tions to ensure timing accuracy between
the two sides of the device. Fanout
structures are also used to convenient-
ly interconnect each SAW tap to the RF
input pad of the LSI chip.

The electrical performance of the
matched filter is summarized in the
oscillograph of figure 9. Figure 9 (a)

top trace illustrates the impulse re- tol s o«:‘:“ et Au((l)’::l::-;dn m“', b} ;‘:T"‘“;l'""‘"m”s"o""'
Figure 7. Programmable SAW sponse of the PMF programmed for a T e kst e e T
Matched Filter, 256 Bit direct M-sequence PN code. The middle MSK Input Scele: 1 usfem
and bottom traces show the PMF impulse Bottom Trace: Correlsted Output-Meinlobe
launches an acoustic wave in each response for an all ones and all Scale: 20 ma/c.
direction along the propagating axis of zeroes, 256 bit code respectively. The
the crystal. The transducer employs a flatness of the response ifllustrates Figure 9, Waveforms for 256-Chip MSK Programmable
split electrode configuration and the the balance and uniformity of the LSI SAW/LS1 Matched Filter
radiating aperture measures 2.54 mm. chip. Note that there are less than S
inoperative taps in the 256 tap array. i 1 i B | I = —‘— r 11 [ X
The SAW artwork was designed and layed Any discontinuities appear at the chip- - 1 l 3 : r i
out using a Calma Interactive Graphics to-chip interface, and improvements e 3 _l_ i _L, _+ = [y ‘{ 32 ', o A!__
System and is pictured in figure 8. could be made by trimming the output 200 | ! | r— T | | |
Since this device has a high code rate load resistors in each of the eight 4 | | i l EN | | |
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Figure 8., Programmable Matched Filter, SAW Mask Layout Figure 10. Theoretical 256 Chip Response



correlated main lobe is also shown in
the bottom trace of figure 9, The 6 dB
pulse width measures 30 ns which com-
pares ravorably to the theoretical
value of 25 ns.

The measured insert on loss (expanded
pulse 1lnput level to compressed pulase
output level) of the PMF is 30 dB. The
measured processing gain at room tem-—
perature was 21.5 dB. This compares
favorably to the 21.98 dB theoretical
value for a 256 bit MSK line. Table
111 summarizes additional test results
for the programmable filter.

PROGRAMMABLE TRANSVERSAL FILTER

As a result of the success on the de-
sign of the two PMFs, work was under-
taken to extend the basic concept to
the design of programmable transversal
filters (PTF). Three types of trans-
versal fllters are possible and these
include bandpass and bandreject

Table III. Test Results of

240 MHz PMF

Measure-
Characteristic ment
Insertion loss 30 a8
Sidelobe level -19 d8
Processing gain
degradation 0.48 dB
Compressed Pulse
Width (6 dB) 30 ns
Direct RF Feedthrough
(below peak) -35 dB
Clock Feedthrough -N0 dBm
Spurious level
(below peak) ~47 db
Input/Output
Impedance 50 ohas

filters, having center frequencies
under program control, and transversal
equalizers which are capable of synthe-
sizing an arbitrary amplitude and phase
characteristic. The programmable fea-
ture permits open loop (loglic) control
or closed loop control as part of an
adaptive processor,

Theory

Figure 11(a) shows the basic transvers-
al configuration. It consists of a
(SAW) delay line having 2n+l weighted
taps separated by 3 delay, T. Follow-
ing each delay interval, the signal is
sampled, weighted in both amplitude and
pnase (A ), and summed to form the out-
put. The general input-output rela-
tionship is

N
y(t) =L A X (t - nt) (3)
n=0

and the impulse response 1is

N
h(t) =T A 3 (t - nt) ()
n=0
RGBS WA PPN LASENS SCHON

C 2
R
Mmoo
B3 - g 3 L3

Figure 11, Transversal Filter
Configuration
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To obtain the frequency response of the
filter, it 18 only necessary to take
the Fourler transform of h(t). Thus,

N
H(f) = L A
n=0

e J2ufnT

. (5)

H(f) is clearly periodic with period

fo = V/T. If H(f) is designed for a
low pass response at [ = O, then this
window will be repeated at f = if,,

+2 ¢, £t3f, . . . as shown in figure
11(b). 1If ?t were desired, for ex-
ample, to have the nominal center of
the filter at 60 MHz, then the possible
choices for fo are

_ 60 MHz
o n

r i n=1,23.. .06

which correspond to the following
values of T,

T = zé%ﬁ; sne=1,2. .. (7

The value of n is then selected as the
largest integer which results in only
one bandpass window within the
programmable range of the filter. This
value is given by

f
[
n = INT 72y (8

where INT 1s the integer part of the
expression

rc is the center frequency

Ar is the programmable range

B 1is the filter bandwidth

and for typical parameters is,

60 MHz
n= INT sog oy iz - 0 (9

Smaller values of n can be used but
these result in more taps than
necessary. Excessive taps must be
avoided since electronic welght control
18 required for each tap used.

Given a particular bandpass char-
acteristic, the actual tap weights can
now be found using a computer
optimization technique known as the
Remez Exchange Algorithm. It is now
necessary to define the configuration
of the PTF that will result in a pro-
grammable center frequency.

Let H(f) denote the entire frequency
response of the tapped transversal
filter (including all repetitions of
the window). If the impulse response
of the filter is multiplied by
cos2sf,t, the resulting frequency
response will be

1720 (¢ - r‘) +172H( T ¢ r‘) (10)

Note that from equation (H4), this is
equivalent to multiplying A_ by
cos2sf.t.. Stmilarly, if hft) is
multlplled by sln2|f‘t, the resulting
spectrum is:

172§ H (f - f‘) - 1/23 H( T+ f‘)(ll)

Now consider the implementation shown
in figure 11(c). Clearly, the fre-
quency response of this filter is given
by
W(f) = 1/2H (£-f,) + 1/2H (£+1,)

+ sgnf [1/2 H(f'r‘)

- 172 (g1 ] (12)

or

H(f-£) ;>0
MO = jrer)srco B,



For positive values of f,, all positive
frequency windows are shifted to the
left by fl and all negative frequency
windows are shifted to the right. For
negative values of fl, the reverse will
be true. Thus, the capability of
shifting the window up or down in fre-
quency is obtained by using two iden-
tical transversal filters in the two
branches of the composite filter. One
branch multiplies the weights by a co-
sine function; the second branch multi-
plies the weights by a sine function,
and additionally, adds a quadrature
phase shift, The frequency f, is the
programmable aspect of the fllter.

Programmable Bandpass Filter

A SAW transversal, implemented as a
welghted-tap tapped delay line,

can be used to synthesize a bandpass
filter characteristic having a pro-
grammable center frequency. The SAW
taps are apodized to produce the de-
sired center frequency bandpass charac-
teristic using the Remez-Exchange
algorithm. It {s usually desirable to
have a large number of taps (i{.e., a
long impulse response) {n order to
obtain a generally rectangular bandpass
characteristic and a low (frequency-
domain) sidelobe level. Using 63 taps,
a filter having the characteristics
shown in table 1V was synthesized. The
practicality of a design having such a
large number of taps is a result of the
avallability of the 32-tap LSI chip
described earlier.

The physical configuration of the PTF
1s {llustrated in figure 12. There are
four parallel tracks on a single SAW
crystal and each track contains 63 apo-
dized taps. The taps on each track are
binary phase weighted and summed by the
two 32-tap logic controlled RF switch
chips. Each track 1s then assigned a
binary weight and the four tracks are
then summed. This configuration
effectively provides for a 4-bit (3
bits plus sign) quantized signal at
each tap. The tap weights are then

cosine-modulated {n an 1 channel and
sine-modulated in a Q channel to
produce the desired frequency shift.

The computer-plotted frequency response
for the design selected i{s shown {n
figure 13. This is the center fre-
quency response and includes the ef
fects of the 4-bit precision tap
weights. The effect of the finite tap
welght precision (4 bits) is to degrade
the out-of-band sidelobe level as the
center frequency is shifted. The worse
case degradation is an out-of-band
response that is 30 dB down.

Table IV. Programmable Center
Frequency Transversal Filter

Center Frequency 55 to 65 MHz
Bandwidth 1 MHz

Shape factor 1.5:1
In-band ripple 0.5 dB

Stop-band rejection 40 dB

Number of taps 63
]
OUTLINE OF PACKADE
A N
T /um
9 e itz
i ot
LOGIC POR 37 YAPN
| |

Figure 12. Configuration for
63-Tap Programmable SAW
Transversal Filter
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The PTF layout was performed on a Calma
GDS-11 interactive graphics system, and
the configuration is shown in the
photograph of the final unit (figure
14), 1In this implementation, two SAW
crystals were employed and each crystal
contained two tracks of 63 taps. The
center fed input transducer is five
wavelengths and each tap consists of 2
finger pairs. The aperture length is
200 mils, all electrodes are split (6.5
micron width) to minimize reflections,
and the tap spacing is 83 nanoseconds
or 10.3 mils. The input matching net-
works, SAW crystals, (eight) LSI chips
and the interconnections are contained
on a 2-inch by 2-inch thick film hybrid
substrate.

Electrical Performance

Electrical testing performed to date 1s
not complete but shows promising
results, The major problem is elec-
trical leakage that results because

of the high insertion loss from the

input transducer to the output of the
»

APPLE=0240 0o

FREOUENCY W e L]
Figure 13. 63-Tap Bandpass
Filter Response

tap. This loss 1s on the order of 55
dB and can be reduced by increasing the
number of finger pairs {n a tap or by
using a lower loss plezoelectric
material such as lithium niobate
(LiNbOa).

The impulse respohse of the fllter is
shown in figure 15 and is {n close
agreement with the theoretical re-
sponse. The (center) frequency re-
sponse 18 shown in figure 16. The high
sidelobe level in figure 16 is a result
of leakage, and it is planned to cor-
rect the problem before proceeding with
further testing.

Conclusion

This paper has shown that a hybrid
configuration based on SAW and full-
custom LSI technology is a viable
method of producing miniature, low
cost, high performance matched fllters
for use in tactical spread spectrum
equipments. Near theoretical elec-
trical performance can be obtained and
was reported for two designs having 128
and 256 taps and 12.8 and 64 Mb/s code
rates, respectively.

The design concept for implementing a
matched filter can be extended to the
general case of a programmable trans-
versal filter. These devices are

Figure 14, Photograph of
Programmable Transversal
Filter



Figure 15. PTF Impulse Response

useful as an agile bandpass filter, a
rejection or notch filter for interfer-
ence removal, and for the purpose of
amplitude and phase equalization as
required to.improve intersymbol inter-
ference or effect multipath cancella-
tion in communication channels. The

design approach was described and
theoretical and preliminary experi-
mental data presented for a 63-tap
programmable center frequency bandpass
filter,

Figure 16. PTF Frequency
Response
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SAW Filter Applications,

Not too many enginsers sre deeply interested in the
physics of the SAW technology, more interested in the
applications snd technology benefits for the job which
they have in hand for their own engineering problem., This
paper is intended to presant applications of the SAW
technology rether than how the devices are designed and
fabricated

SAWN filters are used as resonetors, filters and
osclillators for a wids range of different applications.
The main features being small size, non tuneable and fully
characterissd. Each of the followlng applications will be
covered -

1. IF Filters

2. Front end filters.

3, Filter banks,.

4. Modems.

5, P.C.M.

6. Television

7. Satellite Receivers

8. Spread spsctrum communications
9., Radar applications

As with many other things in enginesring, compromises and
tradeoffs must be made. Whilet SAW filters have many
advantages, they also have problams associated with them.
This paper explains the inhsrent probleme and soms ways of
overcoming them, for example the spurious signals and
insertion loss.

The Author

This paper is presented by Mr. Ron Towns who is the SAW
Sales Director at CRYSTAL TECHNDLDGY. Ron Towns has been
working in Surface Waves eince 1974 and has seen
engineering sctivity in Plessey, Signal Technology,
Siemens end Cryetsl Technology.
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SAW Filter Applications.

INTRODUCTION Not too many enginesrs are interested in the
Physics of the SAW technology, more interested in the
applicstions and technology benefits for the job which they
have in hand for their own engineering problem. This paper {is
intended to present applications of the SAW technology rather
than how the devices sre designed and manufactured.

BACKGRDOUND SAW components handle key functions in
entertainment electronics and professional telecommunicationu
engineering.

Besides their widespreed use as frequency stabilizing devices
and as bandpass filters in the VHF and UHF ranges, SAW
commonents ars also employed to implement complex
signsl-processing functions like fest correlation of fixed or
programmable signal forms. SAW components come ams resonstors,
trensversal filters, dispersive delay lines and as convolvers.

They ars used in television transmitters and receiving
stations, CATYV and satellite TV installations, as well =ss in
both snalog and digitsl telecommunications networks, radar
equipment and highly sophisticated elsctronic surveillance
receivers.

For the user the besnefits ars as follows 3

¢ small size

sunbeatable precision

¢ extremely high reproducibility
supsrior shaps fsctors

linear phase

no tuning

L IR 2 3

These components arse produced on crystal or lithium-niobate
substrates and are notable for their excellent long term
stability snd very low temperature drift.

As with many things in engineering, comprimises and trad-offs
must be made. Whilst SAW filters have many advantages, they

also have problsms sssociated with them. The sngineer must be
familiar with the inherent problems and how to overcome them.



JF FILTERS Sew filters sare ideal solutions to some IF filter
requirements. 1In most developments, tc dete, fllter insertion
losses In the renge from 15 to 30 dB are more normel than the
very los loss types which sre now being offered by SAW
compenies. Newcomers to the SAW technology must understend thet
SAW filters ere transversel filters which operate in the time
domein.
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Limae doman response

The time domain response shows that as well es the main filtor
response there are other responses caused by electromegnetic
radistion from the input trensducer to the output transducer,
the bulk wave which travels scrose the filter Faster than thc
surface wave, some low level signals caeused by internal
reflections sand finelly the time echo of the mein filter
response which hes travelled three times ascroes the filter.
There is s connection between the insertion loss, the spurious
signals and the in band smplitude and group delasy ripple, A
very useful rule of thumb is that the triple trasvel echo is
twice the insertion loes plus 6 dB and for this resson, the
engineer ususlly has to tolerste a high insertion loss. It is
possible to reduce the filter insertion loss by impedsnce
matching the transducers to the source snd load impedance.
Ususlly, e simple series inductor will suffice but for broad
band filters ® more complex impedsnce transformer is necessery.
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The in band amplitude ripple depends only on the amplitude of
the spurious signels but the group delasy verlistion increases
with the deley to tne spurious signel. The teble snd chert show
the relationship between the spurious signel levels and the
emplitude and group delesy ripples.

Insertion loss | -2PdP -3PcdB -4PcdB -SPdB -6P0B

Ampl ripple 1,7dB  .44dP .4170B ,@50d8 .020P PePe.
0
SPURIOUS MEASURED GROUP
}C,EB‘;EL DELAY PEAK

10 00 100
SPURIOUS DELAY (US)

In most epplicetions epurious suppression o 48 or 50dB should
result in = satisfactory smalil amplitude veriation. This
corresponds to an insertion loss of eround 2@0dB.

FRONT END FILTERS More modern design techniques have produced
lower loss filters which are more suited to front end
spplicetions. Insertion loss has besn one of the chief
restrictions limiting the wider use of 6A¥W filters and
engineers cen expsct to see new Filters emerging which ran be
used in portable redio telephones, paging recelvers and
cordless telephones.




A typicsl porteble radio telephone opersting in the 449 to
478 ¥Hz frequency band hes an architecture which looks like the
following schematic disgram.

440MHI 10 470MHI —~1I-—z: 4SSMML -.-i~— -55.»«——!

15% 2n0
miner

Filter 2nd  Detector
1F
amplitier

Crystal 15t
hiter 1F
amplitier

Tunobie helwcal local local

resonator fiters oscillator oscillator
The receiver is designed to coperate on & single channsl and,
despite i{ts epparent simplicity, it would not be attresctive to
wee a TRF receiver with fixed filterea offering a few tens of
kilohertz of bandwidth, This ie because it would require a
large number of filters at & lerge number of defferent
frequencies which would be uneconomic. A double conversion
superhet is used instead, with IF of 23,455 MMz and 455 kHz.
Helical filters have offered the narrowest bandwidth of the
conventional types of tunable filter and typicelly four of them
sre used, in two pairs, ss front end filters. They would,
typically, provide a 4 MHz bandwidth and 7P90B image rejection
for the firet IF which, as they sre not particulsrly selective,
has tcbe at the high frequency of 23.455 MHz. The firet IF
filter would, typically, be an elgth order crysta)l filter
composed of four monolithic dusls providing sll ths asdjacent
channel rsjection in a 25 kHz chennel, 78 dB rejection. In this
receiver, the second stege of frequency conversion {s carried
out mostly to reduce power consumption and ssse the task of
detection but it requires the cryestel filter to provide 79 dB
image rejection for a second IF of 455 kHz. Thie can be
echieved with some care es cryetal filters tend to suffer from
spurious responees.

The use of SAW filters can bring sbout some improvement to
these points and the next schematic shows the configurstion of
a modified receiver.

4aOMHL t0 .7omu—-|-———7oum -———I-——momz-\m —-I

15t 2na

Ceremic  2nd  Detector

LC RF ’
fiter amphtier tfilter 5 lilter IE'
amplifiar oemplilier
1t 2na
tocol focol
osciliator oscillator
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The helical filter has been replesced by s wide band low loss
SAw filter offering frequency response characteristics which
are not found in conventional filters. The filter would have
sufficiently wide bandwidth to cover the complete 442 MHz to
472 MHZ freguency band and, more importantly, a sufficliently
narrow transition bandwidth to permit the use of ® 72 MHz first
IF. The insertion loss would be around 6 dB with 65 dB of image
rejection, The filter would have S@ ohms input and output
impedance snd would be packaged in = T0-5 can. A drametic
reduction in volume would be schieved.

A 7P MHz first IF filter could eleoc be fabricated in SANW. This
would be ®» second order narrowband SANW resonstor filter which,
with 8 25 kHz channel spacing, provides 25 dB of adyacent
channel rejection and at least 68 JB image rejection for a
second IF of betwenn 122 kHz and 1 MHz. The insertion loss
would be sround 1@ oB which would be deliberately incressed
from minimum in order to keep the size down and hence the
costs. A furthur 45 dB of sdjacent channel rejection would be
provided by ® ceramic filter at the second IF, which could be
schieved in & very compact and sconomics] manner at 455 kHz.

Paging recelivers can also bensfit from SAW filters. With
pagers, there ars ® lerge number of receivers and few channsls.
Narrowband SAW resonastors csn be used in dual conversion
receivers but since low coet ia the most important paremeter
together with low power consumption an alternate receiver
erchitecture of the direct conversion type are worthy of mors
consideration. The block schematic shows how SAW could be
incorporeted into » paging receiver.

1S3IMHE S.AW,
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DATA TRANSMISSION The highest bit rete planned for Yet snother example of the spplicetion of SAW technology to
trensrmitting digitel signels vis redio link systems is 14D telecommunicstion engineering is the narrow-band

Mpit/s, which is sufficient for 1920 telephone chsnnels. By spectrum-shaping filter for digitel redios with lom blt rates.
mesns of s 16-stege quadrature emplitude modulmtion (QAM) The LC filter requires selected, bulky end elaboretely tuned
process , the 3 dB bandwidth of the spectrum is narrowed down components. The SAW, in contrast, sre fabricated on quertz,

to 35 MHz. Helf of the spectrum shaping is performed an the they mre small, precise and thermally stable.

modulator end half in the demodulator smection using filters
with cosine sheped esdges. The filter in the modulation section
slso compensates the sinx/x shaped spectrum of the digitel
moduletion signml. The high date rate end the 16 pessible QAM
states make high demands on spectrum-shaping filters for
optimum reception. Within the psssband of the filters the
magnitude of the transfer function should be undistorted and
the group delesy time constent.This spplicstion is ideal for the
SAW techn

LL filter (res-)
S filter on qartz (frott)

Magnitude and group delay time of the transter function ofa Magnitude of the impulse response of 8 spectrum-shaping

spectrum-shaping filter for the demoduiator stage of & 40 fiier for the demodulator stage of a 140 Mbit/s digita! radio fink

Mbit/s digrtal rado hnk system system
The curves show & 35 MHz bandwidth SAW filter which is intended Optical fiber systems promise economicsl transmiasion of
to be used in the demodulator section of a 14@ Mbit/e digitsl long-haul digitel traffic st bit retes of 108 to 19PP Mbit/s
redio link system, The transfar function deviates by only 8.1 and mora. Thase systems use regenerstors slong the route to
dB from its design velue. The group delay time es constant restore the msgnitude, shape and timing of message pulses which
spart from @ ripple of 1 ns. The magnitude of the meassured and are degraded in the fibre optic transmission spsns. The
designed impulse response of the filter shows a good mgresment regeneration process is controlled by e timing waveform that is
at the specified zeros. extracted from the pules trein itself. The task of timing

extraction at the high bit retes is eccomplished by the use of
a SAW filter. As well ms meeting the short term jitter
requirements, the SAN filter has the long tera eging and
thermal stability to make it suitable for use in oceesn systems
which have 20 to 25 yesr lifetimes.
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TELEVISION The single biggest example of commercial success
of the SAW technology is to be found in television transmission
and reception. Because SAW filters can be manufactured {n high
volume using technigques eimilar to integrated circuits they are
extremely repeatstle and sufficiently low cost to ettract the
consumer electronics industry, The TV IF filter incorporates
the nyquist sloje and the sound shelf. Other options are
peralle]l sound seperate vision and sound channel) for stereo
TV sets. All these applicstions place high demands upon the 2 T
pulse step signal.

r

Group delay

Amplitude response

When ever a TV aignal has to be modulated onto or demodulated
from a RF carrier, two sidebands will be gensrsted. SAW filters
cen have extremely good shspe factors with flat passbands.
These filters are called vestigal sidband filters and mre used
in the TV transmitter and the TV transposer. The full range of
tranemission standards have been made svallable by ths BaAW
industry ; B/G for western europe, 1 for Great Britein, L for
Frence, M for USA estc.
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The advent of cable television has brought asbout the need for
channel filters. The cable converter supplies the TV set with
chrominence, luminsnce and sound information onto a single UHF
channel. Ususly this is either of channels 2, 3 or 4. Some SAW
filters contain two channel filters in one packasge having one
input and two outputs. An interesting new development mould be
to have & chennel filter with seperate sound and vision outputs
which would sllow the sound level to be controlled in the cable
converter instead of the TV IF,
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The ceble convertsr elso uses snother SAN device,

Channe!l 4
Attenustion
and group delay

Channel 3
Attenuation
and group delay

the SAW

resonator, as the locsl oscillator to hetrodyne the TV signal

onto the channel. These devices are smell,
inexpensive., They are simple to use,

trensistor to meintain oscillation.

stable and
regquiring only one



SATELLITE RECEIVERS The setellite receiver is becoming »
piece of consumer electronics just like the VCR was s few years
®go. The mcceptence by the consumer is due, in part, to the
price reduction of the satellite receiver over s short period
of time, SAW IF filters have become standard components, mostly
st & 70 MHz, with a bandwidth of 36 MHz. This is en extremely
wide band and difficult to implent using LC components. The
real sdvantage of SAW in this applicstion is emell size, rugged
mnd very well shielded and requires no tuning. Some IFs sre st
higher freguencies, for example 134 and 618 MHz but with the
same bandwidth of between 24 and 36 MHz.

OROUP DELAY (nawc)
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SPREAD SPECTRUM COMMUNICATIONS Spresd spectrum moduletion is

an important communication technigque end is slso one sres of
communicastion technology which hes derived grest benefit from
SAW technology. At the transmitter in ® direct-sequence
spread-spectrum {0S-§S) communicetion systsm, s periodic code
sequance (ususlly binery), with a digit rste which greatly
exceeds thet of the message dste, is used to expand the
transmitted signel bendwidth. A receiver can use either an
sctive correlator or s passive matched filter {e.g. SAMW),
matched to the code seguence, to "de-spread™ the signal to the
originsl deta bandwidth. The receiver therefore hes @
processing gain, given spproximately by the ratio of the
spresd-to-despread bandwidths. The receiver is ® matched filter
which meximizes the signal-to-noise rstic at the bit decision
or epoch event. The concept of epoch is shown below.

CONJUGATE

SAW DEVICE SAW DEVICE

IMPULSE

IMPULSE RESPONSE OF AUTO CORRELATION

SAW DEVICE

The generation and metched filter reception of @ N chip spread
spectrum sequence using SAW devices is shown. The receiver
epoch is defined ss the time when the received seguence

exsctly fills the matched flliter, the conjupste SAW device. The
filter is meximizad ss shosn by the laerge correlstion pesk. In
s simple datms tranamission system, where dets ls conveysd by
the pressnce or sbsence of s group of PN chips, the receiver
examines the matched filter output mt sach epoch 1n-tl’t for
the presence or ebsence of a correlistion pesek.



The output of a transversal filter is eactueslly the convolution
of the input waveform with the impulse response of the filt.r

+oo

W) = | u(p(X-¢t) dt

~obd
where ult) is the input waveform and v(t) ie the impulse
response of the filter, H-r.,'f is the time at which the output
response is to be measured and includes the time delay
necessary in a practicsl SANW device. To schiesve the
autocorrelstion function, for s matched filter, it is necessary
to realize instead the correlation integral

3o

(X)) = | ul®ult -at

~ O
Thus, it is necessary to construct a filter with in impulse
response v(t) that s the time inverse of the signal u(t) to be
correlated or matched (excepting the srbitrary time delay). The
correlastion of a five-chip coded sequences, below, resultes in o
compressed pulse with ® width comparable to ons chip.

INPUT WAVEPORM

— Compression
e Filter

Com d
[] ' L__.‘_‘ presscc

0 | Pulse

Eavelope of
Peaks
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The SANW matched filter is fabricated, normaly as a phase co:;gt
delay lins., The simplest case is where s 182 degres phase s
represents the differsnce between a 1 or a B (::-t‘::T::y ‘o
SAN hss the ex
considered are biphase). However, B
f phase as we s
hase coding with arbitary values o
S ieran ::lu-l of amplitude. A simple S5 chip biphase sequence

srbitrary in SAW is shown below.

generator and its implementation

Prase coded wavefarm

SAW treredoer cofigaetion
far nevos bad irput & widsberd taps

L ]

-0 =% e ——

- - =l

|-~ —

- | =

Wicebed irpg, rervow bed
tapped delmy lire

The conventiona)l SAN device is s linear transversal fitt::t n
having one slectrical input port and ons electrical oudpc....

alectrical impulse applisd to the input transducer produ o .
ainuscida)l waveform similasr to the coded wavefors shown a .



RADAR The phese coded delay line, discussed esrlier has
spplicetion in reder systems. The major difference is thast the
phase code in normally continiously swept snd not changed in
discreet chips. If the optimum use is to be made of the
trensmitting power, the solid-stste output stages have to be
operated mith the greatest poseible pulse duty factor. Pulse
compression techniques eliow high trensmitting power and good
terget discriminetion et the seme time. Furthurmore, pulse
compression reduces the effect of noise sources by the smount
of the compression gain.

Bmtemng
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med
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Pyt L
u m - ‘0"‘0"‘0‘!’1'0" - Video indicoor
fitter omplitier —

Block dingram of an FM pulse compression rader
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When sidelobe suppression is schieved by spectrel weighting in
e receiver which is otherwise metched to a linear chirp, the
signal is reduced in emplitude. The graph below shows the loss
in signal end noise when passing through a receiver providing
both pulse compression for » linesr-chirp input and sidelobe
suppression by means of a series of Teylor functions. As the
design-sidelobe suppression is taken toward the limit of -45
dB, the signal is sttenusted more rspidiy then the noise. The
difference in the two amounts of ettenustion relates directly
to a loss of system sensitivity and is celied mismatch loss.
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—-— honinear tm

-0 -3 -8
4508 Toykor furcton

weght ngisidebe suporesson by Toylor frcion dB)
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Frequency time laws for chirp signals employing linear

8AW diepermive filters sre now commonly used in modulmtion of
the transmitted signel and compression in the receiver. The

high mccuracy of the smplitude end phase in the filter pulse
response is & prerequisite for small secondary sidelobes in the
compressed pulse end thus jointly determines the dynamic range
of the terget ecquisition.

SAW pulse compression filters ere produced both in interdigitel
trensducer {(IDT) wnd reflective array compressor {RAC) formast.
The RAC version ie shorter in length end also exhibits a number
of inherent sdventsges; the input and output impedances are
independent of the filter trensfer function and secondary
effects from bulk waves, diffrection end undesired reflections
ars negligible. Also, the RAC haes the fecility for = phase
correction metalisetion film to be incorporated.
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SAW interdigital trarsducers for
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Synol end noisr lots through fllsers giving mdelobe

muppresgon with Taylor weighting functions f.m.and nonlineer f.m. with 45 dB sidelobe suppression

To recover the mismatch loss, » non-linesr FM waveform must be
considered. The fresquency-time excursions for both linear and
non linesr FM chirps are shown sbove. The non-linear law is
derived using a 45 dB Taylor function. The non-linear chirp ia
seen to have @ higher spectrel content at ths centre of the
band by heving a chirp rate in that region. The other point
which cen be seen is the increased sensitivity of no-linesasr
chirp to doppler shift.

An example of a RAC device peir {expander end compresser) which
have been optimised for doppler insensitivities end mismatch
loss is shown on the next page. With the PC-set that has been
produced, it wes possible to shorten the transmit signai
duration through optimisetion by some 22 micro secs at e given
signal/noise ratio ; with a required durstion of the compressed
pulse of 1.7 wmicro secs end » resl compression gein of 14 dB,
the transmit pulse duretion would be between 67 and 7@ micro
secs if Linesr FM were used. The combinstion of ampiitude and
phase weighting has produced, as a result of the recuction in
wiematch losa, = signal of only 44 micro secs.



PRIME APPLICATIONS OF SAW DEVICES
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DEVICE APPLICATIONS

Delay Line Fusing, MTI Radar, Communications
Patch Length Equaliser, Altimetry,
Time Ordering

Wideband Delay Line Recirculating digital storage

Bandpasa Filter and Color TV, Radar, Communications

Resonator Satelite Repeaters, BQM, Frequency
Synthesis

Oscillator Stable Source VHF to Microwave -

Communications and BRadar

Tapped Delay Line Fourier Transformation, Acoustic
Image Scanning, Clutter-reference
Radar, SSR, E(M Deception

Disperaive Delay Line Radar Pulse Compression, Variable
('Chirp') Delay For Target Simulation, Fourier
Trans formation (Spectral Analysis).
Compreasive Receiver, Group Delay
Equalisation

PSK Filter Spread Spectrum Communications, Radar,
Military ATC

Convolver Synchroniser For Spread S;ectrum
Communications, Fourier T.ansformation

Massured pulse response of o in
ny and s frequency

Mi 1088 and suppression of ideh
in the presence of Dappile: shift
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SAW STABILIZED OSCILLATORS

Thomas O'Shea and Jonathan Ladd
Sawtek Inc.
Post Offlce Box 18000
orlando, Florida 32860

JBIBORLCTION

The purpose of thls paper Is to present an overview of
appiications for SAW stablllzed osclllators.

The number of applications for SAW delay |lne and SAW resonator
controlled YHF-UHF Oscillators has been growlng exponentially In
the last several years. The primary reason for thls growth Is
the simplicity of system design that results from thelr use. A
SAW stabliilzed osclllator often eliminates all multiplier stages.
This not only reduces complexity but also Improves phase nolse,
short term stabliity and rellablllty. SAW resonator and SAW
delay llne osclllators are also more Immune to mechanlical shock
than a bulk wave osclllator, A SAW tocal osclllator can be
operated at higher drive levels than bulk wave osclllators which
means that an Intermediate amplifier Is not required to drive a
mixer.

The frequency versus temperature stability of a SAW controlled
oscillator Is often critlclzed as not belng as good as AT cut
bulk wave crystal controlled oscllilators. Several means of
Improving the temperature stablllty of a SAW osclllator will be
discussed In this paper.

A later sectlon describes sub-systems utlitlizing SAW osclllators
and comments on the emerging fleld of SAW sensors.

OYENIZER SAN OSCILLAIOB

This section discusses a precision 740 MHz ovenlzed SAW
osclllator that was developed by Sawtek and described in
Reference 1 for application as a fixed frequency local osclilator
In the transmitter of a nevigation satelllite. By Its nature,
this application requires high rellability, very good short term
stablllty, good long term stablllity and low spurious and harmonlic
content over all environmental conditlons. This application also
requires a precise ablllty to set the carrler frequency.
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Fligure 1 shows a schematic of this SAW resonator controlled
osclllator and buffer/amplifler, A single-port SAW resonator was
chosen as the feed back element of thls Plerce conflguration
osclilator rather than a SAW delay Ilne or two-port SAW
resonator. The single-port device has the lowest loss and
highest Q of these cholces and; therefore, results In the best
phase nolse. A second stage buffer/amplifier Is 1ightly coupled
to the osclllator stage to provide a stable +10 dBm output and
Immunity to load pultlng. The output of 2nd stage Is fed through
an attenuator that serves as a minimum load on the ampliflier and
limlts the output Impedance. The signal Is finally fed through a
low pass filter to further |Imlt the osclliator harmonics.

It Is necessary to ovenlze an osclilator of this type in order to
provide optimum short term stabillity, However, to minimize power
consumption a component oven Is used to ovenlize only the SAW
resonator. This oven malntalins the SAW resonator temperature at
Its turnover polnt which Is a reglon of minimum deviation (Fligure
2) of frequency vs. temperature. Flgure 3 summarlzes the
achlevements of thls program. Most goals listed there were
achleved and several firsts were establlished, particularly In
set accuracy and long term stabillty.

Flgure 4 Is a piot of the short term stabllity expressed as
Allen's Varlance [0 (T)] versus measurement averaging time fgfla
second generation pfototype of thls osclllator. Parts in 10

are routinely achieved with these units, Flgure 5 [s the single
slde band phase nolse at 10 Hz to 1000 Hz from the carrler. The
SSB phase noise Is =115 dBc/Hz at 1000 Hz offset and the rolioff
rate Is 30 dBc per decade. Fligure 6 Is Incliuded to demonstrate
the long term frequency stablllity or "agling®™ of this oscillator.
The curve Is logarlthmically decayling which Is the characteristic
of good agling. The flrst years agling Is approximately 5 ppm.
Flve year agling Is extrapolated to less than 15 ppm. This
performance Is belleved to be "state-of-the-art”™ for a high
frequency SAW osclllator of this slze and power consumption. To
the author's knowledge thls Is the flrst SAW osclllator scheduled
to be launched In a satelllte.

YOLIAGE CONIBOLLER SAN QSCILLAIOBS

Many RF programs require that the frequency of the osciliator be
veriable. The frequency devliation requirement varles from a few
parts per milllon (PPM) to over one thousand PPM. The cholce
between a SAW resonator or a SAW delay |lne as the frequency
controllling feedback element primarlily depends on requlired
frequency pullling, oscllitator phase nolse, and short term
stability. Table | glves a comparision of SAW resonator voltage
controlled osclllators (VCO's) and SAW delay line VYCO's.
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TABLE |

COMPAB1SON OF BESONAIOB YCO AND DELAY LINE ¥CQ

Offset Frequency

10
100
1000

10,000

BESONAIOB ¥CO xs. DELAY LINE ¥CQ

Phase Nolse

Hz -55 dBc/Hz -20 dBc/Hz

" -85 e -50 "

" -105 " -85 "

" -130 " -105
Short Jerm Siablilty

1 sec.) 1.107° 1.1078
Ecegquepncy Iubnlng
10 - 100 PPM 100 - 2500 PPM

Data presented is for osclliators with center

frequency between 500 MHz and 600 MHz.

Frequency pullling of the SAW osclillator Is accompliished by use of
a varactor dlode connected In series with the base tuning
capacltor. The SAW resonator VCO schematic Is shown In Filgure 7
and the SAW delay tine VCO Is shown In Flgure 8. The delay llIne
clircuilt Is more complex due to the necesslity 08 Impedance
matching the device as well as achleving a 360 shitt In the
feedback loop. The resonator controlled oscillator Is simpler In
deslign because the resonator has falrly low loss and most good RF
transistors have sufficlent gain to overcome the unmatched
resonator loss, hence, only the phase need be adjusted.

For wide band tuning a hyperabrupt Junction varactor dlode Is
chosen as the tuning dlode. Hyperabrupt varactor dlodes
typically have a 10:1 capacltance change for a voltage varlation
of 12 volts. The dlisadvantage of using the hyperabrupt Junctlon
varactor Is the frequency response curve often Is logarlithmic as
shown In Fligure 9. If this Is undesirable to the system desligner
a varactor dlode with an abrupt Juncliton can be used. This dlode
glves more llinear tuning but the capacitance change Is on the
order of 5:1. Therefore, the frequency shift achievable with the
abrupt dlode Is half of that achlevable with the hyper abrupt
dlode.

SAW delay line VCO's are belng used in wideband frequency
syntheslzers and communicatlon systems. They are also ldeal for
use over very broad temperature ranges since the frequency shift
due to temperature can be compensated by the control voltage
Input. Another advantage of the delay llne VCO Is I+ can often
be used as both recelver local osclilator and transmit master
osclilator in a radar synthesizer or communication system because
it Is broadband and can be tuned (or "slewed") very rapldly.

SAW resonator VCO's are finding thelr way Into systems where the
frequency stability and phase nolse are paramount. Most systems
used to-date center around frequency shift keying (FSK) or
narrowband FM systems. The reduced circult complexity makes the
resonator controlled VCO very cost efficient.

JEMPERAIUBE COMPENSAIEDR S8Y¥ QSC1LLAIOBS

The frequency of a SAW osclillator varlies with temperature, in a
parabolic fashion, according to Equation 1 as
() £(PPM) = IT - Tol?
K

Where To Is the temperature at which the frequency of the
oscltliator Is maximum and K Is a material constant that ranges
from 5.4 to 5.8. Flgure 2 shows the frequency vs. temperature
characteristics of a SAW device,



In many appllications the uncompensated SAW osclllator frequency
drift Is too much for the system to tolerate. In thls case, a
component oven Is often utllilzed to ralse the SAW device to a
higher temperature and thus, IImit the tempeature varlat!on that
the SAW would experlence. However, component ovens are costly,
relatively large and require several watts of DC power. An
alternative to ovenizing the SAW device Is to use a voltage
controlled S~¥ osclltliator and merely apply a tunling voltage to
cancel the tenperature Induced frequency drift,

In some Instances It Is deslirable to generate the tuning voltage
Internally In the oscllilator by using temperature senslitlive
devices,such as thermistors. Another approach, suggested by
Kinsman®, Is to use the temperature sensltlive base emitter
Junction of 2 blpolar transistor to generate a linear voltage
versus temperature curve Is shown In Figure 10, to generate a
poslitive parabollc frequency shift that cancels the negative
parabolic frequency dependence of the SAW device. Thls approach
can be modifled to compensate oniy one portlon of the temperature
dependent frequency curve as detalied by these authors In
references 3. In thls approach a single varactor Is driven by
the Ilnear voltage from the temperature sensor (Figure 11) and
the frequency drift Is compensated on one slide of the parabola.
This approach has resulted In a frequency accuracy of +4 PPM on
a 950 MHz hybrid osclllator.

SUB-SYSIEMS

In response to requests from system users Sawtek has begun
development of sub-systems In which the SAW device Is the key
component. We have chosen two examples for [llustration: 1) A
SAW resonator controlied PCM transmitter for a radlosonde, and 2)
SAW sensor modules.

The radlosonde Is used to provide meteorologlical data which Is
used In calculations for directing artiilery flre. The-
radlosonde Is launched on a hellum balion and Is powered by water
actlvated battery. It provides an RF pulse encoded output of
atmospheric temperature and pressure and It Is radar tracked to
provide wind veloclty Information. Thls system substantially
Increases the probabllity of hitting a target during the first
round of flre, Similar systems have been In use In the past but
utilized L.C. controlled singlte stage transmitters. The SAW
controlied unit Is able to Improve the temperature versus
frequency stability of this transmitter which will allow It to be
used in the European theater.

The block dlagram of thls system Is shown In Flgure 12. It
consists of a hermetically sealed 560 MHz hybrid SAW resonator
controlied osclilator which provides a +10 dBm output. The
signal Is then frequency tripled with a Class C amplifler. The

111

1680 MHz output from the tripler Is then filtered by a microstrip
Ilne bandpass fliter to remove sub-harmonlics and Is finally fed
to & two stage power amplifier which provides a +24 dBm slignal to
the antenna. A -odulator stage inverts the trigger Input and
puises the power amplifier stage.

In additlon to providing 1/4 watt output, this system suppresses
harmonics to ~40 dBc and provides an AM modulation ratlo of 30
dB. The frequency versus temperature stabliiity and set-on
acsuracy lsobeffer than t200 KHz over a temperature range of -
70°C to +50°C.

The SAN sepsor is an emergling technology which Is beling driven by
a need to develop Increasingly more accurate accelerometers,
pressure sensors, and gas detection systems. The accelerometers
are used In Inertial guldance systems of missiles. Pressure
sensors are belng developed for jet engine iInstrumentation where
an increase In accuracy means improved effliclency. Gas sensors
are used In the detection of hazardous gases.

Common to most of these sensors [s the concept of the dual
oscllliator system which Is very effectlive In elIminating
temperature Instability and can be used to Improve sensitivity.
Referring to Flgure 13, we can see how this works. In this
flgure Illustrating a SAN accelerometer two SAW delay line
controlled osclllators are located on opposite sides of two
quartz cantalelvered beams. When the system experlences an
acceleration perpendicular to the majJor plane of these beams one
of the delay llnes undergoes a compressive force while the other
Is de-compressed. The strains Induced by these forces cause a
varlation In the SAW acoustlic velocity, which In turn, will
modlfy the operating frequency of these osclliators.

The outputs of these osclllators are then fed Into a mixer. The
mixer output Is passed through a low pass fliter (LPF) to
eliminate second order mixer products and the L.O. signal. The
resultant difference frequency Is directiy counted to provide a
digital Indlcation of the acceleration. By thils method two
advantages are obtained: 1) the acceleratlon sensitivity Is
doubled by virtue of the fact that the stralns are of opposite
sense In each delay line, and 2) even more importantly, the
frequency vs. temperature drift Is ellminated to the flrst order.
The temperature drift of both oscllilators Is In the same
directlon since both delay Ilne unlts are made of the same
substrate material. Therefore, the difference frequency observed
at the output of the mixer Is independent of temperature drift.

Flgure 14 Is a schematic of a SAN pressure sepsor. Thls sensor
agaln uses the dual osclllator concept to eliminate temperature
drift. In this case, however, the SAW controlling element |s a
resonator. The SAW resonator (SAWR) Is an alternative to the
delay line where Increased sensitivity Is required and where
osclliator simpliclty Is desired. As we can see In thls case



only one of the SAWs undergoes a pressure moduiatlon since It I's
located over a thinned portion of the crystal. The other serves
as a reference for temperature stablilty. In this case It would
not be practlical to fabricate a SAW on the opposite side of the
membrane because of photo fabricatlon difficultles and because It
would expose the unit to a possibly corrosive test gas. This
reductlion in sensitivity Is compensated by the use of the SAWR.

The final example Is shown In Filgure 15. This Is a SAW gas
sepsor. !t conslists of the now famlllar dual osclllator, mixer
and low pass fllter. Unlike the mechanlical sensors, however, the
veloclty shift In one of the paths Is obtained by a mass loading
effect assoclated with absorbtlion or chemabsorbtion of a gas as
1t passes over a thin film of deposited materlal which Is chosen
to select the deslred gas. Paladium for example has been used In
hydrogen sensors. Sawtek has developed delay l|lnes and
resonators for these applications as well as the electronics
modules for driving them.

The maln thrust today In the development of this sensor Is to
obtaln a rellable, discriminating thin fiims that will permit
detectlion of the deslred gas only. A regeneration feature Is
also belng sought after which will permit multiple use of the
sensor.,

HYBBID SAN OSCILLAIOBS

More and more SAW osclllator designs are requiring hybridization
to meet slze and cost requirements. Hybridized SAW oscillators
have the advantage of better rellablliity, lower EM| and greater
Immunity to environmental effects since most units are
hermetically sealed In metal enclosures. Because of the planar
construction of the Iinductors used In the hybrids they are
potentially more Immune to vibration.

Two of the appllications mentioned earller, the 560 MHz RF source
for the radiosonde sub-system and the entire 950 MHz TCXO have
been hybridized. Single stage SAW resonator controlled
osclllators are being considered for many appllications that fall
under FCC part 15 Rules. In the medical area wireless patient
monltoring systems are being considered. In aviation they are
being considered for search and rescue appllations as emergency
locator beacons aboard downed alrcraft. They Improve the
stabllIty and allow higher frequency operation of cordless
telephones. They are effectlive local osclillators In RF modems
In local area networks. They have been shown to Improve the
harmonic suppression of wireless securlty systems to within FCC
guldelines and to Improve the rellablllty of these systems.

Figure 16 provides a summary of the typical operating
characteristics of such a single stage SAW resonator controlled
hybrld osclllator. The frequency range has been extended to over
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1100 MHz. Spurlious reJectlion Is usually beyond the dynamic range
of the measurement system. The supply voltage can range up to 24
volts and efflclencles range from 4 ~ 6% for a single stage
system which provided 5-10 dBm output power. The package slze
shown In that figure Is for a 4 PIn-DIP which would be the least
expensive version. Surface mountable flatpacks are also
avallable which are smaller In slze and compatible with wider
operating temperature ranges.

The cost of the SAW hybrid osclitator drops below ten dollars iIn
large quantity. The maln cost drivers of this unit are frequency
set tolerance and possibly the package [f a surface mountable
unit Is required.

CONCLUS1ON

SAW osclllator design has matured to the point of becoming the
cholce of systems deslgners who used to rely on bulk wave crystal
or LC technology. Custom designed osclitators for commercial
applications no longer require extensive development effort and
therefore, thelr cost Is dropping. |In addition, performance Is
superlor to the LC osclllator. For precise frequency accuracy
and stabltity, ovenlzed SAW osclllators provide an attractive
alternative to bulk crystal based oscillator/multipiler systems.
The abillty to upgrade the performance of a system has been
enhanced by SAW technology and should account for an Increased
demand for SAW osclllators In the future.
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Peter Chadwick

DESIGN OOMPROIMISES IN SINGLE LOOP FREQUENCY SYNTHESISERS

1. INTRODUCTION

The single loop frequency synthesiser is justly popular as an approach to
frequency synthesis. It has the merit of simplicity, and because of this,
low cost, especially as a large amount of the circuitry is easily produced
in monolithic integrated circuit form.

Certain perfo: wince parameters of the synthesiser are defined by the
equipment performance. For example, a marine VHF radio frequency
synthesiser has requirements for phase noise and discrete spurious outputs
defined by the adjacent channel specification, and the phase noise
performance may well need to be several dB better than would at first be
expected. If the adjacent channel rejection is 70dB for example, then a
single sideband phase noise level in the receiver bandwidth must be more
than 70dB - see Fig. 1. In fact, the translated noise lewvel should be
reduced by an amount dependant upon the performance of other areas of the
equipment and these specification levels are typically determined by the
system architect. Frequently, however, during design of a project, some
modifications in architecture became apparent, but an understanding of
practical limitations is vital at an early stage if delay and consequent
expense is to be awoided. [For further details on the effects of phase
noise on receiver performance, see Ref. 1.

2. DIVIDERS

Single loop synthesisers using direct division as in Fig. 2 suffer fram
certain limitations. Fully programmable dividers are not generally
available for frequencies above about S50MHz without high power
consumptions, and even CMOS dividers currently available are limited in
applications at low (Svolt) supply voltages and extreme temperatures.
Newer devices are appearing, however, and experimental 250MHz operation has
been observed.

Early synthesisers used fixed pre-scalers to divide the VCO down to a
suitable frequency for the programmable counter as in Fig. 3, or used
mixing techniques as in Fig. 4. Indeed, a large number of CB radios use
the mixing technigue, but this system can suffer from spurious products
unless carefully designed in choice of frequencies, input levels and
particular mixers used. - Ref 2,3,4,5. In addition, the large variation in
subsequent division ratio may give problems with loop dynamic performance.
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A major area of conflict lies in the choice of reference frequency. In
synthesisers such as Fig. 3, the output frequency step size is M times the
reference frequency, where M is the prescale ratio. In a system where
every channpel is used, the problem is then that the reference frequency has
to be decreased by a factor of M, and as a result, the bandwidth of the
feedback loop must decrease. ‘The bandwidth and damping factor of the loop
filter are vitally important parameters in determining such 1loop
characteristics as lock up time as well as the phase noise
characteristics. (The effects of loop bandwidth on phase noise will be
discussed later). In general, the widest possible loop bandwidth is
required to minimise lock up time and to confer the greatest immunity to
shock and vibration. However, the loop bandwidth cannot be greater than
the reference frequency and so the use of a fixed prescaler is obviously
somewhat limited. ‘The alternative is the widely used "Two Modulus® or
"pulse Swallowing® prescaler system, illustrated in Fig. S. In this
method, the prescaler is able to divide by two integers N and N+l. The two
counters A and M are programmable and are clocked in parallel, the divider
being set initially to the N+l ratio. When the A counter is full, the
divider is set to divide by N until the M counter is full, giving a total
division ratio of MM+A. This system is limited to a minimum division ratio
of NN if every value of N is to be achieved (no "skipped" channels) and
the M counter must always be programmed to a bigger number than the A
counter. Within these limitations, however, a fully programmable divider
is achieved and so f ref can now equal the channel spacing.

Another and more siubtle limitation is in the delay times of the various
components within the loop. Wen the circuit (Fig. 5) has counted down so
that the M counter has been filled, the whole system is reset, and quite
obviously, must achieve this in a time equal to N+1 cycles of the input
frequency e.g. in a £64/65 prescaler, at 1GHz, the reset of the M and A
counters must be achieved in 65 cycles or in this case, 65nS. ‘This means
that the propagation delays plus set up/release times plus reset delays
must not exceed 65nS and it is this area where trowble can often be
expected, especially at temperature extremes. Although a 1GHz synthesiser
with a 64/65 divider only sees an input frequency of 15MHz for 1Giz input,
the set up/release time and delays may well easily reach 85-90nS and the
system will thus fail.

If the propagation through the divider = td
the set up time = ts
the release time = tr
the propagation delay through the A and M counters = tc

then
fmax = N or N
(td + ts + tc) {td + tr + tc)

whichever is least.
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One of the areas in which an increase in LOOP DELAY TIME can inadvertently
occur is if the A and M counters trigger fram a different edge to the dual
modulus prescaler. This can cause a major diminution in available loop
delay, as can an attempt to physically separate the divider and control
circuits. Other deleterious affects have been noted, such as radiation of
the divider output to the WO, producing high frequency sidebands, so
practical synthesisers are best produced with little physical spacing
between divider and control circuit.

The control circuit is a practical device in a number of technologies,
although modern devices exclusively use CMOS to minimise power
consumption. Prescalers are still mainly exemplified by bipolar
technology, advances in which have seen major reductions in power
consumptions in recent years - for example from 65mA at 5v for a divide by
10/11 operating at 250MHz in 1976 to 4mA at 5v for a 40/41 operating at
225MHz today. Some equipments still build up the A and M counters from
discrete IC's and then add phase detectors, reset circuitry and so on, but
such equipments are by now obsolete in design and extremely expensive to
manufacture. Nevertheless, the lessons of tolerancing delays necessary in
such designs should not be forgotten just because the majority of circuity
is now hidden inside a block of silicon.

The choice of prescaler ratio is governed by a number of factors.
Discussed so far have been minimum ratio and loop delay. However, the
output frequency of the divider must be low enough for the A and M counters
to function. Summarising

1. Fin £ N Pmax control
where N is the divider ratio
Fmax control is control circuit maximum operating frequency.

2. Fin £ N
total loop delay

3. Pmin = N2-N
where Pmin is the minimum divide ratio.
N is the dual modulus divider ratio.

Various values for N exist in proprietry devices. These range from 3/4 to
128/129: binary values (32/33, 64/65, 128/129) are popular for ease of
pogramming fraom ROM's and microprocessors, while decimal and BCD are used
for thumb wheel switch programming.

Programming is a straightforward exercise for binary division and the
following method is recommended.



1. The A counter should contain x bits such that
X = N

2. If nore bits are included in the A counter, these should be programmed
to zero.
e.g. N =64 = 6 bits
A = 10 bits
then the 4 MSB are prograwmed to zero.

3. The M and A counters are treated as being cambined so that.the MSB of
the M counter is the MSB of the total and LSB of the A counter is the LSB
of the total.

e.g. A synthesiser operating fram 430-440MHz in 25KHZ steps uses a
64/65 divider, and the control circuit uses binary counters.
P = F/Pref and Fref = channel spacing = 25KHz
Pmin = 430/,025 = 17200
prax = 440/,025 = 17600

Minimum possible divide ratio is N2-N = 4032

where N is two modulus divider ratio

maximum allowable loop delay = 64 = 145nS
440 x 106

Total divide ratio, P, is given by
P=Ni+A

N = 64, as a 64/65 divider is used
Pnin fram above is 17200
Therefore 17200 = 64M + A

Md M3 A

Let A= O 'hen Mnin = 17200 = 268.75
64

= 268

and Mmax = 17600 = 275.0

64
Thus the M counter must be programmable from 268 to 275 as required: the M
counter must have at least 9 bits.

For a frequency of 433.975Miz
P = 433.97/.025 = 17359
therefore M = 17359 = 271.2343
e
The A counter is programmed for the remainder i.e.
0.2343 x 64 = 15

Fram this, the A counter is programmed to 15 and the N counter to 271. The
output frequency can now be checked.

P=NM+A
= 271 x 64 + 15 = 17359
and this is the required divider ratio.
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The two modulus prescaler is therefore able to offer the advantages of
producing a programmable divider operating at a very high frequency, but
consuming a fraction of the power of such a divider. ‘This enables the
reference frequency to equal the channel spacing, thus allowing
maximisation of loop bandwidth with its concomitant faster lock up time.
It is limited by total loop delay, maximum operating frequencies of
dividers and counters, and in minimum count values, but is nevertheless a
poverful tool for the synthesiser designer.

The limitation on the value of Bnin, the minimum divide ratio can be
avoided by the use of three and four modulus dividers. The use of a four
modulus counter allows a very wide frequency range to be covered with one
device, but at the expense of a much higher power dissipation. Typical of
such devices are the Plessey SP8901 and SP8906. Fower consumptions
typically range for 2 modulus dividers fram 4mA at 200MHz (Plessey SP8792
and 3) through llmA at 520MHz (Plessey SP8716/8/9) to 25mA at 1GHz (Plesscy
SPB703EXP) for two modulus dividers.

3. LOOP BANIWIDTH AND PHASE NOISE

As stated earlier, phase noise is a very important parameter in frequency
synthesisers. Too many early synthesisers suffered from phase noise
problems which manifested themselves as poor equipment performance in such
areas as multiple signal selectivity and ultimate signal to noise ratio.
The performance of the synthesiser may be degraded or improved by changing
the loop bandwidth, depending upon the characteristics and parameters
involved.

The general characteristics of a phase locked loop (PLL) are that for
signals injected into the loop it acts as a low pass filter for signals
inside the loop bandwidth, and as a high pass filter for signals outside
the loop bandwidth. To analyse the performance, consider modulation of the
VOO at very low frequencies. The output of the phase detector will be a
low frequency signal of phase such as to attempt to remove the modulation
imposed on the WO. as the modulation frequency increases, the error
camponent of the phase detector output is not passed by the loop filter,
and so the modulation is not removed by the loop. Note that the modulation
is phase modulation (PM) up to the filter break point, and freguency
modulation (FM) thereafter. In the "in-between" range, same interesting
distortion effects can occur, especially when excessive group delay exists
in the loop filter.

The relationship of loop filter bandwidth to phase noise is now apparent.
Phase noise from the oscillator corresponding to frequencies below the
filter bandwidth will be removed by the loop, while phase noise components
outside the loop bandwidth will be unaffected by the loop. Under these
circumstances then, the WO output spectrum will be cleaned up by the
loop. However, for frequencies inside the loop bandwidth, other factors
enter. Variations in the reference frequency cause variations in output
frequency from the synthesiser, and phase noise camponents at the reference
frequency are purely the frequency domain transforms of time domain
frequency instability (ref. 6,7,8). ‘These phase noise affects are
multiplied in the loop by the divider ratio. An example (admittedly using
gross instability for demonstration) is shown.



1f the 430MHz synthesiser in section 1 has an instability of +1Hz in the
25KHz reference frequency, this is multiplied by P.

i.e. for operation at 433MHz
P = 433/.025 = 17320
Therefore if +lHz at 25KHz gives +17.32KHz at final frequency.

fhase noise at the reference freguency is derived fram two sources:-
a) the system standard oscillator
b) the reference chain divider

Oscillators for standards are available with very low phase noise
characteristics, and -130 to -170dBc/Hz at lKHz offset covers the usual
range. This phase noise is modified by the reference divider and
multiplied by the division ratio as explained above. Of course, phase
noise at any offset is reduced by division until the phase noise floor of
the divider is reached. Little has been published on the causes of phase
noise in dividers, although various measurements have been made. (Ref. 9).
1t has been suggested that TTL and CMOS dividers are better than ECL and
CMOS is better at low (10-20Hz) offsets. At a 1KHz offset, ECL levels of
about -145 dBc/Hzand CMOS lewvels of -155 to -165 dBc/Hz appear usual. The
explanations for the occurance of phase noise is intuitively regarded as
being jitter in the transition point of the signal: on this basis, one
would not expect CMOS to be so good as TTL insofar as the rise and fall
times will be somewhat slower. Regrettably, the difficulty and cost of
making meaningful measurements is an inhibiting factor: data on the phase
noise performance of Gallium Arsenide dividers would be of considerable
interest, especially at small frequency offsets.

Fram the above discussion, a phase noise floor of saome -150dBc/Hz can be
expected at the end of the reference frequency divider chain if a good
frequency standard is used, while a low cost one may well be at about -130
dBc/Hz. In our 430MHz synthesiser, a degradation at lKHz (if the loop is
wide enough) of same 84dB will be seen, so inside the loop bandwidth, the
noise performance will be limited to -130 + 84 = -46 dBc/Hz. At lower
offset frequencies, the phase noise of dividers and frequency standards is
worse, so the phase noise performance is now being defined by the loop,
rather than the VCO. These are worst case figures, but the ultimate signal
to noise ratio of an FM receiver can clearly be seen to be easily limited
at UHF by multiplied phase noise. Fortunately, the noise enhancement by
the loop is such that pre-emphasis of the modulation provides major
improvements in signal to noise ratio.

Nevertheless, it is obvious that the choice of loop bandwidth is
compraomised by the ultimate signal to noise level required by the system
and that such factors as reference oscillator noise level and divider noise
cannot be totally disregarded. Operation in the usual cellular radio bands
at 800 or 900MHz makes the situation some 6 dB worse than that analysed
above and the use of a psophametric awdio weighting in the equipment is
advisable. Sub audible tones may well need fairly high deviation if signal
to noise performance is not to be severely limited on them, although modern
decoders will work with a negative signal to noise ratio - Ref. 10.
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In the single loop synthesiser, the phase noise in adjacent channels, which
determines the adjacent channel performance, is, to a first order,
unaffected by the loop and its parameters. Second order effects such as
noise modulation by such loop components as high value resistors and
operational amplifiers may be negated by the use of a passive low pass
filter prior to the VCO. Fhase noise in the oscillator will be discussed
in section 4.

Even where the effects of multiplied phase noise may be ignored, such as
where the reference divider chain noise is sufficiently low, certain other
problems occur in the loop filter design. Many of these are associated
with the phase detector employed, which in many areas has been a digital
phase/frequency detector. Various types of detector have been used over
the years, fram an OR gate producing a variable mark space ratio to the
well known 2 D type detector. The first of these used integration of the
variable mark-space ratio to produce the required output, while the latter
(Fig. 6) produces minimal width pulses on both gu and @D when in the zero
phase error condition. Unfortunately, the zero phase error state exists
for a degree of phase error dependant upon the propagation delays of the
gates and a phase error/output voltage characteristic such as Fig. 7 is
achieved. The performance in the central flat portion of the
characteristic means that the loop gain falls to zero when the phase error
reaches same small but finite value, and this leads to an increase in the
low frequency phase noise of the loop. This phenamena is of course related
to the reference frequency of the loop, being worse at high comparison
frequencies.

Although a number of approaches have been made to minimise this problem,
including the provision of a leakage path across the VOO control line (Ref.
16), the better approach is to use a linear phase detector of high gain to
*£ill in" the gap in the response. 2n additional benefit of this method is
that if the digital phase detector has a "tri-state® output for the area in
which the dead zone occurs and the linear phase detector operates, then the
phase detector output at comparison frequency is reduced, allowing either a
wider loop bandwidth for the same camparison frequency sideband rejection,
or increased rejection, or to some extent, both. The analogue phase
detector may easily be given a very high gain and narrow range of operation
- say a 2 degree range with a gain of 600 volts/radian, but only a limited
lock range. It is however, essential to ensure that saturation of this
detector, and indeed of the loop filter/amplifier is minimised, as under
channel change conditions, the control line and thus the filter amplifiers
can be driven hard into saturation. A long recovery time here may well
make a mockery of any lock up time calculations. It is this approach which
has been adopted in the NJB8820 series of CMOS control circuits fram Plessey
with a large degree of success.

The choice of loop bandwidth is also governed by the time to change
channel, and here again, compramise is often necessary. For example, a
lock up time of ImS and a loop bandwidth of 100Hz are apparently mutually
incampatible. By using the two detector approach outlined above however,
the loop bandwidth for the digital detector may be made much wider than the
analogue detector, thus providing a form of adaptive filtering. 'The basic
loop equation for a type 2 2nd order loop is
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Wh = ’ KoRv

Nt
where Wn = loop natural frequency, Kv = WO gain in Rad/S-v, Ko = phase
detector gain in volts/rad, N = division ratio and t; = integrator time
constant, shows the dependance of Wh, the loop natural frequency on N. It

should be noted the 3dB bandwidth of the loop and the natural frequency Wn,
are not identical - except for a damping factor, D = 3.02.

It was stated earlier that noise caused by the phase detector and loop
filter is easily filtered to avoid noise in adjacent channels. Noise
inside the loop bandwidth is another matter, and the use of low noise
canponents in loop filters (NOT a 741!) is advisable. Where possible, time
constants should use large capacitors and small resistors to minimise KIBR
noise. 1/¢ noise can be a problem with operational amplifiers, and where
loop bandwidth is high, slew rate is important if the dynamic loop
bandwidth is to bear any relationship to the small signal case.

To sunmarise, the choice of loop bandwidth affects close in phase noise and
lock up time. Fhase noise is produced by dividers, phase detectors and
filters, and when multiplication ratios are high, the reference frequency
phase noise can be daminant when multiplied. To minimise this effect, the
loop bandwidth can be narrowed, since noise outside the loop bandwidth is
detemined solely by the WO. Typical divider phase noises of ~150 or -160
dBc/Hz can be expected, so low cost reference oscillators can dominate the
noise performance.

4. VOLTAGE CONTROLLED OSCILLATORS

Many engineers consider VCO design to be a black art, and although some art
is occasionaly involved, VWO's are amenable to analysis.

In the single loop synthesiser, the phase noise performance outside the
loop bandwidth is dominated by the WO, with the noise generation by
passive camponents in the loop filter generally being of lesser importance.

Scherer, leeson (ref. 12) and FRobins (ref. 13) have analysed oscillator
phase noise performance and Scherer (ref. 14) has demonstrated the
applicability of Leeson's equations and uses the equation

Ligy = lg (FKT) (fo)2 (1 + )2 eql.
) / () () @ ICV2Znt.)

where L(f) is the SSB phase noise at an offset F
F is the Noise Figure of the amplifier in the oscillator
is Boltzmann's Constant
is the Temperature
is the available signal power
is operating frequency
is the offset at which the power is to be calculated
is working Q of the tuned circuit
is tank capacity
is tank current peak voltage
is rf output power

3<nomayex
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By inspection of eq 1, it may be seen that the phase noise is proportional
to Q2 and also to (frequency offset)-2. This means that for each octave
decrease in the offset frequency, the noise power will increase by 4 times
or at edB/octave. BAs the frequency offset decreases 1, or flicker noise
becomes important: this "break® frequency can be as high as S0MHz with GaAs
devices. Fram eq.l, it may be determined that a low phase noise oscillator
will have a large voltage swing, a high working Q and provide little output
power to the load. There is of course a limit as to the lewel of power
required, as the noise of any subsequent buffer amplifiers will degrade the
oscillator.

A major campromise in the design of equipment is the choice of VCO
frequency. 1f, for example, a 800MHz cellular radio type of receiver is
considered, some fairly straightforward calculations will serve to act as a
guide. Starting with the receiver parameters, we will assume that a 70dB
rejection of a signal two channels (60KHz) away is required. A number of
receiver sub system parameters are involved.

(a) Synthesiser phase noise

(b) IF filter performance

(c) Co channel rejection ratio

(d) @in cowpression of stages before the main IF selectivity.

Of these parameters, (c) is the least obvious in its applicability. Ref. 1l
showed how oscillator noise was mixed onto a wanted signal by a strong
unwanted signal. The degradation of a wanted signal by this noise
obviously depends upon the relative levels of signal and noise, and because
the noise is on the same frequency, the Co-channel rejection. Typically,
this means that a noise level within the IF passband of some 8dB less than
the signal is required. Thus for the 70dB rejection, oscillator noise at -
78dB is required, and 80JB would thus be the design aim.

Conversion of this level to dBc/Hz is not straightforward because of the
non linear slope of the phase noise. However, for narrow bandwidths at
large offsets, little error is obtained by approximating the phase noise
slope to a straight line. This may be illustrated as follows:-

Fram equation 1, the power spectrum at an offset beyond the flicker noise
knee is given by:-

P, = kf-2 -(2)
where P is the noise power
K is a constant
f is the offset
For a frequency band bounded by f)ger and fyppers the noise power is:-
f £
| / ke2 af = "[xe-])
f fL,
= K (fL-l - fu-l)



‘Therefore
K= &
Tffr - u- )
Py has been defined as the phase noise in the band = -80dB

therefore
K= 10-8

—_—a = 1 ]
(53.5 x 103 67.5 x 103]

To find the phase noise in a 1Hz bandwidth at an offset F

= 2.58 x 10-3

p = ki-2
so at 53.5KHz

P= 2.58 x 10-3 = 0.901 x 10715
T53.5 x 103)2

= -120.5 dBc/Hz
At 60KHz
P = -121.4 dBc/Hz
and at 67.5KHz
P = -122.5 dBc/Hz
If the ‘break point' for 1,p noise is above 60KHz, then the spectral

density is determined by hoise rising at F3. Similar procedures are
followed:-

By = K'F3
£ ful )
P = ,%'f'3 af = K [£2)
L fr (2]

= v|2<_'(fL-2 - £472)

tsing similar figures, the performance required is:-

53.5KH2 -120 dBc/Hz
60 Kiz -121.5 dBc/Hz
67.5KHZ -123 dBc/Hz
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The error by assuning a linear relationship is given by:-

IF bandwidth = 15KHz

therefore noise power is 10 logjp 15 x 103 dB greater than in a 1Hz
bandwidth

which is 41.848

therefore if the noise power is 80dB down on the signal,

total carrier to moise power ratio is -121.8 dBc/Hz at 60KHz.

This in fact gives a requirement some 0.4 dB higher than previously
calculated and in 120dB is cbviously negligible.

Having decided upon the level of allowable oscillator noise, it is now
possible to calculate the best methods of achieving this level. Using
Scherer's figures fram Ref. 13 for a 400MHz oscillator which will be
dowbled, using parameters of :-

Q = 200

c = 23pF

v = 10v pk

FKT = (60V)2 where 6nV is the noise voltage and lv is the
B (iv) input before limiting.

The noise power P at a 30KHz offset is, from eq 1, -135 dBc/Hz.

So far flicker noise has been ignored. Flicker noise is a low freguency
phenawonen which causes problems by intermodulation with the carrier
frequency to produce noise sidebands. The "break point® at which flicker
noise becames dominant varies but a UHF VOO of the type under consideration
would probably have a break point at about 50 - 150KHz offset fram the
carrier. By 1 needs some modification to include this factor and a

multiplicand of
1+ _(_iz

may be used, where fo is the l/¢ noise cormer frequency.

The previously calculated noise will now be degraded by about 8 dB under
these conditions, (assuming fo = 150KHz) and will now be -127 dBc/Hz. This
is about 5 dB inside the previously calculated requirement. Mote that
calculations have been made on the basis of a 30KHz offset to allow for
dowbling the oscillator frequency.

Considering an oscillator with a fundamental frequency of 800MHz, a number
of problems appear. Ignoring for the time being the increased moise figure
of the device, the available Q of components is considerably less - for
example high quality chip capacitors can offer Q's of about 200, leading to
working Q of about 100. Calculating noise levels for a 60KHz offset with
all other parameters constant except tank capacity which is 12pF (half the
400MHz oscillator) the noise at 60KHz is -105 dBc/Hz or about 17 dB outside
the requirement. Cbviously, these figures are no more than a guide, but
the suggestion is that the doubled 400MHz oscillator will meet
requirements, while the 800MHz oscillator will not.—fig 8,
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Flicker 'noise can be reduced by the inclusion of local DC negative
feedback, such as an unbypassed emitter resistor, but a major requirement
is to choose a suitable device. In general a low phase noise oscillator
will run at high power, using a device with both low flicker noise and low
high frequency noise, and with high gain and minimum damping on the tuned
circuit. In fact, in many applications, the thermionic tube is
attractivel Q should be as high as possible, and where VCO's are
concerned, the Miz/WIlt should be minimised. This is because of the
effects of noise - at 10MHz/Volt, 1 microvolt of noise will produce 10Hz of
FM deviation.

Where relatively wide frequency ranges are concerned, the variation in loop
bandwidth may cause problems.

Vh-|l©KV
Nty

vhere W = natural locp freguency
Ko = VCO constant
Kv = phase detector constant
N = divider ratio
t) = integrator time constant

Wh varies with N, and where desirable to maintain equal lock up times and
loop bandwidth, Kv may be designed to vary with N. Several methods exist,
but the use of a transmission line VOO can prove useful, as the effective
inductance increases with freguency. ‘The use of a suitable length of
transnission line can provide an oscillator tuneable fram 130 to 190MHz
with a coarse tuning trimmer, and electrically tuneable over 6MHz at the
bottom on the band to 8.75MHz at the top, thus maintaining Wh sensibly
constant. The use of PIN diodesto switch capacitors is possible, although
care must be taken not to degrade Q e.g. a 10pF capacitor at 150MHz has Xc
= 106ohms. A PIN diode with an ON resistance of 0.5ohm will give MAX =
212, assuming a perfect capacitor, and as considered earlier, this can
have disastrous effects on phase noise performance.

An initially attractive method of realising the transmission line WO is
shown in fig. 9, where a length of line is used as a reactance inverter,
changing the capacity into an inductance. The use of a Smith Chart will,
however, show that the resulting inductance will have a low reactance
unless the terminating capacitor is large and the line relatively long
(greater than 1/8 wavelength). ‘This leads to a low Q circuit as the
resistance of the line is constant, and measurements made using a l6oms
rigid coax 75hm line with a loss of 4dB/100ft at 150MHz gave a Q of less
than 100. This line was temminated with an air spaced trimmer. The same
line as a shortened capacitively loaded resonator as in fig. 10 had a Q of
over 250.



5. SUMMARY

The compromises in the synthesiser design are now apparent: a narrow
bandwidth is required to minimise multiplied reference noise, but a wide
bandwidth is needed to minimise lock up time. A high oscillator freguency
may be required to avoid spurious outputs and multiplier chains, while a
low frequency and multiplier chain give the best performance on system
phase noise and possibly power consumption. The classical way to minimise
these problems is the two loop synthesiser, but cost is a determining
factor effecting the compramise finally reached. Fower consuwption is
always a problem and unfortunately is more demanding at high frequencies
while increating channel occupancy will lead to ever tighter performance
requirements in temms of phase noise and switching time.

Modern integrated circuits help the designer by providing better phase
detectors and faster lower power dividers. Nevertheless, the single loop
synthesiser has been shown to involve a number of compromises in its
design, and in some cases, these campramises may limit the final equipment
performance level. The single loop synthesiser is very useful, but is not
universally applicable.
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ABSTRACT:
Temperature Stabilized RF Power Detector

Often in the design of high performance communications equipment a
means of measuring an RF power level is needed. Consider the usual
application of automatic level control of an RF signal. This
application can arise from the requirement to stabilize the output
power level from a modulator or from a high power amplifier stage.
Input automatic gain control (AGC) is another illustration of a use
for an RF power detector as a measurement device to derive a loop
error signal. Most applications also have the requirement that the
stabilized RF level is relatively insensitive to temperature. This
article introduces a circuit topology utilizing common RF detector
diodes that is inherently more temperature stable than simple envelope
detectors. Included in the article is test data taken to characterize
the performance of the new detector topology at different operating

ambient temperatures.
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DEFINING THE REQUIREMENTS:

Often in the design of RF communication equipment or systems the
need arises for a simple RF power detector. A very common application
of this class of simple power detector is as the control feedback
detection element in an automatic gain control loop. In this
application the RF detector will operate most of the time with an
input at some specific power level. Since the function of the loop is
to keep the power level at the detector input constant the detector
only has to have well characterized behavior in a small operating
range. Hence, this typical application usually has no requirement for
a specific relationship between input power level and the output
voltage level of the detector. The more stringent requirements are
for repeatability, manufacturability, and temperature stability.

The repeatability problem has been approached in a number of ways.
One method is to use high precision components and / or calibrated
compensation networks. The overall problem is made easier if the power
detector circuit is a simple, minimum component count implementation.
If appropriate application of available precision components is made,
the compensation of residual temperature and ageing effects is
simplified. For example, temperature stable resistors, OF-AMPS and
other components can be economically designed into a system. The
detector diodes are a different matter entirely. No matter how much
they cost they are inherently unstable in regards to their behavior at
different temperatures. Any shift in their operating characteristics
with temperature leads directly to a shift in the operating point of
the leveling loop they are contained in.

It should be clear also that some facets of the repeatability

solution yield positive results in terms of manufacturability also. If
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there is a minimal number of components in a proposed circuit this
implies a simplified manufacturing process. More important, the
subject of producability is tied to whether or not there are any
select-and-test (SAT) elements in the design. These require a higher
degree of skill and knowledge from the manufacturing personnel and
slow down the process. Any adjustments necessary also lead to cost
increases. The cost impact of adjustments can be reduced to a
tolerable level if the adjustment procedure is simple and the
adjustment itself is easy to make and remains at a stable setpoint.
This goal in itself demands temperature and time stabilization of the
circuit.

DEVELOFMENT OF THE CIRCUIT:

Consider the circuit shown in figure 1.0 . This is a basic
envelope detector using a fast recovery diode. A limitations of this
circuit topology is the need for a relatively high level signal to
overcome the threshold of the diode. Also there is no form of
temperature compensation. Extending this circuit to the design shown
in figure 2.0a. helps with the threshold problem by providing the
diode with DC biasing. A disadvantage of this approach is the reliance
on the stability of the power supply voltages over time and
temperature. Temperature induced changes in the threshold are not
compensated for and can lead to significant shifts in an AGC operating
point when using this detector. First order temperature compensation
of the threshold shifts can be improved with the addition of diode D2
shown in figure 2.0b. Since the threshold of the detector diode is
related to the forward DC bias current, the current flow can be
compensated by D2. If the current changes, the forward voltage drop

across D2 moves in the opposite direction which stabilizes the voltage

Temperature Stabilized RF Power Detector

across D1. This technique has been used with AGC loops having a
stability requirement of about #1.5 dB. To hold a tighter tolerance
requires a new circuit topology taking into account both power supply
variations as well as temperature shifts in the diode characteristics.

The temperature effects can be reduced significantly with a
differential amplifier type of detection circuit. Shown in figure 3.0
is a circuit that will allow the use of low cost precision OP-AMPS and
will still yield improved temperature stability. Temperature shifts in
the DC offsets of the diodes are cancelled out and the overall outpu{
stability with temperature is a function of how closely the
characteristics of the diode pair match. The operating temperature of
both diodes also needs to be well matched. Adjacent location of the
diodes on a printed circuit board is an easily realizable minimum
requirement. The two diodes could be on the same monolithic die to
provide near perfect temperature tracking. With the addition of a
constant current source for providing DC bias, the effects of DC
impedance changes in the diodes and power supply variation are
reduced. Figure 4.0 is a schematic diagram of a complete temperature
compensated RF power detector. The voltage reference is itself
temperature compensated and is a relatively low cost addition to the
circuit.

CIRCUIT FPERFORMANCE:

This basic circuit topology has found many applications in the
design of precision RF leveling loops in the past and tas been well
characterized over temperature. Figure 5.0 is a plot of the response
of this basic circuit at 0°, 25°, and 70°C. As can be seen from the
graph only a small shift in the output voltage of the detector takes

place with changes in temperature. What this means for an AGC loop can
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be understood by looking closely at a section of the graph around a
possible operating point. Figure 4.0 is an enlarged section of the
graph of figure 5.0 about a hypothetical operating point of +2.0 dBm.
This shows that an AGC loop using this detector could be expected to
exhibit a temperature drift of only about +0.4 dB. This is a
significant improvement over the typical value of +1.5 dB for the
simple detector of figure 2.0b. For certain applications this level of
performance is still not satisfactory. For these instances one more
step in the quest for temperature stability can be taken. That is to
place the diode pair in a temperature controlled environment, namely a
component oven. The component oven is operated at a temperature higher
than the maximum operational temperature the circuit is being designed
to. A component oven that will keep a pair of RF diodes at a constant
75=C was developed for a past project and has found itself in several
later designs. The oven is an Ovenaire part number PC2 - 82. The
response of the circuit with the component oven is shown in figure
7.0. As can be seen the temperature drift to be expected in a closed
loop application has dropped to about +0.1 dB. This variation is near

the limit of measurement with general purpose test equipment. The

residual operating point shifts are from imperfect balance between the

diode bias currents as well as offset drift in the differential
amplifier.
CONCLUSIONS:

The subject of the application of temperature compensated RF power
detectors was discussed. The major points to consider being the
requirements for repeatability, manufacturability, and temperature
stability. It was shown that for modest increases in component costs

and complexity large improvements in all three areas are to be gained.

Temperature Stabilized RF Paower Detector

The development of a circuit topology that is inherently more
temperature stable was presented as well as test data taken from a
typical implementation of that topology. The further enhancement of
the circuit was discussed from the stand point of obtaining near
perfect control of output level variation with temperature. This was
obtained at the cost of controlling the diode junction temperature
directly. It is important to note that simply controlling the junction
temperature of the diodes in a simple detector is not sufficient. This
is because the other elements of the instability with temperature
would then become dominant. Thus making the mere addition of the
component oven of lesser value than if used with the new circuit

topology.
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AN ULTRA-FAST UHF VOLTAGE CONTROLLED ATTENUATOR
WITB 35 dB OF LINEAR DYNAMIC RANGE
Daniel L. Gerlach
California Amplifier Inmc.

ABSTRACT: The analysis of a fast PIN diode voltage controlled attenuator
is presented in this paper. Design Applications, D.C. and R.F. features,
and mathematical derivations for the driver section have been included.
Complete circuit schematics and response curves are provided. A temperature

compensation network is incorporated

temperature.
INTRODUCTION

There are presently several
independent manufacturers of wide
band voltage controlled attenuators,
(VCA). The product described here
is just as good, or better than
most of the VCA's on the market
and can be built for a fraction
of the cost of thin-film or hybrid
VCA's.

Another benefit to the VCA
described includes extreme versatility
in selection of control voltage
range. The VCA runs off of positive
control voltages but can easily
be wmodified to accept negative
signals.

APPLICATIONS

The versatility of this design
makes it suitable for many
applications. In the . laboratory
it can aid in compression point
measurements of amplifiers and
transmitters. The VCA can also
be used for power and gain matching
of two or more amplifiers. The
attenuator can be cascaded with
an LNA front-end to produce a low
noise voltage controlled amplifier.
In the field the VCA can be used
to determine receiver sensitivity
by incorporating it into the
transmitter. Mobile transceiver
systems can be analyzed with the
help of this VCA. The wunit can
also be used as a variable RF limiter
to protect small eignal amplifiers
and receivers from excessive power
levels.

to provide system linearity over

DESIGN FEATURES

The VCA described is basically
a two section softboard design
utilizing an RF (attenuator) section
and a driver (linearizer) section.
The wunit can be controlled by
digital, analog or software generated
signals. The VCA described here
utilizes a modified Pi configuration
to achieve a zero-to-maximum or
maximum-to-zero change in 2.5
microseconds with less than 0.5
dB  overshoot. The 0 to 100%
switching speed is 3.0 microseconds.
The maximum input and output VSWR
is 1.6:1 with an insertion 1loss
of 2.5 dB. The linearizer described
utilizes an operational amplifier
and two Zener diodes to achieve
an overall linearity spec. of 1.5
dB. All of these specifications
are held over the =30 to +60°C
temperature range and 100 to 1000
MHz frequency range by incorporating
a standard temperature cowmpensation
network into the overall design.
The VCA utilizes only stock
components that are available from
most distributors and it will fit
on a 1.5" x 2.5" P.C.B. Power
requirements are +15 VDC at 10
mA and -15 VDC at 5 mA.

SYSTEM DESIGN

The system was designed using
component design techniques. Both
components were designed and tested
separately, prior to integration.
Standard temperature compensation
network techniques were employed
and added to the VCA after
integration. The temperature
compensation network will be

Cc2

A R.F. out
R.F. 1in [

+15 VDC
R1l
R8
Vb
= (o
R2 7]
é V attenuator
FIGURE 1 .
Attenuator Section
cp Cp = Package
—} capacitance
Ri Lp = Package
7 Re inductance
*r— —
Rs = Substrate
Ci resistance

Ri = Insulating
layer resistance

Ci = Insulating

layer capaci-
tance

FIGURE 2 )
PIN Diode Equivalent Circuit
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described at the end of this section.
ATTERUATOR DESICN

The attenuator section was
designed with the help of Touchstone,
a microwave CAD software tool
manufactured by Eesof Inc. of
Westlake Village, CA. The actual
design is a wodified Pi attenuator
network incorporating 4 PIN diodes
instead of the usual 3 needed in
most Pi networks. The fourth diode,
D4, mounted in series in the R.F.
line, is used to reduce the overall
parasitic package capacitance in
the series arm by a factor of 2
when D3 and D4 are conducting (See
Figure 1). This reduction in package
capacitance serves to reduce the
insertion 1loss of the attenuator
at frequencies below 500 MHz.
A second modification included
incorporating & 50 ohm chip resistor,
R6 and R8, in each of the shunt
arms. These resistors aid in
maintaining good 1input and output
VSWR during periods of wmaximum
attenuation, f.e. shunt arms
conducting. A final wodification,
an offset bias voltage, Vb, and

40
A
T
T 30
E
N
v 20
A
T
I 10
o]
N
0

corresponding voltage divider
networks, R4, R5 and R3, R7 serve
two purposes, First, this bias
voltage allows for the condition
of minimum attenuation to exist
as well as providing for uniform
attenuation at low control voltage
settings. And secondly, the divider
network allows for a wide selection
of control voltage ranges. The
initial resistor values were obtained
from [1]. The PIN diode equivalent
circuit shown in Figure 2 was used
to implement the computer model.
Values for the various lumped
elements in the model were supplied
by the diode manufacturer. Slight
changes (less than 10%) were needed
in the values for Cp, Lp, and Rs
to obtain agreement with lab results.
Various PIN diodes were evaluated
and all performed well. Hewlett
Packard, Alpha, Metelics or SDI
PIN diodes can all be used in this
design. Figure 3 shows the typical
exponential response for the circuit
of Figure 1.

4

Vattenuator (+vDC)

FIGURE 3
Typical Response Curve For
Attenuation vs. Vaerenuator
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LINEARIZER DESIGN

The Linearizer section shown
in Figure 4 was developed for three
reasons. Firet, the circuit is
fast, with rise and fall times
of 2.5 wicro-seconds, typical for
0 to =35 dB md =-35 to O dB
attenuation ranges. Compare this
to 5 mili-seconds for the circuits
depicted in [2] and [3]. Second,
the circuit is extremely versatile.
By changing R12 and the divider
networks in the attenuator, any
control voltage range can be easily
obtained. And third, the circuit
is compact, incorporating only
10 components in contrast with
19 and 14 for [2] and [3]
respectively.

In order to maintain a linear
response over the 35 dB attenuation
range, the linearizer section must

produce a logarithmic response
that is the inverse of the
exponential response of the
attenuator section. The Zener

diodes, D5 and D6, accomplish this
taak as by providing two breakpoints
shown in the following derivation:

As Ve, (overall control
voltage), is increased, the desired
logarithmic response is realized
by turning on D5 and Dé at the
correct times. For low values of
Vc, both D5 and D6 are off and
appear as open circuits yielding
maximum gain from the linearizer.
For medium values of Vc, D5 begins
conducting but D6 is still off.
(V1 < the Zener voltage of D6)
This yields in the ideal case a
closed loop gain of wunity since
the feedback resistance of Ul is
effectively reduced to zero.
Finally, for high values of Vc,
corresponding to the upper range
of maximum RF attenuation, both
DS and D6 are conducting and V1
remains constant for increasing
Ve. This results in a constant
output voltage for increasing input
voltages and completes the ideal
logarithmic response curve shown
in Figure 5. The mathematical
derivation for the ideal case
described above is now shown.

SECTION 1 SECTION 2 SECTION 3

! I
8 | P
7 l l = o= — Ideal Response

/

6 I | Actual Response
)

| |
4

[1] 1 2 3l 4 H
Ve (+VDC)
PIGURE 5

Typical Respomse Curve For
Vattenuator V8- Ve
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CASE 1: Both D5, Dé off

The input voltage to the op-amp
can be calculated as the additive
sum of V2 and Vc, as shown below:

(1) vl = V2 R12 4 Vc RIl
+  R114R12 RI114R12

Note that V2 acts aa an offset
voltage and is used to set the
starting value of Ve which
corresponda to minimum RF
attenuation. The value of
Vattenuator ¢an now be found by
using the non-inverting op-amp
gain equation shown below.

=R13 + R14
R13

(2) Vattenuator

Equation 2 sets the initial gaid
of the «circuit correaponding to
Section 1 of Figure 5,

CASE 2: D5 on, D6 off

In this case, since Rl4 is ideally
equal to zero, equation 2 can
be rewritten as:

(3) Vatrenuator ' = V1

During case 2 operation, the overall
gain of the Linearizer
(Vattenuator/Vc) can take on any
value from zero to unity simply
by choosing the correct ratio
of Rl11 and R12. Equation 3 aets
the medium value gain of the circuit
corresponding to Section 2 of
Figure 5.

CASE 3: Both D5, Dé on.

In this final case, no further
increase in  Vgttenuator c&n be
realized since V1 is being held
constant by the breakdown voltage
of D6, Therefore, equations 2
and 3 become:

(4) Vattenuator' = K = the
breakdown voltage of Dé

Equation &4 corresponds to Section
3 of Figure 5.

In order to select the proper values
for R11-R14 and V2, a relationship
between RF attenuation and
Vattenuator must first be developed.
To accomplish this, the circuit
of Figure 1 must be built and data
taken on attenuation level wvs.
Vattenuator+ The data corresponding
to Figure 1 is shown in the firat
two columns of Table 1 below.
The next step is to add the third
column shown in Table 1. The choice
of values for Vc determines the
voltage control range of the VCA
(0 to 5 VDC in this case).

RF
Attenuation V Attn. Ve

-dB +VDC +VDC

2 4 0

9 5.8 1
16 6.6 2
23 7.1 3
30 7.25 4
37 7.3 5

TABLE 1

Attenuator Board Analysis

We have now developed the relation
between Vitrenuator 4and Ve which
will be used to solve for the unknown
resistor values and voltage level.
A final step is to incorporate
eq. 1 into eq. 2 and put the
resulting equation into the form
shown below:

(5)  Vattenuator = AIB*V2 + C*vc]

where A = (R13 + R14)/R13
B = R12/(R11 + R12)
C = R11/(R11l + R12)
(6) and B/C = 1/(B/C)
Using eq. 5, eq. 6 and three data
points from Table 1, the values
of R11-R14 and V2 can be obtained.



PRACTICAL CIRCUIT CONSIDERATIONS

In reality, the Zener impedance
of D5 never reaches zero, therefore
Equation 3 must be rewritten as
shown below:

(7)  Vattenuator =

R13 + Zps//R14
R13

vl

vhere: Zps//R16

The maximum Zener impedance
of DS in parallel with Rl4.

Usually 2ps is less than 50
ohms for wmost Zener diodes. The
values of R13 and R14 should be
chosen such that this 50 ohm is
less than 2% of the value of Rl4.
It is also apparent that equation
4 is in error and that because
of the finite value of the impedance
of D6, Vgattenuator nNever reaches
a constant value. This error ({s
shown as the slight positive slope
of Section 3 of the actual curve
in Figure 5. As with D5, the values
of R1l1 and R12 should be chosen
such that the Zener impedance {is
less than 2% of the value of RI12
(or R11 + R10, vhichever is smaller).
The high impedance of the
non-inverting input of Ul compared
to the Zener impedance of D6 also
helps to reduce this aource of
error. As Figure 5 shows, these
sources of error help to smooth
out the logarithmic response of
the linearizer which will actually
prove beneficial to the overall
attenuator circuit.

TEMPERATURE COMPENSATION NETWORK

The above described circuit
will provide at least 35 dB of
linear dynamic attenuation at room
temperature only. As the temperature
increases, V,ttenuator drops, the
dynamic resistance of the PIN diodes

(Rs and Ri) increases, and the
overall resultant attenuation level
decreases. In order to compensate
for this, the temperature
compensation network shown in Figure
6 was used to replace R5 in the
attenuator section. Other resistors
could have been replaced with this
network, but this would adversely
affect the linearity characteristics.
The actual design equations are
well known and can be found in
either {4] or [S]. 1If the unit
is to be operated under severe
temperature conditions the Zener
diodes can be replaced with
Temperature Compensated Reference
diodes to aid in temperature
compensation.

SYSTEM TEST AND EVALUATIOR

The attenuator section was
laid out on .031" OAK-601 fiberglass
and PTFE Laminate with 1 oz. copper
clad on 2 sides. The linearizer
section was also laid out on OAK-601.
Chip components were used throughout
the RF section except the PIN diodes,
which were axial lead, glass
packages. No tuning in the RF
section was required. The
asttenuation vs. control voltage
characteristics are shown in Figure
/5 R10 can be adjusted to set
the initial value of Vc if required.
Similarly, R13 and/or R12 can be
adjusted to change the 1linearity
of the VCA. Capacitors C&4, C6
and C7 can be adjusted to improve
the switching speed. The circuit
described operates linearily from
-30°C to +60°C with no degredation
to the specifications given in
the Design Features Section.

The noise figure results show
good agreement with the predicted
ineertion of 2.5 dB when measured
in a 50 ohm system. The switching
speed is limited primarily by the
Zener diodes, D5 and D6.
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CONCLUS1ION

The VCA design presented here exhibits very good switching characteristics
and linearity over temperature. Using the design equations and schematics
provided, this VCA can be built and ready for laboratory or field uge in
less than one weeks time. The design sllows for complete versatility in
control voltage settings. By modifying the driver section, negative control
voltages can also be used. By incorporating only off-the-shelf components,
this design has proven to be both cost effective and efficient. Comparisons
of experimental and theoretical results show this design to be accurate over
a wide frequency range.
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II.

Design, Characterization and Application of a III.
GaAs Power FET
Y. Hwang
Gould Inc. Dexcel Division

Introduction

Design considerations of a C-band GaAs power FET are
described in section II. Fabrication process is described
in section III. Section IV presents dc parameters and
microwave performance of the FET. Section V covers circuit
development. This includes the design and performance of a
three watt IMFET by combining two FET and the development
of a 21 dB gain two stage amplifier.
Design considerations

To design a power FET, several important factors must
be considered including: v

1. Proper total gate width to achieve the desired
output power.

2. Obtain a sufficient power gain by reduction of
gate length, source inductance and parasitic
elements.

3. Maintain high drain - source breakdown voltage.

Design goal is to have a FET capable of generating
two watt and good gain at 8 GHz. The device chosen to
meet the goal is a single chip having 5mm total gate width,
40 parallel gates with 4 gate bonding pads and 4 drain
bonding pads. Gate length is 0.5 micron and gate width is

125 micron per finger.
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Device fabrication
Fabrication process of the GaAs FET is described in
this section.

1. Mesa isolation: Epitaxial layer except for the
channel under the gate is etched.

2. Ohmic contact: After mesa etching, the source and
drain contacts are fabricated.

3. Gate recess: Prior to the gate metal evaporation,
the conductive active layer is etched down to
achieve a recessed gate structure.

Gate metallization:
off procedure.

The gates are formed by a lift-

Nitride protection: The device active region is
covered with a thin layer of silicon nitride to
protect the device from scratches.

6. Air bridge: Source fingers and source pads are con-
nected by air bridge crossover.

via hole/plated heatsink: Holes are etched through
the substrate until the source pad is reached. These
holes are then plated at the same time as the ground
plane.
Device evaluation
1. dc Characterization
Most dc characteristics can be obtained with a

curve tracer. Fig. 1 shows the drain current Ids
versus drain-to-source voltage Vds characteristics
of this 5mm FET. Typical dc parameters of the FET
are: 1Idss = 1100 mA, gm = 300 mmho, and Vp = 4v,
where Idss, gm and Vp indicate the saturated drain
current, transconductance and pinch-off voltage,

respectively.

2. RF performance

The purpose of RF characterization is to obtain
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either an egquivalent circuit for the device or a set
of parameters which describes the transistor operation
by an equivalent circuit. In both cases, the first
step is the measurement of the scattering parameters.
(s-parameters) of the device under different bias con-
ditions and in various freguency range with a network 2.
analyzer. Fig. 2 shows measured sll and s22 from 2 to
12 GHz of this S5mm FET. The bias is set at Vds=9v and
Ids = 500mA which is typical bias used on this device.
Power gain and output power at 1 db compression point
are demonstrated in Fig. 3. Two watt output power and

6 dB gain have been achieved at 1 db compression.

Use of the power FET

The power GaAs FET devices can be used in amplifier or
oscillator circuit. S-parameter and power measurements of
the FET presented in section IV are integral parts of the
microwave circuit development. The circuit development effort
has been concentrated on establishing the microwave circuit
technigques for implementing the power FET in internally

matched FET and amplifier circuit.

1. Computer aided circuit design
The results of the s-parameter measurements pre-
sented in section IV have been used in conjunction
with computer optimization to generate the circuit
elements of the matching networks for IMFET and a
two stage amplifier. Fig. 4 shows the schematic

diagram of IMFET. The input circuit consists of

three lumped inductors(LO, L1, and L2), a low impedance
transmission line TRL1l, and a shunt capacitor Cl. The
Output circuit includes lumped inductor(L3), tramsmission

lines TRL2 and TRL3.

Experimental data

Fig. 5 shows the output power versus frequency of
this IMFET without external tuning. The IMFET has a 3
watt power output at ldbc with a linear gain of 8 dB
from 5.9 to 6.4 GHz. A unigue feature of the 2-stage
amplifier is its compactness. The size of the amplifier
module is 0.5 inch X 0.5 inch. A gain of 21 dB from
4.2 to 4.4 GHz with an output power of 1 watt has been

achieved.
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Fig. 4 Schematic diagram of the internally matched power FET.

Fig. 2 Measured 2-12 GHz Sj; and Sy of the 5 mm power FET.
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ASPECTS OF DISCRIMINATOR DESIGN

Joseph F. Lut:

ABSTRACT
The purpose of this paper 18 to summarize the various
diacriminator typea. The performance of two divergent

implementations (tuned <circuit and delay line) is compared
through design examples. The component values sre calculated
and comparison of the actusl hsrawsre ie made.

The psper begins by defining the various methoda of demodulatinag
an FM signal: differentiation followed by envelope detection and
delay 1line detection. These are discuased in a conceptual
framework. The pertinent equations are then developed and
diascussed. The actusl design procedure is developed for a
balanced alope demodulstor followed by s design exsmple in which
L, R and C valuea are calculated. A calculstor snalyais of this
circuit is presented and compared to the performance of the
Lenkurt 48011 discriminator which aleo usee a balanced slope
demodulator.

The delsy line diacriminator is developed and anslyzed. Design
equstions are developed and a design example worked out. This
example ia compared to the Lenkurt 57040 delay line
discriminator specification. The schematic of the 57040 is also
examined to highlight the amount of design necesssry to
implement such s discriminator.

Also discussed are the techniques for meaasuring the performance
of wideband FM discriminstors used as performance monitors in
long-haul microwave networka. An exanmnple ia GTE Sprint.
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The purpose of a discriminator is to convert carrier frequency
variation into an undistorted baseband output. There are three
basic methods to accomplish this task: 1) differentiation
followed by envelope detection: 2) synchronous detection: 3) FHN
feedback-PLL tracking. In case number one, the differentiation
procesa translates the frequency variations into amplitude
varistiona. The envelope detector is then used to remove the
modulating asignal. This is ahown mathematicslly by equations
1 and 2. Notice thst

Veimit) = coalWct - fn(t)] eqn. (1)

dVem(t) = (We + m(t)) siniwWct « [ m(t)]
at

dVsm(t) = We sin (Wet + m(t)le m(t) (sin Wet - [m(t)
dt egn. (2)

after differentistion the signal consists of both AM snd FM
components. It is from the varying amplitude that the envelope
detector recovera the modulsting signal.

In synchronous detection a quadrature version of the received FM
aignal and the FM aignal are mixed together. In essence what is
happening {s that the csrrier wave is being synchronously beat
to zero frequency with only the desired modulating signal
remaining at the mixer output. Higher order termas will aslso be
present, but they can be removed by s low paaa filter. Later
the equivalence of delsy line detection and synchronous
detection will be establiahed. The delsy line detector ie
easier to implement and provides much the same perforaance as s
true aynchronous detector.

The third way that an FM asignasl can be demodulated 18 to place
an FM sodulator in the feedback loop of an amplifier to perfornm
the inverase of the modulation process. This can be done with s
phase locked loop (PLL). For the PLL to trsck the FM wavefornm,
the control voltage to the VCO must be a replica of the
modulating waveform . This paper will pramarily concentrate on
the first two demodulation methods mentioned. Before continuing
we will discuas some of the sources of noiae and distortion in
an FM demodulator.



NOISE AND DISTORTION IN THE FM DEMODULATION PROCESS

A close look at equation (2) will reveal why it is necesaary to
place a limiter shead of an FM detector, Any carrier amplitude
variations will show up as distortion in the baseband output.
In wideband FM detectors the limiter can further introduce noise
into the baseband by not sufficiently asuppreaasing second order
and higher harmonica, AM to PM converasion and through what are
known aa coupled distortiona. A coupled distortion will result
if there 4is a large IF response slope or group delay variation
acrosa the IF passband. In effect, what one requires ia a flat
amplitude and delay characterjatic ahead of the limiter.

The most wignificant source of diatortion in an FM demodulator
is of course its linearity reaponse. Ideally the baseband
output will be directly proportional to the deviation of the
carrier frequency, (See figure 1a). A good measure of the non-
linearity of the reaponae curve of figure la is to take the
derivative. This ia shown in figure 1b., This is known as the

linearity or derivative response. The atandard deaign goal is
for the linearity to be within 11X over the desired band of
interest. The actual measured affecta of discriminator
non-linearity is shown in figure 2. The linearity can be broken

into two components (as ahown in figure 2): Percent Slope and
Percent Parabolic Linearity. Plotted on the ordinate ia the
signal-to-noise ratio in a 3 kHz slot at 70kHz. This
corresponds to the loweat frequency in an FDM baseband multiplex
group. Across from the S/N ratio on the opposite ordinate ia
the noiae in pWpO. This is also a measure of signal-to-noise
ratio or more preciasely a noiase-to-signal ratio. pWpO atands
for picowatts psophometrically weighted relastive to teat tone.
The paophometric weighting representa the bandpasa charac-
teriatic of a 3 kHz telephone channel as defined by the CCIR.
This unit is peculiar to the telephone industry. The total noise
18 thus the sum of the alope and the parabolic linearity
contributions. A state-of-the-art discriminator can be expected
to function aomewhere in the neighborhood of 20 pWpO.

THE_DIFFERENTIATION/ENVELOPE DETECTION METHOD

A block diagram of this aystem is shown in figure 3.
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Let the modulated amignal now be written ae

Vem(t) = cos (wet +B ain wat) eqn. 3

where:

8 = AF, modulation Index
wm

AF = peak frequency deviation
wm = modulating frequency

and the amplitude of V¢n(t) haas been normalized to 1. The
mathematical analysis of figure 3 shows that the proceas of
differentiation tranafers the angle variation of the cosine
function 4into an amplitude variation, The output of the
differentiation is equation 4, 4 is wva(t), Notice that the
signal at this point has both amplitude modulation and frequency
modulation impressed upon it. The bandwidth of the signal vga(t)
has been increased by 2wy over the bandwidth of the original FM
aignal. The purpose of the envelope detector is to rectify the
signal va(t). This process is shown mathematically by equation
S. The second term of vg(t) is the original modulating aignal.
Not surprisingly, the amplitude of this signal ia directly
proportional to the peak frequency deviation. The low pass
filter of figure 3 passes only the modulating signal. The final
output of the diacriminator will be equstion 6: vpg(t).

The differentiation procesa, if shown graphically, can add a
great deal of inaight to what is actually physically happening.
Consider splitting vep(t) into 2 paths as ashown in figure 4.
The R leg is paassed straight through while the L leg undergoes a
90°© phase shift at the carrier frequency by virtue of the delay
line placed in the L leg. ty is the constant of the delay line
which ia later shown to be the group delay of the network. The
R and the L legs are summed together by a differentiasl amplifier
with gasin Ad. As the deviated carrier awinas above wc, the
delay line retardas the phasae as is shown in the left half of
figure 4. At the maximum positive frequency excursion, the value
of the signal amplitude 18 Rpmin. Likewise, as the signal is
awept to its maximum negative frequency excursion, the amplitude
takes on the value Rpyax. The amplitude modulation imparted to
the signal can now be clearly seen.



After a somewhat lengthy algebraic manipulation the RMS value of
the envelope can be shown to be

VE RMS = Ad  (vi1+sin (awpto) - Y 1-8sin (Awptg)
2
egn. 7

A more conventional way of illustrating the same process 18 to
use the tuned circuit slope detector of figure 5, Here
differertiation 1a accomplished by taking advantage of the
frequency response of a tuned circuit. In this case, however,
note that the frequency reaponse ia different above the center
frequency compared to below the center frequency and the
resultant output 1a8 aslaghtly diastorted.

A more uaseful approach an wideband diacriminators 1a the
balanced slope discriminator, alsc known as the Travis or Round-
Travia detector. A practical circuit end ite frequency
characteristic 18 ahown in figure 6. The Travise circuit uses
two tuned circuita; one tuned above the other and below the
center frequency. The circuite are tuned such that the
non-linear portions of their alopea cancel each other.

Aa an example, assume 1t 1is8 desired to have a 12 MHz 1%
linearity bandwidth with an IF frequency of 70MHz.

A atandard practice ia to lat
6f = 3/2 BW egn. 8
where:

§6f = diaplacement of the tank resonant frequencies from the
IF center frequency.

BW = desired bandwidth (1%)
For 12 MHz BW:
&€ = 3/2¢12) = 18 MHz

The high-side tank will therefore be resonant at 88 MHz and the
low-side tank at S2 MHz.
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Choose the low tank values first by starting with a physicaliy
realizaple value of L. Chooae

L, = 0.4 uH
then

f1. = 1 eqn. 9
27/LLTL

and

CL = 23.4 pF 1}
} £, =+ 52 MHz
L, = 0.4 uH }

In order to balance the overall characteristic, the impecance
magnitude of the low-side tank must equal the impedance of the
high aide tank at 70 MHz.

121.¢(70 MHz)>| = 216 ohms

Now in determining the valuea of the high side tank we need to
aocive two aimultaneoua equationa:

1210 = 124t = _ 1 S egn. 10
IwcCH - 1
jECE“
we o= ___1 egn._11
/CHCH

We = 271 (70 MH2)

Now doing a little algebra we have

LH = 12 ¢fc)1  £24 - £2¢ egn. 12
2 £2y £2¢C

where
fc = IF center frequency
f4 = resonant frequency of high side tank

21 (f£c) = i1mpedance of low side tank at IF center freguency



Now 1n our present example we have
fc = 70 MHz 12 (fc)1 = 216 ohnma
f4 = 88 MHz
fL = 52 MHz
From thia it is found that
Ly = 0.22 uH
CH = 15 pF

Ncw R1 and R2 will be set equal to one another and their value
will be determined by how much buffering the low impedance
driver requires. A good choice in thia caae would be 215 ohma.

Figure 7 is a calculator generated tranafer function, alao known
as an "S" curve for the valuea of L, C, and R just calculated.
This procedure, if necesaary, can then be iterated until a
linear characteristic of the deasired bandwidth ias obtained about
the IF center frequency.

The output of an envelope detector waa given by egn. S5 in figure
3. Spectrally thia output is shown in figure 8. As seen from
figure 8, the ability to demodulate information asignals with a
large bandwidth can be enhanced by increasing wg (the IF
frequency), eliminating the AM-FM term centered at wc, or Dboth.
The wes term can be eliminated by employing a synchronoua
detector. In which case:
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wm < 2w - BWo + 2wy
2
wm £ we - Bwp
49

where BW2 has twice the deviation of the original FM aignal and
is centered at 2 Wes. The block diagram of a synchronous
detector is ahown i1n figure S.

Figure 9 alao shows mathematically how the aynchronoua dJdetector
eliminates the wc term. The input signal VEp(t) is aplit into
two patha, one containing a differentiator, the other a
90-degree phase-shift network. For convenience in Eq. 13, wct *
B ein wpt ia written as (1), The differentiated and phase-
shifted aignala (Eqa. 14 and 15> are multiplied in Eq. 16,
producing the ocutput given in Eq. 17. The output containa two
terma, the low-frequency information or baaseband signal, and a
term centered at 2we. The baseband term ia multiplied by ain
n/2. Should the phase shift be more or leaas than 90 degrees,
the output level will be reduced by the aine of the phaae shift.
The low pasa filter then paases only the baseband aignal to the
following atagea (Eg. 19).

More intuitively what the mathematica is saying is that wve
generate & quadrature reference for use as a local oacillator.
The mixing process now produces an output at twice the 1IF
frequency and at DC, but not at the original IF frequency. If
the local oacillator were not aynchronous, the baaeband level
would become proportional to the random phase angle of the LO.

The problem with the synchronous detector ia that it aleo
requires a differentiator for operation. Thia differentiation
can be implemented through the use of aingle and double tuned
circuits as wmentioned previoualiy. The bandwidth of the
synchronoua detector ias therefore pr:marily a function of the
bandwidth of the differentiator.

Bandwidths of 40 percent can be achieved by employing a
synchronoua detector implemented in delay-line form. Mixer and
delay-line bandwidth now are the factors limitina the overall
detector bandwidth. The deaign is aided also by the fact that a
wideband delay line ie much easier to construct then a wideband
differentiator.



The delay-l:ne detector 18 shown 21n Figure 10. The input signal
1s agsin saplit 1nto two patha, one pssaing through a delsay
network and the otner applied directly to the R port of the

mixer. The delay-line introduces s constant delay of ta = T/4
seconds over the bandwidth. This makes to equal to a phaae
shift of - m/2 at we. Therefore to 18 the group delay (Dg) of

the network, as shown i1n Figure 11. Phase linearity over the IF
bandwidth 18 essential, and can be achieved by uaing lumped
delay lines or, preaferably, an actual quarter wave line,

Thus the signals travel along a parallel path and are equal:
however, the phaa& of the L port leg varies 1in proportion to the
frequency of the moduisting signal. The delay line acts as a
frequency-to-phase converter. The output of a phase comparator
ahould therefore yield the desired baseband ocutput signal.

Looking again at figure« 10, the output of the delay line (Eq.
21) 1a applied directly to the L port of a double-balsnced
mixer. The deiay line, with its linesr phase characteriastics,
ahifts the phase of Vi(t), which 1a directly proportional to the
instantaneous frequency of VFm(t). The inatantanecus frequency
deviation 18 shown in Eq. 22, where Awp is the peak deviation.
The mixer R port receives VFpM(t) directly; the output, Vie), is
shown in Eq. 2%24. When the aignal ia not moduleted, the mixer
I-port output 18 the product of two ainusoids 1n quadrsture, and
ia therefore zerc, As modulation i1s applied, the L and R ports
deviate from quadrature by an amount equal to A w(t)te, where
Aw(t) 18 the instantaneous deviation from the carrier frequency.
I+ :s the deviation from the quadrature thst determines the
aensitivaity of the detector.

The output contains two components, one at baseband and the
other at 2we. However, the information signal, Aw(t), 18 now
embedded 1n a si1ne function because the mixer 18 acting aa a
phase detector with a tranafer function that 1s ainusoidal. The
output term is now:

Kad2 ain  (Aw(t) to) eqn. 27

£
over some range of pnase deviation:

s1n (Aw(titg) = AwW(tites egn. 28
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and:

volt) = KmAZ Awttdto egn. 29
2
= KmA2 Awptosinupt edn. 30
2
where:
Aw(t) =4 wp sinWnpt
Auwp = peak frequency deviation, rads’s

The linearity of the detector 18 now s function of the peak
fraquency group-delay product. Llinearity 18 generaily reguired
to be leaa than 1 percent, which requires that:

to. %24 fp = pesk ftrequency eqn. 31
2rfp devistion

Thia must also be consistent with the earlier constraint (to =
T/4) impoased on the delay line for a given phaase. Figure 12
shows a phase detector’s deviation from linearity tor 8 given
phase. Since Awp is usually set at the transmitter in
accordance with aome level of FM quieting, then, tp, the group
delay of tha network, 1ia left as the primary determining factor
of detector senaitivaty 8nd linearity. Delay networks csn be
implemented in several forma. Bandpass filtera provide large
group delay at the expense of bandwidth. For systems where M
bandwidth is 40 percent, a delay line composed of @& conetant K
low-paas filter is good and can be made nicely in two sections
at an IF of 70 MHz (tpo = 3.57 ns at 70 MH2).

PERFORMANCE MEASUREMENT
The performence of wideband discraiminators 1sa generally measured

with & white noise test set. In thia type of teat arrangement
white gaussian noise is used to modulate a teat nodem of Known

linearity. The white noise level 1a adjusted to simulate the
levels which would be encountered under live traffic busy hour
conditions. This level 18 called nominal loading. A typica.

test set up is shown in Figure 13. By using & notch filter a
small band that 1s tranamitted contsins no energy. Any energy
Wwhich can be measuraed in that slot at the receiver is the result
of distortiona i1n the discraiminator.
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Actually, it is imposaible to tell how much distortion is really
due to the discriminator and how much distortion 18 due to tha
reference modulator. For purposes of aimplafication we can
assure here that the reference modulator distortion products are
negligible when compared to the discriminator.

The powaer output of the discriminator 1s ncw adjusted 10 dB
above and below the nominal loading to observe the diacriminator
diatortion mechaniana. As the devistion ie backed off (white
power level reduced) the intermodulat:ion distortion prcducts
becore leasas and leas and the only noiee i1n the syatem is the
thermal noise. Aa the deviation is increased, the diacriminator
can exhibit all orders of non linearity, 2nc order, 3rd order,
Sth order, etc.

The Lenkukrt 57040 delay line diascriminator is wusea by GTE
Sprint as a performance monitor in their long distance microwave
radio network. The discriminstor is used to drop tha signal to
baaeband where it is passed along to an out-of-band noiae slot
monitor. Shcould the noise in that alot at anytime exceed &
preacribed level, an alarm is activated and automatic protection
measurea are initiated.

i. Clarke-Hesa, Communications Circuits

,__Circuits Anaiysie and Design,
Addiaon-Wealy 1971,

730 Lutz, J.F., "Synchronoua Delay Line Detector Provides
Wideband Performance*, Microwaves ana RF, Nov. 1982,
Vol. 21, No. 12, pp. 71-79.

3 Harp, M.C., "Quantitative Data on Microwave System
Degrasdation”, Lenkurt Microwave Technicel FRepcrt No. 41,
Dec. 28, 1966.
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Kg = envelope detector constant

FM DETECTION BY DIFFERENTIATION AND
ENVELOPE DETECTION

Figure 3
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BALANCED SLOPE DISCRIMINATOR
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ABSTRACT:
Precision - Glitch Free RF Step Attenuator

Glitch free step attenuators can be used to solve several
difficult problems in both system design and test equipment
applications. Embedding a standard step attenuator in the feedback
loop of an AGC can yield a step attenuator with the accuracy of the
original with no glitch during level switching. Circuit features that
lead to enhanced capabilities with improved teaperature compensation
are described at block diagram level. Examples of applications are

included by way of illustration of the power of the technique.
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Application of the Technique:

The increased use of computer controlled RF communications
equipment has led to the need for variable attenuators controllable in
the discrete steps understood by the controlling equipment. Some of
these applications do not have a requirement for no interruption in
the RF signal path during level switching. These applications have the
luxury of using standard step attenuators driven with RF relays or FET
switches. The systems that require uninterrupted RF while switching
have had to rely on continuously variable attenuators with some sort
of digital to analog conversion added to yield a step response. This
introduces a severe problem, which is the mapping of the digital
control words to the response of the attenuator. The use of matching
proms and analog linearizers has had some success but is in general an
inferior solution to the problem. This is because of the failure of
the linearizing schemes to adequately allow for temperature and time
dependencies of the attenuation element. Once calibrated does not
imply always calibrated with these schemes.

What is the possible application of this glitch free attenuator?
Picture the typical satellite communications network with
geographically separated ground stations. In a military environment as
well as critical civilian applications it is important that
communications continue at error rates above some predetermined
threshold even in the presence of local rain fading conditions. Now
the problem becomes one of raising the transmit power on the uplinks
to a level sufficient for adequate communications performance with
fading. Unfortunately all the stations are not experiencing fading at
the same time. Since the satellite is primarily down link power

limited and not bandwidth limited, the effect of the link overhead for



Precision Glitch - Free RF Step Attenuator
intermittent fading is to limit the number of users of a single
transponder based on global worst case conditions. With some means of
controlling the link power as conditions change the user overhead
power can be reallocated to additional users. A pool of residual power
capability could be allocated on a real time or near real time basis
and still meet the requirement for error rate performance in the user
community with more users for a given system. It should be clear that
any interruption in the signal would have a tremendous adverse effect
on the usefulness of the power control system. The details of the
operation of this adaptive link power control system is not the point
of this paper but it does point out a prime application of a glitch
free RF attenuator as an uplink power controlling element.

One possible system level use for the glitch free attenuator
has been described above. What about applications of a more mundane
nature? The glitch free attenuator finds application in the lab and on
the assembly line when it comes time to test high performance
communications equipment at the limits of it°'s required performance
speci fications. For example, When testing a high performance
modem it is often necessary to characterize that modems performance at
signal to noise ratios where it‘s required to remain locked but not
to perform initial acquisition at that S/N. The typical test set
consisting of step attenuators and noise source has a weakness in this
type of test scenario. That weakness is in the area of transients
introduced to the signal path when the test S/N is changed. These
transients can cause the modem to lose lock at a signal to noise ratio
they are required to operate at. These transients constitute an unfair
test and degrade the reliability of the test data. With a glitch free

step attenuator it is pos2ible to sneak up on the S/N ratio so that
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the modem only loses lock when it is its own fault and not due to the
manner in which the test was conducted.

Description of the Circuit Topology :

The key to creating a glitch free step attenuator is controlling
the transition in level with a high degree of certainty. Suppose that
a conventional step attenuator is placed in the feedback loop of an
AGC circuit as shown in figure 1. It can be seen that the output level
is controlled as an inverse function of the attenuation setting of the
step control element as the loop strives to keep the level at the
input to the detector constant. While making the loop filter
parameters such that the response to changes in the state of the step
control element is very slow, then very little switch transient will
appear at the output. The complication comes in when it is desirable
for the loop to seek the new quiescent point rapidly. It becomes
necessary to include a track and hold circuit to the input to the loop
filter that can be commanded to "hold" just prior to changes in the
state of the control element and then released after all transient
behavior of the control element has abated. The improved circuit is
shown in figure 2. Also shown is the addition of a differential power
detector for the loop error signal generation. The circuit of figure 1
is only a programmable output level device and not a true programmable
attenuator. The addition of the differential power detector allow
changes in the input level to be carried through to the output
independent of the action of the other leg of the loop. It is worth
noting however that any fluctuations in the input power show up at the
output only after having been detected and passed through the loop
filter. This feedforward technique can place some restriction on the

rate of change of the input power level due to the bandwidth
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associated with the control loop. This is not normally a severe
constraint and can be partially countered by making the feedforward
input of the power detector have a higher gain than the feedback input
of the detector. So far this has not been required in any system where
this technique has been employed. Since the feedforward action of the
loop relies on the action of the loop control elements to accurately
convert the detector input level change to a corresponding loop error
term this places a constraint on the linearity of both the power
detector and the loop control element. For most applications these
constraints can be met with off the shelf components at relatively low
cost.
Loop Control Element

Shown in figure 3 is the simplified schematic of a voltage
variable attenuator with a linear range of approximately 30 dB. The
prime control elements are a pair of Watkins—-Johnson Wl-G1's. The
WI-LG1 is a linearizer circuit that is specially designed to yield a
linear attenuation versus voltage when used in concert with a G1 PIN
diode attenuator. The linearity of the control element is more
important in this application than in the typical AGC loop due to a
couple of reasons. As mentioned before, the accuracy of the
feedforward of changes in the input power level is a function of the
control element linearity, Also if the step attenuator is to respond
to both the feedforward control and step attenuator changes in a
timely manner it is desirable to have the loop bandwidth relatively
wide. The actual requirements will be different for each application.
It can be shown that the loop bandwidth for a first order type loop is
inversely proportional to the gain constants of the detector and

control element. Nonlinearities in the response of either element can
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lead to undesirable changes in loop bandwidth dependent on the
operating point of the loop. Hence the need for the linearizer in the
control element. This circuit has no tuned elements and has a usable
frequency range of 5 to 1000 MHz. The OP-AMP is used to convert the O
to -10 volt control range of the LG1 into a O to +10 volt control
range and provide a low impedance driver for the linearizer. If the
output impedance of the driver is too high the slew rate of the
control voltage is fairly dramatically limited.
Differential Power Detector

Shown in figure 4 is the simplified schematic of the differential
input power detector with the track and hold switch included. If low
offset OP-AMFS are used in the loop filter section and the assumption
is made that the hold time is small compared to the track time there
is no requirement for a hold capacitor as such. Simply disabling the
input to the loop filter integrator will cause the loop filter to
remain fixed at the value just prior to the onset of level switching.
Once the transients on the power detector have died out the loop
filter input is reenabled and the loop readjusts to the new quiescent
state is an orderly manner. Careful design of the loop filter response
guar antees no overshoot during the readjustment of the loop operating
point and hence no glitch on the output signal level. By buying the
detector diodes as lot matched pairs the D.C. offset between the two
detector leg; is virtually zero and the response to input power input
changes is symmetrical. The diodes are D.C. grounded at the input by a
relatively low impedance so that the bias current is unaffected by
differing power level inputs. The use of temperature compensating
voltage references for generating the bias currents for the diodes as

well as the loop set point adjustment contributes to the exceptional
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temperature stability of this loop. The symmetrical arrangement of the
control loop and the power detector make the question of age stability
less of a concern. The net result is a glitch free step attenuator
with the superior accuracy and repeatablity performance of readily
available step attenuators with the smooth transition in output level

normally associated with analog attenuators.
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Figure 1. Basic Step Attenuator Block Diagram
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ABSTRACT

FUUMHz , 220 WATT AMFLIFIER

K4212

This high power amplifier utilizes the
design advantages of the MRF898 to produce
a high power, high efficiency broadband
ampifier. Four Motorola 24 volt/s60 watt
(MRFB898) transistors are paralleled

using power dividing and combining
techniques to produce a 220 watt, 900

MHz power amplifier.

The MRF898 is a state of the art device
which incorporates double section input
and output internal matching to achieve
superior perfromance. Due to the
internal matching of the MRF898, simple
microstrip trans- mission line
techniques are all that are required to
externally match the device. In
addition to simplifed matching, the
MRFB898 also exhibits good thermal
performance (typically less than 1

MoToROLA SEMICONDUCTOR
Propbucts Sector

& C/watt) as well as high efficiency
é (typically 407 across the 800 MHz band).
=
a The amplifier is driven by a thr-=e
> stage, 40 watt amplifier which urtilizes
;5 an MRFB898 as it’'s third stage. the end
& result is a multistage amplifier which
produces a 220 Watt output for a
250 mW drive across the 850 MHz to 900
MHz band.
INTRODUCT ION

The 800-960 MHz band is rapidly becoming the most active
area of new product development for the UHF spectrum.
Applications such as cellular telephone, paging systems, and
truncking/dispatch systems are all placing new demands on the
design and production of RF components and circuitry. To
help meet these demands, Motorola Semiconductor ‘s RF Land

Mobile Group has recently introduced several new 800 MHz

900 MHz, 220 WATT AMPLIFIER DESIGN
(BASE STATION APPLICATIONS)

RF transistors into its products portfolio.
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Included in this introduction are two 24 Volt devices
slated for base station applications. They are the MRF891

and the MRF898 (see figures t & 2). The MRF891 is a 5 watt

high gain (typically 9.3dB) device packaged in a CS12 flange.

The MRF898 employs a new design approach to UHF transistors
by incorporating 2 sections of internal input and output
matching. The use of such a matching scheme gives
elevated input and output impedances, higher broadband
efficiencies, and 1mproved thermal performance over previous
devices.

This paper describes the design, construction and
per formance of a 220 Watt, 850-900MHz, multistage ampilifier
which uses both the MKRF891 and MRFB898 as well as the MRF892.
i1t is not the intent of this paper to demcnstrate a new
exotic design that will squeek a trifle more
performance out of ymsterday’'s transistors. Instead, it is
intended tc show the simplicity and reliablity that

may be achieved using tomorrow’'s technology.

FFOJECT QVERVIEW

The amplifier lineup consists of a 3 ~tage amplifier
dr;ving a high power single stage output amplifier. Though
the two amplifiers have been designed to operate together,
the driver amplifier also serves as a good 50 Watt stand
alone amplifier. This is particularly useful i1n lower power
applications such as cellular base stations where peak power
requirements are somewhat lower.

The driver amplifier provides the majority of the gain
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Fieure 1.

MRF891

NPN SILICON RF POWER TRANSISTOR
... DESIGNED FOR 24 VOLT UHF LARGE-SIGNAL, COMMON-

EMITTER AMPLIFIER APPLICATIONS IN INDUSTRIAL AND

COMMERCIAL FM EQUIPMENT OPERATING IN THE RANGE

OF 800 ~ 960 MHz.

e SPECIFIED 24 VOLT, 900 MHz CHARACTERISTICS

5 WATTS

MINIMUM GAIN = 9.0dB

EFFICIENCY = 50%
e GUARANTEED TO WITHSTAND 20

OUTPUT POWER

:1 VSWR LOAD

MISMATCH AT RATED OUTPUT POWER AND SUPPLY

VOLTAGE
e GOLD METALLIZED, EMITTER BALLASTED FOR LONG

LIFE AND RESISTANCE TO METAL MIGRATION

e SILICON NITRIDE PASSIVATED

Ka2t4

e CS12 PACKAGE FOR TOP SURFACE MOUNTING



Fieure 2.

MRF898

NPN SILICON RF POWER TRANSISTOR
... DESIGNED FOR 24 VOLT UHF LARGE SIGNAL, COMMON-

BASE AMPLIFIER APPLICATIONS IN INDUSTRIAL AND

COMMERCIAL FM EQUIPMENT OPERATING IN THE RANGE

OF 800 ~ 960 MHz.

e MOTOROLA ADVANCED AMPLIFIER CONCEPT

PACKAGE
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