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PRACTICAL WIDEBAND RF POWER TRANSFORMERS, 
COMBINERS, AND SPLITTERS 

by 

Roderick K. Blocksome 
Manager, HF PA/PS Design Group 

Rockwell International 
High Frequency Communications Division 

655 35th Street, NE 
Cedar Rapids, Iowa 52498 

INTRODUCTION 

This paper will deal with the practical aspects of designing 

and building wideband RF power transformers, combiners (or 

hybrids), and splitters. Emphasis will be on topology. A 

consistent approach to represent these transformers pictorially 

and schematically with equivalent circuits showing source and 

load connections will be developed to help provide an intuitive 

understanding of the devices. Laboratory test data comparing 

various designs and topologies is included. 

Modern solid state HF power amplifiers are required to 

operate over increasingly wider bandwidths and at higher power 

levels for applications in communications as well as electronic 

countermeasures. Wideband RF power transformers are required 

for coupling into and out of the solid state devices. The 

conventional or so-called "wire-wound" transformer and two 

topologies of the transmission line transformer ( conventional 

and equal delay) are presented. 

A wideband RF power combiner ( or hybrid) is required to 

achieve output levels above the capabilities of a single solid 

state amplifier stage. The RF outputs of two or more identical 

amplifier modules can be combined to reach these higher powers. 

Design examples of in-phase, 180-degree, and quadrature 

combiners are detailed. Two basic topologies for in-phase and 

180-degree combiners are presented. 

A wideband RF power splitter ( or divider) is simply a 

combiner or hybrid used in reverse. The splitter topology is 

the same as a combiner, however splitters are usually operated 

at lower power levels. The discussion centers around combiners 

but is equally applicable to power splitter applications. 

TRANSFOReWR$ 

The bandwidth of rf transformers does not refer to the usual 

-3 dB points since in power applications this represents an 

unacceptable loss. Typical HF amplifier designs require 

operation from 2 to 30 MHz and sometimes lower to 1.6 MHz. The 

transformer losses must be as low as possible over this 

operational bandwidth. Transformer losses translate to heat 

that must be removed as well as extra power that must be 

supplied by the transistors ( at the collector/drain efficiency) 

and ultimately by the power supply ( at its conversion 

efficiency). A few tenths of a dB of unnecessary loss in output 

1 



r-9 aez um eme mes=te= =a u=s  cm =I =e cm e= 1=9 =1 cs = = _ __ 



transformers or combiners can mean significant increases in 

primary power consumption. 

New RF power FET devices have operational bandwidths of 1 to 

175 MHz making possible extended range amplifiers covering HF 

and the lower VHF frequencies. Transformer designs covering 

over six octaves of bandwidth are required. 

A wideband RF power transformer performs one or more of any 

combination of three basic functions: 

(a) Impedance transformation 

(b) Balanced to unbalanced transformation 

(c) Phase inversion 

Transformation of a secondary load to a desired load 

impedance at the primary of the transformer is the most common 

function. RF transformers are often referred to by their 

impedance transformation ratio rather than primary to secondary 

turns ratio. The former is simply the turns ratio squared. In 

this application, we are most often interested in manipulating 

impedances rather than voltages or currents with the 

transformers. Balanced-to- unbalanced transformers, commonly 

termed "Baluns" are extremely useful in wideband amplifier 

designs. A single- ended load can be driven by a push-pull 

(balanced) source or vice-versa by using a balun transformer. A 

wideband transformer can also perform a phase reversal from 

primary to secondary by proper winding connections. 

2 

Transformer connections between a source and a load may be 

either balanced or unbalanced. Additionally, the balanced 

source or load may be either entirely floating or with center 

grounded such as two single ended sources phased 1(W-degrees 

apart or a load resistor with grounded center tap. The 

distinction between "balanced, floating" and "balanced, center 

grounded" may seem unimportant for wideband transformer design, 

but it is not. A proposed balun transformer equivalent circuit 

with source and load connected should be drawn showing the 

magnetization current path. 

Figure 1 ( a) is an example of a simple 1:1 balun with a 

floating balanced load. The magnetization current, im , flows 

through the load resistor as shown. Figure 1 ( b) illustrates 

what happens to the magnetization current path if the balanced 

load is changed to a balanced, center tap grounded load. The 

magnetization current flows through only one winding and only 

one-half of the load resistance. This causes undesirable phase 

and amplitude imbalance in the balun restricting the bardwidth. 

The balance can be restored by using a third or tertiary 

winding, as shown in figure 1 ( c), to shunt the magnetization 

current around the load. This illustrates the necessity of 

considering the type of source and load connections when 

selecting wideband transformer topologies. 
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Introduction 

This paper presents several programs which utilize the 

interactive graphics capability of a desk top computer to aid 

the RF circuit design engineer. High frequency amplifier 

design of class A power amplifiers, low noise design and 

stability analysis are discussed. Computer aided graphics is 

demonstrated which assist the designer in the appropiate 

tradeoffs. An interactive routine which handles the 

communications receiver cascade of noise and distortion is 

presented along with a "what- if- scenario - applied to a 

typical receiver system. Finally,, a program which 

computerizes the Smith Chart and provides aid in broadband 

impedance matching is demonstrated. 

The routines were developed on the Hewlett-Packard series 200 

personal computer which features an excellent graphics 

oriented BASIC language and the capability of interactive 

control of program variables while the program is operating. 

These features are not ncessarily limited to the series 200 

computers of HP. In fact many of todays personal computers 

have excellent high resolution graphics end various forma of 

interactive control ( i.e. light pens, peddles, joystick 

control and live keyboard). The routines to be discussed will 

concentrate on the following specific eeeee: 

1. Class A power amplifier design 

2. Small signal amplifier stability 

3. Noise figure/ gain/ end VSWR optimization of amplifiers 

4. Smith Chart and interactive graphics aid in broadband 

matching 

5. Noise figure/ gain/ distortion of linear cascaded 

networks. Interaction aids in the optimization of a given 

cascade. 

Class A Power Amplifier Design 

Numerous occasions arise for the need of a small signal 

linear power amplifier. Normally the design criteria if the 

device is unconditionally stable is to provide for 

simultaneous conjugate match at the input and output. If low 
noise performance is desired than the designer seeks to find 

the optimum source reflection coefficient and then congugate 

match the output and maximize the amplifier transducer gain. 

At the same time the designer strives to minimize the input 

VSWR 1 1 3. We will discuss these criteria in more detail: 

but for now the mein interest is to provide maximum output 
power to the load while operating the device Class A. A good 

design approach to this problem was presented by Richter end 



The nine possible transformer connections are given below: 

(A) BALANCED LOAD, FLOATING 

2 IBI BALANCED LOAD. CENTER GROUNDED 

(CI BALANCED LOAD. CENTER GROUNDED WITH TERTIARY 
WINDING (C-C) 

FIGURE 1 1 1 TRANSMISSION LINE GALON 
TRANSFORMERS 

3 

SOURCE   

Unbalanced 

Unbalanced 

Unbalanced 

Balanced, floating 

Balanced, floating 

Balanced, floating 

Balanced, center grounded 

Balanced, center grounded 

Balanced, center grounded 

LOAD  

Unbalanced 

Balanced, floating 

Balanced, center grounded 

Unbalanced 

Balanced, floating 

Balanced, center grounded 

Unbalanced 

Balanced, floating 

Balanced, center grounded 

Wideband RF transformers and combiners typically use a 

magnetic core. The magnetic cores used in wideband RF 

transformers are available in a wide variety of shapes and 

sizes. Balun core, toroidal, sleeves, tubes, beads, and cup 

cores are the common names for the various shapes. The earliest 

material used was powdered iron followed by modern ferrites. 

Ferrite is composed of iron oxide in combination with various 

proportions of oxides of manganese, magnesiun, nickel, and 

zinc. In general the ferrites composed of iron, nickel, and 

zinc are applicable for the HF/VHF frequencies. Various mixes 

of ferrites are available. A high permeability and moderatel} 

low loss material is used for HF/VPF power transformers. 

Operational flux densities must be kept well within the linear 

portion of the B- H curve of the rcaterial. The area inside the 
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and again by D. Rosemarin end M. Chorev 1 2 ), t 3 3. Their 

technique is based on choosing the optimum load conductance 

for a device operating class A at a given collector vo.'.age 

and collector current. If the device is not to limit on 

voltage swing or peak output current then the optimum load 

conductance is given by 

Glopt.lcq(me.)/Vcc(volts). 

If the load conductance la less than the Glopt then the 

maximum class A output power is given by 

Pl(mw).(Vcc /2) GI ( current limited) 

and if the load conductance is greater then Gopt then 

Pl(mw).(Icc /2 Gl) ( voltage limited). 

Power loci are plotted graphically on the Smith chart as 

constant conductance contours. The center center end radius 

as measured from the center of the unit circle chart are 

given by 

raGln/(1•Gln) and /(:). 1/(1•Gln) 

where Gln is the normalized load conducbence. At the voltage 

end current specified the device S- parameters are measured. 

Given the S p ters, constant output gain contours are 

calculated and also plotted on the Smith Chart as circular 

loci t 1 ). With the plot of power gain circles and power 

output circles displayed together it is now possible to 

visually see the trade-off between maximizing the power 

output and power gain. It is not uncommon to lose several dB 

of power output by simultaneously congugete matching the 

device. Instead, maximizing the power output may only result 

in a few tenths of e dB lose in power gain. In E 2 ) the 

authors show that the location of the optimum output load 

reflection coefficient is a susceptence contour on the unit 

circle Smith chart. This contour is the locus of tangency of 

optimum power output and all the respective gain contours and 

is shown in Figure 1 ). 

With all this information shown graphically it is now 

possible to tune the load reflection coefficient end observe 

the tradeoff in power output, power gain, and potential input 

and output VSWR. This is achieved in the computer program by 

allowing the forced load reflection coefficient ( L ) to be 

-tuned" interactively and observing 

RF Technology Expo 86 

the location of the required source reflection coefficient 

conjugate matched input ( • S ). At the same time the actual 

load reflection coefficient ( • L ) for conjugate matched 

input is displayed thus allowing the designer to minimize the 

output VSWR. Figures ( 2 ) and ( 3 ) demonstrate that if the 

device were conjugate matched the output power would be 

reduced by 4.8 db from the maximum. On the other hand 

maximizing the power output only reduces the power gain by 

1.1 db, clearly a good tradeoff! 

Small Signal Amplifier Stability 

The load and source reflection coefficient must be carefully 

chosen if the device is conditionally stable. Inspection of 

the Linvill stability factor C, t 4 ) or the Rollet stability 

factor K, I 5 ) aid in determining the probability of 

oscillation. Both the Linvill and Rollet stability factors 

are obtained from the measured Y parameters or S parameters 

respectfully. In addition to checking the value of C which 

must be leas then 1 to ensure stability, the velues of yll 
and y22 must both be positive end real for all possible 

values of real source and load combinations. Using 5 

parameters end the K factor a similier set of criteria exiet. 

Many individuals look at the K factor alone end this is a 

necessary condition for stability but not sufficent t 6 3. 

The interactive graphics of the next routine demonstrate this 

vividly and Figures ( 4 ) through ( 6 ) show the results. In 

summary a good criterion for unconditional stability is given 

in 11,63 end repeated here for reference. 

1. K>1 end tAt < 1 where 161 a iallas22-.12es211 or 

2. K>1 and BI . 1. 111(111 2 - 16221 11 - I All > 0 

The computer aided design routines presented here illustrate 
the stable regions of the Smith chart by circular regions. 

Depending on the location of these region, the inside of the 

circular regions may or may not provide e stable load or 

source reflection coefficient. Consider the previous figures 

(4,5,6). Interactive control of the load reflection 

coefficient (. L) allows you to position the load on either a 

constant VSWR circle or on a constant gain circle. As long 

as the forced load reflection coefficient remains inside the 

output stable region circle the source reflection coefficient 

(. S) end the actual load reflection coefficient L) remain 

positive end reel. As the forced load reflection coefficient 

approaches the edge of the output stable region the source 

reflection coefficient approaches the edge of the unit circle 

2 



B- H curve represents the relative loss, therefore the narrow 

curves are preferred for low loss designs. Detailed information 

is available from the various ferrite manufacturers. 

Core losses and winding dielectric losses heat the core. 

The core temperature must be held well below the Curie 

temperature of the ferrite, otherwise the magnetic properties of 

the ferrite will be permanently altered. Operation near the 

Curie temperature is not recommended as some materials can go 

into thermal runaway. The high temperature increases the core 

loss which in turn further increases the core temperature until 

the core is ruined. 

CONVENTIONAL OR "WIRE-WOUND TRANSFORMERS" 

The conventional broadband RF transformer is characterized 

by a power transfer from the primary to secondary windings via 

magnetic coupling through the ferrite core. The transmission 

line transformer, by contrast, is characterized by the use of a 

transmission line of characteristic impedance, Zo , and a 

ferrite core. The core suppresses common mode or 

non- transmission line currents which would otherwise flow due to 

the transmission line interconnections. A core wound with wire 

may or may not be a conventional transformer, depending upon how 

the source and load are connected. Figure 2 illustrates this 

distinction. 

4 

PICTORIAL 

\ FERRITE SLEEVE 

(AI CONVENTIONAL OR WIRE WOUND TRANSFORMER Il 1 
BAL UNI 

TWISTED PAIR WIRE 

A /FERRITE SLEEVE 

SOURCE 

PIC TORIAL 
3n 

LOAD 

A A 

Li 
SCHEMATIC 

(BI TRANSMISSION LINE TRANSFORMER II 1 BALUNI 

FIGURE 2 COMPARISON OF CONVENTIONAL AND 
TRANSMISSION LINE TRANSFORMERS 

In general, the conventional transformer is inferior to the 

transmission line transformer for the combination of high power 

capability, low loss, and wide bandwidth. The conventional 

transformer can be constructed for a wider range of impedance 

transformation ratios than the transmission line type. Some 

ratios will have wider bandwidths than others due to the nuntel 

of turns to achieve the desited turns ratio.- There are no 

fractional turns. If the wire or line passes through the core, 

it is one turn. 
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Smith chart. A movement of the load reflection around the 

outside of the stable circle will force the source reflection 

coefficient to trace out the complete outside edge of the 
Smith chart. Further movement of the load reflection 

coefficient outside of the stable region will force the 
source reflection coefficient to move outside the Smith Chart 

,r>i implies negative real resistive component) and could 
produce amplifier instability. If the combination of forced 

load reflection coefficient and actual load reflection 

coefficient le still net positive and real then no 

oscillation will be present. On the other hand il this is 
not the case then both the input and output ports of the 

device are negative real end oscillation will occur. The 

interactive graphic nature of the program allows assessment 

of the amplifier stability es the load ( or the source) 

reflection coefficient is varied. 

Low Noise Amplifier Design 

Device noise figure is a function of the source reflection 

coefficient. Minimization of noise figure and maximizing the 

amplifier gain is the desired design goal. Adler f 7 7 

defines a noise measure end Fukui f 8 3 applies this concept 

or technique to aid in optimizing e low noise amplifier 

design. Interactive graphics provides another method for 

observing the tradeoffs involved. A plot of amplifier 
constant gain contours along with noise contours allows a 

visual tradeoff to be made 1 9 7. 

Normally the approach taken is to seek the source reflection 

coefficient which minimizes the noise figure while maximizing 

the transistor transducer power gain. This results in 

minimizing the noise measure of the device. Unfortunetly if 

the source reflection coefficient for mimimum noise figure 

differs from the actual device input impedance then the input 

VSWR could suffer. One approach to this problem is to apply 

feedback around the device ln an attempt to force the maximum 

device gain to coincide with the minimum noise figure point 

110,117. Another approach is to adjust the load reflection 

coefficent interactively and ob  the source reflection 

coefficient movement. What we seek is e forced load 

reflection coefficient value which yields the maximum 

available gain and at the same time causes the source 

reflection coefficient to minimize the device noise figure. 

At the same time the actual load reflection coefficient 

should ideely be close to the forced load reflection 

coefficient in order to minimize the output VSWR. This 

approach has the benefit of minimizing the input VSWR end 
therefore preventing input mismatch loss from further 

3 
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degerading the system noise figure. Figures 1 7 ) end ( 8 ) 
illustrates thr results for one device. 

Computerizing the Smith Chart 

The Smith chart is an indespensible graphical tool which 

solves a number of RF design related problems. The 

interactive graphics of a personal computer further enhances 

this tool and provides for additional insight into your 

design problem. A major application is in impedance 

matching, narrow bend as well as broadband. A number of 

articles have add d this application including corputer 

oriented routines 112,133. The routine demonstrated here 

provides the solution to the ladder matching network by 

solving the transmission matrix or chain matrix of each 
element in the ladder. The chain matrix of any of 12 

different element types are included as subroutines. Both 

parallel and series forms of R,L,C, transmission lines,tuned 

circuits and ideal transformers are included. The benefits 
of interactive tuning are quite evident in this application, 

which allows the designer to literally tweak element values 

in the matching network with the Smith chart es the graphic 

beckround. Thus the designer can optimize VSWR and 

bandwidth. In addition the tune feature allows a feeling for 

element sensitivity as well as which components would lend 
themselves to optimization in matching say e broadband 

amplifier. As an example in applying this routine we 
demonstrate the impedance matching technique presented by 

Thomas 114,15) in his text. Figure 1 9 ) illustrates the 

Smith chart divided into 4 high Q regions. Depending on the 

region we wish to match to the center of the chart en 

appropriate network topology is selected. Figure ( 10 ) 

shows the tuning procedure es each element is -tweaked - and 
the final VSWR is reduced from 30:1 to less than 3:1. 

The sensitivity of maintaining a low VSWR in a broadband 

match can also be investigated through interactive graphing 

and the Smith chart. The methodology for synthesizing in 

closed form optimum broadband matching networks is discussed 

in Chen's text and in Apel's work ( 16,177. Figure ( 11 ) 

shows the results of applying C 17 ] to the match of a GaAs 

FET end then varying one of the elements in the ladder match. 

The extent to which this element is changed before a VSWR of 

2:1 or greater is exceeded becomes quickly apparent. 



Figure 3 is a conventional transformer that finds wide usage 

at low impedances ( 3 to 20 ohms). The core is commonly referred 

to as a balun core, yet the transformer may or may not be 

connected to perform as a balun. Metal sleeves of copper or 

brass are inserted into the core and connected together at one 

end to form a primary winding. Connections to the circuit are 

made at each of the two sleeves at the opposite end. Two pieces 

of copper clad G-10 circuit board work nicely at each end. The 

secondary winding is constructed by winding the required turns 

of insulated wire through the primary tubes. 

SECONDARY (3 TURNS) 
TEFLON 
WIRE 

COPPER CLAD G-10 

PRIMARY Il TURN) 

(A) FRONT VIEW 

II 
II 

COPPER OR BRASS SLEEVES 
SOLDERED TO THE G-10 END PIECES 

(B) REAR VIEW 

A 

(C) SCHEMATIC REPRESENTATION 

FIGURE 3 EXAMPLE OF A 1 9 IMPEDANCE RATIO 
CONVENTIONAL TRANSFORMER 

5 

One of the factors limiting the high frequency response of 

the transformer is leakage inductance. Leakage inductance is 

due to any flux lines that do not link the primary and the 

secondary. To minimize the leakage inductance, the primary 

copper tubes should fit quite close in the core holes. They 

should not be so tight that thermal expansion will cause the 

core to break. The lead inductances of the primary and 

secondary windings from the point they exit the core to the 

circuit connection will also limit performance at the high 

frequency end, especially on low impedance applications. Shunt 

capacitance on either the primary or secondary or both will 

compensate the leakage reactance and extend the useful high 

frequency limit. 

TRANSMISSION LINE TRANSFORMERS 

The simplest transmission line transformer is a 

quarter-wavelength line whose characteristic impedance, Zc , is 

chosen to give the correct impedance transformation. This 

relationship is illustrated in figure 4. Pote that this 

transformer is a narrowband device valid only at frequencies for 

which the line is odd multiples of a quarter wavelenoth. The 

transformation ratio is given by the square of the ratio of the 

line impedance to the load connected to the line. 
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Noise Figure, Gain, and Distortion of Linear Cascaded 

Networks 

Communication systems require the proper distribution of 

gain, noise, and linearity in order to provide the maximurfl 
dynamic range. This requires a proper tradeoff in each stage 

for noise figure, gain,, end maximum signal handling ability 

before distortion sets in. One method for the 

characterization of a communucations receiver distortion is 

to use the intercept method 1 18 ). This figure of merit 
coupled with e stage- by- stage description of noise figure, 

gain, end selectivity provides a complete description of the 

receiver performance ( 19,20). A graphic presentation of each 

stage contribution to the total noise figure or distortion 

aids the designer in seeing which stage in the cascade is the 

most offensive. Then interactive tuning of each stage gain, 

noise figure or third order input intercept allows 

optimization as well es e sensitivity analysis of the 

receiving system dynamic range. Figure ( 12 ) shows e 9 stage 
cascade including RF amplifier, mixers and crystal filters. 

Figure ( 13 ) is e plot of the individual stage noise figure 

contribution end Figure ( 14 ) is a plot of intermodulation 

distortion contributions. At a glance the designer can see 

which stages are causing the distortion level to fall below 
a specified goal. By adjusting or tuning each stage an 

optimum gain, noise figure distribution will result. Any 

increase in gain, for example stage /, results in improved 

sensitivity but et the expense of degraded third order 

distortion due to larger input signal levels present et the 

earlier stages. A decrease in front-end gain in stage Ir 
lowers the third order distortion, but degrades the system 
noise figure end sensitivity. Thus, a lower system dynamic 

range occurs. 

Conclusions 

The RF design engineer will benefit from the use of todeys 
personal computers, especially those which provide real-time 

interactive graphic solutions. This allows the engineer to 

seek the desired response and investigate the "what-if-

secenerio". By providing this sort of -tune - function the 
designer can not only optimize for a given network response 

but also gain e feeling for the sensitivity of his design. 
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FIGURE 4 SIMPLE QUARTER WAVE 
TRANSMISSION LINE TRANSFORMER 

If a ferrite sleeve is added to the transmission line ( see 

figure 5), common mode currents ( currents flowing in both 

transmission line conductors in phase and in the same direction) 

are suppressed and the load may be balanced and floating above 

ground. The line can now be any length with characteristic 

impedance equal to the balanced load impedance. The result is a 

1:1 balun. Low frequency operation is limited by the amount of 

impedance offered to common mode currents. A good rule- of- thumb 

requires the impedance presented to common mode currents be not 

less than five times the load impedance. The line length limits 

the high frequency response of transmission line transformers. 

FERRITE SLEEVE 

Z,, R, Z, 

R. 

FIGURE 5 1 1 TRANSMISSION LINE BALUN 

6 

If the ferrite loaded length of transmission line in figure 

5 is folded back so that the two ends may be interconnected, a 

1:4 impedance transformer is formed. A load resistance. RL, 

connected as shown in figure 6 is reflected to the input of the 

transformer as RL/4. The line Zo should be equal to the 

geometric mean of RL and Z1 n for maximum bandwidth. The 

line length must be as short as possible for extended high 

frequency operation. The practical high frequency limit for 

this type of transformer is reached when the line length 

approaches 1/8 wavelength and appreciable phase error difference 

occurs at the interconnection of the lines. 

A 1:4 transmission line balun transformer may be constructed 

as shown in figure 7. Two cores are required and may be either 

balun cores ( as shown) or toroids or sleeve cores. The 

transmission line Zo should be the geometric mean of the input 

and load impedances. This transformer may also be used for 

balanced- to-balanced source and load connections. Transmission 

line baluns for 1:9 and 1:16 impedance ratios are constructed 

similarly as shown in figures 8 and 9. The limitation of 

squared integer transformation ratios is the biggest 

disadvantage of this type of transmission line transformer. The 

availability of coaxial cable in a variety of impedances is 

another limitation. 50 and 75- ohm cables are by fat the most 

common but impedances of 25, 35, 60, 95, and 125- ohms are 

available. 
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Input Scattering parasiter data 
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.684 ( 96.5 

.677 ( 95.82 

.67 ( 95.15 
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.659 ( 93.88 

.654 ( 

.649 ( 

.645 < 

.641 ( 

.638 ( 

.635 ( 

.02 ( 

.629 ( 

.627 ( 

.624 ( 

.622 ( 

.621 ! 

93.27 
92.68 
92.11 
91.56 
91.02 
90.51 
90.01 
89.53 
89.07 
88.62 
88.19 
87.78 

6.35 -5.76 
8.69 -3.42 

9.85 -2.26 
10.6 -1.56 
11 -1.09 
11.3 -.77 
11.6 -.54 
11.7 -. 372 
11.9 -.249 
11.9 -.159 
12 -. 0454 
12.1 -.0512 
12.1 -.0226 

12.1 -.00638 
12.1 -.000203 
12.1 -.00222 

12.1 -.011 
12.1 -.025: 
12.1 -.0443 

12 -.0672 
12 -.09:3 

12 -. 122 
12 -. 15: 
II.g -. 187 
11.9 -. 221 
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Several techniques to achieve nonstandard impedance lines 

include simply parallel connecting two or more lines. For 

example, two parallel 50-ohm lines provide an effective 25- ohm 

line. The parallel lines do not have to be the same impedance 

either. Bifilac or twisted enameled wire can easily be 

constructed for odd characteristic impedances also. The 

impedance depends upon the wire diameter, insulation dielectric, 

spacing, and number of twists per unit length. Multiples of 

even numbers of wire may be twisted together and then parallel 

8 

connected to achieve low characteristic impedances. The 

characteristic impedance of experimentally constructed bifilar 

or twisted pair transmission lines may be determined by 

measuring the reactance of an open circuit, 1/8-wavelength, 

sample. The magnitude of the reactance is equal to the line 

impedance at the frequency for which the line is 45-degrees in 

electrical length. Remember to account for the velocity of 

propagation when determining the frequency of 1/8 wavelength. 

Micro- strip transmission lines on printed circuit boards is 

another technique for achieving virtually any desired line 

impedance. Mechanical problems with the strip lines in ferrite 

cores may be more difficult but interconnections with the 

amplifier circuit may be improved. 

The bandwidth degradation experienced by not using the 

correct value of line impedance may be acceptable in some 

applications. Figure 10 is a comparison of two identical 1:4 

balun transformers; one wound with the proper 25- ohm line, the 

other wound with 50-ohm line. The measurement was made Ly 

connecting two identical transformers back-to-back to provide 

matched 50- ohm impedance ports to interface with the network 

analyzer. The indicated loss of one transformer is h2li of the 

measured value. This technique is valuable for evaluating 

various transformer designs and initially chooseing values of 

compensation capacitors for leakage reactance. 
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As pointed out earlier, the 1:4 transmission line 

transformers' high frequency response is limited when 

appreciable phase error is introduced at the interconnection 

point a-b shown in figure 11. If the connection a-b were made 

with a transmission line of equal impedance and length as the 

ferrite loaded line, the phase difference between input and 

output is eliminated. The transformer topology remains the 

same, except the a-b connection has the same phase delay as the 

main transformer line. For this reason this subclass of 

transmission line transformers are called "Equal Delay 

Transmission Line Transformers". The transformer input and 

output connections can be physically separated which is 

advantageous in some applications. 

FERRITE LOADED TRANSMISSION LINE 
(Z„ = R, 12) 

FIGURE 11 DERIVATION OF THE EQUAL DELAY TRANSFORMER 

Figure 12 ( a) is the usual pictorial and schematic 

representation of a 1:4 equal delay transformer. If a third 

line is stacked on the 1:4 design, a 1:9 impedance transformer 

results. In like manner, four lines produce a 1:16 transformer 

and so on. Figure 12 ( b) and ( c) illustrates these ratios. For 

comparison, if one unit of ferrite is required on the 1:4 

transformer for a given bandwidth, then two units will he 

required for the third line on the 1:9 transformer. In like 

manner, the fourth line requires three units of ferrite for the 

same bandwidth. Notice that these designs are all 

unbalanced- to- unbalanced transformers. Suppose we aed ferrite 

to the bottom line on the 1:4 transformer. Now we can lift the 

grounds on the parallel connected end ( still keeping the shields 

9 
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Original Load RC 

Lscries 

Frequency 1111:1 Reflection Coefficent Load VSMR RI II 

50 .5392 (- 129.1 3.34 17.99 -21.23 

51 .3994 (- 163.6 2.33 21.12 -5.1141 

52 .2557 f 126.5 1.687 14.11 15 
53 .3199 f 60.67 1.941 56.89 35.35 
54 .4079 f 30.8 2.378 89.5 44.85 

55 .4815 f 3.099 2.857 142.1 9.633 
56 .498 (-9.617 2.914 141.3 -31.27 

57 .4922 (-24.69 2.938 108.9 -59.1 
58 .4421 (-54.83 2.59 58.6 -52.79 

5/ .4047 (-91.3 2.359 35.37 -34.22 

60 .4133 (- 137.5 2.409 23.29 -15.61 
61 .5117 f 171.6 3.016 16.15 .5387 

Impedance Matching Iletwort Starting Froe the toad End: 

[Deponent Description Cooponent Value 
CAPACITOR_SERIES 32 pF. 
CAPACITOR »MI 68 pi. 

CAPACITOR:SERIES II pr. 
1MDUCTOR_SERIES 810 nH. 

FIG 10 



connected) and connect a balanced, floating load between the 

center conductors and the shields to form a 1:4 balun. The 

stray capacitance to ground can be balanced better by 

interconnecting the center conductor of one coax to the shield 

of the other coax. The result is the balun transformer 

described earlier in figure 7. 

I AI 

lOI 

ICI 

FIGURE 12 EQUAL DELAY TRANSFORMER CONFIGURATIONS 

How much improvement in bandwidth does the equal delay 

transformer give compared to the conventional transmission line 

transformer? Figure 13 is a plot of insertion loss versus 

frequency for the two types constructed on identical cores. 

Again, the test consisted of measuring two identical 

transformers connected back-to-back, so the actual loss for one 

transformer is one-half the measured value. 
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RECEIVER   
DATA REVIEW 

STAGE NOISE FIGURE Db GAIN Db INPUT 

INTERCEPT(3)Dbm 
1 18 100 o 
2 1.5 12 10 
3 4 -4 27 
4 1.2 12 35 
5 3 -3 100 

6 e -8 32 
7 2.9 -2.9 100 

8 1.9 11 35 
9 1 -.1 100 

Rise Sensitivity is 10 Db 
Receiver Noise Bandwidth is 2.4 Khz 

Temperature is 298 Kelvin 

30 MHZ HF COMMUNICATIONS RECEIVER 

RECEIVER 
PERFORMANCE WITH PRESENT 
  DESIGN DATA   

STAGE NOISE FIGURE Db SENS Dbm uV IIP(3) Dbm IMR Dbm 
2 7.268 -123.2 . 1539 - 12.03 74.11 
3 11.27 -119.2 . 2439 26.99 97.46 
4 3.222 -127.3 . 09658" 14.94 94.83 
5 6.222 -124.3 . 1364 17.94 94.83 
6 14.22 -116.3 . 3427 24.98 94.19 
7 17.12 -113.4 . 4785 27.88 94.19 
8 7.454 -123.1 . 1572 16.81 93.27 

9 8.454 -122.1 . 1764 17.81 93.27 

SYSTEM 3rd ORDER ¡ MR IS= 93.27 Db 
SYSTEM HALF I.F. REJECTION= 0 Db 

SYSTEM SENSITIVITY= . 1764 uV 

RECEIVER LINE-UP 

STAGE DESCRIPTION 
1 Receiver Back End 
2 IF preamp U 310 
3 4 pole crystal filter 
4 Mixer post-preamp 
5 3 db pad 
6 Passive mixer diode ring 
7 3 db pad 
e RF preamplifier 
9 T/R switch losses and low pass filter loss 

FIG 12 



COMBINERS_AVILSILITTERS 

When required output power levels exceed the capabilities of 

a single power amplifier stage, two or more stages or modules 

are combined to produce the required output. The combiner is 

closely related to wideband transformers in design and 

techniques. A power splitter is simply a lower powered version 

of the combiner used in reverse. The splitter divides the drive 

signal into multiple equal amplitude outputs to be applied to 

the amplifier inputs. The power combiner then recombines the 

amplified outputs into a single signal. Since the splitter is 

the same as a combiner, the following discussion will mention 

only combiners. 

A wideband power combiner must perform the following basic 

functions: 

a. Provide low insertion loss over the required 

bandwidth. 

b. Provide isolation ( minimum coupling) between the 

input ports. 

c. Provide a low VSWR load at the input ports over the 

required bandwidth. 

The operating bandwidth of combiners must be as wide or 

wider than the amplifiers to not restrict the overall bandwidth 

of the transmitter. Transmission line techniques are used for 

lowest loss and widest bandwidth. The primary function of the 

11 

combiner is to maintain port- to- port isolation. By isolating 

the output of one amplifier from the others, multiple failures 

as a result of a single amplifier failure are avoided. For 

example, in a two- input-port combiner, if one amplifier is 

disabled the output power drops by 6 dB. The output drops 3 dB 

due to lack of power from the disabled module and an additional 

3 dB is due to the power from the remaining module dividing 

equally between the bridging resistor and the output load. 

The bridging resistor must dissipate -6 dB of the maximum 

combiner output power. The bridging resistor value is 

prescribed by the type and configuration of the combiner as 

detailed later. Some topologies require either single- ended or 

balanced, floating bridging resistors. Sometimes the bridging 

resistor is referred to as the "dump" load or "dump" port since 

power due to phase or amplitude imbalance is dumped to this 

load. 

The bridging resistor dissipates power due to any slight 

differences in either the phase or amplitude of the input 

signals. This relationship is given in figure 14. 

There are three basic types of combiners: 

a. In- phase combiner or hybrid ( two or more input 

ports) 

b. 180-degree combiner or hybrid ( two input ports) 

c. :0 r t s) 

0-degree combiner or quadrature hybrid ( two input 
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If more than two signals are combined in-phase, the term 

"combiner" is used since the term "hybrid" refers to a device 

with two input ports. The topologies of each of the three basic 

configurations will be examined. 

The following definitions apply: 

RL= output load resistance 

RB= bridging resistor 

Zo= transmission line characteristic impedance 

Zi n= input impedance ( with output port terminated) 

S = shield connection of coaxial cable 

C = center connection of coaxial cable 

IN- PHASE COMBINERS 

In-phase combiners operate with two or more inputs of equal 

phase and amplitude to combine into a single output. There are 

two basic topologies for in- phase combiners, examples of which 

are shown in Figures 15 and 16. The differences are in the 

number and configurations of the ferrite cores and the value of 

the bridging resistor. The type- I configuration has a single 

balun core or toroidal core and a bridging resistor equal to 

four times the output load. The type- II combiner has two 

separate cores; either sleeves or toroidal. The bridging 

resistor is equal to the load resistance. Consideration of 

physical layout, practical transmission line impedances ( Zo), 

and bridging resistance ( RB) will determine the best type of 

combiner for a particular design. 

A comparison of input impedance and port- to- port isolation 

between typical type- I and type- II combiners yields interesting 

results as shown in Figure 17. Both combiners were constructed 

with a single turn of 50-ohm coax in the cores. Core material 

was Stackpole 7D for both types. The test data indicates 

superior port- to- port isolation with a type- II combiner while 

the type- I combiner exhibited lower input VSWR. 

12 



NEW HYBRID POWER AMPLIFIER 

MODULES SPEED RF SYSTEMS DESIGN 

by 

Eric A. Ulrich 
Product Manager - Hybrids 
Microwave Modules t. Devices, Inc. 
500 Ellis Street 
Mountain View, California 94043 

ABSTRACT  

For many years low to medium wideband RF amplifiers have been 

produced in TO- 8, TO- 12, or TO- 39 packages and have become popular 

with users because of the wide bandwidths, flat gains, small sizes and 

unconditional stability they offer. 

This paper will present the philosophy and design concepts offered 

in a new hybrid RF power module product line. 

INTRODUCTION 

For all the convenience and versatility TO style amplifier modules offer 

the user they still possess two main shortcomings: 

1. RF power output is limited to about a half watt due to the 

relatively poor thermal conductivity of the Kovar header, and 

2. Mounting of a TO style module to a printed circuit board 

requires physical clearance both above and beneath the board, 

thereby limiting the component packing density which one can 

achieve. 

To address these two drawbacks Microwave Modules and Devices has 

developed a new family of Class A RF power amplifier modules, designated 

the HPM Series, which cover the frequency range of 5 MHz to 2 GHz and 

which can offer power outputs in the tens of watts. ( Figure 1) They 

are designed in a " Drop- 1n" flange configuration which is ideal for 

efficient heat transfer and ease of circuit layout. 

THERMAL CONSIDERATIONS 

The RF output power of an amplifier packaged in the standard TO-

header is limited primarily by the high RF transistor junction temperature 

due to the thermal conduction characteristics of the hepcle ,- . TO style 

amplifier modules are most commonly constructed of a cf ramic substrate, 

either alumina ( Al 2O3) or berylli,im ( Be0), attac.I ed to a Kovar 

header using gold-germanium solder Kovar, an alloy of nickel, iron, and 

colbalt, is designed to match the ti • rmal expansion characteristics of the 

ceramic substrate, thus preventing substrate cracking during temperature 

changes. While Kovar is an excellent mechanical match for ceramic substrates, 

it is an extremely poor thermal conductor ( Table I). Beryllium oxide, or 

the other hand, is an excellent thermal conductor, having a thermal 

conductivity five to six times that of alumina. Be() substrates are typically 

used in medium power hybrid amplifiers to reduce the device junction 

temperature as much as possible. Its disadvantages, however, include a 

high cost when compared to alumina and a high toxicity hazard in a 

powdered or dust state. 

A third substrate material, aluminum nitride ( AIN), is just now 

beginning to become available. Aluminum nitride offers a thermal 

11 
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conductivity near that of Be0 without the toxicity problem of Be0. Its 

present cost, unfortunately, is not less than that of Be0, but, with 

improved production processes and economies of scale, the cost should come 

down. 

To analyze the temperature problems inherent in packaging a one watt 

and higher RF amplifier into a TO-8 header the junction to mounting surface 

temperature rise can be computed for the three situations shown in Figure 2. 

Figure 2a and 2b illustrates the cases of a 5 mil thick silicon bipolar 

transistor die eutectically attached to a 25 mil thick alumina ( Figure 2a) or 

Be0 ( Figure 2b) substrate which is then soldered to a 50 mil thick Kovar 

header. 

Figure 2c shows the cross section configuration used in the HPM Series 

product line. For comparison purposes, a 5 mil thick silicon bipolar die is 

again shown attached, in this case, to a 25 mil thick Be° substrate. The 

Be° substrate is gold-germanium soldered to a 1/8" thick flange of 

Elkonite R 10W3 material. Elkonite 10W3 is a copper/tungsten powdered 

metal metallurgy material that is designed to match the thermal expansion 

characteristics of Be0 while providing a high thermal conductivity ( Table I). 

Figure 3 shows a photograph of the HPM package. The thin film metallized 

Be0 substrate is mounted inside the alumina " window- frame" by using gold-

germanium solder and all circuit components are attached to the Be0 

substrate by using gold- tin solder. Interconnections are by 1 mil diameter 

gold bond wire. 

Elkonite is a registered trademark of CMW, Inc. 

12 

Before calculating the temperature rise in all three cases, a number 

of assumptions will be made. 

1. A semi- infinite lateral extent of the layers. 

2. A 45° heat spreading angle. 

3. A square heat source configuration. 

With these assumptions made, the equation for the thermal resistance of a 

particular layer can be given as 

Rth =  ( 1) 
KW(W + 2T) 

Where: 

T = material thickness 

K = thermal conductivity 

W = side dimension of the heat source 

The silicon layer heat source dimension is chosen to be 6 mils square, which 

reflects the approximate active area of a 1 watt Class A RF transistor die. 

Using the 45° heat spreading assumption, the heat source side dimension, 

W, is increased by twice the thickness of the material of the preceding layer. 

Therefore using Equation ( 1) the thermal resistances of the various materials 

can be calculated. The results are as follows: 

Rth (Silicon) 

Rth (Al 203) 

Rth (Be0) 

Rth (Kovar) 

Rth (Elkonite R ) 

18.6°C/W 

= 29.6°C/W 

4.6°C/W 

10.9°C/W 

1.5°C/W 
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The combiner output load impedance is usually transformed to 

another desired value such as 50 or 75 ohms. This is readily 

accomplished by one of the wideband transformers described 

earlier. Usually the output impedance transformer is physically 

integrated into the combiner assembly. The interconnection 

between combiner and transformer can be made using micro- strip 

line techniques if it is not a standard coax impedance. 

Theoretically any number of inputs may be combined with an 

in- phase combiner, but a practical limit is reached when the 

output impedance becomes too low to allow efficient wideband 

transformation back to the desired load impedance. An example 

of a type- II four port in- phase combiner is given in figure 18. 

Four-port combiners may also be implemented by cascading two 

port combiners. This technique is illustrated in figure 19 for 

both types of two port combiners. 

In-phase combiners all use a floating bridging resistor.. 

This may be difficult to implement, especially in combiners 

handling high power. A wideband balun transformer allows usino 

a single- ended or unbalanced load. The balun could also 

transform the balanced impedance to 50 or 75 ohms. Standard 

coaxial dummy loads, connected to the combiner with coax cable, 

may then be used as bridging resistors. 



Therefore, for the three cases, summing the thermal resistances: 

Rth (TO 8, A1 203) 59.1°C/W 

Rth (T0-8, Be0) 34.1°C/W 

R th (HPM) 24.7°C/W 

We shall further assume that for 1 watt of Class A RF power, 4 watts 

total dissipation ( 25% efficiency) will be expended by the RF transistor. 

Therefore, the temperature rise of the transistor junctions for the three 

cases are as follows: 

AT ( T0-8, A1 203) = 236.4°C 

AT ( T0-8, Be0) = 136.4°C 

(HPM) = 98.8°C 

With a mounting surface temperature of +50°C the junction temperature 

can then be computed to be: 

T. ( TO 8, A1 203) = 286.4°C 

T. ( T0-8, Be0) = 186.4°C 

T.H ( PM) = 148.8°C 

The impact upon reliability of these three temperatures can be 

understood by using a graph of median time to failure ( MTTF) versus 

junction temperature, the so-called " Arrhenius" relationship. Major device 

failure mechanisms have been shown to vary exporentially with temperature 

according to the equation 

MTTF = C exp ( l'/KT) 

13 

where 

C = a constant 

= activation energy 

K = Boltzman's constant 

T = temperature ( °K) 

Typical RF transiEtors under consideration use a gold metal system and 

have activation energies between 0.6 and 0.7 eV. If we plot the Arrhenius 

curve using a gold system activation energy ( Figure 4), we observe that ' for 

a 20°C rise in junction temperature the device MTTF is reduced by 

approximately one half. 

The projected MTTF of the silicon bipolar transistor used in the HPM 

package is found to be approximately four times greater than when mounted 

in a TO-8 header on a Be0 substrate and one hundred times greater than 

when mounted in a TO-8 header on an alumina substrate. Because we have 

assumed that the packages are mounted to an infinite heat sink with no 

thermal resistance, the junction temperature of the TO-8 devices will 

actually be higher than those calculated. This is due to the thermally 

non- ideal mounting requirements inherent in TO devices. 

MECHANICAL CONSIDERATIONS  

TO style modules must be mounted from the back side of the 

microstrip PC board such that the package is in intimate contact with the 

ground plane. Failure to provide a positive contact between the microstrip 

ground plane and the package can result in gain resonances. VSWR 

degradation and unwanted oscillations, especially in high gain ('- 40dB)cascades. 
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Because of this requirement, clearance in the housing to which the PC 

hoard is mounted must be available both above and below the board. In high 

package density systems, this volume may not be available without causing 

the overall subsystem or system package to be larger than desired. In 

addition, rework and replacement is more difficult with n-odules mounted on 

the underside of PC boards. To address these drawbacks some manufacturers 

have developed surface mount type packages for amplifiers. However, at 

the present time, their use appears limited to amplifiers whose output power 

is less than 100 mW. 

HPM AMPLIFIERS  

The Microwave :‘,1odules and Devices HPM series provides an alternative 

to discrete device a iplifiers for those users who enjoy the ease of design 

and use that existirg TO style or surface mount amplifiers offer, but who 

require higher output power or lower distortion. The HPM product line 

is an attempt to solve the thermal and mechanical limitations inherent in the 

TO-8 style packages and is designed as a " Drop- In" component, not unlike 

existing flange mounted RF power transistors, which is ideal for efficient 

heat transfer. The " Drop- In" configuration also simplifies the circuit board 

and housing design. 

The HPM product line presently consists of several models ( Figure 5) 

which cover the frequency range of 5 MHz to 2 GHz with models under 

development that will offer power outputs in the tens of watts. 

The HPM package is epoxy sealed and leak tested to ensure high 

reliability. For military applications requiring conformance to MIL-STD- 883 
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a totally hermetic version is being developed. Figure 6 shows a 

photograph of a prototype hermetic package. This package is designed to 

be welded closed by using either laser or seam sealing techniques and will 

provide a leak rate better than 1 x 10 7 atm-cc/sec. 

To illustrate the similarity in concept and integration with existing 

small signal cascadable amplifiers. Figure 7 shows a connectorized housing 

designed to accommodate up to 3 TO - B modules driving an HPM module. 

REFERENCES 

1. " Handbook of Electronic Packaging" McGraw-Hill, 1969. 

2. " Engineering Materials Handbook" MonteII, First Edition, 1958. 

3. " Handbook for Applied Engineering Science" Chemical Rubber Company, 

Second Editi 1973. 
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180-DEGREE HYBRIDS 

If the roles of the bridging resistor and the load are 

interchanged, the result is a 180-degree hybrid combiner. The 

two input signals must be 180-degrees out of phase and of equal 

amplitude. The output is balanced to ground unless the usual 

balun is used. Examples of type- I and type- II 180-degree hybrid 

combiners with output baluns are shown in figures 20 and 21. 

Many unique combiner designs are possible by using various 

combinations of basic combiner types and balun transformers. 

The combiner described in figures 22 ( pictorial) and 23 

(schematic) is an example of a four- port combiner using two each 

type- I in- phase combiners ( cores A and F) and two each, parallel 

connected type- II 180-degree hybrid combiners ( cores D and C) 

and a 4:1 balun transformer ( cores B and E) to couple the 

combined output to a 50-ohm load. Connecting two 180-degree 

hybrids in parallel avoids using 25- ohm coax cable and provides 

the extra core material to handle the higher rf power. 
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TABLE 1 

Thermal Conductivity and Thermal Expansion 

of Various Materials 

FIGURE 2 

MATERIAL THERMAL CONDUCTIVITY 

Watt/°C-in 

THERMAL EXPANSION 

in/in x 10-7 /°C 

99.6% Al 2O3 0.80 65 

99.5% Be0 5.1 90 

Gold 7.5 142 

Aluminum 6.4 236 

Silver 10.6 197 

Kovar ( Fe, Ni, Co) 0.42 60 

Silicon ( k) +95°C) 2.8 35 

Molybdenum 4.0 53 

Elkonite 10W3(Cu,W) 6.8 95 

Copper 9.5 167 

Tungsten 4.2 44 

FIGURE 1 

HPM Series Package 
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FIGURE 3 

Inside View of HPM Series Amplifier 
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IDEAL FOR TRANSFORMATION WITH A 4 1 BALUN TO 50 It 

FIGURE 23 FOUR PORT. TWO STAGE COMBINER USING 
TYPE I & II HYBRIDS. SCHEMATIC 

QUADRATURE HYBRIDS 

The quadrature hybrid has two input ports, each of equal 

amplitude but one is 90-degrees out of phase relative to the 

other. Four- phase combining of four amplifier modules is 

feasible using two quadrature hybrids and a 180-degree combiner. 

The quadrature hybrid is constructed by using "all- pass" 
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HYBRID COMBINER 
EITHER 180-DEGREE 
OR IN PHASE 

networks and a wideband hybrid as shown in the block diagram of 

figure 24. Two all- pass networks are required; one for 0-degree 

(reference) phase shift and the other for 90-degree phase shift 

relative to the reference output. The absolute phase shift 

across an all- pass network changes with frequency, however, the 

two networks are designed to maintain a constant 90-degree phase 

difference between their outputs as the input frequency to both 

networks is varied. 

OUTPUT 

FIGURE 24 BLOCK DIAGRAM OF A QUADRATURE COMBINER 

The all- pass networks may either be balanced or unbalanced 

circuits. Typical circuit topologies for both are shown in 

figure 25. Note that the mutual coupling in the unbalanced 

network must be negative and of a prescribed value. 



1Pm. 111111 11311 11111 BIB 11113 BM 111111 UM 11111 111111 Ma IBM MI 

FIGURE 5 

Typical Performance Characteristics of HPM Product Line 

MODEL FREQUENCY 
RANGE 

GAIN POWER OUTPUT 
@ ldB GAIN 
COMPRESSION 

DC POWER 

HPM 501 5-500 10 dB 1.5 Watts +24V @ . 6A 

HPM 505 10-500 8 dB 6 Watts +24V @ 1.2A 

HPM 1002 20-1000 9 dB 3 Watts +24V @ . 8A 

HPM 2000 50-2000 1: dB .25 Watts +15 @ . 3A 

HPM 2001 50-2000 10 dB 1.5 Watts +15 @ . 75A 

FIGURE 6 

Prototype Hermetic HPM Package 
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FIGURE 7 

Connectorized HPM Enclosure with Capability 

for 3 TO- 8 Style Amplifiers 



BALANCED ALL-PASS NETWORK 

UNBALANCED ALL-PASS NETWORK 

FIGURE 25 TYPICAL ALLPASS NETWORK TOPOLOGIES 

Both circuits exhibit difficulties in practical 

implementation. The balanced lattice network may require long 

leadlengths and possibly a balun transformer for interface to an 

unbalanced hybrid. It requires more components than an 

equivalent unbalanced network and the component values must be 

closely matched to achieve low VSWR across the design bandwidth. 

Implementation of an unbalanced all pass network allows 

shorter lead lengths and eliminates the balun transformer. It 

requires fewer components than an equivalent balanced all pass 

network. No closely matched component values are required, 
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however, an exact amount of mutual coupling is required between 

two inductors. 

The quadrature hybrid offers three advantages over the 

in- phase and 100-degree hybrids when used as an output combiner 

in solid state wideband power amplifiers. The third harmonic 

and certain other odd order harmonics cancel in the output port 

and add in the bridging resistor. The all pass phase shift 

networks and the basic combiner specifications must hold up to 

the frequency of the highest harmonic of concern to achieve this 

in practice. For example, the all- pass networks must provide 

the 90-degree phase difference up to at least 90 MHz in order to 

cancel the third harmonic of a 30 MHz fundamental signal in the 

hybrid's output. 

RF power flowing into the output port of a quadrature hybrid 

will split, go through the all pass networks, partially reflect 

at the signal source impedance, go back through the all pass 

networks, and cancel in the output port and add across the 

bridging resistor. This is happens whether the power flowing 

into the output port is the result of a mismatched load or 

coupling from an adjacent transmitting antenna. The result is 

the combined power amplifier output behaves as though it has a 

matched source impedance. The situation of reverse power flow 

from adjacent transmitter coupling is especially important since 

the two signals cross modulate each other in the activc 

devices. The 
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intermodulation products caused would be radiated along with the 

desired signal. The quadrature hybrid will cancel some of these 

"backdoor" IND products in it's output port by terminating the 

energy in the bridging resistor. 

Two wideband linear power amplifiers, combined with a 

quadrature hybrid, will exhibit nearly constant gain under 

varying load impedances ( varying VSWR). The ratio of input 

power into the quadrature hybrid splitter to the forward power 

out of the quadrature hybrid combiner will be nearly constant in 

contrast to the same situation using in-phase or 180-degree 

hybrids. 

Techniques for wideband RF power transformers, combiners, 

and splitters have been presented with emphasis on topology. 

Various types of transformers and combiners were examined and 

classified. Examples of each were presented in pictorial form, 

schematic, and equivalent circuit in an effort to bridge the gap 

from theory to working hardware. A rich variety of combinations 

of the basic transformers and combiners are possible though not 

covered here. It is hoped that a more complete understanding of 

the basic types presented here will enable the reader to produce 

more sophisticated designs. 
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RESIGN EONEIPERATIONS FOR A j KW L-BAND RADAR MODULE 

by 
Orville Pearce 

Microwave Modules and Devices 
550 Ellis Street 

Mountain View, CR 94043 

INTRODUCTION 

Completely solid-state transmitters for very high power radar 

systems, such as the SPS-40, PAVE PAWS, or TPS 59 have clearly 

demonstrated several advantages over tube equipments 

Overall reliability is greatly improved. 

System down time is decreased. 

Individual modular amplifiers can be replaced while the 

radar continues to operate. 

Very wide operational bandwidths are easy to achieve. 

Modular solid-state transmitters are ideally suited for 

phased array systems. 

Even though the first solid-state radar systems were 

significant steps forward in the state-of-the-art, many areas 

can still be improved further. Microwave Modules & Devices (MMD) 

has found that an integrated technology approach to the modular 

amplifier design offers significant performance improvements. 

MMD's integrated approach includes optimization of the design of 

the transistor die, device packaging, and special matching 

components targeted for the specific amplifier program. Areas 

where performance improvements can be the most dramatic using this 

integrated approach are: 

Higher power output per module. 

Reduced module cost and improved manufacturability. 

Amplifier efficiency 

Module reliability. 

Ease of combining large numbers of amplifier modules. 

Thermal management. 

Significant increases in power output per cubic inch 

of module volume. 

Amplifier bandwidth. 

Harmonic reduction. 

This paper will address some of these important performance 

areas as they apply to the design of the new MMD RC- 1214-1000P L-

Band radar modular building block. Performance improvements push 

the state-of-the-art forward and make solid construction of multi-

kilowatt transmitters more practical than ever. A summary of the 

performance of the MMD AC- 1214-1000P is shown in Table 1. 

AMPLIFIER ARCHITECTQRE 

The 1 KW amplifier architecture ( Fig. 1) is • modular 

structure with commonality that centers around a well designed 350 
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PERFORMANCE OF MMD'S AC- 1214-1000P 
watt, building block, sub-module. P basic driver module delivers 

power to a single sub-module which then drives an array of four 

sub-modules via a 4-way divider. The sub-modules are then 

combined through a 4-way combiner and that output is put through 

an isolator for VSWR protection of the amplifier. 

ÎUB-MOQQLE 

The sub-module uses two separate transistors that are 

thermally independent. These two transistors are interconnected 

in a parallel configuration. Figure 2 illustrates the structure 

of the MMD sub-module. This block is optimized for use as a 

wideband power amplifier with 50 ohm interface impedance levels. 

As a result the sub-module becomes an easy to use building block 

throughout the amplifier. Some of the features of the MMD sub-

module are listed in Table 2 and a performance summary is shown 

in Table 3. To realize a high performance, RF power module ( see 

Fig. 3 ) that is reliable and reproducible, the design should 

start at the chip level and build from there. The design of the 

electrical and mechanical interfaces of the chip with the rest of 

the module are crucial to the final electrical performance and the 

long term reliability of the module. Starting a state-of-the-art 

module design using off-the-shelf RF power transistors often 

limits both performance and reliability. Following initial 

electrical ship interfaces, the wideband impedance matching 

circuitry must be configured. 

1 KILOWATT L-BAND MODULE 

POWER OUTPUT: 

FREQUENCY RANGE: 

POWER INPUT: 

EFFICIENCY: 

PULSE WIDTH: 

DUTY CYCLE: 5% 

OPERATING VOLTAGE: 45 VOLTS 

RISE TIME: 200 USEC MAX. 

FALLTIME: 200 NSEC MAX. 

DROOP: . 5DB MAX 

Table 1. 

1000 WATTS MIN. 

1.2 TO 1.4 GHZ 

1 WPTT 

20% MIN 

10 USEC 

FEATURES OF MMD 

5UB MODQLE 

2.0:1 VSWR IN AND OUT 

SMALL SIZE 

EASY TO MANUFACTURE 

. CONSISTENT ELECTRICAL PERFORMANCE 

. WIDE BANDWIDTH AT HIGH POWER 

Table 2. 





Two approaches to the sub- module electrical design were 

PERFORMANCE OF MMD er) WATT 

SUB-MODULE 

POWER OUTPUT: 350 WATTS MIN. 

FROUENCY RANGE: 1.20 TO 1.40 GHZ 

GAIN: 7 DB MIN 

EFFICIENCY: 40% 

PULSE WIDTH: 10 J SEC 

DUTY CYCLE: 5% 

OPERATING VOLTAGE: 45 VOLTS 

RISE TIME: 

FALL TIME: 

PULSE DROOP: 

75 NANOSECONDS (SEE FIG 11) 

40 NANOSECONDS ( SEE FIGURE 11) 

0.2 DB 

Table 3. 
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considered; the first, was a push-pull configuration, and the 

second, a parrallel configuration. The push-pull design has the 

advantage of reduced even harmonics and higher input and output 

impedances at the device level, but the disadvantage of increased 

size and complexity. The parallel transistor design has the 

disadvantage of higher even harmonics and lower input and output 

impedances at the transistor, but parallel transistor 

configuration has advantages of smaller size and reduced 

complexity. Since two of the prime considerations were small 

physical size and large production quantities, the parallel 

transistor configuration was chosen for the sub-module design. 

Even harmonics can be dealt with without much difficulty because 

of the 15% bandwidth. The microstrip circuit design used for 

matching the devices is a simple low pass ladder-type network 

which is straight forward to design and construct. Since the 

input and output ( load conjugate) impedances of the device are 

quite similar ( and both are inductive), the matching circuit is 

basically the same for both input and output. 

First, a simple ladder network is designed to match the 

impedance of one device referenced to ground ( load). Figure 4 

illustrates a simple " pi" type match from the device impedance to 

15 ohms. Next, the two single ended matches are parallel to give 

7.5 ohm impedance. The 7.5 impedance is then transformed to 50 

ohms with a 20 ohm transmission line of the appropriate length as 
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CONSIDERATIONS Elias point shifts caused by temperature are not 
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INTRODUCTION 

concern. The DC parameters also change due to device-

variations . The DC current gain of microwave bipolar tr 

can vary over a range of 5,1 and still be wit• 

manufacturer's electrical specification at 25 degrees 

The purpose of this paper is to present an overview of the means that a shift in the bias' point can be c 

advantages and disadvantages of some common bias circuits, temperature and device- to-device variations. Obviously 

Resistive, diode, and active bias circuits will be examined and circuit that can minimize these bias point shifts is dr 

rompared as to how well they stabilize the transistor bias point The first step in understanding how to stabilize the bi. 

against DC parameter changes caused by temperature and device-to- is to identify the DC parameters which affect the bias 

device variations, most and how these parameters respond to temperature var 

PTAS POINT STABILITY 

Before examining the bias circuits, let's look at some of 

the reasons for being concerned about bias stability. Figure la 

TEMPERATURE SENSITIVE DC PARAMETERS 

The principal dependent variable in DC stability an: 

CI 27 
the collector current t c ) ' . The following DC par 

shows a transistor biased for Class A operation which is not which are shown in the equivalent circuit of Figure 

stabilized against DC parameter changes. Increasing temperature temperature sensitive and directly influence the 

shifts the bias point further to saturation I Figure lb), while current. 

decreasing temperature shifts the bias point closer to cutoff 

Figure lc). temperature extremes caused the transistor's DC 

parameters to change which resulted in the shift of the bias 

point. In the above example the shift in the bias point was large 

enough to cause unwanted distortion in the output signal. Figure 

2a end 2b show that both gain and noise figure of a bipolar 

transistor are also a function of the collector current. 

Pase to Emitter Voltage ( VRE .)1 

VPE is internal to the transistor and has a 

temperature coefficient of 2 mV/degree C. Figure 

temperature characteristic of this parameter. 

4 e 

Reverse Collector Current ( Ici10 ): 

is the current flowing throuoh the reversed hi 
Ireo 
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shown in Figure 5. Care must be taken with the DC feed design 

for the best rise time performance, particularly on the input 

(emitter) side. The feeds should be connected to the lowest 

possible RF impedance point and have only enough inductance to 

avoid circuit detuning. As can be seen in Figure 5, the DC feed 

on both the input and output circuits are connected where the 

transistor matching networks are paralleled. This is the lowest 

impedance point where • single inductor can be used. As a result 

the inductance used to connect into these feed points can be kept 

to a minimum, thus minimizing the rise time (the rise time of the 

intrinsic transistors is less than 10 nanoseconds). 

The mechanical chip interface is a primary reliability 

consideration. A major design goal of the modules is to minimize 

the thermal resistance between the chip and the baseplate. The 

lower the thermal resistance, the cooler the chip operates and 

therefore the greater the reliability. The sub-module 

configuration uses two active areas that are physically separate 

to better distribute the heat, resulting in lower active area 

temperaures and improved reliability. 

When attempting to design a basic system building block, the 

ideal is to make all RF connections at the 50 ohm impedance level 

which is compatible with the system Zo. 
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By using the sub-module as a building block, the appropriate 

configuration of blocks can be arranged to construct the 1 KW 

amplifier as shown in Fig.l. 

TRANSISTOR pIE SELECTION 

The heart of any solid-state amplifier design is the 

semiconductor die and much attention must be paid to this area. 

Four basic types of power semiconductor die are available 

for use at this frequency: 

- GaAs MESFET 

- Silicon vertical MOSFET 

- Silicon Junction VET or SIT 

- Silicon Bipolar 

GaAs MESFETs are horizontal structures with all three 

terminals ( gate, source, and drain) on the top surface. This 

creates a major problem with large high power devices for both 

surface interconnect metallization complexity and device wire 

bonding. Also GaAs material has a high thermal resistance 

compared to silicon as well as numerous crystal defect problems 

that result in very low yields for large area, high power devices. 

The silicon vertical MOSFET device is very promising for 

lower frequencies, but higher device capacitances (compared to 

silicon bipolar) create significant stability, output matching 



hFE STABILITY FACTOR 

Junction of the collector to base. Classically, this leakage the total change in collector current can be expressec 

current is expected to double for every 10 degrees C 

temperature rise in a silicon semiconductor junction. The 

lealage current for silicon is so low that under most 

of each incremental change caused by I V E , and h 
CPO  

= S ICBO AI CB6e5VBE . AvBE . S ht-E Ah FE 

conditions this parameter can be neciected. Unfortunately, the stability equations can be 

DC Current Gain ChIFE /1 

The hFE of a transistor is defined as tue ratio of the 

collector current to the base current. This parameter 

typically increases linearly with temperature at the rate of 

complicated even for a simple bias circuit such as th 

in Figure 5. The equation of Figure 5 can be easily di 

computer, but it doesn't help the designer gain any 

selecting component values or in *haling circuit c 

Fortunately, the following approximations can help s 

0.5 Y. / degree C. stability equations, 

STAEILITY FACTORS 

Before we proceed to examine the bias circuits, it is useful 

to introduce the concept of stability factors. The etabiliy 

factors are defined as the ratio of the incremental change of Ic 

* Neglect Ice° when using silicon transistors. As 

stated, the lealage current for silicon is typtc 

that neglecting I will have negligible effe 
CEO 

accuracy of the stability equations. 

vs the incremental change of each of the three componente IE ,0, • Drop the hie term, which is tne hybrid pi inpu 

V,E , , and hFE . The stability factor equations are given below, for common emitter configuration. The e- tern 

STABILITY FACTOR resistance is usually much greater than hie, and CPO 

al 
S c I the hie term will not upset the accuracy of the ICED 

-l-C-- PO I h FE' VBE = constant 

VEE STABILITY FACTOR a Assume that hFE » 1 then ( hFE . 1 . simplifie. 

iq 
S " = C I The stability factor ShFE can be e,-oressed as a perreni VBE 

BE hFE' ICB0* constant 
in lc vs a percentage change in tiFE [3] The new v. 

Il defined as . hTE The same procedure is ,sed to define 

ShFE 

FE Ice°, V„,.* constant 
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and/power transfer problems at L-Band. Several lower capacitance Also to be chosen was the device terminal to be used as 

MOSFET designs have been announced but none has yet to be proven ground (common base vs common emitter). For both die types, 

repeatable, manufacturable and reliable. Junction FETs ( or SITE) common base is preferred due to higher gain and better thermal 

presently available are not useful for 500 MHz because gain and sharing over the device surface during pulse operation at these 

efficiency are too low and the output capacitance is too high. 

Some new design concepts show promise, particularly for higher 

voltage operation but production quantity devices are not 

available. 

This then leaves the silicon bipolar device, which in fact, 

proves to be an excellent solution. Recent processing technology 

improvements combined with new die geometries have resulted in 

large signal ft's of over 5 GHz from high power L-band devices. 

Two - basic types of silicon bipolar die configuration are 

available for pulse operation at L-Band. Die A ( Fig. 6A) has two 

large base areas perpendicular to the input/output die bonding. 

The common lead is bonded down the centerline of this die. 

The input bonding is staggered from front to back, alternating 

between the common lead bonds. Die B has many smaller base areas 

(Fig. 6B) which are arranged parallel to the input/output bonding. 

Both input and common lead bonds are arranged in an alternating 

pattern down the center line of the die. 

frequencies. 

Advantages of die A are: 

- More base area ( and therefore emitter perimeter for 

power capability) per mil of die length. 

- Better output capacitance/power ratio ((1.4 pF/watt 

VS 0.5 pF/watt for die B) 

- Fewer bond wires. 

Disadvantages of die A are: 

- Unsymmetrical input (emitter) bonding and wide ( 7 mil) 

base cells restrict upper frequency response. 

- Limited pulse width/duty factor capability ( 100 

maximum) 

Advantages of die B are: 

- Narrow die 

use 5% 

and numerous base bond wires give very low 

common lead inducture for improved ruggedness, 

stability, input/output isolation, efficiency, and upper 

capability. 

- Spread base cell design allows operation from short 

pulse to CU due to better thermal balance. 
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/ I shFE 
hFE C C • 

AtIFE /hFE 1 

AI / I VBE' S C_ C . • 
VBF' = m.7BE ' 7 VBE VBE' 

the stability equations for the previous example ( Figure 5) 

now simplify to the followings 

the base current were made to decrease with increasing 

increase with decreasing hFE the bias stability woul. 

greatly, which exactly describes the operation of 

circuit. 

• Voltage Feedback Bias 

fhFE 1  
( 1 hFE RC ) The voltage feedback bias circuit shown in 

RB improves bias stability by allowing the base current ti 

eVBE = -  VCC) to changes in the collector current. If the collector 
1   

VBE inc , the voltage drop across Pc increases which r 

The simplified stability factors are easier to handle and it is a lower collector to emitter voltage (VW. Since 

now apparent that increasing the RC / R8 ratio will decrease KhFE current is set by the resistor Re and the voltage diffe 

and improve collector current stability against hFE changes. We VCE and VBE' 

now have the tools to examine the bias circuits. 

RESISTIVE DIAS CIRCUITS 

Fixed Bias 

The fixed bias circuit shown in Figure 6, is the simplest and one 

of the worst methods of biasing a transistor because it has a 

very high sensitivity to hFE variations. Notice that hFE is 

unity, which means that a 20 % change in hFE will result in a 20 

% change in collector current. Since hFE can vary by as much as 

Sil from device to device, the transistor could be at cutoff with 

one device and at saturation with another. The base current, 

which is fixed by the voltage difference between the supply 

voltage and Vne , is the cause of the poor bias stability. If 

a lower VcE decreases the base curre 

stabilizes 1 to a current closer to the quiescent bia 

The circuit will handle a decrease in Ic in a similar m 

A circuit designed with lc = 10 ma, V CE= 1° V ' VC 

hFc= 50 results in 1hFE 0.826. This means that the 

current will change by 82.6 % of the chanae in lire as ro 

the 100 % change that would be expected from the fi 

circuit. This is approximately a 17 V. improvement over 

bias circuit for this set of conditions. The 1hFE 

factor shows that increasing the Rc / Re ratio decrp. 

sensitivity of I to hFF chanties. A small value of R 

the hFF stability, but it isn't alwav easy to get a smal 

of Re . A smaller effective value of Re is possible u« 
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Disadvantages of die B are primarily related to a slightly 

more complex structure to manufacture and assemble. 

TRANSISTOR PACKAGING AND INTERNAL MATCHING 

Three types of device internal matching were considered: 

1) single ended, using a double input and a pareils output 

resonance matching ( Fig. 7); 2) single ended, single input match 

(Fig. 4); and 3) the split push-pull using a single input match 

(Fig. B). The high impedances of the more complex single ended 

device at least equalled using the four times impedance increase 

of the single input matched device when split and used push-pull. 

The disadvantages of the output matched construction must also be 

considered. 

The series resonance of Li and Cl ( Fig. 7), typically 

just below the low end of the band ( about 1.1 GHz) 

causes serious oscillation problems when fast rise/fall 

times are employed. This usually shows up as a " noisy" 

spurious signal at 1.1 GHz only 20-30 dB down or as a 

distortion " glitch" on the detected pulse turn-off 

slope. 

The parallel tank circuit of the output match causes 

major output signal phase shifts when the device output 

capacitances change. This " phase modulator" effect can 

cause phase noise and power combining problems. The 
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output capacitance is, unfortunately, a function of many 

things including voltage, power level, temperature, and 

die manufacturing variations. 

Failure of the 

historically been 

of output matching 

DC blocking capacitor (Cl) has 

a reliability problem with this type 

structure. 

Of the three internal matching techniques considered for the 

transistors, the single ended input matched device was chosen 

because it was the least complex, both internal to the transistor 

package and to external circuitry. It would also yield the 

smallest module size. The single input match chosen will 

sacrafice some bandwidth and an increase in even harmonics. 

Typical performance of a single transistor is shown in Table 4. 

The die of each transistor is packaged in the Be0 ceramic 

cavity shown in Fig. 9. Note the very wide input/output leads 

for low inductance of those interfaces. This allows low 

device impedances for good broadband performance when shunt tuned 

and operated into the matching networks. The leads are "captive 

sealed" between the device lid and the single layer ceramic ring 

for improved lead strength. Co- fired multi- level ceramic ring 

packages with exposed, non-captive leads were avoided due to high 

lead inductance and numerous lead failure problems. 40 mil thick 

=:1 : MOO MI 



emitter resistor feedback circuit. 

• Voltage Feedback and Constant Base Current Source 

The circuit of Figure B can be considered to have a constant 

base current source, formed by the resistor network of RA' RPI 

and R. Ihe collector current can be made relatively stable if 

inp is chosen to be much greater than the transistor base current 

19 . A good choice, somewhat arbitrary , is to pick lee - 51 9 to 

101 9 . A value greater than 101 9 gives little improvement in 

stability. 

* Emitter Resistor Feedback 

The bias circuit of Figure 9 is one of the best metOods or 

biasing a transistor. The circuit operates in the followIng 

manner. When the collector current and therefore toe emitter 

current increases, the voltage drop across RE increases. I he 

polarity of this voltage opposes the forward bias voltage between 

base- to-emitter. The reduced VBE' decreases 1 • and therefore I 
C' 

which stabilizes the collector current closer to its initial 

value. The stability factor( MeirE ) for this circuit is 0.169 when 

calculated using the design values previously given for the 

voltage feedbaci circuit, and 1BB = 51. A khFE = u.169 

represents a considerable improvement in stability over the 

previous circuits. 

The VPE stability factor for this circuit is: 

This 

- --1 ( assuming RE R P) 
VPE  - 

RF hFF 

equation implies that, the larger the PF , the 

stability against VEE variations. There is a limit 

RE can be, since the voltage drop across RE 

excessive. The next circuit emamined C diode 

compensation) presents a method of stahiliring ac 

temperature variations without resorting to large RE y 

The emitter resistor feedback circuit does requi 

RF considerations which are covered in detail late 

paper. 

* Diode Temperature Compensation 

The emitter-base voltage has a negative 

dependence of about 2 myi degree C, which can be comp. 

introducing diodes into the voltage divider network a. 

Figure 1014,51 . 

The calculated stability factor for this circuit 

I/ 5.65R ' which is a 5.65 times improvement over ti 
E 

feedback circuit of Figure 9. The above calculation wag 

the design values from the voltage feedback emample, a 

compensation was done with a single diode that had a t 

characteristic identical to the tran sistor emitter-base 

• Zener Diode Pias 

The lener diode shown in f-igure 11 determines the 



Be° ceramic is used for the package substrate for improved thermal C baseplate temperature will degrade to 0.5 at elevated 

resistance. temperature. A droop of 0.5 dB at 30 degrees C will degrade to 

more than 1.0 at elevated temperatures. Droop of over 1 dB is 

Frequency - 1.2 to 1.4 GHz usually an indication of excessive junction temperature. The 

Pout - 200 Watt ultimate thermal test of any amplifier is a scan of all amplifier 

Gain - 7.0 die with an infared microscope under actual operating conditions. 

Efficiency - 45% Typical requirements might ba a maximum junction temperature of 

140 degrees C with a baseplate temperature of 85 degrees C. 

TYPICAL TRANSISTOR DATA Thermal scans for pulse widths less than 5 usec are difficult due 

Table 4 

THERMAL ÇONSIDERATIONS 

Many variables effect the junction temperature of the devices 

used in the amplifier, including, 

- amplifier efficiency and output power 

- pulse width/duty factor 

- die thermal response time 

- die thermal balance ("hot spots") 

- overall module baseplate temperature 

- die to baseplate thermal resistance 

to risetime limitations of infared sensors, but are essential for 

verifying reliable amplifier design and construction. 

DIVIDER/COMBINERS CONSIDERATIONS 

To achieve the required 1 KW output power, four of the sub-

modules must be combined, therefore a divider and combiner must be 

designed. Two basic types of combining schemes were considered; 

1) the Wilkinson combiner and; 2) 90 degree 3 dB hybrid. 

Advantages of a Wilkinson divider/combiner 

- Excellent amplitude balance. 

- Excellent phase balance 

- Easy to manufacture basic circuit 

A good indication of the presence of hot spots (and - Low insertion loss 

therefore high junction temperature) is the power droop over - Good port to port isolation 

the length of each output pulse. A droop of 0.2 dB for 30 degrees 
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to base voltage Vce of the transistor. The collector to emitter and lei to decrease. The lower base current into 0 1 dec 

voltage VCE is fixed by the sum of Vpr and the Zener diode which opposes the original increase in the collector Cu 

voltage fly. The current through Rc divides between the 

The collector current equation for the RF tran 
transistor and D. Temporarily ignoring the current through 1 R9, 

the only current flowing through D i is the base current of the 

transistor. Most of the current flows through the collector as 

lc . If the hirc is low, the current through Di will increase 

accordingly. However, if hFe is high, the current through DI is 

low and the regulation as a Zener is peor. Therefore, Re is added 

to the bias circuit to ensure that enough current flows through The acti,e bias circuit has the best stabiltty of 

the Zener for good voltage regulation 161 . 

shoen in Figure 12. Notice that if " 4 hrE0 Rc 

hFE2)s then the collector current is  tially indmi 

the DC current gains of either of the transistors 

This circuit is more stable than the voltage feedbact, 

circuit, but the Zener diode is noisy and may require a large 

value bypass capacitor to prevent the Zener s noise from EMITTER RESISTOR BYFASS 

detailed analysis of this circuit is available 

literature 171 . 

modulating the amplified RF signal. 

• Active Elias Circuit 

An active bias circuit is shown in Figure 12, which uses a 

FWP transistor 40 2 / to help stabilize the bias point of the RF 

transistor CO I /. The transistor 02 acts as a DC feedback circuit 

that senses the collector current of 0 1 and ad lusts 0 1 s base 

current to hold the collector current Ici constant. The circuit 

operates in the following manner. 14 Ici increases, the voltage 

drop across R increases and opposes the forward bias of the PNP 

transistor which decreases IE2 The decrease in 1E2 causes 1 
C2 

circuits examined, but does require the most parts. 

transistor does form a feedbacl, circuit, which must he 

RU bypassed to prevent bias oscillations. 

The emitter resistor improves bias stability throug 

or negative feedbact which is desirable at DC, but no 

frequencies. The RF gain will be reduced if the resist 

hr bypassed. Hypassing the emitter resistor does req 

special precautions to prevent possible oscillations. 

First, the emitter bypass capacitor must be large . 

provide an effective RF ground at both the design freer.' 

lower frequencies. The Smith Chart of Figure 13 shows It 

on the transistor S- parameters when the b\,pass capacitor 

too small. Changes in the transistor s S11 and S, 2 parame 
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Disadvantages: 

- No VSWR isolation at the divider. 

No reduction in back IMDs at combiner. 

- Difficult to reduce Cr eliminate the effects of the 

capacitanc of isolation resistor. 

- Small size can be difficult to achieve and still handle 

high power. 

Advantages of 90 degree 3 dB hybrid: 

- VSWR isolation at divider. 

- Reduction in back /MDs at combiner. 

- Improvement in harmonics. 

- 50 ohm terminations are required therefore, capacitance 

of termination is less of a problem. 

- with proper design small size can be achieved. 

- Low insertion loss. 

- Good port to port isolation. 

Disadvantage: 

- Amplitude imbalance. 

There are several 90 degree 3 dB Hybrid configurations ( branch 

line, backward wave, rat-race, wireline, etc.), but because 

physical size is of paramount importance the Sage tightly coupled 

wireline coupler was chosen. Fig. 10 shows the typical 

insertion loss of a wireline coupler and how the amplitude balance 
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is typically less than 0.2 dP over the frequency band of 1.2 to 

1.4 GHz. Fig. 11 is a plot of insertion loss versus frequency of 

a 4-way divider/combiner the amplitude balance between any of the 

four ports is less than 0.6 dB peak-to-peak. The physical 

size is 1.0"W x 4.00L x . 30H for the 4-way combiner including 

two of the three isolation termination ( the output isolation 

termination is mounted to the bottom of the amplifier houeing for 

better heatsinking). 

A combiner and divider were coupled back to back and insertion 

loss measured and the data is shown in Fig. 12. Which shows the 

insertion loss to be less than . 8 dB for a divider and combiner 

connected back to back. 

LOW LEVEL 12RIVER mopuLg 

The block diagram for the driver is shown in Fig. 13. 

There are three stages that make up the driver plus two 

attenuators. The 2.0 dB attenuator at the input of the driver is 

for reducing the drive to the first stage for overdrive 

protectionand input VSWR improvement. The second stage provides 

the power to drive the third stage to approximately 100 watts. The 

2.0 dp attenuator at the output of the third stage provides VSWR 

isolation between the output of the driver module and the input of 

the 350 watt sub-module driver stage. The performance of the 
drive stage is shown in Table 5: 

CIO= IC= = L ••• 



shown on the Smith Chart as S11 / and S22/. A good RF bypass shown to be dependent on the bias stability. 

capacitor should cause little or no effect on the S-parameters . 
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Chart as the frequency decreases. Reflection coefficients greater 

than I indicate conditional stability and are likely to 

oscillate. A value of 1000 pF would be a much better bypass 

capacitor value. 

The second precaution is to minimize the inductance added in 

the emitter caused by the resistor and capacitor parasitic,. The 

Smith Chart of Figure 14 shows the effect of emitter inductance 

on the transistor's S-parameters. Inductance in the emitter can 

potentially cause conditional stability. In this case, a rather 

large value of 5 nHy was selected to illustrate the effect. At a 

frequency of 4 GHz S22 , has moved off the Smith Chart which 

indicates that the circuit is conditionally stable. 

An effective RF bypass of the emitter resistor is a 

relatively straightforward procedure as long as the above 

precautions are taken. 

SUMMARY 

This paper has shown that bias stability is more a function 

of the bias circuit design than of the transistor's 

characteristics. The RF and bias circuits should be designed with 

equal consideration, since the RF performance of an amplifier was 
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Freq. 1.2 to 1.4 GHz 

Pout 70 watts min. 

Pin 1.0 watts 

Vc 45 volts 

lc 9.0 amps ( PK) max 

INPUT RETURN LOSS - 13dB max 

TVPIEAL DERFORMANCE DATA 

Lgt4 LEVEL DRIVER 

TRBLE 5 

I,QKW AMPLIFIER PERFORMRNÇE 

Table 6 is the tabulation of the performance of the 1 kW 

amplifier module for 1.0 watts input drive. It can be seen that 

the amplifier module meets or exceeds the design goal set down in 

requirements. The module described above was targeted for narrow 

pulse width, ( 10 usec) low duty cycle ( 5%) application. The same 

design approach and integrated technology can be applied to long 

pulse, high duty cycle applications as well. The practical 

realization of both parallel combining of transistors and 90 

degree combining within the amplifier truly provides a wideband, 

reproduceable 50 ohm block that can be used to build multikilowatt 

systems. 

Freq. Pout Pin RL lc Pulse Droop 
GHz W W dB Amps ( Avg) dB 

1.2 1148 1.0 -20 4.4 0 

1.3 1445 1.0 -12 5.2 -. 3 

1.4 1175 1.0 -16 4.2 0 

Vc = 45 Volts 

Duty Cycle = 4% 

Table 1. Pulse Width 7 use 

UMLOIW,1 TYPIERL PERFORMANCE DATA 

Multikilowatt all solid state amplifiers are seeing increased 1KW L-BRND POWER AMP. 

popularity. With the availability of modular building blocks such Iithle e 

as the 350 watt sub-module, these high power amplifiers are both 

practical and easy to assemble. The sub-module building block 

using an integrated design from the silicon out to the 50 ohm 

terminal can be totally optimized for specific program 
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FIGURE 4 
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FIGURE 5 

EVEN FOR SIMPLE BIAS 
CIRCUITS THE EQUATIONS 
BECOME COMPLICATED 

• shFE= 
(hFE RC + Re + hIE R C) 2 

(hFE (Vcc —V E + Kim ) + K 6 0) 
[  1 

VCC 

hFE Rc R B + hiE Fic) Ofcc —Vei+KlcB0) 

Rc 
(hrERc + R e 4. h IE Rc)2 

Where: K = h1E + R, + 

• GOT ALL THAT? 
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FIGURE 6 
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FIGURE 7 
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R BI Rc 

1881 

[• ic = elFE ReA + 1182(hFERc + fic + 1181) 
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—116EA RB2Vcc 

1 
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VEHE 

V/ BE 

Where: A = R,, + RB2 Rc 
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FIGURE 9 
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FIGURE 11 

ZENER DIODE BIAS 
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INTRODUCTION 

The current literature is full of discussion of the new 

"Engineering Work Station" or facilities for Computer-Aided 

Design ( CAD). The working RF design engineer reads of these 

devices with great anticipation, but soon realizes that these are 

beyond the normal means of a limited personal or engineering 

budget. Terms like " silicon compiler" and " gate array design" 

and " standard cells" are resplendent in the literature. Most 

working engineers probably will not design integrated circuits or 

semicustom integrated circuits. The purpose of this paper is to 

show that the working- level RF design engineer, on a limited 

budget, can provide an effective facility to simplify his 

engineering duties. 

As a practical matter, few companies are going to allocate 

tens of thousands of dollars to individual engineers unless an 

immediate increase in productivity can be shown. It has been my 

experience that if a computer is not immediately available it 

loses a great deal of its functionality. If we have to sign up 

or go across the hall ( or across the plant!) to use a computer, 

we are likely not to bother, and either rely on our experience or 

just " SWAG" it. Since most companies are unwilling or unable to 

supply a personal computer to each working engineer who desires 

one, it is up to each of us to provide our own computational 

resources, just as we did with slide rules and calculators. This 

paper will show how to use the " low end" home and personal 
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computers to accomplish most of the computational tasks that are 

required. By using our experience and intelligence in an 

interactive manner, we can reduce significantly our design "work 

load" and produce better products in less time. 

SOME DEFINITIONS: 

Engineering workstation: A collection of equipment that 

allows the engineer to design and test circuits. For the purpose 

of this paper, the engineering workstation is a computer-equipped 

location where a design engineer will spend a significant portion 

of his work day. 

Personal computer: A computer that is immediately available 

to an individual, of fairly low cost and relatively low 

processing power. This paper shall be limited to those computers 

that fall within the normal range of discretionary income for 

individuals, in general less that two thousand dollars. 

Working engineer: The engineer whose primary task is to 

produce designs. This is the individual who does not have 

significant personnel or programmatic management duties. 

HARDWARE: 

For purposes of comparision, lets see what hardware might be 

availble to accomplish our needs. Just as most of us have some 

form of personal transportation, we shall have to have some sort 

of personal " computing engine". 

Similar to the small motorcycles, there are the " home 

computers", such as the Commodore 64's and the Atari 800XL. With 

a little judicious shopping, these can be found for less that a 

hundred dollars. Although these are definitely in the class of 
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"motorcycle" computers, they still have 64 kilobytes of memo] 

and a built-in BASIC interpter. A low-cost computer is ye] 

capable of doing sophisticated engineering analysis - includil 

using the Method of Moments to calculate wire antenna inp( 

impedance ( 11. All of the examples in this paper can be modifi( 

to operate on these little " home computers", such as the Atal 

with a minimum of effort. 

A more typical "personal engineering computer" ( PEC) coil] 

be desicribed as having 64K or more of memory, dual disk drivE 

and operating under either the 8-bit CP/M operating system or ti 

16-bit MS-DOS operating system. A computer such as this wil 

represent an investment of something between $600 and $ 20C 

dollars, depending on how hard one is willing to shop. C 

course, it is possible to spend more, but the purpose of thi 

paper is to show how computers that can be purchased by a 

individual engineer or a tight departmental budget can d 

significant work. 

SYSTEM SOFTWARE: 

To operate any computer, you will need a certain amount o 

programs, or software. We have already mentioned the operatin 

system, in most cases either CP/M or MS-DOS ( or one of thei 

close relatives). Between these two operating systems most o 

the personal computers are covered. This operating syste 

software is generally provided with the computer, and is used t 

provide basic file handling and program loading. 

In addition to the operating system or file handler, yo 

need some sort of ' translator'. Although for many years FORTRA 

was widely used, it is not as readily available for persona 
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What I hope to do in this paper is to provide a basic idea of why RF power 

amplifier schematics look the way they do. The examples used are solid state 

2 meter communications amplifiers. A frequency high enough to illustrate some 

points and low enough to use discrete components. We won't cover transmission 

lines, cavities, etc.. 

With low priced personal computers and low cost design software, you have 

to be foolish not to be using a computer for your design work. However, I 

will intentionally ignore computer design programs. Design programs present 

an interesting paradox. If you are familiar with designing amplifiers, they 

allow great insight into an optimum design as they allow you to run through 

and compare many designs quickly. On the other hand, if you are not familiar 

with the design process, they can mask what is going on. I am assuming you 

wouldn't be listening to a basic presentation, such as this, if you were 

already familiar with the design process and, hence, am ignoring computers. 

We will not discuss "S" parameters, or the other tools for gain and 

stability calculations. Some people say such parameters are not useful for 

power amplifiers. I feel they are quite useful, but will not go into them in 

this paper. They are beyond the scope of this basic discussion and the 

subject is treated extensively in the literature 1.2,3,4.5 on small signal 

amplifiers. The techniques are the same for power amplifiers. 

And, wonder of wonders, I won't even mention the Smith chart ( Although I 

think I just did). 

To begin, what is an amplifier? For our purposes, an amplifier is an 

assembly of components using input RF power to convert a source of DC power 

into output RF power of greater magnitude than the input RF power. This is not 

a definitive definition, so don't worry about the nuances of the wording. 

The important parts of a basic amplifier are shown in Figure 1. Let's take 

a few examples of typical amplifiers and build some schematics. We will start 

with a 146 MHz amplifier which we want to deliver 50 Watts into a 50 Ohm load, 

work off a 13.0 Volt supply, and use an VET as a grounded source amplifier. 

First, lets consider the output network. 

Using the basic E = /Pri ( and incidentally, we are not going to use formulas 

that are much more complex than this), we find that to deliver 50 Watts to 50 

Ohms, we must supply 50 Volts rms. Obviously, in order to get 50 volts rms 

from the 13,0 volt supply, the output network must act as a step-up voltage 

transformer. To state it a bit differently, the output network must transform 

the 50 Ohm load so that the transistor sees a lower impedance. 

If we assume the matching network includes tuned circuits of reasonable Q, 

the waveform of Figure 2 is is the maximum that we will see at the output 

(drain) of the VET. The output will swing from the supply voltage toward zero 

down to some minimum voltage limited by the transistor and will swing above 

the supply voltage approximately the same amount. If, for the sake of this 

example, we assume that Esat is 3 Volts, we have a maximum voltage of 10 Volts 

peak ( 13 V. - 3 V.), or about 7 Volts rms. Erms' Fpeak //Y. To get our 50 
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computers as BASIC. In most cases, programs written in FORTRAN 

can be translated to BASIC with a minimum of effort. The only 

snag in this process ( well-known to RF designers) is the lack of 

COMPLEX data types in BASIC. If BASIC had complex data types, it 

would be a much more useful language for us. Usually BASIC has 

been provided with your computer - it might be called MBASIC, 

GWBASIC, BASICA, APPLESOFT BASIC, etc. but they all tend to be 

variations of Microsoft's MBASIC V5.2 which has become a de facto 

standard for small computer BASIC interpeters. By staying with 

the Microsoft BASIC and its variants, we are assured of: 

1 - Ease of program modification and debugging. 

2 - A high degree of portability between machines. 

3 - A common data file structure that many programs can 

use. 

So far we have discussed the "system software" that comes with 

each computer. We still cannot do any useful design work until 

we have applications software - those programs that actually 

calculate and display the information we use. Where are these 

programs coming from? As all of you are undoubtedly aware, RF 

design programs are not as popular as word processors. Yet there 

are many sources of low cost or free software that are directly 

applicable or easily modified to our needs. 

Low- or no- cost software is available from a variety of 

sources. Most of the programs I use regularly in my duties as a 

practicing RF engineer have been published in technical 

magazines. RF Design Magazine is one of the better sources of 

programs. Other good sources include EDN, Ham Radio, Microwave 
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Journal, etc. The bibliography has several references. The 

important thing to remember is ( to quote Tom Lehr) - " let nothing 

escape your eyes..." Read or scan as many of the publications as 

possible and start a clipping file. 

Another good source of programs is in manufacturer's 

application notes. These notes are generally tailored to a 

specific machine, but I have found them to be easily adopted to 

other computers. As an example, the now obsolete Hewlett-Packard 

9100-series of desktop calculators had excellent discussions of 

programs that could be used for filter design, transmission line 

calculations, etc and were easily adapted to BASIC. These 

programs ( and calculators!) often turn up at flea markets, swap 

meets and house organ classified advertising. 

The US Government and universities have a number of catalogs 

available that describe programs that have been written and are 

available for a small fee or free. CAED, an excellent microstrip 

design package ( written in FORTRAN) is availble from the US 

Government ( 21. Again, most of these programs are tailored to a 

specific machine or application, but many of them have wide 

application. A classic example is the circuit analysis program, 

SPICE, written and distributed by the University of California 

13). It take a little snooping to find these sources, but other 

engineers and libraries can be a big help. 

A few companies provide low-cost ( defined as under $ 100) 

software for engineers. Others, with their full- page 

advertisements, make us envious, but in general, they tend to be 

out of range to our budgets. All of us would like to have a 

program like SPICE2 running on our computers, but cannot justify 
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Watts, the transistor must see an impedance of: 

PL. 6'; sl. C;(;¡'` k/-(7).' 4:7e'-k L(440 '<23-3' 
P p 2.42 - = 1) 

Thus, the output matching network must transform the 50 Ohms load down to 

present 1 Ohm to the transistor. If this were an audio amplifier, the output 

matching detwork might be a 1 Ohm to 50 Ohm transformer. Because we are 

designing an amplifier for communications purposes, we will want to add some 

filtering to the network and we can use narrow band networks. 

Note that, other than to consider a saturation voltage, we haven't paid any 

attention to the transistor. We haven't worried whether it was bi-polar, an 

FET, or made out of "molded muckite". We have simply said that to get 50 Watts 

from a 10 Volt peak sine wave we have to present it with a load of 1 Ohm. 

Also note that we haven't tried to "match" its output impedance. Again, we 

simply determined that with a 13 Volt supply, and a device with a saturation 

voltage of 3 Volts, the transistor must " see" I Ohm to deliver 50 Watts. 

There is a common misconception that power amplifiers are designed to 

"match" the output impedance of the transistor; or to us sophisticated RF 

types, you need a network that presents a "complex conjucate match". 

This is not true, and is not true in most power work. If you want to build 

a toaster, you select the resistance of the heating element to draw the 

desired power at the voltage available. You do not select a resistance to 

"match" the source impedance of the power company generators. You would sure 

brown your toast in a hurry if you did. 

Of course, we are not really ignoring the transistor. We are assuming that 

the device chosen is satisfactory for the supply voltage, has sufficient gain 



the cost of many hundreds or thousands of dollars. A more 

acceptable substitute are " canned" programs such as ACNAP and 

DCNAP [ 4,5] from BV Engineering. These companies provide 

programs at reasonable cost for our requirements. One company, 

DYNACOMP [ 61, provides programs in BASIC source form, so they can 

be modified for a specific application. 

The microcomputer publishing industry has been publishing 

hundreds of books on using your personal computer for everything 

from cat breeding to sports handicapping. There are several 

volumes available of programs for engineering computing, but in 

general, I have found these not to be of much use. A few 

exceptions are worth noting. F.R. Ruckdeschel's BASIC Scientific 

SUDIQUtineS ( Volumes I & II) [ 7] should be in every engineer's 

library. These books are a collection of well-documented 

programs for many of the mathematical operations that are 

required for serious engineering work. These programs and 

subroutines are presented with unique line numbers so they can be 

used directly - a helpful feature. These subroutines can be 

purchased already on disk at a nominal cost [ 8]. Another very 

useful publication is Antenna Design gulag Personal Computell by 

David S. Pozar [ 9]. This little xpublication is a collection of 

programs for path analysis, transmission line and antenna design, 

with a good explanation of the theory involved and a comparison 

of results with calculated values. Also, these programs are 

availble on disk [ 10]. A last example of an excellent 

publication for the engineer engaged in computer-aided design is 

Cileuit Design using Felspnal Cgafflters by T. R. Cuthbert Ill]. 
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This volume has numerous programs for design ( as opposed to 

analysis) for the small computer, and includes an excellent 

discussion of optimization, which is often neglected in CAD 

articles and publications. 

A final source of suitable applications software for our 

"poor man's work station" is ourselves. Although it takes a bit 

of effort, writing a program to solve a particular design problem 

can be a fun. Possibly a fellow engineer has a similar 

requirement to yours and already has a suitable program or one 

that can be modified. An example of " home brew" engineering 

programs are included in Appendix A of this paper. Both were 

written by members of the San Bernardino Microwave Society to 

solve a specific application, and have been widely distributed 

and modified by others. Most engineers that write these programs 

are happy to share them, so always ask, and always give credit 

where credit is due. In general, these are not the slick 

finished products that would be available from publishers, but 

are useful. 

PRACTICAL CONSIDERATIONS: 

Now that we have discussed the sources of programs that are 

availbe to the RF design engineer, let's discuss some of the 

problems we can encounter. 

First of all, just because all BASIC programs are similar, 

they are not identical! In general, when getting a program from 

another machine, it is necessary to make some minor conversions. 

Such things as file opening and closing, data formats, and minor 

syntax variations can drive you up the wall. Multiple statement 

delimiters, "extra" functions, etc., all have to be resolved and 
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Figure 3 

for the application at the operating frequency, can deliver the required 

current, has sufficient dissipation capabilities and other parameters to 

assure adequate operating life, etc. In fact, long before you start with the 

specifics of a particular design, the chances are that you have spent many 

hours with data sheets deciding which devices are suitable for the 

application. 

Also, the transistor input and output usually appears reactive and our 

networks will have to account for these reactances. 

Back to the output network. There are many networks that will transform 50 

Ohms to 1 Ohm, and the literature abounds with analyses 6,7,8,9,10,11,12,13,14 

of them. For this example I will use a pair of basic "L" networks. 

The "L' network ( Figure 3a or 3b for the low-pass version and Figure 4a or 

4b for the high pass), is a basic building block used in many situations. 

Although well covered in the literature, we will quickly derive the applicable 

formulas. I would like to take the time because it is such a basic building 

block. We will be using the circuit of Figure 3a as our example. 

We picked a low pass version because in a well designed amplifier the only 

spurious signals created by the amplifier are harmonics. Why not use the 

matching network to help in their removal? If we are using the network to 

match unequal impedances (Rs not equal to Rp) the response of the network is 

peaked and a perfect match only occurs at the peak of the response. If the Q 

is low enough, the bandwidth can be reasonably large. 

For zero insertion loss, the loaded Q of the series arm must equal the 

loaded Q of the shunt arm at the peak frequency. 
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corrected. If you are getting a disk-based program from a 

different ( foreign) machine, try to get the program in ASCII 

format. As a practical matter, I save all of my programs in 

ASCII instead of the more compact binary format, just to simplify 

the conversion between different machines. A side benefit of 

this method of storage allows you to edit and print the source 

listings with an editor or word processor. 

If you are writing programs, try to include provision for 

storing and loading infomation from disk - this will save you the 

trouble of typing a circuit over and over. A little effort at 

this stage can make a program much more professional and easier 

to use. Data files can be designed that can be used by many 

programs. I use the format of printing to file the independent 

variable, followed by dependent variables, e.g. frequency, real 

part of impedance, imaginary part of impedance in actual values, 

such as Hz, ohms, etc. Try to avoid the use of specific 

multipliers, such as GHz; it is then difficult to use your 

program in a wide variety of situations. Make an effort to 

maintain consistency whenever possible. When dealing with arrays 

of data, such as network analysis programs, data files should 

have a header that specifies the dimensions of the array. It is 

very easy to forget these parameters when you are working with 

many different projects. 

SOME EXAMPLES 

Network Analysis: One of the recurring tasks for the RF 

design engineer is predicting the performance of a circuit and 

modifying it until it meets requirements. The normal process is 

to rely on our experience, etc. to get an initial design, 

breadboard, measure performance, and " tweak and trim" until the 

desired performance is achieved. Computer aided design is a much 

more difficult task than computer-aided analysis. In design, we 

input the desired performance and the output is a circuit. In 

analysis, the circuit is input and the output is performance. 

Most small computer programs use an input circuit and calculate 

performance. Computer -aided design programs are available 1121 

but I have found that convergence on an acceptable design by 

interaction is a faster and more comfortable approach. 

As an example, the process for design and evaluation of a 

simple diplexer will be demonstrated. This diplexer is to split 

the FM broadcast band ( 88-108 MHz) and the 2- meter amateur radio 

band (144-148 MHz) from a common source. Since this is intended 

for very low-cost applications ( mobile reception) we decide to 

use a simple set of Butterworth filter circuits ( Figure 1). 

After coming up with this "quick and dirty" circuit, we load 

NET85.ASC (Appendix B) and analyze the circuit over the bands of 

interest. The results of this anaylsis are shown in Figure 2. 

Inspection of this data indicates that fabrication could be 

simplified by using standard circuit elements shown in Figure 3. 

Continuing to work with METHS, we add these changes and obtain 

the performance shown in Figure 4. Since our only intent is to 

build one of these for the car belonging to the president's son, 

we conclude this is an adequate design. 

The NET85 program is derived from a program that was 

originally described in EDN magazine113]. It was written in a 

BASIC- like language and has been translated to GWBASIC ( Appendix 
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Figure 5 
The design of a matching network lies in our ability to represent a series 

combination of components as an equivalent parallel combination, and vice 

versa ( Fig. 5). At the conversion frequency, and it is valid at only one 

frequency, the series and parallel equivalents will have the same impedance. 

For Qs greater than one, the series equivalent resistance will always be 

smaller than the parallel equivalent resistance. 

There are many ways to derive the proper values, but we will rely on the 

fact that the Qs must be equal. First, some familiar formulas. 

For parallel components, Q wio 2) 

For series components, 
xs 

Q 3) 

The standard series to parallel transformation formulas, based on Q, are: 

xe. (le -41) 4) 

R. pI a- c2 2) Rs 5) 

Note that the Q used here is not the total Q of the network but rather the 

Q of just the two components being considered. In the case of an L network, 

with the Q of the series arm the same as the Q of the parallel arm, the 

network Q is 1/2 the Q of each arm, when matched at each end. 

In our particular case we have the situation of Figure 6a. We are trying to 

make a 50 Ohm load appear to be 1 Ohm. 

Place a capacitor across the load as in 6b. At any single frequency we can 
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R). The program has been extensively modified to allow for 

creation and saving of the program data. Examples of input and 

output data files are also shown in Appendix R. The files are 

then plotted on a low-cost commercial plotting package 1141. 

EXAMPLE M1cRtMAVE ANTENNA DESIGN 

One of the more tedious tanks facing engineers is the 

occasional design of an antenna. As RF engineers we are often 

called to come up with at least a rough design for an antenna 

(How big a dish do we need to receive OSCAR VII?). Appendix B2 

han a straight- forward program to design a suitable Casnegrain or 

prime- focus reflector antenna. Once a suitable design is 

reached, other BASIC language programs can he used for more 

detailed analysis 191. The results can then be presented by using 

one of many available graphing or plotting programs 1141. When 

using these relatively simple programs it is important to 

remember that most of them are based on geometric optic 

conniderations, no do not compensate for edge effects, etc., and 

will likely provide incorrect answers for small antennas. In 

general, the higher the antenna gain, the easier it is to predict 

its performance. There are some programs available 191 that go 

beyond geometric considerations, but large physical optics or 

method of moment solutions tend to be beyond personal computers. 

However, it may be possible to reduce a fairly complex program 

program to parts that will run on a personal computer. The 

computation- Intensive parts, such as the solution of the complex 

matricies, could he allowed to run overnight. Most of these 

programs are availble in FORTRAN 1151 and could he loaded and 

compiled on a MS-DOS based PC, as there are FORTRAN compilent 

available that can deal with COMPLEX data types. It is possiblr 

to translate these programs to BASIC, but it is left as at 

excercise to the reader to accomplish this. 

OTHER APPLICATIONS: 

The duties of the RF designer generally include a large 

portion of ' administrative' duties. These include reports, 

memoranda, statements of work, project tracking, procurement 

documents, etc. Most of UR find these tanks at best a burden and 

at worst an imposition. Until management sees fit to provide us 

with adequate administrative and paraprofessional support, these 

tasks will remain with un. Our poor man's engineering work 

station' can be pressed into service to support these functions. 

By including some form of text editor or word processing 

software, reports and memos can be generated quickly and in a 

more readable form. By relieving the work of preparing 

documents. I have found'that using a small desktop computer 

increases my engineering productivity significantly. In 

addition, most engineers would rather design than perform 

administrative tasks, so the editing function alone makes a 

personal desktop computer worthwhile. 

Procurement actions, schedules, parts and wire lists, etc. 

can be efficiently maintained using one of the many microcomputer 

data base managers. An an example. I used a data base on an old 

microcomputer to maintain a wire list for a large transmitter. 

By simply inquiring the disk, I could get a list of all the 

locationn a particular signal could he found or all signals on a 
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replace the combination of parallel capacitor and load with a series 

equivalent. If the right value of parallel capacitor was used, the equivalent 

series resistor can be made to be 1 Ohm. ( Figure 6c) 

If we now place an inductor in series, which has the same reactance 

magnitude as the computed series capacitor, the reactances will cancel and the 

impedance looking into the network will be our desired 1 Ohm. (Figure 6d) 

Transforming the output section back to a parallel circuit, we have the 

R 50 Ohms 
finished network of Figure 6e. Now lets put some numbers on things. 

1 Ohm Equivalent 
Series Resistance 

1 Ohm 

50 Ohms 
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Rearranging series to parallel transformation formula 5), above, and solving 

for Q, we have. 

In our case, 

her 
Q 

Q , 1 -1 ----- 7 

From 2) the reactance of the parallel capacitor is, 

r2P - 5° = _ _7_ 

And, from 3), the reactance of the series inductor is, 

)(z P.s • 42 = I•7 r17 

6) 

7) 

8) 

9) 

Note that the reactance of the series inductor is not the same as that of 

the parallel capacitor; although in high Q cases it is often considered so for 

convenience. 



particular connector or terminal block. 

These applications are well known, and it is not my 

intention to go into great detail, but sometimes we overlook the 

'support functions' that take up so much time. If we can develop 

more time for design work, it enables us to be more effective as 

engineers. 

CONCLUSIONS: 

This paper has presented one engineer's view of the use of 

obsolescent technology to make his job easier and more 

productive. As the cost of computing power continues to decline, 

we will have the power of supermini computers available to us. 

In the meantime, the latest technology may not be available. I 

have tried to show with a few examples how we can use existing 

low- end hardware combined with relatively simple software to 

greatly speed up our efforts as design engineers. The key is the 

immediate availability of a computer. It is better to have an 

old, slow machine immediately availble to us for a quick 

evaluation, than a large mainframe that we have to schedule well 

in advance. The programs and examples I have presented are not 

necessarily the most efficient or accurate. They are programs 

that I have used and refined over the years to accomplish 

specific tasks. There are many things that can be done by the 

user to make these programs more efficent or easier to use. As 

an example, an option could easily by added to allow input to 

NET85.ASC as reactance values, rather than component values. 

This change would be very helpful, but I never "got around tuit". 

The bibliography lists several sources of software, but I make no 

claims for its accuracy or completeness. 
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The Q of the network is 1/2 the Q of either branch, or, 

Qtotal = Qs/2 = Qp/2 - 7/2 3,5 

Lets calculate the component values at our selected operating frequency of 

146 MHz. 

C ,1111-.Ye 5 3/4' r 

_ ,y, 
- .errf"' D• n- • v6 •/06 7'( n 

10) 

11) 

Note that the Q was determined only by the impedance ratio and the values 

were determined by Q, impedances and frequency. This is one disadvantage of 

the simple L network; we can't choose Q. Two elements simply do not give us 

enough degrees of freedom. By making our network a three element network, 

such as the T and 7Twe can, with some limitations, design for a specific Q. 

Four element networks give us one more degree of freedom and are often used 

for broadband matching. One version of a four element network is two cascaded 

L sections; transforming the load to some intermediate value with one section 

and matching the intermediate value to the final impedance with the second. 

Each section has a smaller step up and will operate at lower Q. Maximum 

bandwidth is achieved if the Q of each is the same. This occurs when: 

2,- = Ps,s,„0..-y 12) 

The process can be continued with three, four, or more, sections; although 

little is generally gained with more than three. 

Lets recalculate our output network as a two section L network. For 

convenience, I have summarized the calculations in Figure 7. I have added a 
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APPENDIX A 

USER-WRITTEN BASIC DESIGN PROGRAMS 

A.1 DISH.ASC This program was written by Chuck Swedblom of the 

San Bernardino Microwave Society for design and analysis of 

Cassegrain-reflector antennas. It is based on ray- trace optics. 

10 ' 
20 ' PARABOLIC ANTENNA DESIGN PROGRAM 
30 ' 

40 ' Written by C. Swedblom, WA6EXV January 13, 1981 ( not Friday) 
50 ' 
60 ' Revised: March 26, 1981 
70 ' 
80 ' Modified for Microsoft Basic by R. Kolbly, K6HIJ April 3, 1981 
90 ' ( Friday after a Society Meeting!) 
100 ' 
110 CLSS=CHR$(27)+"E" 
120 PI=3.1415928! 
130 DIM X(100) 
140 M$="fil.!!" 
150 D$="fit" 
160 PRINT CLS$ 
170 PRINT " Select area of interest" 
180 PRINT 
190 PRINT " 1. Calculate f/D and Gain of a Parabolic Dish." 
200 PRINT " 2. Design Sub Reflector for Cassegrain feed." 
210 PRINT " 3. Return to Basic" 
220 INPUT " Your Choice";ME 
230 IF ME < 1 THEN 260 
240 IF ME > 3 THEN 260 
250 ON ME GOTO 290,700,1390 
260 PRINT CLS$ 
270 PRINT " Values between 1 and 3 only!" 
280 GOTO 170 
290 ' Calculate f/D 
300 ' 
310 PRINT CLS$ 
320 INPUT " Diameter of the Dish in Inches";DIA 
330 PRINT 
340 INPUT " Depth of Dish, same units as Diameter";CR 
350 PRINT 
360 INPUT " Frequency of Interest, in MHz";MHZ 
370 PRINT 
380 INPUT " Efficency of the Dish in %"; EFF 
390 FDR=DIA/(16*CR) 
400 LAMDA=30000/(2.54*MHZ) 
410 GAIN=(PI*DIA/LAMDA)"2*EFF/100 
420 GAIN=10/L°G(10)*LOGIGAINI 
430 ' 

440 ' Print Results 
450 ' 
460 ' INPUT " Port !", N ( For output of Chuck's Basic) 
470 PRINT CLS$ 
480 PRINT " PARABOLIC DISH f/D and GAIN" 
490 PRINT " 
500 PRINT:PRINT 
510 PRINT " Diameter of the Parabolic Dish ". 
520 PRINT USING MS;DIA;:PRINT " In." 
530 PRINT 
540 PRINT " The f/D Ratio of the Parabolic Dish..."; 
550 PRINT USING MS;FDR 
560 PRINT 
570 PRINT "The Gain of the Parabolic Dish  
580 PRINT USING MS;GAIN;:PRINT " dB at "; MHZ;" MHz" 
590 PRINT " with an Efficiency of  "  
600 PRINT USING D$;EFF;:PRINT " 
610 ' 
620 ' Calculate Distance to the focal point 
630 ' 
640 FR=FDR*DIA 
650 PRINT 
660 PRINT " The distance to the focal point is...."; 
670 PRINT USING MS;FR;:PRINT " Inches" 
680 PRINT:PRINT:PRINT:PRINT:PRINT 
690 END 
700 ' 
710 ' Calculate the size and location of a Sub Reflector for a 
720 ' Cassegrain fed Parabolic Dish. 
730 ' 
740 PRINT CLS$ 
750 INPUT " f/D of the Real Dish in Inches";FDR 
760 PRINT 
770 INPUT " f/D of the Virtual Dish";FDV 
780 PRINT 
790 INPUT " Diameter of the Real Dish in Inches";DIA 
800 PRINT 
810 INPUT " Ratio of Sub Ref Dia. to Diameter, not over . 3";FSR 
820 PRINT 
830 FR=FDR*DIA 
840 FV=FDV*DIA 
850 CR=DIA ^2/(16*FR) 
860 CV=DIA"2/(16*FV) 
870 DSR=DIA*FSR 
880 M=DSR*(FR-CR)/DIA 
890 L=DSR*(FV-CV)/DIA 
900 A=(L+M)/2*(FV-FR)/(FV+FR) 
910 E=(L+M)/(2*A) 
920 THETA=2*ATNUDIA/2)/(FV-CV)) 
930 BLOCK=DIA*DIA-DSR*DSR 
940 GAINSR=10/LOG(10)*LOG(BLOCK) 
950 GAINRE=10/LOG(10)*LOG(DIA*DIA) 
960 BLK=GAINRE-GAINSR 
970 THETA=THETA*180/PI 
980 ' output the Data 
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Figure 8 

wrinkle and picked an F1260 MOSFET as our device. The data sheet indicates a 

series equivalent output reactance of -j.5 Ohms at 146 MHz. I absorbed this . 5 

Ohms by making the first inductor . 5 Ohms larger. We could also have handled 

the reactance by resonating it with a shunt inductor ( somewhat inconvenient 

for DC). At this power level and frequency bi-polar transistor outputs 

generally look inductive and a shunt C is common. 

Figure 8 is a partial schematic showing what the output part of the 

amplifier we have been discussing might look like. 

We are discussing power amplifiers and it might be useful to stop and 

discuss just what is different when compared to small signal amplifiers. The 

dividing line between small signal and power amplifiers is a fuzzy one. For 

example, I used to be very involved with wide dynamic range receiver front 

ends and when forced to use an RF amplifier might have designed it for over 

10 Watts output; yet I considered it a small signal amplifier. On the other 

hand, I will consider a two Watt intermediate stage in a transmitter chain a 

power amplifier. 

Rather than get bogged down with defining a dividing line, let us say our 

50 Watt amplifier is a power amplifier and compare it with small signal 

amplifiers in the milliwatt range. One apparent difference is the impedance 

levels brought about by the power level and what this does to the components. 

For example the input inductor of our example calculates to be 3.2 nH. This is 

a pretty small inductance and represents a fraction of an inch of PC board 

trace. When dealing with values this small, simple questions like; where does 

the transistor tab stop and the inductor begin, become difficult to answer and 
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990 ' 
1000 ' 
1010 PRINT CLS$ 
1020 PRINT " PARABOLIC DISH/SUB-REFLECTOR" 
1030 PRINT " 
1040 PRINT:PRINT 
1050 PRINT " Diameter of Dish  
1060 PRINT USING MS;DIA;:PRINT " In." 
1070 PRINT " i/D of Real Dish   
1080 PRINT USING M$;FDR 
1090 PRINT " f/D of Virtual Dish  
1100 PRINT USING M$;FDV 
1110 PRINT " Focal Point of Real Dish 
1120 PRINT USING MS;FR;:PRINT " In." 
1130 PRINT " Focal Point of Virtual Dish  
1140 PRINT USING MS;FV;:PRINT " In." 
1150 PRINT " Diameter of Sub-Reflector  
1160 PRINT USING MS;DSR;:PRINT " In." 
1170 PRINT " Location of Sub- Reflector  
1180 PRINT USING MS;FR-M;:PRINT " Inches from Org." 
1190 PRINT " Location of Feed Horn  
1200 PRINT USING MS;(FR-M)-L;:PRINT " Inches from Org." 
1210 PRINT " Feed Beam Width  
1220 PRINT USING te;THETA;:PRINT " Deg." 
1230 PRINT " Reduction in Gain due to Sub-Reflector 
1240 PRINT USING MS;BLK;:PRINT " dB." 
1250 PRINT:PRINT:PRINT 
1260 ' 
1270 ' Print X-Y Coordinates of Hyperbolidal Sub-Reflector 
1280 ' 
1290 INPUT " Enter increment for Sub Ref. X-Y Cordinates";INC 
1300 PRINT TAB(5);"X-Y Co-ord. for Hyperbolidal Sub- Ref." 
1310 PRINT 
1320 PRINT TAB(10);"Y-Co-ord.";TAB(28);"X-Co-ord." 
1330 PRINT 
1340 FOR Y=0 TO DSR/2 STEP INC 
1350 X(Y)=SQR(A*A+(Y*Y)/(E*E-1)) 
1360 Z=X(Y)-X(0) 
1370 PRINT TAB(10);:PRINT USING MS;Y;:PRINT TAB(28); 
1380 PRINT USING MSIZ 
1390 NEXT Y 
1400 END 

A.2 STRIPLIN.ASC This program is for design of microstrip lines 

and has been continously refined. Again, it is user-written. 

10 REM THIS PROGRAM CALCULATES THE WIDTH OF A MICROSTRIP LINE 
20 REM FOR A GIVEN IMPEDANCE OF WILL CALCULATE THE IMPEDANCE 
30 REM OF A MICROSTRIP LINE OF A GIVEN WIDTH 
40 REM 
50 REM WRITTEN BY C. SWEDBLOM, WA6EXV 12 JUNE 1979 
60 REM MODIFIED BY DICK KOLBLY, K6HIJ 16 SEPT 1979 
70 REM DIELECTRIC CONSTANTS ADDED K6HIJ 10 MARCH 1981 

80 REM W=WIDTH OF MICROSTRIP LINE 
90 REM H=THICKNESS OF SUBSTRATE MATERIAL 
100 REM T=THICKNESS OF MICROSTRIP LINE 
110 REM F- FREQUENCY 
120 REM E- DIELECTRIC CONSTANT OF SUBSTRATE MATER 
130 REM E1=DIELECTRIC CONSTANT AT DC 
140 REM E2=DIELECTR1C CONSTANT AT FO 
150 REM Z=CHARACTERISTIC IMPEDANCE OF MICROSTRIP 
160 REM Z1=CHARACTERISTIC IMPEDANCE AT DC 
170 REM Z2=DESIRED IMPEDANCE 
180 REM L=WAVELENGTH 
190 REM D1=IMPEDANCE ERROR FACTOR 
200 REM 
210 D1=.0001 
220 P1=3.14159265* 
230 PRINT " 1 OZ Cu= . 0013 in, 2 Oz Cu= . 0027" 
240 PRINT "( 1) AIR (e=1.00)" 
250 PRINT "( 2) O10 FIBERGLASS ( e=4.80)" 
260 PRINT "( 3) TEFLON/GLASS ( e=2.55)" 
270 PRINT "( 4) REXOLITE ( e=2.54)" 
280 PRINT "( 5) TEFLON (e=2.10)" 
290 PRINT "( 6) FORMICA XX (e=4.04)" 
295 PRINT "( 7) DUROID (e=2.23)" 
300 INPUT "( 8) OTHER";K:IF K=0 OR K=8 THEN 310 EL! 
310 INPUT"TYPE OF MATERIAL AND ER";A$,E 
320 IF K=1 THEN AS="AIR":E=11 
330 IF K=2 THEN A$="G10":E=4.8 
340 IF K=3 THEN A$="TEFLON/FIBERGLASS":E=2.55 
350 IF K=3 THEN AS="REXOLITE":E=2.54 
360 IF K=5 THEN AS="TEFLON":E=2.1 
370 IF K=6 THEN AS="FORMICA XX":E=4.04 
375 IF K=7 THEN AS="DUROID":E=2.23 
380 IF K<0 OR K>8 THEN 300 
390 INPUT"FREQUENCY ( GHZ)";F 
400 INPUT"SUBSTRATE THICKNESS";H 
410 INPUT " LINE THICKNESS";T 
420 PRINT " DO YOU WANT" 
430 PRINT 
440 PRINT"1. MICROSTRIP WIDTH" 
450 PRINT"2. IMPEDANCE OF MICROSTRIP LINE?" 
460 PRINT 
470 INPUT X 
480 IF X=2 THEN 680 
490 INPUT " DESIRED IMPEDANCE=";Z2 
500 W=I 
510 GOSUB 740 
520 GOSUB 820 
530 PRINT Z 
540 R=Z/Z2 
550 IF ABS((l-R)/(1+R))<=D1 THEN 620 
560 REM CALCULATE NEW WIDTH 

570 W=W*R*R 
580 GOTO 510 
590 REM 
600 REM ADJUST WIDTH FOR THICKNESS OF LINE 



cause a little more cut-and-try than we would like. Some people feel that a 

certain amount of "witchcraft" is involved in the design. 

If a fraction of an inch of PC trace is a desired inductor in our circuit, 

how about the lengths needed Just to connect the components together and which 

don't appear on the schematic? 

Amplifier schematics liberally throw ground symbols around, implying that 

when we see the symbol we can assume there is no voltage at the point. Ha! Our 

fraction of an inch 3.2 nH represents almost 3 Ohms at 146 MHz. The transistor 

is delivering power into a 1 Ohm network. It doesn't take much ground length 

to be a goodly percentage of 1 Ohm. Very careful layout is required and even 

then the network is going to look different than calculated. 

Capacitors act like values different than marked, due to lead inductance. 

When dealing with the high value capacitors dictated by the impedance levels 

involved in power amplifiers, leadless constructions like chip capacitors and 

metal cased micas are what you use. Even so, inductance is a consideration. A 

Motorola publication 15 estimates the metal cased mica capacitors used in VHF 

power amps, in the values they were discussing, have 1 to 2 nH in parasitic 

inductance and gives a formula for calculating an equivalent capacitor which 

will function as the desired value. The amplifier the author was designing 

required an 880 pF capacitor and the formula indicated that a 420 pF should be 

used, because of the effect of parasitic inductance. Hardly a small change! 

Another significant design difference between small signal and power 

amplifiers is in the selection of Q. In small signal amplifiers, it is not 

uncommon to lower the Q of the output tuned circuits simply by paralleling 

them with resistors. The power lost by this procedure is generally not a 

consideration and the stability gained is a plus. This is generally not the 

procedure used in power amplifiers. If you want a specific Q, you design the 

network so that the desired Q is obtained with the normal loads. 

We will cover more differences as we go, but I want to cover one more 

difference here, and that is the class of amplifier. Small signal amplifiers 

generally operate class A and occasionally drive into class AB with large 

signals. Power amplifiers can operate class A, AB, B or C. There is also a 

group of high efficiency amplifiers, such as classes D, E, F, G, H, and S 

which we won't even consider here. 

Before briefly discussing the classes of amplifier, note that it wasn't 

necessary to worry about the class when we designed the 

Whether operating class A, AB, B, or C our device must still 

determined by the available voltage swing and desired power. 

point often today and do so because it is one of the 

misunderstood areas of power amplifier design. I will now let 

Well, maybe not quite yet; because, I know some of you are 

output network. 

see an impedance 

I have made this 

most frequently 

it rest. 

going to go home 

and pull out the ARRL Radio Amateurs Handbook, that wonderful source of 

misinformation and oversimplification, and when you look in the section on 

power amplifier design you will find formulas different than we used. For 

example, their formula for the load resistance of a transistor amplifier 

ignores saturation resistance. This can lead to a significant error. 

Their vacuum tube formula, as if there should be a difference, uses plate 

voltage, plate current, and a factor K which depervls upon the class of 
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610 REM 
620 GOSUB 1010 
630 W=W-W1 
640 GOTO 1090 
650 REM 
660 REM CALCULATE IMPEDANCE FROM LINE WIDTH 
670 REM 
680 INPUT"LINE WIDTH ="; W 
690 GOSUB 1010 
700 W=W+Wl 
710 GOSUB 740 
720 GOSUB 820 
730 GOTO 1090 
740 REM 
750 REM SUBROUTINE TO CALCULATE P 
760 REM 
770 IF W/H<=1 THEN 800 
780 P=2*P1/((W/H)+2.42-(.44*H/W)+EXP(8*LOG(1-(H/W)))) 
790 RETURN 
800 P=LOG((8*H/W)+W/(4*H)) 
810 RETURN 
820 REM 
830 REM SUBROUTINE TO CALUCLATE E1,E2 AND Z 
840 REM 
850 E3=((E-1)/2*(1/SQR(1+(10*H/W))-1)) 
860 E1=E+E3 
870 REM 
880 REM CALCULATE EFFECTIVE ER 
890 REM 
900 REM DISPERSION EQUATION FROM GETSINGER 
910 REM 
920 Z1=60*P/SQR(E1) 
930 G=.6+(.009*Z1) 
940 D=Z1/(2.54*4*Pl*H) 
950 E2=E+(E3/(1+G*EXP(2*LOG(F/D)))) 
960 REM 
970 REM CALCULATE IMPEDANCE,Z 
980 REM 
990 Z=60*P/SQR(E2) 
1000 RETURN 
1010 REM 
1020 REM SUBROUTINE TO CORRECT LINE WIDTH FOR THICKNESS 
1030 REM 
1040 IF W/H<.15915 THEN 1070 
1050 W1=(T/P1)*(1+LOG(2*H/T)) 
1060 RETURN 
1070 W1=(T/P1)*(1+LOG((4*Pl*W)/T)) 
1080 RETURN 
1090 REM 
1100 REM PRINT OUT RESULTS 
1110 REM 
1120 L=(11.811/F)/SQR(E2) 
1130 REM 
1140 REM THESE ARE RESERVED FOR PRINT FORMATS 
1150 REM 

42 

1160 PRINT:PRINT:PRINT 
1170 PRINT" TYPE OF MATERIAL  
1180 PRINT" DIELECTRIC CONSTANT 
1190 PRINT" EFFECTIVE DIELECTRIC CONSTANT 
1200 PRINT" OPERATING FREQUENCY  
1210 PRINT" IMPEDANCE OF MICROSTRIP 
1220 PRINT" WIDTH OF MICROSTRIP  
1230 PRINT" THICKNESS OF SUBSTRATE  
1240 PRINT" THICKNESS OF MICROSTRIP LINE 
1250 PRINT" WAVELENGTH  
1260 PRINT" QUARTER WAVELENGTH  
1270 PRINT:PRINT:PRINT 
1280 INPUT"ANOTHER 00N";e:e=LEFT$(0,1) 
1290 IF Q$="Y" THEN 1300 ELSE END 
1300 IF X=1 THEN GOTO 490 ELSE GOTO 680 

";A$ 

";E2 
";F;" GHZ" 
";Z;" OHMS" 
";W;" INCHES" 
":H;" INCHES" 
";T;" INCHES" 

INCHES" 
";L/4;" INCHES" 



ME ME BIM BM MR 11113 IMP IBM WM Pie AO Mull 

amplifier. The K is, in reality, a factor that ties in efficiency and if you 

were to play with the formula you could tie it back to our voltage swing power 

output formula. If you are designing for a particular power output, you don't 

need to know the efficiency to calculate the load impedance. 

Unfortunately, they also get into that garbage about complex conjugate 

matching of the souce impedance and confuse the issue before trying to 

straighten it out. Remember our toaster example! 

Now, I'll let it rest. Back to class of amplifier. In case some of you have 

forgotten, we will re-define the classes. 

A Class A amplifier is one whos bias and drive are such that current is 

flowing for the entire 3600 of the drive cycle. If you assume a zero source 

impedance the theoretical maximum efficiency is 50% at maximum output. Values 

in the 20% to 35% range are more likely. In a truly linear class A amplifier, 

the power lost in the device is lowest at maximum output. This is the most 

linear of the classes and also has the highest gain. Due to low efficiency, 

Class A is generally confined to low power amplifiers. 

A class AB amplifier operates at bias and drive levels so the device is 

conducting for more than 1800 but less than 3600 of the drive cycle. The tuned 

circuits fill in the missing parts of the RF cycle ( so called flywheel effect) 

and Class AB RF amplifiers can be used for linear work, such as required by 

SSB, and for SSB use Class AB amplifiers are the most commonly used. 50% to 

60% efficiencies are not uncommon. 

I would like to use this class to poke fun at another popular conception 

and that is you should always operate an amplifier at less than its designed 

output power for maximum life. There is some validity to this theory. At lower 

powers some components are stressed less. ( I could tell you a story about 

disintergrating gate bonding wires in poorly designed FET's except we don't 

have time, and, secondly, I would probably cry a lot.) However, in general, 

you maximize the life of an amplifier by keeping the transistor temperatures 

as low as you can. 

Falcon Communications makes a Class AB amplifier that delivers 100 Watts 

when drawing about 12 Amperes from a 13.8 volt supply. 12 Amps at 13.8 Volts 

is about 166 Watts and if we are getting 100 Watts out, "that means we are 

losing about 66 Watts in the amplifier. Allowing for a few _Watts in the DC 

wiring, the output matching network, and the output filter, we are losing a 

little over 60 Watts in the two 

drive it takes to get 100 Watts 

up with the transistors having 

when the amplifier is driven to 

transistors. If we say that 10 of the 12 Watts 

Out is also dumped in the transistors, we end 

to get rid of a little over 70 Watts of heat 

full output. 

The quiescent current of this amplifier is 6 Amps. Thus, we have 6 x 13.8 

or about 83 Watts of heat to get rid of if we have no drive but are keyed up. 

Almost all of the 83 Watts is dumped in the transistors. Thus, the transistors 

will run hotter at no output than they do at full output. 

The point of the story is to caution you against blanket generalities. 

A Class B amplifier is biased so the device is just cut off. Current, thus, 

flows for 1800 of the drive cycle. 65% efficiency can be achieved. It is 

reasonably linear. 

Although the definition of Class B calls for operation just at cut off, in 
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APPENDIX B 

NET85. ASC - A useful network analysis program derived from 

literature, but extensively modified by users for particular 

needs, including file storage of circuits and results of 

analysis. 

10 ' *** NET*85 *** 
20 ' SEE EDN FEB 4, 1981 PP 126-133 
30 ' TRANSLATED TO MICROSOFT BASIC BY R.B. ROLBLY 
35 ' DISK FILES FOR SAVING AND RESTORING NETWORKS ADDED 
36 ' DATA FILE OUTPUT CAPABILITY ADDED 
40 ' GOLDEN RULE SYSTEMS - FEBRUARY 22,1985 
50 PS= 

"FREQ= 11.1111-- AMPL= 11.11-- 20LOG= ittil.1 PHASE= 1111.1" 
60 K=INT(FRE(A)/4)-23 
70 X=INT((SQR(169+24*K)-26)/121-1 

80 PRINT USING " You have a maximum of 11 Nodes Available";X 
90 INPUT " Number of Nodes Desired ( CR=10)";Y 
100 IF X>=10 AND Y=0 THEN X=10:GOTO 140 
110 IF X<10 AND Y=0 THEN X=Y:GOTO 140 
120 IF Y>X THEN PRINT USING " Maximum of tit nodesl";X:GOTO 90 
130 IF Y<X THEN X=Y 

140 DIM A(X,X),B(X,X),P(X,X),Q(X.X),R(X,X) 
150 DIM S(X,X),I(2*X),FLS(4,2) 

160 DIM T(2*X),M(2*X),N(2*X),0(2*X),L(2*X),Z(2*X) 
170 PRINT USING " You have selected a maximum of 11 nodes";X 
180 FOR J=1 TO X 
190 FOR I=1 TO X 
200 P(I,J)=0 
210 Q(I,J)=0 
220 R(I,J)=0 
230 S(I,J)=0 
240 NEXT I 
250 NEXT J 
260 NODES=X:X=1:T(X)=0 
270 N=0 
280 PRINT " 1 RESISTOR" 
290 PRINT " 2 CAPACITOR" 
300 PRINT " 3 INDUCTOR" 
310 PRINT " 4 TRANSMISSION LINE" 
320 PRINT " 5 SHORTED STUB" 
330 PRINT " 6 OPEN STUB" 
340 PRINT " 7 OPERATIONAL AMPLIFIER" 
350 PRINT " 8 NPN TRANSISTOR" 
360 PRINT " 9 FIELD-EFFECT TRANSISTOR" 
370 PRINT " 10 STOP" 
380 PRINT " 11 ANALYZE NETWORK" 
390 PRINT " 12 ENABLE/DISABLE PRINTER" 
391 PRINT " 13 RESTORE NETWORK FROM DISK" 
392 PRINT " 14 SAVE NETWORK TO DISK" 

393 PRINT " 15 GENERATE ASCII NETWORK FILE" 
400 PRINT " 16 LOAD NETWORK VALUES FROM ASCII FI 
410 PRINT 
420 R6=0:INPUT " SELECT FROM LIST (< CR> FOR MENU) 
430 IF R6=1 THEN PRINT "( 1) RESISTOR":GOTO 730 
440 IF R6=2 THEN PRINT "( 2) CAPACITOR":GOTO 810 
450 IF R6=3 THEN PRINT "( 3) INDUCTOR":GOTO 770 
460 IF R6=4 THEN PRINT "( 4) TRANSMISSION LINE":G( 
470 IF R6=5 THEN PRINT "( 5) SHORTED STUB":GOTO 6, 
480 IF R6=6 THEN PRINT "( 6) OPEN STUB":GOTO 710 
490 IF R6=7 THEN PRINT "( 7) OP AMP":GOTO 990 

500 IF R6=8 THEN PRINT "( 8) NPN TRANSISTOR":GOTO 
510 IF R6=9 THEN PRINT "( 9) FET TRANSISTOR":GOTO 
520 IF R6=10 THEN PRINT "( 10) PROGRAM FINISH":ST( 
530 IF R6=11 THEN PRINT "( 11) ANALYSIS":GOTO 106( 
540 IF R6=12 THEN INPUT "( 12) HARDCOPY OUTPUT ( Y/ 

:HS=LEFTS(HS,1): GOTO 420 
541 IF R6=13 THEN PRINT "( 13) RESTORE NETWORK TO 

:GOTO 3000 
542 IF R6=14 THEN PRINT "( 14) SAVE NETWORK TO DI5 
543 IF R6=15 THEN PRINT "( 15) GENERATE ASCII NET1A 

:GOTO 5000 
544 IF R6=16 THEN PRINT "( 16) LOAD NETWORK FROM P 

:GOTO 4000 
550 GOTO 280 
560 T(X)=1:INPUT " SHIELD IN";M(X):REM *** TRANSMI 
570 INPUT " CENTER IN";I(X):INPUT " CENTER OUT";0(X 
580 INPUT " SHIELD OUT";N(X):GOTO 610 
590 INPUT " NODE A";M(X) 
600 INPUT " NODE B";N(X) 
610 INPUT " ZO";Z(X) 
620 INPUT "QUARTER-WAVE FREQUENCY ( HZ)";L(X) 
630 IF I(X)>N THEN N=I(X) 
640 IF M(X)>N THEN N=M(X) 
650 IF N(X)>N THEN N=N(X) 
660 IF 0(X)>N THEN N=0(X) 
670 X=X+1:T(X)=0 
680 GOTO 420 
690 T(X)=3: REM *** SHORTED STUB 
700 GOTO 590 
710 T(X)=2: REM *** OPEN STUB *** 
720 GOTO 590 
730 INPUT " NODE A";I:INPUT " NODE B";J:INPUT " RESI, 
740 V=1/V 
750 GOSUB 1430 
760 GOTO 420 
770 INPUT " NODE A";I:INPUT " NODE B";J:INPUT " INDU( 
780 V=1/V 
790 GOSUB 1360 
800 GOTO 420 
810 INPUT " NODE A";I:INPUT " NODE R";J 

:INPUT " CAPACITANCE ( FARADS)";V 
820 GOSUB 1480 
830 GOTO 420 
840 INPUT " GATE";K:INPUT " SOURCE";J:INRUT " DRAIN"; 

* * * 



practice any amplifier operating near cut off is considered Class B. For 

example, a bi-polar transistor power amplifier operating with no bias and low 

base-to-ground DC resistance is generally considered Class B. This would 

not be a linear amplifier. 

A Class C amplifier is biased beyond cut off. Thus, current flows for less, 

and generally considerably less, than 1800 of the input drive cycle. Class C 

amplifiers have the highest efficiency, approaching 802, and the lowest gain 

of the basic classes. They are very non-linear and used for CW, FM and other 

.services where linearity is not important. They also generate the highest 

level of harmonics. 

When applied to vacuum tubes there are sub classes, such as AB1 and AB2. 

The 1 means you never drive the tube hard enough to draw DC grid current, and 

the 2 means you do. 

Class C vacuum tube amplifiers are almost always driven hard enough to draw 

grid current but the 2 subscript is seldom used. 

For some reason, I hear the 1 and 2 subscripts occasionally applied to 

solid state amplifiers. They have no meaning. With bi-polar transistors you 

will have DC base current for all classes. If you draw DC gate current in a 

MOSFET device you had better get your wallet out because you just destroyed 

it. 

The difference in designing for the different classes is primarily one of 

using knowledge of the conduction angle to be able to calculate the DC 

current, efficiency and gain. Time prevents going into the specifics. Once 

again, the topic is well covered in the literature 16.17. 
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Next, I would like to briefly cover the input matching network. Here, we 

are primarily performing an impedance matching function. We are transforming 

the impedance seen looking into the device to some desired impedance. If we 

are designing a single stage amplifier, the impedance we desire is generally 

one of the standard system impedances, such as 5D Ohms, 72 Ohms, 100 Ohms, 

etc. If we are dealing with a multistage amplifier, the input network of one 

stage is actually the output network of the preceeding stage. We will limit 

our discussion to single stage amplifiers, and 50 Ohm systems. 

The F1260 MOSFET we have selected for our example amplifier has an input 

impedance whose real part is about 1 Ohm at the 146 MHz we are using in our 

example. Thus, the input matching network could be very similar to the output 

network and we won't go through any calculations. 

The schematic of a 50 Watt, 2 Meter amplifier we manufacture is shown in 

Figure 9. We will use this schematic rather than a hypothetical example to 

finish our discussion of why the schematics look the way they do. 

The input network is a double L, consisting of PC trace and Li as the 

inductors and C6, C7 and C9, CIO as the capacitors. C5 is a compensating 

capacitor added to give a wider range of adjustment. C9 and C10 are metal 

cased micas for low lead inductance. R5 is just a static drain in this 

amplifier. In others it could be a swamping resistor. The amplifier has a T/R 

relay and provision to plug in a receive preamplifier. 

Bias is applied to the FET through R3. Because no DC current is involved, 

R3 is large ( 10K). Again, if swamping is needed for any reason, R3 could be 

small. Bias comes from a regulated 8 Volt supply turned on at the same time as 
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INPUT "GAIN(MHO)";V 
850 L=J 
860 GOSUB 1530 
870 GOTO 420 
880 INPUT " BASE";K:INPUT " EMITTER";J:INPUT " COLLECTOR";I: 

INPUT " BETA";R5 
890 INPUT " Rbe ( OHMS)";V 
900 V=1/V 
910 L=I 
920 I=K 
930 GOSUB 1430 
940 I=L 
950 L=J 
960 V=V*R5 
970 GOSUB 1530 
980 GOTO 420 
990 INPUT "+ IN";K:INPUT "- IN";L:INPUT "-OUT";I:REM *** OP-AMP *** 
1000 INPUT "+OUT";J:INPUT " GAIN(V/V)";R5: 

INPUT " OUTPUT RESISTANCE(OHMS)";V 
1010 V=1/V 
1020 GOSUB 1430 
1030 V=V*R5 
1040 GOSUB 1530 
1050 GOTO 420 
1060 INPUT " INPUT NODE";E:INPUT " OUTPUT NODE";F:N=N-1 
1070 INPUT " START,STOP FREQUENCIES ( HZ)";G,H 
1080 INPUT " t OF DATA POINTS";M 
1090 INPUT " FREQUENCY SWEEP-LOG=0(LINEAR=1)";R6 
1091 PFG=0:INPUT " Do you want output data files";Q$:Q$=LEFT$(QS,1) 
1092 IF Q$="Y" OR 0$="y" THEN GOSUB 7000 
1100 D=(H-G)/(M-I) 
1110 R4=EXP(LOG(H/G)/(M-1)) 
1120 RO=G:R9=0 
1130 R9=R9+1 
1140 W=2*3.14159*R0 
1150 0=E:Z=F 
1160 GOSUB 2470 
1170 GOSUB 2200 
1180 V=R5:U=Z 
1190 IF ( E+F)/2=INT((E+F)/2) THEN 1210 
1200 U=U-180 
1210 0=E:Z=E 
1220 GOSUB 2200 
1230 U=U-Z 
1240 IF V=0 THEN R7=-999:GOTO 1270 
1250 IF R5=0 THEN R7=9999:GOTO 1270 
1260 V=V/R5:R7=8.68589*LOG(V) 
1270 IF U>180 THEN U=U-360 
1280 IF U<-180 THEN U=U+360 
1290 PRINT USING P$;RO,V,R7,U 
1300 IF H$="Y" THEN LPRINT USING P$;RO,V,R7,U 
1302 IF PFG=0 THEN GOTO 1310 
1304 GOSUB 7200 
1310 IF R6=0 THEN RO=RO*R4 
1320 IF R6 ,>0 THEN RO=RO+D 

1330 IF R9<>M THEN 1130 
1340 N=N+1 
1350 CLOSE:GOTO 420 
1360 R(I,I)=R(I,I)+V:REM INDL 
1370 R(J,J)=R(J,J)+V 
1380 R(I,J)=R(I,J)-V 
1390 R(J,I)=R(J,I)-V 
1400 IF I>N THEN N=I 
1410 IF J>N THEN N=J 
1420 RETURN 
1430 P(I,I)=P(I,I)+V:REM RESL 
1440 P(J,J)=P(J,J)+V 
1450 P(I,J)=P(I,J)-V 
1460 P(J,I)=P(J,I)-V 
1470 GOTO 1400 
1480 Q(I,I)=Q(I,I)+V 
1490 Q(J,J)=Q(J,J)+V:REM CAPL 
1500 Q(I,J)=Q(I,J)-V 
1510 Q(J,I)=Q(J,I)-V 
1520 GOTO 1400 
1530 P(I,K)=P(I,K)+V:REM TRANS 
1540 P(J,L)=P(J,L)+V 
1550 P(J,K)=P(J,K)-V 
1560 P(I,L)=P(I,L)-V 
1570 IF K>N THEN N=K 
1580 IF L>K THEN N=L 
1590 GOTO 1400 
1600 IF N>1 THEN 1630: REM COMP 
1610 0=A(1,1):Z=B(1,1) 
1620 RETURN 
1630 0=1 
1640 1=0 
1650 K=1 
1660 L=K 
1670 S=ABS(A(F,K))+ABS(B(K,K)) 
1680 I=K-1 
1690 I=I+1 
1700 T=ABS(A(I,K))+ABS(B(I,K)) 
1710 IF S>=T THEN 1730 
1720 L=I:S=T 
1730 IF I<>N THEN 1690 
1740 IF L=K THEN 1800 
1750 J=0 
1760 J=J+1 
1770 S=-A(K,J):A(K,J)=A(L,J):A(L,J)=S 
1780 A=-B(K,J):B(K,J)=B(L,J):B(L,J)=A 
1790 IF J<>N THEN 1760 

1800 L=K+1:I=L-1 
1810 I=I+1 
1820 A=A(K,K)*A(K,K)+B(K,K)*B(K,K) 
1830 S=(A(I,K)*A(K,K)+11(1,K)*B(K,K))/A 
1840 B(I,K)=(A(K,K)*B(I,K)-A(I,K)*B(K,K))/A 
1850 A(I,K)=S 
1860 IF i<>N THEN 1810 
1870 C=K-] 
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the T/R relay. The output matching network is our familiar double L and I will 

leave it up to you to find it. 

In this amplifier, C20 is simply a d. c. blocking capacitor to keep d. C. 

out of the antenna. It could easily have been made part of the output matching 

network. 

Following the amplifier is a 2 section "m" derived low pass filter. In this 

day of modern filter design, using an "m" derived filter may seem a bit 

archaic. After all the more modern designs do offer sharper roll-offs. Let me 

defend the choice. 

This amplifier is designed as an add-on to a customers transceiver and 

since we don't know what transceiver might be used we have no way of knowing 

what frequencies the spurious signals coming out of that transceiver might be 

located at. Thus, the amplifier designer's task is to design the amplifier for 

minimum output of any spurious that the amplifier might generate, namely 

harmonics; with the first, and dominant, one being the second harmonic. 

Though the more modern filters can be made to initially roll off steeper, 

the old "m" derived can put a beautiful notch right where you need it, at 2f. 

In addition, the efficiency of that notch is less dependendent upon load 

impedance than the slope of some of the modern filters. The defense rests. 

Lets discuss the rest of the components and get on to another example. L3, 

a choke to feed DC to the transistor, is connected close to Ql at a low 

impedance ( low voltage) point. L3 is bypassed with four bypass capacitors. Two 

470 pF, for high frequency bypassing, a 1 uF, for mid frequency bypassing, and 

a 1000 uF for low frequency bypassing. The gain of the transistor goes up 



1880 IF C=0 THEN 1960 
1890 J=L-1 
1900 J=J+1:I=0 
1910 1=1+1 
1920 A(K,J)=A(K,J)-A(K,I)*A(I,J)+B(K,I)*B(I,J) 
1930 B(K,J)=B(K,J)-B(K,I)*A(I,J)-A(K,I)*B(I,J) 
1940 IF C<>I THEN 1910 
1950 IF J><N THEN 1900 
1960 C=h( 
1970 K=K+1:I=K-1 
1980 I=I+1:J=0 
1990 J=J+1 
2000 A(I,K)=A(I,K)-A(I,J)*A(J,K)+B(I,J)*B(J,K) 
2010 B(I,K)=B(I,K)-B(I,J)*A(J,K)-A(I,J)*B(J,K) 
2020 IF J<>C THEN 1990 
2030 IF I<>N THEN 1980 
2040 IF K<>N THEN 1660 
2050 L=1 
2060 C=INT(N/2) 
2070 IF N=2*C THEN 2100 
2080 L=0 
2090 0=A(N,N):Z=B(N,N) 
2100 I=0 
2110 I=I+1 
2120 J=N-I+L 
2130 S=A(I,I)*A(J,J)-B(I,I)*B(J,J) 
2140 A=A(I,I)*B(J,J)+A(J,J)*B(I,I) 
2150 T=0*S-Z*A 
2160 Z=Z*S+0*A 
2170 0=T 
2180 IF I<>C THEN 2110 
2190 RETURN 
2200 R5=N:REM DET 
2210 N=N-1 
2220 I=0 
2230 K=0 
2240 K=K+1 
2250 IF K<>0 THEN 2270 
2260 I=1 
2270 J=0:L=0 
2280 L=L+1 
2290 IF L<>Z THEN 2310 
2300 J=1 
2310 A(K,L)=P(K+I,L+J) 
2320 B(K,L)=W*Q(K+I,L+J)-R(K+I,L+J)/W+S(K+I,L+J) 
2330 IF L<>N THEN 2280 
2340 IF K<>N THEN 2240 
2350 GOSUB 1600 
2360 N=R5 
2370 R5=SQR(0*0+Z*Z) 
2380 Y=Z 
2390 IF 0=0 THEN 2450 
2400 Z=180/3.14159*ATN(Z/0) 
2410 IF 0>0 THEN RETURN 
2420 Z=Z+SGN(Y)*180 

2430 IF Y=0 THEN z=leo 
2440 RETURN 
2450 Z=90*SGN(Y) 
2460 RETURN 
2470 IF T(1)=0 THEN RETURN 
2480 X=0 
2490 R1=0 
2500 R1=R1+1:R2=0 
2510 R2=R2+1 
2520 S(R1,R2)=0 
2530 IF R2<>N+1 THEN 2510 
2540 IF Rl<>N+1 THEN 2500 
2550 X=X+1 
2560 IF X>20 THEN RETURN 
2570 IF T(X)=0 THEN RETURN 
2580 IF T(X)=1 THEN 2640 
2590 IF T(X)=2 THEN 2830 
2600 R1=-1/(Z(X)*TAN(.25*W/L(X))) 
2610 Q=M(X):R=N(X) 
2620 GOSUB 2870 
2630 GOTO 2550 
2640 R1=-1/(Z(X)*TAN(.25*W/L(X))) 
2650 Q=M(X):R=I(X) 
2660 GOSUB 2870 
2670 Q=N(X):R=0(X):GOSUB 2870 
2680 R1=1/(Z(X)*SIN(.25*W/L(X))) 
2690 P=I(X) 
2700 R=N(X) 
2710 S(R,P)=S(R,P)-R1 
2720 S(P,R)=S(P,R)-R1 
2730 R=0(X) 
2740 S(R,P)=S(R,P)+R1 
2750 S(P,R)=S(P,R)+R1 
2760 P=M(X) 
2770 S(R,P)=S(R,P)-R1 
2780 S(P,R)=S(P,R)-R1 
2790 R=N(X) 
2800 S(R,P)=S(R,P)+R1 
2810 S(P,R)=S(P,R)+R1 
2820 GOTO 2550 
2830 R2=1/(Z(X)*TAN(.25*W/L(X))) 
2840 R3=1/(Z(X)*SIN(.25*W/L(X))) 
2850 R1=R3*R3/R2-R2 
2860 GOTO 2610 

2870 S(0.0)=s(0,0)+RI 
2880 S(R,R)=S(R,R)+R1 
2890 S(Q,R)=S(0,R)-R1 
2900 S(R,Q)=S(R,Q) - R1 
2910 RETURN 
2920 END 
3000 INPUT " NAME OF FILE TO LOAD <CR> FOR DIRECTORY" ; F$: 

' LOAD FROM FILE 
3010 IF LEN(FS)=0 THFN FILES:GOTO 3000 
3020 IF F$="13:" THEN FILES " B:*.*":GOTO 3000 
3030 IF F$="A:" THEN FILES " A:*.*":GOTO 3000 
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significantly as frequency goes down and proper bypassing is necessary to 

prevent oscillation. 

04 is a reverse voltage protection diode which blows the fuse if the supply 

voltage is connected wrong. A less spectacular way to do the job is to connect 

a diode in series with the supply line. However, lets look back at our 

example. We assumed a 13.0 Volt supply ( 13.8 Volts running a little low, less 

the drop in the # 12 wire supply lines, less the drop across the fuse) less the 

3 Volt saturation voltage; gave us a 10 Volt peak swing. If we add a series 

diode, the 10 Volts goes down another 0.8 Volts or so. This costs power. 

Hence, the shunt diode. 

SI is a thermostat mounted on the heat sink, which shuts the amplifier down 

if things get too hot. Cl, RI, DI, 02, and C2 form a detector to sense the 

presence of input RF and turn the amplifier on. R4 is another static drain. 

The purists use a choke here. 

There is no temperature compensation in the bias circuit. It is not needed 

in MOSFET amplifiers of this power level. The amplifier was placed in a 

temperature chamber and tested over the range of -40 to +600 C. The quiescent 

current varied only 

was 3 Amps. Current 

I think we have 

higher power? The 

0.2 Amps across the entire range. Room temperature current 

drawn at the 50 Watt point didn't vary significantly. 

stared at this 50 Watt amplifier long enough. How about 

power we can design for is, of course, limited by the 

available devices. At VHF, using a 13.8 Volt supply, 60 Watts is about where 

the industry is at with MOSFET devices, and 80 Watts with bipolar devices. At 

higher supply voltages 150 Watts is obtainable. At low frequencies, Motorola 

has the grand-daddy of them all. A MOSFET device delivering 600 Watts up to 

100 MIlz.*As frequency goes up, power comes down, with 50 Watts being about the 

limit at 450 MHz. 120 Watts at 500Mlz is available in push-pull packages. 

If we want more power we have to use multiple devices connected together. 

One technique is to use a group of lower power amplifiers and combine their 

output in combining networks. Combining networks 18 iI 9 are a topic unto 

themselves and we won't go into them here. Let me simply say that in practice 

they are more complex than you would be led to believe by the simplified 

discussion in the texts. We will simply look at devices connected in parallel 

and push-pull. First parallel. 

Lets say we want an amplifier that will deliver 150 Watts at 146 MHz and 

use a 13.0 Volt supply. Lets use a pair of bi-polar devices, the MRF247, and 

assume the saturation voltage is 2 Volts. 

Going back to our reliable formula for load impedance we find that the 

transistors must see: 

12, . 

t 
(És. prd. Y — E cii ) (/ 

2 P 2 • So 13) 

This is a low impedance and trying to get two transistors tied together 

such that the impedance in the connecting lines is a small fraction of this is 

almost impossible. 

The trick is to tie them together at a higher impedance point and then use 

matching networks for the individual transistors to get to a lower impedance. 

This has a number of advantages, not the least of which is that it works, and 

the networks allow some physical separation between the transistors. 

Figure 10 is the schematic of a Falcon 150 Watt 2 Meter amplifier using 

44 



3040 OPEN " 1",111,F$ 
3050 INPUT 11,X 
3060 ERASE A,B,P,(),R,S,I,T,M,N,O,L,Z 
3070 DIM A(X,X),B(X,X),P(X,X),g(X,X),R(X,X) 
3080 DIM S(X,X),I(2*X) 
3090 DIM T(2*X),M(2*X),N(2*X),0(2*X),L(2*X),Z(2*X) 
3095 INPUT 11,N 
3100 FOR J=I TO X 
3110 INPUT 11,I(J),T(J),M(J),N(J),O(J),L(J),Z(J) 
3120 FOR K=1 TO X 
3130 INPUT fl,A(J,K),B(J,K),P(J,K),0(J,K),R(J,K)•S(J.K) 
3140 NEXT K 
3150 NEXT J 
3160 CLOSE 11 
3170 NODES=X:GOTO 420 
3500 INPUT " NAME OF FILE TO SAVE <CR> FOR D1RECTORY";F$: 

' SAVE INTO FILE 
3510 IF LEN(F$)=0 THEN FILES:GOTO 3500 
3520 IF F$="13:" THEN FILES "B:*.*":GOTO 3500 
3530 IF F$="A:" THEN FILES "A:*.":GOTO 3500 
3540 OPEN "0",11,F$ 
3550 PRINT 11,NODES,N 
3600 FOR J=1 TO NODES 
3610 PRINT il,I(J),T(J),M(J),N(J),O(J),L(J),Z(J) 
3620 FOR K=1 TO NODES 
3630 PRINT il,A(J,K),B(J,K),P(J,K),Q(J,K),R(J,K),S(J,K) 
3640 NEXT K 
3650 NEXT J 
3660 CLOSE il 
3670 GOTO 420 
4000 INPUT " Name of file to load <cr> for directory";F$ 
4010 IF LEN(F$)=0 THEN FILES:GOTO 4000 
4020 OPEN " I",11,F$ 
4030 IF EOF(1) THEN CLOSE:GOTO 420 
4035 R6$="":1NPUT 11,R6$:R6$=LEFT$(R6$,1) 
4040 IF R6$="1" THEN GOTO 4320 
4050 IF R6$="2" THEN GOTO 4400 
4060 IF R6$="3" THEN GOTO 4360 
4070 IF R6$="4" THEN GOTO 4150 
4080 IF R6$="5" THEN GOTO 4280 
4090 IF R6$="6" THEN GOTO 4300 
4100 IF R6$="7" THEN GOTO 4580 
4110 IF R6$="8" THEN GOTO 4470 
4120 IF R6$="9" THEN GOTO 4430 
4130 IF EOF(1) THEN 420 
4140 GOTO 4030 
4150 T(X)=1:INPUT il,M$:M(X)=VAL(M$):REM *** TRANSMISSION LINE 
4160 INPUT 11,1$:I(X)=VAL(1$):1NPUT 111,06:0(X)=VAL(0$) 
4170 INPUT 11,N$:N(X)=VAL(N$):GOTO 4200 
4180 INPUT 11,M$:M(X)=VAL(M$) 

4190 INPUT 11,N$:N(X)=VAL(N$) 
4200 INPUT 11,Z$:Z(X)=VAL(Z$) 
4210 INPUT il,L$:L(X)=VAL(1.$) 
4220 IF I(X)>N THEN N=I(X) 
4230 IF M(X)>N THEN N=M(X) 

* * * 

4240 IF N(X)>N THEN N=N(X) 
4250 IF 0(X)>N THEN N=0(X) 
4260 X=X+1:T(X)=0 
4270 GOTO 4030 
4280 T(X)=3: REM *** SHORTED STUB *** 
4290 GOTO 4180 
4300 T(X)=2: REM *** OPEN STUB *** 
4310 GOTO 4180 
4320 INPUT 11,I$:I=VAL(I$): 

INPUT 11,J$:J=VAL(J$):INPUT 11,V$:V=VAL(V$) 
4330 V=1/V 
4340 GOSUB 1430 
4350 GOTO 4030 
4360 INPUT 11,I$:1=VAL(I$): 

INPUT 11,J$:J=VAL(J$):INPUT 11,V$:V=VAL(V$) 
4370 V=1/V 
4380 GOSUB 1360 
4390 GOTO 4030 
4400 INPUT 11,1$:I=VAL(I$): 

INPUT 11,J$:J=VAL(J$):INPUT 111,V$:V=VAL(V6) 
4410 GOSUB 1480 
4420 GOTO 4030 
4430 INPUT 11,11$:K=VAL(K$):INPUT 11,..16:J=VAL(J$):INPUT 11,1$: 

I=VAL(I$):INPUT 111,V$:V=VAL(V$) 
4440 L=J 
4450 GOSUB 1530 

4460 GOTO 4030 
4470 INPUT Ill " BASE";K:INPUT 11,J$:J=VAL(J$):INPUT 11,1$: 

I=VAL(I$):INPUT 11,R$:R5=VAL(R$) 
4480 INPUT # 1,V$:V=VAL(V$) 
4490 V=1/V 
4500 L=I 
4510 I=K 
4520 GOSUB 1430 
4530 I=L 
4540 L=J 
4550 V=V*R5 
4560 GOSUB 1530 
4570 GOTO 4030 
4580 INPUT 11,K$:K=VAL(K$):INPUT 11,1,$:L=VAL(L$): 

INPUT 11,I$:1=VAL(I$) 
4590 INPUT 11,..1$:J=VAL(J$):INPUT 11,12$:R5=VAL(R$): 

INPUT 11,V$:V=VAL(V$) 
4600 V=1/V 
4610 GOSUB 1430 
4620 V=V*R5 
4630 GOSUB 1530 
4640 GOTO 4030 
5000 INPUT " Name of file (< crs for Dicectory)";F$ 
5010 IF LEN(F$)=0 THEN FILES:GOTO 5000 
5020 OPEN "0",11,F$ 
5200 PRINT " 1 RESISTOR" 
5210 PRINT " 2 CAPACITOR" 
5220 PRINT " 3 INDUCTOR" 
5230 PRINT " 4 TRANSMISSION LINE" 
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this technique. You will see many similarities with the previous amplifier: 

low pass filter in the output, T/R relay, pre-amp provision, etc. The big 

difference is that there are now two transistors. If you will look at the 

collector of one of the transistors, you will see we have an L section and 

part of a second before we parallel with the other transistor. Looking at the 

input reveals a similar situation. Thats really all there is to it. 

Not seen on the schematic is some circuitry internal to the transistor. The 

input impedance of large bi-polar RF power transistors is very low at these 

frequencies, so low as to make matching difficult. The manufacturers, thus, 

very kindly build matching networks into the transistor to raise the input 

impedance to a workable level. THe MRF247 has a T network consisting of the 

inductance of the bonding wires and a built-in NOS capacitor in the input of 

each of the eight cells that make up the device. Even with the internal 

matching the input impedance is low. The MRF247, in our application, has a 

series equivalent input impedance of 0.45 +J 0.85 Ohms. 

You lose some potential power capability parallelling transistors because 

there is no guarantee that the two transistors are carrying an equal share of 

the load and the one carrying the greatest amount becomes the limiting factor. 

There are a number of things that help. One is to use transistors in matched 

pairs. Some companies do, some don't. You could also make some of the non 

common network elements variable. We don't do either on this model; but we do 

occasionally add a fixed capacitor across one of the transistors when we sense 

an inbalance in test. 

The gain of bi-polar transistors increases much more than MOSFETs as 
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5240 PRINT " 5 SHORTED STUB" 
5250 PRINT " 6 OPEN STUB" 
5260 PRINT " 7 OPERATIONAL AMPLIFIER" 
5270 PRINT " 8 NPN TRANSISTOR" 
5280 PRINT " 9 FIELD-EFFECT TRANSISTOR" 
5290 PRINT " 10 STOP" 
5360 R6=0:INPUT " SELECT FROM LIST";R6:R6$=STR$(R6) 
5370 IF R6=1 THEN PRINT "( 1) RESISTOR":GOTO 5690 
5380 IF R6=2 THEN PRINT "( 2) CAPACITOR":GOTO 5770 
5390 IF R6=3 THEN PRINT "( 3) INDUCTOR":GOTO 5730 
5400 IF R6=4 THEN PRINT "( 4) TRANSMISSION LINE":GOTO 5520 
5410 IF R6=5 THEN PRINT "( 5) SHORTED STUB" : GOTO 5650 
5420 IF R6=6 THEN PRINT "( 6) OPEN STUB":GOTO 5670 
5430 IF R6=7 THEN PRINT "( 7) OP AMP":GOTO 5950 
5440 IF R6=8 THEN PRINT "( 8) NPN TRANSISTOR":GOTO 5840 
5450 IF R6=9 THEN PRINT "( 9) FET TRANSISTOR":GOTO 5800 
5460 IF R6=10 THEN PRINT "( 10) FILE COMPLETED":CLOSE # 1:GOTO 
5510 GOTO 5360 
5520 INPUT " SHIELD IN";M$:REM *** TRANSMISSION LINE *** 
5530 INPUT " CENTER IN";I$:INPUT " CENTER OUT";0$ 
5531 PRINT # 1,R6E+" * TRANSMISSION LINE" 
5532 PRINT # 1,M$ 
5533 PRINT # 1,1$ 
5534 PRINT # 1,0$ 
5540 INPUT " SHIELD OUT";N$:PRINT # 1,N$:GOTO 5570 
5550 INPUT " NODE A";M$:PRINT # 1,M$ 
5560 INPUT " NODE B";N$:PRINT # 1 N$ 
5570 INPUT " 20";2$:PRINT # 1,1$ 
5580 INPUT " QUARTER-WAVE FREQUENCY ( HZ)";O:PRINT # 1,0 
5640 GOTO 5360 
5650 REM *** SHORTED STUB *** 
5655 PRINT # 1,R6$+" * SHORTED STUB" 
5660 GOTO 5550 
5670 PRINT # 1,R6$+" * OPEN STUB":REM *** OPEN STUB *** 
5680 GOTO 5550 
5690 INPUT " NODE A";1$:INPUT " NODE B";J$: 

INPUT " RESISTANCE ( OHMS)";V$ 
5700 PRINT # 1,R6$+" * RESISTOR" 
5702 PRINT # 1,1$ 
5704 PRINT # 1,J$ 
5706 PRINT # 1,V$ 
5720 GOTO 5360 
5730 INPUT " NODE A";1$:1NPUT " NODE B";J$: 

INPUT " INDUCTANCE ( H)":V$ 
5740 PRINT # 1,R6$+" * INDUCTOR" 
5742 PRINT # 1,1$ 
5744 PRINT # 1,J$ 
5746 PRINT # 1,V$ 
5760 GOTO 5360 
5770 INPUT " NODE A";1$:INPUT " NODE B";J$: 

INPUT " CAPACITANCE ( FARADS)";V$ 
5775 PRINT # 1,R6$+" * CAPACITOR" 
5790 GOTO 5742 
5800 INPUT "GATE";K$:INPUT " SOURCE";J$:INPUT " DRAIN";I$: 

INPUT "GAIN(MHO)";V$ 

5810 PRINT # 1,R6$+" * FET" 
5812 PRINT # 1,K$ 
5814 PRINT # 1,J$ 
5816 PRINT # 1,I$ 
5818 PRINT # 1,V$ 
5830 GOTO 5360 
5840 INPUT " BASE";K$:INPUT " EMITTER";J$:INPUT " COLLECTOR";1$: 

INPUT " BETA";R5$ 
5850 INPUT " Rbe ( OHMS)";V$ 
5860 PRINT # 1,R6$ 4" * NPN TRANSISTOR" 
5861 PRINT # 1,K$ 
5862 PRINT # 1,J$ 
5863 PRINT # 1,1$ 
5864 PRINT # 1,R5$ 
5865 PRINT # 1,V$ 
5940 GOTO 5360 

420 5950 INPUT "+ IN";K$:INPUT "- IN";U:INPUT "-OUT";I$:REM *** OP-AMP 
5960 INPUT "+OUT";J$:INPUT "GAIN(V/V)";R5$: 

INPUT "OUTPUT RESISTANCE(OHMS)";V$ 
5970 PRINT # 1,R6$+" * OP-AMP" 
5972 PRINT # 1,K$ 
5974 PRINT # 1,L$ 
5976 PRINT # 1,1$ 
5978 PRINT # 1,J$ 
5980 PRINT # 1,R5$ 
5990 PRINT # 1,V$ 
6010 GOTO 5360 
7000 ' SUBROUTINES FOR FILE HANDLING 
7010 FOR J=1 TO 4:READ FL$(J,1):FL$(.1,2)="N":NEXT J 
7020 FOR J=1 TO 4 
7030 IF FL$(J,2)="Y" THEN GOTO 7050 
7040 PRINT STR$(J)+"- "+FL$(J,1) 
7050 NEXT J 
7060 PRINT 
7070 INPUT "Choice ( enter < cr> or 0 to exit)";C:C=INT(C) 
7080 IF FL$(C,2)="Y" THEN PRINT " Already Selected!":GOTO 7070 
7090 IF C=0 THEN RESTORE: RETURN 
7100 PFG=1:INPUT " Name of Data File (<cr> for Directory)";F$ 
7110 IF LEN(F$)=0 THEN FILES:GOTO 7100 
7120 FL$(C,2)="Y":0PEN " 0",C,F$ 
7130 GOTO 7020 

7140 DATA " Amplitude versus Frequency","Phase versus Frequency" 
7150 DATA " Amplitude,Phase vs. Frequency","Amplitude vs. Phase" 
7160 CLOSE 
7200 FOR JJ=1 TO 4 
7210 IF FL$(JJ,2)="N" THEN GOTO 7270 
7220 ON JJ GOTO 7230,7240,7250,7260 
7230 WRITE # 1,RO,V:GOTO 7270 
7240 WRITE # 2,RO,U:GOTO 7270 
7250 WRITE # 3,RO,V,U:00TO 7270 
7260 WRITE 114,V,U 
7270 NEXT JJ 
7280 RETURN 
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frequency goes down. This results in a great tendency to oscillate at low 

frequencies. RFC2, C9, CIO, R3 and RFC3, C12, C13, R4 form feedback loops that 

keep the low frequency gain down. Because we are dealing with bi-polar 

transistors, which require bias current, our bias supply needs to be low 

impedance. Also, because of the well known variations of bias requirements 

with temperature, the bias voltage must vary with temperature. 

The bias is the voltage developed across D4, which receives its current 

through R2, RFC1, RY1a, and RFC4. R5 is a factory adjust to set up the desired 

quiescent current. If the diode can be considered to be at the same 

temperature as the transistor this type of bias tracks reasonably well. Some 

of the tricks used are to use a stud mounted diode mounted on the heat sink, 

near the transistors, or to mount the diode right on the transistor. We don't 

do either. The diode is simply a 1N4001 mounted on the PC board. 

This simple bias scheme is definitely a compromise. The normal bias 

stabilization methods used at low power require a DC resistance in either the 

collector or emitter circuits. Sufficient resistance to effectively stabilize 

the quiescent would consume a great deal of power and, when we are operating 

at a low supply voltage, waste enough voltage as to make getting our desired 

power output difficult. In addition, we don't want to lift the emitter off of 

ground for RF reasons. Keeping it at an RF ground is difficult enough. 

They didn't put four emitter tabs on the MRF247 for the fun of it. 

There is some help on bias stability built into the transistor. The device 

is in reality many transistors internally connected in parallel. To prevent 

current hogging, hot spots and a number of other nasty problems, the 
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manufacturer adds a small resistance in the emitter of each of these many 

transistors. If you are not familiar with the term, this is known as "emitter 

ballasting". 

There is an additional problem with our simple bias scheme. The 

input RF is rectified by the transistor base-emitter junction, creating a 

current opposing the bias current. If the bias source is not stiff enough this 

can bias you toward Class B, or even C, with the attendant loss of linearity 

and gain. In the amplifier under review, R2 is 50 Ohms and R5 typically about 

2 Ohms and we can still lose about 20% in power gain under some circumstances. 

It is also important that RFC4 have a low DC resistance. 

The final schematic we will take a look at is of a push-pull amplifier. 

Because we do not make a push-pull amplifier, I have borrowed a schematic from 

a Motorola Engineering Bulletin20. It is shown in Figure 11. 

Push-pull at RF is not different in principle from push-pull at audio. You 

take the input signal and produce two signals 1800 out of phase and apply them 

to two amplifying devices. The two resulting 1800 out of phase output signals 

are combined in a transformer or other device to give the output. 

At HF the 1800 signals are generally generated and combined with physically 

identifiable transformers. Years ago, these were generally air cored 

transformers. Today, toroidal cored transformers are common. For wide 

bandwidth, the so called transmission line transformer on a toroidal core is 

common. At VHF and UHF, wound transformers are Impractical and baluns made out 

of lengths of coaxial cable are common. That is what is used in this 420-450 

MHz amplifier (Ti and 12). First note that they used matching networks to 

I=1 11=1 = = C=1 Ci = = 



APPENDIX B.2 Example of circuit data file for input to the 

program NET85.ASC. This file can be generated by the program 

itself or generated or modified by any text editor. The /* */ 

are delimiters for remarks and are not added by the program. 

They have been added for explanation of the file structure. Note 

that the file structure is the same as is input from the 

keyboard. 

1 * RESISTOR 
1 
2 

50 
1 * RESISTOR 
4 
7 
50 
1 * RESISTOR 
6 
7 
50 
2 * CAPACITOR 
3 
7 
58E-12 
2 * CAPACITOR 
2 
5 
23E-12 
2 * CAPACITOR 
5 
6 
23E-12 
3 * INDUCTOR 
2 
3 
72E-9 
3 * INDUCTOR 
3 
4 
72E-9 
3 * INDUCTOR 

5 
7 
28E-9 

/* Type of element ( 1 is a resistor) */ 
/* Node A */ 
/* Node B */ 

/* Value of capacitor in farads ( 58 pf */ 

/* This is a 72 nh inductor */ 
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APPENDIX B.3 Sample output file from NET85.ASC. This data can be 

edited with any text editor, added to a report, or used by a 

plotting program, such as PCPLOT2 ( BV Engineering, Riverside, 

CA): 

(The first number is frequency, the second is amplitude.) 

8E+07,3.543465E-02 
8.269104E+07,3.831959E-02 
8.54726E+07 , 4.173018E-02 
8.834772E+07,4.599374E-02 
9.131957E+07,.0516254 
9.439138E+07,5.938689E-02 
9.756651E+07,7.032793E-02 
1.008485E+08,8.579546E-02 
1.042408E+08,.1073953 
1.077473E+08,.1368522 
1.113717E+08,.1755944 
1.15118E+08,.2237623 
1.189903E+08,.2785856 
1.229929E+08,.3333452 
1.271301E+08,.3794872 
1.314065E+08,.4116778 
1.358268E+08,.430391 
1.403957E+08,.4395925 
1.451184E+08..4434264 
1.499998E+08,.4447783 



Figure 11 

RFC, O 

RFC2 
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'Pr 
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RFC2.3 - 015 01.1 Carnblon Molded Con 

ROCS, 6 - 1 Turn #20 Enenwled Wire Wound on 6/18" Bolt 

ROC?. S - VIC200 20/49 

C1,3,4,6.7,11.11.15 - Underwood 40 pf 

Cl2,16 - Underwood 23 pF 

C13, 14. 22. 23 - Underwood IS oF 

C9.10.16,20 - 1 of Tantalurn 

CI7 

.26 V 

C19 1111C11 

C211  Vet. 

C241, 

_L 

C221 

-= RS 

C2 , 24 - Underwood 10 pF 

C2,6 - Arco 403 

CI . 19 - Underwood J102. 1000 oF Feed Thru 

C25, 26 - 0.10111, Erie Rod Cap 

LI - 24 nH, #14 Wire, I . 1.2" 

1.2 - 12 n14, #14 Wk., I. 0.6" 

1.3 - 24 n14, # 14 Wire. I. 1.2-

Board - 010. • O1 w 5, . 0 062". I . 0-, W . 4.0" 

01 - 2746192 

02 - 2145194 

03 - 5160309 

04 - 14160309 

DI - 1144001 

100 WATT 420-450 MHz PUSH-PULL AMPLIFIER 

011ter 

I. 

PIP Out 
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build the impedances up to workable levels before doing any combining. Second, 

notice the bias circuit (Q1, Q2, DI). This arrangement gives you a stiff 

source, without as high a DC power loss as was necessary with the simple diode 

arrangement of the previous schematic. 

Some advantages of the push-pull configuration, compared to using two 

devices in parallel, are: 

1) Easier input and output matching due to higher impedance levels. 

2) Suppression of even harmonics. This is the classic advantage cited for 

push-pull stages. However, there are some traps. For example, if in a Class 

C stage you have capacitive coupling between each device and the output, 

you may find that the second harmonic is much higher than in the equivalent 

single ended stage. 

3) Collector by-passing is less critical. This is true but don't get 

carried away. 

4) Emitter grounding is less critical. In a push-pull stage it is the 

emitter- to-emitter path that is more important than the emitter- to-ground 

path. If you mount the two devices in the same package, where the emitter-

to-emitter leads can be real short you can reduce problems considerably. 

The push-pull package is becoming more common in VHF and UHF devices. 

5) The load sharing is better than the equivalent two devices in parallel. 

REFERENCES FOLLOW 
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LOW-PASS SECTION 

FREQ= 8.0000E+07 AMPL= 4.56E-01 20LOG= -6.8 PHASE= - 105.7 
FREQ= 8.5000E+07 AMPL= 4.52E-01 20LOG= -6.9 PHASE= - 113.1 
FREQ= 9.0000E+07 AMPL= 4.49E-01 20LOG= -7.0 PHASE= -120.9 
FREQ= 9.5000E+07 AMPL= 4.48E-01 20LOG= -7.0 PHASE= - 129.1 
FREQ= 1.0000E+08 AMPL= 4.47E-01 20LOG= -7.0 PHASE= - 138.1 
FREQ= 1.0500E+08 AMPL= 4.46E-01 20LOG= -7.0 PHASE= - 148.2 
FREQ= 1.1000E+08 AMPL= 4.42E-01 20LOG= -7.1 PHASE= - 160.0 
FREQ= 1.1500E+08 AMPL= 4.27E-01 20LOG= -7.4 PHASE= - 173.6 
FREQ. 1.2000E+08 AMPL= 3.94E-01 20LOG= -8.1 PHASE= 171.2 
FREQ= 1.2500E+08 AMPL= 3.40E-01 20LOG= -9.4 PHASE= 155.7 
FREQ= 1.3000E+08 AMPL= 2.75E-01 20LOG= -11.2 PHASE= 142.0 

FREQ= 1.3500E+08 AMPL= 2.13E-01 20LOG= - 13.4 PHASE= 131.6 
FREQ= 1.4000E+08 AMPL= 1.62E-01 20LOG= - 15.8 PHASE= 124.7 
FREQ= 1.4500E+08 AMPL= 1.25E-01 20LOG= - 18.1 PHASE= 121.1 
FREQ= 1.5000E+08 AMPL= 9.77E-02 20LOG= - 20.2 PHASE= 120.1 

HIGH-PASS SECTION 

FREQ= 8.0000E+07 AMPL= 3.54E-02 20LOG= - 29.0 PHASE= - 136.8 
FREQ= 8.5000E+07 AMPL= 4.11E-02 20LOG= - 27.7 PHASE= - 134.5 
FREQ= 9.0000E+07 AMPL= 4.89E-02 20LOG= - 26.2 PHASE= - 130.4 
FREQ= 9.5000E+07 AMPL= 6.12E-02 20LOG= - 24.3 PHASE= - 125.5 
FREQ= 1.0000E+08 AMPL= 8.13E-02 20LOG= - 21.8 PHASE= -121.8 
FREQ= 1.0500E+08 AMPL= 1.13E-01 20LOG= - 18.9 PHASE= - 121.4 
FREQ= 1.1000E+08 AMPL= 1.60E-01 20LOG= - 15.9 PHASE= - 125.3 
FREQ= 1.1500E+08 AMPL= 2.22E-01 20LOG= - 13.1 PHASE= - 133.9 
FREQ= 1.2000E+08 AMPL= 2.93E-01 20LOG= - 10.7 PHASE= - 146.4 
FREQ= 1.2500E+08 AMPL= 3.57E-01 20LOG= -8.9 PHASE= - 161.1 
FREQ= 1.3000E+08 AMPL= 4.03E-01 20LOG= -7.9 PHASE= - 175.9 
FREQ= 1.3500E408 AMPL= 4.28E-01 20LOG= -7.4 PHASE= 171.0 
FREQ= 1.4000E+08 AMPL= 4.39E-01 20LOG= -7.1 PHASE= 160.1 
FREQ= 1.4500E+08 AMPL= 4.43E-01 20LOG= -7.1 PHASE= 151.0 
FREQ= 1.5000E+08 AMPL= 4.45E-01 20LOG= -7.0 PHASE= 143.4 

FIGURE 2 - CALCULATED VALUES OF DIPLEXER 
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LOW-PASS SECTION 

FREQ= 8.0000E+07 AMPL= 4.62E-01 20LOG= -6.7 PHASE= - 105.9 
FREQ= 8.5000E+07 AMPL= 4.58E-01 20LOG= -6.8 PHASE= - 113.4 
FREQ= 9.0000E+07 AMPL= 4.55E-01 20LOG= -6.8 PHASE= -121.2 
FREQ= 9.5000E+07 AMPL= 4.53E-01 20LOG= -6.9 PHASE= - 129.4 
FREQ= 1.0000E+08 AMPL= 4.52E-01 20LOG= -6.9 PHASE= - 138.3 
FREQ= 1.0500E+08 AMPL= 4.50E-01 20LOG= -6.9 PHASE= -148.3 
FREQ= 1.1000E+08 AMPL= 4.46E-01 20LOG= -7.0 PHASE= - 159.6 
FREQ= 1.1500E+08 AMPL= 4.33E-01 20LOG= -7.3 PHASE= - 172.6 
FREQ= 1.2000E+08 AMPL= 4.06E-01 20LOG= -7.8 PHASE= 172.8 
FREQ= 1.2500E+08 AMPL= 3.59E-01 20LOG= -8.9 PHASE= 157.5 
FREQ= 1.3000E+08 AMPL= 2.99E-01 20LOG= -10.5 PHASE= 143.2 
FREQ= 1.3500E+08 AMPL= 2.36E-01 20LOG= - 12.5 PHASE= 131.3 
FREQ= 1.4000E+08 AMPL= 1.82E-01 20LOG= - 14.8 PHASE= 122.6 
FREQ= 1.4500E+08 AMPL= 1.40E-01 20LOG= - 17.1 PHASE= 117.0 
FREQ= 1.5000E+08 AMPL= 1.06E-01 20LOG= - 19.3 PHASE= 114.2 

HIGH-PASS SECTION 

FREQ= 8.0000E+07 AMPL= 3.23E-02 20LOG= - 29.8 PHASE= - 134.9 
FREQ= 8.5000E+07 AMPL= 3.73E-02 20LOG= - 28.6 PHASE= - 132.7 
FREQ= 9.0000E+07 AMPL= 4.40E-02 20LOG= - 27.1 PHASE= - 128.6 
FREQ= 9.5000E+07 AMPL= 5.45E-02 20LOG= -25.3 PHASE= - 123.5 
FREQ= 1.0000E+08 AMPL= 7.16E-02 20LOG= -22.9 PHASE= - 119.3 
FREQ= 1.0500E+08 AMPL= 9.88E-02 20LOG= - 20.1 PHASE= - 118.0 
FREQ= 1.1000E+08 AMPL= 1.39E-01 20LOG= - 17.1 PHASE= - 120.7 

FREQ= 1.1500E+08 AMPL= 1.94E-01 20LOG= - 14.2 PHASE= - 127.9 
FREQ= 1.2000E+08 AMPL= 2.59E-01 20LOG= - 11.7 PHASE= - 139.1 
FREQ= 1.2500E+08 AMPL= 3.24E-01 20LOG= -9.8 PHASE= - 152.8 
FREQ= 1.3000E+08 AMPL= 3.76E-01 20LOG= -8.5 PHASE= - 167.3 
FREQ= 1.3500E+08 AMPL= 4.09E-01 20LOG= -7.8 PHASE= 179.2 
FREQ= 1.4000E+08 AMPL= 4.27E-01 20LOG= -7.4 PHASE= 167.6 
FREQ= 1.4500E+08 AMPL= 4.36E-01 20LOG= -7.2 PHASE= 157.8 
FREQ= 1.5000E+08 AMPL= 4.40E-01 20LOG= -7.1 PHASE= 149.6 

FIGURE 4 - VALUES ADJUSTED TO NEAREST RETMA VALUES 
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ABSTRACT 

Two personal-computer programs for RF/microwave applications - CIAO for 

analysis and optimization, and DESIGN for matching network synthesis - have 

undergone substantial revision since their introduction over a year ago. CIAO 

is now a much more powerful program, with the inclusion of rapid sparse-matriz 

techniques, a choice of three different optimization algorithms, and high 

resolution graphics output. DESIGN has a greatly improved user interface and, 

with the inclusion of a fine-tuning option, is now able to consistently 

synthesize lumped and distributed matching networks with response errors on 

the order of a small fraction of a dB. This paper discusses the evolution of 

CIAO and DESIGN to their present states. 
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II. The Evolution of CIAO 

The Capabilities of CIAO: Original Version  
I. INTRODUCTION 

CIAO: Circuit Analysis and Optimization on Personal Computers  

CIAO, a program for MS-DOS and CP/M personal computers, performs the 

analysis and optimization of microwave and RF networks in the frequency 

domain. The initial version of the program was first demonstrated at RF 

Technology Expo ' 85 [ 1]. Since that time, a number of features have been added 

to the program, significantly improving its capabilities and performance. 

After a brief review of the original CIAO, we shall present a discussion of 

the evolution of CIAO to its current state. A circuit optimization example 

will illustrate the many benefits of CIAO's upgrading. 

DESIGN: Automated Matching Network Design on Personal Computers  

After the discussion of CIAO, we shall present the newest version of DESIGN, 

a program for performing the automated synthesis of lumped and distributed 

matching networks between real sources and complex loads. DESIGN has been 

improved over its previous release [ 1] by enhancing the user interface and by 

adding a fine-tuning option, which enables virtually all matching network 

designs to meet specifications to within a small fraction of a dB. An example 

will illustrate the capabilities of the new DESIGN. 
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CIAO can analyze and optimize circuits comprising the following elements: 

resistors; capacitors; inductors; ( loamy) transmission lines; controlled 

sources ( with delay); one-ports, two-ports and three-ports described by tables 

of S, Y, or Z parameters; and gyrators. Scattering parameters for the circuit 

are calculated between either real or complex loads over a frequency band. 

The magnitude, phase, and/or phase-shape of any number of the S-parameters may 

be optimized to achieve specified design goals. Generally, for optimization, 

new sets of element values are found to minimize the error between the 

calculated and desired S-parameter values. 

In the original version of CIAO, the Fletcher-Reeves [ 2] gradient optimizer 

was available, highly efficient and accurate adjoint techniques [ 3] were used 

to calculate the gradients required by the optimizer, and a "dense" linear 

equation solver was used in the analysis routines. There was no graphics 

output. The new CIAO offers a choice of three optimizers, a sparse matrix 

solver, and simultaneous text and high resolution graphics on a single 

screen. The benefits of these additions will now be described. 

The New CIAO: Three Available Optimizers  

CIAO now offers a choice of two gradient algorithms and one random-grid 

algorithm for circuit optimization. For a given network problem, one method 

will prove superior to the others; sometimes the best results can be achieved 
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by applying one algorithm and then switching to another. 

The available gradient optimizers are the Fletcher-Reeves ( F-R) and 

Fletcher-Powell ( F-P) [ 41' methods. Both of these use information obtained 

from the gradient of the error function to search for the minimum. When far 

from a minimum, F-R and F-P both behave like a steepest-descent method and 

converge at about the same rate. When close to a minimum, F-P converges 

faster than F-R because F-P starts acting more like a Newton-Raphson method, 

which has a quadratic rate of convergence. These properties of 

F-P methods apply exactly only to functions with "locally 

behavior. In practical circuit problems, the error function may 

have this characteristic. Experience has shown us, however, 

usually superior to F-R, although there are instances where F-R 

better. 

the F-R and 

quadratic" 

or may not 

that F-P is 

does work 

CIAO also provides the choice of the Nelder-Mead ( N-M) [ 5] 

random-grid-search method. In this algorithm, the error function is evaluated 

several times for a range of element values - i.e. over a "grid" in the 

vector space of optimizable element values - and from this a "better" set of 

circuit parameters is deduced. N-M, like most random-grid methods, is 

generally able to avoid convergence to local minima, although sometimes the 

number of function evaluations required becomes large. The algorithm is also 

very effective in those circuit problems where the response is not too 

sensitive to small changes in the network parameters. Such a situation 

arises, for example, when optimizing the passband of a lossless, 

doubly-terminated filter or matching network. This is so because the 

first-order sensitivity of S21 to the component values of such a network is 

zero at frequencies corresponding to maximum transfer of power between the 

source and load [ 6]. 

CIAO, with its three optimizers, provides sufficient flexibility to handle 

the most difficult circuit optimization problems. 

The New CIAO: Sparse Matrix Techniques  

Both the analysis and optimization performed in CIAO involve repeatedly 

constructing and solving the linear nodal equations of a circuit to obtain 

scattering parameters. The conventional means of solving linear equations, 

such as Gaussian elimination or LU factorization, generally requires a number 

of mathematical operations proportional to n3, i.e. the cube of the number of 

nodes in the circuit. Many of these mathematical operations involve 

multiplications by zero, because the typical nodal admittance matrix Y is 

sparse, i.e. contains only a small percentage of nonzero entries. For 

example, the percentage density of nonzero entries in Y for a ten-node ladder 

network is 28%, while for a twenty-node ladder the density falls to under 15%. 

Clearly, if the useless multiplications by zero were eliminated in solving the 

linear equations, a great increase in processing speed would be realized. 

Sparse matrix techniques consist of specialized algorithms for solving 

linear equations by working only on the nonzero entries of the coefficient 

matrix. For typical nodal equations, the number of mathematical operations 

required for solution is linearly proportional to n, the number of nodes. 

Obviously, an enormous saving in processing time is realized by using sparse 
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The SchottKy Diode Mixer 

by 
Jack H. Lepoff 

Applications Engineer 
Hewlett-Packard Company 
350 West Trimble Road 
San Jose, CA 95131 

INTRODUCTION 

A major application of the Schottky diode is the production of the 

difference frequency when two frequencies are combined or mixed in the 

diode. This mixing action is the result of the non-linear relationship 

between current and voltage, usually expressed as 

q(V-IR ) 
nkT 

I = Ie(e -1) 

The series resistance, R , is a parasitic element representing bulk 

resistance of the semiconductor and contact resistance. It is sometimes 

confused with dynamic resistance which is the sum of the series resistance 

and the resistance of the junction where the frequency conversion takes 

place. The ideality factor, n, is unity for an ideal diode and less than 

1.1 for a silicon Schottky diode. 

Variations in n are not important for n less than 1.1. The effect of 

saturation current, Is, is very important when the level of local 

oscillator power is low. This will be demonstrated by comparing results 

of mixing with diodes having different values of saturation current. 

Although temperature, T, is seen in the exponential and is present in a 
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mure complicated manner in saturation current, the effect on mixing 

efficiency is less than 0.5 dB for 100 degrees C change in temperature. 

Electron charge, q, and Boltzmann constant, k, may be combined in the 

equation 
V-1 P  
.026 

I = Is(e -1) (1) 

Conversion Lass ----------

Mixing efficiency is measured by the conversion loss, the ratio of 

signal input power to intermediate frequency output power. The 

intermediate frequency is the difference between the signal frequency and 

the local oscillator frequency. The diode may also generate the sUll of 

these two frequencies. In this case the mixer may be called an 

upconverter. For a given local oscillator frequency, the difference 

frequency may be produced by two signal frequencies - one above the 1.0. 

frequency and one below. Of course noise is also contributed at these two 

frequencies. In some cases, the mixer is designed to respond to both 

thee. frequencies. A mixer of this type is called a double sideband 

mixer. More commonly the mixer is designed to respond to one of theme 

inputs. Since noise comes from both frequencies the double sideband mixer 

is better - typically 3 dB better. 

Noise figure is another measure of mixing efficiency. This is the 

ratio of signal to noise ratio at the input to signal to noise ratio at 

the output. Single and double sideband definitions apply to noise figure 

also. In some applications noise figure and conversion lose are 

essentially equal. However, noise figure includes diode noise which 

becomes significant at intermediate frequencies in the audio range ( 1/f 

noise). In these applications noise figure may be much larger than 

conversion loes. 



matrix methods in circuit analysis and optimization. 

CIAO now employs a sophisticated sparse matrix equation-solving algorithm, 

and the resulting increase in processing speed has been impressive, as 

compared to the original CIAO, which used the conventional "dense" solver. 

For example, with the sparse solver, the analysis and optimization speeds for 

various ladder networks improved as follows: ( 1) four-node network - ran 1.04 

times faster; ( 2) ten-node network - ran twice as fast; ( 3) twenty-one node 

network - ran ten times faster. Generally, the larger and sparser the 

network, the greater will be the advantage that sparse matrix techniques 

realize over dense solvers. 

The New CIAO: Graphics Output and Other Enhancements 

CIAO's normal screen-output mode now provides simultaneous text and 

high-resolution ftraphics output. In CIAO's graphics mode, which is the 

default option, the upper half of the screen displays the text output. This 

consists of the program queries directed to the user, and the analysis and 

optimization results for the circuit. The user may redirect this text output 

to the printer. The graphics output from CIAO appears in the bottom half of 

the screen. 

The graphics output is generated automatically by CIAO according to certain 

default options. By including the appropriate command in the data file, the 

user may override the defaults either to plot the magnitude or phase of any 

scattering parameter, or to suppress graphics output altogether. When the 

graphics mode is activated, a plot is generated for the initial analysis of 

the circuit and for each optimizing iteration after the initial analysis. 

After three plots are constructed on the coordinate axes, the graph is erased 

and a new set of axes is constructed, possibly with a different ordinate 

scale. As the iterations proceed, another three plots are drawn. At this 

point, the graph is refreshed again. The process repeats until the desired 

number of iterations is completed. Each plot of a group of three is 

distinguishable by the intensity of the trace on the screen, and by either 

dot, cross, or box marks on the plot at the frequency points specified in the 

data file. 

Hardcopy output of the screen's graphics images is possible via the 

GRAPHICS.COM program, which comes with most MS-DOS 2.x operating systems. 

Before running CIAO, one need only execute GRAPHICS.COM; then at any time 

during or after a CIAO execution, Shift-PrtSc will dump the screen image to 

the printer. 

Automatic Updating of Data Files. Whenever an optimization is concluded or 

interrupted, the user may, in response to screen query, direct CIAO to save to 

disk a new data file with the current values of the optimizable circuit 

elements. This feature makes it very easy to start, stop, and resume an 

optimization of a circuit - even changing the optimization algorithm along the 

way, if so desired. 

Improved Interrupt Handling. CIAO's analysis and optimization maybe 

interrupted instantly by holding down any key. Execution may be then 

terminated with a final analysis or continued, as desired. 
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Parasitic Losses  

The diode equivalent circuit of Figure 1 shows the presence of two 

elements that degrade performance by preventing the incoming signal from 

reaching the junction resistance where the mixing takes place. The effect 

Another complication of noise figure is the effect of the amplifier A good approximation to the effect of junction capacitance and 

following the mixer. Diode manufacturers include the effect of a 1.5 dB series resistance on conversion loss is: 

noise figure IF amplifier in the mixer noise figure. Mixer manufacturers 

do not include this amplifier in the mixer noise definition. In this 

Re 2 
L1 --  1 4.— w R 

2 
C R R. 

s I 
(2) 

paper diode efficiency will be measured by conversion loss. This is the ratio of available power to the power delivered to the 

junction resistance, Rj, using the diode equivalent circuit of Figure 1. 

The value of junction capacitance varies with voltage as 

of junction capacitance and series resistance was studied by comparing where 0.6 is a typical value of barrier voltage. 

conversion loss data measured with three diodes covering a wide range of 

these parameters. The 5082-2800 is a general purpose diode, typically 

used in switching circuits. The 5082-2817 is a 2 GHz mixer diode. The 

5082-2755 is a 10 GHz detector diode. Figure 2 shows the conversion loss 

measured at 2 GHz for these three diodes. 

The 5082-2800 general purpose diode has a conversion loss several 

dB worse than that of the other diodes. This is expected because this 

diode has a higher junction capacitance. The behavior of the low 

capacitance 5082-2755 detector diode is more interesting. At local 

oscillator power levels below -3 dBm the conversion loss is better than 

the loss of the 5082-2817 mixer diode, but at higher power levels it is 

worse. 

<3) 

The relative values of conversion loss in Figure 2 may be 

explained by these equations. Zero bias capacitances for the three diodes 

were measured to be 0.84 pF, 1.29 pF, and 0.13 pF for the -2817, -2800, 

and -2755 diodes respectively. 

At a local oscillator power level of 1 milliwatt the forward 

current is about 1 milliampere. Using the corresponding forward voltages, 

C is computed for the three diodes. Assuming a junction resistance of 150 

ohms, reasonable values of series resistance may be chosen to make the 

relative values of L1 correspond to the relative measured values. 

26 The familiar junction resistance equation Ri r-1 does not apply 

for I: rectified current. It refers to I= DC bias current. When 
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III. An Optimization Example for the New CIAO 

Presented below are a data file, circuit diagram, and partial program output 

for an optimization example run using the new CIAO. The data file contains 

comments which explain the optimization process for the circuit. (Comment 

lines are denoted by an apostrophe being the first character on the line: 

blank lines are also allowed. CIAO also permits text comments to be appended 

to any line.) The circuit is described in a nodal-interconnect format and the 

optimizable parameters are denoted by an asterisk appended to the element 
codes. 

' CIAO DATA FILE: OPTIMIZATION OF A FOUR-STAGE GaAs FET AMPLIFIER 

'CIAO is used here to optimize a four-stage, 21-node amplifier to 
'(1) a prescribed Sil magnitude and phase ( for noise figure), ( 2) 
'a flat 30 dB gain for S21, and ( 3) an S22 magnitude of below 
'0.20. The initial design of the amplifier displays a 
'satisfactory match for S22, a poor match for S11, and a maximum 
'gain error for S21 of 4.3 dB. The optimized design still 
'displays a satisfactory match for S22, a greatly improved match 
'for S11, and a maximum gain error for S21 of 0.4 dB. 

'The optimization was stopped after 4 Nelder-Mead iterations, 
'which required a total of 91 function evaluations. In this 
'particular example, neither Fletcher-Powell nor Fletcher-Reeves 
'alone is able to achieve results anywhere nearly as good as those 
'achieved with Nelder-Mead. 

TYPE of OPTIMIZATION: Nelder-Mead 
RUN-TIME for the INITIAL ANALYSIS: 2.1 sec. per frequency point 
TOTAL RUN-TIME for ITR. 0 - 4 (91 fn. eval.): 19 min. 11 sec. 

'Using the dense solver of the original CIAO, the above run-times 
'increase by a factor of TEN. 

ind 1 2 . 05e-9 
cap 2 3 8.2e-12 

'For trl, oat: Zo, Length (deg.) Freq. 
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trl * 3 0 4 0 50 69.48 
ost-* 3 0 50 49.72 7.5e9 
two -4 0 5 0 tablel 

cap 5 6 8.2e-12 
ind 6 7 . 05e-9 
trl * 7 0 8 0 50 75.6 7.5e9 
ost-* 8 0 50 43.3 7.5e9 
two -8 0 9 0 table2 

cap 9 10 8.2e-12 
ind 10 11 . 05e-9 
trl * 11 0 12 0 50 61.98 7.5e9 
two 12 0 13 0 table3 

cap 13 14 8.2e-12 
ind 14 15 . 05e-9 
ost * 15 0 50 59.33 7.5e9 
trf-* 15 0 16 0 50 31.43 7.5e9 
two 16 0 17 0 table3 

7.5e9 

cap 17 18 8.2e-12 
ind 18 19 . 05e-9 
trl * 19 0 20 0 50 48.24 7.65e9 
ost-* 20 0 50 50.89 7.65e9 
tr1-* 20 0 21 0 50 57.24 7.65e9 
oat:* 21 0 50 21.31 7.65e9 

portl 1 0 50 
port2 21 0 50 
perform twoport optimization table9 
'Optimization goal: match circuit S-Parameters to those of table 9 
end 

'frequencies Mag./Phase weights for Sij 
7.250e9 7.750e9 0.1e9 \ 645.2/.1 0 1/0 10,4/0.,0.2/0 
end 

tablel aparas ( first device) 
50 ( Reference impedance for S parameters) 
.79 -137 . 04 33 1.50 59 . 75 -74 
.79 -139 .04 34 1.48 58 . 76 -76 
.79 -139 .04 35 1.45 57 . 76 -77 
.79 -140 .04 36 1.42 57 . 77 -78 
.79 -141 .03 37 1.39 56 . 77 -79 
.79 -14; .03 38 1.37 55 . 78 -81 

table2 sparam ( second device) 
50 
.78 -135 . 03 68 1.88 59 . 75 -81 
.78 -136 .03 70 1.84 58 . 76 -82 
.78 -137 .03 72 1.80 57 . 76 -83 



rectified current is 1 mA, instantaneous current varies over forward and Equation 2 shows the loss behavior with frequency. At low 

reverse values. Junction resistance is very large when the current is frequencies the loss is independent of frequency and capacitance. 

negative so the average junction resistance is larger than predicted by Choosing a low value of series resistance provides the best diode. At 

this equation. 

C R L 
Diode (pF) (ohms) (dB) 

2817 1.3 6 1.07 

2800 2.2 16 4.68 

2755 0.24 50 1.47 

high frequencies low capacitance becomes more important than low series 

resistance because capacitance is squared in the equation. Figure 3 shows 

L1 vs frequency for the 5082-2835 diode with Rs= 6 ohms and C.. 1.0 pF and 

forthe1MCH-5310diodewithR=17ohmsandC...0.1 pF. The lower 

capacitance makes the -5310 the better diode at microwave frequencies 

while the lower resistance makes the -2835 the better diode at low 

frequencies. 

At -3 Om the 2817 and 2755 curves cross, with the 2800 loss 4.5 dB 

higher. Thlis relative loss can be explained by raising R to 235 ohms and The Effect of Barrier Voltam 

decreasing the capacitance values. The type of metal deposited on silicon to form a Schottky barrier 

influences the barrier voltage which is involved in the saturation current 

determining the forward current. We use the term low barrier for diodes 

Diode (g) (dB) 
with low values of voltage for a given current ( usually 1 mA). We have 

2817 1.12 1.2 
previously shown the effect of barrier voltage on the variation of 

2800 2.1 5.7 
junction capacitance with forward voltage. 

2755 0.23 1.2 

These values of Ci and Rswere chosen to illustrate the effect on 

conversion loss. Since saturation currents are different for these diodes 
Barrier 

and junction resistances may be different, the actual values of Ciand R Potential 

may be somewhat different. 5082-2817 0.64 

5082-2835 0.56 

HSCH-3486 0.35 

Figure 4 shows the measurement of conversion loss for three diodes 

having a range of barrier potential values. 
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.78 - 138 . 03 74 1.77 57 . 77 -85 

.79 -139 . 03 75 1.74 56 . 77 -86 

.79 -140 . 03 77 1.70 55 . 78 -87 

table3 sparam ( third and fourth devices) 
50 
.78 -147 . 155 -37.6 1.14 -33.0 . 76 -129 
.78 -148 . 157 -43.8 1.13 -34.9 . 76 -130 
.78 -149 . 158 -49.7 1.11 -36.7 . 76 -130 
.78 -150 . 159 -55.4 1.10 -38.5 . 76 -131 
.78 -151 . 160 -60.9 1.09 -40.2 . 76 -132 
.78 -152 . 160 -66.1 1.07 -41.9 . 76 -133 

table9 sparam (optimizing table) 
'match sil for noise figure; 921 for 30dB gain; s22 for min. value 
.86 -19 0 0 31.622 0 0 0 
.89 -29 0 0 31.622 0 0 0 
.90 -39 0 0 31.622 0 0 0 
.91 -47 0 0 31.622 0 0 0 
.87 -54 0 0 31.622 0 0 0 
.86 -62 0 0 31.622 0 0 0 
end 

The circuit diagram and ( partial) program output are given on the next two 

pages. 
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At low LO power levels the lower barrier diodes have better 

performance, significantly better for the lowest barrier diode, the 

HSCH-3486. At higher power levels this diode loses its advantage because 

of higher series resistance. The 5082-2835 has lower capacitance and 

lower series resistance 30 its performance is better than the 5082-2817 at 

all power levels. The maximum rated power level of 150 MW is not high 

enough to demonstrate the increase in conversion loss seen at high power 

levels for the other diodes. 

Effects of DC Bias and Local Oscillator Power Level 

Figure 5 shows the conversion loss of a 5082-2817 mixer diode 

measured at 2 GHz. The top curve was measured without DC bias. Optimum 

DC bias was applied at each level for the bottom curve. The curves meet 

at the optimum local oscillator level where bias does not help. Below 

this level forward bias is used. Above this level reverse bias is used to 

reduce the rectified current. 

At low levels of LO power, the conversion loss degrades rapidly 

unless DC bias is used. At - 10 am the degradation is about 7 dB from the 

performance at !he standard 0 dBM power level. Replacing the lost LO 

power with DC bias recovers about 6 dB of the degradation. 

At high levels of LO power the performance degrades again. This is 

caused by the ,..apid increase of junction capacitance. Reverse bias 

reduces the current and the capacitance, restoring the diode performance. 
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Effect of Load Resistance 

Figure 6 shows the effect of mixer load resistance on conversion 

loss. At low local oscillator power levels the effect is similar to the 

barrier effect. More rectified current flows with smaller load resistance 

so performance is better. At higher power levels the degradation due to 

higher capacitance appears first with the lower load resistances. As a 

result the optimum value of load resistance increases with LO power level. 

At .9 dBm 100 ohms becomes better than 10 ohms. AT + 19.5 dern 400 ohms 

becomes better than 100 ohms. The load circuit can be designed to provide 

the optimum resistance as the local oscillator power level changes. 

HARMONIC DISTORTION 

Sums and differences of multiples of the two mixing frequencies are 

produced in the mixing diode. These frequencies appear as spurious 

responses in the output. This effect was studied by setting the signal 

frequency at 2 GHz and the power at -30 du. The local 

then set at various frequencies to produce harmonic 

difference frequency of 30 MHz. Local oscillator power was 

oscillator was 

mixing with a 

one milliwatt. 

Then the local oscillator was set at 2 GHz and the signal frequency 

varied. The output levels in dB below fundamental mixing are shown io 

Figure 7. The diode was placed in a 50 ohrn untuned coaxial mount. 

The output levels of the ml products, mixing of the signal 

fundamental with multiples of the local oscillator, are much higher than 



CIAO Omtpit for 4-Stage Amplifier Example 

CIRCUIT ANALYSIS and OPTIMIZATION PROGRAM 

(C) Copyright 1984, 1985 Stephen E. Sussman-Fort 
All Rights Reserved 

Initial Analysis 

Freq. Sil S12 
(Hz) Meg. Ang. Meg. Ang. 

7.250E+009 0.78 -36 -67.8dB -58.5 
7.350E+009 0.76 -45 -68.5dB -90.5 
7.450E+009 0.74 -49 -69.5dB - 116.9 
7.550E+009 0.74 -55 -70.3dB - 145.3 
7.650E+009 0.73 -57 -73.7dB - 171.5 
7.750E+009 0.74 -62 -75.0dB 163.0 

S21 S22 S21 K 
Hag. Ang. Meg. Ang. dB Fact 

51.934 -32.3 0.08 -66 34.3 9.1 
44.087 -60.7 0.11 -59 32.9 12.6 
36.102 -83.9 0.10 -66 31.2 18.5 
30.748 - 107.5 0.07 -87 29.8 24.2 
25.733 - 130.1 0.01 - 114 28.2 43.6 
20.689 - 153.6 0.07 57 26.3 60.1 

Iteration number: 0 - using 1 function evaluation(s). 
Error function: 147.877 

Magnitude errors ( 11,12,21,22): 1.20E+001 0.00E+000 1.24E+002 0.00E+000 
Phase errors [ 11,12,21,22]: 1.20E+001 0.00E+000 0.00E+000 0.00E+000 

Variable Value 
1 4.97200E+001 
2 6.94800E+001 
3 7.56000E+001 
4 4.33000E+001 
5 6.19800E+001 
6 5.93300E+001 
7 3.14300E+001 
8 4.82400E+001 
9 5.08900E+001 
10 5.72400E+001 
11 2.13100E+001 

Iteration number: 1 - using 28 function evaluation(s). 
Error function: 90.539 

Magnitude errors ( 11,12,21,22): 
Phase errors ( 11,12,21,22): 

Variable Value 
1 4.65707E+001 
2 7.47423E+001 
3 6.98742E+001 
4 4.65794E+001 
5 5.96321E+001 
6 5.75146E+001 
7 3.50699E+001 
8 5.09605E+001 
9 4.91413E+001 
10 6.15752E+001 
11 1.96960E+001 

1.47E+000 0.00E+000 8.03E+001 5.04E-001 
8.23E+000 0.00E+000 0.00E+000 0.00E+000 
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CIAO Odle (contid) 
Iteration number: 2 
Error function: 6.292 

Iteration number: 3 
Error function: 4.938 

Iteration number: 4 
Error function: 4.281 

Magnitude errors [ 11,12 
Phase errors [ 11,12,21, 

Variable Value 

1 4.68837E+001 
2 7.71597E+001 
3 5.97823E+001 
4 4.47366E+001 
5 5.52477E+001 
6 5.71373E+001 
7 3.31566E+001 
8 5.31364E+001 
9 5.30837E+001 
10 5.39265E+001 
11 2.40746E+001 

Final Analysis 

- using 9 function evnluntion(s). 

- using 51 function evaluation(s). 

- using 2 function evaluation(s). 

,21,221: 5.04E-001 0.00E+000 8.80E-001 0.00E+000 
22]: 2.90E+000 0.00E+000 0.00E+000 0.00E+000 

Freq. Sil S12 S21 S22 S21 K 
(Hz) Meg. Ang. Hag. Ang. Meg. Ang. Meg. Ang. dB Fact 

7.250E+009 0.86 -28 -72.5dB 10.9 30.217 37.1 0.15 156 29.6 17.7 
7.350E+009 0.89 -37 -71.5dB - 13.5 31.259 16.3 0.07 95 29.9 12.5 
7.450E+009 0.91 -43 -70.8dB - 37.7 30.810 -4.7 0.08 10 29.8 10.0 
7.550E+009 0.93 -49 -69.9dB -63.0 32.078 -25.2 0.13 -33 30.1 6.7 
7.650E+009 0.90 -56 -71.8dB -89.0 32.238 -47.6 0.16 -57 30.2 10.7 
7.750E+009 0.92 -62 -70.9dB - 117.9 33.011 - 74.5 0.17 -77 30.4 8.0 



the in products, mixing of the local oscillator fundamental with multiples 

of the signal. For example, the 2x1 output is 5 dB below fundamental. 

Figure 5 shows that this level of fundamental mixing corresponds to a 

local oscillator level of -8 dIMI) The doubling efficiency was about 8 dB. 

The 1x2 output is 16 dB below fundamental mixing This corresponds to a 

signal level of -46 dBM. The doubling efficiency is 16 dB for the lower 

level signal frequency. Although fundamental mixing in Figure 5 was 

measured in a tuned system and the data of Figure 7 was measured in an 

untuned system, this analysis nevertheless gives a comparison of 

multiplying at the one milliwatt and one microwatt power levels. Mixing 

of signal multiples above 2 with local oscillator multiples above the 

fundamental produced outputs below the - 100 am sensitivity of the 

receiver. 

Harmonic Mixing 

While harmonic products are usually considered spurious, in some 

designs the desired output is the result of harmonic mixing. This is a 

valuable mixer technique when the frequency is so high that it is 

difficult to generate the local oscillator power. Hewlett-Packard 

Application Note 991, "Harmonic Mixing With the HSCH-5500 Series Dual 

Diode" describes a technique using the 2nd harmonic of the local 

oscillator with little loss of efficiency compared to fundamental mixing. 

Mixers using the 6th, 8th, and 10th harmonics are used to extend the range 

of Hewlett-Packard spectrum analyzers to 60 GHz. 
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Two Tone Distortion _ 

Harmonic distortion may be suppressed by a band pass filter at the 

mixer input. When the distortion is caused by 

m f - nf fif 
LO 

the unwanted frequency is 

f m if 

fa 1.0 (4) 

The narrowest filter required corresponds to m = n = 2 with a rejection 

bandwith equal to the intermediate frequency. 

Two tone distortion is the result of two unwanted signals mixing 

with each other and the local oscillator to produce an intermediate 

frequency output. The equation is 

f - mf • nf = f. 
LO 1 2 if (5) 

Third order two tone intermod may correspond to m = 2, n = 1. In this 

case the correct intermediate frequency is produced when the desired 

signal fs equals 2f1- f2 . The unwanted frequencies may be arbitrarily 

close to the desired frequency so the problem cannot be solved with a 

filter. 

Third order two tone distortion in a 5082-2817 diode was 

investigated with a local oscillator frequency of 1.94 GHz and input 



IV. The Evolution of DESIGN 

The Capabilities of DESIGN: Original Version  

DESIGN synthesizes lossless lumped and distributed matching networks to 

provide a specified S21 magnitude response between a real source and a complex 

load impedance. The method is discussed in [ 1] and is based on the work of 

Carlin and Komiak [ 7]. The most important advantages of DESIGN are: ( 1) no 

equivalent circuit models need be constructed for the source and load - only a 

simple numerical 'description of the source and load is required as data for 

the synthesis; ( 2) the designs are "simpler in structure and superior in 

frequency response to [ classical] equiripple designs" [ 8]; and ( 3) no 

parasitic absorptions or Norton/Kuroda transformations are required in the 

synthesis. 

The original DESIGN was generally able to synthesize networks that were at 

most a few dB within the 

event, the response was 

optimizer ( such as CIAO) 

has enhancements which 

synthesis. 

The New DESIGN 

S2I requirements across the frequency band. In any 

close enough to specifications to enable a circuit 

to reduce the error to a small value. The new DESIGN 

eliminates the need for such optimization after the 

DESIGN now has an internal fine-tuning option, as well as certain 

algorithmic enhancements, which enable the program, by itself, to design its 
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networks with response errors not exceeding a small fraction of a dB. The 

fine-tuning option is actually a special purpose optimizer that has been built 

into the program. The other enhancements mainly involve the proper initial 

selection of the network topology to guarantee the success of the synthesis 

for all choices of the source and load. Finally, the user interface has been 

improved. 

The example which follows will illustrate the new DESIGN's ease of use and 

excellent accuracy in synthesizing matching networks. 

V. A Synthesis Example for the New DESIGN 

We first summarize below the 

designed. This is followed by a 

DESIGN program. The user must 

requirements for the matching network to be 

statement concerning the options used in the 

select an appropriate value for the network 

degree; DESIGN suggests values for the other options. (Most often the 

defaults suffice.) Then the results of the synthesis are presented before and 

after the fine-tuning optimization. Finally, a copy of the actual printout of 

the program is given, along with a schematic of the networks and a plot of the 

frequency response. 

s- a 



frequencies of 2 GHz and 1.985 GHz. The intermediate frequency was 2 x 

1.985 - 2 - 1.94 = 0.03 GHz. The measure of distortion is the input 

intercept point, the power level where the line of output vs input power 

for the desired mixing intersects the extension of the spurious line. 

This is shown in Figure 8. Since the desired output is linear, the 

suppression of the spurious output is 2A and input intercept is input 

power plus half the suppression. 

With the help of this relationship the intercept point was measured 

as a function of local oscillator power level. The results are shown in 

Figure 9. At higher local oscillator power levels the desired output 

increases while the spurious output decreases. This raises the 

suppression and the intercept point. At lower levels both desired output 

and spurious decrease so the intercept point levels off to a constant 

value. 

Tuniul for Better Sensitivitx 

The ideal mixer should convert all of the signal power to output 

power at the desired output frequency. However, it is customary to 

test diodes in a broadband mixer circuit. In this test no attempt is 

made to recover the power lost in the unwanted output frequencies. 

Because of these losses and the losses in the diode parasitics, an 

efficiency of about 35% is usually achieved. 

Special circuits have been developed to improve this figure to 

come closer to the ideal 100% efficiency. The most serious spurious 

response, called the image response, produces an output at the 

frequency 2 fur fsamage recovery mixers are designed to recover this 

lost power. Two dB improvement has been reported. By properly 

terminating harmonics up to the third, conversion loss under 2 dB was 

obtained with a Hewlett-Packard beam lead diode. 

MULTIPLE DIME MIXERS 

Although the intermediate frequency may be produced by mixing in a 

single diode, very few mixers are made this way. The problems generated 

by using a single diode include radiation of local oscillator power from 

the input port, loss of sensitivity by absorption of input power in the 

local oscillator circuit, loss of input power in the intermediate 

frequency amplifier, and the generation of spurious output frequencies by 

harmonic mixing. Some of these problems may be solved by circuit 

techniques but these circuits often introduce new problems. Most mixers 

use multiple diode techniques to better solve these problems. 

Early mixer designs prevented loss of signal power in the local 

oscillator circuit by loosely coupling the local oscillator power to the 

mixer diode. This technique is wasteful of local oscillator power and it 

sends as much power to the input, possibly an antenna, as it sends to the 

diode. This local oscillator radiation could be interpreted as a target 

return when received by a radar. This problem may be alleviated by using 
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DESIGN 0 Anpur FOR Mnichk NEIwoRk Desly ExAmplE 
MATCHING NETWORK DESIGN PROGRAM 

(C) Copyright 1984 Stephen E. Sussman-Fort 
All Rights Reserved 

MATCHING NETWORK DESIGN REQUIREMENTS 

- Device Considered: Raytheon RLC832 Low Noise GaAs FET - Matching 
Sil to 50 ohms for maximum unilateral transducer gain 

- Source Impedance: 50 ohms 
- Number of Frequency Points: 5 

- Load Description: Reflection coefficient with 50 ohm reference resistance 

Frequency Load ( Refl. Coef.) Desired S21 Magnitude 
(GHz) magnitude phase-deg of Matching Network 

6.0 
7.0 
8.0 
9.0 
10.0 

.78 -89 

.75 -103 

.73 -117 

.70 -131 

.67 -144 

OPTIONS SELECTED in DESIGN DATA INPUT 

0.578 (-4.76 dB) 
0.659 (-3.62 dB) 
0.746 (-2.55 dB) 
0.865 (-1.26 dB) 
1.000 ( 0.00 dB) 

- Desired degree of matching network: ----- 5 
- Bandpass or Lowpass matching network structure:   
- Defaults used for all other options. 

DESIGN RESULTS: ( Preliminary, before fine-tuning) 

- Lumped Circuit, S21 matched across frequency band to within 0.40 dB 
- Distributed Circuit, S21 matched across band to within 0.48 dB 

DESIGN RESULTS: ( Final, after fine-tuning) 

- Lumped Circuit, S21 matched across frequency band to within 0.06 dB 
- Distributed Circuit, S21 matched across band to within 0.07 dB 

The next few pages contain a condensed version of DESIGN's printout, the 

circuit schematics, and a frequency response plot. 
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Degree of network to be designed: 5 
Source resistance (ohms): 5.00E4001 

Load Frequencies (Hz) 
6.000E+009 
7.000E4009 
8.000E4009 
9.000E4009 
1.000E4010 

Magnitude 
7.811E-001 
7.50E-001 
7.30E-001 
7.00E-001 
6.70E-001 

Angle 
-89.0 
-103.0 
-117.0 
-131.0 
-144.0 

Desired 1S21: (mag) 
0.578 
0.659 
0.746 
0.865 
1.000 

MATCHING NETWORK DESIGN BEGINS: The Resistance Excursion Optimization 

... hold down any key to interrupt optimization ... 

Iteration Function Evaluations R/IS Error of 1S211**2 Across 
1 62.589 

1 5 10.263 
2 3 3.806 

Error function has changed by less than 0.50 percent. 
Do you wish to continue optimization/ ( YIN): y 

Optimization continues ... 

3 2 3.806 
4 I 3.604 
5 2 3.458 
6 2 3.325 
7 I 3.176 
8 2 3.163 

Error function has changed by less than 0.35 percent. 
Do you wish to continue optimization/ ( YIN), n 

RESULTS, MATCHING NETWORK ELEMENT VALUES FROM THE 50 0111 SOURCE 
TO THE COMPLEX-LOAD. 

The Lumped Element Design 

Series Inductor: 2.299E-010 H 
Shunt Capacitors 3.726E-013 F 
Series Inductor: 8.046E-010 H 
Shunt Capacitor: 7.328E-013 F 
Series Inductor: 5.514E-010 H 

A circuit analysis follows ... 

Freq. ( Hz) 

6.000E4009 
7.000Ef009 
8.000E4009 
9.000E#1109. 
1.000E 11110 

S21 in dB: Desired 

-4.76 
-3.62 
-2.55 
-1.26 
0.00 

Passband 

The Distributed Element Design 

TRI: 120.0 ohms, 
OST: 25.0 ohms, 
TRI: 120.0 ohms, 
OST: 25.0 ohms, 
TRI: 120.0 ohms, 

Lumped Design 

-5.16 
-3.68 
-2.26 
-1.00 

5.53 deg at 8.000E4009 Hz 
25.09 deg at 8.000E4009 Hz 
19.70 deg at 8.000E4009 Hz 
42.64 deg at 8.000E+009 Hz 
13.35 deg at 8.000E4009 Hz 

Distributed Design 

-4.94 
-3.46 
-2.07 
-0.86 
-0.07 



a directional coupler to send the local oscillator power to the mixer A higher barrier diode may be used to retain linear response at 

diode. Coupling must be loose so that LO power is still wasted. 

A balanced mixer (Figure 10) provides a better solution. The 

hybrid circuit splits the LO power to the two diodes with little coupling 

to the antenna. A low pass filter is needed to prevent loss of power to 

the intermediate frequency amplifier. Additional advantages are reduction 

of LO noise and harmonic mixing. LO noise is rejected because two signals 

originating in the same port produce IF outputs that cancel. This is a 

property of the hybrid circuit. Similarly, even order harmonics of either 

the LO or the signal produce cancelling outputs. 

In the double balanced mixer (Figure 11) even order harmonics of 

both the LO and the signal frequency are rejected. This mixer does not 

require a low pass filter to isolate the IF circuit. The three ports are 

isolated from each other by the symmetry of the circuit. These mixers 

usually cover a broader band than the others. Ratios as high 43 1000:1 

are available. Microwave equivalents of these mixer circuits are 

available. Bandwidth ratios as high as 40:1 are available at microwave 

frequencies. 

Intermodulation distortion is reduced when local oscillator power 

higher drive levels. More than one diode may be used in each arm of the 

ring in a double balanced mixer. This permits higher drive level without 

overheating the diodes. Two rings may also be used to increase the local 

oscillator level. This technique is also used for image tuning described 

earlier. 

Summry: 

Schottky diode mixing efficiency is related to both diode 

parameters and circuit parameters. Diode parameters studied include 

capacitance, resistance, and barrier voltage. Circuit parameters include 

DC bias and load resistance. Harmonic response and third order two tone 

intermodulation were also studied. 

Rs 

Cj 

EQUIVALENT CIRCUIT 
is increased. Several design techniques are used to allow higher drive. FIGURE 1 
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DESiSM Output FOR Mmichinq NEmonk DEsiqn ExmmplE (cont'd) 
Optimize the ( Dumped or ( D)istributed design or ( 0)ult - ( L/D/0): 1 
Optimization proceeds - hold down any key to stop ... 

Function Evaluation No., 82 

Maximum Response Error in dB (= 0.116 

Design refinement completed - hit ( cr.> to curstinue 

RESULTS: MATCHING NETWORK ELEMENT VALUES FROM THE 50 0141 SOURCE 
70 THE COMPLEX-LOAD. 

The Lumped Element Design 

Series Inductors 2.129E-010 H A circuit analysis follows ... 
Shunt Capacitor, 3.757E-013 F 
Series Inductor: 1.081E-009 H Freq. ( Hz) S21 in dB, Desired Lumped Design 
Shunt Capacitors 7.858E-013 F 
Series Inductor: 6.554E-010 H 6.0110E.009 -4.76 -4.77 

7.009E1909 -3.62 -3.61 
8.858E4889 -2.55 -2.56 

-1.26 -1.25 5.1188E.809 
1.000E+010 9.90 -9.06 

Optimize the ( 0)istributed design or ( 0)01 - ( D/0), d 
Optimization proceeds - hold down any key to stop ... 

Function Evaluation No., 94 

Maximum Response Error in dB (= 0.07 

Design refinement completed - hit (Cr) to continue ... 

RESULTS, MATCHING NETWORK ELEMENT VALUES FROM THE 50 OHM SOURCE 
TO THE COMPLEX-LOAD. 

The Distributed Element Design 

TRI, 120.0 ohms, 5.22 deg at 8.090E+009 Hz 
OST: 25.0 ohms, 23.76 deg at 8.000E1009 Hz 
Ins 120.0 ohms, 22.98 deg at 8.000E4009 Hz 
OST, 25.0 ohms, 43.20 deg at 8.000E4009 Hz 
TRI: 120.8 ohms, 13.84 deg at 8.000E4009 Hz 

A circuit analysis follows ... 

Freq. ( Hz) S2I in dB: Desired Distributed Design 

6.000E1009 -4.76 -4.83 
7.000E4099 -3.62 -3.61 
8.000E.999 -2.55 -2.49 
9.000E4009 -1.26 - 1.20 
1.090E+010 0.00 -0.07 

Lumped Matching Network from DESIGN 

Li L3 L5 

(- 58 o)is some C2 C4- Complex Lead -) 

T T  • 

Distributed Matching Network from DESIGN 

Ti T3 T5 

(- 58 olim source T2 T4 Cuplex Leal -) 

Li: 2.129e-18 H 
C2: 3.757e-13 F 
13: 1.811e-81 H 
C4: 7.858e-13 
L5: 6,554e-18 11 

Ti: 128 ohms, 5,22 deg ti 8 GHz 
72 25 ohms, 23,76 deg P 8 GHz 
12: 128 ohms, 22.98 deg Fé 8 Gliz 
74: 25 ohms, 4318 deg P 8 GHz 
15: 128 ohms, 13.14 deg P 8 GHz 

Lumped and Distributed Frequency Response is Coincident with Desired S21 Shape 
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VI. Conclusion 

The evolution of two programs for RF and microwave circuit analysis, 

optimization, and synthesis has been presented. We expect to continue to 

improve CIAO and DESIGN to include additional features and speed 

enhancements. 
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THE POOR MAN'S ENGINEERING WORK STATION 
by 

Richard B. Kolbly 
Staff Engineer, Lockheed-California Company 

Post Office Box 551 
Burbank, California 91520 

INTRODUCTION 

The current literature is full of discussion of the new 

"Engineering Work Station" or facilities for Computer- Aided 

Design ( CAD). The working RF design engineer reads of these 

devices with great anticipation, but soon realizes that these are 

beyond the normal means of a limited personal or engineering 

budget. Terms like " silicon compiler" and " gate array design" 

and " standard cells" are resplendent in the literature. Most 

working engineers probably will not design integrated circuits of 

semicustom integrated circuits. The purpose of this paper is to 

show that the working- level RF design engineer, on a limited 

budget, can provide an effective facility to simplify his 

engineering duties. 

As a practical matter, few companies are going to allocate 

tens of thousands of dollars to individual engineers unless an 

immediate increase in productivity can he shown. It has been my 

experience that if a computer is not immediately available it 

loses a great deal of its functionality. If we have to sign up 

or go across the hall ( or across the plant!) to use a computer, 

we are likely not to bother, and either rely on our experience or 

just " SWAG" it. Since most companies are unwilling or unable to 

supply a personal computer to each working engineer who desires 

one, it is up to each of us to provide our own computational 

resources, just as we did with slide rules and calculators. This 

paper will show how to use the " low end" home and personal 



The PIN Diode - Uses and Limitations 

by 
Jack H. Lepoff 

Applications Engineer 
Hewlett-Packard Company 
350 West Trimble Road 
San Jose, CA 95131 

ABSTRACT 

The PIN diode is a useful element in the design of attenuators, switches, 

and modulators. Under ideal conditions the diode acts as a current 

controlled resistor. However, there are limitations on performance 

related to frequency and power. 

This paper covers some of the low frequency and high frequency 

limitations of PIN diode applications and factors determining these 

limits. Other topics are diode parameters that control resistance and 

power limitations on attenuator performance. 

INTRODUCTION 

The PIN diode is a three layer device ( figure 1) - an intrinsic high 

resistance I layer in the center with conducting P and N layers on either 

side. The conducting layers are formed by adding impurities to produce an 

excess of positive charges on one side and an excess of negative charges 

on the other. Diode resistance can be controlled by DC bias voltage. 

Both positive and negative charges injected into the I layer lower its 

resistance. Diode resistance is approximately proportional to the inverse 

of the current. 

Ideally PIN diode resistance is controlled by the Dr current and 

independent of the RF power level. However, at high power levels the 

charge in the I layer may vary at the carrier frequency. In attenuator 

applications this variation in diode resistance is responsible for 

distortion. The effect is most severe in absorptive attenuators at low 

frequencies, with some power also absorbed by diodes in reflective 

attenuators. Since the amount absorbed depends on the attenuation level, 

distortion in both types is a function of attenuation. 

Most switches are reflective; power is either reflected or passed. 

Little power is absorbed by the diode so distortion in switches is not a 

problem. PIN diodes can have a wide range of switching times - from a few 

nanoseconds to close to a microsecond. The time depends on the 

combination of forward current for one state and reverse voltage for the 

other. Switching time is faster in the transition from reverse to forward 

bias. 

Reverse recovery time is related to switching time. Forward current 

injects charge into the diode, then a reverse pulse removes the charge. 

Time for recovery to a low value of current is defined as reverse recovery 

time, and depends on the values of forward current and reverse voltage 

used in the measurement. 

In addition to switches and attenuators, PIN diodes can be used as 

absorptive modulators. The diode resistance is varied at the modulating 
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computers to accomplish most of the computational tasks that are 

required. By using our experience and intelligence in an 

interactive manner, we can reduce significantly our design "work 

load" and produce better products in less time. 

SOME DEFINITIONS: 

Engineering workstation: A collection of equipment that 

allows the engineer to design and test circuits. For the purpose 

of this paper, the engineering workstation is a computer- equipped 

location where a design engineer will spend a significant portion 

of his work day. 

Personal computer: A computer that is immediately available 

to an individual, of fairly low cost and relatively low 

processing power. This paper shall be limited to those computers 

that fall within the normal range of discretionary income for 

individuals, in general less that two thousand dollars. 

Working engineer: The engineer whose primary task is to 

produce designs. This is the individual who does not have 

significant personnel or programmatic management duties. 

HARDWARE: 

For purposes of comparision, lets see what hardware might be 

availble to accomplish our needs. Just as most of us have some 

form of personal transportation, we shall have to have some sort 

of personal " computing engine". 

Similar to the small motorcycles, there are the " home 

computers", such as the Commodore 64's and the Atari 800XL. With 

a little judicious shopping, these can be found for less that a 

hundred dollars. Although these are definitely in the class of 
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"motorcycle" computers, they still have 64 kilobytes of memory 

and a built-in BASIC interpter. A low-cost computer is very 

capable of doing sophisticated engineering analysis - including 

using the Method of Moments to calculate wire antenna input 

impedance [ 1]. All of the examples in this paper can be modified 

to operate on these little " home computers", such as the Atari 

with a minimum of effort. 

A more typical " personal engineering computer" ( PEC) could 

be desicribed as having 64E or more of memory, dual disk drives 

and operating under either the B-bit CP/M operating system or the 

16-bit MS-DOS operating system. A computer such as this will 

represent an investment of something between $ 600 and $ 2000 

dollars, depending on how hard one is willing to shop. Of 

course, it is possible to spend more, but the purpose of this 

paper is to show how computers that can be purchased by an 

individual engineer or a tight departmental budget can do 

significant work. 

SYSTEM SOFTWARE: 

To operate any computer, you will need a certain amount of 

programs, or software. We have already mentioned the operating 

system, in most cases either CP/M or MS-DOS ( or one of their 

close relatives). Between these two operating systems most of 

the personal computers are covered. This operating system 

software is generally provided with the computer, and is used to 

provide basic file handling and program loading. 

In addition to the operating system or file handler, you 

need some sort of ' translator'. Although for many years FORTRAN 

was widely used, it is not as readily available for personal 
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frequency while passing a higher carrier frequency. The ability to 

modulate diode resistance is limited by the diode carrier lifetime, the 

time required to remove charges from the I layer. For efficient 

modulation the lifetime must be short compared to the modulation period, 

while low distortion requires the lifetime to be long compared to the 

carrier period. When these two frequencies are not far apart it may not 

be possible to satisfy both conditions, and a compromise value of lifetime 

is chosen. 

Figure 2 shows the frequency limitations for diodes with lifetimes 

ranging from 10 nanoseconds to 2 microseconds. The fast switching diodes 

are best with carrier frequencies above a gigahertz and modulation 

frequencies below 100 kilohertz. The long lifetime diodes are best with 

carrier frequency above 10 megahertz and modulation frequency below 1 

kilohertz. However, these limits are not rigid and diodes are useful 

beyond these limits. 

In addition to the inverse current relation, I layer resistance 

varies as the square of the I layer thickness and inversely as the 

lifetime. However, the lifetime is itself a function of I layer thickness 

so that a longer lifetime diode has more resistance in spite of this 

inverse relationship. Figure 4 shows that the 5082-3081 diode with 2 

microseconds lifetime has 30 times the resistance of the 5082-3043 diode 

with 15 ns lifetime. Another example of resistance dependence on lifetime 

is seen in Figure 5. These diodes are in shunt so higher attenuation means 

lower resistance. The short lifetime 3141 has lower resistance because it 

has a thinner I layer. 

The relation between resistance and current is not valid at high 

currents. The resistance levels off at a current which depends on the 

diode construction. This residual series resistance is usually guaranteed 

to be below a specified maximum. 

Attenuator designers often need more information about the resistance 

current relationship. The specifications for current controlled resistor 

diodes such as the HPND-4165 shown in Figure 6 include maximum and minimum 

resistance values at 10 microamperes and at 1 milliampere. In addition, 

the slope of the curve, the exponent of current, must be matched to 0.04 

for all diodes in a batch. Since the slope, x, can vary from 0.83 to 1.00 

while satisying the resistance specs, this delta slope spec tightens the 

matching considerably. 

A low frequency limitation of the PIN diode is the dielectric 

relaxation frequency. When current is removed from the diode most of the 

charges return to the p and n layers. However, sane charges remain in the 

underpleted portion of the I layer. At low frequencies this undepleted I 

layer resistance shorts out the I layer capacitance. A capacitance 

measurement would be high because only a portion of the I layer, the 

depleted portion, would be measured. Capacitance measurements at low 

frequencies ( 11,111z) require the use of reverse bias to drive out the 
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computers as BASIC. In most cases, programs written in FORTRAN 

can be translated to BASIC with a minimum of effort. The only 

snag in this process ( well-known to RF designers) is the lack of 

COMPLEX data types in BASIC. If BASIC had complex data types, it 

would be a much more useful language for us. Usually BASIC has 

been provided with your computer - it might be called MBASIC, 

GWBASIC, BASICA, APPLESOFT BASIC, etc. but they all tend to be 

variations of Microsoft's MBASIC V5.2 which has become a de facto 

standard for small computer BASIC interpeters. By staying with 

the Microsoft BASIC and its variants, we are assured of: 

1 - Ease of program modification and debugging. 

2 - A high degree of portability between machines. 

3 - A common data file structure that many programs can 

use. 

So far we have discussed the " system software" that comes with 

each computer. We still cannot do any useful design work until 

we have applications software - those programs that actually 

calculate and display the information we use. Where are these 

programs coming from? As all of you are undoubtedly aware, RF 

design programs are not as popular as word processors. Yet there 

are many sources of low cost or free software that are directly 

applicable or easily modified to our needs. 

Low- or no- cost software is available from a variety of 

sources. Most of the programs I use regularly in my duties as a 

practicing RF engineer have been published in technical 

magazines. RF Design Magazine is one of the better sources of 

programs. Other good sources include EDN, Ham Radio, Microwave 
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Journal, etc. The bibliography has several references. The 

important thing to remember is ( to quote Tom Lehr) - " let nothing 

escape your eyes. —" Read or scan as many of the publications as 

possible and start a clipping file. 

Another good source of programs is in manufacturer's 

application notes. These notes are generally tailored to a 

specific machine, but I have found them to be easily adopted to 

other computers. As an example, the now obsolete Hewlett-Packard 

9100-series of desktop calculators had excellent discussions of 

programs that could be used for filter design, transmission line 

calculations, etc and were easily adapted to BASIC. These 

programs ( and calculators!) often turn up at flea markets, swap 

meets and house organ classified advertising. 

The US Government and universities have a number of catalogs 

available that describe programs that have been written and are 

available for a small fee or free. CAED, an excellent microstrip 

design package ( written in FORTRAN) is availble from the US 

Government Pl. Again, most of these programs are tailored to a 

specific machine or application, but many of them have wide 

application. A classic example is the circuit analysis program, 

SPICE, written and distributed by the University of California 

131. It take a little snooping to find these sources, hut other 

engineers and libraries can be a big help. 

A few companies provide low-cost ( defined as under $ 100) 

software for engineers. Others, with their full- page 

advertisements, make us envious, but in general, they tend to be 

out of range to our budgets. All of us would like to have a 

program like SPICE7 running on our computers, but cannot justify 



charges in the undepleted I layer in order to measure the capacitance of 

the entire I layer. At higher frequencies the reactance of the undepleted 

I layer is small and the resistance of the undeplete charges is not small 

enough to cause this capacitance error, so no reverse bias is needed. 

The dielectric relaxation frequency is the frequency where the 

resistance of the undepleted charges equals the reactance of the 

undepleted I layer. This frequency is about 80 Miz for general purpose 

diodes, about 16 GHz for the fast switching diodes. When operating below 

the dielectric relaxation frequency it is necessary to use reverse bias to 

reach the specified capacitance. Since reverse bias is normally used in 

switching applications to speed up the switching, the concept is not 

important for fast switching diodes. 

We have seen two possible problems at low frequency. The resistance 

can vary at the carrier frequency and the capacitance can vary with 

reverse voltage. There is also a high frequency limitation. At zero bias 

we expect the diode to approximate an open circuit. This is true at low 

frequencies when the capacitive reactance is high. At higher frequencies 

the reactance decreases and the insertion loss of a shunt diode increases, 

related to the product of frequency and capacitance. Figure 8 shows how 

insertion loss varies. When this product is 3.2 for example, the loss is 

1 dB. 
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Figure 9 indicates a technique for extending this frequency 

limitation. The diode capacitance may be included in a low pass filter 

with the lead inductances on either side of the diode. Package outline 60 

and 61 diodes are made this way. The ribbons to the diode chip are 

properly shaped to provide the needed inductance. When chips are placed 

in other packages the limitations due to package parasitics appear at 

frequencies well below what is shown in Figure 8. Before the insertion 

loss increases because of low diode reactance, the package inductance 

resonates with the diode capacitance. Figure 11 shows this resonance for 

a 0.12 pF diode in packages 15 and 31 at 9.2 GHz and 14.5 GHz. Insertion 

loss due to diode capacitance alone at these frequencies is about 0.1 dB. 

Figure 12 shows the problem at forward bias. The package parasitics 

resonate with each other changing the low resistance Rs to an open 

circuit. Similar problems limit the performance of series diodes to the 

VHF region. Figure 13 shows that isolation drops below 20 dB at a few 

hundred MHz. Chip isolation was calculated with 0.5 nH assumed for the 

lead inductance. The graph demonstrates that microwave applications for 

series diodes require the use of beam leads. 

Isolation in a shunt switch is limited by the diode series 

resistance. Using two diodes together cuts the resistance in half and 

improves isolation 6 dB. Figure 14 shows the results of using two diodes 

spaced by 90 degrees. The dB isolation more than doubles, and the 

bandwidth is quite wide, exceeding 50 dB isolation for about a 10:1 



the cost of many hundreds or thousands of dollars. A more 

acceptable substitute are " canned" programs such as ACNAP and 

DCNAP [ 4,5] from By Engineering. These companies provide 

programs at reasonable cost for our requirements. One company, 

DYNACOMP [ 6], provides programs in BASIC source form, so they can 

be modified for a specific application. 

The microcomputer publishing industry has been publishing 

hundreds of books on using your personal computer for everything 

from cat breeding to sports handicapping. There are several 

volumes available of programs for engineering computing, but in 

general, I have found these not to be of much use. A few 

exceptions are worth noting. F.R. Ruckdeschel's ASIC Scientific  

Sub/outings ( Volumes I & II) [ 7] should be in every engineer's 

library. These books are a collection of well-documented 

programs for many of the mathematical operations that are 

required for serious engineering work. These programs and 

subroutines are presented with unique line numbers so they can be 

used directly - a helpful feature. These subroutines can be 

purchased already on disk at a nominal cost [ 8]. Another very 

useful publication is Antenna Design using Personal Çomputern by 

David S. Pozar [ 9]. This little xpublication is a collection of 

programs for path analysis, transmission line and antenna design, 

with a good explanation of the theory involved and a comparison 

of results with calculated values. Also, these programs are 

availble on disk [ 10]. A last example of an excellent 

publication for the engineer engaged in computer-aided design is 

Cirguit Dezign meing pe/zpn,21 ÇQmputerg by T. R. Cuthbert [ 11]. 

This volume has numerous programs for design ( as opposed to 

analysis) for the small computer, and includes an excellent 

discussion of optimization, which is often neglected in CAD 

articles and publications. 

A final source of suitable applications software for our 

"poor man's work station" is ourselves. Although it takes a bit 

of effort, writing a program to solve a particular design problem 

can be a fun. Possibly a fellow engineer has a similar 

requirement to yours and already has a suitable program or one 

that can be modified. An example of " home brew" engineering 

programs are included in Appendix A of this paper. Both were 

written by members of the San Bernardino Microwave Society to 

solve a specific application, and have been widely distributed 

and modified by others. Most engineers that write these programs 

are happy to share them, so always ask, and always give credit 

where credit is due. In general, these are not the slick 

finished products that would be available from publishers, but 

are useful. 

PRACTICAL CONSIDERATIONS: 

Now that we have discussed the sources of programs that are 

availbe to the RF design engineer, let's discuss some of the 

problems we can encounter. 

First of all, just because all BASIC programs are similar, 

they are not identical! In general, when getting a program from 

another machine, it is necessary to make some minor conversions. 

Such things as file opening and closing, data formats, and minor 

syntax variations can drive you up the wall. Multiple statement 

delimiters, " extra" functions, etc., all have to be resolved and 
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frequency range. It might be expected that this two-diode switch would 

double the power handling ability, but there is no improvement. The 

second diode absorbs very little power and does not contribute to the 

power specification ( Figure 15). 

With 1 ohm resistance a shunt diode absorbs less than 10% of the 

incident power. In this application the incident power can be 10 times 

the power rating of the diode. In attenuator applications the multiplier 

is only two, corresponding to 6 dB of attenuation. Figure 16 shows this 

ratio as a function of attenuation. Switches can handle many times the 

diode power rating, since the loss switches from low insertion loss to 

high isolation. However, this assumes that switching time is fast 

compared to diode thermal time constant. 

Both shunt and series diodes attenuate by reflecting most of the 

incident power. In many applications this reflected power disturbs the 

operation of another element of the system. Figure 17 shows a number of 

attenuator designs that maintain a low value of SWR at all attenuation 

levels. The s and T attenuators are symmetrical with the outer diodes 

set at the same resistance, but the inner diode set at a different value. 

Bias circuits may be built with "one knob" tuning providing the proper 
(1) 

bias current to all three diodes. 

The ideal behavior of attenuation controlled by current, independent 

of RF power, is not valid at high power levels, due to rectification of 
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the RF signal. Figure 18 shows how low level attenuation is increased at 

1.6 watts, with the effect most severe at 3 dB attenuation. Rectification 

is easier with short lifetime diodes so the 5082-3141 curve is higher. 

Rectification is also easier at lower frequencies so we would see VHF 

curves above these. Bias resistance was zero for this data. 

Since this increase in attenuation is due to rectified current we 

expect a reduced effect when bias resistance is increased. This is shown 

in Figure 19 where the effect is not seen until the power reaches a half 

watt with bias resistance increased to 100 kilohms. Above that level the 

opposite effect is seen. Attenuation decreases at higher power indicating 

an increase of diode resistance. This increase of resistance is the 

result of diode heating. In this example rectified current is small so 

the diode heating effect is dominant. 

(1) Wwlett-Packard Application Mote 936, High Performance PIN Attenuator 
For Low Cost ACC Application. 
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corrected. If you are getting a disk- based program from a 

different ( foreign) machine, try to get the program in ASCII 

format. As a practical matter. I save all of my programs in 

ASCII instead of the more compact binary format, just to simplify 

the conversion between different machines. A side benefit of 

this method of storage allows you to edit and print the source 

listings with an editor or word processor. 

If you are writing programs, try to include provision for 

storing and loading infomation from disk - this will save you the 

trouble of typing a circuit over and over. A little effort at 

this stage can make a program much more professional and easier 

to use. Data files can be designed that can be used by many 

programs. I use the format of printing to file the independent 

variable, followed by dependent variables, e.g. frequency, real 

part of impedance, imaginary part of impedance in actual values, 

such as Hz, ohms, etc. Try to avoid the use of specific 

multipliers, such as GHz; it is then difficult to use your 

program in a wide variety of situations. Make an effort to 

maintain consistency whenever possible. When dealing with arrays 

of data, such as network analysis programs, data files should 

have a header that specifies the dimensions of the array. It is 

very easy to forget these parameters when you are working with 

many different projects. 

SOME EXAMPLES 

Network Analysis: One of the recurring tasks for the RF 

design engineer is predicting the performance of a circuit and 

modifying it until it meets requirements. The normal process is 

to rely on our experience, etc. to get an initial design, 

breadboard, measure performance, and " tweak and trim" until the 

desired performance is achieved. Computer aided design is a much 

more difficult task than computer- aided analysis. In design, we 

input the desired performance and the output is a circuit. In 

analysis, the circuit is input and the output is performance. 

Most small computer programs use an input circuit and calculate 

performance. Computer -aided design programs are available [ 12] 

but I have found that convergence on an acceptable design by 

interaction is a faster and more comfortable approach. 

As an example, the process for design and evaluation of a 

simple diplexer will be demonstrated. This diplexer is to split 

the FM broadcast band ( 88-108 MHz) and the 2- meter amateur radio 

band ( 144-148 MHz) from a common source. Since this is intended 

for very low-cost applications ( mobile reception) we decide to 

use a simple set of Butterworth filter circuits ( Figure 1). 

After coming up with this " quick and dirty" circuit, we load 

NET85.ASC ( Appendix B) and analyze the circuit over the bands of 

interest. The results of this anaylsis are shown in Figure 2. 

Inspection of this data indicates that fabrication could he 

simplified by using standard circuit elements shown in Figure 3. 

Continuing to work with NET85, we add these changes and obtain 

the performance shown in Figure 4. Since our only intent is to 

build one of these for the car belonging to the president's son, 

we conclude this is an adequate design. 

The NET85 program is derived from a program that was 

originally described in FDN magazineil3). It was written in a 

BASIC- like language and has been translated to CWBASiC ( Appendix 

65 



THE PIN DIODE 

N 

[ DC BIAS 

Q oc DC BIAS CURRENT 

G oc 

R = —1 
G 

MODULATOR 
FREQUENCY LIMITATIONS 

FREQUENCY PERFORMANCE 
LIMITED BY LIFETIME — 7-

To MEGAHERTZ 

100   

10 

1 
01 .1 10 

- MICROSECOND 
to — 1  

2 'MT 
100 fm •to < . 011C 

I LAYER RESISTANCE 

R 

W IS I LAYER THICKNESS 

BUT LIFETIME IS LONG WHEN I LAYER IS THICK 

w2 

USUALLY W 2 OVERCOMES 'T EFFECT 

SO FOR SAME CURRENT LONG LIFETIME «DIODE HAS 

HIGHER RESISTANCE THAN 

SHORT LIFETIME DIODE 

PIN DIODE RESISTANCE 
R.F. RESISTANCE - OHMS 

10,000 

1,000 

100 

10 

5082 -3081 

5082-3043 

.001 .01 0 1 10 
DC BIAS CURRENT - mA 

DIODE 3081 HAS LONG LIFETIME 2d41 

DIODE 3043 HAS SHORT LIFETIME 15ns 

100 



B). The program has been extensively modified to allow for 

creation and saving of the program data. Examples of input and 

output data files are also shown in Appendix B. The files are 

then plotted on a low-cost commercial plotting package 114]. 

EXAMPLE II: MICROWAVE ANTENNA DESIGN 

One of the more tedious tasks facing engineers is the 

occasional design of an antenna. As RF engineers we are often 

called to come up with at least a rough design for an antenna 

(How big a dish do we need to receive OSCAR VII?). Appendix 82 

has a straight- forward program to design a suitable Cassegrain or 

prime- focus reflector antenna. Once a suitable design is 

reached, other BASIC language programs can be used for more 

detailed analysis [ 91. The results can then be presented by using 

one of many available graphing or plotting programs ( 14]. When 

using these relatively simple programs it is important to 

remember that most of them are based on geometric optic 

considerations, so do not compensate for edge effects, etc, and 

will likely provide incorrect answers for small antennas. In 

general, the higher the antenna gain, the easier it is to predict 

its performance. There are some programs available ( 9] that go 

beyond geometric considerations, but large physical optics or 

method of moment solutions tend to be beyond personal computers. 

However, it may be possible to reduce a fairly complex program 

program to parts that will run on a personal computer. The 

computation- intensive parts, such as the solution of the complex 

matricies, could be allowed to run overnight. Most of these 

programs are availble in FORTRAN 115] and could be loaded and 

compiled on a MS-DOS based PC, as there are FORTRAN compilers 

available that can deal with COMPLEX data types. It is possible 

to translate these programs to BASIC, but it is left as an 

excercise to the reader to accomplish this. 

OTHER APPLICATIONS: 

The duties of the RF designer generally include a large 

portion of ' administrative' duties. These include reports, 

memoranda, statements of work, project tracking, procurement 

documents, etc. Most of us find these tasks at best a burden and 

at worst an imposition. Until management sees fit to provide us 

with adequate administrative and paraprofessional support, these 

tasks will remain with us. Our " poor man's engineering work 

station' can be pressed into service to support these functions. 

By including some form of text editor or word processing 

software, reports and memos can be generated quickly and in a 

more readable form. By relieving the work of preparing 

documents, I have found that using a small desktop computer 

increases my engineering productivity significantly. In 

addition, most engineers would rather design than perform 

administrative tasks, so the editing function alone makes a 

personal desktop computer worthwhile. 

Procurement actions, schedules, parts and wire lists, etc. 

can be efficiently maintained using one of the many microcomputer 

data base managers. As an example, I used a data base on an old 

microcomputer to maintain a wire list for a large transmitter. 

By simply inquiring the disk, I could get a list of all the 

locations a particular signal could he found or all signals on a 
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particular connector or terminal block. 

These applications are well known, and it is not my 

intention to go into great detail, but sometimes we overlook the 

'support functions' that take up so much time. If we can develop 

more time for design work, it enables us to be more effective as 

engineers. 

CONCLUSIONS: 

This paper has presented one engineer's view of the use of 

obsolescent technology to make his job easier and more 

productive. As the cost of computing power continues to decline, 

we will have the power of supermini computers available to us. 

In the meantime, the latest technology may not be available. I 

have tried to show with a few examples how we can use existing 

low- end hardware combined with relatively simple software to 

greatly speed up our efforts as design engineers. The key is the 

immediate availability of a computer. It is better to have an 

old, slow machine immediately availble to us for a quick 

evaluation, than a large mainframe that we have to schedule well 

in advance. The programs and examples I have presented are not 

necessarily the most efficient or accurate. They are programs 

that I have used and refined over the years to accomplish 

specific tasks. There are many things that can be done by the 

user to make these programs more efficent or easier to use. As 

an example, an option could easily by added to allow input to 

NET85.ASC as reactance values, rather than component values. 

This change would be very helpful, but I never "got around tuit". 

The bibliography lists several sources of software, but I make no 

claims for its accuracy or completeness. 
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APPENDIX A 

USER-WRITTEN BASIC DESIGN PROGRAMS 

A.1 DISH.ASC This program was written by Chuck Swedblom of the 

San Bernardino Microwave Society for design and analysis of 

Cassegrain-reflector antennas. It is based on ray- trace optics. 

10 ' 
20 ' PARABOLIC ANTENNA DESIGN PROGRAM 
30 ' 
40 ' Written by C. Swedblom, WA6EXV January 13, 1981 ( not Friday) 
50 ' 
60 ' Revised: March 26, 1981 
70 ' 
80 ' Modified for Microsoft Basic by R. Kolbly, K6HIJ April 3, 1981 
90 ' ( Friday after a Society Meeting!) 
100 ' 
110 CLS$=CHR$(27)+"E" 
120 PI=3.14159281 
130 DIM X(100) 
140 M$="111.11" 
150 D$="1111" 
160 PRINT CLS$ 
170 PRINT " Select area of interest" 
180 PRINT 
190 PRINT " 1. Calculate f/D and Gain of a Parabolic Dish." 
200 PRINT " 2. Design Sub Reflector for Cassegrain feed." 
210 PRINT " 3. Return to Basic" 
220 INPUT " Your Choice";ME 
230 IF ME < 1 THEN 260 
240 IF ME > 3 THEN 260 
250 ON ME GOTO 290,700,1390 
260 PRINT CLS$ 
270 PRINT "Values between 1 and 3 only!" 
280 GOTO 170 
290 ' Calculate f/D 
300 ' 
310 PRINT CLS$ 
320 INPUT " Diameter of the Dish in Inches";DIA 
330 PRINT 
340 INPUT " Depth of Dish, same units as Diameter";CR 
350 PRINT 
360 INPUT " Frequency of Interest, in MHz";MHZ 
370 PRINT 
380 INPUT " Efficency of the Dish in e;EFF 
390 FDR=DIA/(16*CR) 
400 LAMDA=30000/(2.54*MHZ) 
410 GAIN=(PI*DIA/LAMDA)"2*EFF/100 
420 GAIN=10/LOG(10)*LOG(GAIN) 
430 ' 

440 
450 
460 ' INPUT " Port ii",N (For output of Chuck's Basic) 
470 PRINT CLS$ 
480 PRINT " PARABOLIC DISH f/D and GAIN" 
490 PRINT " 
500 PRINT:PRINT 
510 PRINT " Diameter of the Parabolic Dish 
520 PRINT USING M$;DIA;:PRINT " In." 
530 PRINT 
540 PRINT " The f/D Ratio of the Parabolic Dish..."; 
550 PRINT USING M$;FDR 
560 PRINT 
570 PRINT " The Gain of the Parabolic Dish 
580 PRINT USING M$;GAIN;:PRINT " dB at "; MHZ;" MHz" 
590 PRINT " with an Efficiency of ". 
600 PRINT USING D$;EFF;:PRINT " e 

610 ' 
620 
630 
640 FR=FDR*DIA 
650 PRINT 
660 PRINT " The distance to the focal point is...."; 
670 PRINT USING M$;FR;:PRINT " Inches" 
680 PRINT:PRINT:PRINT:PRINT:PRINT 
690 END 
700 ' 
710 ' Calculate the size and location of a Sub Reflector for a 
720 ' Cassegrain fed Parabolic Dish. 
730 ' 
740 PRINT CLS$ 
750 INPUT " f/D of the Real Dish in Inches";FDR 
760 PRINT 
770 INPUT " f/D of the Virtual Dish";FDV 

780 PRINT 
790 INPUT " Diameter of the Real Dish in Inches" ; DIA 
800 PRINT 
810 INPUT " Ratio of Sub Ref Dia. to Diameter, not over . 3";FSR 
820 PRINT 
830 FR=FDR*DIA 
840 FV=FDV*DIA 
650 CR=DIA"2/(16*FR) 
860 CV=DIA"2/(16*FV) 
870 DSR=DIA*FSR 
880 M=DSR*(FR-CR)/DIA 

890 L=DSR*(FV-CV)/EIA 
900 A=(L+m)/2*(Ev-FE)/(Ev+E8) 
910 E=(L+M)/(2*A) 
920 THETA=2*ATNUDIA/2)/(Pv-Cv)) 
930 BLOCK=DIA*DIA-DSR*DSR 
940 GAINSR=10/LOG(10)*LOG(BLOCK) 
950 GAINRE=10/LOG(10)*LOG(DIA*DIA) 
960 BLK=GAINRE-GAINSR 
970 THETA=THETA*180/PI 
980 ' output the Data 

' Print Results 

' Calculate Distance to the focal point 
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990 ' 
1000 ' 
1010 PRINT CLS$ 
1020 PRINT " 
1030 PRINT " 
1040 PRINT:PRINT 
1050 PRINT " Diameter of Dish 
1060 PRINT USING MS;DIA;:PRINT " In." 
1070 PRINT " f/D of Real Dish  
1080 PRINT USING M$;FDR 
1090 PRINT " f/D of Virtual Dish 
1100 PRINT USING M$;FDV 
1110 PRINT " Focal Point of Real Dish  
1120 PRINT USING M$;FR;:PRINT " In." 
1130 PRINT " Focal Point of Virtual Dish «  
1140 PRINT USING M$;FV;:PRINT " In." 
1150 PRINT " Diameter of Sub-Reflector  
1160 PRINT USING MS;DSR;:PRINT " In." 
1170 PRINT " Location of Sub-Reflector  
1180 PRINT USING MS;FR-M;:PRINT " Inches from Org." 
1190 PRINT " Location of Feed Horn  
1200 PRINT USING MS;(FR-M)-L;:PRINT " Inches from Org." 
1210 PRINT " Feed Beam Width  
1220 PRINT USING MS;THETA;:PRINT " Deg." 
1230 PRINT " Reduction in Gain due to Sub-Reflector .; 
1240 PRINT USING MS;BLK;:PRINT " dB." 
1250 PRINT:PRINT:PRINT 
1260 ' 
1270 
1280 
1290 INPUT " Enter increment for Sub Ref. X-Y Cordinates";INC 
1300 PRINT TAB(5);"X-Y Co-ord. for Hyperbolidal Sub- Ref." 
1310 PRINT 
1320 PRINT TAB(10);"Y-Co-ord.";TAB(28);"X-Co-ord." 
1330 PRINT 
1340 FOR Y=0 TO DSR/2 STEP INC 
1350 X(Y)=SQR(A*A+(Y*Y)/(E*E-1)) 
1360 Z=X(Y)-X(0) 
1370 PRINT TAB(10);:PRINT USING MS;Y;:PRINT TAB(28); 
1380 PRINT USING 1.1$;Z 
1390 NEXT Y 
1400 END 

PARABOLIC DISH/SUB-REFLECTOR" 

' Print X-Y Coordinates of Hyperbolidal Sub-Reflector 

A.2 STRIPLIN.ASC This program is for design of microstrip lines 

and has been continously refined. Again, it is user-written. 

10 

20 
30 
40 
50 
60 
70 

REM 
REM 
REM 
REM 
REM 
REM 
REM 

THIS PROGRAM CALCULATES THE WIDTH OF A MICROSTRIP LINE 
FOR A GIVEN IMPEDANCE OF WILL CALCULATE THE IMPEDANCE 
OF A MICROSTRIP LINE OF A GIVEN WIDTH 

WRITTEN BY C. SWEDBLOM, WA6EXV 12 JUNE 1979 
MODIFIED BY DICK KOLBLY, K6HIJ 16 SEPT 1979 
DIELECTRIC CONSTANTS ADDED K6HIJ 10 MARCH 1981 

80 REM W=WIDTH OF MICROSTRIP LINE 
90 REM H=THICKNESS OF SUBSTRATE MATERIAL 
100 REM T=THICKNESS OF MICROSTRIP LINE 
110 REM F=FREQUENCY 
120 REM E=DIELECTRIC CONSTANT OF SUBSTRATE MATERIAL 

130 REM E1=DIELECTRIC CONSTANT AT DC 
140 REM E2=DIELECTRIC CONSTANT AT FO 
150 REM Z=CHARACTERISTIC IMPEDANCE OF MICROSTRIP 
160 REM Z1=CHARACTERISTIC IMPEDANCE AT DC 
170 REM Z2=DESIRED IMPEDANCE 
180 REM L=WAVELENGTH 
190 REM D1=IMPEDANCE ERROR FACTOR 
200 REM 
210 D1=.0001 
220 P1=3.14159265# 
230 PRINT " 1 OZ Cu= . 0013 in, 2 Oz Cu= . 0027" 
240 PRINT "( 1) AIR (e=1.00)" 
250 PRINT "( 2) G10 FIBERGLASS ( e=4.80)" 
260 PRINT "( 3) TEFLON/GLASS ( e=2.55)" 
270 PRINT "( 4) REXOLITE ( e=2.54)" 
280 PRINT "( 5) TEFLON (e=2.10)" 
290 PRINT "( 6) FORMICA XX (e=4.04)" 
295 PRINT "( 7) DUROID (e=2.23)" 
300 INPUT "( 8) OTHER";K:IF K=0 OR K=8 THEN 310 ELSE 320 
310 INPUT"TYPE OF MATERIAL AND ER";AS,E 
320 IF K=1 THEN A$="AIR":E=1! 
330 IF K=2 THEN A$="G10":E=4.8 
340 IF K=3 THEN A$="TEFLON/FIBERGLASS":E=2.55 
350 IF K=3 THEN AS="REXOLITE":E=2.54 
360 IF K=5 THEN A$="TEFLON":E=2.1 
370 IF K=6 THEN A$="FORMICA XX":E=4.04 
375 IF K=7 THEN A$="DUROID":E=2.23 
380 IF K<0 OR K>8 THEN 300 
390 INPUT"FREQUENCY ( GHZ)";F 
400 INPUT"SUBSTRATE THICKNESS";H 
410 INPUT " LINE THICKNESS" ; T 
420 PRINT " DO YOU WANT" 
430 PRINT 
440 PRINT"1. MICROSTRIP WIDTH" 
450 PRINT"2. IMPEDANCE OF MICROSTRIP LINE?" 
460 PRINT 
470 INPUT X 
480 IF X=2 THEN 680 
490 INPUT " DESIRED IMPEDANCE=":22 
500 W=1 
510 GOSUB 740 
520 GOSUB 820 
530 PRINT Z 
540 R=2/22 
550 IF ABS((l-R)/(1+R))<=D1 THEN 620 

560 REM CALCULATE NEW WIDTH 
570 W=W*R*R 
580 GOTO 510 
590 REM 
600 REM ADJUST WIDTH ['OR THICKNESS OF LINE 
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610 REM 
620 GOSUB 1010 
630 W=W-W1 
640 GOTO 1090 
650 REM 
660 REM CALCULATE IMPEDANCE FROM LINE WIDTH 
670 REM 
680 INPUT"LINE WIDTH ="; W 
690 GOSUB 1010 
700 W=W+Wl 
710 GOSUB 740 
720 GOSUB 820 
730 GOTO 1090 
740 REM 
750 REM SUBROUTINE TO CALCULATE P 
760 REM 
770 IF W/H<=1 THEN 800 

780 P=2 *P1/((W/H)+2.42-(.44*H/W)+EXP(8*LOG(1-(H/W)))) 
790 RETURN 
800 P=LOG((8*H/W)+W/(4*H)) 
810 RETURN 
820 REM 
830 REM SUBROUTINE TO CALUCLATE E1,E2 AND Z 
840 REM 
850 E3=NE-1)/2*(1/SQR(1+(10*H/W))-1)) 
860 E1=E+E3 
870 REM 
880 REM CALCULATE EFFECTIVE ER 
890 REM 
900 REM DISPERSION EQUATION FROM GETSINGER 
910 REM 
920 Z1=60*P/SQR(E1) 
930 G=.6+(.009*Z1) 
940 D=Z1/(2.54*4*Pl*H) 
950 E2=E+(E3/(1+G*EXP(2*LOG(F/D)))) 
960 REM 
970 REM CALCULATE IMPEDANCE,Z 
980 REM 
990 Z=60*P/SQR(E2) 
1000 RETURN 
1010 REM 
1020 REM SUBROUTINE TO CORRECT LINE WIDTH FOR THICKNESS 
1030 REM 
1040 IF W/H<.15915 THEN 1070 
1050 W1=(T/P1)*(1+LOG(2*H/T)) 
1060 RETURN 
1070 W1=(T/P1)*(1+LOG((4*Pl*W)/T)) 
1080 RETURN 
1090 REM 
1100 REM PRINT OUT RESULTS 
1110 REM 
1120 L=(11.811/F)/SQR(E2) 
1130 REM 
1140 REM THESE ARE RESERVED FOR PRINT FORMATS 
1150 REM 

70 

1160 PRINT:PRINT:PRINT 
1170 PRINT" TYPE OF MATERIAL ";A$ 
1180 PRINT" DIELECTRIC CONSTANT ";E 
1190 PRINT" EFFECTIVE DIELECTRIC CONSTANT "; E2 
1200 PRINT" OPERATING FREQUENCY "; F;" GHZ" 
1210 PRINT" IMPEDANCE OF MICROSTRIP "; Z;" OHMS" 
1220 PRINT" WIDTH OF MICROSTRIP ";W;" INCHES" 
1230 PRINT" THICKNESS OF SUBSTRATE "; H:" INCHES" 
1240 PRINT" THICKNESS OF MICROSTRIP LINE ";T:" INCHES" 
1250 PRINT" WAVELENGTH ";L;" INCHES" 
1260 PRINT" QUARTER WAVELENGTH "; L/4;" INCHES" 
1270 PRINT:PRINT:PRINT 
1280 INPUT"ANOTHER RUN";Q$:Q$=LEFT$(Q$,1) 
1290 IF Q$="Y" THEN 1300 ELSE END 
1300 IF X=1 THEN GOTO 490 ELSE GOTO 680 

@es 





APPENDIX B 

NET85. ASC - A useful network analysis program derived from 

literature, but extensively modified by users for particular 

needs, including file storage of circuits and results of 

analysis. 

10 *** NET*85 *** 
20 ' SEE EDN FEB 4, 1981 PP 126-133 
30 ' TRANSLATED TO MICROSOFT BASIC BY R.B. KOLBLY 
35 ' DISK FILES FOR SAVING AND RESTORING NETWORKS ADDED 
36 ' DATA FILE OUTPUT CAPABILITY ADDED 
40 ' GOLDEN RULE SYSTEMS - FEBRUARY 22,1985 
50 P$= 
"FREQ= AMPL= HAS-- 20LOG= *MA PHASE= MIA" 

60 K=INT(FRE(A)/4)-23 
70 X=INT((SQR(169+24*K)-26)/12)-1 
80 PRINT USING " You have a maximum of Nodes Available";X 
90 INPUT " Number of Nodes Desired ( CR=10)";Y 
100 IF X>=10 AND Y=0 THEN X=10:GOTO 140 
110 IF X<10 AND Y=0 THEN X=Y:GOTO 140 
120 IF Y>X THEN PRINT USING " Maximum of * if nodes!";X:GOTO 90 
130 IF Y<X THEN X=Y 
140 DIM A(X,X),B(X,X),P(X,X),Q(X,X),R(X,X) 
150 DIM S(X,X),I(2*X),FL$(4,2) 
160 DIM T(2*X),M(2*X),N(2*X),0(2*X),L(2*X),Z(2*X) 
170 PRINT USING " You have selected a maximum of t# nodes";X 
180 FOR J=1 TO X 
190 FOR I=1 TO X 
200 P(I,J)=0 
210 Q(I,J)=0 
220 R(I3)=0 
230 S(I,J)=0 
240 NEXT I 
250 NEXT J 
260 NODES=X:X=1:T(X)=0 
270 N=0 
280 PRINT " 1 RESISTOR" 
290 PRINT " 2 CAPACITOR" 
300 PRINT " 3 INDUCTOR" 
310 PRINT " 4 TRANSMISSION LINE" 
320 PRINT " 5 SHORTED STUB" 
330 PRINT " 6 OPEN STUB" 
340 PRINT " 7 OPERATIONAL AMPLIFIER" 
350 PRINT " 8 NPN TRANSISTOR" 
360 PRINT " 9 FIELD-EFFECT TRANSISTOR" 
370 PRINT " 10 STOP" 
380 PRINT " 11 ANALYZE NETWORK" 
390 PRINT " 12 ENABLE/DISABLE PRINTER" 
391 PRINT " 13 RESTORE NETWORK FROM DISK" 
392 PRINT " 14 SAVE NETWORK TO DISK" 

393 PRINT " 15 GENERATE ASCII NETWORK FILE" 
400 PRINT " 16 LOAD NETWORK VALUES FROM ASCII FILE" 
410 PRINT 
420 R6=0:INPUT " SELECT FROM LIST (< CR> FOR MENU)";R6 
430 IF R6=1 THEN PRINT "( 1) RESISTOR":GOTO 730 
440 IF R6=2 THEN PRINT "( 2) CAPACITOR":GOTO 810 
450 IF R6=3 THEN PRINT "( 3) INDUCTOR":GOTO 770 
460 IF R6=4 THEN PRINT "( 4) TRANSMISSION LINE":GOTO 560 
470 IF R6=5 THEN PRINT "( 5) SHORTED STUB":GOTO 690 
480 IF R6=6 THEN PRINT "( 6) OPEN STUB":GOTO 710 
490 IF R6=7 THEN PRINT "( 7) OP AMP" : GOTO 990 

500 IF R6=8 THEN PRINT "( 8) NPN TRANSISTOR":GOTO 880 
510 IF R6=9 THEN PRINT "( 9) FET TRANSISTOR":GOTO 840 
520 IF R6=10 THEN PRINT "( 10) PROGRAM FINISH":STOP 
530 IF R6=11 THEN PRINT "( 11) ANALYSIS":GOTO 1060 
540 IF R6=12 THEN INPUT "( 12) HARDCOPY OUTPUT ( Y/N)";H$ 

:H$=LEFT$(H$,1): GOTO 420 
541 IF R6=13 THEN PRINT "( 13) RESTORE NETWORK TO DISK" 

:GOTO 3000 
542 IF R6=14 THEN PRINT "( 14) SAVE NETWORK TO DISK":GOTO 3500 
543 IF R6=15 THEN PRINT "( 15) GENERATE ASCII NETWORK FILE" 

:GOTO 5000 
544 IF R6=16 THEN PRINT "( 16) LOAD NETWORK FROM ASCII FILE" 

:GOTO 4000 
550 GOTO 280 
560 T(X)=1:INPUT " SHIELD IN";M(X):REM *** TRANSMISSION LINE 
570 INPUT " CENTER IN";I(X):INPUT " CENTER OUT";0(X) 
580 INPUT " SHIELD OUT";N(X):GOTO 610 
590 INPUT " NODE A";M(X) 
600 INPUT " NODE B";N(X) 
610 INPUT " ZO";Z(X) 
620 INPUT "QUARTER-WAVE FREQUENCY ( HZ)";L(X) 
630 IF I(X)>N THEN N=I(X) 
640 IF M(X)>N THEN N=M(X) 
650 IF N(X)>N THEN N=N(X) 
660 IF 0(X)>N THEN N=0(X) 
670 X=X+1:T(X)=0 
680 GOTO 420 
690 T(X)=3: REM *** SHORTED STUB *** 
700 GOTO 590 
710 T(X)=2: REM *** OPEN STUB *** 
720 GOTO 590 
730 INPUT " NODE A";I:INPUT " NODE B";J:INPUT " RESISTANCE ( 011MS)";V 
740 V=1/V 
750 GOSUB 1430 
760 GOTO 420 
770 INPUT " NODE A";I:INPUT " NODE B";J:INPUT " INDUCTANCE ( H)";V 

780 V=1/V 
790 GOSUB 1360 
800 GOTO 420 
810 INPUT " NODE A";I:INPUT " NODE B";J 

:INPUT " CAPACITANCE ( rAPADS)";V 
820 GOSUB 1480 
830 GOTO 420 
840 INPUT " GATE";K:INPUT " SOUPCF";J:INPUT " DRAIN"; I: 

* * * 
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A COMMUTATION DOUBLE- BALANCED MIXER 

OF HIGH DYNAMIC RANGE 

by 

Edwin S. Oxner 

Staff Engineer 

Siiiconix incorporated 
2201 Laurelwood Road 

Santa Clara, CA 95054 

INTRODUCTION 

Dynamic range remains t. . principle goal of HF mixer design. The intermodu-

lation performance and overload characteristics of a mixer are fundamental 

qualities used in the evaluation of a good design. Heretofore, most mixers 

sporting a high dynamic range have been either the passive diode- ring variety, 

or the active FET mixer. 111121 

Common to both the diode and FET te their square- law characteristic so 

important in maintaining low distortion during mixing. However, equally im-

portant for high dynamic range is the ability to withstand overload that has 

been identified as a principle cause of distortion in mixing. 131 Some passive 

diode-ring mixer designs have resorted to paralleling of diodes to effect 

greater current handling, yet the penalty for this apparent improvement is 

the need for a massive increase in local-oscillator power. 

This report examines a new FET mixer where commutation achieves high 

dynamic range without exacting the anticipated penalty of increased local-

oscillator drive. Using the Siliconix Si8901, third-order intercept points 

upwards of + 39 dBm ( input) have been achieved with only + 17 dBm of local-

oscillator drive! 

CONVERSION EFFICIENCY OF THE COMMUTATION MIXER 

Unlike either the conventional diode- ring mixer or the active FET mixer, 

the commutation mixer relies on the switching action of the quad-FET elements 

to effect mixing action. Consequently, the commutation mixer is, in effect, 

no more than a pair of switches reversing the phase of the signal carrier 

at a rate determined by the local-oscillator frequency. Ideally, we would 

anticipate little noise contribution and, since the switching mixer, consis-

ting of four "switches," has finite ON resistance, performance is similar to 

that of a switching attenuator. As a result, the conversion efficiency of the 

commutation mixer may be expressed as a loss. 

This loss results from two related factors. First, is the ros of the NOS-

FET relative to the signal and IF impedances: second -- a more common and 

expected factor -- is the loss attributed to signal conversion to undesired 

frequencies. There are, however, ways to reduce the effects of undesired fre-

quency generation by the use of filters. 

The effect of ros of the MOSFETs may be determined from the analysis of 

the equivalent circuit shown in Figure 1, assuming that our local oscillator 

waveform is an idealized square-wave. It is not, but if we assume that it is, 

our analysis is greatly simplified, and for a commutation mixer, a high local-

oscillator voltage begins to approach the ideal waveform of a square-wave. 

Figure 1, showing switches rather than MOSFETs, also identifies the ON 

state resistance, ros , as well as the OFF-state resistance, roFF. The latter 

can be disregarded in this analysis as it is generally extremely high. On 

the other hand, the ON-state resistance, ros, together with the source and 
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INPUT "GAIN(MHO)";V 
850 L=J 
860 GOSUB 1530 
870 GOTO 420 
880 INPUT " BASE";K:INPUT " EMITTER";J:INPUT " COLLECTOR";I: 

INPUT " BETA";R5 
890 INPUT " Rbe ( OHMS)";V 
900 V=1/V 
910 L=I 
920 I=K 
930 GOSUB 1430 
940 I=L 
950 L=J 
960 V=V*R5 
970 GOSUB 1530 
980 GOTO 420 
990 INPUT "+ IN";K:INPUT "- IN";L:INPUT "-OUT";I:REM *** OP-AMP *** 
1000 INPUT "+OUT";J:INPUT "GAIN(V/V)";R5: 

INPUT "OUTPUT RESISTANCE(OHMS)";V 
1010 V=1/V 
1020 GOSUB 1430 
1030 V=V*R5 
1040 GOSUB 1530 
1050 GOTO 420 
1060 INPUT " INPUT NODE";E:INPUT "OUTPUT NODE";F:N=N-1 
1070 INPUT " START,STOP FREQUENCIES ( HZ)";G,H 
1080 INPUT "(1 OF DATA POINTS";M 
1090 INPUT " FREQUENCY SWEEP-LOG=0(LINEAR=1)";R6 
1091 PFG=0:INPUT " Do you want output data filen";QS:Q$=LEFT$(Q$,1) 
1092 IF le="Y" OR Q$="y" THEN GOSUB 7000 
1100 D=(H-G)/(M- 1) 
1110 R4=EXP(LOG(H/G)/(M-1)) 
1120 RO=G:R9=0 
1130 R9=R9+1 
1140 W=2*3.14159*R0 
1150 0=E:Z=F 
1160 GOSUB 2470 
1170 GOSUB 2200 
1180 V=R5:U=Z 
1190 IF ( E+F)/2=INT((E+F)/2) THEN 1210 
1200 U=U-180 
1210 0=E:Z=E 
1220 GOSUB 2200 
1230 U=U-Z 
1240 IF V=0 THEN R7=-999:GOTO 1270 
1250 IF R5=0 THEN R7=9999:GOTO 1270 
1260 V=V/R5:R7=8.68589*LOG(V) 
1270 IF U>180 THEN U=U-360 
1280 IF U<-180 THEN U=U+360 
1290 PRINT USING P$;RO,V,R7,U 
1300 IF H$="Y" THEN LPRINT USING P$;RO,V,R7,U 
1302 IF PFG=0 THEN GOTO 1310 
1304 GOSUB 7200 
1310 IF R6=0 THEN RO=RO*R4 
1320 IF R6<>0 THEN RO=RO+D 

1330 IF R9<>M THEN 1130 
1340 N=N+1 
1350 CLOSE:GOTO 420 
1360 R(I,I)=R(I,I)+V:REM INDL 
1370 R(J,J)=R(J,J)+V 
1380 R(I,J)=R(I,J)-V 
1390 R(J,I)=R(J,I)-V 
1400 IF I>N THEN N=I 
1410 IF J>N THEN N=J 
1420 RETURN 
1430 P(I,I)=P(I,I)+V:REM RESL 
1440 P(J,J)=P(J,J)+V 
1450 P(I,J)=P(I,J)-V 
1460 P(J,I)=P(J,I)-V 
1470 GOTO 1400 
1480 Q(I,I)=Q(I,I)+V 
1490 Q(J,J)=Q(J,J)+V:REM CAPL 
1500 Q(I,J)=Q(I,J)-V 
1510 Q(J,I)=Q(J,I)-V 
1520 GOTO 1400 
1530 P(I,R)=P(I,K)+V:REM TRANS 
1540 P(J,L)=P(J,L)+V 
1550 P(J,K)=P(J,K)-V 
1560 P(I,L)=P(I,L)-V 
1570 IF K>N THEN N=K 
1580 IF L>K THEN N=L 
1590 GOTO 1400 
1600 IF N>1 THEN 1630: REM COMP 
1610 0=A(1,1):Z=B(1,1) 
1620 RETURN 
1630 0=1 
1640 Z=0 
1650 K=1 
1660 L=K 
1670 S=ABS(A(K,K))+ABS(B(K,K)) 
1680 I=K-1 
1690 I=I+1 
1700 T=ABS(A(I,K))+ABS(B(I,K)) 
1710 IF S>=T THEN 1730 
1720 L=I:S=T 
1730 IF I<>N THEN 1690 
1740 IF L=K THEN 1800 
1750 J=0 
1760 J=J+1 
1770 S=-A(K,J):A(K,J)=A(L,J):A(L,J)=S 
1780 A=-B(K,J):B(K,J)=B(L,J):B(L,J)=A 
1790 IF J<>N THEN 1760 
1800 L=K+1:I=L-1 
1810 I=I+1 
1820 A=A(K,K)*A(K,K)+B(K,K)*B(K,K) 
1830 S=(A(I,K)*A(K,K)+B(I,K)*B(K,K))/A 
1840 B(I,K)=(A(K,K)*B(I,K)-A(I,K)*B(K,K))/A 
1850 A(I,K)=S 
1860 IF I<>N THEN 1810 
1870 C=K-1 
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load impedances ( viz., signal and intermediate- frequency impedances) directly then, V(e L 
v • 

affects the ,,,nversion efficiency. o 11(Rg • nps) • RI. • /cos 

If we assume that our 1,-rd-oscillator excitation is an idealized square-

wave, the switching action may be represented by the Fourier series as, 

I ein(2n - I) rut 
61x1 • ; (2n - II 

n•I 

Combining Eqs. ( 4) and ( 6), 
VingR L 

Pout * l g 
ig(R • it)1 * RL '."-TVS' 
7  

Eq. ( 1) Conversion efficiency -- in the case for the commutation mixer, a lose --

may be calculated from the ratio of Pau and Pout, 

Eq. ( 6) 

Eq. ( 7) 

The switching function, tit), shown in the derivative equivalent circuit of P 
L • 10 Log 7E, dB Eq. ( B) 

Figure 2, is derived from the magnitude of this Fourier series expansion as C Out 

a power function by squaring the first term, viz., (t) 2. Substituting Eq. ( 3) for Pav, and Eq. ( 7) for Pout, we obtain, 
xi 
li IR • Aps ) • RL • Ro le 

The available power that can be delivered from a generator o! RMS open- L • 10 Log  g d8 Eq. ( 9) c irit LRg 

circuit terminal voltage, Vin, and internal resistance, Rg, is, 
The conversion loss represented by Eq. ( 9) is for a broadband double-

t 
V. balanced mixer with all ports matched to the characteristic line impedances. 

Eq. (2) 
9 The ideal commutation mixer operating with resistive source and load imped-av 

or, in terms shown in Figure 3, erices will result in having the image and all harmonic frequencies dissipa-

V41 P • .1 Eq. (3) ted. For this case, the optimum conversion loss reduces to , 

ate in' 
g 4 

Lc • 10 Log 7r d8 Eq. ( 10) 

The output power, deliverable to the intermediate-frequency port, is, 

V 
P ° 
out • Tr— 

Eq. ( 4) 

To arrive at Vo, we first need to obtain the loop current, iL, which from 

Figure 3, offers, 

Vin  

tL wl(R • 4DS 1 • RL • ItDS 
g 

Eq. ( 5) 

or - 3.92 dB. 

However, a truly optimum mixer also demands that the MOSFETs exhibit an 

ON-state of zero Ohms, and, of course, an ideal square-wave excitation. 

Neither is possible in a practical sense. 

Equation 9 can be examined for various values of source and load imped-

ances as well as rps by graphical representation, as shown in Figure 4, re-
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1880 IF C=0 THEN 1960 
1890 J=L-1 
1900 J=J+1:I=0 
1910 I=I+1 
1920 A(K,J)=A(K,J)-A(K,I)*A(I,J)+B(K,I)*B(I,J) 
1930 B(K,J)=B(K,J)-B(K,I)*A(I,J)-A(K,I)*B(I,J) 
1940 IF C<>I THEN 1910 
1950 IF J><N THEN 1900 

1960 C=K 
1970 K=K+1:I=K-1 
1980 I=I+1:J=0 
1990 J=J+1 
2000 A(I,K)=A(I,K)-A(I,J)*A(J,K)+B(I,J)*B(J,K) 
2010 B(I,K)=B(I,K)-B(I,J)*A(J,K)-A(I,J)*B(J,K) 
2020 IF J<>C THEN 1990 
2030 IF I<>N THEN 1980 
2040 IF K<>N THEN 1660 
2050 L=1 
2060 C=INT(N/2) 
2070 IF N=2*C THEN 2100 
2080 L=0 
2090 0=A(N,N):Z=B(N,N) 
2100 I=0 
2110 I=I+1 
2120 J=N-I+L 
2130 S=A(I,I)*A(J,J)-B(I,I)*B(J,J) 
2140 A=A(I,I)*B(J,J)+A(J,J)*B(I,I) 
2150 T=0*S-Z*A 
2160 Z=Z*S+0*A 
2170 0=T 
2180 IF I<>C THEN 2110 
2190 RETURN 
2200 R5=N:REM DET 
2210 N=N-1 
2220 I=0 
2230 K=0 
2240 K=K+1 
2250 IF K<>0 THEN 2270 
2260 I=1 
2270 J=0:L=0 
2280 L=L+1 
2290 IF L<>Z THEN 2310 
2300 J=1 
2310 A(K,L)=P(K+I,L+J) 
2320 B(K,L)=W*Q(K+I,L+J)-R(K+I,L+J)/W+S(K+I,L+J) 
2330 IF L<>N THEN 2280 
2340 IF K<>N THEN 2240 
2350 GOSUB 1600 
2360 N=R5 
2370 R5=SQR(O*0+Z*Z) 
2380 Y=Z 
2390 IF 0=0 THEN 2450 
2400 Z=180/3.14159*ATN(Z/0) 
2410 IF 0>0 THEN RETURN 
2420 Z=Z+SGN(Y)*180 

2430 IF Y=0 THEN Z=180 
2440 RETURN 
2450 Z=90*SGN(Y) 
2460 RETURN 
2470 IF T(1)=0 THEN RETURN 
2480 X=0 
2490 R1=0 
2500 R1=R1+1:R2=0 
2510 R2=R2+1 
2520 S(R1,R2)=0 
2530 IF R2<>N+1 THEN 2510 
2540 IF Rl<>N+1 THEN 2500 
2550 X=X+1 
2560 IF X>20 THEN RETURN 
2570 IF T(X)=0 THEN RETURN 
2580 IF T(X)=1 THEN 2640 
2590 IF T(X)=2 THEN 2830 
2600 R1=-1/(Z(X)*TAN(.25*W/L(X))) 
2610 Q=M(X):R=N(X) 
2620 GOSUB 2870 
2630 GOTO 2550 
2640 R1=-1/(Z(X)*TAN(.25*W/L(X))) 

2650 Q=M(X):R=I(X) 
2660 GOSUB 2870 
2670 Q=N(X):R=0(X):GOSUB 2870 
2680 R1=1/(Z(X)*SIN(.25*W/L(X))) 
2690 P=I(X) 
2700 R=N(X) 
2710 S(R,P)=S(R,P)-R1 
2720 S(P,R)=S(P,R)-R1 
2730 R=0(X) 
2740 S(R,P)=S(R,P)+R1 
2750 S(P,R)=S(P,R)+R1 
2760 P=M(X) 
2770 S(R,P)=S(R,P)-R1 
2780 S(P,R)=S(P,R)-R1 
2790 R=N(X) 
2800 S(R,P)=S(R,P)+R1 
2810 S(P,R)=S(P,R)+R1 
2820 GOTO 2550 
2830 R2=1/(Z(X)*TAN(.25*W/L(X))) 
2840 R3=1/(Z(X)*SIN(.25*W/L(X))) 
2850 R1=R3*R3/R2-R2 
2860 GOTO 2610 
2870 S(Q,Q)=S(Q,Q)+R1 
2880 S(R,R)=S(R,R)+R) 
2890 S(Q,R)=S(Q,R)-R1 
2900 S(R,Q)=S(R,Q)-R1 
2910 RETURN 
2920 END 
3000 INPUT "NAME OF FILE TO LOAD < CR'› FOR DIRECTORY"; F'S: 

' LOAD FROM FILE 
3010 IF LEN(F$)=0 THEN FILES:C:0TO 3000 
3020 IF FS="13:" THEN FILES " II:*.*":GOTO 3000 
3030 IF F$="A:" THEP FILES " A:*.*":(30TO 3000 
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membering that a nominal 3.92 dB must be added to the values obtained from 

the graph. 

To Illustrate how seriously the ON-state of the MOSFETs affects perfor-

mance, we need only to consider the Si13901 with a nominal rDs ( at lics=15V) 

of 23 ohms. With a 1:1 signal transformer ( 50 to 25-0-250), Rg/rDs = 1.1. 

Allowing a 4:1 IF output impedance to a 50 ohm preamplifier, the ratio 11./r 
L DS 

approximates 4. From Figure 4 we read a conversion loss, Lc , of approximately 

3.7 dB, to which we add 3.92 dB for a total loss of 7.62 dB. Additionally, we 

must also include the losses incurred by both the signal and IF transformers. 

The results compare favorably with measured data. 

A careful study of Figure 4 reveals what appears as an anomalous charac-

teristic. If we were to raise rDs from 1.1 to 4.3 ( by replacing the 11 

transformer with a 1:4 to effect a signal-source impedance of 100-0-100A), 

we would see a dramatic improvement in conversion efficiency! The anomaly is 

that this suggests that a mismatched signal- input port improves performance. 

Caruth (41ers first suggested that reactively terminating all harmonic 

and parasitic frequencies would reduce the conversion loss of a ring de-

modulator to zero. This, of course, would also require that the active mixing 

elements ( MOSFETs in this case) have zero rDs , in keeping with the data of 

Figure 4. 

A double-balanced mixer is a 4-port, consisting of a signal, image, IF 

and local-oscillator port. Of these, the most difficult to terminate is the 

image- frequency port simply because, in theory it exists as a separate port, 

but in practice it shares the signal port. Any reactive termination would, 

therefore, be narrow-band irrespective of its proximity to the active mixing 

elements. 

The performance of an image- termination filter offering a true reactance 

to the image frequency ( 100% reflective) may be deduced to a reasonable de-

gree from Figure 4, if we first presume that the conversion loss between 

signal and IF compares with that between signal and image. The relationship 

is displayed in Figure 5 where we see the expected variation in amplitude 

proportional to conversion efficiency ( inversely proportional to conversion 

loss). 

Image- frequency filtering affects more than conversion efficiency. As the 

phase of the detuned-short position of the image- frequency filter is varied 

we are able to witness a cyclical variation in the intermodulation distortion 

as has been confirmed by measurement, shown in Figure 6. By comparing Figure 

5 with Figure 6, we see that any improvement in conversion loss appears to 

offer a corresponding degradation in the intermodulation distortion. 

INTERMODULATION DISTORTION 

Unbalanced, single-balanced and double-balanced mixers are distinguished 

by their ability to selectively reject spurious frequency components, as de-

fined in table I. The double-balanced mixer, by virtue of its symmetry, sup-

presses twice the number of spurious frequencies as does the single-balanced 

mixer. 

In the ideal mixer, the input signal is translated to an intermediate-
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3040 OPEN " I",11,F$ 
3050 INPUT # 1,X 

3060 ERASE A,B,P,Q,R,S,I,T,M,N,O,L,Z 
3070 DIM A(X,X),B(X,X),P(X,X),Q(X,X),R(X,X) 
3080 DIM S(X,X),I(2 *X) 

3090 DIM T(2*X),M(2*X),N(2*X),0(2*X),L(2*X),Z(2*X) 
3095 INPUT # 1,N 
3100 FOR J=1 TO X 

3110 INPUT # 1 ,I(J),T(J),M(J),N(J),O(J),L(J),1(J) 
3120 FOR K=1 TO X 
3130 INPUT # 1,A(J,K),B(J,K),P(J,K),Q(J,K),R(J,K),S(J,K) 
3140 NEXT K 
3150 NEXT J 
3160 CLOSE # 1 
3170 NODES=X:GOTO 420 
3500 INPUT " NAME OF FILE TO SAVE <CR> FOR DIRECTORY";F$: 

' SAVE INTO FILE 
3510 IF LEN(F$)=0 THEN FILES:GOTO 3500 
3520 IF F$="B:" THEN FILES " B:*.*":GOTO 3500 
3530 IF F$="A:" THEN FILES "A:*.*":GOTO 3500 
3540 OPEN " 0",#1,F$ 
3550 PRINT # 1,NODES,N 
3600 FOR J=1 TO NODES 
3610 PRINT # 1,I(J),T(J),M(J),N(J),O(J),L(J),Z(J) 
3620 FOR K=1 TO NODES 

3630 PRINT # 1,A(J,K),B(J,X),P(J,X),Q(J,K),R(J,K),S(J,() 
3640 NEXT K 
3650 NEXT J 
3660 CLOSE Il 
3670 COTO 420 
4000 INPUT " Name of file to load < cc> for directory";F$ 
4010 IF LEN(F$)=0 THEN FILES:GOTO 4000 
4020 OPEN " I",1(1,F$ 
4030 IF EOF(1) THEN CLOSE:GOTO 420 
4035 R6$="":1NPUT 111,R6$:R6$=LEFT$(R6$,1) 
4040 IF R6$="1" THEN COTO 4320 
4050 IF R6$="2" THEN COTO 4400 
4060 IF R6$="3" THEN COTO 4360 
4070 IF R6$="4" THEN COTO 4150 
4080 IF R6$="5" THEN COTO 4280 
4090 IF R6$="6" THEN COTO 4300 
4100 IF R6$="7" THEN COTO 4580 
4110 IF R6$="8" THEN COTO 4470 
4120 IF R6$="9" THEN COTO 4430 
4130 IF EOF(1) THEN 420 
4140 COTO 4030 

4150 T(X)=1:INPUT il,M$:M(X)=VAL(M$):REM *** TRANSMISSION LINE 
4160 INPUT # 1,I$:I(X)=VAL(I$):INPUT # 1,0$:0(X)=VAL(0$) 
4170 INPUT 111,N$:N(X)=VAL(N$):GOTO 4200 
4180 INPUT * 1,M$:M(X)=VAL(M$) 
4190 INPUT 111,N$:N(X)=VAL(N$) 
4200 INPUT 111,Z$:Z(X)=VAL(Z$) 
4210 INPUT # 1,L$:L(X)=VAL(L$) 
4220 IF I(X)>N THEN N=I(X) 
4230 IF M(X)>N THEN N=M(X) 

** 

4240 IF N(X)>N THEN N=N(X) 
4250 IF 0(X)>N THEN N=0(X) 
4260 X=X+1:T(X)=0 
4270 COTO 4030 
4280 T(X)=3: REM *** SHORTED STUB *** 
4290 COTO 4180 
4300 T(X)=2: REM *** OPEN STUB *** 
4310 COTO 4180 
4320 INPUT # 1,I$:I=VAL(1$): 

INPUT # 1,J$:J=VAL(J$):INPUT # 1,V$:V=VAL(V$) 
4330 V=1/V 

4340 GOSUB 1430 
4350 COTO 4030 
4360 INPUT # 1,1$:I=VAL(I$): 

INPUT # 1,J$:J=VAL(J$):INPUT # 1,V$:V=VAL(V$) 
4370 V=1/V 
4380 GOSUB 1360 
4390 COTO 4030 
4400 INPUT # 1,I$:I=VAL(I$): 

INPUT # 1,J$:J=VAL(J$):INPUT # 1,V$:V=VAL(V$) 
4410 GOSUB 1480 
4420 COTO 4030 
4430 INPUT # 1,K$:K=VAL(X$):INPUT # 1,J$:J=VAL(J$):INPUT # 1,1$: 

I=VAL(1$):INPUT il,V$:V=VAL(V$) 
4440 L=J  
4450 GOSUB 1530 
4460 GOTO 4030 
4470 INPUT il " BASE";K:INPUT # 1,J$:J=VAL(J$):INPUT # 1,1$: 

I=VAL(I$):INPUT # 1,R$:R5=VAL(R$) 
4480 INPUT # 1,V$:V=VAL(V$) 
4490 V=1/V 
4500 L=I 
4510 I=K 
4520 GOSUB 1430 
4530 I=L 
4540 L=J 
4550 V=V*R5 
4560 GOSUB 1530 
4570 COTO 4030 
4580 INPUT 111,K$:K=VAL(1($):INPUT 41,L$:L=VAL(L$): 

INPUT ill,I$:I=VAL(I$) 
4590 INPUT fl,J$:J=VAL(J$):INPUT 111,R$:R5=VAL(P$): 

INPUT il,V$:V=VAL(V$) 
4600 V=1/V 
4610 GOSUB 1430 
4620 V=V*R5 
4630 GOSUB 1530 
4640 COTO 4030 
5000 INPUT " Name of file ( < or> for Directory)";F$ 
5010 IF LEN(F$)=0 THEN FILES:GOTO 5000 
5020 OPEN " 0",#1,F$ 
5200 PRINT " 1 RESISTOR" 
5210 PRINT " 2 CAPACITOR" 
5220 PRINT " 3 INDUCTOR" 
5230 PRINT " 4 TRANSMISSION LINE" 

74 



frequency without distortion, viz., without imparing any of the contained 

information Rryrettably, the ideal mixer does not occur in practice. Be-

cause of certain nonlinea , ,•.es within the switching elements as well as 

imperfect switching resulting in phase modulation, distortion results. 

Identifying Intermodulation Distortion Products 

The most damaging Intermodulation distortion products ( IMD) in receiver 

design are generally those attributed to odd-order, and, in particular, to 

those identified as the third-order IMD. 

Any nonlinear device may be represented as a power series, 

1 "St 3 4n-I • I 6 gni , • 90 
4 il 770T7 t es vG 

which can be further broken into 

TERM OUTPUT 
TRANSFER 

CHARACTERISTIC 

qmeg FI, F2 Linear 

1 dgm , 
2F1, 2F2 , Second-order. 

i! éV eg 1 1 
G Fl t F2 Square- Law 

1 e gm 3 
3! 6. G eV g 

3F1, 3F2 

2F1 t F2 

2F2 t Fl 

Third-Order 

Eq. ( 11) 

The second term is the desired intermediate- frequency we seek, all other 

higher-orders are undesirable, but, unfortunately, present to a varyzgn de-

gree as illustrated in Figure 7. 

There are both fixed- level IMD products and level-dependent IMD products.151 

The former are produced by the interaction between a fixed- level signal, such 

as the local oscillator and the variable-amplitude signal. The resulting fre-

quencies may be identified, 

n6 1 t 62 Eq. ( 12) 

where, n is an integer greater than 1. 

Level-dependent IMD products result from the interaction of the harmonics 

of the local oscillator and those of the signal. The resulting frequencies 

may be identified, 

n6 1 t m6 2 Eq. ( 13) 

where, m and n are integers greater than I. 

For a mixer to generate IMD products at the intermediate frequency we 

must account for at least a two-step process. First, the generation of the 

harmonics of the signal and local oscillator, and, second, the mixing or con-

version of these frequencies to the intermediate frequency. Consequently, the 

mixer may be modelled as a series connection of two nonlinear impedances, the 

first to generate the harmonic products, the second to mix or convert to the 

intermediate frequency. Although many harmonically- related products are pos-

sible, we will focus principally on odd-order IMD products. 

If we allow two interfering signals, fl and f2, to impinge upon the first 

nonlinear element of our mixer model, the result will be 2E 1 - f2 and 

" 2 - fl. These are identified as third-order intermodulation products 1IMD 31. 

Other products are also generated taking the form 3E 1 - 2E 2 and 3f 2 - 2f 1, 

called fifth-order IMD products ( IMDs ). Unlike the even-order products, odd 

order products lie close to the fundamental signals and, as a consequence, are 
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5240 PRINT " 5 SHORTED STUB" 
5250 PRINT " 6 OPEN STUB" 
5260 PRINT " 7 OPERATIONAL AMPLIFIER" 
5270 PRINT " 8 NPN TRANSISTOR" 
5280 PRINT " 9 FIELD-EFFECT TRANSISTOR" 
5290 PRINT " 10 STOP" 
5360 R6=0:INPUT " SELECT FROM LIST";R6:R6$=STA$(R6) 
5370 IF R6=1 THEN PRINT "( 1) RESISTOR":GOTO 5690 
5380 IF R6=2 THEN PRINT "( 2) CAPACITOR":GOTO 5770 
5390 IF R6=3 THEN PRINT "( 3) INDUCTOR":GOTO 5730 
5400 IF R6=4 THEN PRINT "( 4) TRANSMISSION LINE":GOTO 5520 
5410 IF R6=5 THEN PRINT "( 5) SHORTED STUB":GOTO 5650 
5420 IF R6=6 THEN PRINT "( 6) OPEN STUB":GOTO 5670 
5430 IF R6=7 THEN PRINT "( 7) OP AMP":GOTO 5950 
5440 IF R6=8 THEN PRINT "( 8) NPN TRANSISTOR":GOTO 5840 
5450 IF R6=9 THEN PRINT "( 9) FET TRANSISTOR":GOTO 5800 
5460 IF R6=10 THEN PRINT "( 10) FILE COMPLETED":CLOSE # 1:GOTO 
5510 COTO 5360 
5520 INPUT " SHIELD IN";M$:REM *** TRANSMISSION LINE *** 
5530 INPUT " CENTER IN";I$:INPUT " CENTER OUT";0$ 
5531 PRINT # 1,R6$+" * TRANSMISSION LINE" 
5532 PRINT # 1,M$ 
5533 PRINT # 1,1$ 
5534 PRINT # 1,0$ 
5540 INPUT " SHIELD OUT";N$:PRINT # 1,N$:GOTO 5570 
5550 INPUT " NODE A";M$:PRINT # 1,M$ 
5560 INPUT " NODE B";N$:PRINT # 1 N$ 
5570 INPUT " ZO";Z$:PRINT # 1,Z$ 
5580 INPUT " QUARTER-WAVE FREQUENCY ( HZ)";L$:PRINT # 1,L$ 
5640 COTO 5360 
5650 REM *** SHORTED STUB *** 
5655 PRINT # 1,R6$+" * SHORTED STUB" 
5660 COTO 5550 
5670 PRINT # 1,R6$+" * OPEN STUB":REM *** OPEN STUB *** 
5680 COTO 5550 
5690 INPUT " NODE A";I$:INPUT " NODE B";J$: 

INPUT " RESISTANCE ( OHMS)";V$ 
5700 PRINT # 1,R6$+" * RESISTOR" 
5702 PRINT # 1,1$ 
5704 PRINT # 1,J$ 
5706 PRINT # 1,V$ 
5720 COTO 5360 
5730 INPUT " NODE A";I$:INPUT " NODE B";J$: 

INPUT " INDUCTANCE ( H)";V$ 
5740 PRINT # 1,R6$+" * INDUCTOR" 
5742 PRINT # 1,1$ 
5744 PRINT # 1,J$ 
5746 PRINT # 1,V$ 
5760 COTO 5360 
5770 INPUT " NODE A";I$:1NPUT " NODE B";J$: 

INPUT " CAPACITANCE ( FARADS)";V$ 
5775 PRINT # 1,R6$+" * CAPACITOR" 
5790 COTO 5742 
5800 INPUT " GATE";K$:1NPUT " SOURCE";J$:INPUT " DRAIN";1$: 

INPUT " GAIN(MHO)";V$ 

5810 PRINT # 1,R6$+" * FET" 
5812 PRINT # 1,K$ 
5814 PRINT # 1,J$ 
5816 PRINT # 1,1$ 
5818 PRINT # 1,V$ 
5830 COTO 5360 
5840 INPUT " BASE";K$:INPUT " EMITTER";J$:INPUT " COLLECTOR";I$: 

INPUT " BETA";R5$ 
5850 INPUT " Rbe ( OHMS)";V$ 
5860 PRINT # 1,R6$+" * NPN TRANSISTOR" 
5861 PRINT # 1,K$ 
5862 PRINT # 1,J$ 
5863 PRINT # 1,1$ 
5864 PRINT # 1,R5$ 
5865 PRINT # 1,V$ 
5940 COTO 5360 

420 5950 INPUT "+ 1N";K$:INPUT "- IN";L$:INPUT "-OUT";I$:REM *** OP-AMP 

5960 INPUT "+OUT";J$:INPUT " GAIN(V/V)";R5$: 
INPUT " OUTPUT RESISTANCE(OHMS)";V$ 

5970 PRINT # 1,R6$+" * OP-AMP" 
5972 PRINT # 1,K$ 
5974 PRINT # 1,L$ 
5976 PRINT # 1,1$ 
5978 PRINT # 1,J$ 
5980 PRINT # 1,R5$ 
5990 PRINT # 1,V$ 
6010 COTO 5360 
7000 ' SUBROUTINES FOR FILE HANDLING 
7010 FOR J=1 TO 4:READ FLS(J , 1) : FL$(J,2) =" N" : NEXT J 
7020 FOR J=1 TO 4 
7030 IF FL$(J,2)="Y" THEN COTO 7050 
7040 PRINT STR$(J)+"- "+ FL$(J,1) 
7050 NEXT J 
7060 PRINT 
7070 INPUT " Choice ( enter < cr> or 0 to exit)";C:C=INT(C) 

7080 IF FL$(C,2)="Y" THEN PRINT " Already Selected!":GOTO 7070 
7090 IF C=0 THEN RESTORE:RETURN 
7100 PFG=1:INPUT " Name of Data File (< cr> for Directory)";F$ 
7110 IF LEN(F$)=0 THEN FILES:GOTO 7100 
7120 FL$(C,2)="Y":0PEN " 0",C,F$ 
7130 COTO 7020 

7140 DATA " Amplitude versus Frequency","Phase versus Frequency" 
7150 DATA " Amplitude,Phase vs. Frequency","Amplitude vs. Phase" 
7160 CLOSE 
7200 FOR JJ=1 TO 4 
7210 IF FL$(JJ,2)="N" THEN COTO 7270 
7220 ON JJ COTO 7230,7240,7250,7260 
7230 WRITE # 1,RO,V:GOTO 7270 
7240 WRITE # 2,RO,U:GOTO 7270 
7250 WRITE # 3,RO,V,U:GOTO 7270 

7260 WRITE # 4,V,U 
7270 NEXT JJ 
7280 RETURN 
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most susceptible of falling within the passband of the intermediate frequency Further examination of Figure 8 reveals that the sinusoidal local-

and thus degrading the performance of the mixer. oscillator excitation results in phase modulation. That is, as the sinusoi-

A qualitative definition of linearity based upon intermodula tion di stor- dal wave goes through a complete cycle, the resu lti ng gate vo lt age, act ing 

upon the MOSFET's transfer characteristic, produces a resu lti ng non linear tion performance is called the Intercept Point. By recognizing that, 

waveform. Since all FETs have some offset -- a JFET has a cut-off voltage; the fundamental output ( IF) response is directly proportional to the 

signal input level; a MOSFET has threshold voltage -- it is important, for symmetry as well as 

the second-order output response is proportional to the square of the for balance, to offer some DC offset voltage to the gates. Optimum IMD per-

signal input level; and, 
formance demands that the switches operate in a 50% duty cycle; that is, the 

the third-order output response is proportional to the cube of the 
switches must be fully ON and fully OFF for equal time. Without some form of 

signal input level, 

offset bias this would be extremely difficult unless we were to implement an 
then convergence occurs. The point of convergence is termed the Intercept 

idealized square-wave drive. 
Point. The higher the value of this intercept point, the better the dynamic. 

range. 1111  Walker has derived an expression showing the predicted improvement 

Intermodulation Distortion in the Commutation Mixer 

Although the double-balanced mixer outperforms the single-balanced mixer 

as we saw in Table 1, a more serious source of intermodulation products result 

when the local-oscillator excitation departs from the idealized square-wave. 

1611 71 
This phenomenon is easily recognized by a careful examination of 

Figure 8, where a sinusoidal local-oscillator voltage reacts not only upon a 

varying transfer characteristic but also on a varying nonlinear, voltage-

dependent capacitance ( not shown in Figure 81. Although the effects of this 

sinusoidal transition are not easily derived, Ward 18) and Refuse have 

in the relative level of two-tone third-order intermodulation products 11MD 31 

as a function of the rise and fall times of the local-oscillator waveforms. 

20 Log [[ 4 en. 'to ;-c- 17 
8 d8 Eq. ( 14) 

where, Ve is the peak- to-peak local-oscillator voltage, 

Vs is the peak signal voltage, 

Es. is the rise and fall time of V. 

01.0 is the local-oscillator frequency. 

concluded that lowering Rg will provide improved intermodulation performance) Equation 14 offers us several interesting aspects on performance. Since 

This conflicts with low conversion loss, as we saw in Figure 4. 1") 
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any reduction in the magnitude of Vs improves the /MD, we again discover that 

lowering R (which, in turn, decreases the magnitude of Vs) appears to bene-
9 



APPENDIX B.2 Example of circuit data file for input to the 

program NET85.ASC. This file can be generated by the program 

itself or generated or modified by any text editor. The /* Al 

are delimiters for remarks and are not added by the program. 

They have been added for explanation of the file structure. Note 

that the file structure is the same as is input from the 

keyboard. 

1 * RESISTOR /* Type of element ( 1 is a resistor) */ 
1 /* Node A */ 
2 /* Node B */ 
50 
1 * RESISTOR 
4 
7 
50 
1 * RESISTOR 
6 
7 
50 
2 * CAPACITOR 
3 
7 
58E-12 /* Value of capacitor in farads ( 58 pf */ 
2 * CAPACITOR 
2 
5 
23E-12 
2 * CAPACITOR 
5 
6 
23E-12 
3 * INDUCTOR 
2 
3 
72E-9 /* This is a 72 nh inductor */ 
3 * INDUCTOR 
3 
4 
72E-9 
3 * INDUCTOR 
5 
7 
28E-9 
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APPENDIX B.3 Sample output file from NET85.ASC. This data can be 

edited with any text editor, added to a report, or used by a 

plotting program, such as PCPLOT2 ( RV Engineering, Riverside, 

CA): 

(The first number is frequency, the second is amplitude.) 

8E+07,3.543465E-02 
8.269104E+07,3.831959E-02 
8.54726E+07,4.173018E-02 
8.834772E+07,4.599374E-02 
9.131957E+07,.0516254 
9.439138E+07,5.938689E-02 
9.756651E+07,7.032793E-02 
1.008485E+08,8.579546E-02 
1.042408E+08,.1073953 
1.077473E+08,.1368522 
1.113717E+08,-1755944 
1.15118E+08,.2237623 
1.189903E+08,.2785856 
1.229929E+08,.3333452 
1.271301E+08,.3794872 
1.314065E+08,.4116778 
1.358268E+08,.430391 
1.403957E+08,.4395925 
1.451184E+08,.4434264 
1.499998E+08,.4447783 



fit performance. Second, the higher the local-oscillator voltage the better 

the IMD perf ,rmance. Third, if we can provide the idealized square-wave 

drive we achieve infinite ' ,.!( ov«ment in IMD performance! 

An additional fault of sinusoidal local-oscillator excitation results 

whenever the wave approaches the zero-crossing at half-period intervals. 

As the voltage decays we find that any signal votlage may overload the MOSFETs 

21 
causing intermodulation and crossmodulation distortion. 11 This can be 

easily visualized from Figure 9 where we see the classic i-t characteristics 

of the MOSFET at varying gate voltages. Only at substantial gate voltage do 

we witness reasonable linearity, and consequently, good dynamic range. 

DYNAMIC RANGE OF THE COMMUTATION MIXER 

As the two-tone Intercept Point increases in magnitude, we generally con-

clude a like improvement in dynamic range results. Yrt, as we have concluded 

from earlier study, the intermodulation products appear to be a function of 

both the generator or source impedance as well as the ratio Vr os and 

Itt/r Ds ( see Figure 4). 

In any receiver performance can be quantified by the term Dynamic range. 

Dynamic range can be extended by improving the sensitivity to low-level 

signals and by increasing the power-handling ability without being overcome 

by interfering intermodulation products or the effects caused from desensi-

tization. 

There are rules to follow if we are to improve the low-level signal sensi-

tivity. Ideally we would like a mixer to be transparent, acting only to manipu-

late the incoming signals for easy processing by subsequent equipment. The 

perfect mixer would have no conversion loss and a zero noise figure. How-

ever, in the preceeding analysis we discovered that optimum intermodulation 

performance occurred when the signal- input port is mismatched to the quad 

MOSFETs ( Figure S). It now becomes clear that a performance trade-off appears 

necessary. Either we seek low conversion loss and with it a lower noise fig-

ure, or we aim for the highest two-tone intercept point. Fortunately, as we 

seek the latter, our dynamic range will actually improve since a mismatched 

signal port has less effect upon the signal-to-noise performance of the mixer 

than does a matched signal port have upon the intermodulation distortion. 

Convention has identified minimum sensitivity to be the weakest signal 

which will produce an output signal 10 dB over that of the noise in a pre-

scribed bandwidth ( usually 1 kHz), or 

Sou. • 20 Log 
VS • VN 

• 10 d8 
V 

Eq. ( 151 

Oesensitation occurs whenever a nearby unwanted star-1,31 causes the compression 

of the desired signal. The effect appears as an increase in the mixer's con-

version loss. 

THE SiE1901 AS A COMMUTATION MIXER 

Because of package and parasitic constraints, the S1B901 appears best 

suited for performance in the HF to low VHF region. A surface-mounted version 

may extend performance to higher frequencies. 

In our review of intermodulation distortion we recognized that to achieve 
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LOW-PASS SECTION 

FREQ= 8.0000E+07 AMPL= 4.56E-01 20LOG= -6.8 PHASE= -105.7 
FREQ= 8.5000E+07 AMPL= 4.52E-01 20LOG= -6.9 PHASE= -113.1 
FREQ= 9.0000E+07 AMPL= 4.49E-01 20LOG= -7.0 PHASE= -120.9 
FREQ= 9.5000E+07 AMPL= 4.48E-01 20LOG= -7.0 PHASE= - 129.1 
FREQ= 1.0000E+08 AMPL= 4.47E-01 20LOG= -7.0 PHASE= -138.1 
FREQ= 1.0500E+08 AMPL= 4.46E-01 20LOG= -7.0 PHASE= -148.2 
FREQ= 1.1000E+08 AMPL= 4.42E-01 20LOG= -7.1 PHASE= -160.0 
FREQ= 1.1500E+08 AMPL= 4.27E-01 20LOG= -7.4 PHASE= - 173.6 
FREQ= 1.2000E+08 AMPL= 3.94E-01 20LOG= -8.1 PHASE= 171.2 
FREQ= 1.2500E+08 AMPL= 3.40E-01 20LOG= -9.4 PHASE= 155.7 
FREQ= 1.3000E+08 AMPL= 2.75E-01 20LOG= -11.2 PHASE= 142.0 
FREQ= 1.3500E+08 AMPL= 2.13E-01 20LOG= -13.4 PHASE= 131.6 
FREQ= 1.4000E+08 AMPL= 1.62E-01 20LOG= -15.8 PHASE= 124.7 
FREQ= 1.4500E+08 AMPL= 1.25E-01 20LOG= - 18.1 PHASE= 121.1 
FREQ= 1.5000E+08 AMPL= 9.77E-02 20LOG= - 20.2 PHASE= 120.1 

HIGH-PASS SECTION 

FREQ= 8.0000E+07 AMPL= 3.54E-02 20LOG= -29.0 PHASE= - 136.8 
FREQ= 8.5000E+07 AMPL= 4.11E-02 20LOG= -27.7 PHASE= - 134.5 
FREQ= 9.0000E+07 AMPL= 4.89E-02 20LOG= -26.2 PHASE= -130.4 
FREQ= 9.5000E+07 AMPL= 6.12E-02 20LOG= -24.3 PHASE= -125.5 
FREQ= 1.0000E+08 AMPL= 8.13E-02 20LOG= - 21.8 PHASE= -121.8 
FREQ= 1.0500E+08 AMPL= 1.13E-01 20LOG= -18.9 PHASE= -121.4 
FREQ= 1.1000E+08 AMPL= 1.60E-01 20LOG= -15.9 PHASE= -125.3 
FREQ= 1.1500E+08 AMPL= 2.22E-01 20LOG= -13.1 PHASE= - 133.9 
FREQ= 1.2000E+08 AMPL= 2.93E-01 20LOG= -10.7 PHASE= -146.4 
FREQ= 1.2500E+08 AMPL= 3.57E-01 20LOG= -8.9 PHASE= -161.1 
FREQ= 1.3000E+08 AMPL= 4.03E-01 20LOG= -7.9 PHASE= -175.9 
FREQ= 1.3500E+08 AMPL= 4.28E-01 20LOG= -7.4 PHASE= 171.0 
FREQ= 1.4000E+08 AMPL= 4.39E-01 20LOG= -7.1 PHASE= 160.1 
FREQ= 1.4500E+08 AMPL= 4.43E-01 20LOG= -7.1 PHASE= 151.0 
FREQ= 1.5000E+08 AMPL= 4.45E-01 20LOG= -7.0 PHASE= 143.4 

FIGURE 2 - CALCULATED VALUES OF DIPLEXER 



a high intercept point the local-oscillator drive must 5 Watts! The MOSFETs used in these early designs were p-channel, enhance-

approach the ideal square-wave, ment ( 2N4268) with moderately high threshold (6 V max.) and high input cape-

ensure a 50% duty cycle: and, citance (6 pF max.). All of these early MOSFET double-balanced mixers relied 

offer sufficient amplitude to ensure a full ON and OFF switching on the conventional 50 to 100-0-1000 transformer for local-oscillator inject-

condition, as well as to offer reduced rps when ON. 
ion to the gates. 

Furthermore, to maintain superior overall performance -- in conversion 

loss, dynamic range ( noise figure) and intercept point -- some form of image 

frequency termination would be highly desirable even though, understandably, 

the mixer's bandwidth would be restricted. Consequently, the principal effort 

in the design of a high dynamic range commutation mixer is two- fold. First, 

and most crucial, is to achieve a gating or control voltage sufficient to en-

sure a positive and hard turn-ON as well es a complete turn-OFF of the mixing 

elements ( MOSFETs). Second, and of 1  importance, is to properly terminate 

the parasitic and harmonic frequencies developed by the mixer. 

Establishing the Gating Voltage 

Local-oscillator injection to the conventional diode- ring, FET, or MOSFET 

double-balanced mixer is by the use of the broadband, transmission- line, 

transformer, 1131 as shown in Figure 10. For the diode- ring mixer where switch-

ing is a function of loop current, or for active FET mixers that operate on 

the principle of transconductance and thus need little gate voltage, 1141 the 

broadband transformer is adequate. If this approach is used for the commuta-

non mixer, we would need extraordinarily high local-oscillator drive to 

ensure positive turn-ON. Refuse in) ( 161 and Ward used a minimum of 2 W to 

ensure mixing action: Lewis and Palmer Ill) achieved high dynamic range using 

A major goal is the conservation of power. This goal cannot be achieved 

using the conventional design. Simply increasing the turne ratio of the 

coupling transformer is thwarted by the reactive load presented by the gates. 

The obvious solution is to use a resonant gate drive. The voltage appear-

ing across the resonant tank -- and thus on the gates -- may be easily calcu-

lated, 

V • ( P • Q • X) Eq. ( 16) 

P is the power delivered to the resonant tank circuit: 

Q is the loaded Q of the tank circuit: end, 

X is the reactance of the gate capacity. 

Since the gate capacitance of the MOSFET is voltage dependent, the reac-

tance of the gate becomes dependent upon the impressed excitation voltage. To 

allow this would severely degrade the IMD performance of the mixer. However, 

we can minimize the change in gate capacitance and remove its detrimental 

influence using a combination of substrate and gate bias, as shown in Figure 

11. Not only does this show itself beneficial in this regard, but, as we saw 

in Figure 8, a gate bias is necessary to ensure the required 50% duty cycle. 

Furthermore, a negative substrate voltage ensures that each MOSFET on the mono-

lithic substrate is electrically isolated and that each source-/drain- to-body 
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LOW-PASS SECTION 

FREQ= 8.0000E+07 AMPL= 4.62E-01 20LOG= -6.7 PHASE= - 105.9 
FREQ= 8.5000E+07 AMPL= 4.58E-01 20LOG= -6.8 PHASE= - 113.4 
FREQ= 9.0000E+07 AMPL= 4.55E-01 20LOG= -6.8 PHASE= - 121.2 
FREQ= 9.5000E+07 AMPL= 4.53E-01 20LOG= -6.9 PHASE= - 129.4 
FREQ= 1.0000E+08 AMPL= 4.52E-01 20LOG= -6.9 PHASE= - 138.3 
FREQ= 1.0500E+08 AMPL= 4.50E-01 20LOG= -6.9 PHASE= - 148.3 
FREQ= 1.1000E+08 AMPL= 4.46E-01 20LOG= -7.0 PHASE= - 159.6 
FREQ= 1.1500E+08 AMPL= 4.33E-01 20LOG= -7.3 PHASE= - 172.6 
FREQ= 1.2000E+08 AMPL= 4.06E-01 20LOG= -7.8 PHASE= 172.8 
FREQ= 1.2500E408 AMPL= 3.59E-01 20LOG= -8.9 PHASE= 157.5 
FREQ= 1.3000E+08 AMPL= 2.99E-01 20LOG= - 10.5 PHASE= 143.2 
FREQ= 1.3500E+08 AMPL= 2.36E-01 20LOG= - 12.5 PHASE= 131.3 
FREQ= 1.4000E+08 AMPL= 1.82E-01 20LOG= - 14.8 PHASE= 122.6 
FREQ= 1.4500E+08 AMPL= 1.40E-01 20LOG= - 17.1 PHASE= 117.0 
FREQ= 1.5000E+08 AMPL= 1.08E-01 20LOG= - 19.3 PHASE= 114.2 

HIGH-PASS SECTION 

FREQ= 8.0000E+07 AMPL= 3.23E-02 20LOG= - 29.8 PHASE= - 134.9 
FREQ= 8.5000E+07 AMPL= 3.73E-02 20LOG= - 28.6 PHASE= - 132.7 
FREQ= 9.0000E+07 AMPL= 4.40E-02 20LOG= - 27.1 PHASE= - 128.6 
FREQ= 9.5000E+07 AMPL= 5.45E-02 20LOG= - 25.3 PHASE= - 123.5 
FREQ= 1.0000E+08 AMPL= 7.16E-02 20LOG= - 22.9 PHASE= - 119.3 
FREQ= 1.0500E+08 AMPL= 9.88E-02 20LOG= - 20.1 PHASE= - 118.0 
FREQ= 1.1000E+08 AMPL= 1.39E-01 20LOG= - 17.1 PHASE= - 120.7 
FREQ= 1.1500E+08 AMPL= 1.94E-01 20LOG= - 14.2 PHASE= - 127.9 
FREQ= 1.2000E+08 AMPL= 2.59E-01 20LOG= - 11.7 PHASE= - 139.1 
FREQ= 1.2500E+08 AMPL= 3.24E-01 20LOG= -9.8 PHASE= - 152.8 
FREQ= 1.3000E+08 AMPL= 3.76E-01 20LOG= -8.5 PHASE= - 167.3 
FREQ= 1.3500E+08 AMPL= 4.09E-01 20LOG= -7.8 PHASE= 179.2 
FREQ= 1.4000E+08 AMPL= 4.27E-01 20LOG= -7.4 PHASE= 167.6 
FREQ= 1.4500E+08 AMPL= 4.36E-01 20LOG= -7.2 PHASE= 157.8 
FREQ= 1.5000E+08 AMPL= 4.40E-01 20LOG= -7.] PHASE= 149.6 

FIGURE 4 - VALUES ADJUSTED TO NEAREST RETMA VALUES 
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diode is sufficiently reverse biased to prevent half- wave conduction. 

linden...elm; the resonant gate drive may take any of several forms. The 

resonant tank circuit may he merged with the oscillator, or it can be a var -

i1111 
actor tuned Class Ft stage, or, as in the present design, an independent 

resonant tank, shown in Figure 12. 

To ensure symmetrical gate voltage in IOW anti-phase, if the local 

oscillator drive Is asymmetrical, viz., fed by unbalanced coax, an unbalanced-

to-balanced * alun must be used ( TI in Figure 121, otherwise capacitive un-

balance results with an attendant loss in mixer performance. 

Table Il offers an interesting comparison between a resonant-gate drive 

with a loaded tank Q of 14 and a conventional gate drive using a 50 to 100-11-

1(100 transformer. The importance of a high tank Q is graphically portrayed in 

Figure 13. The full impact of a high gate voltage swing can be appreciated by 

using Equation 14. Here, as Ve (gate voltage) increases the intermodulation 

performance ( IMD) also improves as we might intuitively expect. Calculated 

+Ind measured results are shown in Figure 14 and demonstrate reasonable agree-

ment. The difference may reflect problems encountered in measuring Ve as any 

probe will inadvertently load, or detone, the resonant tank even with the 

special care that was taken to compensate. 

If we have the option to choose "high side" or " low side" injection --

viz., having the local-oscillator frequency above (high) or below ( low) the 

signal frequency -- a closer inspection of Equation 14 should convince ue to 

choose low- side injection. 

Terminating Unwanted Frequencies 

If our mixer is to be operated over a restricted frequency range where 

the local oscilator and signal frequencies can be manipulated, image- frequency 

filtering may be possible. Image- frequency filtering does affect performance. 

For high- side local-oscillator injection an elliptical- function low-pass 

filter, or for low- side injection a high-pass filter might offer worthwhile 

improvement. In either case, the filter offers a short-circuit reactance to 

the image frequency forcing the image to return once again for demodulation. 

The resulte of using a low-pass filter with the commutation mixer are known 

from our earlier examination of Figures S and 6. 

The resonant-gate drive consisting of a high-Q tank offers adequate by-

passing of the intermediate frequency and image frequency. 

If the IF is narrow band, filtering may be possible by simply using a 

resonant LC network across the primary of the transformer. iI91 

Design Techniques in Building the Commutation Mixer 

The mixer was fabricated on a high-quality double-Copper clad board ( PCB) 

shown in Figure 15. An improvised socket held the Si8901. The signal and IF 

ports used Mini-Circuits, Inc., plastic T-case PF transformers. For the IF, 

the Mini-Circuits T4-1 ( 1:4)) for the signal, the Mini-Circuits T1- 1T ( 111 

or T4-1 was used. The resonant tank was wound on a i-inch ceramic f, rm with 

no slug. The unbalanced- to-balanced resonant tank drive used a T4-1. The sche-

matic diagram, Figure 16, is for a commutation mixer with high- side injectl-n, 

operating with an IF of 60 MHz. 
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The principle effort involved the design of the resonant-gate drive. 

This necessitated an accurate knowledge of the gate's total capacitive load-

ing effect. To accomplish use a precision fixed capacitor is pF) was substi-

tuted for the Si8901 and at resonance it was a simple task to calculate the 

inductance of the resonant tank. Substituting the Si8901 made it again a 

simple task to determine the capacitive effect of the Si8901. Once known, a 

high-Q resonant tank can be quickly designed and implemented. To ensure good 

interport isolation, symmetry is important, so care is necessary in assembly 

to maintain mechanical symmetry, especially with the primary winding. 

Performance of the St8901 Commutation Mixer 

The primary goal in developing a commutation double-balanced mixer is to 

achieve a high dynamic range. If this task can be accomplished with an atten-

dant savings in power consumption, then the resulting mixer design should 

find wide application in HF receiver design. 

The following tests were performed. 

Conversion efficiency ( loss) 

Two-tone, 3rd-order Intercept Point 

Compression level 

Desensitization level 

Noise Figure 

Conversion loss and Intercept Point are directly dependent upon the magnitude 

of the local-oscillator power. The mixer's performance is offered in Figure 

17, where the input intercept is plotted with conversion loss. 

Both the compression and desensitization levels may appear to contradict 

81 

reason. Heretofore, conventional diode- ring demodulators exhibiting com-

pression and desensitization levels an order of magnitude below the local-

oscillator power level. However, with a commutation NOSFET mixer, switching 

is not accomplished by the injection of loop current but by the application 

of gate voltage. At a local-oscillator power level of + 17 dBm ( 50 mW), the 

2 dB compression level and desensitization level was + 30 dBm1 The single-

sideband HF noise figure of 7.95 dB was measured also at a local-oscillator 

power level of • 17 dBm. 

CONCLUSIONS  

Achieving a high gate voltage to effect high-level switching by means of 

a resonant tank is not a handicap. Although one might at first label the mixer 

as narrow-band, in truth the mixer is wideband. For the majority of applica-

tions, the intermediate frequency is fixed, that is, narrow band. Consequently, 

to receive a wide spectrum of signal frequencies the local oscillator is 

tuned across a similar band. In modern technology this tuning can be accom-

plished by numerous methods. Likewise the resonant tank may take several forms. 

It can be part of the oscillator, or, as in Ref. ( 18), it can be a varactor-

tuned driver electroncially tracking the local oscillator. 

If the local-oscillator drive was processed to offer a more rectangular 

waveform, approaching the idealized square-wave, we might then anticipate even 

greater dynamic range as predicted by Equation 14. 
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SAW ACCELEROMETERS: INTEGRATION OF THICK AND THIN FILM TECHNOLOGIES  

by 
TIM P. BONBFAkI, Consultant 

and 
CARL A. ERIFSON, JR. and DENNIS THOMA 

Andersen Laboratories, Inc. 
1280 Blue Hills Avenue 

Bloomfield, Connecticut 06002 

INTRODUCTION  

Mechanical Design  

Initially, two standard SAW materials were investigated; V-I lithium 

niobate and ST -f quark:. These materials were chosen for the following 

reasons: 

I. Historically they have been the most popular substrates used for 

SAW deices. LiNb0, is used for its high piezoelectric coupling 

and SiO, is used for its thermal stability. 

2. Material constants for these particular crystalline cuts are 

Surface Acoustic Wave ( SAW) devices are now being used in many sensor well known, thus allowing the SAW velocity change due to strain 

applications" -" because of their inherent advantages ( Figure 1). The to be predicted. 

ability to integrate the SAW delay lines with hybrid microelectronics to 3. These materials have better mechanical properties than other 

make compact, reliable units (Figure 2) and the requirement to obtain RF candidate materials, leading to better production yields and a 

outputs directly proportional to the measurand ( i.e., acceleration, more rugged accelerometer. 

pressure, vapor, etc.) have allowed this relatively new family of sensors The mechanical configurations investigated were those which were 

to compete with other established sensor technologies such as capacitance readily derivable from these standard SAW materials and those providing 

and strain gauge type. mamimum strain at the surface of the SAW substrate. Mechanical analysis 

This paper describes how both thick and thin film processing of several configurations was performed and resulted in how the SAW 

technologies were combined to form a successful prototype SAW substrate velocity changed as a function of applied stress, mechanical 

accelerometer intended for missile applications sensing + 50 6s. dimensions, material constants, etc. This analysis concluded that the 

BASIC DESIGN AND OPERATION cantilever beam approach required the least force to achieve a given 

The discussion on the basic design and operation of this 

accelerometer centers on its key sensing element, the SAW delay line. 

Since cost and size were not a major emphasis in this developmental 

program, a custom machined, two-tier, connectorized package (Figure 7) 

was designed to support and protect the SAW line and house the hybridized 

electronics. 

strain and hence SAW velocity change ( Figure 4). The force ( F_L) 

applied to the cantilever beam is provided primarily by the acceleration 

field acting upon 3 seismic mass attached to the beam's end. In this 

cantilever beam cunfiguration the mechanical calculations for strain and 

the material constants demonstrated that ST -It quartz his nearly twice the 

sensitivity of lithium niobate, thus making quartz the material selected 
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Power 

in 
(mW) 

NR Cate 
Voltage 
(V) 

Res Cate 
Voltage 
(V) 

10 0.20 5.4 

20 0.29 7.7 

30 0.33 9.4 

60 0.44 13.3 

Comparison of a-c gate voltage versus 
local-oscillator drive between a non-
resonant (NR) and resonant ( Res) tank 
with a loaded Q of 14 ( Freq. 150 MHz) 

TABLE II 
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for the SAW accelerometer prototypes. 

Electrical Design  

The basic design used for the SAW accelerometer prototypes consisted 

of a single SAW oscillator ( fo . 3(4 MHz) driving twin cantilevered SAW 

delay lines. One delay line is used as a reference and the other is 

stressed or " deformed" under acceleration by the seismic mass. The 

intent of this twin delay line configuration is to minimize any 

temperature effects between the two lines. The two outputs are fed to a 

phase detector to compare the relative phase shift due to a velocity 

change in the stressed substrate. The phase detector output is then 

amplified and used to produce both DC analog and RF outputs proportional 

to the applied acceleration force. 

BASIC FABRICATION AND ASSEMBLY  

The electronics circuitry for the accelerometer was fabricated es a 

thick film hybrid circuit on a 1" x 0.8"x . 025" alumina substrate. The 

main electronics board contained a SAW oscillator, power divider, phase 

detector, amplifier section, and V- to-F circuit ( Figure 5). The two 

delay lines and their tuning elements were mounted on a separate base 

plate and attached to the bottom of the package by screws ( Figure 6). 

PRELIMINARY TUNING  

Prior to package assembly it was necessary to functionally adjust 

the reference SAW delay line to 90 degrees phase difference in relation 

to the deformable SAW delay line. This insured maximum sensitivity of the 

phase detector to any stress in the deformable cantilever. The package 

and baseplate fixtures were connected such that the outputs of the power 

divider were injected into both cantilevered SAW lines. The outputs of 
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both the reference and deformable SAW lines were then fed back into the 

phase detector on the main electronics board. The DC amplifier output 

was then monitored and the reference cantilever was adjusted by leans of 

locking screws an the seismic sass. When maximum amplifier output was 

obtained the reference cantilever screws were locked in place. 

With the reference SAW line now held stationary, the deformable SAW 

line was manually deflected and the amplifier output checked. The 

result was approximately a one volt shift at full scale deflection. 

The R-C circuitry on the V- to-F section was now adjusted to give a 

stationary output difference frequency of 550 KHz + 25 Vklz. This was 

necessary due to the fact that, because of individual SAW 

characteristics, component tolerances, etc., the stationary amplifier 

output varied. 

TESTING RESULTS  

Four prototype devices were built and tested for the following 

parameters: 

I. Linearity 

2. Sensitivity 

3. Hysteresis 

4. Effects of temperature 

5. Transverse Sensitivity 

The basic procedure for testing the SAW accelerometers was to mount 

them onto a centrifuge and calculate the acceleration by converting REM 

into Gs. The acceleration was incremented in steps of 5 6s and the DC 

output voltage monitored and recorded for each acceleration point. 

I= CI CI CI IC CI = =11 = = = 
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Linearity and Sensitivity  

The SAW accelerometers were tested for the linearity and sensitivity 

at ambient, hat, and cold temperatures. The results of the amblent 

of raising and lowering the operating point. Raising and lowering the 

temperature also effected the sensitivity of the SAW units. Sensitivity 

increased to - 9.46mV/G when cold (- 25P and decreased to - 7.0mViG when 

temperature runs on two units can be seen in Graph Ni entitled " SAW- DC hot ( 150F). Sensitivity at ambient temperature is - 7.89e/G. This 

Voltage vs. Acceleration". From this graph it can be seen that the two phenomenon is probably due more to semiconductor physics than the SAW 

units displayed a very linear relationship between acceleration and 

output voltage. The sensitivities of both units differed from around the 

:ero acceleration point to the acceleration extremes. See Table below. 

Acceleration SAW 2 SAW 3 

50 Gs 

0 Gs 

-50 Gs 

2.6mV/G 

6.6mV/G 

7.8mV/G 

5.2mV/G 

7.8mV/G 

9.5mV/G 

temperature sensitivity. Saturation current through the have detector 

diodes will increase with temperature and thereby reduce phase detection 

sensitivity. These effects can be compensated for with additional 

electronics. 

NOTE: The operating point of the accelerometer at times shifted around 

irrespective of operating conditions. This e- plains why the hot curve is 

lower than the amblent curve in Graph 113 " SAW Accelerometer Temperature 

It must be noted that the cantilevered structures were designed to Effects". In general the operating point for this particular unit 

maximize + G deflection and limit - G travel to save package space, lowered with use. 

Hysteresis Transverse Acceleration  

The hysteresis of the SAW accelerometer was found by measuring the Transverse acceleration is a critical in missile applications 

DC output voltage while incrementing the acceleration from zero to + 50 Gs because acceleration occurs in more than one axis as the missile 

and decrementing back to zero. This procedure was repeated for negative maneuvers. However, transverse acceleration oas found to have very 

acceleration. A typical SAW hysteresis curve can be seen in Graph 112 little if no affect on the DC output voltage. See Table below. 

'RICO 
'SAW Accelerometer HYSTERESIS". From this graph it can be seen that OUT 

• II V 
there is a minimal amount of lag and the accelerometers deviated from mc 

OUT 
their initial measured value by a maximum of 5 mV and II mV respectively. 

• 

Effects of Temperature V direction is a is of do ,irpd motion 

The effects of temperature were measured by cooling or heating the h direction acceleration has no affect at all 

SAW device and then placing the unit inside an insulated box and running z direction acceleration has 0.2mV/G sensitivity 

the tests. Raising and lowering the temperature generally had the effect 
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Summary of Testing Results  

The SAW accelerometers erhibited a reasonably linear relationship 1981 Ultrasonics Symposium Proceedings, pp 148-151. 

between output voltage and acceleration. The units did display some 

offset and sensitivity drift with temperature variations. The offset 

voltage increased with a temperature increase and sensitivity increased 

as temperature decreased. Transverse acceleration is not a problem and 

hysteresis effects also don't appear to be a problem but more testing is 

needed to confirm this. The most common problem encountered in testing 

the units was that the offsets were at times unpredictable and often took 

a long time to stabilize. 

In general, the SAW accelerometers worl,ed well for prototypes. 

There were problems encountered in the testing that pointed to the 

associated electronics and mechanical mounting. Several Improvements to 

overcome these problems will be addressed in the next phase of 

development. 

CONCLUSION 

This development program on SAW accelerometers proved very 

successful. The acceleration versus output voltage data was linear and 

reproducible to + 50 Gs. Size and cost reductions are being pursued in a 

follow-on developmental program which will provide a low profile, surface 

mountable package. 
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ABSTRACT: 

This article describes the effect of 1/f noise from high frequency bipolar junction 

transistors on the performance of a synthesized transceiver; and it offers an 

explanation for the origin of the noise together with a simple screening technique to 

improve the transceiver performance and reliability. 

Jaime A. Borras 
Senior Staff Engineer 
MOTOROLA INC. 
Communications Sector 
Portable Products Group 

87 

Introduction: 

A basic element of frequency synthesized transceivers is the phase-lock loop circuit in 

which the output of a voltage-controlled oscillator (VCO) is constantly compared with 

the frequency of a reference crystal controlled oscillator. Synthesized transceiver 

performance is mostly based on the choice of design parameters for the phase-lock 

loop circuit. A compromise in loop bandwidth will optimize the desired switching 

speed with respect to the specified spurious output levels. The phase noise sources in 

the phase-lock loop 1, 2 are responsible for the spectral purity of the transceiver. The 

close-in phase noise will affect the residual FM hum and noise performance as well as 

the transceiver adjacent channel selectivity specifications. 

To achieve good close- in phase noise, it is necessary to maximize the resonator's 

loaded Q and its available output power while choosing an active device with a low 

noise figure and a low 1/f noise contribution. This article describes the effect of 1/f 

noise from high frequency bipolar junction transistors on the performance of a 

synthesized transceiver; and it offers an explanation for the origin of the noise together 

with a simple screening technique to improve the transceiver performance and 

reliability. 

Cause and Effect of 1/f Transistor Noise: 

The major cause of 1/f noise in bipolar transistors has been traceable to surface 

properties. Surface contamination or defects can degrade 1/f noise performance and 

transistor reliability by creating early failures in the field.3 

The 1/f transistor noise caused a degradation in the VCO phase noise in the 

synthesized transceiver; distinctly affecting the residual FM hum and noise and the 
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Brian E. Rose 

Vice President, 

9- Tech Corporation 

2201 Carmelina Ave 

Los Angeles,Ca.90064 

In order to organize some of the above considerations, this 

paper arbitrarily begins with a 20 MHz , fundamental mode crystal 

in an HC- 18 holder, to be used in an oscillator driving a receiver 

local oscillator chain to 400 MHz. 

The characteristics of this crystal and its circuit are described 

and some of the options and considerations of the list are 

compared to this 20 MHz example. 

Some of the considerations which go into a decision on the 

choice and design of crystals and crystal oscillators are listed 

below: 
FREQUENCY STABILITY  

I. Fundamental versus overtone mode crystal. Assume that the osdillator has a temperature stability of 

2. Parallel mode versus series mode. +40 PPM ( parts per million) over the temperature range of -40° C to 

3. VHF crystal versus multiplier chain. +85° C. To thin must be added en ageing factor. One can 

4. Uncompensated versus TCX0 or OCXO. conservatively assume 2 PPM ageing the 1st year of operation and a 

S. Trimable versus no trim adjustment. life time ageing factor of 4PPM. Using these assumptions, the 

6. Solder sealed package versus hybrid, worst case frequency error will be 40 + 4 or 44 PPM. 

7. Voltage control required. /n Hertz; 

6 -6 
8. Stringent short term stability requirements. 20 * 10 * 44 * 10 -880 Hz, 

9. Tight ageing requirements, and at the end of the x20 multiplier chain 

10. Start-up time. 20 x 880 * 17,600 Hz. 

11. Radiation requirements. This frequency error would be tolerable if this fictitious 

12. Shock and vibration rquirements. 

13. Low current ( battery operated). 

14. Low parts count. Gate Oscillator. 
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local oscillator was part of a receiver with a 200 kHz I.F. 

bandwidth. If, however, the bandwidth were only 2 kHz,a 17600 Hz 

error in the local oscillator would be excessive. The narrow band 

assumption will be made in order to see where it leads the 



adjacent channel selectivity performance. The 1/f transistor noise was first verified by 

the -9dB per octave slope of the single-sideband phase noise spectral density, L(fm) 

plot.4 The high frequency bipolar transistor noise was then amplified in a low noise 

amplifier and recorded on a low frequency spectrum analyzer. 

The transistors with excessive 1/f noise showed a relatively low DC beta and a large 

difference in the absolute value of this parameter at different collector currents. Thus, a 

simple characterization of the DC beta of the VCO active device can improve 

synthesized transceiver performance and reliability. 

Transceiver Performance Background: 

The transceiver includes a transmitter and a receiver section coupled to the frequency 

synthesizer which generates the appropriate injection signals to allow the transmission 

and reception of the carrier frequency. 

The transmitter residual FM hum and noise specification is a measurement of the 

signal-to-noise quality of the transmitter within a specified bandwidth. Specifically, it 

denotes the ratio of residual frequency modulation to standard test modulation 

measured on a test receiver. In a narrowband system the standard test modulation is 

60% of the 5 kHz maximum system deviation, and the test receiver bandwidth is in the 

audio voice pass-band range of 300 to 3000 Hz. 

The synthesizer characteristics play a major role in determining the receiver selectivity 

specification; in particular, the close-in phase noise. Receiver selectivity is a measure 

• of channel protection against undesirable signals close to the receiver carrier 

frequency. This is typically measured at the adjacent channel frequency, and it serves 

as a figure of merit for different types of receivers. 
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The transmitter sideband noise is also directly influenced by the phase noise at the 

output of the voltage controlled oscillator which serves as the injection frequency for 

the transmitter section. 

Transceiver Degradation Due To 1/f Noise: 

The residual FM hum and noise level of the VCO varied in excess of 20 dB from a 

maximum measurement of -36 dB. (ratio in dB of the test modulated audio to the 

residual noise audio level). The inconsistent VCO hum and noise levels were traced to 

the 1/f noise of the active device in the oscillator circuit. 

The spectral response of the voltage controlled oscillator was measured using a 

double balance mixer as a phase detector in a narrow bandwidth loop to maintain 

phase quadrature with the reference source.5 This setup was capable of measuring 

better than - 140 dB/Hz from the reference source. A plot of the spectral density 

response for two different bipolar transistors from the same generic lot measured on 

the same VCO is shown in Figure 1. 

The difference shown in the spectral density plot is due to the higher 1/f transistor 

noise. The characteristic -9 dB per octave slope is clearly shown on the top trace of the 

plot, while the spectral density slope for the good device (bottom trace) shows the -6 

dB per octave normally associated with the white FM noise. 

The adjacent channel receiver selectivity, 25 kHz from the carrier frequency, was also 

degraded by 5.5 dB for the measurements taken with the samples outlined on Figure 1. 

After tracing the transceiver degradations to the active device of the oscillator circuit, 

the high frequency bipolar transistor was fully characterized. 
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oscillator design. The maximum error must now be restricted to 

about 200 Hz, or 

nr, PPM 200/400 0.5 PPM 

This new requirement forces the design to either a much more 

stable crystal oscillator, or to a eyetem in which the oscillator 

is locked to a stable master reference. These two approaches will 

be considered next. 

TCXO's and OCXO's  

(Temperature Compensated Crystal Oscillator and Oven Controlled 

Crystal Oscillators) 

Before considering the two options of TCXO and OCXO, the 

questions of ageing and 'stability must be add d If the 

receiver must operate without adjustment throughout its life, then 

ageing will probably determine the quality of crystal oscillator 

required ( and therefore the price, size and D.C. power). If the 

frequency of the oscillator can be corrected by electrical or 

mechanical adjustment to remove frequency error due to ageing, the 

frequency accuracy will be dominated by temperature rather than 

age. TCXO's end OCXO's will be considered with this assumption. 

Briefly, a TCXO corrects the crystal frequency versus 

temperature characteristic by means of a compensation network 

which applies a correction voltage to a varicap diode in series 

with the crystal. An OCXO addresses the problem by controlling 

the temperature at the crystal with a miniature oven. Simplified 

schematics of a typical TCXO and OCXO ere shown in Figure 1. 

RT1 

/RT2 

L_ _ _ 
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°DIODE 

COMPENSATION 
NETWORK 
RT1, RT2 - THERMISTORS 

RT1  BRIDGE 
CIRCUIT 

OSCILLATOR/ 
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H - HEATER 

INSULATION ( OR VACUUM) 

Figure 1, Simplified TCXO and OCXO 
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Bipolar Transistor Characterization: 

The 1/f transistor noise was amplified and recorded on a low frequency spectrum 

analyzer. An audio amplifier was built with the high frequency bipolar transistor to 

amplify its own internal noise, and its output was passed through two additional stages 

of low- noise operational amplifiers. An overall gain of 100 dB was obtained from these 

amplification stages which served to drive the low frequency spectrum analyzer. 

The noise spectral density for several transistors is shown in Figure 2. These pictures 

illustrate the different noise patterns observed. 

The VCO residual FM hum and noise was measured for several transistors, then the 

spectral density was recorded on the low frequency spectrum analyzer, and finally the 

DC beta at the operating collector current (5mA) was measured for each device. A 

graph illustrating the correlation among these variables is shown in Figure 3. 

The noise voltage at 1 kHz versus beta graph (Figure 3) shows a strong correlation of 

the high noise bipolar transistors responsible for the poor hum and noise levels to the 

low DC beta values recorded. In particular, transistor noise levels below 3nVN/Elz at 1 

kHz were found to correspond to VCO hum and noise levels lower than -52 dB. 

However, since the residual FM hum and noise is measured in the audio voice 

pass-band range rather than at a specific frequency, a more accurate means of 

measurement was developed. This consisted of a noise test system whose output was 

a DC voltage level resulting from rectifying and integrating the 1/f noise in the 

specified audio bandwidth. A block diagram of the new noise test system is shown in 

Figure 4. 
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The amplified transistor noise was band limited from 300 to 3000 Hz with a 750 µsec 

preemphasis filter, processed through a full wave rectifier and integrated over a seven 

second period. The result of the integration was a DC voltage level proportional to the 

1/f transistor noise. Figure 5 shows the relation of the rectified band limited noise 

voltage to the measured hum and noise levels. This graph also correlates an average 

DC noise voltage threshold limit of 0.5 Vdc to a VCO hum and noise acceptable level 

of -51 ± 1 dB. 

Furthermore, Figure 6 shows the more accurate relationship of the rectified DC noise 

voltage to the hum and noise measurement and the oscillator transistor DC beta. This 

graph shows that the majority of the transistors with DC betas higher than 90 at 5 mA 

collector currents (VCE = 5V) had good VCO hum and noise performance. Further 

tests on a larger number of the same generic type transistors have shown a similar 

correlation (Figure 7). 

Moreover, data at different collector currents was also taken, specifically at 5 mA and 

10 µA. This data showed that the transistors with high noise levels demonstrated a 

large difference in these two collector currents. Refer to Figure 8. 

Separate batches of transistors from different lots were specifically tested for noise, DC 

beta and the beta difference at different collector currents. In general, all transistors 

with betas higher than 90 showed low noise voltage levels and fairly close DC beta 

readings at the two collector currents mentioned. One batch of the high beta 

transistors ( Bave = 130) showed high average noise voltage levels, but a large 

difference in DC betas at these two collector currents also was characteristic of this 

batch of transistors (beta difference was greater than 60). 



The new specification of . 5 PPM puts the requirement TABLE 1 -- TYPICAL OCX0 AND TCXO 

somewhere in the gray area between TCXO'. and OCXO's. Low cost, SPECIFICATION OCX0 TCXO 

commercial TCXO's typically meet + 1 PPM over 0° C to sde The Frequency 5 or 10 MHz S to SO MHz _ 

example oscillator's specification and temperature range puts the Output Level 1 Vrms into 50 ohms sinewave, TTL, 
or CMOS 

design near the border of the best that can be done with e TCXO, 
Harmonic Distortion -40 ciao -20 dBc 

and consequently it would be a costly unit. OCXO's easily provide 
_e Frequency Adjustment +2.5 PPM minimum +2+10E-6 

stabilities of + 1+10 over the required temperature range, and coarse mechanical. minimum 
-9 +2+10E-7 fine _ 

provide ageing rates less than 1+10 per dey. +1 PPM voltage control 

However, ovenized units are larger, heavier, and consume much Input Voltage • 12 V.D.C., + 10% 4. 12 V.D.C.,+5% 

more power than non- oven types. Representative specifications ara Frequency Stability +3+10E-9 for +2+10E-7 for _  
vs Input Voltage +10% +5% _ 

shown in Table 1. Notice that some compromises may have to be 
Frequency Stability + 1+10E-9 for +2+10E-7 _ 

made between requirements, performance, and price. vs Load +10% for + 2:1 VSWR 

Frequency Stability +5+10E-9 +5+10E-7 
PHASE LOCKED SYSTEM vs Temperature -20° C to +75° C 7 20° C to + 60° C 

As an alternative, assume that this system already contains a Warm-Up Time +1+10E-7 in 15 mina < 1 second 
Z1x10E-8 in 20 mine 

stable mater oscillator at 5 MHz. The basic crystal oscillator 
Aging Rate 1+10E-9/24 hours 100E-8/24 hours 

can then be locked to this master using a phase locked loop. 
Short Term Stability 3+10E-11 r.m.s 1+10E-9 r.m.s 

Figure 2 illustrates the circuitry involved. Notice that a leu - I sec Tau - 1 sec 

veractor in series with the crystal has been added in order to be Input Current 340me. at turn- on 15 ma. 
13Sme. at 25°C 

able to pull ( frequency shift) the frequency to exactly four times 22Sme. at - 20° C 

the reference 5 MHz. Size 2" x 2" x 4" 1" x 2" x 0.5" 

Some notes concerning phase locking a crystal oscillator are 

44ppropriate. 

I. The gain constant of a crystal controlled oscillator, KO, 

in Hertz per volt, is typically three to four orders of magnitude 
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1/f Noise Correlation To Surface Effects: 

The major cause of 1/f noise in semiconductor devices is traceable to surface 

properties of the materials. The generation and recombination of carriers in the 

surface energy states and the density of surface states are important contributing 

factors. The 1/f noise has decreased with improved surface treatments in 

manufacturing, but even the interface between the silicon surface and the grown oxide 

passivation can create 1/f noise sources.3 

Three distinct sources of low-frequency noise in bipolar junction transistors have been 

reported in the literature:6 

1. A 1/f noise source associated with the surface of the emitter-base junction, 

2. A 1/f noise source associated with the active base region of the transistor, and 

3. Anomolous burst noise associated with the forward-biased emitter-base junction. 

The noise spectral density of the transistors shown in Figure 2 correlates to these 

reported findings. 

A good NPN high frequency transistor is designed with a narrow base width to reduce 

the transit time of the minority carriers, and with small emitter and collector areas to 

reduce junction capacitance. 7 A common fabrication technique uses interdigitated 

(emitter-base) geometries to increase the useful emitter edge length while keeping the 

overall emitter area to a minimum. This technique maximizes the perimeter-to-area 

ratio so that most of the emitter current will pass through the periphery, avoiding the 

large series resistance of the extremely thin base region. 

Thus, the increased amount of current flow through the surface junction periphery 
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tends to make the high frequency transistor more susceptible to surface defects. In 

contrast, low frequency (audio) transistors tend to have lower 1/f noise because their 

emitter geometries are designed to minimize the perimeter-to-area ratio so that more of 

the emitter current will avoid the periphery. 

1/f Noise Correlation to DC Beta: 

The basic operation of the NPN bipolar transistor consists of the injection of electrons 

from the emitter as minority carriers into the base region. Through the diffusion 

process they are collected at the collector region. The design objective for an efficient 

transistor is to match the number of electrons arriving at the collector to those being 

injected by the emitter. However, because of the electron-hole-pair ( EHP) 

recombination at the base through the bulk and the surface, a 100 percent efficiency is 

never achieved. The holes required for the EHP recombination are supplied by the 

base current. In addition, the hole current that flows across the base to the emitter 

junction is also supplied by the base current. 

The narrow base region width requirement minimizes the EHP recombination at the 

bulk, while recombination at the surface is best treated with careful and clean 

processing steps. Some of the Si-SiO2 surface charge mechanisms reported are:8 

1. Space charge within the oxide due to mobile contaminant ions (such as sodium), 

2. Energy "traps" due to ionizing irradiation of the silicon sample, 

3. Fast surface states which occur because of disruption of the periodicity of the lattice 

at the surface, and 

4. Fixed surface state charge, Oss. 

Since the DC beta (base to collector current amplification factor) is the ratio of collector 

/4 
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varicap. It is appropriate to discuss varactor tuning in 

more detail, before discussing overtone crystal oscillators 

because overtones have very limited " pullability." 

VCXO VOLTAGE CONTROLLED CRYSTAL OSCILLATOR  

The equivalent circuit for a crystal is shown in Figure 3. 

PHASE DETECTOR 

AND 

ACQUISITION 

CIRCUIT 

1 5 MHZ 

REFERENCE 

LOOP 

FILTER 

Figure 2, Phase Locking 

OSCILLATOR/ 

BUFFER 

less than that for a VCO ( voltage controlled oscillator). The 20 

MHz example would have an average KO of 500 Hz per volt. 

2. The loop bandwidth for a phese locked loop using a 

crystal controlled oscillator is typically 10 to 200 Hz. Very 

much narrower bandwidths may cause loop phase jitter problems. 

Wider bandwidths are limited by frequency response roll- off caused 

by the narrow band nature of the oscillator. 

3. The crystal oscillator must be capable of being pulled, 

or slewed, by an amount equal to it. temperature and ageing 

frequency error. This assumes that the master oscillator drift 

is negligible. The TCXO and the phase locked oscillator both 

require electronic tuning, by means of a varactor diode, or 

OUT 

Ll 
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Cl 

EXAMPLE VALUES 

Cl = 

R1 = 

Li = 

IXLII= 

.02 PICOFARADS 

Lé00,00 OHMS 
AT eo MHZ 

20 OHMS 

3.7 MILLIHENRY 
4-00,00 OHMS 

AT 20 MHZ 

Ce - 5 PICOFARADS 

Figure 3, CRYSTAL EQUIVALENT CIRCUIT 

Li, CI and R1 represent the piezoelectric coupled mechanical 

resonator characteristics. CO is the capacitor formed by the 

crystal 

shown. 

Figure 4, oscillation occurs at a frequency above FI, 

crystal 

electrodes. Typical values for the 20 MHz crystal are 

When the crystal is part of e complete circuit,as shown in 

where the 

series arm presents a net inductive reactance, resonant 

with the capacitors and inductors in the circuit. 
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current to base current, the EHP recombination mechanism is a major contributor to 

this amplification factor. Consistently, for a given emitter current, if there is additional 

recombination due to surface effects, a larger number of electrons will recombine with 

the holes at the base and surface, decreasing the collector current and dropping the 

DC beta. 

The surface effects and 1 /f noise on high beta devices tend to be less noticeable 

because of the larger collector currents, but severe 1 /f noise in high beta devices 

could still degrade the transceiver performance. For this reason, the difference in DC 

betas at separate collector currents became a second screening mechanism. A large 

beta roll-off at the low collector current of 10 µA, compared to the operating collector 

current of 5 mA, has been observed on devices with high 1 /f noise, whereas normal 

devices have exhibited a minor beta roll-off (a difference of 10-20) due to the smaller 

number of electrons available for the EHP recombination. 

In general, transistors with a high DC beta at low collector currents did not exhibit 

excessive 1 /f noise. 

Excessive 1/f Noise - A Reliability Predictor: 

Correlation exists between high values of 1 /f noise and poor reliability. It has been 

reported in reference 3 that artificial aging experiments have correlated excessive 1 /f 

noise with the probability of early failure. The artificial aging experiments have noted 

that a large increase in 1 /f noise occurs just prior to device failure, and units with low 

initial values of noise have demonstrated a longer life under these artificial conditions. 

In a separate noise testing study for reliability screening9, defective devices from 

tested samples showed abnormally high noise levels compared to the majority of good 
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samples. The study concluded that defective samples can be identified and rejected 

using noise testing methodology based on 1 /f noise. 

In addition to the surface effect mechanisms covered, excessive 1 /f noise may be the 

result of defective contacts, fractures or irregularities at the emitter-base junction which 

could also cause an early transistor failure. Early screening of the excessive 1 /f noise 

devices will improve the reliability of the circuit and hence the system in which they will 

operate, in our case, the synthesized transceiver. 

Conclusion: 

Excessive 1 /f noise in the active device of the VCO was shown to degrade the 

performance of the synthesized transceiver. Spectral purity, transmitter residual FM 

hum and noise, and receiver selectivity were degraded by the transistors with 1 /f noise 

problems. 

Noise testing on a large sample of high frequency bipolar transistors from different 

manufacturing lots showed a strong correlation for low noise transistors to high DC 

beta samples and especially at low collector currents. 

Therefore, a simple screening of the VCO active device for high DC beta and a small 

difference in this parameter at the two specified collector currents could improve the 

synthesized transceiver performance and reliability. 



In case 1, the difference in sensitivity at 1 V and 10 V is 

XTAL 

1.2 

C3, ' 

VARACTOR 

CS 

1- 1 

I C6 

C7 
C4 

Figure 4, CRYSTAL AND CIRCUIT 

The resonant frequency of the complete circuit can be 

calculated for any particular set of values by writing the 

appropriate equations for the resonant frequency and solving. 

Thie is conveniently done on a computer. Seven cases have been 

calculated and presented in Table 2 for typical circuit values. 

In Table 2 the values of CI, C4, C6/C7, L2 and the varactor 

parameter. ( C3) are varied to show the effect on frequency pulling 

and linearity. A control voltage range of 1 volt to 10 volts is 

assumed. The frequency data is listed as; ( 1) PPM away from 

crystal series arm resonance, ( 2) the 1 V to 10 V frequency delta, 

(3) The frequency voltage sensitivity in PPM per volt, at the ends 

of the range. 

extreme. This results from the varactor capacity- voltage 

characteristic and from the loss of sensitivitly as the crystal is 

pulled further from resonance. Case 2 is like Cese 1 except that 

Cl has been halved. It is seen that the delta F is also reduced 

by 2, showing the direct dependence of " pullability" on Cl. This 

is discussed in the section on overtone operation. Notice that the 

difference in 1 V to 10 V sensitivity is not as extreme in case 2 

because the crystal is not pulled es far from series resonance. 

Case 3 shows that C4 reduces pulling and degrades linearity. 

In Case 4 the varactor 4 volt value is changed from 30 

picofarads to 15 picofarads, resulting in greeter pullebility and 

better linearity. Cases 5, 6, and 7 use a hyperebrupt varactor 

(gamma * . 8) instead of the abrupt junction one. This yields 

improvement in pulling and linearity. Finally, Case 7 shows that 

the addition of a three microhenry series inductor ( L2) further 

inc eeeeee pulling. One note of caution. Reducing the varactor 

capacity results in an increase of the circuit parallel loss. In 

Case 6, for example, unless the crystal resistance is suitably 

low, the circuit may stop oscillating at 10 volts.* 

* This topic is addressed in the paper " Maximizing Crystal 

Oscillator Frequency Stability" Session R-2, r.f. expo 86. 
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THE OVERTONE CRYSTAL AND OSCILLATOR the fundamental mode. Typical pullability for a 60 MHz 3rd 

It might be asked of the model local oscillator chain, " Why 

start at 20 MHz?" "Why not use a 5th overtone crystal et 100 MHz, 

save a lot of multiplication and move the close in spurious out by 

a factor of 5"7 

For the original stability assumption of + 40 PPM, this might 

be an attractive choice. With a tight frequency tolerance, it is 

not, and to see why, the overtone equivalent circuit will be 

examined. Shown in Figure 5 below is the equivalent circuit of 

the same 20 MHz crystal, but for the 3rd or 5th overtone mode: 

11 

liene-171 I 
ctt) 

121 Cl Li = 3.11.14: R1 = 10 TO 100 OHMS 

Cl; 3rd OVERTONE = Cl, FUND.  
9 

.pe .0022 PFD. 

5th OVERTONE = Cl, FUND.  

25 

e/.0008 PFD. 

Figure 5, OVERTONE EQUIVALENT CIRCUIT 

overtone would be on the order of + 30 PPM, and for a 100 MHz 5th 

overtone, + 10 PPM. Clearly, there is not enough pull range to use 

these modes in the TCX0 or phase locked examples described here. 

SHORT TERM STABILITY  

Thus far, those systematic changes in frequency have been 

discussed which are due to factors such as temperature and time. 

Oscillator frequency is also perturbed by random, noise- like 

factors, and these perturbations typically ere important for 

disturbances with time constants from microseconds to seconds. 

This short term stability is measured in the time domain where 

some type of frequency coUnter is the key instrument, and in the 

frequency domain, where spectral analysis of one form or another 

is used. 

In many of these measurements it is necessary to use two 

oscillators, either with a small frequency offset, or locked 

together in a phase locked system. Some typical time domain 

values are listed in Table I. 

It is seen that the inductance remains the same, while Cl OTHER TOPICS IN CRYSTAL AND OSCILLATOR SELECTION  

2 
is reduced by a factor N , where N is the overtone, 3, 5, 7*, 9* I. Clock oscillators: Miniature, self contained crystal 

etc. Consequently, the " pullability" of an overtone crystal is oscillator and output buffer combinations. These hybrid units are 

reduced by approximately the overtone number squared, compared to available with output frequencies from sub- Hertz to 150 MHz. 

Outputs are compatible with standard logic families, TTL, CMOS, 

* Higher than 5th are relatively rare. ECL. Militarized units ere available with stabilities of + 60 ppm 
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FIGURE 2 

Noise spectral density of high frequency transistors 

The spectrum analyzer setting 

Bandwidth 300 Hz 
Vertical scale dbv with •10 db offset 
Horizontal 5cale 1 KHz/Div 

Noise Gain 100 db 

Each photograph shows two traces; the bottom trace is the reference 

transistor, while the top trace is the device under test 
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Figure 3 Noise Voltage et I kHz vs. DC Beta ( Semple Size 83 ) 

nV.IHz 

et 

I kHz 

'of) 
• 

• 

V 
• • 

• •1 

• 

• 8. 

• •• 

• • 

•i4 

T • 

• • • 

a . 
• y. 

1 

• E. 

120 110 100 90 60 70 60 

DC Beta ( lc = 5mA ) 

-4 r 

Hum 

and 

Noi5( 

(de) 

-so 

-54•5 

 t. 

50 



over the temperture range -55° C to +124' C. If VHF or UHF outputs are needed a 3rd or 5th overtone 

2. Low power oscillators: Oscillators for battery operated crystal oscillator, operating up to ISO MHz might simplify the 

equipment must sometimes operate on less than one milliampere. design. 

Using AT cut crystals in the low megahertz range and special 

circuits this kind of requirement can be met while retaining the 

advantage of the AT cut crystals. For outputs in the tens of 

kilohertz, where looser frequency tolerances or narrower 

temperature ranges obtain, tuning fork crystal oscillators are 

available with current drains in the tens of microamperes. 

3. AGC: Simple AGC control of the oscillator operating 

point provides many advantage.. Low crystal power dissipation, 

important for good ageing, can be achieved while avoiding circuit 
CIRCUIT PARAMETERS FREQUENCY PULLING 

start-up problems sometimes associated with very low power C3, VARACTOR DELTA F, PPM 

TABLE 2 - VCXO 

operation. CASE Cl CO 4V.0 GAMMA C4 C5 C6/C7 L2 

SUMMARY  

Choosing a crystal and crystal oscillator circuit requires 

matching between the requirements of the application and the 

characteristics of the oscillator. If the oscillator must be 

pulled more than 10 or 20 PPM, a fundamental crystal in the 10 to 

25 MHz range is probably indicated. If the ultimate in 

temperature stability, ageing end close- in noise is the object, a 

3rd or 5th overtone, 5 MHz, ovenized unit is indicated. For 

small size, low cost, and nominal AT cut stability, a clock 

oscillator might meet the objectives. 

1 . 02 5 30 . 5 0 2 100 0 

2 . 01 5 30 . 5 0 2 100 0 

3 . 02 5 30 . 5 20 2 100 0 

4 . 02 5 15 . 5 0 2 100 0 

5 . 02 5 15 . 8 0 2 100 0 

6 . 02 5 15 . 8 0 2 50 0 

7 . 02 5 15 . 8 0 2 100 3 

... . _ 

IV 10V DELTA DF/DV DF/DV 
(IV) ( 10V) 

322 519 197 38 4 

161 259 98 19 7 

284 363 79 20 4 

447 753 306 65 20 

379 858 479 87 34 

488 912 424 76 30 

-5 680 685* 130 45 

Even greater pulling can be accomplished with a more complex 
circuit. 

95 



Figure 4: Noise Test Fixture Block Diagram 
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Figure 5 Rectified DC Voltage vs. Hum and Noise 
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Figure 6 . Rectified DC Voltage vs. DC Beta ( Sample Size 45 ) Figure 7 Rectified DC Voltage vs DC Beta ( Sample Size 106 ) 
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MAXIMIZING CRYSTAL OSCILLATOR FREQUENCY STABILITY 

by 

Brian E. Rose 
Vice President 

Q- Tech Corporation 

2201 Carmeline Ave. 

Los Angeles,Ce.90064 

INTRODUCTION 

Frequency stability is one of the central topics in the study 

of crystal oscillators, for the exceptional stability of quartz 

crystals is their fundamental advantage over other resonators. 

Both the long term and short term stability of crystal oscillator@ 

is important. Long term stability, characterized by terms such .as 

"drift" or "ageing", is the systematic, non-random change in 

frequency with 

per day or per 

like behavior 

time, often expressed in terms of frequency change 

year. Short term stability is the random, noise-

of the output frequency. In a measurement system 

based on a frequency counter ( time domain), the short term 

stability is typically measured over gate times from milliseconds 

to seconds. The same random behavior of the frequency, but 

measured in a system based on a spectrum analyzer ( frequency 

domain), is often specified in terms of the single-sideband level 

(relative to the carrier) of the angle modulation noise sidebande, 

at video frequencies from fractions of a Hertz to tens of 

Megahertz. 

The studies which have been done on this topic fall into two 

groups: Studies of the crystal by itself, and analysis of crystal 

oscillator behavior. The former are often concerned with the 

theory of quartz resonators and with practical considerations 

concerning surface preparation, electrodes, cleanliness, new 

designs, etc. The latter include studies and experiments with the 

various oscillator configurations, such es the Colpitts, Clapp, 

Pierce, Butler, etc. 

In the study of crystal oscillator stability, it is critical 

to examine the oscillator and circuit together. Particularly when 

considering short term stability, conclusions based on 

observations of the crystal alone can lead to erroneous results. 

In order to examine the crystal- circuit relationship in some 

detail, this study is confined to one particular oscillator 

configuration. However, insights obtained from the particular 

case will allow conclusions which are useful in the general. 

Exact equations for the crystal are used, and computer numerical 

methods are used to generate the various reactances and, even more 

important, the derivatives of these reactances. 

For the purpose of analyzing the stabilizing effect of the 

crystal on the rest of the circuit, assume that the crystal is 
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Figure 8 DC Beta vs Collector Current 
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perfectly stable. In fact, certain noisy proceses. are associated 

with the crystal itself, and crystal frequency dependence on 

temperatute and time Is well known. 

THE CIRCUIT  

Figure la shows the circuit chosen for the analysis of the 

relationship between crystal , circuit, and frequency stability. 

The oscillator configuration is the popular Colpitts. Although 

the Colpitte is a grounded collector type of circuit, a small 

impedance in the collector provides e convenient signal output 

point and at frequencies of 10 MHz and lower this impedance has 

little effect on the oscillator base-emitter circuit. 

THE CRYSTAL  

Figure lb shows the equivalent circuit of the frequency 

control crystal. The series circuit of Cl, 1.1 and RI rep  

the electrical equivalent circuit of the piezoelectric coupled 

mechanical resonance of the crystal. The reactances of Cl and LI 

are orders of magnitude larger than that which would be obtained 

from electrical components, and the ratio of these reactances to 

RI, the loss term, or 12, is typically 50,000 to 1,000,000; again, 

three or more orders of magnitude larger than what can be obtained 

from electrical capacitors and inductors. CO represents the 

parallel plate capacitor formed by the crystal electrodes. 

Typical values for a 10 MHz fundamental crystal are noted in the 

figure. 

XTAL 

1.a. 

Li 

RI 

Cl 

1.b. 

CRYSTAL 

SIDE 
CS 

II- -I- I 
RPP XPP I 

  T T I L._ 

OUTPUT 

EXAMPLE 

Fl= 1 
7iirerrrr . 10 LMZ 

Cl= . 02 PICOFARADS 
Li'. 12.665 MILLIHENRY 

R1= 20 OHMS 
c#= 3.8 PICOFARADS 

TRANSISTOR 
SIDE 

XPT RPT 

FOR STABLE OSCILLATION: ;MP = -XPT: RPP = - RPT 

1.c. 

Figure la, b, c The Circuit 
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namely, electrical and thermal behavior. Both are intimately 

related to device performance that is crucial to the amplifies 

Doris Hikin designer. These are reliability and efficiency issues, which 

TRU Rf DEOICES 

19520 Aviation Blvd. 

Laundale, CR 90760 

ABSTRACT 

R sophisticated thermal analysis program for CAD and CHE in the 

field of high frequeacy bipolar power transistors is presented. It 

is shown to agree with the experimental observations of phenomena 

associated with Rh transistor .operation, namely, electro-thermal 

interactions. Temperature, and current density distributions are 

although they appear to be at opposite ends of the performance 

spectrum at first thought, are indeed very much tied together. 

Efficiency ultimately can always be related to current 

uniformity over the transistor cell. lhis itself is tied to both the 

temperature distribution over the cell and the vertical structure of 

the transistor, such as collector thickness, collector resistivity, 

base profile, etc. Horizontal factors such as finger spacing, cell 

spacing, and resistor ballasting also play a major role. 

Reliability is usually thought of in terns of maximum junction 

analyzed and presented as a function of power density, RF and DC temperature because of its direct impact on mean time to failure. 

operation, total emitter ballasting, contour emitter ballasting, Other reliability issues include current distribution ( le. current 

amblent temperature, and cell splitting. A figure of merit to densities which can not he verified directly experimentally), and 

describe current uniformity across the active area is introduced, catastrophic failure due to thermal runaway usually due to misuse of 

lhe method of solution and modeling of transistor electro-thermal the device. 

coupling is discussed. Other researchers haue solved the temperature distribution 

IHIROBOCII0H 

The push in solid state amplifier design has constantly been 

toward both higher frequency and power requirements. Ibis only 

problem for uniform and even arbitrary power distribution for 

idealized transistor- like structures. These solutions include both 

analytical and numerical models. hie result generally is the 

temperature distribution for the entire device. these works are 

emphasizes the need for quantitative understanding of the coupling adequate in those regimes when the temper- attire and current 

between the two major physical phenomena present in transistor distributions are not extreme, te., when the temperature and current 

operation, distributions are independent of each other. It is common knowledge 

that 
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THEORY OF OSCILLATION 

The crystal, capacitors CS, C2, and C3, plus the transistor 

reactances form a parailel resonant network at frequency F. The 

transistor provides gain, enough to offset the losses in the 

resonant circuit. It is useful for the present analysis to divide 

the circuit into the two parts shown in Figure lc. The crystal, 

plus capacitor CS can be analyzed as a net inductive reactance XPP 

and parallel resistance, APP. The transistor and C2 plus C3 are 

analyzed as a single parallel capacitive reactance and e parallel 

negative resistance, resulting from transistor gain. The circuit 

oscillates at a frequency where the positive ( inductive) 

reactance of the crystal " side" equals the negative ( capacitive) 

transistor " side". At turn-on, the negative resistance APT 

developed by the transistor ( connected to the complete tuned 

circuit) is of a lower value than the positive loss factor APP. 

The net resistance is therefore negative, end oscillation begins. 

The amplitude of the oscillation builds to the point where some 

amplitude dependent gain actor, such as transistor saturation, 

lowers the gain and raises the effective negative resistance to 

exactly equal APP, the condition necessary for steady state 

oscillation. 

This establishes the conditions for the analysis. The 

following sections show that over the very narrow frequency range 

of inductive reactance of the crystal, the capacitive reactance of 

XPT is essentially constant and therefore oscillation occurs at 
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the " intersection" of the value of XPT and the rapidly changing 

XPP. The stability of oscillation depends on this relationship. 

THE REACTANCE CURVE  

Figure 2 shows graphically the steep rise of the parallel 

reactance and resistance curves due to the crystal, plotted as a 

function of frequency. As mentioned above, over the narrow 

frequency range depicted (. 2%), the capacitive reactance of XPT is 

essentially constant. Therefore, the capacitance associated with 

the XPT value can be assigned to the right hand vertical scale. 

If, for example, we choose C2-C3-40 pF, then CT- 20 pF, and the 

frequency of oscillation will be et point B. 

The pertinent question is where we would choose to operate 

for best stability, but two forbidden regions must be discussed 

first. Practical circuit considertions including parasitic 

reactances end active device capacitances limit the maximum 

reactance of operation. In Figure 3, the boundary above which it 

is impractical to operate is arbitrarilly chosen as 8,000 ohms, or 

2 pF. 

The exact values are unimportant because this is not the 

region of optimum stability. The other boundary, which is 

important, is determined by APP, the equivalent parallel 

resistance. 

* Equations in Appendix 



current injection for the transistor as a whole is very much 

dependent on temperature, but this dependence is much more 

pronounced for the transistor locally. High current injection 

aggravates high temperatures, which in turn promote even higher 

current injection, which results in even higher temperatures. This 

process, known as current localization, can easily lead to thermal 

runaway. The normal RI transistor in fact operates under these 

aggravated conditions of high current densities and high 

temperatures, and the results of the works mentioned above cannot be 

used. 

In this paper we report the simultaneous solution of this 

coupled problem (when it exists, ie., no thermal runaway). Our own 

work resulted in a digital computer program IEMP3D that is easy to 

use, requiring a minimum of inputs, end is built around an extremely 

robust algorithm. 

MODU DFSCRIPlION 

Because the thermal time constants involved are long compared 

to the exciting frequencies ( in the RF range) we concern ourselves 

with the steady state case. IEMP3D solves for the surface 

temperature distribution in the active regions of the RF transistor. 

these regions may consist of a single cell or a multi-celled array. 

Each cell is composed of an array of emitter fingers. 11MP311 also 

provides the current distribution over these fingers. the results, 

both current and temperature, can either be tabulated or plotted. 
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thermal Model - 3 Dimensional Heat transfer Problem 

the algorithm for the calculation of the temperature 

distribution is based on an analytical solution of the three 

dimensional problem for surface temperatures. 

V2 1(x,y,z) «tI (1> 

The solution for the temperature at the surface 1(x,y,(I) trees 

on the following form: 

1(x,v.0> IC(x,y;)0,y') dx'dy' (2) 

where #( x,y,x',y') is the Green's function for W. Ihe 

analytical solution ir, derived with the assumption that the heal 

distribution P(x,y) developed at the surface is known. the 

temperature at the bottom of the chip is held constant and uniform. 

¡lie chip is homogenous and uniform. the dependence of ti n thermal 

conductivity K of silicon is described by the expression 

tliatts/cm/Kl ( 3) 

where On, II are constants that depend on the bulk resintiuity of the 

silicon substrate and 1 is the temperature in Kelvin. 

Electrical Model - Transistor Briton 

Ii,,' electrical behavior of the device is treated by breaking up 

each emitter finger in all cells into a number of identical 

transistors whose electrical parameters are derivrd from an 

appropriately scaled version of the entire device. these indrvidual 

nodal transistors are coupled hv means of hase and rmitten resustuis 

to 

= =I I= = =I =I =3 =3 =3 =I =I 
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As discussed above ( Theory of Oscillation), negative 

resistance is the model chosen to represent the gain relation 

between the transistor and the circuit. This resistance depends 

on the transistor characteristics and the values and ratio of C2 

2 and C3. At present, it is important only to note that a minimum 

PFD 
value of APT ( maximum gain), exists for any circuit value choice. 

.4-

20 

PFD 

169 

PF 

Clearly, the circuit will not oscillate if APP on the crystal side 

is less than APT generated on the transistor side, so a boundary 

exists. 

In the example, 400 ohms has been chosen as the boundary , so 

the circuit must operate somewhere between point A and point C. 

Where shall the greatest stability be obtained? If the crystal 

side only is considered, one might be tempted to choose point C, 

since the derivative of XPP with respect to frequency is highest 

at this point. To resolve the question, one must examine the 

transistor side ln greater detail and determine the form of the 

unstable reactance. 

THE TRANSISTOR SIDE  

Recall from Figure 1 that the transistor side is defined es 

containing the capacitors C2 and C3 and the transistor itself. 

The admittance of this side will have real and imaginary parts as 

shown in that figure. The real part will be a negative 

Since APT depends on C2, C3 end C2/C3, the boundary between I and 

II is actually a curved line. 
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make a single emitter finger (figure 1). Furthermore, these emitter 

fingers are coupled to one another via emitter ballasting resistors 

which may or may not be equal. The constraints for the electrical 

problem are that the total collector current and collector voltage 

are given, and the base-emitter voltage is the same for all finger 

transistors. The model for the nodal transistors is derived from a 

modified Gummel-Poon model which includes high current beta rolloff. 

The current injection of each elementary transistor is effected by 

the local temperature at that node. The current distribution 

calculation reflects either a DC or Class H RF solution, or high 

frequency Class C operation where the low frequency beta is scaled 

with the It of the device. 

Llectro-Thermal Coupling 

the solution to the total problem requires the simultaneous 

solution to both the thermal and electrical problems as described 

above so that each problem is consistent with the conditions imposed 

on it by the other. Namely, the electrical solution is to be 

consistent with the temperature distribution as dictated by the 

thermal problem. Similarly, the thermal solution is to be consistent 

with the power ( current) distribution as calculated by the 

electrical problem. 

The solution to the total problem being nonlinear in nature 

requires some kind of iteratiue scheme. The electrical problem being 

intrinsicly nonlinear ( I expiU/Utl) is also solved by iteration. 

Only 

the thermal problem including the nonlinearlty of the thermal 

conductivities is put into such a form that the. solution is given by 

exact techniques, or rather an analytic form. 

The algorithm for the solution of the total problem can be seen 

readily in Figure 2. First, a uniform current distribution is 

assumed, and the corresponding temperature distribution is 

calculated. This thermal distribution provides the assignment of 

operating temperatures to the individual nodal transistors. For this 

thermal profile, the common emitter-base voltage for all fingers ii 

the only parameter which uniquely defines the current at each nodal 

transistor. The appropriate value for this emitter-base voltage 

satisfies the condition that the total collector current it. 

conserved. 

Normally, the resulting nodal currents will not be consistent 

with the power distribution previously used to calculate 

temperatures. If this were the case, this would mean a self -

consistent solution pair for both temperature and current has hero 

obtained. However, a new temperature distribution needs to br 

calculated based on the latest solution to the electrical problem. 

From this resulting temperature distribution a* new set of nodal 

currents can be calculated. This process is repeated until self 

consistency is reached. 

The determination of the emitter-base voltage, howeuer, is not 

so straight- forward. It is complicated by the fact that the nodal 

transistors are not coupled directly to one another. this is true 

only 
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conductance of value 1/APT and the imaginary a positive 

susceptance B-1/XCT parallel ( the defining equations are shown in 

the Appendix.) 

It is beyond the s—)pe of this paper to quantitatively model 

and analyze the various long and short term instabilities on this 

side of the circuit. Rather, some systematic and random 

processes, will be postulated, and the form of the circuit 

reactance instabilities will be shown. Armed with these models we 

can join the left and right sides of the circuit to describe the 

parameter that determines frequency stability. 

CASE I 

The first model assumes that C parallel has a tolerance on 

its average value which varies this value with time, temperature, 

or other systematic function. In this case 

C * CT * ( 1 + e) (1.6.1) 

Where e represents the delta change from nominal ( temperature, 

tolerance, etc.). The incremental reactance change, DX, due to • 

is then: 

DX - 1/(21TFCT) - 1/(21T FCT ( 1+e)) ( 1.6.2) 

DX * ( 1-(1-e))/(21TFCT) ( 1.6.3) 

DX - e/(2TTFCT) * XT * • ( 1.6.4) 

CASE 2 

Assume that the parallel capacitor CT has a fixed, stable 

part in parallel with a small variable capacitor CV which 
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( 1.6.13) 

represents all of the instability or noisy portion of the circuit. 

DX * XT - XI* XCV/(XT+XCV) ( 1.6.5) 

2 

DX - ( XT) /(XT+XCV) ( 1.6.6) 

For XCV >> XN: 

2 2 

DX * ( XT / XCV ) * ( XT) *(21TF)CV ( 1.6.7) 

CASE 3 

Assume that the current generator gm * Ib has e quadrature 

noise component in L_20 

The noise current into the base is derived in appendix B as: 

un - in /( 1+X2/X3+gm*X2) ( 1.6.8) 

Assuming gm * X2 >> ( 1 + X2/X3): 

then Ii1n1 in/(gm * X2) 

The " noisy reactance", XN, which would cause this current to 

;low is: 

XN * gm * X2 * es / in (1.6.10) 

Where es is the oscillator voltage at the base. Then 

DX - XT - XT*XN / (XT+XN) ( 1.6.11) 
2 

(XT) / ( XT+XN) 

for XN » XT 

2 

DX - ( XT) * in / ( es * gm * X2) 

for X2 - K * XT 

DX * XT * in / ( K * es *gm) 

(1.6.9) 

(1.6.12) 

( 1.6.13) 

( 1.6 . 14) 

( 1.6.15) 



on a finger leuel. ! he nodal transistors that belong to one finger points. For the electrical problem which introlues three nested loops 

are decoupled from the next by meant of the external emitter finger (node current, finger current, and emitter-base voltage), the 

ballasting resistors. In practice, this means that the same problem computational effort also increases rapidly with the number of 

exists on the finger leur] that exists for the total device. lacis nodes. By taking advantage of symmetry which most real devices 

emitter finger has its own unique potential that satifies 

conservation of current in that finger. 

the iterative procedure described above results in the 

employ the computational time required was observed tu be reduced by 

a factor of 10. 

Odditional reduction in the cost of computation was achieved by 

electrical and thermal solution for the DC case. This solution can the use of look up table?, for eliminating redundant calculations. 

also be used for Class H RI applications where the Rf power is small Special efforts were made in accelerating the convergence of the 

compared to the 01 power dissipation. This analysis is also algorithm by using improved prediction methods. 

applicable to Class C operation by modifying the injection the time required for a typical example ( I cell, 550 nodes, 

efficiency of the transistor. In this case the transistor current well ballasted, moderate power dissipation - 11 kU/cm?) was about 

gain should be scaled down and determined by It and the operating 300 CPU seconds on a PRIME 750. 

frequency: 

beta beta() / sqrt(1 • (beta° x f / ft)^2 ) ( 1) 

where beta° is the OC current gain, f the frequency of 

operation, and It is the current gain bandwidth product. 

Computational Considerations 

Like any other numerical solution that approximates a continuum 

by discretization, the accuracy improves with the number of nodes. 

In the same manner, this increases the time required for 

calculation. Specific to our problem, the time necessary for the 

calculation of temperature increases with the square of the number of 

100 

User Inputs/Parameters 

The inputs for program use can be broken up into two 

categories: those that describe horizontal configuration, those that 

describe the device's vertical parameters, and those that describe 

operating and boundary conditions. 

The horizontal parameters that determine device performance 

include: 

- chip dimensions 

- chip thickness 

flo-
11.1 
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Summarizing the three cases : 

(1) Px - ( XI) * • 

2 
(2) DX ( XT) * (,'IF) • CV 

(3) DX - ( XT) • i71 / es * gm * K 

Now we turn back to the complete circuit to find the form of 

delta frequency, DF. 

DELTA FREQUENCY  

The reactance curve of Eq. A6 plotted in figure 2 has a slope 

of DX/DF ohms per PPM. If one assumes an " operating" point of XT, 

then the frequency instability at that point will be: 

OF ( 1/DX/DF) * ox (1.7.1) 

Going back to the three cases developed in section 1.6, end 

substituting XPP..XPT-XT ( condition of resonance), 

OF ( 1/((DX/DF) * ( lixPP))) • • 

brackets are constants determined by the degree of instability on 

the transistor side. The two functions in the brackets ( one and 

three are the same) are determined by the crystal, the capacitor 

CS, and the value of the XT, the parallel reactance. In order to 

minimize delta frequency, we wish to maximize the inverse of 

these, which are, 

(DX/DF)*1/XPP ( 1.7.5) 

2 

II (DX/OF) 411/(XPP) ( 1.7.6) 

These functions will be called the fractional reactance  

licIp2L, Type I and Type II, to emphasize the fact tht it is the 

fractional slope which determines stability, not the absolute 

slope. In Figure 3, the fractional reactance slope functions and 

the reactance slopes have been plotted for a number of example 

cases, including the 10 MHz crystal of Figure 2, 5 MHz third 

(1.7.2) overtone, and a 60 MHz third overtone. The functions are maximum 

at the lower boundary. The intuitively attractive steep slope et 

2 
DF * ( 1/((DX/DF) * ( 1/(XPP) )) * ( 21M F) * CV ( 1.7.3) point " C" in Figure 2 is now shown to be deceptive because of the 

DF ( 1/((DX/DF) * ( l/XPP))) • ¡ nit gm*es« ) (1.7.4) 

These are the functions which yield the velue of DF, the 

frequency instability of the total circuit, for the three cases of 

the preceding section. The quantities to the right of the 

role of fractional slope in stability. 

The effect of R1 and 0 now becomes clear. The fractional 

reactance slope depends on XC1 of the crystal, so for all other 

factors equal, one always wants to maximize that. But best 

stability is found at the lowest reactance, and that occurs at a 

value determined by RPP which depends on RI, the crystal series 
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RESULTS 

- cell configuration - to itself and to chip Benchmark Problem 

For purposes of illustration e model to be used as a 

- emitter configuration in the cell 
benchmark will now be considered. It represents a typical RF 

emitter ballasting distribution < Re) transistor with It on the order of 5 GHz and saturated output 

uniform or arbitrary on a finger basis capability of 1 U at 1 GHz. This structure as seen in Figure 3 

Uertical parameters which characterize a particular transistor 

process include 

- epi thickness and resistivity 

- Gummel-Poon parameters 

- parasitic emitter resistance 

- two dimensional injection effects 
extrinsic base resistance - rb' 

knee current 

- Ft 

Finally, transistor operating conditions are input. These include: 

- bottom chip temperature 

- total collector current 

- collector voltage 

- operating frequency 
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consists of SO emitter fingers, 2 microns wide, spaced 4 

microns apart. Each emitter finger has its own ballast resistor 

of 80 ohms, which makes for 1.6 ohms for the whole device. The 

total base area is 1? by 1.2 mils. Chip size is 25 by 18 mils, 

and 1.5 mils thick. 

The benchmark operating conditions for purposes of 

comparison, are lc - lOUmR , Uce ." 15 U. and lain - 60C. The 

typical printed output for the solution of this problem under 

these condition, can be seen in figure 1. 

This data is organized into three parts. The first of 

these is a short summary that reports the minimum and maximum 

temperatures and nodal currents and the asscociated fingers. 

This is done for each cell in the structure. It should be noted 

that all currents unless noted are normalized to the current 

that would exist if the current were uniformly distributed 

across the device. Also seen is the heading 'X AREA USED" which 

is a Figure of merit that describes uniformity in current 

distribution across the cell. 

lhe next section describes the temperature and current 

profiles along the fingers ( y axis microns) that were selected 



Several things have happened. At XPP equal 94 ohms, point C, 

APP now equals 277 ohms, co this point violates the lower boundry 

of 400 ohms. Adjusting Xr1 to 112 ohms ( changing CT), point D, 

gives RPP equal 402 ohms. DX/DF is now 2.14 so the fractional 

reactance slope ( I) is 1.91E-2. The stability has been improved 

3. Frerking, M. E. " Crystal Oscillator Design and Temperature 

by about 14 percent for type I instabilities,compared to point A. Compensation," New York: Van Nostrand, 1970 
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pp. 356-357 

But the type II fractional reactance slope is decreased by about 5 

percent. So the answer for this particular example depends on the 

exact nature of the circuit instabilities. Note that this example 
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John Wiley G Sons, 1983 

5. Ridenour, L. N., " Vacuum Tube Amplifiers," Radiation 

Laboratory Series, V.18: New York: McGraw-Hill, 1946 

assumes a perfect capacitor for CS. If CS were a varector diode 6. Parzen, B., "Design of Crystal and Other Harmonic 

Oscillators," New York: John Wiley G Sons, 1983 
it is apparent that as the value decreases it is possible to move 

to a point where RPP is too low for oscillation. In VCX0 designs 

then, the margin for oscillation should be adjusted at minimum 

capacity. 

CONCLUSION  

For several models of transistor and circuit instabilities it 

is seen that frequency stability is maximized when the fractional 

reactance slopes, Type I and Type II, are maximum. For a number 

of crystal examples these functions are maximum at the lowest 

parallel reactance. The minimum reactance point depends on the 

value of APT, the parallel negative resistance. The effect of a 

capacitor in series with the crystal on stability depends on the 

exact nature of the circuit instabilities. 

103 



in the previous part for extrema in temperature and current. 

The last part of the printout is a detailed summary on a 

finger by finger basis for each cell. Included are the 

temperatures and currents at both ends and center of each 

finger. Also included is the total finger current normalized 

and in mn as well as the ballast resistance associated with 

that finger. 

Hs can be seen for this benchmark case the maximum 

temperature and current occur in the same finger. number 26. 

this maximum junction temperature of Ill C occurs in the sane 

finger where the current is 13.SX greater than nominal. The 

minimum current and temperature occur at the corner of the cell 

in finger number 1. The temperature here is 87 C and the 

current is only OIX of nominal. Rs seen in the summary for all 

fingers, the variation in finger currents is only 10.71 while 

the variation in nodal current over the whole device- is 28.51. 

This uniformity in finger current is dire to strong emitter 

ballasting, while there is no mechanism to force uniform 

current distribution along the finger. 

The some data is effectively p ted graphically in 

figures 5 and 6. temperature and nodal current are plotted as 

a function of finger positioned for cross-sections along the 

center of the cell and cell edge. It is evident that even for 

these benign operating conditions there is a noticeable 
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variation in temperature and current from center to edge. 

Figures 7 and 0 present similar data for temperature and 

current, except that the independent variable is position along 

the finger. Chosen for illustration are the hottest and coolest 

fingers at the center and end of the cell respectively. 

In figure 9 total finger current in mn is plotted as a 

function of finger position. the sum of these finger currents 

must add up to Ihe required 100 mn. 

Data can also be presented in a quasi three dimensional 

format as seen in figure 10. The output from lEMP30 is 

compatible with two dimensional thermal analysis programs using 

finite element techniques that were also generated by the 

authors. Shown in figure 10 is temperature over the active 

region. Ike projection of the contour over the bottom plane 

gives the position and shape of the cell. the " x" and "y" 

dimensions are in mils. Isothermal representation of this same 

data is seen in Figure 11. the difference between isotherms 

corresponds to 7 C. 

Influence of Operating Point 

It is well known that the high-current. lou-voltage 

operating regime represents a lest stressful condition than 

low-current, high-voltage operation for constant power. The 

low-current, high- voltage condition yields higher junction 

temperatures and greater nonuniformity in current distribution. 

This increase in stress resultS from ineffectual emitter 

ballasting 

I= =3 le= C=3 =3 =I =3 =3 = = 



resistance. The crystal resistance determines stability indirectly by 

DX / 10 MHZ, FUND. 
Cl= . 02 

/e C#= 3.8 
../' 

,..„, R1= 20 

-- DX 1 

_ .A--- DF x Rill' 

DX 1 

.2 DF x 
• -a-

400 800 1200 1600 2000 PPM 

1 

.8 

DF 
.6 

.4. px I 
DX 1 DF x 3iPP A 55 402 94 1.58 1.68E-2 1.79E-4 

x TCP • 440 25K 841 2.29 2.7E-3 3.2E-6 .2 

o 

1 

.8 

.6 

.4 

.2 

o 

2 o 

5 MHZ, 3ni 
Cl= . 00048 

CO= 2.9 

Itl= 36 

restricting the " operating" ooint of the circuit. 

SERIES CAPACITANCE  

Can one improve frequency stability by putting a capacitor in 

series with the crystal? The intuitive answer to this recurring 

question goes as follows ( refer to Figure 2). The slope, DX/DF, 

incr eeeee with frequency but the fractional reactance slope 

dec eeeeee with frequency. At points A and B then, 

Table 1.8.1  

TYPE I TYPE II 

2 

PPM APP xPP DX/DF OX/(DF*XPP) DX/(0F*XPP ) 

DX 1 
DF x 

4 6 8 10 PPM 

DX 
60 MHZ, 3rd 

•'‘ 
Cl= .0022 
CO= 4.5 
RI= 30 

DX 1 
DF x 7CPP 

o 20 40 60 80 100 

Figure 3, telative Slopes 

so better stability is obtained at A. If one adds a capacitor of 

reactance - 747 ohms in series with the crystal, the entire curve 

is shifted in the negative direction. Is not now the reactan-,, at 

F - 440 PPM equal to 841 minus 747 or 94? And since the curve is 

simply shifted, have we not now the DA/OF of point 8 but et the 

reacta-r. of point A, Table 1.8.2 shows the results of adding a 

21.3 pr -d capacitor 

TABLE 1.8.2 

TYPE I TYPE II 

PPM APP XPP nx/or ox/(or.xpp) ox/(nr*xm, ) 

• 436 277 94 2.04 2.17E-2 2 31E-4 

• 444.4 402 112 2.14 191E- 2 1.71E-4 
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at low currents. Another reason for this behavior is due to the 

degradation of beta with high current which makes base 

resistance ballasting significant. This is borne out by 

reference to Figure 12. For all data points, the total DC 

dissipation was held to 1.5 U; the current was changed from 35 

to 300 mR. Hot only is a reduction in the maximum junction 

temperature observed, but the effective area used increases 

from 60 to 99X with increasing  t. This effect is even 

more dramatic as the total dissipation increases. 

Ambient Conditions 

The role of the nonlinearities associated with the thermal 

conductivity of silicon and current transport can be seen in 

Figure 13. In this case we have plotted the maximum junction 

temperature versus the bottom temperature of the chip. If 

thermal conductivity of silicon 

temperature there still should not 

junction temperature as denoted by 

This is because 

had no dependence 

the 

on 

be a one for one increase in 

the line 

current injection 

(expotentiallly) on temperature. 

Emitter Ballasting ( 12e) 

"linear model". 

itself depends strongly 

The dilemma in the use of emitter ballasting is that even 

though it provides for a more 

parasitic element 

efficiency 

rugged device, it acts as a 

electrically, which reduces transistor 
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and gain. The RF transistor designer would like to minimize 

these undesirable effects and still guarantee reliable 

operation. Figure 14 presents the dependence of maximum 

junction temperature and Area Used", ie. current 

nonuniformity, on total emitter resistance. This is done for 

the benchmark model with identical ballasting resistors. It is 

seen that no significant change in transistor behavior occurs 

until Re drops below . 1 ohms. After the total emitter 

resistance drops below the dynamic resistance of the emitter-

base junction Ut/Ic - . 33 ohms at 110 C the maximum junction 

temperature begins to rise quickly, and current becomes 

localized to the hot spot of the device. If ballasting were 

much further reduced, the benchmark model would experience 

thermal runaway even for these moderate operating conditions. 

This is evident from the fact, that for Re = . 1 ohms the 

maximum junction temperature jumps to 136 C and the " X Area 

Used" drops to 111X. figures 15 and 16 present the temperature 

and nodal current distributions for the case Re = . 1 ohms. The 

localization of current and temperature in the center of the 

cell is readily observed. 

Figure 17 shown the normalized finger currents as a 

function of finger positition with Re as a parameter. It can be 

seen that with the decrease in emitter ballasting the current 

tends to crowd in the center of the cell. As seen previously in 

Figure 11 one can obserue the striking jump in current 

localization in going from .2 to . 1 ohms. 



APPENDIX A EQUATIONS APPENDIX 8 TRANSISTOR MODEL 

CRYSTAL  

X1 • XLI + XC1 ; F1 - 1/2 *ff(Li C1)".5 

- i21IF / (( 211F1) -2* C1) - j/ ( 21rF•cl) 

xo - -j 21r F * CO 

CRYSTAL SERIES EQUIVALENT  

XE X0*((R1 -2 + X1*(X0 + X1))/(R1'2 + ( XO + X1)'2) 

RE - R1/((R1/X0)"2 + (( XO + X1)/X0) .2) 

PARALLEL: XPP end APP from RE end XE + XCS 

XPP - ( RE'2 + ( XE + XCS) -2)/(XE + XCS) 

APP ( RE'2 + ( XE .4 XCS)•2)/RE 

DERIVATIVES: COMPUTER CALCULATED INCREMENT  

(A1) 

(A2) 

(A3) 

(A4) 

(A5) 

(A6) 

(A7) 

DXPP XPP P F - XPP P ( F-freq. increment) ( A8) 
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P7' 

C2 

C3 

rb 

I ve 
qm vhe 

11 - vb*1/(1 + x2/x3 + gm*x2) + 1n/(1 4. x2/x3 

Y 11/vb 1/APT + 1/XCT 

APT gm*x2 44 x3 + ( x2 + x3) -2/gm*x2 143 

XCT (( x2 + x3) -2) - ( gm*x2443) -2))/(x2 

XCT • x2 4. x3 

11n in/(1 + x2/x3 + gm*x2) 

11n in/gm*x2 

XN es/1n - gm442 44es 

4.gm4sx3) 

+ x3) 

(61) 

( B2) 

(63) 

(84) 

(85) 

(86) 

(137) 

(88) 



Contoured Ballasting 

In view of the fact that it is desirable to ballast at 

lower levels from an circuit point of view, TEMP30 gives the RE 

transistor designer the tool to change ballasting contours and 

obtain quantitatiue information on the effects of contouring on 

current and temperature distribution. As an example, the 

benchmark model for Re . 2 ohms was selected. The emitter 

finger ballast resistors were chosen as seen in figure 10. The 

emitter resistors were uaried linearly in value from 6 to 10 

ohms for fingers 1 to 10 respectively. Fingers 11 to 25 were 

assigned resistor values that also varied linearly from 10 tu 

11 ohms respectively. The resistors belonging to positions 26 

Ibis could still further be improued upon by refining the 

contour of the ballast resistors. The example shown represent a 

simple guess on our part based on the results from the uniform 

case. 

RE Behavior 

It is also well known that the level for adequately 

ballasting RF transistors for Class C operation is much lower 

than for Class R. This is reflected in the fact that thermal 

resistance as measured under self- bias in Class C is lower than 

under pure 0C conditions. Uhat is inferred, is that the power 

distribution under strictly RE conditions is more uniform than 

in Class H. Uy attribute this improvement in uniformity to 

through 50 are symmetric about the center of the cell. the degradation of gain with frequency. This degradation of gain is 

total emitter resistance for this contcured case was held to .2 not only due to beta rolloff with frquency but is also a strong 

ohms. lhis level is also shown for the uniform case where all 

50 resistors have the value of 10 ohms. 

the effect of this contour ballasting is presented in 

Figure 19. lhe results for the uniform case yeilded a maximum 

junction temperature of 123 C and "X Area Used - of 70X. By 

going to this contoured scheme the junction temperature was 

reduced to 111 C. This is the same result as calculated for the 

1.6 uniformly ballasted case. More significant, however, is the 

fact that the figure of merit for current uniformity increased 

to B5X. 
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function of collector current amplitude. As the current 

amplitude increases, base widening effects become more 

pronounced. This phenomenon sharply limits the ability of thy 

Rr current to localize. The DC component of this current, which 

is responsible for heating, follows the Rf current distribution 

and tends to be more uniform in comparison to DC operation with 

the same power dissipation. figure 70 illustraten how th,.. 

phenomenon is handled in IIMP311. Both curves correspood to the 

hoo/hmark model wrth uniform emittrt ballasting of .;" ohms. ltre 

difference hetwevie 1 tHlz and IU operation is dramatic in 

=7 =I C=I I= =3 =I I= =3 =I =I =I =I =I =I 
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temperature ( i14 C us 134 C), area used ( 99X us 70X ), as well 

as the finger current distribution as shown in Figure 20. 

Multi-Cell Structures 

The ability of TEMP30 to handle multi-celled structures is 

shown in figure 21. R new transistor configuration based on the 

benchmark model was investigated. This new device is a four 

cell array having the sane number of emitters and base area as 

the benchmark model. The spacing between cells was 2 mils in 

both directions. In all other respects the conditions and model 

parameters of these two devices were the same. Rs seen from the 

short summaries, the improvement in " X Area Used" ( 97X us 90X) 

and maximum junction temperature (96 C vs 114 C) is 

significant. Rn interesting observation is that the fingers 

where maximum temperature and  t occur is shifted from the 

center of each cell. This means that there still is thermal 

coupling between cells. 

Device Miniaturization 

The reasons for shrinking geometries of RF transistors are 

directly related to improving frequency performance. The 

reduction of cell area results in smaller collector-base 

capacitance. Tighter emitter structures lead to improved 

injection performance and reduction of the extrinsic base 

resistance. All these directly impact the maximum frequency of 

operation. The limitations here are related to two parameters 
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primarily, chip thickness and power density. 

figure 22 illustrates the effects of scaling down the 

benchmark model: all horizontal dimensions were scaled down by 

a factor of two. In the new device all 50 emitters are 1 micron 

wide, the length of the cell is reduced to 8.5 mils, and the 

cell width is retained to be 1.2 mils. The results of the 

computer calculation are presented in Figure 22. Both maximum 

temperature and the "X Area Used" dramatically change for the 

worse. The "X Area Used" goes from 89X to 64K, while the peak 

junction temperature jumps to 166 C versus 114 C. 

Correlation with Experimental Results 

The quantitative reliabilty of TEMP30 was verified using 

liquid crystal techniques. Liquid crystals were used because of 

their excellent spatial resolution (- 2 micron). For the 

structures measured agreement with measured data was excellent 

<within S C). 

CONCLUSIONS 

R sophisticated thermal analysis program for CRO and CITE 

in the field of high frequency bipolar power transistors was 

developed. It has been shown to agree with the qualitative 

phenomenon associated with RI transistor operation, namely, 

electro-thermal interactions. Temperature, and current density 

distribution were analyzed and presented as a function of power 

density, 



HARMONIC FILTERING AT UHF AND MICROWAVE FREQUENCIES 

Philip B. Snow 
Microwave Teknology Organization 

Tektronix, Inc. 
Box 500, 58-147 

B.,.averton, OR 97077 

The need for good filtering at a reasonable cost, size and 

performance is important to the designer of communications 

systems and/or equipment. For instance, harmonic suppression in 

oscillators have traditionally utilized low or band pass filter 

circuits to reduce distortion. These types of filters usually 

have well defined " skirt(s)" and high out-of-band rejection that 

require coupled, multi-element, high Q resonators. 

At UHF and microwave frequencies, distributed elements 

(transmission lines of prescribed impedance) are employed to 

achieve an acceptable design due to their higher Q and predict-

ability at microwave frequencies compared with standard lumped 

elements. However, distributed element filters also have 

problems. Tuning (" tweaking") multi-distributed elements in 

production is tedious and odd frequency reentrant modes are 

omnipresent. Tuning is a problem in that the lengths of the 

distributed elements must be altered ( shortened/lengthened) in 

the alignment of the filter. This is not easy since the multi-

resonant elements interact. The reentrant issue is one that is 

difficult to deal with in design and generally requires a 
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compromise in performance to minimize its effect. By 

concentrating on the harmonic frequencies and the reentrant 

nature of distributed elements, a designer can turn a problem 

into a simple solution. 

Before actually designing any filter using transmission 

lines, it is important to understand transmission line resonant 

circuits and their reentrant behavior. The general expression 

for the impedance down a dissipationless transmission line is: 

Zin = Zo * ((21+jZo*tan(B*1))/(Zo+j21*tan(B*1))) ( Eq.1) 

where: Zo = characteristic impedance of the transmission line 

B = 2*Pi/L 

L = the frequency wavelength in the transmission line. 

1 = the length of the transmission line between Zin & 
Zl. 

Zl = the load impedance on the end of the line. 

To form a simple minimum loss resonant circuit, Zl can be a 

short-circuit ( Z1=0) or Zl can be an open-circuit ( Z1=00). In 

reality, at microwave frequencies even a good short-circuit is 

slightly inductive ( due to its finite length) and an open-circuit 

is slightly capacitive (due to end fringing capacitance). Both 

these parasitic effects require the transmission line to be 



Rf and DC operation, total emitter ballasting, contour emitter 

ballasting, ambient temperature, and cell splitting. R figure 

of merit to describe current uniformity across the active area 

was introduced. The method of solution and modeling of 

transistor electro-thermal coupling was discussed, the program 

is easy to use, converges rapidly, and presents data in a 

concise and conuenient format. 

o o o 
o o o 
o o o 
o o o 
D ID o 

Figure 1. Electrical Ochematic of Transistor ( Electrical) Model 
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uniform current distribution 

eolve foritempersture <  

assign base potential <  

V 

assign finger currents <  

V 

solve forinodel currents 

V 

adjust finger current? 

✓ no 

adjust belle potential? yes 

IV no 

ediust dissipation? vie 

✓ no 

print solution. 

Figure 2. Schematic Representation of Algorithm 
for the entire solution, both current 
and twinerature. 

9gure 1. Electromicrogrerh of typlcel RF rower 
!tenter transistor - base are. 17 x 2.5 mils am. 
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slightly longer to achieve a desired Zin that would normally be 

predicted by Eq.1. 

If Z1=0 ( short-circuit load) is substituted into Eq.1 then: 

Zin = Zsc = jZo*Tan(2*Pi*1/L) (Eq.2) 

From the transcendental nature of Eq.2, it is apparent that 

the impedance of a shorted transmission line has more than one 

unique length; ( 1) for a given wavelength, ( L) at which it will 

be series resonant at Zsc = 0, and parallel resonant at Zsc = 00. 

Therefore, from Eq.' the following information can be derived: 

Zsc = 0 when 1 = 0, L/2, L, ( 3/2)*L, 2*L, 

Zsc = 00 when 1 = L/4, ( 3/4)*L, ( 5/4)*L, ( 7/4)*L, 

If Zl = 0 (open-circuit load) and is substituted into a 

rearranged form of Eq.1 then: 

Zin = Zoc = -jZo*Cot(2*Pi*l/L) (Eq.3) 

Eq.3 is also transcendental, and it is apparent that the 

impedance of an open transmission line has more than one unique 

length ( 1) for a given wavelength ( L) at which it will be 

parallel resonant at Zoc = 00 and series resonant at Zoc = 0. 

From Eq.3 the following information can be derived: 

Zoc = 00 when 1 = 0, L/2, L, ( 3/2)*L, 2*L, 

Zoc = 0 when 1 = L/4, ( 3/4)*L, ( 5/4)*L, (7/4)*L, 

From inspection of the derived length ( 1) data for Zsc and 

Zoc, it can be concluded that the 

for a distributed resonant circuit 

(L/4). This excludes 1=0 because 

shortest or fundamental line 

is one-quarter wavelength 

it is outside the boundary 

conditions for a finite resonant element. 

Thus far the discussion of distributed resonant circuits has 

been confined to a fixed wavelength ( L) or frequency with a 

variable line length ( 1). This constraint has allowed the 

concept of the fundamental one-quarter wavelength to be 

established as a basic resonant building block for a filter. 

From a practical stand point ( 1) is fixed and by definition ( L) 

is variable across the frequency spectrum. The relationship 

between wavelength ( L) and frequency ( F) is: 
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Figure 4. Typical TEMP3D output for structure shown 
above. This benchmark model represents a device with 
50 emitters, base area of 17 x 1.2 mils sq.. Re = 1.6 
ohms, chip thickness of 4.5 mils. Operating conditions 
are Vce = 15 V, Ic = 100 mA, and Tmin = 60 C. 
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Figure 6. 

Temperature and Current distributions along the cell 
length for the benchmark model under conditions described 
in Figure 4. 
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Figures 7, 8. Temperature and Current 
distributions along finger length for 
the benchmark model ( Figure 4.) 

Figure 9. Finger Current injected at 
each finger for the benchmark model. 
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L = Vp/F (Eq.4) 

where: Vp = velocity of propagation of the wave within the line. 

For purposes of further discussion, the angular expression 

in Eq.2 and Eq.3 can be rewritten in the following form: 

2*Pi*l/L = ( Pi/2)*(F/Fo) (Eq.5) 

where: 1 = Lo/4 

Lo = Vp/Fo 

Fo = fundamental resonant frequency 

Zsc 

DISTRIBUTED I L0/4 

Í 

(sc) 

= jZo TAN ( 2 

1 V 
1  

imp — _l__N 
(oLp 1 

Figure 1. 

109 

Figures 1 and 2 show Lo/4 shunt transmission lines with 

short-circuit and open-circuit loads respectively. Their 

analogous lumped element equivalent is shown adjacent to them. 

/ 7r • F N 
Zoc = —jZoCOT ‘ 2 F0 1 

DISTRIBUTED Lo/4 

(oc) 

Ls 

LUMPED 
Cs 

Figure 2. 

_ 1 ) 
(ocs / 
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Figure 10. Three Dimensional Representaion of Surface Temperature 
for the benchmark model ( Figure 4.). Tmax = 114 C, 
Tmin = 87 C. 
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Figure 11. Isothermal Representation of Surface Temperatures 
shown in Figure 10. Tmax = 114 C, Tmin = 87 C. 
2 C/isotherm. 
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The impedances ( Zsc and Zoc) of the distributed circuits in The multiple parallel and series resonances are unique to 

Figures 1 and 2 are shown plotted versus freuency in Figures 3 distributed elements compared to their lumped element 

and 4 respectively: counterparts which have only one resonant frequency. 

Z SC 

ZOC 

Figure 3. 
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Figure 4. 

FREQUENCY 

FREQUENCY 

It should be apparent by now what is meant by the reentrant 

or periodic nature of distributed resonant elements from Figures 

3 and 4 and how they can be used as repetitive band- reject 

filters to suppress harmonics in an oscillator application. 

However what might not be obvious is how to achieve parallel 

resonance at the fundamental oscillator frequency ( FI) and series 

resonance at the even and odd harmonics of that frequency. The 

distributed circuit shown in Figure 5 is the key structure and 

the initial step in designing such a filter. 

There is a unique characteristic about a shorted quarter-

wave resonator. No matter where it is tapped along its length, 

it will always be parallel resonant. 
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Figure 14. Effect of total Re in the case of uniform 
ballasting on Tj, maximum junction 
temperature ( see Figure 4. benchmark model). 
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Temperature and Current Distributions for the benchmark under 
standard conditions with uniform ballasting and total Re = . 1 
ohms. 



Zsc = jZo and Zoc = - jZo 

The reason for this is that shorted transmission lines less 

thin ( L/4) ( i.e. 12) will always be inductive and open 

transmission lines less than ( L/4) ( i.e. 11) will always be 

capacitive. If ( 11 +12) = (L1)/4 then the two resultant 

reactances ( or susceptances) will be equal in magnitude and 

opposite in sign on the imaginary impedance axis. nur the shunt 

configured circuit in Figure 5 is parallel resonant at the 

frequency Fl. This can be readily proved by substituting 1 = 

(L1)/8 and L = Li into Eq.2 and Eq.3 which yields: 
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Since it makes little difference where a shorted quarter-

wave transmission line is tapped to achieve a parallel resonance, 

the next question might be why was the circuit in Figure 5 

configured such that 11 = 12 = ( L1)/8? The answer to that is 

simple. Series resonance (band- reject) will occur: 

when 11 = L/4 at 2*F1, ( 3/4)*L at 6*F1, ( 5/4)*1, at 8*F1,   

and when 12 = L/2 at 4*F1, L at 8*F1,   

Thus, the circuit in Figure 5 exhibits the composite impedance of 

that shown in Figures 3 and 4: where Fo = 2*Fl. 

The filter structure in Figure 5 is, however, only good for 

filtering "even" harmonics of the dlsi-ed or band-pass frequency 

Fl. All the "odd" harmonics ( 3*F1, 5*F1, 7*F1....) cannot be 

suppressed as easily as ALL the "even" harmonics are with a 

SINGLE tapped ( L1)/4 distributed structure shown in Figure 5. 

This is due to the fact that Fl is, in a broad sense, an "odd" 

harmonic ( 1*F) and conflicts with the requirement that Fl be 

band-passed while the remaining "odd" harmonics (F3, F5, F7  

be band-rejected. Thus to achieve this design constraint each 

"odd" harmonic requires one unique shunt ( L1)/4 distributed 

structure tapped progressively closer to the open end of the 

transmission line the higher thr, "odd" harmonic frequency. 
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Figure 17. Effect of total Re in the case of uniform 
ballasting on finger current ( le., current 
injection along cell length) for the 
benchmark model. 
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Figure 18. Finger ballast as a function 
of position for the cases of 
contoured ballasting. 
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Figure 19. Resulting current injection 
uniform and along cell length for the cases of 

uniform and contoured ballasting ( Figure 
18). 
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Figure 20. Comparison of Class C and Class 
A operation for the case Re = 0.1 ohms. 

CELL NO MAXIMUM MINIMUM O AREA 

TEMP FO CURRENT FM TEMP FM CURRENT FO USED 

: 1 OO. 15 1.081 15 81. 1 0.678 2 R7.220 
1 : 2 88. 15 1.081 15 81. 1 0.676 1 97.220 
2 : 1 88. 11 1.081 IS 81. 25 0.878 25 97.220 
2 : 2 88. 11 1.081 11 81. 25 0.876 25 97.220 

OOODODDDODOODOOHOODODOOODOHDOOOOODODOODDDDOOOD 
CELL NO. MAXIMUM MINIMUM X AREA 

TEMP FM CURRENT FO TEMP FM CURRENT FO USED 

I : 1 114. 26 1.135 28 87. 50 0.811 50 60.513 

Figure 21. Illustration of cell splitting and multi-cell handling by TEMP3D 
Total base area, and emitter areas are conserved. Cell spacing 
in top model is 1.0 mils edge to edge. 
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Figure 6 shows these structures graphically depicted to the Combining the structure in Figure 5 with any or all of the 

7th harmonic: 

L1/4 

3rd 

L1/12 
L1/20 

5th 

L1/28 

7th -0-- HARMONIC OF F1 

Figure 6. 

The length of each of tiqe " open" sections of the distributed 

structures must be L/4 ( series resonance, Zoc = 0) at the desired 

"odd" harmonic frequencies. This open-stub length ( Loc) 

translates to the fundamental wavelength ( Li) using the following 

equation: 

Loc = (L1)/(4"N) (Eq.6) 

tapped ( L1)/4 structures in Figure 6 constitutes a filter that 

can be tailored to a prescribed harmonic suppression. The author 

used this technique to reduce the distortion in a 500 MHz SAW 

resonator oscillator. Only two ( L1)/4 structures were required; 

the "even" one in Figure 5 and the 3rd harmonic "odd" one in 

Figure 6. A photograph of the transmission characteristics of 

this filter is shown in Figure 7. 

saa log maG 

REF 0.0 4R 

4 1... dBi 
:1.4105 dR 

5T4er, O 045000000 0.4x 

sus. 2 5 OOOOOO 00 Mr 

FIGURE 7. 

Note the parallel resonance at the 500 MHz fundamental and 

the series resonance at the 2nd ( 1000 MHz), 3rd ( 1500 MHz), and 

4th ( 2000 MHz) harmonics. Figure 8a shows the oscillator without 

the filter, and Figure 8b shows the oscillator with the filter. 

where: N = the "odd harmonic number ( i.e. 3,5  7 Thus, with a few shunt distributed elements, an effective yet 
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CELL NO. MAJIIMUN 11/NIMUN 5 ARF.A CELL NO. MAXIMUM MINIMUM S AREA 

TEXP FO CURRENT FO TO1P FO CURRENT Fi USED TEMP FO CURRENT FO TEMP FO CURRENT FO USED 

: 1 168. 29 1.364 28 101. 50 0.595 50 53.758 1 : 1 114. 28 1.135 25 87. 50 0.811 50 50.513 

CELL NO. FINGER N3. Y TEMP CURRENT CELL NO. FINGER NO. Y TEMP CURRENT 
1: 1 29 1 : 1 26 

2.715 132. 0.001 2.718 102. 0.848 
5.467 143. 0.860 5.457 107. 0.958 
0.258 152. 1.002 5.258 110. 1.033 
11.029 158. 1.218 11.028 112. 1.059 
13.800 184. 1.328 13.800 114. 1.124 
15.571 165. 1.304 18.571 114. 1.135 
18.342 164. 1.326 10.342 114. 1.124 
22.113 158. 1.218 22.113 112. 1.050 
24.894 152. 1.002 24.884 110. 1.033 
27.855 143. 0.580 27.555 017. 0.855 
80.425 132. 0.691 30.425 102. 0.848 

CELL NO. FINGER NO. Y TON MWENT CELL NO. FINGER NO. Y TEMP CURRENT 
1 : 1 W 1: 1 50 

2.718 101. 0.875 2.716 87. 0.611 
5.487 100. 0.711 5.487 80. 0.580 
5.258 100. 0.826 8.258 82. 0.924 
11.029 112. 0.876 11.028 83. 0.953 
13.500 113. 0.900 13.500 84. 0.070 
16.571 114. 0.917 10.571 04. 0.070 
18.342 113. 0.900 19.342 64. 0.970 
22.03 112. 0.870 22.113 83. 0.953 
24.864 108. 0.628 24.884 82. 0.024 
27.655 100. 0.701 27.555 80. 0.690 
30.425 OS. 0.575 30.425 87. 0.511 

Figure 22. Illustration of device scaling. All horizontal dimensions of cell on 
the left have been reduced by a factor of 2. Benchmark model is seen 

on the right. 



FIGURE 8a 

1I08/ 4008 0-1 fi 1 MHZ 

simple filter can be designed without complex synthesis and The equation for the equivalent ( lumped L/C) unloaded Q for 

fabricated without tedious " tweaking" in manufacturing. 

4081 1 COCK' 20011kZ/ 

FIGURE 8b 

From the filter response shown in Figure 7, it should be 

apparent that the harmonic attenuation ( suppression) is finite 

an "open" L/4 resonant line can be derived by equating its 

derivative of impedance (with respect to angular frequency 

(2*Pi*F)) with the derivative of impedance of a lumped L/C series 

resonant circuit. The resultant of that mathematical computation 

divided by Rs ( series resistance) yields: 

Qu = (Pi/4)*(Zo/Rs) (Eq.7) 

Eq.7 can be used to calculate Rs at any harmonic frequency 

(Fn) if Qu is known at Fn. The harmonic attenuation (An) at any 

Fn can be predicted by judicious use of the following equation: 

An = Rs'/(Rs'+(Ro/2)) (Eq.8) 

Where: Rs' = the equivalent series resistance of all the L/4 

and multiple L/4 lines with series resistance at Fn. 

Ro = Source and load resistance assumed equal ( i.e. 50 

(i.e. ) 30 dB), not infinite as predicted by Eq.2 or 3, where Zin ohms) 

= 0. Equations 2 and 3 are derived from Eq. 1 which assumed no 

loss (dissipationless line). Distributed quarter-wave ( L/4) Applying a similar procedure as used to obtain Eq.8 an 

resonant lines have loss that can be calculated if the equivalent equation for insertion loss can be created as follows. 

unloaded Q value is known. 
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The equation for the equivalent ( lumped L/C) unloaded Q for 

a " shorted" L/4 resonant line can be derived by equating its 
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derivative of susceptance (with respect to angular frequency) 

with the derivative of susceptance of a lumped L/C parallel 

resonant circuit. The resultant of that mathematical computation 

divided by G ( parallel conductance) yields: 

Qu = (Pi/4)*(Rp/Zo) (Eq.9) 

Where: Rp = 1/G = parallel resistance. 

Eq.9 can be used to calculate Rp at the fundamental 

frequency ( F1) if Qu is known. The insertion loss ( I.L.) can be 

predicted using the following equation: 

I.L. = ( Rp/m)/((Rp/m) + (Ro/2) (Eq.10) 

Where: m - number of shunt ( L1)/4 resonators in the filter. 

(i.e. m=2 for the filter in Figure 7.) 

The filter in Figure 7 was configured with . 047 inch 

diameter semirigid coaxial cable with a dielectric constant Er = 

2. Different transmission line media, whether coax, stripline, 

microstrip, etc. will have different Qu's. By configuring some 

(Ln)/4 "open" resonant lines in the desired transmission line 

media and making harmonic attenuatic,n (An) measurements at each 

harmonic frequency ( Fn), the unloaded Q's (Ou) can be calculated 

using Equations 7 and 8. Rs' reduces to Rs in a single ( Ln)/4 

resonant line. n = desired harmonic number ( i.e. 1,2,3,4....). 
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Microwave Integrated Receiver for the 
Morelos Mexican Satellite System 

by 
A. Serrano, J.L. Medina, D. Hiriart 

CICESE, Research Center 
Espinoza 843, Ensenada, B. C. 

MEXICO 

ABSTRACT 

This article describes the characteristics and design procedure of a 

microwave integrated front-end for the Morelos Mexican Satellite System. 

The receiver works at Ku band and provides a 0.9-1.4 GHz signal to the 

modem. The main application of this receiver is educational television 

reception. However, the system can be used for thin route telephone and 

data transmission applications. 

INTRODUCTION 

The Morelos Satellite is a hybrid system for both C and Ku Bandl. It 

is expected to be fully operational at the beginning of 1986. The 

satellite system is composed of two satellites, Morelos I located at 

113.5°, and Morelos II located at 116.5° West. The two satellites are 

versions of the HS376, the most purchased commercial communications 

satellite in the world. Morelos is the first Hughes Aircraft satellite 

to use a planar array for reception of the four Ku band channels, each 
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one with 108 MHz bandwidth, covering the country with a minimum effective 

isotropic radiated power ( KuEIRP) of 44 dBw. The transmit and receive 

beams for C band and the transmit beams in Ku band are provided by a 6- foot 

wide shared aperture grid antenna with two polarization selective surfaces. 

The front surface detects horizontally polarized signals and the rear 

detects vertically polarized signals. Two separate microwave feeds are 

used for both polarizations. The C band structure of the satellite 

consists of 12 vertically polarized narrowband channels with 36 MHz 

bandwidth each and six horizontally polarized with 72 MHz bandwidth. The 

front-end described in this article is designed for the Ku frequency band 

of the Morelos System. Figures 1 and 2 show the physical structure of 

Morelos and its EIRP " footprint" respectively. 

II. LINK CALCULATIONS 

In order to define the technical specs of the Ku band front-end, a 

computer program that provides the main parameters of the link was 

developed. This program is particularly adapted to the characteristics of 

the Morelos Satellite system and gives important information about the 

receiver's performance under several input conditions. Fig. 3 shows a 

flow- diagram of the computer program. The output data are given 

graphically and can be adjusted for different input data according to the 

designer needs. 



HIGH POWER FILTERS 

Specsmanship & Design Considerations 

By Dick Wainwright, Chief Scientist 

Cir-Q-Tel, Inc. 

Abstract: 

Blivetry*: power; feasibility; Q: selectivity; gradients; 

hot spots; energy storage; contaminants; ionization; break-

down; peak-average; C.W.; A.M.; Z modulation; F.M.; etc.; 

volt-amps; connectors; size; weight; heat generation, flow & 

sinking; ionization; impacting; altitude; humidity; salt spray; 

insulation; shock; vibration; harmonic content; rejection; 

source & load; EMI; form factor; skin depth-plating; dissipa-

tion factor; dielectric strength; topology; susceptibility; 

losses; volts; amps; volt-amps; Q; MTBF; manufacturers ratings 

& reality; heat; heat flow; - - all are but a smattering of the 

flow of words/thoughts that haunt every sensible designer of 

high power devices. (Notice: certain key words were repeated 

*Blivetry: The art 

forcing 

space - 

of defying the basic laws of physics by 

two or more objects to fit into the same 

analogous to fitting ten pounds of parts 

into a one pound container. 
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to emphasize their importance.) 

Customers, bless them, generally think of filters as 

bandaids - one often hears the uninformed say, "Anyone can 

design filters - the textbooks are full of tables of element 

values". That is true, but volts and amps and concomitant 

happenings make a difference. "The ratings", not the values, 

are of fundamental importance in power handling devices, design 

and application. A little experience usually results in a lot 

of smoke testing. 

An intimate knowledge and an awareness bordering on para-

noia, plus considerable experience are fundamental requisites. 

The writer has on innumerable occasions lost the 

"first go- around" on a project bid on the basis of: price, 

size, weight and exceptions prudently taken, in some instances, 

because the user did not know or furnish such very important 

information as: 

a. Harmonic content of transmitter power output relative 

to fundamental power 

b. Possible incompatibility of specified connectors with 

specified power and load conditions 

c. The amount of surface area available for heat conduc-

tion/radiation and/or availability of cooling air. 

Assuming that cooling air is available, the rate of 

air flow, pressure, as well as the temperature of 

the cooling air, must be known. 



Figures 4 and 5 are provided by the program and show the behabior of 

carrier to noise ratio ( C/N) with respect to two basic parameters, the low 

noise amplifier noise figure FLNA and the low noise amplifier gain GLNA 

for different antenna gains. Fig. 6 shows the relation between C/N and 

S/N for a typical TVRO receiver ( Microdyne 1100 TVR) 2. 

It can be seen from fig.4 that for FLNA = 3 dB, C/N is around 19 dB. 

According to Fig.6 this value fo C/N would give a S/N of more than 50 dB 

which would imply a good TV reception; however, if the sensitivity of the 

system given by Equation 1 is taken into consideration for the case of the 

Morelos System with a KuEIRP of 44 dB, it is observed that for FLNA = 3 dB 

there is a minimum acceptable operational margin ( OM) of around 3 dB. The 

operational margin is given by Equation 2 as: 

s(dBm) = ( Noise Floor = - 174 dBm) FLNA + 10 log io BW 1) 

OM(dBm) = ILNA - S, 2) 

where BW is the satellite channel bandwidth, which is 500 MHz for Morelos 

(11.7 - 12.2 GHz), and ILNA is the signal level at the LNA's input and is 

given as: 

ILNA(dGm) = EIRP + Free Space Loss GANT. 3) 
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where GANT is the earth station antenna gain. 

For FLNA = 3 dBm and BW = 500 MHz, we obtain S = -84.02 dBm and for 

EIRP . 44 dBW free space loss of -205.18 dB and GANT = 50 dB; ILNA = 

-81.18 dBm. This will result in an OM according to Equation 2 of around 

3 dB. 

Taking into account the results of the above described example it can 

be observed that if a FLNA = 6 dB is chosen OM would be around zero; 

e.g., the input signal is immersed in noise. This situation is not 

desirable at all. In order to increase the operational margin OM, I LNA 

should increase. It can be seen from Eq. 3 that EIRP and GANT should in 

turn be increased. However, increasing EIRP is not feasible because it is 

fixed from the satellite specs, and GANT is difficult to increase beyond 

50 dB, at least for Ku band commercial antennas. The most practical 

possibility to improve OM is to reduce FLNA to the minimum and try to 

push GANT beyond 50 dB with the minimum possible losses in the antenna 

feed system. 

Fig. 5 shows the direct influence of GLNA on the C/N value. 

Available Ku band commercial antennas with 40-50 dB gain are considered 

for this figure. It can be observed that for FLNA = 2 dB the LNA's gain 

could be around 35 dB to obtain adequate values of C/N. This implies 

that increasing the gain beyond 35 dB at the 11.7-12.2 GHz frequency band 

L 



d. Heavy shock and vibration specifications were spec-

ified along all three major axes when in fact the ap-

plication, under power, was indoors and fixed. 

e. Specifications indicating unrealistically low values 

of device VSWR ( e.g. 1.1:1) when in fact the filter 

would in practice be operating continuously into 

loads of never less than 2:1 and often in 

31 VSWR. ( In some cases an infinite VSWR 

phase) Specified selectivity, i.e.. ratio 

excess of 

of any 

of " f" 

low-reject/"f" nigh pass ( fp( high) was given as very 

nearly 1:1; and it is not unusual to find specifica-

tions indicating selectivity ratio values of 1.01:1, 

1.021, etc. When using a number of filters to 

cover a broad range of frequencies it is usually best 

to uniformly distribute the power pass band and reject 

to pass ratios to avoid undue stress on any of the 

filters: see Example ( 1). 

f. Other mitigating relationships that, taken as whole, 

result in unrealistic designs. 

Taking it from the top, a- f: 

a. Harmonic content of transmitter output: 

Typical solid state transmitters, of recent vintage, can 

be expected to yield harmonic power levels of ( push-pull final 

through combiner to 50 ohms unbalanced): Table 1 

TABLE 1  

Harmonic Order Level dBc Harmonic watts/KW ( fundamental) 

2nd -18 15.8 

3rd -12 63.1 

4th -21 7.9 

5th -18 15.8 

6th -22 6.3 

7th -21 7.9 

8 - 13 : Avg. - 22 37.8 ) Avg.: 6.3W/harmonic 

Total Harmonic Power. 154.6 watts/KW fundamental power 

As an aside, note at this juncture that the customer may 

wish to use a ferrite isolator at the transmitter output to 

obtain a well-matched transmitter output, but, through over-

sight, may neglect the fact that most isolators are frequency 

sensitive, resulting ( possibly) in excessive heating by har-

monics, resulting in isolator burn- out and/or additional har-

monic generation caused by the ferrite being operated near the 

Curie temperature of the materials, etc. 

(b) Connectors power rating insufficient for application. 

Most connector manufacturers haven't the foggiest idea of how 

much power/apparent power their connectors will safely handle. 

Current ratings, not voltage ratings, are generally the problem 

drivers. 20 is of little consequence in systems working with 

very high VSWR values - of course they are directly related. 
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does not provide any further improvement. 

From the link analysis we can define the design requisites of the 

receiver for Morelos in the Ku band: Maximum FLNA < 3 dB; desirable GANT 

> 50 dB and GLNA > 30 dB. 

SYSTEM INTEGRATION 

Fig. 7 shows the basic structure of the Ku band receiver for the 

Morelos Satellite system. We are using an integration approach that 

combines monolithic microwave integrated circuit ( MMIC) subsystems 

(basically LNA blocks) manufactured by NEC with other hybrid microwave 

circuits assembled in our laboratory. The technical specs for the LNA-

MMIC are3: Bandwidth - 11.7-12.2 GHz, FLNA = ( MC5806A) - 2.2 dB FLNA 

(MC5806B) - 3.0 dB GLNA = 17 dB. Considering these specs and the design 

requisites defined before, it can be seen that if two LNA modules are 

connected in cascade we will achieve the design objectives: GLNA > 30 dB 

and FLNA < 3 dB. Careful packaging and assembling of the MMIC modules is 

an important factor to obtain a successful design. Improper assemblies 

would result in a loss of gain per module of around 2 or 3 dB and 

instabilities in noise figure. 

The picture shown in figure 8 corresponds to the subassembly of the 

Ku band integrated receiver. Local oscillator, mixer and intermediate 
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frequency amplifier are respectively MC5808, MC5807 and MC5805 NEC hybrid 

modules. The band pass filter and other interstage modules are designed 

in our laboratory. 

CONCLUSIONS 

The Ku band front-end described in this article will be tested 

directly on the Morelos System when the two satellites are fully 

operational around the first trimester of 1986. Final testing of the 

modules will provide information about the conveniences of using MMIC 

instead of conventional hybrid modules from the economic and efficiency 

points of view. The program developed for the link analysis of Morelos 

has been very useful in defining the receiver's specs and it is expected 

to improve it to cover more subtle aspects of the parameters of the link. 

ACKNOWLEDGEMENTS. We thank Ricardo Chavez, Benjamin Ramirez and Isabel 
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Given the fact that most filters are " reflective devices" 

i.e. produce attenuation by reflection of power rather than 

being absorptive, absorptive filters are generally much more 

expensive and generally considerably larger than reflective 

devices. However, in many UHF and above, frequency range ap-

plications the use of harmonic absorptive filters may make a 

lot of sense. 

(c) How much surface area should one allow for the cooling of 

high power filters, and, if cooling air is available, what is 

its pressure and rate of flow? 

First one may make the assumptions: 

1. The maximum power vs. connector type is in the order 

of 2/3 of the cable attached, derated appropriately. 

2. Normally a high power filter ("hot" surface temper-

ature) is designed such that the hot surface temperature 

of the filter does not exceed ambient C° + 50°C with a heat 

sinking plate average temperature of no more than ambient air 

C° + 10°C= +95°C max. Cooling air, if available, should not 

exceed an effective temperature of +80°C; hence, air speed may 

be an important consideration as the air approaches the filter 

hot spots. 

In many cases substantial size fins may be required but 

fins are not very effective in cramped air flow spaces - con-

vection air currents must be free to circulate if convection 

cooling represents a sebstantial portion of the cooling means, 

and surrounding heat conducting surfaces may need to have rough 

surface to "wipe" the heat out of the circulating air. 

(d) Heavy shock and vibration specifications along all three 

major axes, i.e., G forces applied to coaxial filters should be 

studied carefully and if at all possible, the strong G forces 

should be confined to the smaller dimensions of the coaxial 

structure. Minimal forces of no more than 5G, preferably, and 

no more than 10G max. ( 11 misec. std. shock specifications) on 

the length should be applied to coaxial high power filters of 

substantial size, plus consideration as to the adequacy of 

mounting hardware and supporting structures is essential. 

(e) Selectivity, time delay, energy storage E. electrical 

(absorptive) losses/heat generation go hand in hand. 

Q: The ratio of: 

Energy Stored per Cycle  of the 
Energy Dissipated per Cycle 

is a critical consideration in the design of all filters in 

general, and is of great importance in high power filters. 

For a given loss, the required ratio of Q unloaded/Q loaded 

is different for every filter design. It is not uncommon for 

certain designs to require inductor Q unloaded values in excess 

of 500-1000 or more and for capacitors 3500-8000 or more to 

barely eke out a responsive design, where rejection bandwidths 

to low loss band edge ratios are quite small, say much less 

than 1.2:1 for 40-60 dB rejection; almost impossible values 

applied energy 
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2) Microdyne 110 TVR Receiver Data Sheet, Microdyne Corp., Ocala Florida 

1983. 

3) MMIC data sheet, MC 5806A, MC 5806B, Nippon Electric Corp. 1984. 
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of 2000 or more for coil Q and over 10,000-15.000 capacitor 

Q may be required, but unobtainable because of space. moding 

and/or frequency limitations. 

The Q of coils increases roughly as the square root of 

frequency, hence generally high frequency filters yield lower 

losses, given the same selectivity and available space. 

For a given loss ( see Table 2) the unloaded Q required 

increases substantially with passband ripple (VSWR), 

complexity, n and type of filter. ( Elliptic, all-pole Chebishev, 

Butterworth, etc.). 

TABLE 2 

Representative 
Selectivity Nominal Filter Design Qul, for a Given Energy 
f60dB/f3dB VSWR Loss ( approx.) Storage 

1.25 1,2 Elliptic ( 0.01 dB Ripple) 1000 20 

1.5 1,35 Chebishev ( all-pole) 
ripple=0.1 dB 630 15 

1.7 1.2 Chebishev ( all-pole) 
ripple=0.01 dB 460 12 

Chebishev ( all-pole) 
ripple=0.001 dB 290 

2.1 1.2 Butterworth 

4.2 Bessel 

Table 2 indicates representative values - not absolutes. 

As an example. a 0.01 dB Chebishev ( all-pole) filter re-

quired approximately e -1%84Z more Q than a Butterworth 

200 10 

filter for a given loss and the Elliptic filter given has twice 

the energy storage indicating that voltages and currents are 

roughly 40% more than in a Butterworth filter. 

(f) Other factors of consequence: 

(1) Phase linearity vs f. 

(2) Matching of phase: A ± 5° phase matching specific-

ations may nearly double the price relative to a 

non-matching phase unit because of the component 

tolerance problem alignment accuracy and the need 

to " fix" parts to preclude minute variations in 

operating environment. 

(3) Humidity: High humidity conditions, especially with 

condensation presents substantial problems 

(4) Altitude: Derating or pressurization with dry 

nitrogen or sulfur hexafluoride may be forced as a 

solution. Of course, pressurization eliminates 

humidity problems. 

(5) etc. 
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Addenda to: High Power Filters, Specsmanship 

and Design Considerations - 

by: R.A. Wainwright 

Suppose one wishes to provide filters covering the 100-1000 

MHz frequency range that will in turn yield greater than 40 

dB attenuation at the second and higher order harmonics; let 

Nf be the number of contiguous band filters. 

First, determine the number of octaves included in this band: 

100-1000 MHz ( an octave is a 2:1 frequency ratio). 

Then: 

(1) 100-200 MHz 1st octave 

(2) 200-400 MHz - 2nd octave 

(3) 400-800 MHz - 3rd octave 

Then: log 10  
Nf = log Ki 

and 

Ki=(antilog 10)/4 = 1.77827941 

(see Fig. E-1) 

If 5 filters were to be used, which number will be determined 

upon evaluation of filters chosen for this task, then, ( see 

Fig. E-2) 

if Nf=5 

Then 

Ki=(antilog 10)/5 = 1.584893192 

Assuming 4 or 5 filters, then develop Table 1  

Table 1  

VSWR Passband of Filters 1-4 or 1-5 
(4) 800-1600 MHz - 4th octave ( up to 1000 MHz is all the 

coverage that is required however, Ki  1 2 3 4 5  

or 1.78 Nf=4 100-178 178-316 316-562 562-1000 - 

On: octave number is an integer: On 2Nf . If one is to 1.56 Nf=5 100-158 158-250 250-395 395-628 628-1000 

evenly distribute the filters such that: Note all logarithms 

are to base 10. 

[11 Ki = fc ( VSWR) high  is about the same for all 
f operate(VSWR) low 

filters, then given: KNf= le - 10 

then for each filter Ki 

(2] K(Nf)=10= Kin) etc.; Nf=4 ( filters minimum) 

(A) 
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From Fig. E-4 for N(f)=4 or 5 given Ki=1.78 and Ki=1.58 

respectively, assuming an elliptic- like response device is 

compatible with other electrical parameters, ratings, etc.; 

Then: 

The ratio of the lowest 2nd harmonic frequency ( 2fL) to 

highest passband ( VSWR) frequency ( fell) for Nf=4 and 5 are 

(S) 
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as given in Table 2 are not generally considered practical) it becomes apparent 

Table 2 

Filter 1 Filter 2 Filter 3 Filter 4 Filter 5 
(2fL/fcH) ( 2fL/fcH)(2fL/fcH)(2fL/fcH)(2fL/fcli) 

Nf=4 200/178= 
1.123 1.123 1.123 1.123 1.123 

NE15 200/158= 
1.26 1.26 1.26 1.26 1.26 

From Fig. E-2, [( 2fL/fcH) - 11=0.123 absissa ( frequency scale) 

and: rejection + return loss- 60 dB ordinate. If return loss 

is selected as 

+ 20 dB return 

(absissa value 

20 dB VSWR approx. 1.25:1) then 40 dB rejection 

loss = 60 dB at 0.123 and 0.26 respectively 

on Fig. E-4). 

For Nf=4: at 0.123 ( abissa) and 60 dB: rejection + return 

loss ( ordinate) one finds n=11 ( elliptic) filter. ( see mark 

For Nf=5: at 0.26 ( absissa) and 60 dB on ordinate. ( see 

mark "x"),n=9 ( elliptic) filters, ( Fig. E-2). 

If on the other hand one wishes to use an all-pole 0.01 dB 

ripple Chebishev, ( of practical construction) ladder network 

series coil, and shunt capacitors, with no finite frequency 

traps 

Then: for n=19 the ratio: fcH/2fL=1.36 for 40dBc attenuation, 

(note: Chebishev filters having more than 19 elements, 11%19 

(C) 

that 

(see 

If: 

MHz, 

Then 

additional 10-1000 MHz band segmentation may be necessary. 

Fig. E-3 and Table 3. 

fcH/2fL = 1.36 then solving for Nf ( minimum), fL(1)=100 

then 1.36 fcH -2fL =200 MHz 

fcH(1)-200/1.36=147 MHz 

Proof: 1.476= 10 = 10.09029837 

Please be aware that the Tables and graphs given herein Do Not 

List Theoretical Values. 

Figures E-1, E-2 etc. are self explanatory. For all- pole 

(equi-ripple passband and monotonic reject band) Chebishev 

filters the reject band attenuation ( dB) given by 

[Eqn. 51 

dB @ fx 10 logf[..1 + log -lawr(dB)]cosh 2 cosh -LUcH l[ \ fx> fcH 

where: [ fx(d13] is the frequency of x(dB) of rejection et r 

is the specified pass band ripple ( dB) 

fcH is the theoretical passband upper end, i.e. equi-ripple 

band edge. Table 3 gives the ( practical) values of the re-

jection and frequency parameters for 0.01 dB ripple ( r) 

in the pass band for various practical n odd values. Practical 

filter intrinsic-matched conditions, VSWR values between 1.25 

& 1.4:1 will in general be obtained depending on practical 

component tolerances. Table 3 lists ( practical) ratios of 

f(xdBecH 

(D) 
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HIGH EFFICIENCY POWER AMPLIFICATION WITH 
OPTIMALLY LOADED HARMONIC WAVESHAPING 

by 
William McCalpin 

High efficiency power amplification is achievable by utilizing harmonic 

waveshaping techniques to control the collector voltage and current waveforms. 

By appropriately manipulating these waveforms, the collector- voltage current 

product is minimized; thus, the power dissipated in the device is reduced. The 

goal of the waveshaping is to approximate a switching type device which has 

at least one abrupt step in either voltage or current in order to reduce the 

time in which both are present. This can be accomplished by pulsing the 

input to produce a square current waveform and employing the device as a 

saturated current source with a load network that will create a first approx-

imation of a half- sinusoid voltage. 

To elucidate the realization process of the RF amplifier made, five main 

points are presented: the need for Class F operation, a description of Class F 

amplification, a Fourier analysis of the waveforms required, the practical real-

ization of the amplifier and the data and analysis from operation and testing. 

Power amplification is separated into several modes of operation having 

various maximum theoretical efficiencies and output powers. In practical terms, 

operation in all of these classes is in suboptimum conditions due to losses, 

bandwidth and drive level requirements, and saturation limits of the active 
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device. For our application, an amplifier output level of 50 watts at a single 

frequency of 425 MHz is used, so it is expected that the practical data should 

come close to the theoretical limits of the class of operation. 

For this particular frequency and output level, Class F was chosen 

because high efficiency was required and there exists inherent problems with 

high efficiency operation in other classes at this carrier frequency. Class A 

linear amplification was avoided because an optimum efficiency of only 50% at 

maximum power output is possible. This limit exists because the device and 

the load receive the same amount of power from the supply. The most common 

form of Class B amplification is a transformer coupled push-pull configuration 

with a maximum theoretical efficiency of 78.5%. Class C has a maximum effic 

iency between 85 and 90% depending on the angle of conduction; however, at 

UHF frequencies it has relatively low efficiency. Class D utilizes the notion 

of a switch in order to reduce device dissipated power which brings the theor 

etical efficiency to 100%. However, in order to reasonably simulate the switch 

inri action, an active device of 25 to 30 times the fundamental frequency is 

required. The fundamental frequency of our amplifier was set at 425 MHz 

which puts the fT too high for a UHF device to reasonably simulate a switch. 

Class F models the device as a saturated current source and utilizes 

a load network that resonates at harmonic frequencies as well as the funda 

mental. Class F efficiency is limited in that fully switched waveforms are not 

possible because the power dissipating in each switching transition cannot be 

reduced simutaneously. 1 In addition, the waveshaping in Class F requires an 



for all- pole Chebishev filters. Where04 = 0.01 dB ( passband 

ripple) 

Table 3 

Table of Practical Values of f(dB)/fe(high) for x dB Rejection 
for 0.01 dB ripple, practical, VSWR: 1.25:1 Chebishev all-pole 
ladder 

n 20dB 30dB 40dB 50dB 60dB 70dB 80dB 90dB 

7 

9 

11 

13 

15 

17 

19 

1.8 

1.52 

1.42 

1.32 

1.23 

1.15 

1.12 

2.15 

1.80 

1.73 

1.50 

1.37 

1.28 

1.21 

2.75 

2.15 

1.85 

1.70 

1.55 

1.44 

1.36 

3.4 

2.5 

2.1 

1.90 

1.72 

1.60 

1.52 

4.2 

3.0 

2.42 

2.15 

1.94 

1.77 

1.64 

5 

3.5 

2.75 

2.38 

2.15 

1.95 

1.78 

4.0 

3.1 

2.65 

2.36 

2.14 

1.90 

2.60 

2.30 

2.06 

FIG. E-3 might well be a graphical specification for a set 

of 6 filters spanning the 100-1000 MHz power passband where 

Ki=1.47 and 40dB is obtained as harmonic rejection. 

Additional figures show Typical-All-Pole-Lowpass Filters. 

Table 4* 

Passband VSWR/ripple ( dB) 

2 1.811.5 11.4 1.36' 1.3 1.24 1.2 1.1 I 1.05 1VSWR I --- 
ripple 0.51 I 0.3/ 

I 

0.011 0.0026 0.18 0.12 0.10 0.07 0.05 0.035 

* Ref: Cir-Q-Tel, Inc. catalog ( since 1962) page 35, Table 28 
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fT of only 10 times the fundamental frequency which is more within the limit-

ations of an active UHF device. "Second Harmonic Peaking" is a variation 

that uses a second harmonic resonator to include the second harmonic component 

in the collector voltage making a first approximation of a half- sinusoid. The 

device produces a square collector from a pulsed input. The collector wave-

forms and a circuit containing the second harmonic resonator are given in 

Figure 1 below. 

d 

• 2 • 

O 

• 

Figure 1 

Circuit and waveforms from Fourier Analysis, See Raab, F.H. " Analysis of 

Second- Harmonic-Peaking Power Amplifier", May 1982, pp 2-3. 
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The second harmonic resonator in Figure 1 ( represented by L2/C 2) 

presents a load to the second harmonic which is included in the collector vol 

tage waveform. The fundamental resonator shunted to ground acts as a low 

pass filter to the second harmonic removing it from the output, thus the load 

only dissipates power at the fundamental frequency. 

A Fourier analysis of the collector waveforms, given by F.H. Raab ?, 

clarifies the increase in efficiency due to the harmonic loading. With the 

second harmonic resonator, the collector voltage waveform is represented by 

Vc(e) Vcc VomSin e V2m[06 2e. 

Because the second harmonic sine wave is centered in the middle of the 

voltage waveform it cannot flatten the collector voltage and is therefore not 

included. Maximum flatness is achieved when the second derivative is zero 

which implies that the switching transition has become abrupt. The first two 

derivatives of the collector voltage are given below. 

(e)/6e vomcos e - 2 v2msio 2e 

2vc(e)/(ae2 - - V0 sin e - 4 V2mcos 26 

By setting the second derivative equal to zero and theta equal to three 

pi over two it is observed that 

- (-VO».,) - 4 

or 

V 2M " V OM/4. 

CZ CI = I= I= =à Cà 
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If the minimum collector voltage is to be zero, and if Vail is negative The input power is the product of the supply voltage and current and 

one fourth Vom when theta is three pi over two, then is therefore 

and 

O .• VConin • VCC VON 

or 

VON »( 4/i) VCC' 

ri. vCC DC CC 

With this information the performance of the power amplifier can now be 

determined. The collector efficiency of the P.A. is the ratio of the output 

power to the supply power input or 

vC « V + VOM V21.1-  2 
eff. * PO / Pi * ( (9/9) V / R) / ( FI / 3) Vcc2 / F •max CC 

CC 

or ... (. 849) * 100% * 84.91 

vConax = (813) VCC' 

The powei output is therefore 

Po • V201-1 / 2 R (8/9) V 2 / R 
CC 

Since the device produces a square collector current, the values of the DC 

input current and the peak collector current can be evaluated from the 

collector voltage. 

lom * Vom / R (4/3) V_,../ R 

Because the collector current is a squarewave 

Iom • ( 2/PI) IConax 

or 

1C,max * (2 PI / 3) V / R CC ' 

and if the DC input is half the maximum collector current, then 

IDC • ( PI / 3 ) V / R. 
CC 
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The normalized power output capability is defined as the ratio of the 

power to the product of the peak collector voltage and the peak collector current 

or 
P * P /V max * I • max 
2max 0 C, C' 

* (8/9)Vcc / F) / ( ( 8/9)V * (2 Fl / 
CC CC 

* ( 1/2 PI ) * 0.159. 

For comparison the normalized power output for a Class C amplifier oper-

ating at 85% efficiency is calculated to be equal to 0.112. Thus, a high theor-

etical efficiency and normalized power output is attainable by manipulating the 

second harmonic component in a Class F amplifier configuration. 

A pulse amplifier using the theoretical analysis described above was con-

structed that operated at 1425 MHz with a peak power output of SO watts. The 

circuit construction used is given below in Figure 2. The transmission lines 

shown serve two purposes, one is to match the low output impedance of the 
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device collector to the standard 50 ohm output, and the other is to present 

the second harmonic loading required to produce the desired waveform at 

the device collector for Class F operation. 

C C 

21010t2 2 

The first step in matching the collector impedance of the device used to 

the circuit output is determinimg the impedance looking back at the device from 

the transmission lines. A model of the device used in the circuit design is given 

below. 

DEVICE 

cor 

 re-5'Yr\  

LOAD NEIVORX 
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Where: 

L .8 nH 

COB . 39 pF (measured at 1/2 

R ("CC - Vsat)2 / 2 F0 

( 25 ) 2 / 2 * 50 watts 

Z * 4.45 / - . 163 

ZL . 4.39 -J.721 at 425 81/18 

V. 14V 
CC 

Vsat" 3V 

. 6.25 ohms 

In order to calculate the circuit elements neces3ary to match the 

device collector impedance to 50 ohm and manipulate the second harmonic 

loading, a computerized circuit optimization program was used. Withe the stubs 

modeled as shunt capacitors, ( at the fundamental frequency) the optimized 

dimensions for the microstrip fines were calculated. The result values are shown 

in Figure 4. 

50 17 

=•, 

FIGURE 4 

. 4 7 c I 

The optimized capacitance values were then used in a microstrip stub 

program which iterates the process of calculating an accurate value of Eeff 

from the dielectric thickness and the Ereiof the Teflon fiberglass material. From 

this, the dimensions of the stubs and the speed of the wave in the line were 

determined. The two stubs are lambda over eight in length at the fundamental 

frequency or lambda over four in length at the second harmonic Points A and 

I= I= I= II= 1= II= =I =11 
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B on Figure 5 are open circuited which translate through a lambda over four 

stub transformation to present a second harmonic short to ground, thus pro-

viding the low-pass filter shown in Figure 1. Moving back towards the 

device collector from the circuit output, the second harmonid shorts at points 

A' and B' translate through the lambda over four lines to a high impedance 

which presents a second harmonic load at the collector. 

•i/F 

A' 
50 re?. 

FIGURE 5 

The remainder of the circuit elements in Figure 2 are positioned to 

provide DC supply to the device collector while maintaining stability in the 

circuit. The series capacitors on the input and output are 510pf chip capac-

itors for DC blocks. The inductor- resistor branches are ferrite core wire 

would inductors with a 15 ohm resistor to provide a supply path while presen-

ting an open circuit to the RF power. The left-hand capacitor on the supply 

branch is a 1500 MF charge storage capacitor to preserve the squareness of 

the current pulse at the collector by preventing pulse slump and poor rise 

time. The right-hand capacitor is a . 1 MF parallel plate bypass capacitor to 

bring RF ground to that node to prevent any RF power from entering the 
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power supply or meters. 

Along with the circuit in Figure 2, a circuit with exactly lambda over 

eight transmission lines, and a circuit with the optimized line lengths but 

using tuning capacitors instead of the stubs were constructed and tested for 

comparison. The three confiourations are shown in Figure 6. 

li d 

Circuit 1 

2Ve, --+ Circuit 2 

11•/e 

FIGURE e 

The data below shows the device collector efficiency, overall efficiency, 

and overall gain of the three amplifier configurations, where: 

Collector efficiency • PO / VCC * ID.C. 

Overall efficiency = PO — Pi / VCC* 1D.C. 

Overall gain 10 Log ic, ro / ri 



High Reliability Electromechanical Switching 

by 

J. Hoffman and H. C. Bell, Jr. 

Wavecom/Loral 
903u Winnetka Ave. 

Nortnridge, CA 91324 

Abstract 

Recent developments and industry trends in electromechanical 

switching are presented. Switch life, measured in millions of cycles 

per switch position, is compared between what is obtainable in the 

laboratory and what switch manufacturers will guarantee. The 

maximum frequency of operation, recently extended from 19 to 26.5 Ghz, 

can be expected to reach 40 Ghz soon, with the connector performance 

being the critical factor. Switch configurations of the single-pole n--

throw and transfer types are standard, and new configurations include 

the "S-switch" and n-port matrix switches. Drivers are available with 

TTL and optional BCD decoders built into the switch. Switch design 

and fabrication techniques are focused on high reliability, including 

materials and processes for spacecraft and operating vibration levels 

up to 82 grms. 

Introduction 

When the subject of high reliability electromechanical switches 

comes up, the first question that is usually asked is "why 

electromechanical switches in the age of solid state" Comments then 

follow about the lower reliability of components with moving parts. 

The purpose of this paper is to present performance characteristics 

of electromechanical switches currently available that are accurately 

described by the term "high reliability." 

Besides having no moving parts, solid-state switches have the 

advantages of very fast switching time and small size. The 

disadvantages of salid state switches generally include higher loss, 

less isolation, higher SWR, lower power handling, and higher price. 

Also, solid state switches do not offer many of the options that are 

available with electromechanical switches. 

The type of switches described will be limited to those with 

coaxial RF connectors only. 

Switch Operation 

The functional block diagram of an electromechanical switch is 

shown in Figure L The actuator provides the neces,ary mechanical 

forces to perform the switching functions, which take place in the RF 

head. The key parts of the actuator are at least one solenoid 

(including a coil and plunger), and rockers and springs as required by 
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Circuit 1 lambda over eight transmission lines with tuning capacitors 

C1 33.4 pF and C2 18.1 pF. 

Pin 15 W , P 73 W, Vcc 28 V , lc 4.3 A 
out 

Collector eff. • 60.6% 

Overall eff. 48.2% 

Overall gain 6.9 dB 

Circuit 2: optimally matched transmission lines with tuning capacitors 

of CI - 24.0 pF and C2 8.45 pF. 

Pin 8 W' Pout 54 W ' VCC 28 V 

Collector eff. • 71.4% 

Overall eff. 60.8% 

Overall gain 8.3 dB 

, le• 2.7 A 

Circuits 3: optimally matched transmission lines with lambda over 

eight stubs. 

27.9 V , lc 2.2 A 
ein 7.7 W ' Pout 51 W VCC 

Collector eff. • 83.1% 

Overall eff. 70 1.5% 

Overall gain .• 8.2 dB 

a small dip in the supply current, however, a relatively hioh level of effic -

iency was maintained over a 20 MHz bandwidth. Because a trade-off exists 

between gain and efficiency due to the fact that the collector waveforms can 

be overdriven to produce sharper edges, the data in Figures 7 and 8 was 

tuned for optimal efficiency and gain simultaneously to more accurately por-

tray th « fiequency response shown below 3 

60 

E 
i 70 

e 60 

10 

9 

The above data was optimized and measured after careful tuning. The e 

increase in efficiency is believed to be primarily due to an improvement in 
b* 7 

impedance matching along with a drop in the supply current necessary to 

maintain the specified output level. As shown in Figure 7 below, the highest 

efficiency was attained in a tight notch at 425 MHz. This notch is caused by 
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the actuation mode. The RF head includes the RF connectors, center 

conductor probes, and reeds (contacts). 

The driver circuit may be internal or external to the switch, and 

provides the selected actuation voltages. Optional indicator circuits 

permit external monitoring of the switch position and operation. 

Figures 2 tnrough 4 illustrate the common types of actuation 

available in an electromechanical switch. In the latching configuration 

(Figure 2) the switch remains in a position until a new control 

voltage is applied to another position. In the normally open 

configuration (Figure 3) so position is connected until power is 

applied, and the position is disconnected when power is removed. In a 

failsafe switch (Figure 4) one position will remain connected whenever 

power is removed. 

Design Reliability 

The industry standard guaranteed switch life currently being 

offered by switch manufacturers is one million cycles per position. 

Much longer life has been obtained in the laboratory, including a 

Wavecom SP6T switch which performed for more than 27 million cycles 

per position. 

Actuator. The actuator subassembly is the most critical part 

of the electromechanical switcn from a reliability standpoint. 

Referring to Figure 2, the actuator must provide a vertical force 

witn no horizontal irromponent. Any norizontal force will cause chatter, 

wear, stress, fatigue, and eventual failure o; the switch. A properly 

designed solenoid has parts which are independent of each other, 

resulting in a minimum of interference, and is capable of 150 million 

cycles with no impairment of function. 

Reed. The second most important part of the switch is the reed, 

which provides the electrical contacts. Two prucesses must be 

performed correctly on the reed: heat treating and gold plating. 

These processes are usually developed and maintained in a proprietary 

status by each switch manufacturer. In achieving the 27 million 

cycles per positicn mentioned abr.:ve, there was no change in 

insertion loss. 

Temperature. The parts of a switch which are affected the most 

by temperature extremes are springs and solenoid coils. Standard 

spring steel will stiffen at -34 deg C and will soften and lose 

tension at +120 deg C. A special corrosion-free spring material which 

stiffens at -100 deg C and softens at +370 deg C may be used 

instead. Coils may be constructed to function from -85 to +190 deg 

C. Using these techniques, an electromechanical switch will operate 

from -60 to +135 deg C with no degradation in loss, SWR, or isolation. 

Vibration. Wavecom switches in a normally-open multi-position 

configuration have passed operating tests with up to 82 grms random 

vibration. 

Spacecraft. The manufacture of high reliability switches for 

space systems may require more material traceability and process 
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A spectrum analyzer was used to probe along the series transmission 

lines to determine the harmonic component at different locations. Figures 9 

and 10 show the harmonic response for the optimally matched transmission 

lines with and without the stubs respectively. ( The stubs replaced by 

tuning capacitors). 

0 dB 

-25 dB 

-8 dB 

fo 210 3 0 

Relative 

di 

Circuit 2 
(No Stubs) 

0 as 

Relative 
dB 

0 as 

Ci cuit 3 
(With Stubs) 

FIGURE 9 
Measured at Point C' in Circuits of Figure 6 

Relative 
dB 

-1- 611d8 44 dB 

1  

4 24 34 . 

Circuit 2 
(No Stubs) 

0 dB 

-29 dB -32 dB 

114131li 10 
Ma d at Amplifier Output 

fo 2f0 3f 0 

Circui 3 
(With S ob.) 
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As shown in the data above, there is more second harmonic compon-

ent in the circuit with the stubs acting as a second harmonic load, yet the 

second harmonic component is removed from both when probed at the output. 

Since the efficiency increased from Circuit 2 to Circuit 3, it can be concluded 

that this rise in efficiency is due to the waveshaping caused by the harmonic 

load. It is also possible that a better impedance match resulted from using 

the stubs; however, the junctions of the stubs with the lines can only at 

best be approximated in a practical sense and is therefore difficult to deter 

mine for certain. 

Thus, it has been demonstrated that high efficiency and power output 

are available in practical terms at a UHF radio frequency of 425 MHz. At this 

carrier frequency, a collector efficiency of 83.18 with a gain of 8.3 dB was 

achieved usina the second harmonic waveshapino techniques and impedance 

matchina described above. 



Options 

Internal terminations. All positions may be independently 

terminated in 50 ohms, with a 1.5 SMR maximum and 5 watts CM 

dissipation to 26.5 Ghz, . 

Indicators. As a result of recent improvements in indicator 

circuits, the same lifespan is now possible for indicators as for the 

RF switch. Typically after a million cycles, the indicator 

resistance is less than 0.5 ohm. 

Driver looic. Most switch applications now involve computer 

control. Electromechanical switches can interface to IEEE 4E% HP-IB, 

BCD/CMOS and TTL logic. In effect, almost any type of electronic 

interface is possible, either internal or externaL The driver circuits 

can also control other circuits besides the switch. 

Conficlurations. Figures 8-11 show the details of SP2T failsafe 

and latching switches, and SP6T failsafe and normally open switches. 

These are representative of conventional configurations. 

these types of switches include normally open with 

Options in 

failsafe to 

position 1, break before make, and either electronic or mechanical 

make before break (capable of hot switching). 

Figure 12 is a schematic of the common transfer switch, which 

permits switching between the combinations 1-3, 2-4 and 1-2, 3-4. A 

more general type is the "S-switch" shown in Figure 13. This adds the 

combination 1-4, 2-3 to those of the transfer switch. 

Another type of configuration is called a matrix switch (not to 

be confused with a switch matrix), as snown in Figure 14. The center 

position is a dummy one that has no external connection. By 

appropriate actuation, any two external ports can be connected to 

each other through the center, with all other ports open or 

terminated internally. Variations are possible such as adding reeds 

DC between adjacent ports, which allows the simultaneous connection of 

27 

certain port pairs. 

Applications 

Because of the increasing reliability and performance of 

electromechanical switches, they are now being used routinely in high-

reliability space, airborne, missile and ground systems. They continue 

to be widely used in test equipment, instrumention and communication 

systems. 



FOOTNOTES 

1 
Frederick H. Raab, Ph.D., "Fundamental Limitations in Class E and Class- F 

Power Amplifiers, " Green Mountain Radio Research Co., Copyright 1982. 

2Complete Fourier Analysis by 

Frederick H. Raab, Ph. D., "Analysis of Second- Harmonic- Peaking Power 

Amplifier", Green Mountain Radio Research Co., Copyright, 1982. 

3David M. Snider, " A Theoretical Analysis and Experimental Confirmation of 

the Optimally Loaded and Overdriven RF Power Amplifier", IEEE Transactions 

on Electron Devices, Vol, ED- 14, No. 12, December 1967. 

BIBLIOGRAPHY 

1. J.H. Johnson, High Power Solid State Circuit Design, Unpublished 

Paper, 1985. 

2. H.L. Krauss, C.W. Bastian, and F.H. Raab, Solid State Radio Engineering, 

New York, John Wiley and Sons, 1980. 

3. F.H. Raab, Analysis of Secand-Harmonic-Peaking Power Amplifier, Green 

Mountain Radio Research Co., Copyrloht, 1982. ( RN82-26). 

4. F.H. Raab, Fundamental Limitations In Class- E and Class F Power 

Amplifiers, Green Mountain Radio Research Co., Copyright, 1982 ( RN82-18) 

5. D.M. Snider, A Theoretical Analysis and Experimental Confirmation of the 

Optimally Loaded and Overdriven RF Power Amplifier, IEEE Transactions on 

Electron Devices, Vol, ED- 14, No. 12, December 1967. 

126 

= I=1 I=1 e!!! = 



control than is required for other applications. Depending on system maintaining close mechanical tolerances in fabrication, good SWR 

requirements, some materials and parts may be prohibited due to performance is possible. 

outgassing or radiation sensitivity. Taking these into account, The absolute upper frequency limit is determined by the 

electromechanical switches are well-suited for space applications, isolation, which results from the waveguide-below-cutoff 

characteristic of the RF cavity. As more switch poles and positions 

Performance are added, the high frequency performance suffers due to the size of 

RF characteristics. Single-pole switches with two through six the RF cavities. The maximum operating frequency for some 

positions and SMA connectors are capable of the following performance representative production switches are 

through 26.5 Ghz: 2P2T 24 Ghz 

SWR L5 maximum SP8T 19.5 Ghz 

Insertion loss 0.5 db maximum SP1OT 18 Ghz 

Isolation 60 db to 18 Ghz SP12T 12 Ghz 

50 db to 26.5 Ghz Using new designs, switches in the pre-production stage include 

Swept-frequency performance data are shown in Figures 5-7. SP2T, 2P2T, SP4T and SP6T configurations which operate up to 40 Ghz. 

Until recently, the industry standard performance was only up §mitelinsi. The industry standard switching time has been 20 ms. 

to 18 Ghz. This was extended to 26.5 Ghz through careful refinement This has been reduced to less than .7 ms for normally open and 2.5 ms 

of the design. The high frequency SWR performance is determined by for latching modes. A switching time of less than 1 ms can be 

the electrical characteristics of the connector and the RF cavity (see expected in the near future. 

Figure 8). The SMA connectors used are very rigid and not Power handling. The power handling capability of 

susceptable to damage from many matings, and they perform better electromechanical switches is limited usually by that of the RF 

than APC 3.5 mm or k connectors through 26.5 Ghz. Sources of connector. 

discontinuities which affect the SWR are the transitions from the coax 

probes to the reed, and the teflon guide pins in the sides of the RF 

cavity. By experimentally matching out these discontinuities, and by 
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MODULATION TECHNIQUES FOR BIOTELEMETRY 

by 
Robert W. Vreeland 

Senior Development Engineer 
University of California, San Francisco 

Research and Development Laboratory 
533 Parnassus Avenue, Room U-10 

San Francisco, Calif. 94143-0702 

Biotelemetry can be defined as a means of wireless 

transmission of physiological data. Transmission can be via 

radio, infrared or ultrasound. The frequencies of interest 

range from DC for temperature telemetry to several thousand 

Hertz for muscle voltage monitoring. 

In aerospace biotelemetry, the telemeter is carried in the 

aircraft or spacecraft and need not be extremely lightweight. 

This is not the case, however, when ambulatory people or animals 

40 MFd 

MODULATION 

TANK COIL 

0.001 

1-0 
SCALP 

180 
ELECTRODE 

Fig. 1. A 100 MHz self excited oscillator. The transistor is 

a 2N835. Modulation sensitivity is adjusted by 

selecting the biasing resistor ( R1). The batteries 

are miniature 1.35 volt mercury cells. 

Although transistor manufacturers don't like to mention the 

must be monitored. Ambulatory biotelemetry has necessitated the fact, the junctions in bipolar transistors are actually voltage 

development of a number of interesting battery saving controlled tuning diodes. Telemeter designers soon learned to 

techniques, utilize this property as a method of frequency modulation. A 

Probably the first ambulatory biotelemeter was developed by base to emitter signal of only about a millivolt was found to 

Norman Molter. It was about the size of a five gallon water can produce adequate deviation at 100 MHz. This meant that the 

and had to be carried on a pack board. This was followed in amplifier for telemetering a 50 microvolt EEC ( brain voltage) 

1952 by a compact telemeter using Raytheon subminiature tubes signal need have a gain of only 20. 

(1). A major problem with these direct FM transmitters was 

The advent of the transistor led to renewed interest in motion artifact due to detuning of the transmitter when the 

ambulatory biotelemetry in the late fifties and early sixties person being telemetered moved his hand near the tank coil. The 

(2-6). These early telemeters usually exployed self excited problem was solved by using an FM- FM system with a frequency 

oscillators operating in the 100 MHz FM broadcast band ( Fig 1). modulated audio subcarrier. This technique is still used in 

This circuit utilized the patient as a transmitting antenna. most EKC ( heart rate) telemeters. 
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Figure S. SP2T latching switch. 
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Figure 9. SP2T failsafe switch 
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Figure 10. SP6T failsafe switch with terminations. 



Hand capacitance detuning is a problem only when low 

frequency signals such as heart voltage or brain voltages are to 

be telemetered. In the case of higher frequency signals such as 

muscle voltage, the movement artifact can be removed by high 

pass filtering. We have used this technique in a simple 

multiplex telemeter for muscle voltage and muscle tension ( 7). 

Direct FM was used for the muscle voltage and a high frequency 

subcarrier was used to transmit data from the muscle tension 

strain gage. 

Much of the early interest in biotelemetry was for EEG 

(brain voltage) studies. A typical application was the location 

of a seizure focus by implanting multiple electrodes within the 

patient's brain. A continuous multichannel recording was made 

day and night until the patient had a seizure. The focus was 

then located by observing which electrodes detected the 

strongest signal. The epilepsy could then be treated by 

destroying a small portion of the brain at the seizure focus. 

This was usually done by heating the brain with a radio 

frequency probe. Cases of this type are now usually treated 

with drugs rather than surgery. 

In the beginning, multiple channel recording was done with 

a separate transmitter for each channel. This was soon found to 

be impractical. The 1RIG format of multiple FM subcarriers was 

then used to some extent ( Fig. 2). However, it had a fairly 

heavy battery drain because a separate subcarrier oscillator was 

required for each channel. Continuous operation of the 

transmitter and all subcarrier oscillators was required. 

It soon became evident that the best way to conserve 
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Fig. 2. The IRIG format of Fig. 3. Pulse position 

multiple subcarriers modulation can be 

was used in some early generated by a 

telemeters. Its major train of pulse 

disadvantage was width modulated 

excessive battery drain. one- shots. This 

circuit uses 

SN518R one- shots. 

They are modulated 

by SN524A ampli-

fiers. 

battery power was to pulse the carrier on and off. As early as 

1961 Kamp and Storm Van Leeuwen (8) used a combination of pulse 

width modulation and pulse repetition rate modulation in a two 

channel system. Although a third channel could have been added 

11= 1= 1=1 =1 e= 
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Figure I. Functional block diagram. 
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Figure 3. Normally open switch. 
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Figure 2. Latching switch. Figure 4. Failsafe switch. 
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by employing pulse amplitude modulation they recognized that 

this would have been undesirable because of amplitude variations 

due to signal fading. 

A typical hard wired electroencephalograph machine has 

eight or more channels. Researchers have always wanted to 

telemeter that number of signals with low battery drain. In 

order to do this, various pulse coding schemes have been tried. 

The simplest and most commonly used is pulse position 

modulation. In this system, the spacing between any adjacent 

pair of pulses represents the height of an amplitude sample for 

a particular channel. The data samples for the various channels 

are transmitted sequentially. At the end of the pulse train 

there is either a synchronizing pulse or a synchronizing space. 

A new pulse train representing the next set of amplitude samples 

is then transmitted. 

One of the earliest pulse position modulation telemeters 

used a chain of pulse width modulated one shots separated by 

buffers ( 9) ( Fig. 3). The buffers introduced a short delay 

between adjacent one-shot pulses so that a pulse train was 

generated when the one-shot outputs were combined in a NOR gate. 

This pulse train triggered a one microsecond one-shot which in 

turn keyed the transmitter. Each pulse train was initiated by a 

clock pulse. There was a synchronizing space at the end of each 

pulse train. 

The received pulses were fed serially into a shift register 

with parallel outputs for the four data channels. At the start 

of each received pulse train a reset one-shot was triggered. 

Its time constant was chosen so that it would time out during 

the sychronizing space at which time it reset the shift 

register. Other investigators ( 10) have used a synchronizing 

pulse rather than a synchronizing space. This, however, 

required special circuitry to distinguish betueen the 

synchronizing pulse and the data pulses. 

Ne subsequently built a six channel telemeter using the 

same basic multiplexing one-shot chain ( 11). This technique 

worked well but did not make the best use of available battery 

power. 

In order to prolong battery life, we decided to eliminate 

the one- shots and substitute a ramp generator and a voltage 

comparator. These circuits were common to all of the nine data 

channels ( 12). The data channels were sequentially connected to 

the comparator by CD4016 CMOS switches ( S1- S9) ( Fig. 4). 

Fig. 4. A simplified block 

diagram of a nine channel 

pulse position modulation 

telemeter. The signal 

input switches are 

CD4016s. A MMT3823 J FET 

is used to dump the capaci-

tor in the ramp generator 

after each data sample. 

Pulse spacing is determined 

by the reference level 

set on the comparator by 

the input signal sample. 

Actually eighteen switches were used because each input was push 

RAMP 
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Figure 11. SP6T normally open switch. 

2 0  0 4 
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Figure 12. Transfer switch schematic. 

Figure 13. "S-switch" schematic. 
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Figure 14. Matrix switch schematic. 
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pull. Sequencing of the switches was done by a CD4017 shift 

register. The selected signal channel was amplified by the 

common pre- amplifier and used to es.ablish a reference level on 

the voltage comparator. If the signal level was high, the 

reference level was high and it took the ramp generator longer 

to run up to this reference level. When the reference level was 

reached, the comparator dumped the ramp generator integrating 

capacitor via a J FET. It also pulsed the transmitter on and 

shifted the shift register to enable the next input channel. 

After all nine channels had been sampled there was a 

synchronizing space. A clock then reset the shift register. 

This circuit eliminated the need for separate 

pre- amplifiers and separate pulse width modulators for each 

channel. The elimination of separate preamplifiers was due to 

the low noise characteristics of CMOS switches. This property 

of CMOS is not well known. Let us suppose that we are switching 

with a single MOS FET other than CMOS. The sate must be pulsed 

high to close the switch. Since the line we are switching is 

high impedance ( 200K ohms) a portion of the control pulse will 

be coupled via the gate to channel capacitance into the signal 

line. Now, let us assume that we are using a CMOS switch. This 

consists of a P channel MOS FET in parallel with an N channel 

MOS FET. Since these two MOS FETS require opposite polarity 

control pulses the portions of the control pulses that are 

capacitively coupled into the signal line effectively cancel. 

This circuit worked well for recording from depth electrodes 

implanted within the brain since the brain signal level was a 

couple of hundred microvolts peak to peak. For scalp electrode 

recording an individual preamplifier for each channel was 

required. 

The NASA people have built an eight channel 0.1 percent 

accuracy pulse code modulation telemeter ( 13). The data signals 

were first converted into pulse width modulation by a ramp 

generator. These pulses gated a 10 MHz oscillator. The 10 MHz 

pulses within these gated pulse trains were counted by a 10 

stage counter. Output from the counter went to a parallel in, 

serial out shift register which in turn keyed the transmitter. 

All of the foregoing telemetery systems were for AC 

signals. Drift is a major problem when DC signals such as 

temperature are telemetered. Fryer ( 14) has used a free running 

multivibrator as a subcarrier oscillator. One of the two time 

constant determining resistances was the temperature sensing 

thermistor. The other was a reference resistor which 

established the zero reference level. The telemetered 

temperature was proportional to the ratio of these two 

resistances. 
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Since the introduction of the microprocessor in the early 70's, there 

have been many improvements in technology. These improvements have allowed 

the microprocessor and its associated control elements to be more frequently 

incorporated into electronic designs. This paper examines some of these 

improvements and discusses them in the context of • new RF signal generator 

design. 

The most significant improvements affected the microprocessor itself. 

Improvements in manufacturing lead to more efficient chip layouts and faster 

speeds which allowed more high-level functions to be included in the 

device. Figure 1 illustrates this by showing the types of functions 

now available in • single package. The resulting reduced chip count 

basic 

which are 

allows for 

a more cost effective design. In addition, the single-chip microprocessor now 

creates the possibility of including high-level control in the lowest levels 

of a design. For an RF design which includes a VCO, the high-level functions 

can include frequency control, linearity correction, leveling, calibration, and 

dynamic loop compensation. There is • device specifically made for TV tuner 

control which includes a simple phase detector and frequency prescaler. 

Additional ROM/EPROM allows for more code to be written which means 

more control features. On-board RAM usually satisfies the software engineers 

programming requirements. In addition, a portion of the RAM can usually be 

battery backed up so that information such as calibration data can be retained 

during power-down conditions. The serial port is useful for providing • simple 

interface to other microprocessors in the design. A programmable timer is 

important in providing those valuable delays associated with real-world events 

such as settling times associated with narrow loop bandwidths. In addition to 

delays, the timer function usually includes an event count feature. This may 

be useful for control event timing during • digital sweep. The I/O ports 

provide a simple parallel interface to control elements such as D/A converters, 

counters, and storage registers. They may also be used to implement a simple 

serial data-bus. 

In more recent devices, !EPROM has been included allowing for non-

volatile data storage without the battery mentioned above. There is, however, 

still • limitation on the number of write cycles for these storage elements. 

EEPROM should still be used only for storing data which is infrequently 

modified, e.g. calibration data. 

The A/D converter opens • whole range of possibilities such as a compre-

hensive self-test and diagnostics as well as calibration of detected RF level 

and modulation circuitry. 

CMOS technology appears to be dominating over older technologies such 

as bipolar ( TTL) and NMOS. The email geometries are allowing for faster speeds 

while retaining the overall low power advantage over the older technologies. 

In addition, a total CMOS design allows for fully static operation. This 

means that the timing element or oscillator of • digital element can be stopped 
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without affecting the state of the digital operation. HCMOS is the nomencla-

ture for high-speed low-power digital devices. 

Improvements in microprocessor design are not limited to the hardware. 

Although the Von Newmann architecture is still retained, instructions have 

been added to the traditional microprocessor control set. 

Software Engineers routinely set end clear flag and status indicators 

just as Hardware Engineers utilize single bit control mechanisms like those 

required by analog transmission gates and relay controls. The System or 

Product Engineer will want to group the non-byte control lines into logically 

grouped, however, highly mixed byte elements to keep the hardware count low. 

This means • lot of software activity on a bit basis. Bit orientated 

instructions which SET, CLEAR and TEST/BRANCH are now available which allow 

more efficient programming and faster throughput. These instructions were 

traditionally accomplished by AND'ing and OR'ing • mask byte to the desired 

control register. The mask byte would affect the desired bits of the control 

register. 

As mentioned previously. HCMOS technology allows for fully static 

operation. Two instructions ( STOP and WAIT) have been added to take advantage 

of this. WAIT causes the microprocessor to halt operation while the on-board 

oscillator remains on. STOP halts the microprocessor operation but shuts off 

the on-board oscillator. The microprocessor returns to full operation through 

its INTERRUPT facility. The microprocessor resumes operation when • restart 

or wake-up signal is applied to the interrupt pin of the microprocessor. 

These instructions provide two important operational advantages: 1) extremely 

low power consumption and 2) no interference to surrounding circuitry 

(conducted) or the external ( radiated) environment while in the STOP or WAIT 

modes. 

When designing an RP' signal generator there are two major control 

considerations which affect the overall instrument performance. The first is 

the user interface ( front-panel keyboard, display and GPIB) and the second is 

the overall control mechanism which manipulates the RP section ( frequency, 

level and modulation). Attention to both of these areas is important to good 

overall user friendliness. 

In general, it is considered to be good practice to keep the processing 

speed of a user orientated device below 100 msec. This will minimize an effect 

called ' rubber-banding. This effect is noticed when the user modifies an 

instrument setting and does not notice an effect on the instrument operation 

until after the next setting has been obtained. If a spin knob or cursor keys 

are used on the front panel, the operator will overshoot the desired setting 

and will have to go through several iterations of adjustment to get to the 

desired operating point. 

The Wavetek Model 2500 RE Signal Generator utilizes the Motorola 

MC146805E2 microprocessor and a serial data-bus control structure. The user 

interface is entirely interrupt driven except for the displays which use 

dedicated drivers for the custom LCD's. 

Either a parallel or serial data-bus structure can be used when 

designing the control mechanism. Since the data-bus will be the mechanism for 

controlling both the front-panel operation and the RF sections, special 
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ABSTRACT 

This paper presents the bipolar integrated input-amplifier 

and frequency-conversion circuitry of an AM upconversion front end 

for car-radio receivers. Thanks to the upconversion concept and 

the excellent performance of the wide-band high-dynamic range 

front end, tuned preselection filters can be omitted, thereby 

eliminating the need for adjustments and reducing production costs 

considerably. Tuning is easily accomplished by varying only the 

oscillator frequency. 

The dynamic range of the front end exceeds 120 dB. Field 

strengths up to about 20 and 200 mV/m can be handled without noti-

ceable second- and third-order intermodulation, respectively. 

INTRODUCTION 

Conventional AM receivers for long-wave and medium-wave re-

ception use intermediate frequencies somewhere between 450 and 490 

kHz. Such receivers need a preselection filter to reject the image 

and other spurious channels. This filter has to be tuned along 

with the local oscillator. Band switches and several adjustments 

are required to ensure adequate tracking. 

Well-aligned receivers with mechanically tuned variable capa-

citors or coils can provide excellent performance, but are expen-

sive. The use of varactors for tuning as an alternative offers the 

possibility of digital synthesizer tuning. However, their non-

linearity reduces the useful dynamic range of the preselection 

filter. Besides, band switches and adjustments are still needed. 

This paper presents the front-end circuitry of an upconver-

'ion receiver for car-radio with a block diagram as shown in 

*Also with: Sagantec B.V., Croy 5a, 5653 LC EINDHOVEN 

The Netherlands 
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Figure 1. The complete receiver has been integrated in a conven-

tional bipolar process ( fTnpn = 400 MHz). Channel selectivity has 

been realized by a low-cost 10.7 MHz quartz filter. The upconver-

sion concept evades the need for tuned preselection. A low-pass 

filter at the mixer input effectively rejects image and local-

oscillator-related spurious responses. However, a proper noise 

match to the whip antenna has to be realized in a wide-band low-

distortion amplifier, since a fixed low-pass filter in front of 

this amplifier would seriously impair noise performance [ 1]. The 

gain of this amplifier has to be kept low because very large input 

signals have to be handled linearly. As a consequence, the noise 

and intermodulation performance of the frequency-conversion cir-

cuits ( mixer and local oscillator) are also very important. 

The first section of this paper discusses a capacitive-feed-

back wide-band input amplifier with an optimally biased bipolar 

input stage. The dynamic range of this amplifier has been extended 

by means of an automatic gain switch, which is activated when very 

large field strengths are present somewhere in the spectrum. 

The second section deals with the frequency conversion cir-

cuits. A double-balanced switching mixer, a negative-resistance 

"one-pin" LC oscillator and a buffer stage maximize the dynamic 

range. In order to accurately fix the oscillator output amplitude 

even with large parameter variations, while maintaining an accep-

table noise performance, a novel type of ACC has been employed. 

INPUT AMPLIFIER AND ACC SWITCH 

amplifier configuration  

The low- frequency equivalent circuit of a car-radio whip 

antenna, including the cable to the receiver input is shown in 

Figure 2. The open antenna voltage is given by 

V h 
a = eff Ea' 

where Ea is the electric field strength and heff is the effective 

height. For a whip antenna, heff equals half its physical length 

1a 



consideration was given to the selection to minimize conducted noise to the RF 

sections, reduce the device count for implementing the data-bus, and maintain 

good overall throughput to ensure good user response The serial data- bus 

easily satisfies the first two design criteria. There is an obvious t.1 speed 

disadvantage over a byte orientated parallel data-bus. The real question is 

-How bad is it? - Measurements made on the Model 2500 show that the entire RF 

Several error conditions can be detected and indicated to the operator 

on the front-panel. Table II lists these as well os two additional status 

lines. 

The 400 Hz clock line is read during the power-up sequence to determine 

if the frequency reference is operational. Since the 400 Hz output is the last 

output in the reference chain, this is just like taking its pulse. An error 

control structure of 112 bits or 14 bytes can be transmitted in lees than 10 will also occur if the rear-panel switch is set to EET REF and the external 

msec. Figure 2 shows a schematic of the data- bus and Figure 3 shows a flow-

chart of the algorithm used to transmit the data. 

Within the control circuitry of the RF section the 74HC595 shift 

register was the primary storage element. These devices were cascaded as 

necessary to complete the control strings. There are six ( 6) control strings 

and a strobe signal. Table / shows the partitioning of the control functions. 

TABLE I. CONTROL FUNCTION STRINGS 

VCO Control 

Frequency Divider 

Modulation 

DDS Programming 

Output Level and FM Deviation Correction 

Status Data 

Register Strobe 

TABLE II. STATUS INDICATORS 

400 Hz Square Wave 

Frequency Calibration 

FM Over-Deviation 

Lo-Loop Unlock 

Main-Loop Unlock 

Reverse Power Protection Trip 
Unlevel 

reference is not connected. 

The other status line is used to implement a frequency self-calibration 

routine for each of the four VCO's. In this routine, each of the oscillators 

is calibrated and the results stored in the battery backed-up RAM. The entire 

frequency vs. voltage characteristic is measured for each oscillator. No 

external equipment is required. 

Another contributor to generator performance is computational through-

put. Microprocessors are not very good number crunchers. While this may seem 

contrary to the primary usage of a microprocessor, the existence of the 

floating-point coprocessor is evidence that the need exists for better 

arithmetic capability. The computation of a transcendental function should 

always be avoided. Floating-point multiply and divide routines should be used 

only when absolutely necessary while the use of add and subtract should be 

minimized. BCD representations are generally very acceptable even though they 

are inefficient for RAM storage. Binary representations are native to the 

microprocessor but are difficult to interpret as the result is usually always 

binary related and not in nice multiples of 10. 
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In conventional receivers, the source capacitance Ca + Ca 

forms an inherent part of the preselection filter. Its reactive 

part is thus tuned out, thereby significantly simplifying the 

realization of good noise and intermodulation performance. It can 

be shown ( 1] that a filter that covers the whole band to be 

received and that includes the source impedance would unacceptably 

degrade noise performance. Therefore a wide-band amplifier has to 

be used. 

A frequency- independent response to the electric field, and 

consequently to the open antenna voltage, is obtained in a capaci-

tive- feedback amplifier according to Figure 3. The gain of this 

amplifier is approximately given by 

Ca 

a 

Note that the cable capacitance ideally does not influence the 

gain. The impedance level of the low-pass filter behind the pre-

amplifier is chosen as high as 470 Q to keep the output current 

low. Insertion loss has been kept small by using an asymmetrical 

filter terminated in the high input impedance of the voltage-to-

current converter of the mixer. 

AMPLIFIER IMPLEMENTATION 

Figure 4 shows the circuit diagradt of the wide-band input 

amplifier. The signal path is formed by the NPN transistor QA , QB 

and Qc . The noise of the circuit is determined predominantly by 

the first two stages. Assuming that the bias current of the second 

stage is much larger than that of the first stage, the spectra of 

the equivalent input noise sources of the amplifier can be appro-

ximated as 

S(v fl ) 4kT{rhA rbB reA"} ' S(1 11 ) 211 8. 

Referring to Figure 5, the spectrum of vaq in series with the 

antenna voltage va can be written as 

134 

s(veq) - l(ca : Cf  I S(v0 ) + S(i). 
a 

The equivalent noise voltage (veq) in a 2.5 kHz bandwidth and for 

rbA rbB 100 Q is depicted in Figure 6 for various values of 

the input-stage bias current. A tradeoff is observed between high-

and low-frequency noise performance. An acceptable compromise is 

obtained at a bias current of 50 µA. The equivalent noise voltage 

than equals 0.8 µV at 1 MHz and 1.5 RV at 150 kHz measured in a 

2.5 kHz bandwidth 

In order to achieve a high loop gain, the second-stage load 

is made very high by means of active bootstrapping (Qf - QA ). The 

loop gain has a dominant pole determined by the impedance level at 

node B. The Impedance is formed by a capacitance with a value of 

about 10 pF. With a feedback capacitance Cf 22 pF, a gain of 

about 0.6 and a bandwidth of 60 MHz is obtained. In order to mini-

mize intermodulation due to high-frequency input signals a smaller 

bandwidth is highly desirable; however, this should not be rea-

lized at the expense of a smaller slew rate. The only appropriate 

technique to reduce the bandwidth without deteriorating, as a 

result of slew-rate limitations, the intermodulation performance 

is the use of phantom zeros ( 2]. A network consisting of two coils 

and a resistor in series with the amplifier input provides such 

zeros. It has been designed such that the amplifier noise perfor-

mance is scarcely degraded and the frequency response is 3 dB down 

at 7 MHz. 

The output stage is biased at a collector current of 6 mA and 

can deliver a peak- to-peak voltage of 4 V to the low-pass filter. 

In low-end applications a fixed feedback capacitor of 22 pF can be 

used. In that case an antenna voltage of about 2 V, corresponding 

to a field strength of 4 V/m can be handled. The total equivalent 

noise ( including mixer contributions) can then have a value of 1.6 

RV . 2.5 kHz). The dynamic range exceeds 120 dB. Second- and 

third-order intermodulation products become noticeable ( i.e. are 

equal to the noise floor) at Input-signal levels of 15 and 100 mV, 

respectively.' These measurement results bring the second- and 

third-order intermodulation-free dynamic range ( IMFDR) to 80 and 

97 dB, respectively. 
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A good compromise is to perform any analog scaling required to give a 

"good" result. For instance the level control DAC is • 10 bit binary device 

with the LSB scaled for 1 mV RMS of RF output. This gives • 1 mffl to 1.024 V 

control range. Logarithmic or dBm representations are obtained by first 

converting the dBm value to volts through the use of a precalculated look-up 

table. The binary result is then applied to the 10 bit DAC. 

The frequency control is primarily BCD. This keeps the reference fre-

quency an even value and simplifies the required arithmetic. 

An interesting concern is the organization of the data strings. It is 

recommended that the data flow be from left to right or LSB shifted out first. 

This means that the most significant byte of • BCD control string will be the 

last to the transmitted in the serial string. Logical control string organi-

zation reduces the amount of manipulations required by the software to format 

the string before it is transmitted. 

One method of improving the user response time would be to run the 

microprocessor clock at • faster rate. The MC146805E2 runs at a 4 MHz clock 

rate which results in a 1 me cycle time due to internal divide by 4 circuitry. 

HCMOS devices are running at toggle rates in excess of 30 MHz. Successful 

experiments were performed at a clock rate of 8 MHz or 2 MHz cycle times, 

however, the standard device is not guaranteed at those speeds. Faster parts 

could be selected by the manufacturer. Vote that a change in processor speed 

affects the value of the delays produced by the microprocessor's timer element. 

The Model 2500 utilizes a single microprocessor to handle both the 

front-panel operations as well as the RF control. The previously described 

clock directed serial data-bus performs the communication to each of the 

sections. An alternate approach would be to have two microprocessors, one for 

each of the required control functions. Communications between each micro-

processor would take place with either a bi-directional serial or parallel 

data-bus. The Model 2500 does use an additional microprocessor to implement 

the standard GPIB communications feature. A parallel 8 bit bidirectional 

data-bus provides the data exchange mechanism. The handshake mechanism has 

been simplified for a two microprocessor implementation. However, a multi-

processor parallel data-bus structure has been conceptualized called Quick-bus. 

It provides a data exchange mechanism for up to 14 microprocessor controlled 

elements. There are 

simplification makes 

applications such as 

arbitration logic is 

device. 

The 

operation. 

used. The 

some similarities to the VME bus operation, however the 

a multiprocessor parallel data-bus practical for 

an RF signal generator or sweeper. The signaling and 

realizable in • simple Programmable Array Logic ( PAL) 

front-panel was designed for maximum flexibility and smooth 

Two custom LCD displays with switchable EL back- lighting were 

modulation and level displays were designed so they are inter-

changeable. The keyboard matrix is implemented with two MSI devices and can 

be expanded up to 64 elements. The spin-knob is • conductive plastic incre-

mental encoder which sells in modest quantities for eight dollars. This is in 

contrast to the optical encoders which sell for 30 to 50 dollars. The keyboard 

and spin knob are serviced on demand through the interrupt service routine. 

The interrupt facility provides • minimum response time for the user. 



Automatic gain switch 

In order to further increase the dynamic range of the input 

amplifier, the gain is switched automatically to a lower value as 

soon as a certain input level is exceeded. Figure 7 shows the 

basic implementation, where the position of the switch has been 

chosen such that it has no detrimental effect on noise and inter-

modulation performance. An external JFET is used as a switch. It 

is driven by a logic signal obtained by appropriate detection and 

comparison with a reference level of the amplifier output signal. 

The comparator hysteresis is chosen 3 dB more than the required 

gain variation so as to obtain a safe margin, where the gain 

remains low before the switch is deactivated, thereby avoiding 

bouncing. 

In order to detect the signal level sufficiently accurately, 

a full-wave rectifier is employed. Comparison with the reference 

level is performed by two cascaded comparators, the first of which 

has the required hysteresis. The second comparator is added to 

avoid a possible source of instability in the switch operation. 

With Cfl . 10 pF and Cf2 . 30 pF, field strengths of 2 V/m and 

8 V/m, respectively, can be handled linearly. The noise floor in a 

1.5 kHz bandwidth lies at 1 and 2 µV at 1 MHz, respectively. Se-

cond- and third-order IMFDR are at 77 and 90 dB when the switch is 

deactivated and at 86 and 97 dB when it is activated. 

MIXER, BUFFER AND LOCAL OSCILLATOR 

Since the preamplifier has to handle large signals at a res-

tricted supply voltage (VBmin . 7.5 V), the gain is limited to a 

rather low value. The same holds for the conversion gain of the 

mixer. The large dynamic range desired and the low gain values 

involved make the noise and distortion originating from the fre-

quency conversion action more important than in conventional re-

ceivers. When infinite betas and a zero switching time are assu-

med, the current transfer 10 /1 in of a double-balanced mixer ( Figu-

re 8) does not contribute to noise and distortion. In the case of 

finite betas, the distortion is generated by current- induced beta 

variations and the noise is determined by the base-current shot 

noise, exclusively. Finite switching times introduce additional 

mixer distortion, since the signal current is transferred in a 
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nonlinear way from input to output during the switch transitions. 

Finite switching times also lead to other noise contributions 

besides the base-current shot noise. 

Without a doubt, the best mixer performance is obtained when 

it is driven by a high-slope local-oscillator signal. Ideally, the 

"finite-slope" noise contributed by the conversion process is then 

completely determined by the local-oscillator noise. In the fre-

quency-conversion circuitry described here, this situation has 

been accomplished to a reasonable extent. The mixer switching time 

is less than 5 na. 

In order to obtain adequate noise performance in the local 

oscillator an LC oscillator is preferred over a relaxation oscil-

lator. Pulling effects are avoided by employing a limiting diffe-

rential- pair stage that drives the mixer. Though this limiting 

action may increase the white noise floor of the local-oscillator 

signal, the carrier- to-noise ratio of the output signal is still 

sufficiently high so as not to degrade the receiver noise perfor-

mance significantly. 

The amplitude of the oscillator sine-wave should be fixed 

well enough to guarantee that the differential-pair buffer stage 

acts as a current switch. Some form of automatic level control in 

the oscillator is required to make the amplitude virtually inde-

pendent of impedance variations in the resonance circuit. 

A basic method for the realization of a suitable negative-

resistance -one-pin" oscillator is shown in Figure 9. This cir-

cuit, however, does not include the proper means for amplitude 

stabilization. It is useful for appreciating the stabilization 

technique used in the oscillator to be presented here to distin-

guish three different modes of operation. 

In the first mode, the incremental loop gain g R is just 
m p 

slightly higher than unity. When the oscillator amplitude in that 

case is smoothly limited by the third-order nonlinearity of the 

differential- pair transconductance, the circuit behaves as a Van 

der Pol oscillator. In this mode of operation, small variations, 

either in the resonance-circult impedance or in the bias current, 



The Model 2500 has full and state-of-the-art talker and listener imple-

mentation for the GPIB interface. The command set is very user friendly. It 

allows a verbose and essentially self-documenting command format for modern 

ATE and lab bench test systems. The implementation eliminates the vague and 

cryptic command sets present in current competitive RF signal generators. The 

talker function allows the full machine status to be obtained as well as • 

comprehensive reporting mechanism for functional errors. 

The most important consideration in the control of RF designs is good 

communications between the RF and Software Design Groups. The communications 

mechanism should be • controlled document which both groups can comprehend. 

It will start with copies of the RF Designer's engineering notebook and end up 

being reformatted into • form that the Software Engineer can perform his 

design. The result should be one that either group can pick up and understand 

the control mechanism of RF sections. 

I would like to acknowledge the efforts and contributions of the entire 

Model 2500 design team. In particular the RF Design Engineers for their 

patience with the Software Design efforts, the Software Engineers who worked 

through some difficult organizational situations, and the Mechanical Design 

Engineers who were the brunt of all the loose ends. 
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may easily result in turn-off or in an increase in amplitude and a 

much stronger limiting action. 

In the second mode of operation the stronger limiting action 

is put to good use, and the differential pair acts as a current 

switch. As long as the output voltage of the circuit is so small 

that no saturation occurs, the output amplitude depends linearly 

on the tail current and on the resistance in the resonance cir-

cuit. Though less than in the previous situation, the output am-

plitude is still rather sensitive to parameter spread, and the 

appropriate level for the buffer is hard to guarantee. 

In the third mode of operation, the tail current and the 

resistance of the resonance circuit are so large, and the collec-

tor-to-base voltage so small that either Q1 or Q2 saturates. 

During the peaks of the output voltage, the resonance circuit is 

short-circuited and the noise performance cannot be expected to be 

much better than in a regenerative oscillator. 

The oscillator can be forced to operate either in the first 

or second mode by using well-known AGC techniques. These techni-

ques, however, require a form of detection together with some 

low-pass filtering in order to control the magnitude of the tail 

current. The method presented here is intended to force the oscil-

lator to operate in the second mode by using a novel AGC techni-

que. The operation principle is illustrated in Figure 10. The tail 

current of the differential pair is modulated with the oscillator 

signal. In the waveform supplied to the resonance circuit the 

first-harmonic content is thus reduced, all the more so as 

the output amplitude increases, as depicted in Figure 11. 

The differential pair providing the tail current is biased 

such that Q4 initially conducts and Q5 does not. After the oscil-

lations are started, the amplitude at the base of Q4 will get a 

value such that this transistor will be driven out of conduction 

during the peaks of the oscillator signal. The amplitude will thus 

be fixed at a value closely corresponding to the DC bias voltage 

between the bases of the tail-current differential pair. 

A complete circuit diagram of the oscillator-buffer combina-
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tion is shown in Figure 12. The tuning range amply exceeds the 

required range of 10.85 - 12.32 MHz, so that no adjustments are 

needed for guaranteed acquisition of the frequency-synthesizer 

phase- lock loop. 

The output sine-wave amplitude is fixed at a value of about 

0.5 V, large enough to obtain a proper switching action of the 

buffer stage. A wide range of tank-circuit impedances can be used. 

Impedances as low as 1 kf) still do not stop oscillations. With a 

resonance circuit with a Q of 50, the carrier- to-noise ratio at 

9 kHz from the carrier is about 70 dB in a 5 kHz bandwidth. Since 

the adjacent-channel rejection in the IF filter is much smaller 

than 70 dB, the oscillator noise does not impair receiver selecti-

vity. 

The signal input of the mixer is driven from a differential-

pair voltage- to-current converter using simple emitter degrada-

tion. As only low- frequency operation ( up to 1600 kHz) is invol-

ved, the nonlinearity of this circuit can be solely attributed to 

the exponential relationship between Vim and Ic . A straightforward 

calculation of the third-order intermodulation then shows that it 

hardly contributes to the intermodulation generated in the pream-

plifier when it is biased at a tall current of 1.0 mA and with 150 

Q degeneration resistors. 

The noise contribution of the mixer as a whole ( including the 

V-I converter) can be largely attributed to the V-I converter. As 

a consequence of the switching operation, not only is the noise of 

the input frequency band and the image frequency band converted to 

the IF frequency, but also the noise in the bands related to the 

odd oscillator harmonics. The low-pass filter effectively short 

circuits the equivalent noise current source of the V-I converter 

at frequencies higher than the cut-off frequency. So, only the 

base-band contribution is determined by both the equivalent input 

sources. A calculation of the various contributions leads to an 

equivalent input spectrum in series with the preamplifier output 

S(v) 4kT1700. This source transforms into an equivalent source 

in series with the antenna voltage: 

C--; k -ra ..r• 
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This noise source is significant in the case of low preamplifier 

gain (activated switch). In the high-gain situation (deactivated 

switch) the preamplifier noise dominates. 

CONCLUSIONS 

This paper presented an integrated front end for a long-wave 

and medium-wave AM car-radio receiver. The circuits are realized 

in a conventional bipolar process ( fT - 400 MHz). Thanks to the 

upconversion concept and the high dynamic range of the various 

circuits, the system needs no adjustments, thereby significantly 

reducing production costs. The second- and third-order IMFDR 

amount to 86 and 97 dB, respectively, in high field-strength si-

tuations, where an automatic gain switch in the preamplifier is 

activated. The maximum field strength that can be handled is 8 

V/m. 
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EVERYTHING YOU WANTED TO KNOW ABOUT TUNING DIODES 

by 
John C. Howe 

Product Engineer, Motorola Inc. 
5005 East McDowell Road 
Phoenix, Arizona 85008 

INTRODUCTION 

Voltage variable capacitors or tuning diodes are best described as diode 

capacitors employing the junction capacitance of a reverse biased PN junction. There 

is a wide range of available capacitances and different device types. The capacitance 

of these devices varies inversely with the applied reverse bias voltage. 

Tuning diodes nave several advantages over the more common variable 

capacitor. They are much smaller in size and lend themselves to circuit board 

mounting. They are available in most of the same capacitance values as air variable 

capacitors. Tuning diodes offer the designer the unique feature of remote tuning. 

SIMPLIFIED THEORY 

A tuning diode is a silicon diode with very uniform and stable capacitance versus 

voltage characteristics when operated in its reverse biased condition. In accordance 

with semiconductor theory, a depletion region is set up around the PN junction. The 

depletion layer is devoid of mobile carriers. The width of this depletion region is 

dependent upon doping parameters and the applied voltage. Figure IA shows a PN 

junction with reverse bias applied, while Figure 18 shows the analogy, a parallel plate 

capacitor. The equation for the capacitance of a parallel plate capacitor given below 

predicts the capacitance of a tuning diode. 

Juncoon 

FIGURE I - Tuning Diode Capacity Analogy 

(1) 

where f r dielectric constant of silicon equal to 11.8 x to 

8.85 x 10-12 F/m 

A = Device cross sectional area 

d = Width of the depletion layer. 

The depletion layer width d may be determined from semiconductor junction theory. 
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The more accepted method of determining tuning diode capacitance is to use the where 

defining formula for capacitance 

C 51g 
cIV 

The charge, Q per unit area, is defined as: 

O « E 

where E r Electric field 

(2) 

(3) 

Capacitance Exponent, a function of impurity 

exponent 

The junction contact potential 

(e. 0.7 Volts) 

The capacitance constant, CD, can be shown to be a function of the capacitance at 

zero voltage and the contact potential. At room temperature we have: 

CD = co(r) r (7) 

So we have capacitance per unit area: Co = Value of capacitance at zero voltage 

C r 
C c c:1E 

A dV 

Norwood and Shatz use these ideas to develop a general formula: 

(4) 

c JqBIml 1/m42 

jim+2XV+cd (5) 

The simple formula given in Eq. 6, very accurately predicts the voltage-capacitance 

relationship of tuning diodes. There are many detailed derivations of junction 

capacitance, so further explanation is not necessary in this paper. 

m = Impurity exponent The capacitance of commercial tuning diodes must be modified by the case 

C = Capacitance per unit area capacitance. 

Lumping all the constant terms together, including the area of the diode, into one 

constant, CD we arrive at: 

C3 - 
CD 

(V+01) (6) 
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The equation then becomes: 

C = Cc C3 

where 

Cc = Case capacitance typically 0.1 to 0.25 pF 

C3 = Junction capacitance given by equation 6. 

(s) 



The Schottky Diode Mixer 

by 
Jack H. Lepoff 

Applications Engineer 
Hewlett-Packard Company 
350 West Trimble Road 
San Jose, CA 95131 

INTRODUCTION 

A major application of the Schottky diode is the production of the 

difference frequency when two frequencies are combined or mixed in the 

diode. This mixing action Is the result of the non-linear relationship 

between current and voltage, usually expressed as 

q(V-IR )  
nkT 

I = Is(e -1) 

The series resistance, R , is a parasitic element representing bulk 

resistance of the semiconductor and contact resistance. It is sometimes 

confused with dynamic resistance which is the sum of the series resistance 

and the resistance of the junction where the frequency conversion takes 

place. The ideality factor, n, is unity for an ideal diode and less than 

1.1 for a silicon Schottky diode. 

Variations in n are not important for n less than 1.1. The effect of 

saturation current, Is, is very important when the level of local 

oscillator power is low. This will be demonstrated by comparing results 

of mixing with diodes having different values of saturation current. 

Although temperature, T, is seen in the exponential and is present in a 
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more complicated manner in saturation current, the effect on mixing 

efficiency is less than 0.5 dB for 100 degrees C change in temperature. 

Electron charge, q, and Boltzmann constant, k, may be combined in the 

equation 
v-IR  
.026 

I . Is(e -1) (1) 

Conversion Loss 

Mixing efficiency is measured by the conversion loss, the ratio of 

signal input power to intermediate frequency output power. The 

Intermediate frequency is the difference between the signal frequency and 

the local oscillator frequency. The diode may also generate the sum of 

these two frequencies. In this case the mixer may be called an 

upconverter. For a given local oscillator frequency, the difference 

frequency may be produced by two signal frequencies - one above the 1.o. 

frequency and one below. Of course noise is also contributed at these two 

frequencies. In some cases, the mixer is designed to respond to both 

these frequencies. A mixer of this type is called a double sideband 

mixer. More commonly the mixer is designed to respond to one of these 

inputs. Since noise comes from both frequencies the double sideband mixer 

is better - typically 3 dB better. 

Noise figure is another measure of mixing efficiency. This is the 

ratio of signal to noise ratio at the input to signal to noise ratio at 

the output. Single and double sideband definitions apply to noise figure 

also. In some applications noise figure and conversion loss are 

essentially equal. However, noise figure includes diode noise which 

becomes significant at intermediate frequencies in the audio range ( 1/f 

noise). In these applications noise figure may be much larger than 

convergion loss. 



TUNING RATIOS/MANUFACTURING PROCESSES 

The tuning or capacitance ratio, TR, denotes the ratio of capacitance obtained 

with two values of applied bias voltage. This ratio is given by the following expression 

for the tuning diode junction. 

CI(Vd V2.0 

Ci(V2) 
(9) TR 

where Cj(V1) 

Cj(V2) 

= Junction apacitance at V1 

= Junction • apacitance at V2 

where V F>V 2 

In specifying TIR, some tur 

in order to achieve larger tuning 

bias levels with some degradatior 

of Q versus voltage in the circiii 

must be taken when operating t. 

swinging the diode into forward ( 

large signals may also produce dis 

Since the effects of Ø and (-

simplified to the following for mo 

TR = 

ling diode data sheets use four volts for V2. However, 

ratios, the devices may be operated at slightly lower 

in the Q specified at four volts. (See the discussion 

t Q section, later in this paper.) Furthermore, care 

ining diodes at these low reverse bias levels to avoid 

'induction upon application of large ac signals. These 

tortion due to capacitance modulation effects. 

ase capacitance, cc, are usually small, Eq. 9 may be 

st design work: 

[ m C(Vrnin) Vax i 

C(Vinax) Vinin 

(10) 

The frequency ratio is equal to the square root of the tuning ratio. This tunable 

frequency ratio assumes no stray ( ircuit capacitance. 

Another parameter of importance is g , the capacitance exponent. 

Physically, g depends on the doping geometry employed in the diode. Varactor diodes 

with X values from 1/3 to 2 can be manufactured by various processing techniques. 

The types of junctions, their doping profiles, and resulting values of g are shown in 

Figure 2. These graphs show the variation of the number of acceptors (NA) and the 

number of donors (ND) with distance from the junction. 

Abrupt junctions are the easiest to manufacture. This type of junction gives 

a g of approximately 1/2 and a tuning ratio on the order 3 with the spcified voltage 

range. Therefore the corresponding frequency range which may be tuned is about 1.7 

to 1.0. A typical example is the IN5441A: 

C(V2) 

C(Vi) = 

C(30 V) = 234 PF 

C(4 y). 6.8 pF 

TR = 2.9 

= 0.47 

The subscripts on the capacitance refer to the bias voltage applied. 

In many applications such as tuning the television channels or the AM broadcast 

bands, a wider frequency range is required. In this event, the circuit designer must use 

a tuning diode with a hyper-abrupt junction. The hyper-abrupt junction TD has a r of 

one or two and much larger turnable frequency range than does the abrupt junction 

TD. Table I shows typical types of tuning diodes available and their unique 

characteristics. Figure 2 also shows the processing steps necessary to achieve the 

desired capacitance exponent. To produce an abrupt junction a P. diffusion forms the 

anode in an epitaxial layer which is the cathode. To produce a hyper-abrupt junction 
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Another complication of noise figure is the effect of the amplifier 

following the mixer. Diode manufacturers include the effect of a 1.5 dB 

noise figure IF amplifier in the mixer noise figure. Mixer manufacturers 

do not include this amplifier in the mixer noise definition. In this 

paper diode efficiency will be measured by conversion loss. 

Parasitic Losses 

The diode equivalent circuit of Figure 1 shows the presence of two 

elements that degrade performance by preventing the incoming signal from 

reaching the junction resistance where the mixing takes place. The effect 

of junction capacitance and series resistance was studied by comparing 

conversion loss data measured with three diodes covering a wide range of 

these parameters. The 5082-2800 is a general purpose diode, typically 

used in switching circuits. The 5082-2817 is a 2 GHz mixer diode. The 

5082-2755 is a 10 GHz detector diode. Figure 2 shows the conversion loss 

measured at 2 GHz for these three diodes. 

The 5082-2800 general purpose diode has a conversion loss several 

dB worse than that of the other diodes. This is expected because this 

diode has a higher junction capacitance. The behavior of the low 

capacitance 5082-2755 detector diode is more interesting. At local 

oscillator power levels below -3 dBm the conversion loss is better than 

the loss of the 5082-2817 mixer diode, but at higher power levels it is 

worse. 
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A good approximation to the effect of junction capacitance and 

series resistance on conversion loss is: 

s 
L = 4.— 
1 R. 

2 2 
w C. R R. 

3 s 
(2) 

This is the ratio of available power to the power delivered to the 

junction resistance, Ri, using the diode equivalent circuit of Figure 1. 

The value of junction capacitance varies with voltage as 

G.=  co .( 3) 

Iv 
1- 1571.6" 

where 0.6 is a typical value of barrier voltage. 

The relative values of conversion loss in Figure 2 may be 

explained by these equations. Zero bias capacitances for the three diodes 

were measured to be 0.84 pF, 1.29 pF, and 0.13 pF for the -2817, -2800, 

and -2755 diodes respectively. 

At a local oscillator power level of 1 milliwatt the forward 

current is about 1 millianpere. Using the corresponding forward voltages, 

C j is computed for the three diodes. Assuming a junction resistance of 150 

ohms, reasonable values of series resistance may be chosen to make the 

relative values of L1 correspond to the relative measured values. 

The familiar junction resistance equation Ri . 1 does not apply 

for I. rectified current. It refers to I. Dr bias current. When 

L 
/man 



Device Capacitances Tuning T,ining Freq. Junction tiA 

Series Available Radio voltage _ Ratio Type  

1N5139 6.8-47 pF 2.9-3.4 4-60 V 0.47 1.7-1.85 Abrupt 

1N5441A 6.8-100 pF 2.9-3.1 2-30 v 0.47 1.7_1.75 Abrupt 

MV105G 10 pF 4.5 3-25 V i.0 2.12 Hyper-Abrupt 

MV3102 22 pF 5.0 3-25 V 1.0 2.25 Hyper-Abrupt 

MV209 29 pF 5.5 3-25 V 1 0 2.35 Hyper-Abrupt 

MV 1403 120-250 pF 12 2-10 V 2.0 3.5 Hyper-Abrupt 

MVAM108 500 pF 16 1-8 V 2.0 4 Hyper-Abrupt 

TABLE 1 

With a I of 1.0 it is necessary to "grade" the epitaxial layer with an ion impant. This 

produces a tuning diode with a tuning ratio of 4 to 6 when a supply voltage of 25 volts 

is available. The final challenge to tuning diode designer is to produce a junction with 

a tuning ratio in excess ot 10 with a supply voltage of only 10 volts or less. For this 

characteristic a hyper-abrupt junction with a ir = 2.0 is required. It is produced by 

"grading" this epitaxial layer with a triple ion implant. The ability of the 

manufacturer to place tnese implants ir the epitaxial layer in a repeatable manner as 

well as the uniformity of the epitaxial layer determines the consistency of the device 

to device C-V curve 
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rectified current is 1 mA, instantaneous current varies over forward and 

reverse values. Junction resistance is very large when the current is 

negative so the average junction resistance is larger than predicted by 

this equation. 

C R L 
Diode (pF) (ohms) (dB) 

2817 1.3 6 1.07 

2800 2.2 16 4.68 

2755 0.24 50 1.47 

At -3 dBm the 2817 and 2755 curves cross, with the 2800 loss 4.5 dB 

higher. This relative loss can be explained by raising R to 235 ohms and 

decreasing the capacitance values. 

Diode (pF) (dB) 

2817 1.12 1.2 

2800 2.1 5.7 

2755 0.23 1.2 

These values of Cj and Rswere chosen to illustrate the effect on 

conversion loss. Since saturation currents are different for these diodes 
Barrier 

and junction resistances may be different, the actual values of Cjand R5 Diodes Potential 

may be somewhat different. 5082-2817 0.64 

5082-2835 0.56 

HSCH-3486 0.35 

Equation 2 shows the loss behavior with frequency. At low 

frequencies the loss is independent of frequency and capacitance. 

Choosing a low value of series resistance provides the best diode. At 

high frequencies low capacitance becomes more important than low series 

resistance because capacitance is squared in the equation. Figure 3 shows 

L1 vs frequency for the 5082-2835 diode with Rs. 6 ohms and Cr 1.0 pF and 

forthelent-ummodewithfirrrallearoc....0.1 pF. The lower 

capacitance makes the -5310 the better diode at microwave frequencies 

while the lower resistance makes the -2835 the better diode at low 

frequencies. 

The Effect of Barrier Voltan 

The type of metal deposited on silicon to form a Schottky barrier 

influences the barrier voltage which is involved in the saturation current 

determining the forward current. We use the term low barrier for diodes 

with low values of voltage for a given current ( usually 1 mA). We have 

previously shown the effect of barrier voltage on the variation of 

junction capacitance with forward voltage. 

Figure 4 shows the measurement of conversion loss for three diodes 

having a range of barrier potential values. 
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CIRCUIT Q 

Popular types of mechanical tuning capacitors often have Q's on the order of a 

thousand or greater. The Q of tuned circuits using these capacitors is generally 

dependent only on the coil. When using a tuning diode, however, one must be conscious 

of the tuning diode Q as well. The Q of the tuning diode is not constant being 

dependent on bias voltage and frequency. The Q of tuning diode capacitors falls off at 

high frequencies, because of the series bulk resistance of the silicon used in the diode. 

The Q also falls off at low frequencies because of the back resistance of the reverse-

biased diode. 

The equivalent circuit of a tuning diode is often described as shown: 

Or,  

C, 
c, 

FIGURE 3 - Equivalent Circuit of a Ttning Diode 

where 

Rp = Parallel resistance or back resistance of the diode 

Rs = Bulk resistance of the silicon in the diode 

Ls' = External lead inductance 

Ls Internal lead inductance 

CC = Case capacitance 

Normally we may neglect the lead inductance and case capacitance. This results in 
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the simplified circuit of Figure 4. 

Pp 

FIGURE 4 - Simplified Equivalent Circuit of A Tuning Diode 

The tuning diode Q may be calculated with equation II. 

2 irfC Rp2 (I1) 

Rs + Rp + (2 rrfC)2 Rs RI)? 

This rather complicated equation is plotted in Figure 5 for RS = 1.0 ohm, 
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At low LO power levels the lower barrier diodes have better 

performance, significantly better for the lowest barrier diode, the 

HSCH-3486. At higher power levels this diode loses its advantage because 

of higher series resistance. The 5082-2835 has lower capacitance and 

lower series resistance so its performance is better than the 5082-2817 at 

all power levels. The maximum rated power level of 150 mW is not high 

enough to demonstrate the increase in conversion loss seen at high power 

levels for the other diodes. 

Effects of DC Bias and Local Oscillator Power Level 

Figure 5 shows the conversion loss of a 5082-2817 mixer diode 

measured at 2 GHz. The top curve was measured without DC bias. Optimum 

DC bias was applied at each level for the bottom curve. The curves meet 

at the optimum local oscillator level where bias does not help. Below 

this level forward bias is used. Above this level reverse bias is used to 

reduce the rectified current. 

At low levels of LO power, the conversion loss degrades rapidly 

unless DC bias is used. At - 10 dBm the degradation is about 7 dB from the 

performance at the standard 0 dBm power level. Replacing the lost LO 

power with DC bias recovers about 6 dB of the degradation. 

At high levels of LO power the performance degrades again. This is 

caused by the rapid increase of junction capacitance. Reverse bias 

reduces the current and the capacitance, restoring the diode performance. 
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Effect of Load Resistance 

Figure 6 shows the effect of mixer load resistance on conversion 

loss. At low local oscillator power levels the effect is similar to the 

barrier effect. More rectified current flows with smaller load resistance 

so performance is better. At higher power levels the degradation due to 

higher capacitance appears first with the lower load resistances. As a 

result the optimum value of load resistance increases with LO power level. 

At +9 dBM 100 ohms becomes better than 10 ohms. AT + 19.5 am 400 ohms 

becomes better than 100 ohms. The load circuit can be designed to provide 

the optimum resistance as the local oscillator power level changes. 

HARMONIC DISTORTION 

Sums and differences of multiples of the two mixing frequencies are 

produced in the mixing diode. These frequencies appear as spurious 

responses in the output. This effect was studied by setting the signal 

frequency at 2 GHz and the power at -30 dBm. The local oscillator was 

then set at various frequencies to produce harmonic mixing with a 

difference frequency of 30 MHz. Local oscillator power was one milliwatt. 

Then the local oscillator was set at 2 GHz and the signal frequency 

varied. The output levels in dB below fundamental mixing are shown in 

Figure 7. The diode was placed in a 50 ohm untuned coaxial mount. 

The output levels of the m1 products, mixing of the signal 

fundamental with multiples of the local oscillator, are much higher than 

1=1e.. 1=1 1=1 1:2:1 =21 r2:5 1=1 



Rp . 30 x 109 ohms, at V = 4 volts and C = 6.8 pF, typical for a 1N5139 tuning diode at 

room temperature. 

At frequencies above several MHz, the Q decreases directly with increasing 

frequency by the simpler formula given below: 

Q2•Qs -   (High Frequency Q) 
2 ttfCRs 

(12) 

The emphasis today is on decreasing Rs so better high frequency Q can be obtained. 

At low frequencies Q increases with frequency since only the component resulting 

from Rp, the back resistance of the diode, is of consequence. 

Q Qp = 2 It fCRp (Low frequency Q) (13) 

Q is also dependent on voltage and temperature. Higher reverse bias voltage yields a 

:0 000 

100 

Reve•se 

S... 

--*--- 1N5139 
-1-

al 

SO M1.1. 
—1—,-

seoC. 

11111 ui III 

FIGURE 6 - Q versus Reverse Bias and Temperature 
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lower value of capacitance, and also since Rs decreases with increasing bias voltage, 

the Q increases with increasing voltages. Similarly, low reverse bias voltages 

accompany larger capacitances, and lower Q's. Increasing temperature also lowers the 

Q of tuning diodes. As the junction temperature increases, the leakage current 

increases, lowering R. There is also a slight decrease in Rs with increasing 

temperature, but the effects of the decreasing Rp are greater and this causes the Q to 

decrease. The effects of temperature and voltage on the Q of a 1N5139 at 50 MHz are 

plotted in Figure 6. 

PACKAGE CONSIDERATIONS 

Tuning diodes are available in a variety of packages. Two common ones are the 

axial lead D0204AA, previously referred to as the 007 and the radial lead TO226AC, 

sometimes called the two lead TO92. The D0204AA is a hermetically sealed glass 

package wheras the TO226AC is a plastic encapsulated one. Figures 7 and 8 show the 

form and dimensional analysis of these two packages. The cost of a tuning diode 

or-

11  

MILLIMETERS INCHES  
DIM MIN MAX MIN MAX  

A 
B  
D 

IC 

5.84 
2.16 2.72 
0.46 

7.67 0.230 0 300 

0.56 
1.27 

0.085 
0 018 

0 107 
0 022 
0 050 
1.500 25.40 38 10 1.000 

FIGURE 7 - D0204AA Dimensional Analysis 



the in products, mixing of the local oscillator fundamental with multiples 

of the signal. For example, the 2x1 output is 5 dB below fundamental. 

Figure 5 shows that this level of fundamental mixing corresponds to a 

local oscillator level of -8 dBm. The doubling efficiency was about 8 dB. 

The 1x2 output is 16 dB below fundamental mixing. This corresponds to a 

signal level of -46 dBm. The doubling efficiency is 16 dB for the lower 

level signal frequency. Although fundamental mixing in Figure 5 was 

measured in a tuned system and the data of Figure 7 was measured in an 

untuned system, this analysis nevertheless gives a comparison of 

multiplying at the one milliwatt and one microwatt power levels. Mixing 

Two Tone Distortion 

Harmonic distortion may be suppressed by a band pass filter at the 

mixer input. When the distortion is caused by 

m f - nf = fi ija s f 

the unwanted frequency is 

f 
ni if 

fs "Lo n (4) 

The narrowest filter required corresponds to m r n . 2 with a rejection 

of signal multiples above 2 with local oscillator multiples above the bandwith equal to the intermediate frequency. 

fundamental produced outputs below the - 100 dBm sensitivity of the 
Two tone distortion is the result of two unwanted signals mixing 

receiver. 
with each other and the local oscillator to produce an intermediate 

frequency output. The equation is 
Harmonic Mixing 

While harmonic products are usually considered spurious, in some 

designs the desired output is the result of harmonic mixing. This is a 

valuable mixer technique when the frequency is so high that it is Third order two tone intermod may correspond to m r 2, n r 1. In this 

difficult to generate the local oscillator power. Hewlett-Packard 

Application Note 991, "Harmonic Mixing With the HSCH-5500 Series Dual 

Diode" describes a technique using the 2nd harmonic of the local 

oscillator with little loss of efficiency compared to fundamental mixing. 

Mixers using the 6th, 8th, and 10th harmonics are used to extend the range 

of Hewlett-Packard spectrum analyzers to 60 GHz. 
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f -mf nf f . 
LO 1 2 f (5) 

case the correct intermediate frequency is produced when the desired 

signal fs equals 2f1- f2 . The unwanted frequencies may be arbitrarily 

close to the desired frequency so the problem cannot be solved with a 

filter. 

Third order two tone distortion in a 5082-2817 diode was 

investigated with a local oscillator frequency of 1.94 GHz and input 



JACKS 

Dim felA MAI MIN MAI 

A 4.32 5.33 0.170 0.210 

C 45 0.201 

3.18 All 0.125. 0.165 

0.42 050 

0.401 D DIA 

0.026 0.022 

0.029 

G 1.27 850 0.050 MC 

1.27 -  0.050 

2.5 850 0.100 850 

12.70 - 0.500 

6.35 - 0.250 

2.03 0.105 

2.93 

3.43 

5 0.36 C.41 0.014 0.016 

FIGURE 8 - TO226AC Dimensional Analysis 

package is a function of its piece parts cost and its adaptability toward automation in 

the assembly process. Because of its relatively expensive piece parts and non-

adaptability toward automated assembly the D0204AA is the most expensive tuning 

diode package, but it does provide a hermetically sealed environment for the tuning 

diode die. On the other hand, the TO226AC has much less expensive piece parts and is 

very highly adaptable to automated assembly, but it is not a hermetically sealed 

package. Tuning diodes are also now available in a surface mount package. This 

package is available in the TO236AA (standard profile) and TO236AB (low profile) 

configurations. This package is also commonly known as S0123. Figure 9 shows the 

form and dimensional analysis of the package. Due to size constraints about the 

largest capacitance tuning diode available in the package is 33 pF. This barrier will 
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3.04 

1.40 

1.20 

0.50 

0.130 

2.01 

0.60 

0.25 

2.50 

0.60 

1.02 

0.1102 

0.472 

0.033 

0.0150 

0.0034 

0.0701 

0.0177 

0.0040 

0.0830 

0.0180 

0.0350 

0.1197 

0.0551 

0.0472 

0.020 

0.0051 

0.0807 

0.0236 

0.0098 

0.0984 

0.0236 

0.0401 

surely be broken by the development of larger surface mount packages. At this time 

the cost of a surface mount package is somewhat higher than that of the two lead 

1092, but because the surface mount package is highly adaptable to automated 

assembly it is expected that as the use of surface mount packages increases this 

volume will reach the point where the piece parts cost of the package will approach 

that of the two lead T092. 



frequencies of 2 GHz and 1.985 GHz. The intermediate frequency was 2 x 

1.985 - 2 - 1.94 = 0.03 GHz. The measure of distortion is the input 

intercept point, the power level where the line of output vs input power 

for the desired mixing intersects the extension of the spurious line. 

This is shown in Figure 8. Since the desired output is linear, the 

suppression of the spurious output is 2A and input intercept is input 

power plus half the suppression. 

With the help of this relationship the intercept point was measured 

as a function of local oscillator power level. The results are shown in 

Figure 9. At higher local oscillator power levels the desired output 

increases while the spurious output decreases. This raises the 

suppression and the intercept point. At lower levels both desired output 

and spurious decrease so the intercept point levels off to a constant 

value. 

Tuniu for Better Sensitivity 

The ideal mixer should convert all of the signal power to output 

power at the desired output frequency. However, it is customary to 

test diodes in a broadband mixer circuit. In this test no attempt is 

made to recover the power lost in the unwanted output frequencies. 

Because of these losses and the losses in the diode parasitics, an 

efficiency of about 35% is usually achieved. 
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Special circuits have been developed to improve this figure to 

come closer to the ideal 100% efficiency. The most serious spurious 

response, called the image response, produces an output at the 

frequency 2 fur fs.Image recovery mixers are designed to recover this 

lost power. Two dB improvement has been reported. By properly 

terminating harmonics up to the third, conversion loss under 2 dB was 

obtained with a Hewlett-Packard beam lead diode. 

MULTIPLE DIODE MIXERS 

Although the intermediate frequency may be produced by mixing in a 

single diode, very few mixers are made this way. The problems generated 

by using a single diode include radiation of local oscillator power from 

the input port, loss of sensitivity by absorption of input power in the 

local oscillator circuit, loss of input power in the intermediate 

frequency amplifier, and the generation of spurious output frequencies by 

harmonic mixing. Some of these problems may be solved by circuit 

techniques but these circuits often introduce new problems. Most mixers 

use multiple diode techniques to better solve these problems. 

Early mixer designs prevented loss of signal power in the local 

oscillator circuit by loosely coupling the local oscillator power to the 

mixer diode. This technique is wasteful of local oscillator power and it 

sends as much power to the input, possibly an antenna, as it sends to the 

diode. This local oscillator radiation could be interpreted as a target 

return when received by a radar. This problem may be alleviated by using 

IV= I== t. =SOO I= 



1N 5441A,B,C 
thru 

1N 5456A,B,C 
manufacturer's data sheets. Figure 10 shows the first page of a data sheet for an 

abrupt junction TO. It normally includes basic type information, maximum ratings and 

package mechanical information. Figure 11 shows the second page of this data sheet. 

Information on this page concentrates on electrical characteristics and parameter test 

methods, as well as including the first graph of a typical characteristic - normalized 

capacitance versus temperature at various reverse bias voltages. Figure 12 shows the 

third page of the data sheet. It includes the graphs of most interest to the designer. 

These include: diode capacitance versus reverse voltages, (C-V curve) figure of merit 

(Q) versus reverse voltage at a fixed frequency and versus frequency at a fixed 

voltage, reverse current versus reverse bias voltage for three temperatures and 

forward voltage versus forward currents. Figure 13 shows the first page of a data 

sheet for a hyper-aburpt junction tuning diode. It includes primarily the same 

information as on the first page of the data sheet for the abrupt junction tuning diode. 

Figure 14 shows the second page of this data sheet. It again includes a table of 

electrical characteristics, but in this case also shows a C-V curve and a graph of figure 

of merit (Q) versus voltage at a fixed frequency. A useful comparison is the C-V curve 

of the abrupt junction diode versus that of the hyper-abrupt junction diode. 

SILICON EPICAP' DIODES 

epitaxial passivated abrupt junction tuning diodes designed for 

electronic tuning, FM, AFC and harmonic generation applications in 

AM through UHF ranges, providing soled state reliability to replace 

mechanical tuning methods • 

• Eacellent Q Factor at High Frequencies 

• Guaranteed Capacitance Change - 2 0 to 30 V 

• Guaranteed Temperature Coefficient 

• Capacitance Tolerance — 10%. 5 0%. and 2.0% 

• Complete Typical Design Curves 

.• MAXIMUM RATINGS 

Raton, Symbol I Value Una 

Reverse Voltage 

Dort. OnsipatIon fit TA • 25°C 

30 Voltz 

Pp 400 

Crerate above 25°C 267 

rnW I 

rnWf°C 

Operettng Junction Temperature Range Ti •175 OC 

S10,494 Temperature Range 
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JE DEC Reantafers Dora 

ISIg -65 to • 200 Oc 

FIGURE 10 

VOLTAGE VARIABLE 
CAPACITANCE DIODES 

6 8 — 100 pf 
30 VOLTS 

DS 8526 

DO 7 GLASS 

1.00 

MIN 

CATHODE 

BAND 

CASE 51 
DO 7 

0.092  
0.104 DIA 

0.018  
0.022 DIA 

0.300 MAX 



a directional coupler to send the local oscillator power to the mixer A higher barrier diode may be used to retain linear response at 

diode. Coupling must be loose so that LO power is still wasted. 

A balanced mixer (Figure 10) provides a better solution. The 

hybrid circuit splits the LO power to the two diodes with little coupling 

to the antenna. A low pass filter is needed to prevent loss of power to 

the intermediate frequency amplifier. Additional advantages are reduction 

of LO noise and harmonic mixing. LO noise is rejected because two signals 

originating in the same port produce IF outputs that cancel. This is a 

property of the hybrid circuit. Similarly, even order harmonics of either 

the LO or the signal produce cancelling outputs. 

In the double balanced mixer (Figure 11) even order harmonics of 

both the LO and the signal frequency are rejected. This mixer does not 

require a low pass filter to isolate the IF circuit. The three ports are 

isolated from each other by the symmetry of the circuit. These mixers 

usually cover a broader band than the others. Ratios as high as 1000:1 

are available. Microwave equivalents of these mixer circuits are 

available. Bandwidth ratios as high as 40:1 are available at microwave 

frequencies. 

Intermodulation distortion is reduced when local oscillator power 

higher drive levels. More than one diode may be used in each arm of the 

ring in a double balanced mixer. This permits higher drive level without 

overheating the diodes. Two rings may also be used to increase the local 

oscillator level. This technique is also used for image tuning described 

earlier. 

Summary: 

Schottky diode mixing efficiency is related to both diode 

parameters and circuit parameters. Diode parameters studied include 

capacitance, resistance, and barrier voltage. Circuit parameters include 

DC bias and load resistance. Harmonic response and third order two tone 

intermodulation were also studied. 

Rs 

R. 
ci 

EQUIVALENT CIRCUIT 

is increased. Several design techniques are used to allow higher drive. FIGURE 1 
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SPECIFYING TUNING DIODES 

Three common methods of specifying tuning diodes for a particular design 

application are as follow: 

1. Specify a nominal capacitance + the maximum allowed variation in percent 

at the lowest voltage which is to be used and a capacitance ratio minimum 

(and maximum if necessary) between the lowest voltage and highest voltage 

to be used in the design. This is the method found on most manufacturers' 

data sheets. 

2. Specify a minimum and maximum capacitance at the lowest and highest 

voltages to be used in the design. 

3. Specify a minimum and maximum capacitance at the lowest, the median, 

and highest voltages to be used in the design. This method enables the 

circuit designer to "tie down" the C-V curve of a hyper-abrupt junction 

tuning diode over a large voltage variation. 

SUMMARY 

Voltage variable capacitors commonly referred to as tuning diodes are rapidly 

replacing air capacitors in many applications. These devices offer many advantages 

over previously available variable capacitors, the major one, of course, is the ability to 

employ remote tuning which has made possible the electronically tuned radio. The 

circuit designer must be aware of the tuning range and Q limitations of tuning diodes 

in order to use these devices effectively. Also to be considered must be the package 

chosen and the cost thereof. A well constructed manufacturer's data sheet can 

provide the circuit designer with a wealth of information needed to aid him in his 

149 

design, but the designer must realize that the manufacturer only specifies a 

capacitance at one voltage and a capacitance ratio between one pair of voltages. If 

necessary, the circuit designer must request these specifications for his own particular 

design voltages. 
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DESIGN OF COAXIAL HIGH-PASS FILTERS 
HAVING VARIOUS TRANSFER PROPERTIES 

by Dick Wainwright 
Chief Scientist, Cir-Q-Tel. Inc. 

Abstract: As explained in a companion paper 1/ "Design of 

Combline and Interdigitated Bandpass Filters" (usually with 

narrow band wide tuning range) the cost of construction depends 

heavily on the physical form assumed by the precision ground 

plane housing and the physical form and fit of the component 

parts! elements. 

Various types of filters of highpass formulation are 

given. Pseudo- elliptic and all- pole Butterworth, Chebishev and 

other realizations such as Gaussian, etc. are described. The 

series capacitive elements may be formed as reflon-insulated 

coaxial capacitors, the shunt elements of which may be com-

posed of a simple helix or straight ( coaxial) inductor for the 

all-pole designs or by a series inductor- capacitor combination 

for the Elliptic or Pseudo- elliptic high pass. n- odd values 

are in general preferred, which simplifies construction. Other 

classes of filters: Zobel, Levy A- Z, ( Ref.6) Butterworth, 

Gaussian and Bessel all-pole ( n-odd) are of similar consruc-

tion; however, the Bessel, various Gaussian realizations, 

1/ "Design of Combline and Interdigitated Bandpass Filters" 

149 

Transitional, and the Inverse Chebishev Elliptic are, in gen-

eral, unsymmetrical; thus they are somewhat more difficult to 

build. 

Figures 2A and 2B are schematic diagrams highlighting the 

series ' C' capacitors of the devices described comprising 

the centrally located coaxial capacitors. the C1+ 9...Co _2. 

These Codd capacitors may be broken up into an array of two 

capacitors each in series to provide for the filter- internal 

'C' series, the schematics for which are as shown in Figures 

2B and 3B. This construction technique provides for acces-

sible attachment of shunt elements ' L' or ' L-C'. Of course, 

these elements may be stepped as to diameter ( see Fig. 4A and 

B) and plugged into each other, resulting in a lesser number 

of pieces in the construction, but somewhat more complicated in 

terms of component tolerance realization and assembly; in which 

case, the capacitors Cs are not present. 

In general, n- odd equally terminated filters ( Rs=RL-Z o 

maximum power transfer terminations) have been assumed, i.e., 

n- odd: 3, 5, 7...n-odd. 

The shunt elements connect at convenient accessible 

locations as shown in the various pictorial cutaway figures: 

4, 5 and 6. 



An 

MICROWARE 

Interactive Microwave Filter Design Program 

Michael K. Ferrand 

Senior Microwave Engineer 

Microlab/FXR 

Ten Microlab Rd. 

Livingston NJ 07039 

Microware is a microwave filter design program that enables the 

user to design filters in a logical, step by step manner. A brief outline, 

including a flow chart will be given followed by three examples. 

Three common filter designs are now supported by the program. They are: 

1. Lumped Component Designs. A majority of filter design in the 

frequency range below 1 GHz is of the lumped component type. Virtually any 

type of circuit configuration may be realized The sub-program "LUMP" 

designs some of the more basic circuits. The types supported by this 

program are: 

Tank, Mesch, Lowpass/Bandpass, 4 types of elliptical filters. Impedance and 

Nortons transforms can be applied to the prototype circuit. Filters can be 

designed by component value allowing "off the shelf" components to make 

up a large part of the circuit. 

2. Waveguide Filters. An accurate design sub- program is included. 

"IPWG" is based on realizing a lumped circuit with waveguide elements. 

Currently the program only supports TE01 modo designs. With this, inductive 

coupled elements in the form of an iris or post may be used. 

3. Cavity Filters. The third sub-program " INTCL" can design 

interdigital and combline filters. The user has a variety of options as to the 

size and electrical configuration. Both round rod and rectangular resonator 

designs are available. The user also has the option of tapped loading, short 

or open circuit transmission lines to transform in and out of the filter. 

- MainMenu - 

The Cornerstone of Microware 

While there seems to be an abundance of analysis and optimization 

programs on the market, the first step, Synthes.s is often neglected. In 

addition to this, many segments of our industry require specilized programs 

that may not be marketable. A few programs that do have synthesis 

capabilities are: 

Compac - Has a built in synthesis package that lets the user design 

coupled lines, impedance matching transformers and filters. Available 

separately is a filter design kit, complex matching and PLL design. 



These Figures 4, 5 and 6 all include schematic of ( actual) 

the complete high pass filter ( type of shunt element(s) optional 

for Chebishev all-pole or Pseudo-Elliptic high pass filter); 

note capacitors Cs, 

Note: In suspended 

designs the dual of 

used. 

1-3, Cs, 3-5, etc. ( See Note, Figure 5.) 

substrate ( SSS) or strip/microstrip 

the networks shown may conveniently be 

Patent protection has been applied for on these device 

designs. 

The determination of element values follows standard de-

sign procedure which is described in the references. See 

example pages 8, 9 and 10. 

REFERENCES FOR FURTHER READING 

Ref. 1: "Microwave Engineers' Handbook", Artech House, Inc., 
Horizon House-Microwave, Inc., Theodore S. Saad, 
Editor. Co-editors: R.C. Hansen, G.J. Wheeler, 
Library of Congress Card No. 76-168891 

Ref. 2: Frederick E. Terman, "Radio Engineers Handbook", 
McGraw Hill Book Co., Inc., New York. 1943; First 
Edition 

Ref. 3: Anatol Zverev, "Handbook of Filter Synthesis", John 
Wiley & Sons, New York, Library of Congress Card 
No. 67-17352 

Ref. 4: D.J. McLean, "COCCI Insertion Loss Design of Elec-
tric Filters", Technical Report No. 2, 1956, Stanford 
Electrical Laboratories, Stanford University. 
Prepared under ONR Contract No. 225(4), NR 373 360 

Ref. 5: L. Young, G.L. Matthaei, E.M.T. Jones, "Microwave 
Filters, Impedance-Matching Networks and Coupling 
Structures", McGraw Hill Book Co., Library of Congress 
Catalog No. 64-7937 

Fig. 6: R. Levy, Generalized rational function approximation 
in finite intervals using Zolatarev functions, IEEE 
Trans. Microwave Theory Tech Vol. MTT-18, Dec. 1970 
pp. 1052-1064 

The author wishes to thank the following people who were 

very helpful in the preparation of this paper as well as for 

the permission of the management of Cir-Q-Tel to publish 

these data and information: 

Ronald B. Alexander, Esq., Board Chairman; Douglas H. 

Alexander, President; Hilda A. Wainwright, Vice President 

& Corporate Treasurer; Ann McCauley, Exec. Sec., Norman 

Selinger, Sales Manager; Joan King and Jay Kociol for proof-

reading and helpful hints; Dorothy DeWitt, my secretary for 

her hard work, patience and understanding, and to all of the 

fine people at Griffith & Coe Advertising, Inc. of Hagerstown, 

Maryland for their expert artwork. 
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EESof - Has a series of filter design programs by Wenzel/Erlinger 

Associates. PLL and complex match synthesis programs are also available. 

Filsyn - Has the most comprehensive lumped element designs 

available. The user has the option of specifying all design parameters, 

including the location of the poles and zeros. 

Other programs with design capabilities are available from DSI 

Software ( microstrip and stripline coupled lines ), Etron ( various RF design 

programs ) and the E.E Public Domain Library ( many design programs in the 

public domain ) 

It was found that none of these programs provided all of the 

capabilities for our day to day needs. With this in mind the concept of an all 

purpose microwave filter design program was conceived. One of the 

foremost requirements was to provide an interactive environment so that 

the designs could be modified via software. This program consists of three 

different areas: 

1. User inputs design criteria 

2. Edit Specs. 

3. Electricar design 
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As the user procedes through the program they are guided with the 

"Windows" and pull down "Menus" familiar to user of the Macintosh. If, at any 

time the user exceeds the limits of the programs design capability the user 

is warned with a prompt Next the specs that have been entered are 

presented on the screen The user has the opportunity to change or delete 

them at this time. When satisfied the design specifications are written to a 

file named " INSPECS". At any time during the design procedure this can be 

recalled and changed. Now the program enters the electrical design stage. 

The normalized element values are calculated and then impedance and 

frequency scaled. The program now links with the desired sub-program. 

The Macintosh provides the most "User-Friendly environment both for 

programming and design. While the terms "Windows", "menus" and 

"event-managers' might not be familiar tc many electrical engineers, they 

are an integral part In the world of computer programming. Wnen this 

program was first written, Microsoft Basic was one of the few languages 

available. Since beginning, the availability of C language compilers has 

provided a more flexible environment. A great part of the math routines 

nave been converted to "C". 

While the user proceeds through the program, menus document the 



'Pun" 0  MIMI INS UM 111111 Mil Mal URI Mil Ina Mil 

.2 O. l 0.4 0.5 

-111CMPASS-

pram rue/p, C. e, G 6 L 
ARrfICTICU VS. 0940 OW 

FIG.: Practical Curves* fort 
P. Pseulo-el 1 ipt lc 

5M1Ill nib, ripple 
0.0140 pees ripple 

C. Chebishev 
B. Butterworth 
G. Gaussian** 
I.. levy A-Z 
All n 13 

*Theoretical ratio x  

for: P. Pscsakrelliptio 
C. thebishes, 
G. Gaussian 
L. Levy A-Z 

**Gaussian response relative to 
VFW'S 014 ( 0.0140 frequency) 
rannot be fitted on ti,), 
cu. Rite of roll-off 
is too slow vs. 5f, 
e.g. see various 
texts. 

ALL RIGHTS RESERVED 

DR. R. A. WAINWRIGHT 

(30)) 948-1800 

CIROTEL INCORPORATED 
10504 WHEATLEY ST. 

KENSINGTON, MD 20895 

09 1 0 

PRACFICAT, CURVES FOR REPRESENTATIVE HIGHPASS FILTERS 

, i,, VSWIt 

for P. C, 11 a I. 1. 

to , etc .: 
.... 

i..,..,.iiiiiii_i ;_: L:. i_i_l_:.: i • ..;_i_.•_:_ 

ALL RIGHTS RESERVER 

Oft R. A. WAINWRIGHT 

onn 946-1800 

CIROIEL INCORPORATED 

10504 WHEATLEY ST. 

KENSING1 ON. M0 20895 



progress and the user can "pull down a menu at any time and modify that 

particular specification. Much of the program can be executed with use of 

the "mouse", a graphic pointing device used in this program. 

The Design Examples. 

Three design examples will be given, all originating from the same 

main program. The user is offered a variety of design considerations and the 

program flows in a logical, straight- forward way The three design 

examples given here are actual working designs now in production at 

Microlab/FXR. The management of Microlab/FXR is to be thanked for 

providing the design information for publication. 

Example 1. Lumped Component Design  

This example is for a Reflectionless' bandpass filter. Reflectionless in that 

the unit maintains a good VSWR over a much wider range then the bandpass 

filter. Required also was a flat group delay over the 3 dB bandwidth of the 

filter necessitating a Bessel Response The design specifications are as 

follows: 

Center Frequency: 300 MHz. 

Bandwidth ( 3 dB ): Fo +/- 15 MHz. min +/- 18 MHz max. 

VSWR: 51.1:1 at Fo 

51.3:1 from 250 - 350 MHz 

Group Delay: 20 +/- 2 nS. relative to a thru line 

≤1.5 nS over 3 dB bandwidth 

Insertion Loss: 51.0 dB at Fo 

Stopband: ≥20 dB relative from D.C. -250 MHz. and 350 - 1000 MHz. 

Figure II shows a functional diagram of the required circuit. 

90 . Hybrid 90 . Hybrid 

RF - rfut 

Bandpass Filter 

Figure II 

RF - Output 

To obtain a good VSWR over a bandwidth much wider then the passband of 

the filter a combination of two 3 dB hybrid couplers are used. The filters 

are separated by a line length via the coupied line of 90 degrees at center 

frequency ( 300 MHz.). When the filters are phase matched over their 3 dB 

bandwidth, reflection from either filter is absorbed by 50 ohm termination 

incorporated on either side of the coupler. Thus the input VSWR is 

determined by the accuracy that the two filters can be phase matched. This 
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technique is also used to phase match filters when only a scalar network 

analyzer is available. When first constructed two prototype filters and 

hybri d couplers were built. Then the filters were aligned and adjusted for 

best group delay response. With the appropiate connectors the two filters 

and couplers were put together. At this time it was necessary to match the 

filters to get the required VSWR response. The combination of VSWR and 

tight group delay variation requirements made this a difficult and time 

consuming procedure. An electrical schematic is shown below. 

CI LI L2 -2 

Design Impedance E 50 

FIGURE III 

L4 C4 

Transform to: 1329.91 

Shunt Capacitor CI.. 51.57344 pF. 

Series Capacitor C2- 12.40538 pF 

Shunt Inductor 2.796390E-02 µH. 

Coupling Capacitor K12. .630816 pF. 

Inductor L2 2'86628 H. Capacitor Ce 10 pF. 

Coupling Capacitor K23= 1.12957 pF. 

Inductor Ls= 2.86628 µH. Capacitor C4- 10 pF. 

Coupling Capacitor Kse 2.58944 pF. 

Shunt Inductor Le 2.796390E-02 H. 

Series Capacitor Cs= 15.62833 pF. 

Shunt Capacitor CI- 27.76726 pF. 

Transform to: 122.12335 Q to 50 0 

The responses of a typical production unit are shown in figure V. 

Example 2. Interdigital Filter  

This example shows the extreme bandwidths that can be achieved by this 

program. An equi-ripple bandwidth of 66% has been achieved in this design ( 

program maximum is -70% ). In addition to the wide bandwidth, the VSWR 

and insertion loss specifications add to the difficulty of this requirement. 

The design specifications are as follows: 

Passband Frequency: 8.0 - 16.0 GHz. 
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VSWR: ≤1.5:1 over passband 

Insertion Loss: ≤0.6 dB. over passband 

Stopband: ≥25 dB @ 6.4 GHz. and 20 GHz. 

Power: 100 Watts Avg. 3 KW peak 1% Duty Cycle 

This requirement for a wideband interdigital filter approaches the limits of 

both the electrical and physical designs currently available. The basis for 

interdigital filter design is widely documented ( See Ref. 1-6 ). This 

program offers the user the option of designing with rectangular and round 

rods, rectangular giving the most efficient coupling for a given spacing and 

the round rod approach being less expensive to manufacture. A schematic is 

shown below: 

1:N N:1 

FIGURE IV 

The filter was designed following the program prompts ( see menus at the 

17)5 

end of the article ). The wideband design with rectangular bar resonators 

was used. To make the spacings between the bars practical, a high internal 

impedance and a large ratio of ground plane spacing to bar thickness was 

used. The printout containing the mechanical dimensions is shown below. 

INTERDIGITAL / COMBLINE DESIGN 

Bar Thickness: 0.02 ins. 

Design Impedance: 50 LI 
Bar Length(1,N): 0.225 ins. 

Cavity Width: 0.2459 Ins. 

Ck Width 

(ins.) 

e 

Ground Plane Spacing: 0.300 ins. 
Internal Impedance: 175 

Bar Length (2,N-1): .200 ins. 

C k,k+ 1 

e 

Spacing 

( ins.) 

Bar (1) 

Spacing (1,2) 

Bar (2) 

Spacing (2,3) 
Bar (3) 

Spacing (3,4) 
Bar (4) 

Spacing (4,5) 

Bar (5) 

Spacing (5,6) 
Bar (6) 

Spacing (6,7) 
Bar (7) 

Spacing (7,8) 

Bar (8) 

Spacing (8,9) 

3.2772 

.8419 

1.4699 

1.5228 

1.5413 

1.5462 

1.5413 

1.5228 

.1398 

.0343 

.0556 

.0557 

.0557 

.0557 

.0557 

.0557 

2.0716 .0220 

1.0040 .0532 

.9137 .0605 

.8839 .0634 

.8735 .0644 

.8735 .0644 

.8839 .0634 

.9137 .0605 



EXAMPLE: 

DESIGN A HIGH PASS FILTER TO THE FOLLOWING SPECIFICATIONS 
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1. PASSBAND: 0.9 ≥ 4 GHz; LOSS ≤ 0.5 dB 
2. Zo = 50 ohms, passband VSVVR 5 1.5-1 
3. REJECT ≤ 500 MHz: ≥ 35 dB 
4. CONNECTORS: N(F) IN; N(M) OUT 

FROM REFERENCES, ALLOWING DESIGN MARGIN, SET fc AT 800 MHz THEN: 

fc 800 
fr (> 35dB) 500 = 1.6, Indicating n = 8, 

USE n = 9 FOR SYMMETRICAL DESIGN (niodd) 

THEN COMPUTE ELEMENTS: (0.01 dB ripple) 

Ci = 4.885 pf 
C3 = 2.205 pf 
C5 = 2.088 pi 

L2 = 6.97 n H 
L4 = 5.808 n H 

SEE SCHEMATIC BELOW (FIG. E- I) 

ci ci 

III III 

L: I L.o  I 

Cr 

I L s 

Cb C 
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THE RESPONSE CURVES: AMPLITUDE AND RETURN LOSS FROM 
10 MHz - 10 GHz IS GIVEN IN FIG. E-2 A AND B 
LOSS: < 0.5dB FROM 0.850-4.7 GHz 
VSVVR: < 1.5:1 FROM 0.810-4.6 GHz 
REJECTION: > 35dB at 5 535 MHz 

o 
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Bar (9) 1.4699 .0556 The electrical circuit is shown below: 

Spacing (9,10) 1.0040 .0532 
Bar (10) .8419 .0343 

el 62 9 3 
Spacing ( 10,11) 2.0716 .0220 

Bar ( 11) 3.2772 .1398 
I Zo I Zo I Zo I I Zo I 

The electrical response for a typical production unit is shown in figure VI Zo Zo 

Example 3. Waveguide Filter  

This example shows the accuracy which a waveguide filter with difficult 

stopband requirements can be realized. Adding to the difficulty of this 

design are the insertion loss and VSWR requirements. 

Center Frequency: 15.1 GHz. 

Bandwidth: .25 GHz. 

Insertion Loss: 50.3 dB over Passband 

VSWR: 51.3:1 over passbark:1 

Stopband: 260 dB. @ 14.6 GHz. and 15.7 GHz. 

This third requirement is for a low loss waveguide filter uses equations 

available from ref. 1-3. The user may choose to design with an inductive 

post or iris. The program includes corrections for the finite thickness of the 

post or irises. If the calculated reactance causes the thickness of the end 

posts to be less then 0.050 ins, the program will calculate an offset post. 
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X34 Xn-1 Xn,n+1 

The user follows the program prompts and the print out of the mechanical 

dimensions are as follows. 

Inductive Post Wavgulde Design 

Post Diameters  

Post (1)- 0.100 ins. 

Post (2)-0.16295 ins. 

Post (3)-0.16746 ins. 
Post (4)-0.17001 ins. 

Post (5)-0.17001 ins. 
Post (6)-0.16746 ins. 

Post (7)-0.16295 Ins. 

Post (8)-0.100 ins. 

Post Soacinas 

Spacing (1,2)- 0.60709 ins. 

Spacing (2,3)-0.67603 ins. 

Spacing (3,4)-0.68136 ins. 
Spacing (4,5)-0.68136 ins. 

Spacing (5,6)-0.67603 ins. 

Offset from CIL- .047 

Offset from C/L-.047 
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Spacing (6,7)=0.60709 ins. 
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HIGH POWER FILTERS 

Specsmanship & Design Considerations 

By Dick Wainwright, Chief Scientist 

Cir-Q-Tel, Inc. 

Abstract: 

Blivetry*: power; feasibility; Q: selectivity; gradients; 

hot spots; energy storage; contaminants; ionization; break-

down; peak- average; C.W.; A.M.; % modulation; F.M.; etc.; 

volt-amps; connectors; size; weight; heat generation, flow & 

sinking; ionization; impacting; altitude; humidity; salt spray; 

insulation; shock; vibration; harmonic content; rejection; 

source & load; EMI; form factor; skin depth-plating; dissipa-

tion factor; dielectric strength; topology; susceptibility; 

losses; volts; amps; volt-amps; Q; MTBF; manufacturers ratings 

& reality; heat; heat flow; - - all are but a smattering of the 

flow of words/thoughts that haunt every sensible designer of 

high power devices. ( Notice: certain key words were repeated 

*Blivetry: The art of defying the basic laws of physics by 

forcing two or more objects to fit into the same 

space - analogous to fitting ten pounds of parts 

into a one pound container. 

to emphasize their importance.) 

Customers, bless them, generally think of filters as 

bandaids - one often hears the uninformed say, "Anyone can 

design filters - the textbooks are full of tables of element 

values". That is true, but volts and amps and concomitant 

happenings make a difference. "The ratings", not the values. 

are of fundamental importance in power handling devices, design 

and application. A little experience usually results in a lot 

of smoke testing. 

An intimate knowledge and an awareness bordering on para-

noia, plus considerable experience are fundamental requisites. 

The writer has on innumerable occasions lost the 

"first go- around" on a project bid on the basis of: price, 

size, weight and exceptions prudently taken, in some instances, 

because the user did not know or furnish such very important 

information as: 

a. Harmonic content of transmitter power output relative 

to fundamental power 

b. Possible incompatibility of specified connectors with 

specified power and load conditions 

c. The amount of surface area available for heat conduc-

tion/radiation and/or availability of cooling air. 

Assuming that cooling air is available, the rate of 

air flow, pressure, as well as the temperature of 

the cooling air, must be known. 
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d. Heavy shock and vibration specifications were spec-

ified along all three major axes when in fact the ap-

plication, under power, was indoors and fixed. 

e. Specifications indicating unrealistically low values 

of device VSWR ( e.g. 1.1:1) when in fact the filter 

would in practice be operating continuously into 

loads of never less than 2:1 and often in excess of 

3:1 VSWR. ( In some cases an infinite VSWR of any 

phase) Specified selectivity, i.e., ratio of " f" 

low-reject/"f" high pass ( fp( high) was given as very 

nearly 1:1: and it is not unusual to find specifica-

tions indicating selectivity ratio values of 1.01:1, 

1.02:1, etc. When using a number of filters to 

cover a broad range of frequencies it is usually best 

to uniformly distribute the power pass band and reject 

to pass ratios to avoid undue stress on any of the 

filters: see Example ( 1). 

f. Other mitigating relationships that, taken as whole, 

result in unrealistic designs. 

Taking it from the top, a- f: 

a. Harmonic content of transmitter output: 

Typical solid state transmitters, of recent vintage, can 

be expected to yield harmonic power levels of ( push-pull final 

through combiner to 50 ohms unbalanced): Table 1 
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TABLE 1 

Harmonic Order Level dBc Harmonic watts/KW ( fundamental)  

2nd -18 15.8 

3rd -12 63.1 

4th -21 7.9 

5th -18 15.8 

6th -22 6.3 

7th -21 7.9 

8 - 13 : Avg. - 22 37.8 ) Avg.: 6.3W/harmonic 

Total Harmonic Power: 154.6 watts/KW fundamental power 

As an aside, note at this juncture that the customer may 

wish to use a ferrite isolator at the transmitter output to 

obtain a well-matched transmitter output, but, through over-

sight, may neglect the fact that most isolators are frequency 

sensitive, resulting ( possibly) in excessive heating by har-

monics, resulting in isolator burn- out and/or additional har-

monic generation caused by the ferrite being operated near the 

Curie temperature of the materials, etc. 

(b) Connectors power rating insufficient for application. 

Most connector manufacturers haven't the foggiest idea of how 

much power/apparent power their connectors will safely handle. 

Current ratings, not voltage ratings, are generally the problem 

drivers. Z, is of little consequence in systems working with 

very high VSWR values - of course they are directly related. 

e= mu ems s=5 ems Il • 
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Given the fact that most filters are " reflective devices" 

i.e. produce attenuation by reflection of power rather than 

being absorptive, absorptive filters are generally much more 

expensive and generally considerably larger than reflective 

devices. However, in many UHF and above, frequency range ap-

plications the use of harmonic absorptive filters may make a 

lot of sense. 

(c) How much surface area should one allow for the cooling of 

high power filters, and, if cooling air is available, what is 

its pressure and rate of flow? 

First one may make the assumptions: 

1. The maximum power vs. connector type is in the order 

of 2/3 of the cable attached, derated appropriately. 

2. Normally a high power filter ("hot" surface temper-

ature) is designed such that the hot surface temperature 

of the filter does not exceed ambient C's + 50°C with a heat 

sinking plate average temperature of no more than ambient air 

C* + 10°C= +95°C max. Cooling air, if available, should not 

exceed an effective temperature of +80°C; hence, air speed may 

be an important consideration as the air approaches the filter 

hot spots. 

In many cases substantial size fins may be required but 

fins are not very effective in cramped air flow spaces - con-

vection air currents must be free to circulate if convection 

cooling represents a substantial portion of the cooling means, 

and surrounding heat conducting surfaces may need to have rough 

surface to "wipe" the heat out of the circulating air. 

(d) Heavy shock and vibration specifications along all three 

major axes, i.e., G forces applied to coaxial filters should be 

studied carefully and if at all possible, the strong G forces 

should be confined to the smaller dimensions of the coaxial 

structure. Minimal forces of no more than 5G, preferably, and 

no more than 10G max. ( 11 misec. std. shock specifications) on 

the length should be applied to coaxial high power filters of 

substantial size, 

mounting hardware 

(e) Selectivity, 

plus consideration as to the 

and supporting structures is 

time delay, energy storage 

adequacy of 

essential. 

electrical 

(absorptive) losses/heat generation go hand in hand. 

Q: The ratio of: 

Energy Stored per Cycle  of the applied energy 
Energy Dissipated per Cycle 

is a critical consideration in the design of all filters in 

general, and is of great importance in high power filters. 

For a given loss, the required ratio of Q unloaded/Q loaded 

is different for every filter design. It is not uncommon for 

certain designs to require inductor Q unloaded values in excess 

of 500-1000 or more and for capacitors 3500-8000 or more to 

barely eke out a responsive design, where rejection bandwidths 

to low loss band edge ratios are quite small, say much less 

than 1.2:1 for 40-60 dB rejection: almost impossible values 
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A Practical Approach to the Design of  

Voltage Tunable Lowpass and Bandpass Filters  

Bruce R. Long 

ISC Defense Systems 

3725 Electronics Way P. 0. Box 3025 

Lancaster, Pennsylvania 17064 

Introduction  

Many filters are used in RF systems. Most are fixed tuned but 

occasionally a tunable filter is required. A preselector in a receiver is 

one example. Tunable filters are also useful as tracking filters in 

frequency synthesizers, as variable IF filters in block conversion 

receivers and as variable post detection video filters. Tunable filters 

can be constructed by mechanically ganging tuning components to a common 

tuning shaft but this approach is bulky, expensive and not very adaptable 

to microprocessor control. Voltage tuned filters overcome these diffi-

culties and are suitable in many applications. The control voltage can 

come from a front panel potentiometer, a microprocessor controlled DAC, or 

from another voltage controlled stage such as a voltage controlled oscil-

lator allowing both stages to track one another. 

This paper explores the design of voltage tuned lowpass and constant 

percentage bandwidth bandpass filters. Many filters are designed quite 

easily using tables of normalized component values. A lowpass filter 

design example is presented to emphasize the relationship between filter 

component values, impedance, and frequency. This relationship implies 

careful control of filter impedance is essential if the filter is to be 

' 

tuned. With this understanding the lowpass filter is transformed into a 

tunable lowpass filter covering one octave with the help of a pair of 

impedance control networks. 

Next this approach is extended to include constant percentage 

bandwidth bandpass filters. The paper concludes with a discussion of 

intermodulation performance, practical frequency and tuning range, and 

circuit modifications to improve realizability. Filters, tunable over at 

least one octave, from several hundred kilohertz to several hundred 

megahertz, can be successfully designed using this approach. 

Filter Design Review  

Textbook filter design usually involves finding the roots of the 

filter transfer function as the starting point for a classical circuit 

synthesis approach. While providing insight to the mathematical origins of 

the filter this approach has little to recommend it for day to day filter 

design. 

It is simple to design most filters from standard tables. These 

tables consist of component values for filters normalized to one ohm, one 

radian per second and are available from several references including 

Williams and Zverev. Select from the table the component values for a 

prototype lowpass filter with the appropriate number of poles and of the 

desired filter family ( Butterworth, Tschebyshev, Bessel, etc). Final 

component values are obtained by frequency and impedance scaling of the 

prototype values. Figure 1 shows a three pole, 20 MHz Butterworth lowpass 

filter and the prototype from which it was scaled. 

A lowpass filter can be transfoiud into a highpass, bandpass, or 

bandstop filter and implemented with lumped LC components, or transmission 



of 2000 or more for coil Q and over 10,000-15,000 capacitor 

Q may be required, but unobtainable because of space, moding 

and/or frequency limitations. 

The Q of coils increases roughly as the square root of 

frequency, hence generally high frequency filters yield lower 

losses, given the same selectivity and available space. 

For a given loss (see Table 2) the unloaded Q required 

increases substantially with passband ripple ( VSWR), 

complexity, n and type of filter, ( Elliptic, all-pole Chebishev, 

Butterworth, etc.). 

Selectivity Nominal 
f60dB/f3dB VSWR 

1 25 1.2 

1 5 1.35 

1.7 1.2 

2 1 1.2 

4.2 

Table 2 indicates 

TABLE 2 

Filter Design 
Representative 
Qul. for a Given 
Loss ( approx.) 

Elliptic ( 0.01 dB Ripple) 

Chebishev ( all-pole) 
ripple=0.1 dB 

Chebishev ( all- pole) 
ripple=0.01 dB 

Chebishev ( all-pole) 
ripple=0.001 dB 

Butterworth 

Bessel 

representative values - not absolutes. 

Energy 
Storage 

1000 20 

650 15 

460 • 12 

290 

200 10 

As an example, a 0.01 dB Chebishev ( all-pole) filter re-

quired approximately --- - 1%847. more Q than a Butterworth 200  

filter for a given loss and the Elliptic filter given has twice 

the energy storage indicating that voltages and currents are 

roughly 40% more than in a Butterworth filter. 
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(f) Other factors of consequence: 

(1) Phase linearity vs. f. 

(2) Matching of phase: A ± 5° phase matching specific-

ations may nearly double the price relative to a 

non-matching phase unit because of the component 

tolerance problem alignment accuracy and the need 

to " fix" parts to preclude minute variations in 

operating environment. 

(3) Humidity: High humidity conditions, especially with 

condensation presents substantial problems. 

(4) Altitude: Derating or pressurization with dry 

nitrogen or sulfur hexafluoride may be forced as a 

solution. Of course, pressurization eliminates 

humidity problems. 

(5) etc. 

The author wishes to thank the following people who were 

very helpful in the preparation of this paper as well as for 

the permission of the management of Cir-Q-Tel to publish these 

data and information: 

Ronald B. Alexander, Esq., Board Chairman; Douglas H. Alexander. 

President; Hilda A. Wainwright, Vice President & Corporate 

Treasurer; Ann McCauley, Executive Secretary/Office Manager; 

Norman Selinger, Sales Manager; Joan King & Jay Rociol for 

proofreading and helpful hints; Dorothy DeWitt, my secretary, 

for her hard work, patience and understanding, and to all 

of the fine people at Griffith & Coe Advertising, Inc. of 

Hagerstown, Maryland for their expert artwork. 
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lines as required. Other transformations that rearrange component values 

to improve realization are also possible. 

To transform a lowpass filter into a bandpass filter shunt inductors 

and series capacitors are added to resonate the shunt and series branches 

at the desired filter center frequency. The new filter retains the 

bandwidth and impedance of the original lowpass filter. A 60 MHz bandpass 

filter transformed from a 20 MHz lowpass filter has a passband extending 

from 50 to 70 MHz. The center frequency can be shifted by changing the 

values of the shunt inductors and series capacitor without affecting the 

filter bandwidth or impedance. 

Tunable Lowpass Filter Design  

This section of the paper develops an approach to the design of 

tunable lowpass filters which takes advantage of frequency and impedance 

scaling. The results will te applied later to the design of voltage tuned 

bandpass filters. Since frequency and impedance scaling go hand in hand to 

obtain filter component values careful control of filter impedance is 

necessary if the filter is tuned. What type of impedance control is 

required and how can it be incorporated into a practical design? 

Let's look at a three pole Butterworth lowpass filter, tunable over 

an octave from 60 to 120 MHz with a 50 ohm input and output impedance. A 

60 MHz filter is designed by frequency and impedance scaling of the 

Butterworth prototype ( Figure 2a). The 120 MHz version of this filter is 

identical in form but has inductors and capacitors one half as large as its 

60 MHz counterpart ( Figure 2b). 

The filter in Figure 2b can be converted into its 100 ohm equivalent 

(Figure 2a) by doubling the inductor value and halving the size of the 

capacitors. Notice the inductor in this filter is the same as the inductor 

in the 60 MHz 50 ohm filter. 

A voltage tuned filter could be built if each of the filter com-

ponents were replaced with its voltage variable equivalent. While voltage 

variable capacitors are widely available in the form of varactor diodes, 

voltage variable inductors are a bit of a proiblem. 

Electrically variable inductors, relying upon the saturation of a 

ferrite core by a DC control current, are available: however, they are 

expensive, bulky and consume a large amount of control current. An ideal 

voltage tuned filter would use only varactor diodes as tuning elements. 

The total variation required to tune a filter over an octave is four 

to one, half of the variation coming from the inductors, the other half 

from the capacitors. Fixing the inductor value and using varactors to tune 

the filter means the entire four to one tuning variation must come from the 

varactors. Something has to give, and as implied earlier that something is 

the filter impedance. Comparing Figures 2a and 2c shows that a fourfold 

reduction of the filter capacitors doubles both the filter frequency and 

impedance. Filter impedance variation as the filter is tuned is the price 

that must be paid for the convenience of fixed inductors. 

Impedance variation of this magnitude is not acceptable in most 

applications. In addition to the obvious VSWR problem, filter bandwidth 

and insertion loss are adversely affected by input and output mismatch. 

Perhaps the unwanted impedance variation can be compensated by a tunable 

matching network that provides a variable impedance match as the filter is 

tuned. This Lompensation network should be as simple as possible and 

should not require variable inductors. In addition, its tuning varacters 

C) 2 



Addenda to: High Power Filters, Specsmanship 

and Design Considerations - 

by: R.A. Wainwright 

Suppose one wishes to provide filters covering the 100-1000 

MHz frequency range that will in turn yield greater than 40 

dB attenuation at the second and higher order harmonics; let 

Nf be the number of contiguous band filters. 

First, determine the number of octaves included in this band: 

100-1000 MHz ( an octave is a 2:1 frequency ratio). 

Then: 

(1) 100-200 MHz - 1st octave 

(2) 200-400 MHz - 2nd octave 

(3) 400-800 MHz - 3rd octave 

(4) 800-1600 MHz - 4th octave ( up to 1000 MHz is all the 

coverage that is required however, 

or 

On: octave number is an integer: On 2Nf . If one is to 

evenly distribute the filters such that: Note all logarithms 

are to base 10. 

[1] Ki- fc ( VSWR) high  is about the same for all 
f operate(VSWR) low 

filters, then given: KNf- leg = 10 

then for each filter Ki 

(2] K(Nf)=10= etc.; Nf=4 ( filters minimum) 

(A) 
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Then: log_ 10  
Nf = log Ki 

and 

Ki=(antilog 10)/4 = 1.77827941 

(see Fig. E-1) 

If 5 filters were to be used, which number will be determined 

upon evaluation of filters chosen for this task, then, ( see 

Fig. E-2) 

if Nf=5 

Then 

Ki-(antilog 10)/5 = 1.584893192 

Assuming 4 or 5 filters, then develop Table 1  

Table 1 

VSWR Passband of Filters 1-4 or 1-5 

Ki 1 2 3 4 5 

1.78 Nf=4 100-178 178-316 316-562 562-1000 - 

1.56 Nf=5 100-158 158-250 250-395 395-628 628-1000 

From Fig. E-4 for N(f)=4 or 5 given Ki=1.78 and Ki=1.58 

respectively, assuming an elliptic- like response device is 

compatible with other electrical parameters, ratings, etc.; 

Then: 

The ratio of the lowest 2nd harmonic frequency ( 2fL) to 

highest passband ( VSWR) frequency ( fcH) for Nf=4 and 5 are 

(8) 



should track those of the filter to which it is connected. 

An L-Match is a simple two element impedance transformation network 

used for single frequency resistive impedance matching. Figure 3a shows an 

L-Match network, transforming 50 ohms to 75 ohms at a frequency of 60 MHz, 

and the relevant design equations. Can this network provide twice the 

impedance transformation ( 50 ohms to 150 ohms) at twice the design fre-

quency without changing the inductor? 

Repeating the L.-Match design for a frequency of 120 MHz and an 

impedance transformation of 50 to 150 ohms gives the network shown in 

Figure 3b. The shunt capacitor is one half of its 60 MHz value and the 

inductor is unchanged. 

By simultaneously tuning the shunt capacitor, the L-Match can 

properly terminate a 60 to 120 MHz tunable lowpass filter providing the 

filter is redesigned to present an impedance of 75 ohms at 60 MHz. 

The initial impedance step-up required at the minimum filter fre-

quency is a function of the filter tuning range and is found by simul-

taneous solution of the L-Match design equations to provide the proper 

impedance transformation at both ends of the filter tuning range. This 

solution is expressed by the equation listed below where R is the filter 

tuning ratio, and N is the initial impedance transformation at the low 

frequency end of the filter tuning range. N is equal to 1.5 for a one 

octave tunable filter and decreases to 1.25 for a two octave filter. 

R2 - 1 

N ii(rq-1-r) R filter upper frequency  filter lower frequency 

Octave tuning requires a four to one capacitance ratio in the filter 

section as opposed to the two to one ratio needed in the matching network. 

Ideally both ratios should be the same to allow the use of a common tuning 

varactor. 

The matching and filter section varactors can be combined into a 

single varactor if part of the varactor capacitance variation is absorbed 

or swamped with a fixed padding capacitor. For an octave tuned filter the 

padding capacitor makes up one third of the low frequency matching capacity 

with the other two thirds coming from the varactor. 

Combining the matching network shown in Figure 3 with the filter from 

Figure 2a and 2c gives the tunable filters in Figure 4. The tuning 

capacitance varies fourfold from 69 pf at 60 MHz to 17.3 pf at 120 MHz. At 

60 MHz 16.7 pf of the tuning capacitance tunes the matching network, while 

the remaining 52 pf is part of the filter network. 

Blocking capacitors can be added to isolate the varactor control 

voltage which is supplied through a decoupling resistor or RF choke. 

The actual padding capacitor will be smaller than calculated when the stray 

capacitance at that node is considered. 

Tunable Bandpass Filters  

A voltage controlled bandpass filter can be designed by lowpass to 

bandpass transformation of a voltage controlled lowpass prototype. Unfortun-

ately the lowpass to bandpass transformation which works well for wideband 

(BP» 10%) filters gives unrealizable component values if a narrowband 

filter design is attempted. Many advantages of a tunable bandpass filter 

are lost if the filter bandwidth is too large. 

An alternative narrowband approach exists which gives more reasonable 

component values. It relies upon capacitive, inductive, or magnetic, 

coupling of parallel resonators and is suitable for filter bandwidths of 20 



Nf+5 200/158-
1.26 

as given in Table 2 are not generally considered practical) it becomes apparent 

that additional 10-1000 MHz band segmentation may be necessary, 

(see Fig. E-3 and Table 3. 

If: fcH/2fL = 1.36 then solving for Nf ( minimum), fL(1)=100 

MHz, then 1.36 fcH =2fL -200 MHz 

1.123 1.123 1.123 1.123 1.123 Then fcH(1)=200/1.36=147 MHz 

Proof: 1.476= 10 = 10.09029837 

Please be aware that the Tables and graphs given herein Do Not 

List Theoretical Values. 

Figures E-1, E-2 etc. are self explanatory. For all- pole 

(equi-ripple passband and monotonic reject band) Chebishev 

filters the reject band attenuation ( dB) given by 

Table 2 

Filter 1 Filter 2 Filter 3 Filter 4 Filter 5 
(2fL/fcH) ( 2fL/fcH)(2fL/fcH)(2fL/fcH)(2fL/fcH) 

Nf=4 200/178= 

1.26 1.26 1.26 1.26 

From Fig. E-2, [( 2fL/fcH) - 11=0.123 abaissa ( frequency scale) 

and: rejection + return loss= 60 dB ordinate. If return loss 

is selected as 20 dB VSWR approx. 1.25:1) then 40 dB rejection 

+ 20 dB return loss = 60 dB at 0.123 and 0.26 respectively 

(abaissa value on Fig. E-4). 

For Nf=4: at 0.123 ( abissa) and 60 dB: rejection + return 

loss ( ordinate) one finds n=11 ( elliptic) filter. ( see mark 

.0.) 

For Nf=5: at 0.26 ( abaissa) and 60 dB on ordinate. ( see 

mark "x"),n=9 ( elliptic) filters, ( Fig. E-2). 

If on the other hand one wishes to use an all-pole 0.01 dB 

ripple Chebishev, ( of practical construction) ladder network 

series coil, and shunt capacitors, with no finite frequency 

traps 

Then: for n=19 the ratio: fcH/2fL=1.36 for 40dBc attenuation, 

(note: Chebishev filters having more than 19 elements, n=19 

(C) 
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[Eqn. 

dB @ fx 

5) 
,/fx \ 

= 10 + log -1 414r(dBlcosh 2 cosh -IVrajfx>fcH 
---IU-- 

where: [ fx(dB) is the frequency of x(dB) of rejection me r 

is the specified pass band ripple ( dB) 

fcH is the theoretical passband upper end, i.e. equi-ripple 

band edge. Table 3 gives the ( practical) values of the re-

jection and frequency parameters for 0.01 dB ripple ( c1C r) 

in the pass band for various practical n odd values. Practical 

filter intrinsic-matched conditions, VSWR values between 1.25 

& 1.4:1 will in general be obtained depending on practical 

component tolerances. Table 3 lists ( practical) ratios of 

f(xdBiefcH 

(D) 

. e= 11=1 11=1 1=1 L 



percent or less. Minimun filter bandwidth is limited primarily by reson-

ato Q and acceptable filter insertion loss. Of the three possible coupling 

configurations the capacitively coupled version is the most  i.rni due to 

its economy and ease of manufacture. 

Several references are available to guide the design of capacitively 

coupled resonators but one of the most straightforward approaches is given 

by Williams. Nodal Q's and coupling coefficients for a wide variety of 

filters including Butterworth, Tschebyshev, and Bessel filters are listed 

in tabular form. Component values are found by frequency and impedance 

scaling of these values. The process is best illustrated by an example. 

The design starts with the desired filter Q. 

= fo fo = filter center frequency 

BW = filter 3dB bandwidth 

Nidal inductors and capacitors are found next. 

L - 
f-riro—Qqn 

1 
C - 

(2nfo) L 

= filter impedance qn = nodal Q ( from tables) 

The coupling capacitor Ci2 is found by 

C12 -  kl2 C  
kl2 = coupling coefficient 

(from tables) 

The total capacitance at each node must equal the nodal capacitance. 

In a two pole filter the shunt capacitor equals the nodal capacitance Minus 

the value of the coupling capacitor. Working through the equations for a 

two pole Butterworth, 60 MHz filter gives the filter shown in Figure 5a. 

The filter bandwidth is 20 percent. 

From this point the filter can be impedance and frequency scaled 

without affecting its percentage bandwidth. A fourfold capacitor value 

reduction will double the filter frequency and impedance just as before 

(Figure 5b). Combining this filter with the previously designed L-Match 

network gives a constant percentage bandwidth filter tunable from 60 to 120 

MHz. This filter is shown in Figure Sc. 

The inductors are rather small but still entirely feasible for small 

diameter air wound coils. Accurate repeatable coils can be wound using 

commonly available machine screw threads as winding forms. ( For details 

see the article by Anderson listed at the end of this paper). Alterna-

tively the inductors can be made larger, and the capacitors made smaller, 

by raising the 50 ohm filter impedance to something higher with a pair of 

broadband transformers. 

Implementation  

Substituting varactors for the variable capacitors in Figure Sc 

produces a voltage tuned filter. In principal only three varactors are 

required for a two pole bandpass filter; one coupling capacitor and two 

tuning capacitors. However, the coupling capacitor is much smaller than the 

tuning capacitors so two different types of varactor diodes must be used. 

Moreover, the varactor capacitance variation and tuning curves must match 

exactly. Finding two different varactors each having the correct capacice 

and identical tuning curves is very difficult. 

A more reasonable approach is to choose a varactor for the coupling 

capacitor and dbtain the larger tuning capacitance by placing a number of 

varactors in parallel. This way precise tracking between the coupling and 

tuning varactors is insured although the ratio between the tuning and the 

.1. 



for all- pole Chebishev filters. Where 04.-0.01 dB ( passband 

ripple) 

Table 3 

Table of Practical Values of f(dB)/fe(high) for x dB Rejection 
for 0.01 dB ripple, practical, VSWR: 1.25:1 Chebishev all- pole 
ladder 

n 20dB 30dB 40dB 50dB 60dB 70dB 80dB 90dB 

7 1.8 2.15 2.75 3.4 4.2 5 

9 1.52 1.80 2.15 2.5 3.0 3.5 4.0 

11 1.42 1.73 1.85 2.1 2.42 2.75 3.1 

13 1.32 1.50 1.70 1.90 2.15 2.38 2.65 

15 1.23 1.37 1.55 1.72 1.94 2.15 2.36 2.60 

17 1.15 1.28 1.44 1.60 1.77 1.95 2.14 2.30 

19 1.12 1.21 1.36 1.52 1.64 1.78 1.90 2.06 

FIG. E-3 might well be a graphical specification for a set 

of 6 filters spanning the 100-1000 MHz power passband where 

Ki=1.47 and 40dB is obtained as harmonic rejection. 

Additional figures show Typical-All-Pole-Lowpass Filters. 

Table 4* 

Passband VSWR/ripple ( dB) 

2 I 1.8 1.5 1.36 1.3 1.24 1.2 I 1.05 

1VSWR ----ripple 0.51 10.37 

11.4 11.1 I 

0.18 0.12 0.10 0.07 0.05 0.035 10.01 10.0026 

* Ref: Èir-Q-Tel, Inc. catalog ( since 1962) page 35, Table 28 
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coupling capacitors is limited to integer values. Pole to pole and unit to 

unit tracking is also improved since varactor variations tend to average 

out across the group. 

For the filter in Figure 5c the ratio between the tuning and the 

coupling capacitance is almost seven to one. Nearly perfect tracking is 

possible using one varactor for the series coupling capacitor and seven 

varactors for each shunt capacitor. The BB-109 varactor which has a 

capacity of 8.8 pf at 15 vdc and 35 pf at 2 vdc is suitable. 

The number of varactor diodes required can be reduced by manipulating 

the filter to reduce the shunt to series impedance ratio. Tapped inductors 

can be used to increase the size of the coupling capacitor, or decrease the 

size of the shunt capacitors. The tap can be located anywhere along the 

coil, however, a centertap providing a four to one impedance transforma-

tion is physically convenient. The capacitors scale directly with impe-

dance so a four to one transformation increases ( or decreases) the affected 

capacitors by a factor of four. 

The series coupling capacitor can also be increased with a Pi to Tee 

conversion. First form a Pi network consisting of the series capacitor and 

a portion of the two adjacent shunt capacitances. Then convert this 

network into a Tee increasing the value of all three capacitors in the 

process. Design equations are given in Figure 6. Choosing equal values 

for C1, C2 and C3 increases all the capacitors by a factor of three. 

Intermodulation for Performance  

The use of series opposed diodes is often suggested to reduce 

intermodulation distortion. This configuration makes it impossible for the 

applied RF to force either diode into conduction. In addition, the RF 
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voltage applied to each diode is cut in half. Large amounts of distortion 

will be generated if a varactor is driven into conduction but in low power 

filters the dominant distortion mechanism appears to be RF modulation of 

the varactor tuning voltage. This effect is most pronounced at low varactor 

voltages where the slope of the varactor tuning curve is large and the 

tuning voltage is small. 

One test with a single pole varactor tuned filter gave an input third 

order intercept of +10 den. Replacing the single varactor diode with a 

pair of series opposed diodes ( total of four varactors) increased the third 

order intercept by six dB. The tuning voltage was two volts in both cases. 

Intermodulation distortion decreased rapidly as the tuning voltage was 

increased. Best intermodulation performance is obtained by keeping the 

filter impedance as low as possible, avoiding low varactor tuning voltages, 

and using series opposed diodes. 

Mailing Range  

Filter tuning range is essentially the square root of the usable 

varactor capacitance range with octave tuning requiring a four to one 

capacitance variation. Several factors tend to limit the available tuning 

range. At the high frequency end stray capacity can significantly limit 

the maximum filter frequency. At the low frequency end intermodulation 

performance is degraded and the filter insertion loss may increase. 

A simple varactor equivalent circuit consists of a variable capacitor 

in series with a fixed resistor. When the varactor capacitance is small as 

it is at higher tuning voltages the resistor makes up a small portion of 

the overall device impedance and the varactor Q is high. Decreasing the 

tuning voltage decreases the varactor reactance without greatly affecting 

the series resistance. The result is decreased varactor Q and increased 
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filter loss at low tuning voltages. Whether the filter loss actually 

increases or not depends upon the bandwidth of the filter and the Q of the 

filter inductors. 

Despite these effects octave range filters are easy to build and wide 

capacitance range varactors such as the Motorola MVAM-125 make filters 

tunable over at least two octaves possible although perhaps not easy. 

Needless to say wider tuning ranges require better varactor tracking and 

greater attention .to stray capacitance and inductance. 

Frequency Range  

Filters below one megahertz are possible although the number of 

varactors required might be excessive. Increasing the filter impedance 

helps at the expense of increased inductor size and reduced intermcdulation 

performance. 

In the UHF region filters to at least 500 MHz are possible. At these 

frequencies the filter inductors become very small, the effects of Lumpu-

nent lead and package parasitics become apparent, and finding suitable 

varactors is difficult. As before the filter impedance can be increased to 

reduce the inductor prdblem but the improvement that can be achieved is 

limited by the effects of stray capacitance. Careful circuit layout is 

very important and reducing the tuning range to less than an octave helps. 

The maximum practical frequency of these filters is an interesting 

question. Microstrip and other transmission line techniques come to mind 

but transmission line inductors have the undesirable property of turning 

into capacitors if the frequency is doubled. With careful design and 

construction useful filters with limited tuning ranges might be possible 

well above one gigahertz. 

1 
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Barmnary 

The design of voltage tuned lowpass and constant percentage bandwidth 

filters can be summarized as follows. 

Choose filter type, tuning range, number of poles and impedance. 

Determine initial impedance transformation N needed at the low 

frequency end of the filter tuning range. 

Design L-Match networks using N dbtained above. 

Use tables to design the filter section. Use capacitively 

coupled resonators to implement narrowband bandpass filters. 

Filter impedance at the low end of its tuning range is N times 

50 ohms in most cases. 

Select fixed padding capacitors to equalize tuning capacity 

ratios in the matching and filter sections then merge matching 

and filter varactors. Absorb stray capacitance into the 

padding capacitor. 

Manipulate filter impedance using tapped inductors or a 

capacitance Pi to Tee conversion to dbtain an integer ratio 

between shunt and coupling capacitance using a minimum nuMber 

of varactors. 

Use series opposed varactors and low filter impedances to 

minimize intermodulation distortion. 
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AN I F UMITING AMPUFIER DESIGN ON •K" SOFT BOARD 

by 

Steve Chambers 
Section Head 

Discrete and Module Engineering 

ACRIAN, INC. 

Discriminators have long been used in receiver design for the reception of FM, PM and FSK 

signals ( Frequency Modulation, Pulse Modulation and Frequency Shift Keying). Unfortunately, 

discriminators are susceptable to instantaneous amplitude pertavation of the modulated carrier. 

Therefore, because detected noise may be misconstrued as meaningful data, it is necessary to 

limit the peak amplitude swing to the carrier. For this purpose, Acrian has designed a limiting I F 

amplifier. 

The limiting amplifier design that will be described in this article will limit the peak amplitude 

swings of the carrier. At the same time, it will establish the receiver's dynamic range, the signal to 

noise ratio, and other important parameters of the receiver. 

Table I describes the key performance requirements of the limiting amplifier. These key 

performance requirements are the signal to noise ratio, signal power, noise power, intermodulation 

distortion, noise pedestal flatness, and frequency range. Note that the signal to noise ratio is - 60 dBc 

with an input of - 50 dBm. The signal power output is + 10 dBm with a - 50 to + 10 dBm signal input. The 

noise power, with a - 97 KTN noise power input, must also have a + 10dBm output. The intermcdulation 

distortion requirement is - 19 dBc. The noise pedestal flatness across the frequency range of 1 GHz + 

50 MHz is +5 dB. The noise power requirement of this limiting amplifier design serves to quiet the 

receiver when no signal is present. 
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KLY PERFORMANCE RECIIIIREMt MIS 

• SNR ; - 50DBm - INPUT . -60DBC 

• SIGNAL POWER, - -50 TO .8DBM INPUT • 10DBH 

NOISE POWER, - - 97 KIN NOISE INPUT . •I0 DBM 

I M D -19 DBm 

• NOISE PEDESTAL FLATNESS 5 DB a 50 MHz 

• FREQUENCY 1000 r 50 MHz 

THE NOISE POWER WAS REQUIRED TO QUIET THE RECEIVER WHEN NO 

SIGNAL WAS PRESENT. 

TABLE I 
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Block Diagram I and Table II shows the allocation of performance by stage. There are four 

amplifier stages and two filters. The amplifiers each contribute approximately +34 dB gain for a total 

of 130 dB gain. The gain level of 130 dB is required to amplify the - 97 KTN noise energy of the input up 

to a . 10 dBm output. Stage Al is biased somewhat differently than the other three amplifiers to 

establish the noise figure of the total amplifier. Filters Fl and F2 both have an insertion loss of -8 dB 

due to the installation of 3 dB pads at both input and output. Amplifiers Al, A2 and A3 all use 

HXTR-5101 transistors, while the output amplifier A4 uses HXTR-5104 transistors for a higher 

saturated output level. Amplifier Al, while establishing the noise figure of the amplifier, also has the 

widest range of input level (from -97 KTN to a + 10 dBm input). Its output saturates at + 15 dBm of 

output power due to the use of the HXTR-5101 transistor. 

The block diagram shows that as we get further down the amplification path, each of the 

amplifier stages is going into hard saturation. This causes a problem in the first layout. 

As previously stated, the amplifier Al establishes the signal to noise ratio ( SNR) of the total 

amplifier. Filter Fl sets the noise bandwidth. Amplifiers Al thru A4 combine for a total of 130 dBm 

gain. Filter F2 shapes the signal bandwidth, and Amplifier A4 is in a limiting mode for all input signals. 

One of the problems of this design is that all the amplifiers are in hard saturation with the + 10 

dBm input to the first stage. Amplifier A3 is in a hard saturation at the - 51 dBm input level. Ideally, 

amplifier A4 should be the only amplifier in saturation. This causes several types of problems. When 

an amplifier stage has an overdriven base emitter junction, the bias becomes negative and the second 

harmonics increase to a level equal to that of the fundamental signal. This overdriven condition causes 

this stage to become a good multiplier. It also causes what is known as the McDonald Effect. The 

McDonald Effect occurs when the emitter-base junction is overdriven by an input signal over an 

extended period of time. Hot carriers build up in this junction. With hot carriers in the junction. the 

HFE or Beta of the device goes to 0, limiting the gain of the device. 
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ALLOCA1 I ON_ 

• AMPLIFIER Ai ESTABLISHES THE SNR 

• FILTER Fl SETS THE NO ISE BAND WIDTH 

• AMPLIFIERS AT -Ay COMBINE FOR 130 DB OF GAIN. 

• FILTER F2 SHAPES THE SIGNAL BAND WIDTH 

• AMPLIFIER Ay IS IN A LIMITING MODE AT ALL INPUT LEVELS. 

FROBLEM 

• ALL AMPLIFIER IN HARD SATURATION AT THE . 10 DBM INPUT 

• AMPLIFIER A3 IS IN HARD SATURATION AT THE -50 DBM INPUT 

TABLE II 





There are solutions to these design problems. First, it is imperative that we establish a device 

Beta parameter for the vendor. Second, control of the bias current must be established. Passive 

limiting must also be added. Figure I shows the current divider ratio of base current to shunt current 

which is established at a 10:1 ratio. The shunt current is actually 10 times that of the base current. 

Under these conditions, the effect of the base voltage going negative is eliminated. 

Figure II shows the adding of a Schott4 barrier diode in a passive limiting application. These 

diodes clip the input signal, to all stages except for the last output stage, at a .4 Volt peak to peak 

swing. This can only be done with an FSK, PM or FM type signal and cannot be employed on an AM 

signal. The overall schematic of amplifiers Al through A3, shown in Figure II, shows how each of the 

bases uses a Schottky barrier diode to add the passive limiting. Only one device now remains in an 

active limiting mode. 

In order to design the matching network for amplifier A4, it is necessary to establish some large 

signal S parameters for the device. Table Ill shows the published small signal S parameters and the 

measured large signal S parameters at the appropriate VCE and collector current. In order to establish 

the optimum S parameters for designing the matching circuitry that works for the output stage, it is 

necessary to set up a special S parameter measurement test station. This test station employs a signal 

generator, circulators, an input and reflective power meter, a triple stub tuner, and a special 50 Ohm 

to 50 Ohm circuit with the transistor soldered in. Another triple stub tuner is used on the output, a 

spectrum analyzer (HP8410) is needed to check for second harmonic, and an output power meter will be 

required to obtain optimum output power. 

After optimum performance is achieved at each individual frequency, the triple stub tuners are 

terminated at 50 Ohms and the transistor is removed from the circuit. The network analyzer is used to 

launch in and measure the output complex conjugate and the input complex conjugate of the device. 

Figure IV shows such a test setup 
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RF Design Evaluation Made Easier Through 
Automated Control 

by 

S. M Mussmann 
Senior Software Engineer 
Wavetek Indiana, Inc 

P 0 Box 190 
Beech Grove, IN 46107 

With the advent of work stations for more efficient product development, 

attention now turns to the task of adequate design and product testing. The 

manufacturing environment offers an excellent automated testing solution which 

can readily be applied to the engineering development laboratory. This 

solution is based around the IEEE 488 general purpose interface bus ( GPIB). 

The following discussion will take the reader through an introduction to GPIB, 

common definitions and specifications, and an outline of criteria for selecting 

a GPIB instrument. In addition, specific RF design examples will be given to 

emphasize the enhanced testing capability and efficiency. A series of programs 

are included in the appendix for reference in setting up similar test and 

evaluation procedures. 

The manufacturing environment has experienced automation for many years. 

This began with the first assembly lines and continues to be a driving factor 

for economical production facilities. Industrial societies have learned that 

automation is an essential requirement for an efficient, as well as high 

quality operation. 

In the past ten years that mind set has found a niche in the development 

engineering laboratories. We've graduated from mechanical pencils, to hand 

held calculators, to sophisticated work stations and CAD/CAM development. The 

impellent for this transition was much the same as for the manufacturing floor. 

The need was crucial to shorten the development time without risking the 

quality of the product or incurring undue liabilities by putting a product on 

the market without adequate testing. In addition, our country is experiencing 

a shortage of experienced design engineers on top of the rising cost of an 

engineering education and the rapid rise in starting salaries for new 

graduates. These factors all call for a new methodology for producing quality 

products, at a low cost, and even lower development cycle time. 

It is easy to see why the application of automated testing has moved 

into the engineering development laboratory to become a permanent fixture. 

New design test and characterization can benefit from the same efficiency as 

manufacturing by utilizing equipment containing automated testing features. 

Design verification can be made at each level of the product before the 

finished item is complete, thus saving the need for costly corrections and 

redesigns. The savings in time and personnel is obvious. Yet, there are other 

subtle areas where integrated automated testing during product development can 

have an impact. There is a great potential for a higher quality of work and 

increased productivity by reducing the tedium and length of tasks; such as 

harmonic characterization in a particular design. Design documentation becomes 

easier and an additional confidence in the design is obtained through the 

ability to repeat the same tests for verification. Essentially, most user 

error attributed to test methodology can be eliminated. 

Current automated design tools for the electronics world are usually 

inefficient in terns of data bases or are not compatible or applicable. 
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Block Diagram II shows the final line up of the devices using the passive diode limiting at each of 

the stages (except for the last device in A4). As indicated in the block diagram, the output saturated 

level of all the amplifiers is +9 dBm, well below the hard saturated output level. Only amplifier A4, 

with its good matching network for large signal parameters, is in saturation. This gives us a flat + 10 

dBm across the band of interest. 

CIRCUR" CAFID ASSEMBLY MATERIAL 

When it was decided that high IC Duroid material would be used for the construction of this 

amplifier, strong concerns were voiced by the production and manufacturing engineers. But there are 

both pros and cons of using the old standard of Kovar/Ceramic materials. On the positive side, 

Kovar/Ceramic works and we have procedures that are already in place to manufacture using this 

material. The thermal expansion of the Alumina/Kovar to the chips mounted on top is approximately 

the same. It is extremely stable down to - 55 C, and we hold etching tolerances to 3 mils + lmil. 

On the negative side, using the Ceramic/COR system, extra drawings are required for the 

ceramic printed circuit board. Kovar is very heavy and costly to machine and plate. The Kovar carrier 

must be ultra flat, you must use thin film techniques for etching, and it requires a hot plate. In addition. 

the alumina substrate requires the use of laser drilling for the printed circuit holes. 

While using the Duroid 610.5 material has some manufacturing handicaps (the fabricated boards 

must be bought outside, new internal manufacturing procedures must be devised, and there is a danger 

of pad lifting from excessive rework), the advantages are significant. The use of the Duroid material 

requires no ceramic drawings, Kovar carriers or flatness. The material is flexible and can be batched, 

stepped and repeated using MC equipment. Most of all, during breadboard testing it has passed 

temperature cycling on the breadboards from 0 through 85 C with components attached to the boards 

and using the alumina backing. No dielectric fractures have occured. 



Therefore. the question now becomes "Where are these automated test features 

available? -. The answer is simple. -They are already here - just look for them 

out in your production facility and bring them into the lab". The General 

Purpose Interface Bus available on many pieces of test equipment provides the 

ability for this automated testing. In the engineering lab, it offers one of 

the best methods for characterizing • new design A CPIS instrument allows the 

creation of an application specific data base with a minimum amount of pain. 

Visualize some of the advantages to performing the following characterizations 

through an automated means; phase noise, output level accuracy and flatness, 

frequency settling time and switching speed, spurious and harmonic response. 

All of these are available now and actual test setups and programs for some of 

these applications will be given in this discussion. 

Let's pause a moment and take • look at CPIB and what it has generically 

to offer. The GPIS is • communications protocol specified by IEEE 488 

"Standard Digital Interface for Programmable Instrumentation". You may have 

also heard of Hewlett-Packard's version celled HPIB. The general purpose 

interface bus allows the remote transmission of an ASCII data string which 

sinulates the front panel operation of an instrument. Each instrument is 

assigned an address over the bus and is then polled when activated. This 

allows for multiple addressing of several identical instruments which are used 

for the same purpose or provides the means to daisy chain different pieces of 

test equipment. In comparison, the RS- 232 interface requires a specific 

hardware data port at a host computer or concentrator for each piece of 

interfacing equipment. 

GPIB communication has been available since 1975 and highly accepted and 

supported since 1978. It provides a digital data exchange at rates of 111 byte 

per second in a byte serial, bit parallel format /he IEEE 488 specification 

provides • means for standardizing the mechanical interface, the electrical 

interface, and the bus communications protocol that is the signaling of data 

ready, data accepted, etc. As of this date no standard is provided for the 

codes and formats which are used to represent the instrument's front panel 

operation. A subsection of the IEEE P-981 Committee called TAPIS ( Transport-

able Architecture for Programmable Instrument Systems) is trying to standardize 

on the codes that CPIB instruments understand. A published document on their 

recommendations will probably not be available for another year as they were 

scheduled for completion Mid 1986 and have not yet reached that milestone. 

For now, the format of codes is instrument dependent. In some cases, • 

specific manufacturer may use the same codes and formats for all of their 

products. In any event, it is the instrument dependent qualities of CPIB 

application which make the selection of test equipment critical. This inter-

face is tantamount to the successful transition of the automated test from the 

manufacturing to the development environment. 

Aside from the decision to employ automated testing through CPIB there 

is a bit of system design which must be completed in nrder to produce the test 

setup. The system will require the device under test, the CPIB test equipment, 

and 4 system/test controller. The test equipment involved must be capable of 

either receiving external communication, transmitting information, or both. 

In CPIB lingo, these qualities are referred to as listen and talk. 
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THE ACTIVE LIMITING STAGE 

• THE LAST STAGE OF AMP Ay IS THE TRUE ACTIVE LIMITER. 

• MUST USE LARGE SIGNAL "S" PARAMETERS TO DESIGN THE 

INPUT AND OUTPUT MATCHING NETWORK. 

• HP SMALL SIGNAL S-PARAMETERS 

VcE = 18V. IC • 110nA 

S1 1 S21 S12 S22 
.64 /179 3.7 é 69 .08 / 32 .32  -90 

MEASURED LARGE SIGNAL S-PARAMETERS 

VCE • 10V It = 35nA 

SI 1 S21 S12 S22 
.70 169 1.5 1_78 . 10 / 64 .21 /- 105 

TABLE III 
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When designing an IF limiting amplifier that requires 130 dB gain, passive limiting is critical at 

each individual stage except for the last output stage. The last stage, which is actually doing the active 

limiting, must have large signal S parameter data taken in order to establish good input and output 

matching networks. Passive diode clipping or limiting can only be used with FSK. FM or PM type 

modulation, and cannot be used for AM. High -K" Duroid material makes an excellent material for this 

type of circuitry. 



A device that listens is capable of receiving data over the common bus 

when and only when it is addressed Examples of these devices are programmable 

signal sources, programmable power supplies. printers, and -dumb - display 

devices. A device that talks is capable of transmitting data over the common 

bus under the same addressing conditions Examples of talkers are frequency 

counters and tape readers 

Some instruments include labeling on the back of a piece of test 

equipment that will give the equipment's specific level of GPIB intelligence. 

Be careful, not all instruments can both talk and iisten The HP 8656 A or B 

signal generator, for example, is a listen only device Unfortunately, 

decoding the GPIB label may be difficult if it is not properly documented or 

increase throughput. Usually, this programming will be in BASIC or a BASIC 

related form for universality. 

There are several sources of controllers in the current marketplace. 

The traditional form is an independent, dedicated instrument with keyboard 

entry and some sort of display feedback. Wavetek, Tektronix, and Hewlett-

Packard all make this sort of GPIB controller. With the wide acceptance of 

IBM PC compatibles there are several companies producing plug-in boards for 

P.C.s to perform the IEEE 488 interfacing. In many cases, this can also be 

accomplished through an RS- 232 to IEEE 488 converter. National Instruments 

and IOTech manufacture such equipment which allows the user to tap off of 

computer resources currently in house. 

if a copy of IEEE 488 is not readily accessible A good application of the PC type arrangement is a custom integrated 

For a quick overvies of what to look for, take the example of the 

Wavetek 2500 signal generator. It has complete source and acceptor cspability 

(SHI, AH1), is a basic talker and listener ( T6, L4), has extended modes of 

talk and listen disabled ('PEO, LEO), has complete remote/local ( RL1), device 

clear ( DC1), and device trigger ( DTI.), and service request ( SR1) capability. 

It has the parallel poll ( PPO) and controller ( CO) options disabled t2 

designates the type of electrical interface as one using tri -state drivers as 

opposed to open collector ( El) drivers. 

In addition to the talk and/or listen capability of the test equipment, 

the system will require a GPIB controller . The controller will specity the 

talkers and listeners on the bus and regulate the data flow and access Most 

c,Jr.trollers will also provide a means of programming test sequences to further 

workstation consisting of an IBM PC with a GPIB interface card communicating 

with an HP 8753 Network Analyzer with S parameter test set and the design 

under test. Using GPIB and Touchtone software the device under test can be 

fully characterized. 

There is little specific advice for selecting a controller . The basic 

guidelines of cost, ease of use, longevity, and compatibility, as used in any 

capital expenditure, should be taken under consideration. Efficient usage of 

equipment provides a strong case for selecting a PC based product frr 

integration as a controller. The drawback to be aware of for this application 

is the speed of execution. The PC products are notoriously slower than 

dedicated controllers which can be a distinct hinderance in the ATE 

environment. 



II= 11= II= It= MI MI MI MI 11=1 11=1 MI II=1 MI 1=11 =II GM =I = =I 



As alluded to briefly before, it is in those areas, unregulated by the 

IEEE standards, which make the selection of automated test equipment critical. 

It is the area of codes and formats that exhibits the least amount of standard-

ization. As each piece of test equipment has its own set of codes and formats, 

the user is essentially learning a new language developed specifically to talk 

to that equipment. The language should offer • consistent methodology for 

replicating the front panel operation of the instrument The codes should be 

easy to remember through the use of mnemonics with the restrictions of being 

neither too cryptic nor too verbose. As an illustration, look at the speci-

fication of frequency, RF output level, and AM using the HP 8901A modulation 

analyzer and the Wavetek 2500 signal generator. 

HP 8901 Wavetek 2500 Specification 

115 FRQ frequency 

R2 dBm suffix for RF output level 

M1 IAM All, the 2500 has internal AM ( TAM) and 

external AM ( XAM) 

Though both offer a simplified mnemonic for the specified front panel input, 

there are no memory clues provided in the 8901 code. 

More than F. simplified code is needed to adequately convey the meaning 

of the front panel operations across the GPIB bus. The code should provide 

for a variety of numeric input formats such as engineering suffixes ( MHz) and 

exponents ( E6). Flexibility should be allowed in the syntax of the programming 

e.g. the use of space characters should not be restricted. In selecting a 

GPIB instrument, remember, the user will have to be learning a new programming 

language. To reduce the learning curve time, that language should be as close 

to normal conversant engineering terms as possible. 

Some instruments have accomplished the task of providing a user friendly 

interface with • technique called minimum uniqueness formatting. This means 

that each command entry ( front panel function) can be represented by a minimum 

number and sequence of alphanumeric inputs. As long as the user includes those 

minimum characters in the required order, any version of the command can be 

accepted. The minimum format may be consistent for all entries, such as a 

three character mnemonic, or it may vary. If the only command available 

starting with the letter F is frequency, then the minimum representation of a 

frequency input may be the single initial letter. Using the minimum uniqueness 

philosophy, F, FRQ, FREQ, FROCY, FREQUENCY may all be employed to request a 

frequency command. In addition, an instrument with this type of coding will 

usually allow any combination of upper or lower case letters. 

After formatting the command portion of the GPIB message, there is • 

requirement for formatting the numeric entry and termination of the message. 

Fortunately, there is a defacto standard for all of this data entry, pioneered 

by Tektronix. Tek codes and formats are specified under Tektronix Standard 

962-1780-01 and cover the device dependent message coding for all Tektronix 

GPIB controllable produ:ts. As the IEEE standard is not yet available, any 

instrument advertising that they conform to Tek codes and formats will be the 

closest to following a standard as there is today. 
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DESIGN OF COMBLINE and INTERDIGITAL BANDPASS FILTERS 

by Dick Wainwright 
Chief Scientist; Cir-Q-Tel, Inc. 

Abstract: The economic design of parallel coupled bandpass 

filters, e.g. interdigitated and combline having rod 

(finger- like), helical coil and annular ring inductive ele-

ments with necessary tuning capacitors Ct, in precision 

machined rectangular box- like ( ground plane) containers can 

be an expensive proposition, especially given the fact that 

the average purchase order quantity for such devices is in 

the order of 10-15 units. Hence, in general, the savings re-

sulting from volume manufacturing processes are not avail-

able. 

Standardization is in many organizations a sometime 

thing. The cost of precision machining for small volume 

orders even with CNC machining substantially drives the cost 

of manufacturing, the making of cavities-holes, drilling and 

tapping is expensive in any shop, by almost any means. 

The component value(s) realization of 

having Pseudo(Quasi) 1/ Elliptic, ( Inverse 

all-pole Chebishev, Butterworth, Gaussian, 

various filters 

Chebishev), 

Bessel and other 

response shapes to satisfy a given set of specifications is 

not terribly difficult. One can, with a digital computer, 

design rather complex devices in seconds - the precision 
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machining and assembly processes may take hours. If one 

must " design in" self equalization 1/and/or near band edge 

traps by means of non-adjacent resonator coupling,etc., the 

machine assembly/adjustment times may expand astronomically 

and will usually require very astute technicians for their 

adjustment. 

This paper suggests designs* that have been realized 

in round, hollow, right circular cylindrical ground-plane 

housings that have been manufactured in substantial quan-

tities, that yield superior time and frequency responses. 

Cavities-holes are expensive, unless one buys them 

ready-made,as is the case with the seemingly infinite var-

iety of commercially available tubing: round, rectangular 

or of almost any shape, size, wall thickness, material, etc. 

that are easily made by casting, drawing or 

perhaps by other means. 

The round- tube ground plane housing is 

drilled, tapped, plated, painted, etc., and 

extruding and 

easily punched, 

it provides 

degrees of freedom for a wide variety of resonator shapes: 

posts, helically coiled of many shapes, annular ring- like 

(uniform transmission line, semi-microstrip-line) ( Fig.1), 

*Patent(s) Applied For 

D. Rhodes, "Theory of Electrical Filters" Chapter 7, 
John Wiley & Sons ISBN: 0 471 71806 8 



Tektronix presents a great amount of detail on the formatting of • Indications such as FM over deviation, loop unlocked, and carrier unleveled can 

basic message unit. There are several building blocks which are combined as be communicated across the bus as soon as they occur and in "plain English" 

required for each message. The code representing the front panel command key terminology. Error reporting may also include syntactical errors as related 

is termed a header. With a header there may be an argument which can be either to the GPIB input e.g. Header Error, and system and communications errors. 

a numeric entry, such as a frequency setting, or a character entry, such as Additional enhancements such as service requests from the instrument to the 

commanding "RF ON". Each message is completed with a terminator which may be bus controller and executing a group of commands simultaneously may also be 

an end of message designator such as carriage return / line feed or it may be available. 

a concatenation terminator indicating that there is another message on the The concerns outlined above are basically software driven. There are 

same line. The diagram below illustrates • typical message string, other areas to be aware of when selecting a GPIB instrument which are more 

HEADER sp NUMERIC ARGUMENT sp SUFFIX sp TERMINATOR hardware related. Two rather simplistic ones involve setting the address of 

The spaces in all areas except between the header and first argument are the instrument and the end of string identifiers. If these items are assigned 

optional. The following examples are actual code input for the Wavetek 2500. via a hardware switch in the GPIB instrument further investigation as to the 

They illustrate both the minimum uniqueness format and the methods of building location and accessibility of the switch is needed. A software override of 

a complete message string, the address and termination may also be provided. 

Frequency 500.00 MHz; LVL 300 mV; RF ON cr If Some unobvious pitfalls may be present in the actual digital architec-

IAM 50%; FRQ 123 E6; Level 500 E-9; STR 5 If coi turc of the GPIB instrument under consideration. If a single processor is 

The semicolon is used as a message delimeter and the end of string terminations controlling all instrument functions, the speed of execution may be relatively 

are actually control characters and are not actually printed. slow. This will effect both the GPIB responsiveness and the RF output. If 

Aside from the friendliness of the user interface, choosing a GPIB in- the instrument uses two separate processors for control, specifically separate 

strument should also include an evaluation of supplementary functions. These processors for the front panel operations and GPIB communications. there is a 

are commands which are available to the GPIB user but are not accessible from possibility of master/slave contention. Care should be taken to determine 

the front panel of the instrument. One of the biggcst advantages is remote which side has execution priority so that the maximum throughput can be 

error reporting. A GPIB user may be able to receive RF error feedback from obtained. 

th,- Instrument in more detail and in • more obvious manner than the local user. In addition, a GPIB processor will need to have its clock running at 
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which may be simply arrayed in comb-line, interdigital, or, 

because of the round element mounting ( ground) plane one 

may angularly rotate ( Fig. 2D) the elements up to I' 180° 

(E)plane) or tilt them ( 1Fplane)-(yaw-Z axis) or rotate an-

nular inductors in the ± Oplane. One may also simply add 

fixed or adjustable decoupling elements and/or design for 

very wide tuning ranges, e.g., narrow band designed for up 

to 7% dB BW, or more, that may be simply adjusted over 2:1, 

3:1, or, 5:1 tuning ranges. Many such devices have been 

designed and constructed. In the case of helical coils, 

pitch and winding sense may also be a design variable. 

By proper design of coupling structures and general 

parts layout, one may obtain nearly constant percentage/MHz 

bandwidth over very wide tuning ranges in the 1 MHz 18 GHz 

range of frequencies. 

The possibilities literally boggle one's imagination! 

All devices electronic contain nothing more than: 

coils (L), capacitors ( C), ± resistance (t R) or the 

equivalents or mixes thereof, and their necessary connec-

tions by means of conduction or induction ( field coupled), 

which are necessarily limited to L, C or R or a mix thereof 

as elements/equivalent elements, in passive circuitry. 

Figures 1 and 2 are self-explanatory. Figure 1 shows 

some of the possible inductive element, physical configur-

ations that may be used in round- tubular ground plane 

housings. Figure 2 shows some possible array 

ations of the inductive elements that may be 

round- tubular ground planes. Figure 3 gives 

an 8 resonator, interdigitated, annular ring 

element bandpass filter that tunes the range 

having a nominal 3 dB BW of: 1.3% 9 300 MHz, 

MHz and 3.3% 

BW vs. fo,as 

Table 1 

configur-

used in a 

details on 

inductive 

300>600 MHz, 

2.5% 9 450 

9 600 MHz, roughly linearly increasing % 3 dB 

was required in the specifications. 

lists general passband responses for this de-

vice. Figure 3C and D are plots of the general passband 

response. Figure 3D is the plotted response obtained while 

sweeping the passband and from 125 MHz to 4.9 GHz. Over 

80 dB of rejection was obtained for this filter on an HP 

N.A. 8505 sweeping to 1.3 GHz. However, the plots given 

were taken on an HP scaler N.A. having a noise floor of 

roughly -50 dBc. Figs. 3D and 3G are the filter responses 

with wide band sweep, as indicated. Figs. 3E and 3H are 

plots of the group delay responses. 

TABLE 1 

fo MHz ccfo dB 3 dB BW 
ftVi' 
ir4)BW 

tl; 
LYWBW 

+ . -2.5 

8114)BW 4111BWelliz) 

300 8.1* 4 4.4 3.5 2.7 2.7 

600 5.4* 20 27.2 17.9 11.8 11.8 

* All tests were on unplated devices of aluminum construc-

tion. Data measured ou an HP 8505 vector N.A. for Table 1. 
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all times in order to detect its address from the bus. This clock will induce 

noise throughout the instrument. How the manufacturer handles the area of RF 

immunity to this clock noise is another critical point. 

The actual GPIB interface to the BUS can be controlled through a single 

dedicated chip. This relieves the instruisent software 

tasks. Several devices are currently on the market to 

cation. Yet, some of those do not conform to the IEEE 

from the handshaking 

handle this communi-

188 standard nor can 

they handle the higher data transmission rates now prevalent in today's 

technologies. In those cases, data can actually be lost. Another pitfall is 

the existence of ghost interrupts through the BUS communication device. These 

are timing related problems where the controller is faster than the interface 

device used in the instrument being controlled. The interface device can miss 

critical communication signals due to its inability to handle the transmission 

rates. 

In summation, there are critical areas to research in choosing a CPIB 

instrument which involve both software and hardware. The most evident area, 

though, is that of the user interface. The user is essentially employing three 

different languages when implementing an automated test setup: the language of 

the test instrument ( individual codes and formats), the language of the con-

troller, and the language of the control program Choosing a system which will 

reduce the learning curve in any of these areas will be a great asset. 

Now that you have completed a crash course on selecting and setting up 

a CPIB system. here comes the fun part. What can you actually do with this 

information? 

For the CPIB novice, the appendix includes a walk through program 

demonstrating talk and listen features. This program is written for the HP 

9825 controller and the Wavetek 2500 signal generator It shows the 

combination of controller language and instrument specific language which a 

user would have to implement to achieve CPIB communication. 

A typical example of an efficiency improvement through CPIB usage is 

the characterization of harmonics as related to the carrier in an RF design. 

This is a task which is exceedingly tedious to do under manual conditions. 

Typically, a system under test would be connected to • spectrum analyzer. The 

user would manually change the source frequency and "eye-ball - the occurrence 

of harmonics and spurs. Of course, it was easier if one knew where to look in 

frequency range and in level. By automating this sort of test, no previous 

knowledge of the circuitry is needed. A purely objective search can be made 

across the frequency band and a recording can be produced showing all power 

occurrences. The same test could be repeated at several temperature ranges to 

characterize the loss in the attenuators due to increases in temperature. 

Spikes or drops could be easily located emphasizing the phase relationships 

between various oscillators. All of this could be plotted and permanently 

stored in a period of 15 minutes. Factors such as allowing settling time for 

the signal generator can be included in the controlling program insuring the 

most accurate data possible. 

The sketch below illustrates the test set up for harmonic characteri-

zation of the Fluke 6060A signal generator Included in the appendix are 

plots of the results at varying temperatures. 
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Figure 4 gives general details on a 10 resonator comb-

line tunable bandpass filter tuning from 3>8 GHz ( the 

electrical performance data on the devices shown in 

Figures 5C through F are incomplete in that the N.A. noise 

floor is shown at about - 60 dBc. This unit should yield 

adjustable coupling capacitor between two of the elements 

yields exceptional time and frequency domain properties 

in a relatively small package weighing 4.2 ounces. 

Figure 5C: Linear frequency, 2 cycle semi-log plot 

of: amplitude, return loss and group delay. The group 

an ultimate rejection of well over - 100 dBc). delay is exceptionally flat to the 7 dB, B.W. and then rolls 

The tunable combline filter shown in Figure 4 has 

essentially a 2.5%, 3 dB BW over its entire:›3:1 tuning 

range: 3.>8 GHz. No noticeable spurious returns ( above 

approximately -60 dBc) are apparent to nearly 13.4 GHz over 

the entire tuning range. 

If one were so inclined, one might say that this de-

vice in an evanescent mode device at the lower tuned fre-

quencies where: 

F (min) mode  

Fo (min) tuned 

13.4 GHz  
'N., 5:1 

2.7 GHz 

and a combline at the upper reaches of its tuning range 

where: F mode/fo 1-L!' < 2.1 
8.15 • 

Remembering, of course, that the response above 13.4 GHz 

off monotonically, a general characteristic of linear phase 

filters that also have excellent time domain properties. 

The additional data table: ( Figure 5C) shows tabul-

ations for the non-linear ± 1° and ± 0.5° bandwidths: the 

interesting features are, however, the exceptionally deep 

notches: 110-112 dBc, and the pulse response, which was 

traced from an oscilloscope photograph; the apparent time 

sidelobe ( note: looks more like it may have been caused by 

a load mismatch since it is devoid of normal zero-axes cros-

sings which are typical of the "ringing effect") is on the 

order of -33 dBc, which incidentally is the return loss 

minima value measured at fo. See Return Loss Plot ( Figure 

5C) 

is waveguide moding, and not an element caused spur re- Conclusions: The physical realization of parallel 

sponse. coupled- tubular- like, combline, interdigital filters and 

Figure 5 gives the general details on the rotation the use of angularly variable coupling means O , iiand 0 

coupled (WS 2 /(3,t,00,  p,) bandpass filter, in this case a 4 angle rotated elements for controlled coupling/decoupling 

pole, 2 zero tunable device tuned to 92.3 MHz, spacing, have been described for a variety of inductive element 

sense, and judicious use of partial electric walls and an 
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The use of this type of program was exceedingly beneficial in determining 

whether or not the generator met its rated specifications. 

RP output 

GPIB CONTROLLER Signal Generator 

Spectrum Analyzer 

 1 Plotter 

Using the same setup, automated testing can be used to determine the 

frequency switching time of a new design. The following two plots show the 

responsiveness of the Wavetek 2500 during its initial design stages. The 

signal generator is rated at s switching speed of 200 ms, +/- 100 Hz of final 

value in CW and for changes greater than 10 kHz in FM mode, with • typical 

speed of 100 ms. To prove the initial design, GPIB testing was used to 

determine, plot, and record the switching speeds across critical bands. This 

exercise was extremely beneficial in pointing out both the high performance 

areas, as seen in the switch completed in approximately 50 msec, and the areas 

which required refinement. Such characterization can assist not only the 

design groups but can emphasize design superiority in a sales or marketing 

arena. A picture is worth a thousand words as the saying goes. Those 

pictures, proving technical superiority, are easily generated using GPIB test 

procedures in the engineering lab. The program used to generate the switching 

time evaluation is also included for your reference in the appendix. 

The last example to be presented is no more complex in test procedures 

or setup as the previous illustrations, but does encompass a more critical RF 

destgn area, that of phase noise characterization. As the local oscillatoe 
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phase noise will affect the overall performance of a receiving system, 

obtaining an accurate analysis of the receiver system is highly critical. In 

• manual mode, this measurement is time consuming and highly vulnerable to 

human error. In an H.P. application note ( 270-2) the recommendation is to use 

a narrow resolution bandwidth and perform eight sweeps, collecting data by hand 

at specified offset frequencies. All of these functions can be efficiently 

programmed and controlled through the use of the GPIB and a programmable 

spectrum analyzer. Using the programmable features of the analyzer will 

provide the opportunity to determine the phase noise sideband envelope over a 

wide frequency range. This is done by selectively avoiding discrete signal 

points. 

The last series of charts in the appendix shows • thorough evaluation 

and comparison between Fluke, HP, and Marconi signal generators with respect 

to upper sideband phase noise. 

Again, the use of test equipment with GPIB can be seen as a very 

valuable design development tool. It can be employed both in technical market 

definition, such as the comparison of competitive equipment, and in design 

definition and evaluation. GPIB in the engineering lab increases both the 

credibility of the data and the efficiency in obtaining that data. Certainly. 

RF design testing can be made easier through automated testing procedures. 
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configurations that are easily incorporated into moderately 

narrow band tunable bandpass filters. Because tunability 

was of prime consideration in these designs, wide band-

width>5% BW 3dB was not considered. However, much wider 

bandwidths are practical with many of these structures, 

depending on ( a) type of resonator, and ( b) orientation of 

inductive elements, spacing,e , , and 0 angle relation-

ships, etc. 

Coupling or decoupling may be obtained by spacing, 

rotation or by the use of decoupling iris, or other means, 

in the form of probes, crossing wires or posts which may 

in turn be rotated as a design variable: Figures 5. 

As an added feature, one may incorporate ( a) partial 

walls ( septums) which may be rotated as to position to 

provide controlled decoupling ( partial electric or magnetic 

walls) or one may use direct or tapped L or C coupling 

to further enhance the range of possibilities for various 

response shapes in the frequency and/or time domain. 

A generalized design procedure has not been presented 

here since the arithmetic is rather cumbersome and to some 

extent proprietary; also, patent protection has been sought 

on the general design of all of these devices. 

(conclusions continued on page 8) 
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(conclusions continued) 
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0: " LISTEN :• TAL' ROUTINE on 2500": 60: wet " go"."RTE " strgFx: 120: next 1 
1: .t1+061d20: 20Wdo86": 61: wrt 0,"RTE " str(R: 121: 
2: tri- 1:101 8 02: wait W 122 : 0.0 . ENp 04 ROUTINE"sbeep:stp , gto .0 

C.: dim Mt[7].04[71.R4 [407 e.: wrt ' so","RTE^« 127: 
4: " C.:FIE 44dores.": ,,e, " se«,702 tab: wait W 124: "Reed": 
5: " Time de1av msr:500Iw 4,51 ost ' Read" 125: wait W 

7 bb: pep "SELECT" 126: red " so".R4 

-: welt w 67: 127: wait W ' 

8: -Enable SR0«:wrt " se,"ROS ON" 68: "MOD OFF": 128: re0 " so".R4 
0 : welt 14 60 : wet " sp"."/AM 011:1FM 0 ektr:XAM 0%:XFM 0,44:« 120 : Osp "Press CONTINUE 4o, READ strlflo":sto 

10: ost -Fes . 7e, ... it w 1::»0: der R.:ste 
11: osb "SELECT" 71: wet "so"."mOD OFF « 171: "-et 
12: 72: efet 0, "MOD OF 122: 
27.: " ORP": 4 ::d 5 72: wait w 17:: "SELECT": 
14: ent " Enter FREDUENCY In MH:",F 74: wrt «,,"MOD'" 174: dsp "SELECT USER KEY or CONTINUE «istd ; rut 

15: wrt " edp"."FRO " t4str ,F,t" MN:" 75: wait W 17.5: 
lb: wet 0."FRO " 3,str(F/11.' MN:« 7b: Oeb "Read" 176: "ROE": 
17: wet " so"."FRO^" 77: oat "SELECT" 177: rds( 7 ))A:wait W 
19: gst "Read" 78: Ire, 14 bitt,,A1»0:gto .2 
19 : oso " SELECT" 79: "RF": 129: 14 bit16,rds170211:wait W;gto -r 
20: 80: ent 'Ente, "ON" or RF ,..te' , Ot 14 0: rat 

21: "LVL":+we 2 81: wrt "","RF "00s 141: 
ent "Enter OUTPUT LEVEL in dPm",L E2: wrt 0,"RF "b0s 142: "KEY LIST": 

22: wet " so","LVL " Sestr11,18." dbm« ez., wait w 242. - 40. FRO": 
24: wrt 0,"LVL ":4str(L)t" dbl." 04: wrt " sg","RF?" 144: "41: LVL": 
25: wait W 05: wa:t W 145: " 42: MOD": 
:b. wort " sg","LVL?" 861 test " Read" 146: " 47: RTE", 
27: wait W 87: gsb " SELECT" 147: " 44: NOV OFF": 

28: gst " Read' 88: 148: " 45: RF": 
29: gsb " SELECT" 89: " SET?«: 149: " fee SET": 
70: 90: wrt " so"."5E7, " 1501 " 47: 1D?": 

71: " MOD":4xd 2 011 waI t W 151: " 48: HELP?", 

72: .nt "Enter: 1AM, ION, ¡AM, or 10,me 02: osb " RgS" 625221 
77: 14 Mew«IAM" or M4."iam« or ms.-xam , 0- msw-,6eu:ost "AM" 924 ¿ or 1.1 to 10 
".:4: 14 Mt."/FM" or Mew"Ifm" or Mm.",(F.' or Per..,4,:,.:p$6 -rm. 04 , red "se.R4 
75: Oso " SELECT KEr- or Press CONTINUE":stP 95: wait W 
26: oto " RTE" Ob: est Re:wait le7 
77 : PT: next I 

2E: " AM":4x0 1 46: 
2.: ent " Enter AMPLITUDE MODULATION in :',", M 90 : "ID"": 

40: wrt "e0".Me" " 44etr(N)E,' "4" 100: wait w 
41 : wrt 0,Mt:" " str:M/t" 1:" 101: wrt « sg"."Ir?« 
42: .it w 102: wet 0.«ID" 

67, :4 nteNiAm":wet " so","lAm?" 107: wait Is: 

44: Mew"XAM":wet " so"."XAM'7" 104: out "ROE" 
45: wait 14 105: ¿ Dr 1.1 to 7, 
46: osy " Read" 106: red ' 150",Rt 

47: ret 107: wait W 
4E: 100: dsp RI 
Aç.: "CM":4"0 .... le,S wait 142 
50: ent " Enter FM DEV/ATIoN in kwr.,m 110: next I 

51: wrt "sg".mit' "&str(M)T,'• kHz' 111: 
rz: .....t 0,m41,' ",xstr(Mle," eM:" 112: " HELP'": 
57: wet ,so , .nst, n, 112: wrt 

114: wrt 
5e: welt W 

csb " Read" 115: wait le: 
110: ost -Roe . 

5o: ... st 11 7 : 4o, 1.1 to 7 

r7: 11E: red " sc . Rir 

5: vent " Once, 100@ o, 400 4or nor RATE' ,F 11.0: esp ., alt 1e7 
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FIG. 1 SOME OF THE POSSIBLE INDUCTIVE ELEMENT PHYSICAL CONFIGURATIONS THAT MAY 
BE USED IN A ROUND-TUBULAR GROUND PLANE HOUSING. 
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c, 
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FIG. 2A1: HELICAL COMBLINE 
NOTE: Pitch and Sense Is also a considered variable 

as well as Helix Dlameter and S: Spacing 

FIG. 2A3 
HELICAL, ROTATION COUPLED 

11) 

FIG. 2A2: HELICAL, INTERDIGITATED 
(See Note: FIG. 2A1) 

ALL RIGHTS RESERVED 
OR. R. A. WAINWRIGHT 
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KENSINGTON, MD 20895 

SOME POSSIBLE TYPES OF INDUCTIVE ELEMENT ARRAYS THAT MAY BE USED IN A 
ROUND TUBULAR GROUND PLANE: e and `I, ROTATION FOR FIGS. 2A & 26 AND 
0, 4, AND ri) FOR ANNULAR RING, TOROIDAL HELIX RING: REF. 262: TO THESE 
MAY BE ADDED VARIOUS COUPLING STRUCTURES FOR ADDITIVE/SUBTRACTIVE 
INTERFERENCE j_ I Angle 4' applies to all Figure 2 drawings. 
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FIG. 283: POST•ROTATION COUPLED 
SOME POSSIBLE TYPES OF INDUCTIVE ELEMENT ARRAYS THAT MAY BE USED IN A 
ROUND TUBULAR GROUND PLANE: e and ig ROTATION FOR FIGS. 2A & 2B AND 
0, 4, AND e FOR ANNULAR RING, TOROIDAL HELIX RING: REF. 2E12: TO THESE 
MAY BE ADDED VARIOUS COUPLING STRUCTURES FOR ADDITIVE/SUBTRACTIVE 
INTERFERENCE 3 Angle 4, applies to all Figure 2 drawings. 
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FIG. 2C1: ANNULAR RING, COMBLINE 
NOTE: Rings have an added degree of freedom In * e° rotation angle 

•••--. S1,2 52.3 --e• 

FIG. 2C2: ANNULAR RING - INTERDIGITATED 

ALL RIGHTS RESERVED 
DR. R. A. WAINWRIGHT 

1301) 948-1800 
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1504 WHEATLEY ST. 
KENSINGTON, MD 20895 

FIG. 2C3: ANNULAR RING, ROTATION COUPLED 

NOTE: The Helical Ring Toroidal Inductor Array Is left to the 
Imagination of the readér, Ref. FIG. 182 

SOME POSSIBLE TYPES OF INDUCTIVE ELEMENT ARRAYS THAT MAY BE USED IN A 
ROUND TUBULAR GROUND PLANE: 0 and * ROTATION FOR FIGS. 2A & 28 AND 
9, 4, AND 41 FOR ANNULAR RING, TOROIDAL HELIX RING: REF. 282: TO THESE 
MAY BE ADDED VARIOUS COUPLING STRUCTURES FOR ADDITIVE/SUBTRACTIVE 

INTERFERENCE lj Angle * applies to all Figure 2 drawings. 
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Abstract 

00K, FSK, and PSK Data Receivers Using an AM-FM Receiver IC features and therefore more pins. The one exception is that 

the ULN2241 provides an AGC output from pin 10 in the FM mode 

which goes from 5V to 0 as the input signal increases. The 

ULN3840, on the other hand has a DC output from pin 15 which 

increases with the input signal level and goes from 0 to 

about 4 volts in both the AM and FM modes. Other features 

unique to the ULN3840 are an AFC output, a mute signal, and 

mute input pin. 

Jon GrosJean 

Woodstock Engineering 

HCR Box 110, Pulpit Rock Road 

South Woodstock, CT 06267 

The Sprague ULN2241A and ULN3840A ICs are designed to be used 

in consumer AM-FM radios. They contain all the necessary 

functions for a complete AM tuner plus the FM IF and 

detector. With a few simple changes in the recommended 

circuitry, they can be used in a wide variety of low cost 

crystal controlled or synthesized 00K ( carrier is amplitude 

modulated or turned on and off by the data), FSK ( carrier is 

shifted in frequency by the data), and PSK ( carrier is 

shifted in phase by the data) data receivers. The range of 

data rates is almost unlimited because the IF frequency is 

not limited to 455 kHz and the inclusion of an internal mixer 

and regulated supply means that in many cases, the complete 

unit can be built with a few coils and an unregulated supply. 

ULN2241A and ULN3840A 

B.cck diagrams of the ULN2241 and ULN3840 are shown in 

Figures 1 and 2 respectively. The two ICs are essentially 

identical in performance except that the latter has more 

a 

Typical radio receiver circuits using these two ICs are shown 

in Figures 3 and 4. 

contained in the IC 

added. The AM local 

Note that the complete AM tuner is 

and only the tuned circuits need to be 

oscillator is a negative resistance type 

and is internally connected to a low-noise balanced mixer. A 

very important feature of the ICs is that the AM and FM IF 

amplifier are common and use the same transistors. Each 

stage of the IF amplifier is down 3 dB at about 30 MHz, and 

there are four stages. This differs from most combination 

radio IC's which have different IF sections for AM and FM and 

the AM section is usually designed not to have much gain 

above 455 kHz. Since they are common in the ULN2241 and 

ULN3840, the IF out pin is common for both modes and the 

detector coils must be connected to feed the FM and AM 

detectors. In this application, the AM detector coil is a 

short circuit in the FM mode, and the 22 uH coil feeds the FM 

quadrature detector coil. Because a quadrature detector is a 

phase detector with one input connected internally to the IF 

output and the other connected to the quadrature coil, it can 

also be used, as we shall see later, as part of a phase 
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detector in both FSK and PSK demodulation. 

The frequency range of operation of the mixer is from audio 

up to about 100 mHz and althougn me mixer is designed to 

work only in the AM mode, it can be turned on in the FM mode 

by connecting a bias resistor from the reference voltage to 

the mixer bias pin ( 12 on toe ULN2241 and 15 on the ULN3840). 

The mixer works quite well at 100 MHz if a buffered signal is 

fed to the oscillator input port, and it will handle input 

signals up to about 30 mV without significant 

crossmodulation, but in the AM mode the internal oscillator 

gives up at about 30 MHz. A stable internal regulated 

voltage is available from pin 9 on the 2241 or 13 on the 

3840. If this voltage is used for other circuits in the 

receiver which require a regulated voltage like an 

oscillator, then the unit can be built to operate from an 

unregulated supply. ( The current drawn from the regulator 

should not be more than about 2 mA.) The input impedances to 

the mixer and IF amplifier are quite high at the lower 

frequencies, and so it is possible to accommodate a wide 

variety of RF or IF filters. 

The mute output pin of the ULN3840 can be used to drive the 

internal mute when in the FM mode so that noise is not 

present at the output when no carrier is being received. It 

ce.n also be set up to mute if there is a tuning error and the 

mute, signal could also be fed to the data processing circuits 

tú indicate a loss of carrier or a signal too small for 

reliable reception. 
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00K Data Receivers 

Personally, I do not like the term 00K because the carrier 

may not be completely off oecause at leakage. AM seems to be 

a more appropriate term with the ON/OFF ratio being 

specified. 

AM modulation is not used very often in data transmission, 

because of claimed susceptibility to errors, but this seems 

to be grounded in the belief that AM radio has more static 

than FM. In fact, AM requires a S/N (power ratio) of only 

about 18.5 dB for a BER of 10E-9 ( 1). AM is also very easy to 

generate by simply gating the RF signal on and off, and it 

occupies much less bandwidth than FSK. A 20 dB S/N is not 

difficult to guarantee in cable systems and bandwidth might 

be an important factor in these cases. ( 2) The only 

restriction here is that the receiver IC has an internal AGC 

system, so it is better to operate the system with the 

carrier normally on and the data signals turning it off. The 

number of data signals in succession which turn the carrier 

off must be limited depending on the time constant selected 

for the AGC or the IC gain will increase until it reaches its 

maximum gain condition. 

Figure 5 shows a 14.5 MHz AM data receiver using a crystal 

controlled external oscillator. The AM local oscillator coil 

is replaced by a 100 Ohm resistor to prevent it from 

oscillating due to the internal negative resistance. The IF 
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frequency in this case is 4.5 MHz and was selected as a 

compromise between image rejection and available coil Q to 

produce the desired IF selectivity. Note that the internal 

detector has not been used here. This is because the data 

rate for this receiver is up to 38 KBPS and the internal 

detector is designed for audio use. At lower data rates, the 

internal detector can be connected to an external comparator. 

Other possibilities might be a diode detector and comparator. 

The AGC time constants are set by the capacitors on pins 16 

and 12 with the one on pin 16 being the most important. If 

the carrier is always on and long strings of data are to be 

sent, the capacitor on pin 16 can be made larger. If fast 

attack for the AGC is desired, it can be made smaller. 

If higher data rates are desired, a wider bandwidth filter 

can be used. A 10.7 MHz ceramic FM IF filter will allow data 

rates up to about 140 KBPS. If the data rates are low, a 455 

kHz IF can be used but this may require dual conversion to 

achieve the desired spurious response rejection. 

It should be pointed out that the occupied bandwidth of AM 

data signals is only two times the data rate. The occupied 

bandwidth of FSK signals is approximately 2(data rate)+ 

2(frequency shift) so that this data receivers which can 

handle 140 KBPS in the AM mode would handle only about 65 

1BPS in an FSK mode with a frequency shift of 75 kHz. 

FSK Data Receivers 
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Grounding pin 16 of the ULN2241 or 1 of the ULN3840 puts it 

into the FM mode. As was mentioned above, the mixer is off in 

this mode, but as was mentioned earlier, it can be turned on 

by connecting a resistor from the reference voltage to the 

mixer bias pin. In the ULN2241, this resistor can 

connected to the AGC voltage on pin 10 so that the 

is reduced as the signal level increases. Figure 6 

instead be 

mixer gain 

shows a 49 

MHz FSK receiver using an external crystal oscillator and 

comparator to produce the output pulses. Unlike in the AM 

case, there is no limit on how long the data can stay in the 

0 or I state. This particular data receiver uses a 10.7 MHz 

FM receiver IF filter and will operate up to about 50 KBPS. 

Current 10.7 MHz FM receiver IF filters such as the Murata 

SFE 10.7 ML or Toko CFSD have excellent group delay response 

and cause very little pulse distortion. 

The FM detector is a standard quadrature detector and when it 

is correctly tuned at the center frequency, the output from 

pin 5 is the same DC voltage as the reference voltage on pin 

9. In the ULN3840, the AFC output pin can also be used if a 

load resistor is connected from pin 7 to pin 13. The 

reference voltage can then be used as the other input to the 

comparator. 

An alternative to this arrangement is, of course, the 

Motorola MC 3356 which has been specifically designed as an 

FSK data receiver. 
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PSK Data Receivers 

PSK modulation is capacie of iow error rates in the presence 

of noise ( 1) and occupies a bandwidth only equal to twice the 

data rate ( 6), but the circuitry is complex and there are 

restrictions on the data format because of the phase 

ambiguity problem. One solution for polled systems was 

mentioned in another paper ( 4) and other schemes are 

presently used for telephone data receivers. ( Polled systems 

are those in which a number of receivers are polled in 

sequence.) The most common solution for RF data receivers is 

to use a phase- locked- loop with a very narrow bandwidth for 

demodulation. In any case, the ULN2241 and ULN3840 have many 

of the necessary components for constructing the loop ( 3). 

Figure 7 shows a PSK demodulator which uses the phase 

detector in the ULN2241 for the loop and an external MC1496 

phase detector to detect the 180 degree phase changes. The 

VCO locks up at 90 degrees from the signal at the IF output 

on pin 8 of the ULN2241, and the IF output is shifted 90 

degrees by T10 and applied to the MC1496. Thus the ULN2241 

contains the Q detector and the MC1496 the I detector. The 

output of the I detector is fed through a low-pass filter to 

a comparator to produce the output data. 

The Q or loop phase detector consists of the quadrature 

derector components in the IC, and the audio output pin, pin 

5. Is the phase detector output. The phase detector constant 

for the ULN2241 and ULN3840 is 3e8 voits/radian. The 
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internal impedance at the audio output pin is about 900 ohms 

so R1 is added together with R2 and C to form a passive loop 

filter. If the ULN3840 is used instead, the AFC output could 

be used, and the load resistor from pin 7 to 13 could be R1 

of the loop filter. The AFC output is a current source with 

a detector constant of about 700 uAiradian. The oscillator 

constant, Fo, for this circuit is 577e3 radians/sec/volt, so 

the loop frequency of this design is 1 kHz.(5) This is a 

relatively narrow band loop, but it still will have a problem 

with data pulses over about 200 microseconds long; ( 5) When 

the carrier changes phase 180 degrees, the loop tries to 

follow it, and if the carrier stays at 180 degrees long 

enough , the VCO will lock on to the 180 degree carrier. If 

the VCO changes only 90 degrees, the role of the two phase 

detectors is reversed and the data will be lost. Thus, the 

length of the data pulses must be restricted or some means 

must be found to accommodate longer ones. A common solution 

is to build a very narrow-band loop and use a crystal-

controlled VCO to keep it very close to the center frequency 

so that lock- up can be achieved in a reasonable length of 

time. 

Conclusion 

It has been shown that low-cost RF data receivers can be 

ouilt with integrated circuits commonly used for consumer 

AM/FM radios, and their operating frequencies are not limited 

to the broadcast frequencies. Almost any range of data rates 

and type of modulation can be accommodated, and in many 
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cases, very few external components are required. In 

particular, the Sprague ULN2241A and ULN3840A are 

exceptionally good for this application because of the wide 

frequency response of their internal mixer and IF stages and 

features like AGC drive, signal strength indication and mute 

input and output. 
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The PIN Diode - Uses and Limitations 

by 
Jack H. Lepoff 

Applications Engineer 
Hewlett-Packard Company 
350 West Trimble Road 
San Jose, CA 95131 

ABSTRACT 

The PIN diode is a useful element in the design of attenuators, switches, 

and modulators. Under ideal conditions the diode acts as a current 

controlled resistor. However, there are limitations on performance 

related to frequency and power. 

This paper covers some of the low frequency and high frequency 

limitations of PIN diode applications and factors determining these 

limits. Other topics are diode parameters that control resistance and 

power limitations on attenuator performance. 

INTRODUCTION 

The PIN diode is a three layer device ( figure 1) - an intrinsic high 

resistance I layer in the center with conducting P and N layers on either 

side. The conducting layers are formed by adding impurities to produce an 

excess of positive charges on one side and an excess of negative charges 

on the other. Diode resistance can be controlled by DC bias voltage. 

Both positive and negative charges injected into the I layer lower its 

resistance. Diode resistance is approximately proportional to the inverse 

of the current. 

Ideally PIN diode resistance is controlled by the DC current and 

independent of the RF power level. However, at high power levels the 

charge in the I layer may vary at the carrier frequency. In attenuator 

applications this variation in diode resistance is responsible for 

distortion. The effect is most severe in absorptive attenuators at low 

frequencies, with some power also absorbed by diodes in reflective 

attenuators. Since the amount absorbed depends on the attenuation level, 

distortion in both types is a function of attenuation. 

Most switches are reflective; power is either reflected or passed. 

Little power is absorbed by the diode so distortion in switches is not a 

problem. PIN diodes can have a wide range of switching times - from a few 

nanoseconds to close to a microsecond. The time depends on the 

combination of forward current for one state and reverse voltage for the 

other. Switching time is faster in the transition from reverse to forward 

bias. 

Reverse recovery time is related to switching time. Forward current 

injects charge into the diode, then a reverse pulse removes the charge. 

Time for recovery to a low value of current is defined as reverse recovery 

time, and depends on the values of forward current and reverse voltage 

used in the measurement. 

In addition to switches and attenuators, PIN diodes can be used as 

absorptive modulators. The diode resistance is varied at the modulating 
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Properties of class A and B power amplifiers 

A THICK FILM HYBRID TRANSMITTER FOR CELLULAR TELEPHONE For power amplifiers , the output current is either in the cutoff 

region or saturation region during a portion of the input signal 

by cycle. This leads to the classification of power amplifiers into three 

modes of operation: class A, B and C. When the output current flows 

PEKKA miKKOLA during the whole input signal cycle, the amplifier is called class A 

amplifier. If the output current flows only during the half of the 

NOKIA-MOBIRA OY input signal cycle, the mode of operation is B and if the output 

RESEARCH AND DEVELOPMENT DEPARTMENT current flows less than half of the input signal cycle the amplifier 

is called class C amplifier. 

P.O.BOX 86 

SF-24101 SALO The class of operation of the transistor amplifier has significant 

FINLAND effect on available gain and efficiency. Figure 1 shows the variation 

of efficiency and maximum,autput power as a function of operation mode 

and conduction angle. 

Introduction 

Rapidly growing markets of cellular telephones are demanding smaller 

lighter and cheaper. radiotelephones. To fulfill these demands 

manufacturer have to search new production techniques also for the 

radio units of the cellular telephones. This paper describes the 

design and performance of a thick film hybrid transmitter. Thick film 

technique was selected, because it is cheaper and more suitable for 

mass-production than thin film technique. The frequency range of the 

transmitter is from 890 MHz to 915 MHz. 

The design of the power amplifier is based on measured S-parameters 

and large signal impedances of the transistors and equivalent circuits 

of passive components. The analysis and optimization of the matching 

circuits was done using computer, because the same work done manually 

would be an overwhelming task. 

Measurement of S-parameters was done using an automatic network 

analyser. Large signal impedances were measured with conventional 

pull- load method and equivalent circuits of passive components were 

measured using HP 4191A impedance analyser and the least squares 

fitting method. 
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frequency while passing a higher carrier frequency. The ability to 

modulate diode resistance is limited by the diode carrier lifetime, the 

time required to remove charges from the I layer. For efficient 

modulation the lifetime must be short compared to the modulation period, 

while low distortion requires the lifetime to be long compared to the 

carrier period. When these two frequencies are not far apart it may not 

be possible to satisfy both conditions, and a compromise value of lifetime 

is chosen. 

Figure 2 shows the frequency limitations for diodes with lifetimes 

ranging from 10 nanoseconds to 2 microseconds. The fast switching diodes 

are best with carrier frequencies above a gigahertz and modulation 

frequencies below 100 kilohertz. The long lifetime diodes are best with 

carrier frequency above 10 megahertz and modulation frequency below 1 

kilohertz. However, these limits are not rigid and diodes are useful 

beyond these limits. 

In addition to the inverse current relation, I layer resistance 

varies as the square of the I layer thickness and inversely as the 

lifetime. However, the lifetime is itself a function of I layer thickness 

so that a longer lifetime diode has more resistance in spite of this 

inverse relationship. Figure 4 shows that the 5082-3081 diode with 2 

microseconds lifetime has 30 times the resistance of the 5082-3043 diode 

with 15 ns lifetime. Another example of resistance dependence on lifetime 

is seen in Figure 5. These diodes are in shunt so higher attenuation means 
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lower resistance. The short lifetime 3141 has lower resistance because it 

has a thinner I layer. 

The relation between resistance and current is not valid at high 

currents. The resistance levels off at a current which depends on the 

diode construction. This residual series resistance is usually guaranteed 

to be below a specified maximum. 

Attenuator designers often need more information about the resistance 

current relationship. The specifications for current controlled resistor 

diodes such as the HPND-4165 shown in Figure 6 include maximum and minimum 

resistance values at 10 microamperes and at 1 milliampere. In addition, 

the slope of the curve, the exponent of current, must be matched to 0.04 

for all diodes in a batch. Since the slope, x, can vary from 0.83 to 1.00 

while satisying the resistance specs, this delta slope spec tightens the 

matching considerably. 

A low frequency limitation of the PIN diode is the dielectric 

relaxation frequency. When current is removed from the diode most of the 

charges return to the p and n layers. However, some charges remain in the 

underpleted portion of the I layer. At low frequencies this undepleted I 

layer resistance shorts out the I layer capacitance. A capacitance 

measurement would be high because only a portion of the I layer, the 

depleted portion, would be measured. Capacitance measurements at low 

frequencies ( 1M1z) require the use of reverse bias to drive out the 

= I= I=1 1=S I=1 1=8 j. 



The gain of the transistor decreases if the bias point of the 

transistor is transfered from class A towards class 8, while 

efficiency increases. Both of these parameters determine also the 

total efficiency of whole amplifier. The first stage or the power 

amplifier operates usually in class A, because this clàss gives the 

highest gain and power level is relatively low so the » fficiency in 

this case is not of major importance. The last stages operate on high 

power level and efficiency rias to he as high as possible without 

sacrificing the gain of the transistor For this reasm in the UHF 

frequency range class B is usually chosen as goon ccmpromise between 

gain and efficiency. 

Amplifier design 

The target specifications for hybrid amplifier were 23 dB gain with 

2 W output power and 12 V supply voltage in 890-915 MHz frequency 

range. This leads to three amplifier stages when the average gain of 

each stage is T-8 dB. The operation classes of the stages were A, B 

and 8 for optimum total efficiency. 

Class A amplifier can be considered a linear amplifier and the theory 

of linear two ports can be applied directly to the design of matching 

circuits of the transistor. The small signal S-parameters are not 

useful for class B amplifier design , because it operates in nonlinear 

region. In this case the design of the matching circuits is based on 

large-signal impedances which can be measured using conventional pull 

load method. 

Manufacturers usually give the typical values of S-parameters for 

packaged transistors. However, in hybrid circuits transistors 

bonded on a substrate in chip form. This structure is different 

packaged transistor and 5-parameters mentioned in data sheet are 

valid anymore. 

are 

from 

not 
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S-parameters for the first stage transistor were measured using 

automatic network analyser and three point calibration method, which 

uses short circuit, 50 ohm load and open 7arcuit as reference 

impedances. The test jig is shown in figure 2 and reference impedances 

in figure 3. 

eel e°9, 

Figure 2. S-parameter measurement :, 1g. 

Figure 1. Reference impedances for. three point calibration. 
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charges in the undepleted I layer in order to measure the capacitance of 

the entire I layer. At higher frequencies the reactance of the undepleted 

I layer is small and the resistance of the undeplete charges is not small 

enough to cause this capacitance error, so no reverse bias is needed. 

The dielectric relaxation frequency is the frequency where the 

resistance of the undepleted charges equals the reactance of the 

undepleted I layer. This frequency is about 80 Wiz for general purpose 

diodes, about 16 GHz for the fast switching diodes. When operating below 

the dielectric relaxation frequency it is necessary to use reverse bias to 

reach the specified capacitance. Since reverse bias i3 normally used in 

switching applications to speed up the switching, the concept is not 

important for fast switching diodes. 

We have seen two possible problems at low frequency. The resistance 

can vary at the carrier frequency and the capacitance can vary with 

reverse voltage. There is also a high frequency limitation. At zero bias 

we expect the diode to approximate an open circuit. This is true at low 

frequencies when the capacitive reactance is high. At higher frequencies 

the reactance decreases and the insertion loss of a shunt diode increases, 

related to the product of frequency and capacitance. Figure 8 shows how 

insertion loss varies. When this product is 3.2 for example, the loss is 

1 dB. 
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Figure 9 indicates a technique for extending this frequency 

limitation. The diode capacitance may be included in a low pass filter 

with the lead inductances on either side of the diode. Package outline 60 

and 61 diodes are made this way. The ribbons to the diode chip are 

properly shaped to provide the needed inductance. When chips are placed 

in other packages the limitations due to package parasitics appear at 

frequencies well below what is shown in Figure 8. Before the insertion 

loss increases because of low diode reactance, the package inductance 

resonates with the diode capacitance. Figure 11 shows this resonance for 

a 0.12 pF diode in packages 15 and 31 at 9.2 GHz and 14.5 GHz. Insertion 

loss due to diode capacitance alone at these frequencies is about 0.1 dB. 

Figure 12 shows the problem at forward bias. The package parasitics 

resonate with each other changing the low resistance Rs to an open 

circuit. Similar problems limit the performance of series diodes to the 

VHF region. Figure 13 shows that isolation drops below 20 dB at a few 

hundred MHz. Chip isolation was calculated with 0.5 nH assumed for the 

lead inductance. The graph demonstrates that microwave applications for 

series diodes require the use of beam leads. 

Isolation in a shunt switch is limited by the diode series 

resistance. Using two diodes together cuts the resistance in half and 

finproves isolation 6 dB. Figure 14 shows the results of using two diodes 

spaced by 90 degrees. The dB isolation more than doubles, and the 

bandwidth is quite wide, exceeding 50 dB isolation for about a 10:1 



The nonidealities of the network analyser are eliminated by computer, 

which-calculates the correction factors for measured S-parameters and 

writes out the corrected values on paper or to mass-storage media like 

floppy disk. These parameters can be used directly to the design of 

the matching circuits without any kind of peeling process, because 

reference planes were selected to be on the connection point of the 

transistor bonding wires. 

As previously mentioned, a power transistor can be described in terms 

of the large-signal source and load impedances required to prnduce a 

given output power and gain. A typical measuring system for large-

signal impedances and power measurements is illustrated in figure 4. 

Power 

met. 

Porn.' 

,neter 

Trammo, 

Pore, 

Mete' 

Figure 4. Measuring system for large-signal impedances / 3/. 
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Tuners used in this measurement system were coaxcial stub tuners. The 

input tuner was adjusted until reflected power was zero and output 

tuner was adjusted for given output power level. After the transistor 

was properly tuned for given power level , the transistor was 

disconnected from the test setup and the impedances at the reference 

planes A and 8 looking toward the generator and toward the load were 

measured with a network analyser. The conjugates of these impedances 

represent the transistor's large-signal input and output impedances, 

respectively. These impedances are functions of output power level, 

frequency and bias conditions. For this reasón the transistor has to 

be measured in those conditions where it is intended to be used. 

Matching circuits consist of microstriplines and ceramic chip 

capacitors. In spite of the small size of the chip capacitor its 

equivalent circuit contains small series inductor, which means that 

the capacitance is a function of frequency. For accurate computer 

analysis the equivalent circuit of the capacitor has to be measured. 

The capacitance was measured with HP 4191A impedance analyser as a 

function of frequency . The equivalent circuit of the capacitor, 

which consists of inductor and capacitor in series connection, was 

fitted to the measurement results, using least squares fitting method. 

The total capacitance can be written in form 

1 1 

Cto t 

where C and L are the values of the equivalent circuit. 

I 1 ) 

This equation is of quadratic type and coefficients C and L can be 

solved using quadratig regression analysis. 



frequency range. It might be expected that this two-diode switch would 

double the power handling ability, but there is no improvement. The 

second diode absorbs very little power and does not contribute to the 

power specification ( Figure 15). 

With 1 ohm resistance a shunt diode absorbs less than 10% of the 

incident power. In this application the incident power can be 10 times 

the power rating of the diode. In attenuator applications the multiplier 

is only two, corresponding to 6 dB of attenuation. Figure 16 shows this 

ratio as a function of attenuation. Switches can handle many times the 

diode power rating, since the loss switches from low insertion loss to 

high isolation. However, this assumes that switching time is fast 

compared to diode thermal time constant. 

Both shunt and seiies diodes attenuate by reflecting most of the 

incident power. In many applications this reflected power disturbs the 

operation of another element of the system. Figure 17 shows a number of 

attenuator designs that maintain a low value of SWR at all attenuation 

levels. The n and T attenuators are symmetrical with the outer diodes 

set at the same resistance, but the inner diode set at a different value. 

Bias circuits may be built with "one knob" tuning providing the proper 

(1) 
bias current to all three diodes. 

The ideal behavior of attenuation controlled by current, independent 

of RF power, is not valid at high power levels, due to rectification of 
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the RF signal. Figure 18 shows how low level attenuation is increased at 

1.6 watts, with the effect most severe at 3 dB attenuation. Rectification 

is easier with short lifetime diodes so the 5082-3141 curve is higher. 

Rectification is also easier at lower frequencies so we would see VHF 

curves above these. Bias resistance was zero for this data. 

Since this increase in attenuation is due to rectified current we 

expect a reduced effect when bias resistance is increased. This is shown 

in Figure 19 where the effect is not seen until the power reaches a half 

watt with bias resistance increased to 100 kilohms. Above that level the 

opposite effect is seen. Attenuation decreases at higher power indicating 

an increase of diode resistance. This increase of resistance is the 

result of diode heating. In this example rectified current is small so 

the diode heating effect is dominant. 

(1) Hewlett-Packard Application Note 936, High Performance PIN Attenuator 
For Low Cost AGC Application. 

en I= I= = C=I 



The basic structures of the matching circuits were designed using 

immittance chart. The starting values were optimized with computer 

using APLAC program /2/. This program is intended for the linear 

analysis of the microwave circuits, but also matchino circuits tor 

nonlinear transistor stages can be designed when the input and the 

output ports of the transistors are treated as passive impedances 

;large-signal impedances). Today there is more powerful programs 

commercially available than APLAC. Most widely known programs are 

probably. Toucnstone and Super-Compact. 

Construction 

The circuit was printed on 0.635 mm thick alumina substrate using gold 

and resistor pastes. Metallized holes were made printing gold on both 

sides of the substrate. Chip transistors were bonded to the substrate 

with conductive epoxy and gold wires using ultrasonic bonding. After 

this the substrate was fixed to the heatsink with conductive epoxy and 

the whole circuit was connected to the test jig. The construction of 

the transmitter is shown in figure 5 and the test jig is illustrated 

in figure 6. 

Measured performance 

the manufactured amplifier was measured in 890 - 915 MHz frequency 

range with 10 mW input power and 12 v supply voltage. The measured 

gain of the amplifier is shown in figure i. The amplifier achieves 22 

dB gain and 1.5 W output power. 
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Figure 5. The manufactured hybrid transmitter. 

- 

Figure 6. The test jig of the transmitter. 
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Figure 7. The gain of the amplifier. 

Conclusion 

920 

The aim of this paper is to investigate possibilities to realize UHF 

power amplifier with thick film techniques. This technique was 

verified to achieve acceptable performance in this frequency range if 

low losses and sharp outlines of the microstrip are not required. 
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I. ABSTRACT: DESIGN - A Program for the 

Automated Synthesis of Broadband Matching Networks between 

Complex Terminations 

A computer program has been written that performs the truly automated 

synthesis of precision, broadband, gain-sloped, lumped-element or 

distributed-parameter matching networks between complex sources and complex 

loads. The algorithm is based upon the real-frequency technique, which 

requires, as essential data, only a table of values for the source and load 

impedances, along with a set of desired values for the transducer gain 

function of the equalizer at a number of frequency points. 

The program proceeds virtually automatically to the realization of the 

matching network once the data file has been read and a degree for the 

equalizer has been selected. This is in contrast to previous efforts, where 

the user had to provide special initial solutions, particular error-function 

weights, and other detailed information in order to obtain convergence of the 

design algorithm. 

The capabilities of the algorithm have been verified in many different 

matching-network design examples. Some of these examples have been taken from 

the literature, and, in each such case, the program has been able to meet or 



ISOLATION OF SERIES DIODES 
ISOLATION - dB 

40   

30 

20 

10 

BEAM LEAD 

CHIP 

PACKAGE 31 

PACKAGE 15 

o   
01 01 1 10 

FREQUENCY - GHz 

0.12 pF JUNCTION CAPACITANCE FOR CHIP 

AND PACKAGED UNITS 

0.02 pF BEAM LEAD DIODE CAPACITANCE 

PACKAGE 15 RESONATES FIRST BECAUSE Lp LARGER 

PACKAGE 31 WORSE BELOW RESONANCE BECAUSE Cp LARGER 
F Ird/RE II 

BROAD BAND SWITCH DESIGN 
ISOLATION - dB 

80 

50 

40 

30 

r Ir1117F 

05 1 0 15 
NORMALIZED FREQUENCY 

QUARTER WAVE PAIR 

ONE OHM DIODES 

ISOLATION MORE THAN DOUBLE 

SINGLE DIODE 

20 

194 

ABSORBED POWER DIVISION IN QUARTER 
WAVE PAIR 

POWER ABSORBED 

100 

10 

1 

FIRS T DIODE 

SECOND DIODE 

10 
DIODE RESISTANCE - OHMS 

SECOND DIODE DOES NOT IMPROVE ABILITY 

TO HANDLE HIGH POWER 

100 

RATIO OF INCIDENT POWER TO 
ABSORBED POWER 

POWER MULTIPLIER 

40 
30 
20 

10 
6 
4 

2 

.1 .2 .4 .6 1 2 4 6 10 
ATTENUATION dB 

r ir. 

11=1 11=t. II=1 IM:11 11231 1=11 t=11 12211 



exceed the efficiency and performance )f the previously published designs. 

The program runs on IBM PCIXTiATs arm compatibles as well as on HP-series 

desktop computers. 

II. INTRODUCTION 

A. The Methods and Capabilities of DESIGN 

DESIGN performs the truly automated synthesis of precision, broadband, 

gain-sloped, lumped-element or distributed-parameter matching networks - also 

referred to as equalizers - between complex sources and complex loads. 

i. The Advantages of DESIGN's "Real-Frequency" Technique 

The essential part of the synthesis method used in DESIGN is based upon the 

work of Carlin and Komiak [ 1]. Their method, also known as the real- frequency 

technique, has been shown to produce matching networks that are "simpler in 

structure and superior in frequency response to equal-ripple designs" [ 2] 

based upon the classical approaches of Fano [ 3] and Youla [ 4] as developed by 

Chen [ 5] and Mellor M. Furthermore trie real-frequency technique requires 

only a simple numerical description of the source and load as necessary data 

for the synthesis. The design process can proceed automatically once the 

source and load has been so described. On the other hand, the classical 

approaches require, as a preliminary task, the construction of equivalent 

circuit models for the source and load, and then require substantial designer 

interaction to perform such tasks as parasitic absorption and impedance 

scaling via the Norton/Kuroda transformations. To the best of our knowledge, 

DESIGN is the only commercially available program that employs Carlin and 

Komiak's superior real-frequency technique for matching network synthesis. 

2. DESIGN: What It Does  

DESIGN synthesizes lossless matching networks to provide a specified 

magnitude response (Sm21) across a frequency band between a complex source 

impedance and a complex load impedance. The program user must first construct 

a data file containing ( 1) the source and load data, and ( 2) the desired 

values for Sm21 at a number of frequencies points which define the passband. 

The user interactively inputs the name of the data file and the desired degree 

of trie network once the program starts executing. DESIGN then proceeds with 
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only a small amount of user interaction after this point, although certain 

default options may be reset, if desired, during the synthesis process. 

The design procedure is based on a lumped, shunt-capacitor, series-inductor, 

lowpass topology, with an optional shunt-inductor at the load end of the 

network providing a bandpass response, if so desired. The program indicates 

which topology is most appropriate for a given set of source and load data, 

and the program user has the option to follow this suggestion or not. The 

allowable circuit structures are capable of handling virtually any set of 

matching network design requirements. 

3. DESIGN: Single Matching Problems  

The real frequency technique was developed in somewhat different ways for 

the "single-matching" case, i.e. a real source and a complex load, and for 

the "double-matching" case, i.e. a source and load which are both complex. 

The method for single-matching has been described in [ 7]. Basically, the 

method involves: ( 1) constructing a piecewise linear function of frequency. 

R(f), as an initial approximation to the real-part of the matching network 

impedance at the output port; ( 2) optimizing R(f) so that the network, if it 

could be realized exactly from R(f), would provide the prescribed gain shape 

across the passband; ( 3) constructing a rational approximation to R(f); and 

(4) realizing and optimizing the final circuit. Our enhancements to the 

original Carlin-Komiak algorithm include the automation of the design process 

and the optimization of the final circuit. 

4. DESIGN: Double Matching Problems  

At least two different methods have been developed previously to match 

complex sources to complex loads [ 8], [ 9], [ 10]. In each case a difficult 

optimization problem must be solved to yield the final circuit. To obtain 

convergence, the user must first generate a good initial guess to the 

solution. 

DESIGN's method for solving the double-matching problem is a direct 

extension of the approach to single-matching. The presence of complex sources 

and complex loads is accommodated by performing a relatively easy optimization 

on a preliminary design of the network. This initial design is produced 

automatically by the program. 

The technique begins with the conversion of the double-matching problem to 

one which initially involves only single-matching. This is done by resonating 

the source impedance with either a series-inductor or a shunt-capacitor so 

that the source impedance becomes purely real at one frequency. The synthesis 

then proceeds on the presumption of a purely real source, constant with 

frequency across the passband, and the given complex load. 

the design process is identical to the single-matching 

preliminary network is designed, the actual complex source 

Hence this part of 

case. After this 

is reintroduced, 
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and the network is optimized to meet the original design goals. The A. The Data File Format for Double-Matching 

optimization proceeds quickly and efficiently to a solution since ( 1) we start 

from a comparatively good initial guess obtained in our preliminary design; 

and ( 2) we use an optimizer specially developed by us to handle this kind of 

circuit problem. 

B. The Efficacy of DESIGN's Single- and Double-Matching Algorithms 

DESIGN has been able to duplicate, if not exceed, the quality and efficiency 

of the networks designed by any of the other single- or double-matching 

synthesis algorithms. It should also be noted that while DESIGN goes through 

a sequence of intricate steps to realize the desired matching network, the 

user need not be familiar with the details of the techniques, because the 

program proceeds automatically, with very little input from the user. The 

program does indicate what it is doing at any given moment, and various parts 

of the program may be interrupted and re-executed, as desired, with different 

values for che defaults. 

III. DESIGN SAMPLE SESSION: DOUBLE-MATCHING 
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The rules for constructing the file are as follows. 

The first line of the data provides the following information: 

1. The nature of the matching problem - C indicates complex-source to 

complex-load; 

2. How the source is described - Z for impedance values, Y for admittance 

values, or S followed by a corresponding reference resistance for 

reflection coefficient values; 

3. How the load is described - Z for impedance values, Y for admittance 

values, or S followed by a corresponding reference resistance for 

reflection coefficient values; and 

4. How the desired gain for S21 is specified - A for absolute magnitude, 

and D for decibels. 

Each subsequent line gives, for each frequency, 

I. The frequency in Hertz, followed by 

2. The values for the source ( real and imaginary parts for impedance and 

admittance, magnitude and phase in degrees for reflection coefficient), 

followed by 
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purpose of this paper is to present an overview of the 

and disadvantages of some common bias circuits. 

diode, and active bias circuits will be examined and 

compared as to how well they stabilize the transistor bias point 

against DC parameter changes caused by temperature and device-to-

device variations. 

BIAS POINT STABILITY 

Before examining the bias circuits, let's look at some of 

the reasons for being concerned about bias stability. Figure la 

shows a transistor biased for Class A operation which is not 

stabilized against DC parameter changes. Increasing temperature 

shifts the bias point further to saturation ( Figure lb), while 

decreasing temperature shifts the bias point closer to cutoff ( 

Figure lc). Temperature extremes caused the transistor's DC 

parameters to change which resulted in the shift of the bias 

point. In the above example the shift in the bias point was large 

enough to cause unwanted distortion in the output signal. Figure 

2a and 2b show that both gain and noise figure of a bipolar 

transistor are also a function of the collector current. 

Bias point shifts caused by temperature are not the only 

concern. The DC parameters also change due to device-to-device 

variations . The DC current gain of microwave bipolar transistors 

can vary over a range of 5:1 and still be within the 

manufacturer's electrical specification at 25 degrees C. This 

means that a shift in the bias point can be caused by 

temperature and device-to-device variations. Obviously . a bias 

circuit that can minimize these bias point shifts is desirable. 

The first step in understanding how to stabilize the bias point 

is to identify the DC parameters which affect the bias point the 

most and how these parameters respond to temperature variations. 

TEMPERATURE SENSITIVE DC PARAMETERS 

The principal dependent variable in DC stability analysis is 

the collector current ( Ic )[1,2] . The following DC parameters, 

which are shown in the equivalent circuit of Figure 3 are 

temperature sensitive and directly influence the collector 

current. 

Base to Emitter Voltage ( VDE .): 

VBE' is internal to the transistor and has a negative 

temperature coefficient of 2 mV/degree C. Figure 4 shows the 

temperature characteristic of this parameter. 

Reverse Collector Current 

1 is the current flowing through the reversed biased PM 
CBO 
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3. The values for the load ( real and imaginary parts for impedance and 

admittance, magnitude and phase in degrees for reflection coefficient), 

followed by 

4. The desired value for S21 ( absolute magnitude or dB, as noted above). 

Any time an alphabetic character is called for in the first line of the data 

file, any other symbol may be appended to that character to aid, for example, 

in the readability of the file. All alphabetic data may be entered in either 

upper or lower case. 

devices. In other words, we seek an equalizer to provide a prescribed 

transducer gain function when terminated at the source end by the S22 of the 

GaAs FET and terminated at the load end by the Sil of the device. 

1. The Data File  

The data file for this problem could be written as follows, according to the 
rules of the previous section. 

Data entry in the file is entirely free-format; blank lines are allowed 

anywhere; comment lines are denoted by the single apostrophe (') being the 'The name of this data file on disk is CEXAMPLO.MCH 

'S22 as a source, Sil as a load between a pair of GAT6 GaAs FETs 
first non-blank character on the line. Furthermore, comments may be appended 'First line of data could be written simply as: C S 50 S 50 D 

to the end of any data line. DESIGN will inform the user of most data file Complex-source Sparams-for-source 50 Sparams-for-load 50 dB-S21 

errors. 8e9 . 735 -42 . 775 -107 -2.71 
9e9 . 740 -47 . 750 -118 -1.84 
10e9 . 750 -52 . 730 -128 -1.16 
11e9 . 755 -58 . 710 -136 -0.515 
12e9 . 765 -62 . 695 -145 0.0 

3. Matching a Complex Source to e Complex Load - An Example 

Consider a typical microwave transistor amplifier, where the topology is a 

cascade of transistors and matching networks. We shall consider the design of 

an interstage matching network that ( 1) couples the output of one Plessey GAT6 

GaAs FET to the input of an identical device, and that ( 2) provides maximum 

unilateral transducer gain through the cascade of the equalizer and one of the 
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The gain slope of the equalizer was chosen to achieve an overall flat gain 

shape between the matching network and the terminating transistor, and to 

obtain the maximum available unilateral gain. 

2. Performing the Synthesis 



junction of the collector to base. Classically, this leakage 

current is expected to double for every 10 degrees C 

temperature rise in a silicon semiconductor junction. The 

leatage current for silicon is so low that under most 

conditions this parameter can be negected. 

DC Current Gain thFE ts 

The hFE of a transistor is defined as the ratio of the 

collector current to the base current. This parameter 

typically increases linearly with temperature at the rate of 

The total change in collector current can be expressed as the sum 

of each incremental change caused by ICDO' VBE' and hFE. 

Ai = 
ICEIO AICBeS VEIE' AVEtE* *ShFE AhFE C 

Unfortunately, the stability equations can become very 

complicated even for a simple bias circuit such as the one shown 

in Figure 5. The equation of Figure 5 can be easily digested by a 

computer, but it doesn't help the designer gain any insight into 

selecting component values or in making circuit comparisons. 

Fortunately, the following approximations can help simplify the 

0.5 % /degree C. stability equations: 

STABILITY FACTORS 

Before we proceed to examine the bias circuits, it is useful 

to introduce the concept of stability factors. The stabiliy 

factors are defined as the ratio of the incremental change of lc 

* Neglect ICB0 when using silicon transistors. As previously 

stated, the leakage current for silicon is typically so low 

that neglecting ICB0 will have negligible effect on the 

accuracy of the stability equations. 

vs the incremental change of each of the three components lcuo, * Drop the hie term, which is the hybrid-pi input impedance 

VBE i, and hFE . The stability factor equations are given below, for common emitter configuration. The external biasing 

CB0 STABILITY FACTOR resistance is usually murh greater than hie, and neglecting 

s ICBO DI C I 
--n - I hFE' VBE '= constant 

CB° 

VBE. STABILITY FACTOR 

SVBEc I 

Vie ' I hFE ,I cB0= constant 

hFE STABILITY FACTOR 

▪ C I ShFE 
1-17- I  FE ICBO' VBE '= constant 
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the hie term will not upset the accuracy of the equations. 

* Assume that hFE >> 1 then ( hFE * 1 ) simplifies to hFE. 

The stability factor ShFE can be expressed as a percentage change 

in IC vs a percentage change in hFE [3] . the new variable is 

defined as VhFE . The same procedure is used to define KvBE , 

11=3 CM MI MO Mall t.—.1 e-1 e=111 



In response to screen queries, we type in the data file name, and then 

specify a degree of 5 with a lowpass topology. As shown on the next 3 pages, 

toe resistance-excursion optimization proceeds ( with all options set to their 

default values), and we stop it after 12 iterations. DESIGN performs the 

curve-fitting and final synthesis steps to yield preliminary lumped and 

distributed circuits, which are seen to furnish a good response at the high 

end of the band, but whose response degrades at lower frequencies This is 

expected as part of our design algorithm. The final optimization is then 

applied, again in response to screen queries, and the lumped and distributed 

circuits yield a final response error of 0.46 dB and 0.78 dB, respectively. 

IV. CONCLUSION 

DESIGN represents what we believe to be the best program available to date 

for matching network synthesis. The program has been constructed to proceed 

rapidly and automatically to a circuit realization from a basic set of 

user-supplied data. The User's Guide for DESIGN, obtainable from us, 

demonstrates 18 examples of matching network synthesis. In those cases where 

the examples have been taken !row the open literature, the program has been 

able to meet or exceed the efficiency and performance of the previously 

published designs. 
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MATCHING NETWORK DESIGN BEGINS, The Resistance Excursion Optimization 

Iteration 
4 

5 
6 
7 

e 
9 

10 

11 
12 

... hold down SPACE PAR to interrupt optimization ... 

Function Evaluations 

2 

2 
2 
3 

2 

2 
2 
2 
2 

RMS X Error of 1921:$112 Across Passband 

2.578 
2.445 

2.426 
2.385 

2.238 
2-224 

2.104 

2.028 
1.937 

Error function has changed by less than 0.50 percent. 
Do you wish to continue optimization? ( YIN), n 

**Convergence Achieved, final summary follows. 

13 2 1.934 

Do you want to RETRY the resistance excursion optimization with different 
internal program defaults or do you want to CONTINUE with the design process? 

Retry or Continue -- Mid), c 

RESULTS, MATCHING NETWORK ELEMENT VALUES FROM THE COMPLEX SOURCE 
TO THE COMPLEX-LOAD. 

The Lumped Element Design 

Series Inductors 1.054E-00q H 
Shunt Capacitors 4.482E-n13 F 
Series Inductor, 3.737E-010 H 

Shunt Capacitor, 8.443E-013 F 

Serles Inductors 4.195E-010 H 

The Distributed Element Design 

TM.: 120.0 ohms, 33.51 deg at 1.000E+010 Hz 
OSTs 25.0 ohms. 35.14 deg at 1.000E+010 Hz 
TM., 120.0 ohms- ( 1.29 deg at 1.000E+010 Hz 
OST, 25.0 ones, 52.98 deg at 1.000E+010 Hz 
TRL, 120.0 ohms, 12.69 deg at 1.000E+010 Hz 

Prees <cf.) to clear the screen and to proceed ... 

A circuit analysis follows ... 

Freq. ( Hz) S21 in dB, Desired Lumped Design Distributed Design 
----
8.000E+009 -2.71 -6.96 -4.75 
9.000E+009 -1.84 -1.93 -0.37 
i..00E+010 -1.16 -0.03 -0.69 
i.100E+010 -0.52 -0.58 -0.69 

1.200E+010 0.00 -0.25 -0.60 

Do you want to retry the curve-fitting with new values 
for the cure-41t factor or the degree? (YIN), n 
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'hFE AI / ▪ C I C ShFE 

AhFE /hFE IB 

AI /  KVBE I VSE' S 
' ▪ C C  = 

AvBE' / VBE VBE' ' 

The stability equations for the previous example ( Figure 5) 

now simplify to the followings 

hFE 
1 

1 + hFE RC ) 

R 13 

VHF 1 
( 1 - vcc) 

vBE' increases, the voltage drop across Rc increases which results in 

the base current were made to decrease with increasing FIFE and 

increase with decreasing hFE the bias stability would improve 

greatly, which exactly describes the operation of the next 

circuit. 

* Voltage Feedback Bias 

The voltage feedback bias circuit shown in Figure 7 

improves bias stability by allowing the base current to respond 

to changes in the collector current. If the collector current 

The simplified stability factors are easier to handle and it is a lower collector to emitter voltage (VCE I. Since the base 

now apparent that increasing the Rd / RB ratio will decrease current is set by the resistor RB and the voltage difference of 
'FIFE 

and improve collector current stability against hFE changes. We VCE and VBE' , a lower VCE decreases the base current which 

now have the tools to examine the bias circuits. stabilizes I to a current closer to the quiescent bias point. 
C 

The circuit will handle a decrease in lc in a similar manner. 

RESISTIVE BIAS CIRCUITS 

* Fixed Bias 

The fixed bias circuit shown in Figure 6, is the simplest and one 

of the worst methods of biasing a transistor because it has a 

very high sensitivity to hFE variations. Notice that K is hFE 

unity, which means that a 20 V. change in hFE will result in a 20 

% change in collector current. Since hFE can vary by as much as 

5:1 from device to device, the transistor could be at cutoff with 

one device and at saturation with another. The base current, 

which is fixed by the voltage difference between the supply 

voltage and V9E ., is the cause of the poor bias stability. If 

A circuit designed with lc = 10 ma, VCE = 10 V, VCC= 12 V, 

hFE= 50 results in khFE= 0.826. This means that the collector 

current will change by 82.6 % of the change in hFE as compared to 

the 100 % change that would be expected from the fixed bias 

circuit. This is approximately a 17 % improvement over the fixed 

bias circuit for this set of conditions. The khFE stability 

factor shows that increasing the RC / RB ratio decreases the 

sensitivity of lc to hFE changes. A small value of RB improves 

the hFE stability, but it isn t alwav easy to get a small value 

of RB . A smaller effective value of RF. is possible using the 
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Function Evaluation No.: 188 

Maximum Response Error in dB Cw 0.46 

Design refinement completed - hit < cr) to continue ... 

RESULTS: MATCHING NETWORK ELEMENT VALUES FROM THE COMPLEX SOURCE 
TO THE COMPLEX-LOAD. 

The Lumped Element Design 

Series Inductor: 1.645E-009 H 
Shunt Capacitors 5.143E-013 F 
Series Inductor: 5.426E-010 H 
Shunt Capacitors 8.550E-013 F 
Series Inductor: 3.870E-010 H 

Frees çcr, to clear the screen and to proceed ... 

A circuit analysis follows ... 

Freq. ( Hz) S21 in dB: Desired Lumped Design 

8.000E+009 -2.71 -2.76 
9.000E+009 -1.84 -1.38 
1.000E+010 -1.16 -1.62 
1.100E+010 -0.52 -0.49 
1.200E+010 0.00 -0.45 

RESULTS, MATCHING NETWORY ELEMENT VALUES FROM THE COMPLEX SOURCE 
TO THE COMPLEX-LOAD. 

MOTE: Maximin response error 
in Lumped Design is 8.46 dB. 

Optimize the ( D)istributed design or (0)uit - ( D/0): d 
Optimization proceeds - hold down SPACE BAR to stop ... 

Function Evaluation No.: 233 

Ma:amum Response Error in dB ‹. 0.78 

Design refinement completed - hit < cr.> to continue ... 
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The Distributed Element Design 

TRL: 120.0 ohms, 47.59 deg at 1.000E+010 Hz 
OST: 25.0 ohms, 36.98 deg at 1.000E+010 Hz 
TRL: 120.0 ohms, 9.73 deg at 1.000E+010 Hz 
OST: 25.0 ohms, 33.11 deg at 1.000E+010 Hz 
TM.: 120.0 ohms, 11.70 deg at 1.000E+010 Hz 

NOTE: Maximum response error 
in Distributed Design is 
8.79 dB. 

Fress < cr> to clear the screen and to proceed ... 

A circuit analysis follows ... 

Freq. ( Hz) S21 in dB: Desired Distributed Design 

8.000E+009 -2.71 -2.74 
9.000E+009 -1.84 -1.06 
1.000E+010 -1.16 -1.88 
1.100E+010 -0.52 -1.24 
1.200E+010 0.00 -0.75 

Do you with to restart the entire design process from the beginning ( with 
the same load data) or do you wish to quit? 

Restart or Quit ( R/0), q 



emitter resistor feedback circuit. 

* Voltage Feedback and Constant Base Current Source 

The circuit of Figure 8 can be considered to have a constant 

base current source, formed by the resistor network of RB , RBI 

and R82. The collector current can be made relatively stable if 

IBB is chosen to be much greater than the transistor base current 

IB . A good choice, somewhat arbitrary , is to pick 1BB = 51 B to 

10I B . A value greater than 10I B gives little improvement in 

stability. 

* Emitter Resistor Feedback 

The bias circuit of Figure 9 is one of the best methods of 

biasing a transistor. The circuit operates in the following 

manner. When the collector current and therefore the emitter 

current increases, the voltage drop across RE increases. The 

polarity of this voltage opposes the forward bias voltage between 

base-to-emitter. The reduced VBE , decreases IB and therefore 'C' 

which stabilizes the collector current closer to its initial 

value. The stability factor( KhFE) for this circuit is 0.169 when 

calculated using the design values previously given for the 

voltage feedback circuit, and IBB = 51 B . A e:FIFE = 0.169 

represents a considerable improvement in stability over the 

previous circuits. 

The VPE' stability factor for this circuit is: 

SVBE' = -1 ( assuming RE >>  R EO 
R — 
E hFE 

This equation implies that, the larger the RE , the better the 

stability against VBE , variations. There is a limit to the size 

RE can be, since the voltage drop .,ros Re will become 

excessive. The next circuit examined ( diode temperature 

compensation) presents a method of stabilizing against %/BE , 

temperature variations without resorting to large RE values. 

The emitter resistor feedback circuit does require special 

RF considerations which are covered in detail later in this 

paper. 

* Diode Temperature Compensation 

The emitter-base voltage has a negative temperature 

dependence of about 2 my/ degree C, which can be compensated by 

introducing diodes into the voltage divider network as shown in 

Figure 10 (4 '51 . 

The calculated stability factor for this circuit is 

I/ 5.65RE' which is a 5.65 times improvement over the emitter 

feedback circuit of Figure 9. The above calculation was made with 

the design values from the voltage feedback example, and assumed 

compensation was done with a single diode that had a tempetature 

characteristic identical to the transistor emitter-base ,unction. 

* Zener Diode Bias 

The 7ener diode shown in Figure 11 determines the collector 
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to base voltage VcB of the transistor. The collector to emitter and 191 to decrease. The lower base current into 0 1 decreases ICI 

voltage VCE is fixed by the sum of VBE and the Zener diode which opposes the original increase in the collector current. 

voltage (Vz ). The current through Rc divides between the 

transistor and DI. Temporarily ignoring the current through Rs , 

the only current flowing through DI is the base current of the 

transistor. Most of the current flows through the collector as 

lc . If the hFE is low, the current through DI will increase 

accordingly. However, if hFE is high, the current through DI is 

low and the regulation as a Zener is poor. Therefore, Ro is added 

to the bias circuit to ensure that enough current flows through 

the Zener for good voltage regulation (6] . 

This circuit is more stable than the voltage feedbacl 

circuit, but the Zener diode is noisy and may require a large 

value bypass capacitor to prevent the Zener's noise from EMITTER RESISTOR BYPASS 

modulating the amplified RF signal. The emitter resistor improves bias stability through the use 

The collector current equation for the RF transistor is 

shown in Figure 12. Notice that if ( I+ hFE1 ) Rc R/ (1+ 

hFE.,), then the collector current is essentially independent of 

the DC current gains of either of the transistors. A very 

detailed analysis of this circuit is available in the 

literature 171 

* Active Bias Circuit 

An active bias circuit is shown in Figure 12, which uses a 

PNP transistor ( 02 ) to help stabilize the bias point of the RF 

transistor ( GI ). The transistor 02 acts as a DC feedback circuit 

that senses the collector current of 01 and adjusts 01 base 

current to hold the collector current IE1 constant. The circuit 

operates in the following manner. If IF1 increases, the voltage 

drop across Rc increases and opposes the forward bias of the PNP 

transistor which decreases 1E2 . The decrease in IE „ causes lc .: 

The active bias circuit has the best stability of all the 

circuits examined, but does require the most parts. The PM' 

transistor does form a feedback circuit, which must he carefully 

RF bypassed to prevent bias oscillations. 

of negative feedback which is desirable at DC, but not at RF 

frequencies. The RF gain will be reduced if the resistor is not 

RF bypassed. Bypassing the emitter resistor does require two 

special precautions to prevent possible oscillations. 

First, the emitter bypass capacitor must be large enough to 

provide an effective RF ground at both the design frequency and 

lower frequencies. The Smith Chart of Figure 13 shows the effect 

on the transistor S-parameters when the bypass capacitor ( CF ) is 

too small. Changes in the transistor's Sti and S,, parameters are 
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DEVELOPING NON-LINEAR OSCILLATOR MODELS USING LINEAR DESIGN TOOLS ground can be replaced by a series resonant device and therefore 

obtaining the possibility of using a second tuned circuit. This 

Summary configuration has been used for designing low phase noise 

The design of oscillators typically starts from the Class A oscillators ( 1) and if this emitter circuit takes over the burden 

operating condition and then changes into the large signal range of the high Q devices, then the other LC circuit is only used as a 

for the semiconductor. The designer has two choices: either to phase shifter. 

design for highest output power, ( highest efficiency) or for In analyzing the semiconductor one obtains the equivalent 

lowest noise. Highest output power and lowest noise are not circuits, Figure 2 and 3, which describe the intrinsic model of 

necessarily the same. This paper is a brief summary of the bipolar transistor and the MESFET. For reason of convenience, 

requirements towards designing high power low noise oscillators at the model used for the MESFET has has all the elements to describe 

high frequencies using a dielectric resonator oscillator as an a HEMPT ( high electron mobility transistor). In the past, the 

example. dominant nonlinearities have been described in the so-called SPICE 

Introduction model. SPICE is a program that uses non-linear approximation. 

A variety of transistor feedback arrangements are possible The computation time is excessive. SPICE programs, including 

which lead to building an oscillator. Figure 1 a- c show 

successful RF topologies. The tuned element is an LC circuit, 

depending upon the devices, with a grounded emitter, grounded 

base, or grounded collector circuit is a better choice. The tuned 

circuit is responsible for determining the resonant frequency and 

at the same time provides 180 0 phase shift. The overall 

performance of the oscillator depends on the Q of the resonator 

and of the high frequency performance of the semiconductor. By 

making slight changes in the circuit, a field effect transistor 

can be used at UHF frequencies and higher, instead of the bipolar 

transistor. At microwave frequencies, MESFETs are frequently 

used. In looking at Figure 1-C the capacitor from emitter to 
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microwave extensions, suffer from the lack of accurate eicrowave 

models and do not have any facilities for optimizations. 

Execution speed of SPICE programs are 1,000 times slower than 

their linear counterparts. A new method called the Modified 

Harmonic Balance method has been developed with the key authors 

being Fred Rosenbaum and Rowan Gilmore ( 2). This allows the use 

of SPICE- like models together with linear programs with as little 

as It overhead and taking full advantage of linear optimizers. As 

a result, transparent linear programs can be designed. This 

literature ( 3, 4) provides information on modelling of MESFETs. 

Figures 4 and 5 stow tne large signal equivalent circuits of 



shown on the Smith Chart as Sit / and 822/. A good RF bypass shown to be dependent on the bias stability. 

capacitor should cause little or no effect on the S-parameters . 

Both 11 and S22 at 4 GHz remains unchanged after the emitter 

resistor and 100 pF capacitor are added, but move off the Smith 

Chart as the frequency decreases. Reflection coefficients greater 

than 1 indicate conditional stability and are likely to 

oscillate. A value of 1000 pF would be a much better bypass 

capacitor value. 

The second precaution is to minimize the inductance added in 
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potentially cause conditional stability. In this case, a rather 6. J.H. Reisert,Jr.," Ultra Low-Noise UHF Preamplifier". Ham 

large value of 5 nHy was selected to illustrate the effect. At a 

frequency of 4 GHz 822 , has moved off the Smith Chart which 

indicates that the circuit is conditionally stable. 

An effective RF bypass of the emitter resistor is a 

relatively straightforward procedure as long as the above 

precautions are taken. 

SUMMARY 

This paper has shown that bias stability is more a function 

of the bias circuit design than of the transistor's 

characteristics. The RF and bias circuits should be designed with 

equal consideration, since the RF performance of an amplifier was 
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the bipolar and the MESFET. One of the best papers on bipolar 

nonlinearities is the book, Modeling the Bipolar Transistor, by 

Ian Getreu, published by Tektronix, Inc., Beaverton, Oregon, in 

1976, Order K162-2841-00. 

In order to maintain information on the large signal handling 

capabilities during Class C operation, a nonlinear analysis like 

the one leading to the oscillator amplitude stabilization was 

whereby the first component ge is the DC transconductance, gl is 

the transconductance for the basic frequency, and the following 

are the harmonics. 

Translation Into Nonlinearities  

Recent publications have mostly dealt with modelling the GAS 

PET where the translation into large signal parameters is easier 

calculated. This is shown in the Appendix. While the interested based on the fact that the nonlinearities in FETs are somewhat 

reader can follow the Appendix, for those with less patience, we 

will assume the following simplifications. The emitter diffusion 

capacitants 

Ced K • Ie/Vt 

better to describe. Device measurements on the large signal 

indicate that the most contribution for the nonlinearities are Gm 

and Rds, while the other capacitors have smaller contributions. 

For this paper, I will concentrate on bipolar effects. 

with Ie being the diode current, in our case the emitter current As a general rule, bipolar transistors have lower phase noise 

and Vt is the temperature voltage or 26 mV. The emitter diffusion contribution at high frequencies based on the fact that corner 

resistor rd = Vt/id. These two nonlinearities are related to the 

emitter current. The depletion layer capacitants ate proportional 
1 

to \„---.ÇT- . Any large voltage or current modulates those 

elements. It can be shown that the depletion layer capacitants 

follow the equation C = f(V) = 

ca% 

if (c)dt = 2 • C 

t 

The transconductance Gm can be expressed as 

= 

V.1 

= go ' gl " g2 " " gn , 
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frequency, fe , which describes the flicker noise contribution is 

low. For small currents and for power transistors, the following 

table can be assumed for fe : 

1 mA 300 Hz 

10 mA = 1,000 Hz 

30 mA = 10,000 Hz 

This noise contribution fe can be reduced by incorporating a 

resistor feedback piece in the emitter, but this is done at the 

expense of efficiency and cut-off frequency following the 

approximation A . A0/(1 + Re • Gm ). At frequencies above several 

thousand MHz, the gain band width product of the bipolar 
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transistors is no longer sufficient to maintain oscillation. 

Therefore, one has to switch over to MESFETs. The N- channel field 

effect transistors are useful in oscillators from less than a few 

MHz to approximately 1,000 MHz. Then bipolar microwave 

transistors should take over, and above 4-6 GHz MESFETs are the 

choice. 

A convenient way of obtaining large signal parameters for the 

bipolar transistor is to look at the nonlinear model Figure 4 and 

to computer optimize the equivalent model Figure 2, by adjusting 

the nonlinearities as previously indicated by approximately 

doubling the depletion layer capacities and reducing Gm and 

adjusting Rd,. 

Fourier analysis can show that the transconductance Gm and the 

input conductance Re(Y11) can be calculated from the following. 

The emitter resistance Re , which has been described by 

R, • 26m 1i/I,, 

will be rewritten in the form R, KT whereby R, is said to oc 

qI, 

the small signal emitter resistance which increases with signal 

level, then the ratios 

\I —3  . Ce 
17\--F I %147 

r(Z LC÷ .('LT Ce 
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whereby E is the peak value of the base emitter signal voltage 

assume to be given by E • cos ( uit). These ratios, expressed in Ic 

(v) and Il ( v), which are hybecbolic Bessel functions of the first 

kind of order zero and one are shown in the Appendix. It can be 

further shown mathematically that the transconductance and the 

input capacitance get reduced in value as a function of the base 

emitter drive voltage, while the input resistance increases. The 

final emitter current is also going to change based to a bias 

shift as a function of the applied signal voltage following the 

equation 

Finally the peak emitter current using the same hyperbolic 

function can be expressed as 

ic ( peak) • ( mean) ev 

Example: Setting the base to emitter drive voltage a_e. to 2, the 

KT 

value of the transconductance reaches the 3dB point and the input 

resistance also increases from the relative value 1 to 1.4. This 

base emitter drive voltage generates an approximate bias shift of 

q E which then results into a ratio of the collector current 
KT 

components relative to twice the mean current of approximately 1.5 

for the peak current, . 7 for the fundamental frequency component, 



FIGURE 4 

COLLECTOR CURRENT VS. 
V E AND TEMPERATURE 
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EVEN FOR SIMPLE BIAS 
CI RCUITS THE EQUATIONS 
BECOME COMPLICATED 

• ShEE - 

VCC 

h„ Rc + R, + h,E+Rc) (Vcc — VB'E+KlcBo) 

— R, 

(hFE Rc + RB + hiE + Rc) 2 

[(h FE (Vcc — V‘E Kim)) K IcB0 ) 

(h FE R e R B + h18 + Rc) 2 

Where: K = h,E + R, + Rc 

• GOT ALL THAT? 
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FIGURE 6 

FIXED BIAS 
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i188 (VCC ‘.q8) 
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.3 for the second harmonic, and less than . 1 for the third 

harmonic. 

Our large signal model now can oc easily obtained by adjusting 

the values of the small signal equivalent circuit. As previosuly 

indicated, the voltage dependent capacitors should be essentially 

doubled. 

inductance betwen base and ground while allowing for the resistive 

feedback in the emitter at large DC currents. This feedback will 

reduce the gain band width product of the oscillator. Figure 8 

shows the measured resonant character of the dielectric of the DRO 

of the function using an HP8510 network alanyzer. This permits 

measurement of the (3 of the resonator. Figures 9 and 10 show the 

Practical Application close- in purity of the oscillator: and Figure 11 shows the single 

The recent trend to develop oscillators with dielectric side band phase noise. I will deal with the noise calculation in 

stabilizers shall be picked up here and our example shall be a future paper. The maximum output power is achieved by matching 

developed around it. Figure 6 Shows the equivalent circuit of a the output impedance calculated from P out .(. 9 X VCE)1 

2P out 
dielectric resonator oscillator. The entire circuit is described 

in a circuit file for CADEC 4 using the parallel resonator 

approach for the dielectric resonator. The LCR values have been 

determined from th definition of physics. The transmission line 

terminated with 50 ohms is set at quarter wavelengths for best 

coupling and the transmission line into the emitter of the 

transistor is set at approximately quarter wavelengths as the 

parallel resonant condition of the dielectric resonator transforms 

into approximately 2 ohm resistive output resistance into the 

emitter of the transistor. The circuit can therefore be redrawn 

as shown in Figure 7. To meet the requirements for oscillation 

the combination of internal and external feedback has to provide 

the necessary phase shift and this oscillator circuit can be made 

unstable to meet the approximate criteria by optimizing the 

The maximum available output power can be determined from the 

Fourier coefficient of the fundamental current and the voltage 

swing across the transistor. The output matching stub guarantees 

50 ohms matching. By selecting the feedback properly, superior 

noise performance can be obtained if matching for best noise 

figure and best output power is done by adjusting the emitter 

transmission line lengths slightly offset to the dielectric 

resonator coupling. CADEC 4 allows one to do such analysis and 

the details on optimum noise matching will be shown in the 

following paper. Table 1 shows the circuit listing for the CADEC 

circuit file. Note the statement NAB, which stands for Noise 

Analysis Begin: and the 1300 refers to the noise temperature of 

300° Kelvin. Table 2 shows the listing of the results. Please 

note that S22 magnitude at 4GHz is approximately 100. 
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FIGURE 7 

VOLTAGE FEEDBACK BIAS 

IC — 

• KhFE 

• KVBE 

h FE(V CC V BE)  

R B h FE R C 
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hFER, 
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TEMPERATURE STABILITY 

DISADVANTAGE: A HIGH fic/Ra RATIO IMPROVES 
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FIGURE 8 

VOLTAGE FEEDBACK AND 
CONSTANT BASE CURRENT 

SOURCE 
RBI R, 

IBBI 

[ — VA — R„Vc, 
• lc = hF, 

R,A + R„(hFER, + Rc + R,,) 

• KV„, — 1 
V„ 

(1 —  V ) 

Where: A = RB,+Bk 2 Rc 

ADVANTAGE: SAME AS VOLTAGE FEEDBACK PLUS 
CAN BE MADE he INSENSITIVE BY 
SELECTING laas 

DISADVANTAGE: MORE PARTS 
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FIGURE 9 

EMITTER RESISTOR FEEDBACK 
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FIGURE 10 
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COMPENSATION 
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RBI 

Vaa 
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Ra 
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"112 

• VE Vas — V„ 

=  RBI 
V,C [R ,,+R,, RBI Re2 R82 
  VD — V " 

• FOR TEMPERATURE 
INDEPENDANCE OF e VS V„ THEN: 

[Ra, + 11a, Vo — V„] = 0 
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THEN R. 
VE   VCC 

Rill 4. RII2 

ADVANTAGE: STABILIZES Ic AGAINST V„ 
CHANGES 

DISADVANTAGE: EMITTER NOT GROUNDED. 
REOUIRES MORE PARTS 



Figure 12 shows a plot of the noise figure and the gain due to REFERENCES 

the (:) multiplier effect, the noise figure gets the unusual curve 

based on matching for maximum output power rather than best noise 

figure. Figure 13 shows the noise and gain circles for the 

circuit configuration chosen. 

(1) U.L. Rohde, Mathematical Analysis and Design of an Ultra 

Stable Low Noise 100 MHz Crystal Oscillator with Differential 

Limiter and Its Possibilities in Frequency Standards,' 

Proceedings of the 32nd Annual Symposium on Frequency Control, 

Conclusion 1978, p. 409. 

To predict the output power at microwave frequencies and ( 2) R. Gilmore, Design of a Novel FET Frequency Doubler Using a 

analyze the phase noise of the oscillator, specifically for Harmonic Balance Algorithm, Schlumberger, Houston, TX, 

MESFETs, more modern techniques like load pulling or Harmonic presented June 3, 1986 at 1986 IEEE MTT-S International 

Balance methods have been developed. It was shown in this paper Microwave Symposium, Baltimore, Maryland, June 2-4, 1986. 

that by using a somewhat cruder approach for first approximation ( 3) Kenneth M. Johnson, Large Signal GaAs MESFET Oscillator 

using bipolar transistors, fairly good understanding of the 

mechanism is possible. More experimental results and noise theory 

will be presented in a forthcoming paper. 

ULR:jd 

0180C ( Al 

8/14/86 
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Design,' IEEE Transactions on Microwave Theory and Techniques, 

Vol. MTT 27, No. 3, March 1979. 

(4) Hiroyuki Abe, A GaAs MESFET Oscillator Quasi- Linear Design 

Method,' IEEE Transactions on Microwave Theory and Techniques, 

Vol MTT-34, No. 1, January 1986. 



FIGURE 11 

ZENER DIODE BIAS 
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FIGURE 12 

ACTIVE BIAS CIRCUIT 

+vcc 
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h„,[ R2 
11+ 12 
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• 
(1 + hrE )RE + 11881 + hFE2) 

WHERE: Re = RE,Il R„ 

. 11(1 + h.EI)Rc • (1 +RheFE2) THEN 

[  R,•2 hn , Re, + R82 Vcc — 11‘02 
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(1+ rim )  Rc 
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FIGURE 1  

A range of possible oscillator circuits. 

FIGURE 2  

Equivalent circuit 
for a bipolar 
transistor. 

FIGURE 3 

Eauivalent circuit 
for a MESFET, 
including 
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PRACTICAL WIDEBAND RF POWER TRANSFORMERS, 
COMBINERS, AND SPLITTERS 

by 

Roderick K. Blocksome 
Manager, HF PA/PS Design Group 

Rockwell International 
High Frequency Communications Division 

855 35th Street, NE 
Cedar Rapids, Iowa 52498 

INTROMOUDE 

This paper will deal with the practical aspects of designing 

and building wideband RF power transformers, combiners ( or 

hybrids), and splitters. Emphasis will be on topology. A 

consistent approach to represent these transformers pictorially 

and schematically with equivalent circuits showing source and 

load connections will be developed to help provide an intuitive 

understanding of the devices. Laboratory test data comparing 

various designs and topologies is included. 

Modern solid state HF power amplifiers are required to 

operate over increasingly wider bandwidths and at higher power 

levels for applications in communications as well as electronic 

countermeasures. Wideband RF power transformers are required 

for coupling into and out of the solid state devices. The 

conventional or so-called "wire- wound" transformer and two 

topologies of the transmission line transformer ( conventional 

and equal delay) are presented. 

A wideband RF power combiner ( or hybrid) is required to 

achieve output levels above the capabilities of a single solid 

state amplifier stage. The RF outputs of two or more identical 

amplifier modules can be combined to reach these higher powers. 

Design examples of in-phase, 180-degree, and quadrature 

combiners are detailed. Two basic topologies for in- phase and 

180-degree combiners are presented. 

A wideband RF power splitter ( or divider) is simply a 

combiner or hybrid used in reverse. The splitter topology is 

the same as a combiner, however splitters are usually operated 

at lower power levels. The discussion centers around combiners 

but is equally applicable to power splitter applications. 

TRANSFORMERS 

The bandwidth of rf transformers does not refer to the usual 

-3 dB points since in power applications this represents an 

unacceptable loss. Typical HF amplifier designs require 

operation from 2 to 30 MHz and sometimes lower to 1.6 MHz. The 

transformer losses must 

operational bandwidth. 

that must be removed as 

be as low as possible over this 

Transformer losses translate to heat 

well as extra power that must be 

supplied by the transistors ( at the collector/drain efficiency) 

and ultimately by the power supply ( at its conversion 

efficiency). A few tenths of a dB of unnecessary loss in output 
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transformers or combiners can mean significant increases in 

primary power consumption. 

New 

175 MHz 

and the 

RF power FET devices have operational bandwidths of 1 to 

making possible extended range amplifiers covering HF 

lower VHF frequencies. Transformer designs covering 

over six octaves of bandwidth are required. 

A wideband RF power transformer performs one or more of any 

combination of three basic functions: 

(a) Impedance transformation 

(b) Balanced to unbalanced transformation 

(c) Phase inversion 

Transformation of a secondary load to a desired load 

impedance at the primary of the transformer is the most common 

function. RF transformers are often referred to by their 

impedance transformation ratio rather than primary to secondary 

turns ratio. The 

this application, 

impedances rather 

former is simply the turns ratio squared. In 

we are most often interested in manipulating 

than voltages or currents with the 

transformers. Balanced-to- unbalanced transformers, commonly 

termed "Baluns" are extremely useful in wideband amplifier 

designs. A single- ended load can be driven by a push-pull 

(balanced) source or vice-versa by using a balun transformer. A 

wideband transformer can also perform a phase reversal from 

primary to secondary by proper winding connections. 

Transformer connections between a source and a load may be 

either balanced or unbalanced. Additionally, the balanced 

source or load may be either entirely floating or with center 

grounded such as two single ended sources phased 180-degrees 

apart or a load resistor with grounded center tap. The 

distinction between "balanced, floating" and "balanced, center 

grounded" may seem unimportant for wideband transformer design, 

but it is not. A proposed balun transformer equivalent circuit 

with source and load connected should be drawn showing the 

magnetization current path. 

Figure 1 ( a) is an example of a simple 1:1 balun with a 

floating balanced load. The magnetization current, im , flows 

through the load resistor as shown. Figure 1 ( b) illustrates 

what happens to the magnetization current path if the balanced 

load is changed to a balanced, center tap grounded load. The 

magnetization current flows through only one winding and only 

one-half of the load resistance. This causes undesirable phase 

and amplitude imbalance in the balun restricting the bandwidth. 

The balance can be restored by using a third or tertiary 

winding, as shown in figure 1 ( c), to shunt the magnetization 

current around the load. This illustrates the necessity of 

considering the type of source and load connections when 

selecting wideband transformer topologies. 
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FIGURE 12 

Noise and gain a, • function of frequency. 
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IA1 BALANCED LOAD. FLOATING 

IC) BALANCED LOAD. CENTER GROUNDED WITH TERTIARY 
WINDING IG-C1 

- 

2 BALANCED LOAD CENTER GROUNDED 

FIGURE 1 1 1 TRANSMISSION LINE BALUN 
TRANSFORMERS 

The nine possible transformer connections are given below: 

SOURCE  

Unbalanced 

Unbalanced 

Unbalanced 

Balanced, 

Balanced, 

Balanced, 

Balanced, 

Balanced, 

Balanced, 

floating 

floating 

floating 

center grounded 

center grounded 

center grounded 

LOAD  

Unbalanced 

Balanced, floating 

Balanced, center grounded 

Unbalanced 

Balanced, floating 

Balanced, center grounded 

Unbalanced 

Balanced, floating 

Balanced, center grounded 

Wideband RF transformers and combiners typically use a 

magnetic core. The magnetic cores used in wideband RF 

transformers are available in a wide variety of shapes and 

sizes. Balun core, toroidal, sleeves, tubes, beads, and cup 

cores are the common names for the various shapes. The earliest 

material used was powdered iron followed by modern ferrites. 

Ferrite is composed of iron oxide in combination with various 

proportions of oxides of manganese, magnesiun, nickel, and 

zinc. In general the ferrites composed of iron, nickel, and 

zinc are applicable for the HF/VHF frequencies. Various mixes 

of ferrites are available. A high permeability and moderatel}, 

low loss material is used for HF/VHF power transformers. 

Operational flux densities must be kept well within the linear 

portion of the Il- Il curve of the materia/. The area inside the 



TABLE 1 

C.'10EC DISK 0 1 CCC DEMO 13 AUG 86 21:27 FILE I 11 
FR! ORO 

1: SRC 2V 50ohm 
3: TER 5001m 
4: LFR 26Hz 66Hz 100MHz 

REM OPT 522/M - teen 
REM SFR 46Hz 

7: NAB 290K 
8: RS 50ohm 

.CON 0 0 1 
9: CAB . 1mm 50ohm 

.CON 1 0 2 
LIS 795.774pH 500 461-1z 46Hz 
.CON -2 0 3 

IS: CS 19.894pF 

.CON 2 0 3 
16: CAB 17.5mm 50ohm 

.CON 3 0 4 

18: LS 500PH 
.CON 4 0 s 
REM TRB 20 106Hz 30mA 
OLD R_BIF 
.XI6 
.CON 5 6 7 

19: LS 344.010382111pH(la/10n) 
.CON 6 0 0 
TWO 1 7 
.OUT V05/06 K/M 522/M NF/DB 
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Loading OLD R_BIP..707.0 
5GHZ_BIP 

TABLE 2  

cA06C OIS 9 I CCC DEMO 12 AUG 86 21:29 PILE 0 11 

DFO 
V5. 2 25. 90 ZL. 50 ZR. 50 

FREQUENCY/HZ V05/013 K/M 522/M NF/08 

2.0000E9 3.8834 - 1.7910 1.3=6 5.9668 
2.1000E9 3.9953 -2.0137 1.4020 6.6199 
2.2000E9 4.1620 -2.1896 1.4901 7.1993 
2.3000E9 4.3795 -2.3280 1.5801 7.7163 
2.4000E9 4.6465 -2.4360 1.6795 8.1735 
2.5000E9 4.9639 -2.5196 1.7901 8.5957 
2.6000E9 5.3342 -2.5792 1.9145 8.9703 
2.7000E9 5.7616 -2.6207 2.0557 9.3078 
2.2000E9 6.2517 -2.6448 2.2180 9.6119 
2.9000E3 6.8123 -2.6530 2.4071 9.9958 
3.0000E9 7.4539 -2.6466 2.6310 10.1321 
3.1000E9 8.1902 -2.6265 2.9009 10.3536 
3.2000E9 9.0404 -2.5935 3.2338 10.5526 
3.3000E9 10.0312 -2.5485 3.6561 10.7214 
3.4000E9 11.2015 -2.4922 4.2113 10.8926 
3.5000E9 12.6114 -2.4253 4.9762 11.0387 
3.6000E3 14.3600 -2.3487 6.1014 11.1727 
3.7000E9 16.6285 -2.2629 7.9264 11.2980 
3.9000E9 19.8063 -2.1689 11.4104 11.4184 
3.9000E9 25.0126 -2.0673 20.7047 11.5391 
4.0000E9 38.6398 - 1.9590 98.8514 11.6661 
4.1000E9 22.5771 -1.8356 15.4591 11.4400 
4.2000E9 16.6318 - 1.6967 7.7296 11.1860 
4.308E9 13.1829 - 1.5457 5.1390 10.9048 
4.4000E9 10.7703 - 1.3860 3.8399 10.5977 
4.5000E9 3.9298 - 1.2205 3.2571 10.2664 
4.6000E9 7.4540 -1.0518 2.5321 9.3131 
4.7000E9 6.2318 -. 8819749 2.1541 9.5410 
4.8000E3 5.1969 -. 7129069 1.5660 9.1546 
4.9000E9 4.3061 -. 5461934 1.6431 8.7597 
5.0000E9 3.5298 -. 3831572 1.4610 8.3644 
5.1000E9 2.846e -. 2249552 1.3101 7.9731 
5.2000E9 2.2411 -. 0725551 1.1927 7.6172 
5.3000E9 1.7006 .0733075 1.0733 7.2949 
5.4000E9 1.2156 .2120132 . 9782942 7.0313 
5.5000E9 .7783439 . 3430991 . 8949142 6.8471 
5.6000E9 . 3824293 . 4662352 . 8211659 6.7529 
5.7000E9 .0225103 .5812119 . 7555744 6.7975 
5.2000E9 -. 3059532 .6879287 . 6970482 6.9660 

5.9000E9 -.6068647 . 7863835 . 5447851 7.2904 
6.0000E9 -. 8936193 . 8766621 . 5982061 7.7519 



B- H curve represents the relative loss, therefore the narrow 

curves are preferred for low loss designs. Detailed information 

is available from the various ferrite manufacturers. 

Core losses and winding dielectric losses heat the core. 

The core temperature must be held well below the Curie 

temperature of the ferrite, otherwise the magnetic properties of 

the ferrite will be permanently altered. Operation near the 

Curie temperature is not recommended as some materials can go 

into thermal runaway. The high temperature increases the core 

loss which in turn further increases the core temperature until 

the core is ruined. 

CONVENTIONAL OR "WIRE- WOUND TRANSFORMERS" 

The conventional broadband RF transformer is characterized 

by a power transfer from the primary to secondary windings via 

magnetic coupling through the ferrite core. The transmission 

line transformer, by contrast, is characterized by the use of a 

transmission line of characteristic impedance, Zor 

ferrite core. The core suppresses common mode or 

non - transmission line currents which would otherwise flow due to 

the transmission line interconnections. A core wound with wire 

may or may not be a conventional transformer, depending upon how 

the source and load are connected. Figure 2 illustrates this 

distinction. 

and a 
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FIGURE 2 COMPARISON OF CONVENTIONAL AND 
TRANSMISSION LINE TRANSFORMERS 

In general, the conventional transformer is inferior to the 

transmission line transformer for the combination of high power 

capability, low loss, and wide bandwidth. The conventional 

transformer can be constructed for a wider range of impedance 

transformation ratios than the transmission line type. Some 

ratios will have wider bandwidths than others due to the number 

of turns to achieve the desired turns ratio. There are no 

fractional turns. If the wire or line passes through the core, 

it is one turn. 
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APPENDIX 

We mentioned briefly that the oscillator amplitude 

stabilizes due to some nonlinear performance of the transistor. 

There are various mechanisms involved, and depending on the 

circuit, several of them are simultaneously responsible for the 

performance of an oscillator. Under most circumstances, the 

transistor is operated in an area where the dc bias voltages are 

substantially larger than the ac voltages. Therefore, the theory 

describing the transistor performance under these conditions is 

called " small-signal theory". In a transistor oscillator, however, 

we are dealing with a feedback circuit that applies positive feed-

back. The energy that is being generated by the initial switch-on 

of the circuit is being fed back to the input of the circuit, 

amplified, and returned to the input again until oscillation 

starts. The oscillation would theoretically increase in value 

unless some limiting or stabilization occurs. In transistor 

circuits, we have two basic phenomena responsible for limiting 

the amplitude of oscillation. 

1. Limiting because of gain saturation and reduction of 

open- loop gain. 

2. Automatic bias generated by the rectifying mechanism of 

either the diode in the bipolar transitor or in the 

Junction field-effect transistor. In MOSFETs an 

external diode is sometimes used for this biasing. 

s. A third one would be external AGC, but it will not be 

considered here 
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The oscillators we discuss here are self-limiting oscillators. 

The self-limiting process, which by generating a dc offset 

bias moves the operating point into a region of less gain, is 

generally noisy. For very low noise oscillators, this operation 

is not recommended. After dealing with the quarter-wavelength 

oscillator in the preceding section, we will deal here only with the 

negative resistance oscillator, in which, through a mechanism, 

a negative resistance is generated due to 

feedback and is used to start oscillation with the passive 

device. Here we look at what is happening inside the transistor 

that is responsible for amplitude stabilization, and we will thus 

be in a position to make a prediction regarding the available 

energy and the harmonic contents. 

Figure A-1 shows the quarter-wavelength oscillator redrawn 

in such a way that the source electrode is now at gorund potential 

while the gate and drain electrode are electrically hot. The 

reason for doing this is because we will look at the gate- to-

source transfer characteristic and use its nonlinearities as a 

tool to describe what is happening. The same analysis can be 

applied to a transistor circuit, provided that the resistors used 

for dc bias are small enough not to cause any dc offset. The 

field-effect transistor characteristic follows a square law and, 

therefore, can be expressed as 

v2 
12 = ID, ( 1-) (A-68) 
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Figure 3 is a conventional transformer that finds wide usage 

at low impedances ( 3 to 20 ohms). The core is commonly referred 

to as a balun core, yet the transformer may or may not be 

connected to perform as a balun. Metal sleeves of copper or 

brass are inserted into the core and connected together at one 

end to form a primary winding. Connections to the circuit are 

made at each of the two sleeves at the opposite end. Two pieces 

of copper clad G-10 circuit board work nicely at each end. The 

secondary winding is constructed by winding the required turns 

of insulated wire through the primary tubes. 

SECONDARY (3 TURNS) 
TEFLON 
WIRE 

COPPER CLAD G-10 

PRIMARY II TURN) 

(A) FRONT VIEW 

II 

COPPER OR BRASS SLEEVES 
SOLDERED TO THE G-10 END PIECES 

(13) REAR VIEW 

AOJ I B. 

(C) SCHEMATIC REPRESENTATION 

FIGURE 3 EXAMPLE OF A 1 9 IMPEDANCE RATIO 
CONVENTIONAL TRANSFORMER 
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One of the factors limiting the high frequency response of 

the transformer is leakage inductance. Leakage inductance is 

due to any flux lines that do not link the primary and the 

secondary. To minimize the leakage inductance, the primary 

copper tubes should fit quite close in the core holes. They 

should not be so tight that thermal expansion will cause the 

core to break. The lead inductances of the primary and 

secondary windings from the point they exit the core to the 

circuit connection will also limit performance at the high 

frequency end, especially on low impedance applications. Shunt 

capacitance on either the primary or secondary or both will 

compensate the leakage reactance and extend the useful high 

frequency limit. 

TRANSMISSION LINE TRANSFORMERS 

The simplest transmission line transformer is a 

quarter-wavelength line whose characteristic impedance, Ze , is 

chosen to give the correct impedance transformation. This 

relationship is illustrated in figure 4. Mote that this 

transformer is a narrowband device valid only at frequencies for 

which the line is odd multiples of a quarter wavelength. The 

transformation ratio is given by the square of the ratio of the 

line impedance to the load connected to the line. 



For any other device, we have to take the necessary transfer 

characteristic into consideration, and this could theoretically 

be done by changing the square law into nth order. The voltage 

v1 will be in the form 

I. 

+12 V 

Figure A-1 Quarter-wavelength oscillator with grounded 
source electrode. 

vi = Vb + V1 coswt (A-69) 

This is the voltage that is being generated due to the selectivity 

of the tuned circuit at which there is a resonant frequency. 

Inserting this into the above equation and using 

(A-70) V = V - 

we obtain 

ix = Ie5-(VÎ-2V,Vicosult + Vicos 2wt) (A-71) 

Once we know the peak value of i2, we can expland this into a 

Fourier series. In this case a Fourier series expansion for i2 has 

only three terms; that is, 

ix(t) = Id + II coswt + 12 cos2wt (A-72) 

— Itsr 2 IL 
+ o 2 

,I2SSV-2— ”v  I = -- b. V 
p 

— I Dss 17? 
12 --r- --V 2 

(A-73) 

(A-74) 

(A-75) 
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Because of the square- law characteristic, II is a linear function 

of VI and we can define a large- signal average transconductance Gm, 

Gm = vi = 2-14S- V Vp (A-76) 

In the case of the square- law characteristic, we find the interesting 

property that the small-signal transconductance gm at any particular 

point is equal to the large- signal average transconductance Gm at 

the same point. The second harmonic distortion is the output current 

is given by 

. VI  . VI 9,0 
II 4Vd 4Vp gm  

The transconductance Gm can be 

indicates the gain for a particular 

fundamental, which means that there 

(A-77) 

defined in such a way that it 

frequency relative to the 

is a certain Gm for the 

fundamental frequency and one for the second harmonic, and in the 

general case, a Gmn for the nth-order harmonic. In the more 

general form, we rewrite our equation 

id = CO-Vb + Vicos x)" (A-78) 

As this current will exist only during the period from -a to +a, the 

equation 

exists only for 

We can rewrite our 

of a transistor: 

ix = 

X = ta 

Vb 
COS a = — 

VI 

equation for the drain current or collector current 

id = C,Vr(cosx- cos w)" (A-79) 
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FIGURE 4 SIMPLE QUARTER WAVE 
TRANSMISSION LINE TRANSFORMER 

If a ferrite sleeve is added to the transmission line ( see 

figure 5), common mode currents ( currents flowing in both 

transmission line conductors in phase and in the same direction) 

are suppressed and the load may be balanced and floating above 

ground. The line can now be any length with characteristic 

impedance equal to the balanced load impedance. The result is a 

1:1 balun. Low frequency operation is limited by the amount of 

impedance offered to common mode currents. A good rule- of- thumb 

requires the impedance presented to common mode currents be not 

less than five times the load impedance. The line length limits 

the high frequency response of transmission line transformers. 

\FERRITE SLEEVE 

R, r 

FIGURE 5 1 1 TRANSMISSION LINE BALUN 
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If the ferrite loaded length of transmission line in figure 

5 is folded back so that the two ends may be interconnected, a 

1:4 impedance transformer is formed. A load resistance. RL, 

connected as shown in figure 6 is reflected to the input of the 

transformer as RL/4. The line Zo should be equal to the 

geometric mean of RL and Zi o for maximum bandwidth. The 

line length must be as short as possible for extended high 

frequency operation. The practical high frequency limit for 

this type of transformer is reached when the line length 

approaches 1/8 wavelength and appreciable phase error difference 

occurs at the interconnection of the lines. 

A 1:4 transmission line balun transformer may be constructed 

as shown in figure 7. Two cores are required and may be either 

balun cores ( as shown) or toroids or sleeve cores. The 

transmission line Zo should be the geometric mean of the input 

and load impedances. This transformer may also be used for 

balanced-to-balanced source and load connections. Transmission 

line baluns for 1:9 and 1:16 impedance ratios are constructed 

similarly as shown in figures 8 and 9. The limitation of 

squared integer transformation ratios is the biggest 

disadvantage of this type of transmission line transformer. The 

availability of coaxial cable in a variety of impedances is 

another limitation. 50 and 75- ohm cables are by far the most 

common but impedances of 25, 35, 60, 95, and 125- ohms are 

available. 

• ••• JIM EMI e=I EMI =I =I 



The dc value of the current TABLE A-3 NORMALIZED FOURIER COEFFICIENTS 

=-L5d dx (A- 8o) B1 B2 
AI B1 AI A2 B2 A.7 

or 
. _"CiIII f e Id (cos x - cos x r dx (A-81) 0 0.318 0.500 1.57 0.250 0.425 1.7 

IT 0 

0.1 0.269 0.436 1.62 0.191 0.331 1.73 
The amplitude of the fundamental frequency 

2 " 0.2 0.225 0.373 1.66 1.78 cos xdx 0.141 0.251 
LA- 82) 

w Wo 
0.3 0.185 0.312 1.69 0.101 0.181 1.79 

or 
2CnV" re (A-83) 0.4 0.144 0.251 1.74 0, (cos x - cosa)n cos x dx 06/4 0.126 1.87 

ir «o 
0.5 0.109 0.195 1.79 0.0422 0.0802 1.90 

For n = 1, the collector current 
0.6 0.0/7 0.141 1.83 0.0244 0.0458 - 1.95 

Id = CiVIA1 (A-84) 0.7 0.050 0.093 1.86 0.0118 0.0236 -2 

and trie amplitude of the fundamental frequency 
0.8 0.027 0.052 1.92 0.0043 0.0082 -2 

II = CIVIBI (A-85) 0.9 0.010 0.020 2 0.00074 0.00148 2 

For n = 2, the collector current is therefore 
1.0 0 0 2 0 0 2 

Id = C2VfA 2 (A-86) 

and the amplitude of the fundamental frequency These are the normalized Fourier coefficients as a function of 

Ii = CiViB 2 (A-87) n and the conduction angle. Theoretically, this has to be expanded _ 

With the definition of the conduction angle, to the order n of 3 or 4, depending on the particular device, and 

Y..b. 6 . arc (A-88) can be found from tables or by a digital computer. VI 

These values are listed in Table A-3. For simplifications, let us go back to the case of our 

square- law device, where our transconductance 

Gm  = 1 = - 21q-
VF 

This can be rewritter in the form 

Gr., _ 2Ins5A, _ v y; coswt) 
- -Tr \ o 
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ve is the pinch-off voltage of the field-effect transistor, Vb is 

the bias voltage that is measured between source and ground, and 

y1 is the peak value of the voltage of the fundamental frequency. 

Figure A-2 shows the effect where the sine wave is driving the 

transfer characteristic, and the resulting output currents are 

narrow pulses. Based on the duration, the mutual conductance g, 

becomes a fraction of the dc transconductance Gm , and therefore 

the gain is reduced. For small conduction angles mud, the mutual 

conductance can take very small values, and therefore the gain 

gets very small; that is the cause for stabilizing the amplitude 

in the oscillator. We note that the gain is being reduced as the 

amplitude causing the small conduction angle is increased. 

Fourier analysis indicates that, for a small harmonic 

distortion, the RF voltage at the source or gate ( depending on 

where it is grounded) has to be less than 80 mV. Now we can 

design the oscillator performance. 

Let us assume that the saturation voltage of the active 

device is 2 V, battery voltage applied to the transistor is 12 V, 

and the transistor starts at a dc current of 10 mA with a source 

resistor of 200Q. This results in a voltage drop of 1 V at the 

source and 2 V in the device; therefore, 9 V is available. It 

can be assumed that the maximum voltage at the drain will be 

9 X rr. The capacitor voltage divider from drain to voltage now 

depends on the gain. If we assume an I,IId of 0.15 for about 50' 

conduction angle, 2a, and the dc conductance of the transistor at 

FIGURE A-2 Current tips as a function of narrow conduction angles 
in a square-wave transfer characteristic. 

the starting dc operating point is 20 mAIV, the resulting 

transconductance is 3 mAIV. 

Next we need the output impedance the quarter-wave resonator 

provides, 

or 

1 
121 = Q7E (250 MHz) 

1  
R1 600 2n X 47 X 10" X 250 X 106= 8127n 

As we want 9 V ms at the output, we have to use the equation 

V 
-21m = A(voltage gain) = g,Fte_ = 3 X 10 -3 X 8.127 X 10 3 V, 

A = 24.38 

or 

8V 
= —= 328mV 

A 

This would mean that the capacitance ratio of the feedback 

capacitors C1 and C2 would be 1:24.38. In practice we will find 

that this is incorrect, and we need a 1:4 or 1:5 ratio. The 

reason for this is that the equations we have used so far are not 

213 



(A)PICTORIALVIEW 

z, 

1B1 SCHEMATIC VIEW 

FIGURE 9 116 TRANSMISSION LINE BALUN TRANSFORMER 

Several techniques to achieve nonstandard impedance lines 

include simply parallel connecting two or more lines. For 

example, two parallel 50-ohm lines provide an effective 25-ohm 

line. The parallel lines do not have to be the same impedance 

either. Bifilar or twisted enameled wire can easily be 

constructed for odd characteristic impedances also. The 

impedance depends upon the wire diameter, insulation dielectric, 

spacing, and number of twists per unit length. Multiples of 

even numbers of wire may be twisted together and then parallel 
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connected to achieve low characteristic impedances. The 

characteristic impedance of experimentally constructed bifilar 

or twisted pair transmission lines may be determined by 

measuring the reactance of an open circuit, 1/8-wavelength, 

sample. The magnitude of the reactance is equal to the line 

impedance at the frequency for which the line is 45-degrees in 

electrical length. Remember to account for the velocity of 

propagation when determining the frequency of 1/8 wavelength. 

Micro- strip transmission lines on printed circuit boards is 

another technique for achieving virtually any desired line 

impedance. Mechanical problems with the strip lines in ferrite 

cores may be more difficult but interconnections with the 

amplifier circuit may be improved. 

The bandwidth degradation experienced by not using the 

correct value of line impedance may be acceptable in some 

applications. Figure 10 is a comparison of two identical 1:4 

balun transformers; one wound with the proper 25-ohm line, the 

other wound with 50-ohm line. The measurement was made by 

connecting two identical transformers back-to-back to provide 

matched 50-ohm impedance ports to interface with the network 

analyzer. The indicated loss of one transformer is halt of the 

measured value. This technique is valuable for evaluating 

various transformer designs and initially chooseing values of 

compensation capacitors for leakage reactance. 

4 4 é 
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accurate enough to represent the acutal dc shifts and harmonic 

occurrences. As mentioned in Sections 4-1 and A-1-5 a certain 

amount of experimentation is required to obtain the proper value. 

To determine the actual ratio, it is recommended that one obtain 

from the transistor manufacturer the device with the lowest gain 

and build an oscillator testing it over the necessary temperature 

range. As toe gain of the transistor changes as a funciton of 

temperature ( gain increases as temperature decreases for field-

effect transistors and acts in reverse for bipolar transistors), a 

voltage divider has to be cnosen that is, on the one hand, high 

enough to prevent the device from going into saturation which will 

cause noise, and on trie other hand, small enough to allow 

oscillation under worst- case conditions. Suitable values were 

determined for the CP643 transistor and shown in the circuit for 

the field-effect quarter-wavelength transistor. 

--See Chapter A- 1-b, 'Oscillator Amplitude Stabilization," from 
Digital PLL Freauence Synthesizers, pp. 400-405. Copyright, 
Dr. Ulrich 1. Rjhde 
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As pointed out earlier, the 1:4 transmission line 

transformers' high frequency response 

appreciable phase error is introduced 

point a-b shown in figure 11. If the 

is limited when 

at the interconnection 

connection a-b were made 

with a transmission line of equal impedance and length as the 

ferrite loaded line, the phase difference between input and 

output is eliminated. The transformer topology remains the 

same, except the a-b connection has the same phase delay as the 

main transformer line. For this reason this subclass of 

transmission line transformers are called "Equal Delay 

Transmission Line Transformers". The transformer input and 

output connections can be physically separated which is 

advantageous in some applications. 

FERRITE LOADED TRANSMISSION LINE 
(Z„ R, /2) 

(A) (01 

FIGURE 11 DERIVATION OF THE EQUAL DELAY TRANSFORMER 

IC) 

Figure 12 ( a) is the usual pictorial and schematic-

representation of a 1:4 equal delay transformer. If a third 

line is stacked on the 1:4 design, a 1:9 impedance transformer 

results. In like manner, four lines produce a 1:16 transformer 

and so on. Figure 12 ( b) and ( c) illustrates these ratios. For 

comparison, if one unit of ferrite is required on the 1:4 

transformer for a given bandwidth, then two units will be 

required for the third line on the 1:9 transformer. In like 

manner, the fourth line requires three units of ferrite for the 

same bandwidth. Notice that these designs are all 

unbalanced- to- unbalanced transformers. Suppose we aec: ferrite 

to the bottom line on the 1:4 transformer. Now we can lift the 

grounds on the parallel connected end ( still keeping the shields 

215 



Logarithmic Amplifiers 

Tom Munson 

Plessey Semiconductors 

3 Whatney, Irvine, CA 92718 

Radio first started with just a simple detector. Some 

early users complained that this lacked sensitivity. The 

next step was to add a linear amplifier. Then the problem was 

strong signals, which occasionally required an alert hand on 

the gain control to avoid severely overloading the receiver. 

The immediate solution was an automatic finger on the gain 

reduction control, but AGC systems had problems with choices 

for time constants, occasionally causing inappropriate 

responses. 

With the advent of radar at the start of WW II the job 

of the IF amplifier became more demanding. The origin of the 

problem can be seen in the radar range equation below. 

pG2a2 

S 

(4r) 3R4 

S received power 

P transmitted power 

G ... antenna gain ( ratio, not dB) 

d target radar cross section ( area) 

X = wavelength 

R = range 

The troublsome term is the 1/R4 factor. Since the received 

signal varies as 1/R4 , a 2:1 change in range leads to a 12 dB 

change in signal. A radar with a maximum range of 32 miles 

will normally be expected to resolve the same target at less 

than 1 mile. A 32:1 range variation gives a 96 dB signal 

variation. Linear amplifiers with such dynamic range are not 

currently practical. 

One solution to this problem is a swept gain IF 

amplifier strip. Predictive information is available on the 

returning radio echo. The time of arrival is directly 

proportional to the range. If we make the gain of the 

amplifier time variant so that the gain is proportional to T4 

(T time elapsed since the transmission of the outgoing 

pulse) then the IF strip output amplitude should be constant 

for a particular target at all ranges. 

The swept gain method allows wide dynamic range while 

maintaining the fine amplitude resolution of a linear 

amplifier. The problem is that swept gain deals poorly with 

"surprises". A large target can easily paralyse the 

amplifier. If the recovery time is 1 us, then any object less 

than 250 feet behind the large reflector will be hidden. The 

swept gain IF will also fail to pick up small targets, even 

when they are close in. Surface skimming anti- ship misales 

are an example of this class of low radio reflection objects. 

Limiting amplifiers, which level the output of the IF to 

a fixxed amplitude, are 

phase information is of 

examples. A limiting IF 

useful in radars where frequency or 

interest. Doppler and MTI sytems are 

requires a separate detector system 

to retain received signal amplitude information if needed. 
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connected) and connect a balanced, floating load between the 

center conductors and the shields to form a 1:4 balun. The 

stray capacitance to ground can be balanced better by 

interconnecting the center conductor of one coax to the shield 

of the other coax. The result is the balun transformer 

described earlier in figure 7. 

(A) 

(0) 

FIGURE 12 EQUAL DELAY TRANSFORMER CONFIGURATIONS 
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How much improvement in bandwidth does the equal delay 

transformer give compared to the conventional transmission line 

transformer? Figure 13 is a plot of insertion loss versus 

frequency for the two types constructed on identical cores. 

Again, the test consisted of measuring two identical 

transformers connected back-to-back, so the actual loss for one 

transformer is one-half the measured value. 
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In the demanding environments of radar, sonar and ECM 

rapid pulse repetition and amplitude variation cannot be 

dealt with by the normal AGC loops used in AM and SSB radio 

systems, because these depend on the continuous nature of the 

carrier. New techniques used to avoid interception and 

jamming involve wider use of the electromagnetic spectrum, 

frequency agility, and pulse compression or dispersion. Such 

systems require broadband IF amplification that responds 

instantaneously. 

The common technique to achieve the instantaneous 

compression of dynamic range is to use a logarithmic 

amplifier. This gives an output voltage that is proportional 

to the logarithm of the input. Compare this to the case of 

linear amplifiers where output voltage is proportional to 

input voltage and to limiting amplifiers where amplitude 

information is removed by leveling the output. 

The important characteristic of a log amp system is its 

huge instantaneous dynamic range and resulting fast response 

time. This has advantages over AGC systems where a 

fixed time constant is optimised to meet predicted variations 

in amplitude. Sophisticated AGC 

expensive. The typical result is 

information if the time constant 

variations are bulky and 

a loss of amplitude 

is too large. 

When is a logarithmic amplifier IF system the best 

choice? The electronics industry sees requirements for 

instantaneous amplitude compression of input signals in many 

specialized receiver systems. In a typical log amplifier 

strip an input dynamic range of 80 dB can be compressed to 

about 20 dB by the logging action. The output can then be 

easily processed by succeeding circuitry. 

When is a log amp inappropriate? When input amplitude is 

an important component of the desired information. In 

applications like radar signature analysis, terrain mapping 

radar, and terrain following radar linear amplifiers are 

often used. Logarithmic amplifiers sacrifice amplitude 

precision for dynamic range, so a linear amplifier will 

provide superior resolution in these systems. 

TYPES OF LOG RECEIVER SYSTEMS 

Receivers that accept pulsed 

in radar and ECM, tend to use two 

signal to a manageable frequency. 

signals, such as those used 

techniques to step down the 

The heterodyne mixer is 

widely used in search radar. The crystal video (or microwave 

detector) is seen on broadband warning and direction finders. 

Figure 1 shows schematically the essential output signal 

differences of the logarithmic signal processing employed 

with these techniques. 

(1) LOG VIDEO SYSTEMS 

Log video amplifiers are used in systems requiring 

simplicity, compactness and low price. These systems lack 

the sensitivity and dynamic range achieved by successive 
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COMSIPERS_AND SPLITTERS 

When required output power levels exceed the capabilities of 

a single power amplifier stage, two or more stages or modules 

are combined to produce the required output. The combiner is 

closely related to wideband transformers in design and 

techniques. A power splitter is simply a lower powered version 

of the combiner used in reverse. The splitter divides the drive 

signal into multiple equal amplitude outputs to be applied to 

the amplifier inputs. The power combiner then recombines the 

amplified outputs into a single signal. Since the splitter is 

the same as a combiner, the following discussion will mention 

only combiners. 

A wideband power combiner must perform the following basic 

functions: 

a. Provide low insertion loss over the required 

bandwidth. 

b. Provide isolation ( minimum coupling) between the 

input ports. 

c. Provide a low VSWR load at the input ports over the 

required bandwidth. 

The operating bandwidth of combiners must be as wide or 

wider than the amplifiers to not restrict the overall bandwidth 

of the transmitter. Transmission line techniques are used for 

lowest loss and widest bandwidth. The primary function of the 

217 

combiner is to maintain port- to- port isolation. By isolating 

the output of one amplifier from the others, multiple failures 

as a result of a single amplifier failure are avoided. For 

example, in a two- input- port combiner, if one amplifier is 

disabled the output power drops by 6 dB. The output drops 3 dB 

due to lack of power from the disabled module and ar additional 

3 dB is due to the power from the remaining module dividing 

equally between the bridging resistor and the output load. 

The bridging resistor must dissipate -6 dB of the maximum 

combiner output power. The bridging resistor value is 

prescribed by the type and configuration of the combiner as 

detailed later. Some topologies require either single- ended or 

balanced, floating bridging resistors. Sometimes the bridging 

resistor is referred to as the " dump" load or "dump" port since 

power due to phase or amplitude imbalance is dumped to this 

load. 

The bridging resistor dissipates power due to any slight 

differences in either the phase or amplitude of the input 

signals. This relationship is given in figure 14. 

There are three basic types of combiners: 

a. In- phase combiner or hybrid ( two or more input 

p  

b. 180-degree combiner or hybrid ( two input ports) 

c. 90-degree combiner or quadrature hybrid ( two input 

ports) 



detection and true log amplifiers. Log video amplifiers 

perform the logging function directly on the video signal 

from a microwave detector. It is worth noting that although 

it is possible to get a log video amplifier system with a 

dynamic range of 80 dB, the overall system dynamic range is 

reduced to half by the square law of the detector. Log video 

sytems are employed in direction finders, alarm systems 

and other less sensitive measurement equipment. 

(2) TRUE LOG SYSTEMS 

The second system works from a mixer and is for 

applications where both sensitivity and minimal frequency 

distortion in the IF are required. True log amplifiers have 

a undetected, undistorted IF output of amplitude 

approximating the logarithm of the input amplitude. Stages 

can be cascaded to give up to 80 dB of dynamic range. A 

dual- gain technique is used to obtain the log transfer 

function. Figure 2 shows such a stage, consisting of a 

limiting amplifier of gain G in parallel with a unity gain 

amplifier. This is in fact a hybrid between a linear and a 

limiting 

The 

is shown 

amplifier in form as well as function. 

single stage soft limiting dual- gain characteristic 

in Figure 3. For small input signals the gain is 

around 10 dB. The gain drops to 

reaches the saturation point of 

of the stage. The delays can be 

unity when the input signal 

the limiting amplifier part 

matched in the unity gain and 

limiting amplifier portions of the stage to minimize 

frequency distortion and phase error. The theoretical 

transfer function of a six stage true log system is shown in 

figure 4, plotted with both axes linear. It is a series of 

straight lines with breakpoints where each limiting amplifier 

saturates. The practical characteristic is curved, giving 

reduced ripple and less log error. Low ripple is dependent 

on component matching. An eight stage strip with an 80 dB 

dynamic range is possible. 

(3) SUCCESSIVE DETECTION LOG SYSTEMS 

Successive Detection is the most commonly used log IF 

amplification system. To meet the required dynamic range, 

identical limiting amplifiers with logarithmic detectors are 

cascaded. The parallel sum of their detected outputs produce 

a composite logarithmic straight line transfer function. 

The basic stage in a successive detection strip is shown 

in Fig. 5. A limiting amplifier of 10 dB gain is followed by 

a low level detector. The single stage response is shown in 

Fig. 6. An important feature is that the video and RF 

outputs limit at a precise input level. A three stage strip 

built with circuits of this type is shown in Fig. 7. The 

first stage will give a video output identical to a single 

device. The second is constant so when a logarithmic scale 

is used for the RF input the second stage video output will 

be identical to that of the first stage just displaced to the 
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FIGURE 14 HYBRID COMBINER POWR RELATIONSHIPS 

If more than two signals are combined in- phase, the term 

"combiner" is used since the term "hybrid" refers to a device 

with two input ports. The topologies of each of the three basic 

configurations will be examined. 

The following definitions apply: 

RL= output load resistance 

RB= bridging resistor 

Zo= transmission line characteristic impedance 

Zi n= input impedance ( with output port terminated) 

S = shield connection of coaxial cable 

C = center connection of coaxial cable 
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IN- PHASE COMBINERS 

In- phase combiners operate with two or more inputs of equal 

phase and amplitude to combine into a single output. There are 

two basic topologies for in- phase combiners, examples of which 

are shown in Figures 15 and 16. The differences are in the 

number and configurations of the ferrite cores and the value of 

the bridging resistor. The type- I configuration has a single 

balun core or toroidal core and a bridging resistor equal to 

four times the output load. The type- II combiner has two 

separate cores; either sleeves or toroidal. The bridging 

resistor is equal to the load resistance. Consideration of 

physical layout, practical transmission line impedances ( 10), 

and bridging resistance (RB) will determine the best type of 

combiner for a particular design. 

A comparison of input impedance and port- to- port isolation 

between typical type- I and type- II combiners yields interesting 

results as shown in Figure 17. Both combiners were constructed 

with a single turn of 50-ohm coax in the cores. Core material 

was Stackpole 7D for both types. The test data indicates 

superior port- to- port isolation with a type- II combiner while 

the type- I combiner exhibited lower input VSVIR. 

Là OM MI MS MI MI MI MI =I 



left by the stage gain, as shown in Fig. 8. This shows the 

individual transfer characteristics of the three cascaded 

stages separated by the gain of each limiting amplifier. A 10 

dB increase in signal will drive number three detector to its 

maximum output and similar increases will sequentially 

saturate 02 and then Dl. 

The final step is to sum the video outputs. The 

schematic and corresponding response are shown in Fig. 9. 

For each increase in input level corresponding to a single 

stage gain, a contribution equal to the maximum video output 

from a single stage is added to the summed video output. To 

obtain a straight log law, stages must be well matched, 

particularly the detector characteristic and the flatness of 

the limiting level. 

Successive detection log strips give amplification, 

great sensitivity (- 80 dBm), and large dynamic range. They 

are widely used in marine radars, I.F.F. systems, primary 

surveillance radars, missile radars, navigation aids, 

instrumentation, etc.. Their only disadvantage is that the 

signal phase and frequency information is degraded. 

The dynamic range of a log strip can be extended by 

increasing the number of stages. The limit is reached when 

the last stage in the cascade reaches full video output 

solely on the noise produced by the first stage. The number 

of stages can be increased if the bandwidth of the strip is 

reduced. It is common practice to insert a bandpass filter 

in the centre of the log strip for this purpose. Care must 

be taken 

response 

response 

range is 

that the filter insertion loss is 0 dB or the log 

of strip will have a "kink" in the middle of the 

curve. Another technique for increasing the dynamic 

to attenuate the input signal and apply it to 

another short strip operating in parallel to the main strip. 

The video output from this " lift" strip is added to that from 

the main strip. Normally the log response limits when the 

input signal exceeds that necessary to produce full video 

output from the first stage. The lift strip is fed with an 

attenuated signal and will continue to give an output change. 

The limit to this technique is reached when the input voltage 

is sufficient to cause damage or overload in the first stage 

of the main strip. 

The Plessey SL2521 is a monolithic IC approach to the 

successive detection log amplifier. The features that make it 

unique are an improved bandwidth over previous IC amps, 1.3 

GHz, and the ability to simultaneously give both a log linear 

successive detection video output and a phase linear limited 

IF output. This previously required two separate IF strips, a 

successive detection log strip for video information and a 

limiting strip for phase information. When cascaded into a 

six stage strip the result is 60 dB dynamic range, 600 MHz 

video detection bandwidth, and 450 MHz IF bandwidth with low 

phase error. 

The monolythic approach offers advantages over and above 

its combined excellence in both phase and amplitude accuracy. 
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Compared to a hybrid device the monolythic system has higher 

reliability, since there are no bonds or solder joints to 

fail. The final result is not only more reliable than the 

labor intensive solution, it is physically smaller and 

lighter. Last but not least the monolythic solution is 

cheaper. 

Three six stage log amplifiers were constructed and 

evaluated by the Royal Signals and Radar Establishment in 

England. The basics of the R.S.R.E. results are summarized in 

the following five figures. 

Fig. 10 shows the detected video response of the strip 

as the input amplitude is varied from - 80 dBM to +10 dBM. 

Response is shown for four different frequencies. Note that 

the response is log linear between - 55 dBM and - 5 dBM at 

frequencies from 60 to 600 MHz. The detected video level 

drops as the frequency increases, but the slope of the 

detected output remains relatively constant. 

Fig. 11 is the error of the video response. Fig 10 shows 

small deviations from a perfect linear response. Fig 11 

shows this deviation at two frequencies. Note that this is a 

very difficult measurement to make, requiring attenuators 

with an absolute accuracy of . 25 dB across a range of 80 dB. 

Hewlett Packard offers a laboratory service that is capable 

of providing special attenuators individually calibrated to 

these tolerances. the calibration is valid only at one 

frequency, so each frequency measured requires a set of super 

precision attenuators. The video output thus obtained 

indicates accuracy of . 5 dB max error between - 55 dBM and - 5 

dBM at both frequencies tested. 

Fig. 12 graphs the output amplitude of the IF port with 

varying input levels at three frequencies in the range. One 

of the virtues of the 

accurate video output 

IF output gives solid 

SL2521 is its ability to provide both 

and a quality limited IF respose. The 

limiting from - 45 dBM to +5 dBM. Both 

the limiting level and the limiting knee are essentially 

constant with changes in frequency. 

Fig. 13 illustrates the change in phase with change in 

input amplitude of one of the strips. One of the most unique 

properties of the SL2521 is that it gives both a log linear 

video output and a phase linear IF output. At 70 and 450 MHz 

the phase delay through the six stage strip changes less than 

2 degrees across the full dynamic range. The worst case 

frequency gives a maximum change of 8 degrees across the 

amplitude range. 

Fig. 14 gives the differential phase tracking error 

between amplifiers across 70 dB of dynamic range. For many 

uses the absolute amount of the phase shift through the 

amplifier and the variation of the phase shift with input 

amplitude are not important. What is important is that the 
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The combiner output load impedance is usually transformed to 

another desired value such as 50 or 75 ohms. This is readily 

accomplished by one of the wideband transformers described 

earlier. Usually the output impedance transformer is physically 

integrated into the combiner assembly. The interconnection 

between combiner and transformer can be made using micro- strip 

line techniques if it is not a standard coax impedance. 

Theoretically any number of inputs may be combined with an 

in- phase combiner, but a practical limit is reached when the 

output impedance becomes too low to allow efficient wideband 

transformation back to the desired load impedance. An example 

of a type- II four port in- phase combiner is given in figure 18. 

Four-port combiners may also be implemented by cascading two 

port combiners. This technique is illustrated in figure 19 for 

both types of two port combiners. 

In- phase combiners all use a floating bridging resistor. 

This may be difficult to implement, especially in combiners 

handling high power. A wideband balun transformer allows using 

a single- ended or unbalanced load. The balun could also 

transform the balanced impedance to 50 or 75 ohms. Standard 

coaxial dummy loads, connected to the combiner with coax cable, 

may then be used as bridging resistors. 

= 11=1 111=1J . OM t. 3 



difference between two channnels remain constant. Phased 

array radars are an example of such a system.The differential 

phase change across the available dynamic range is less than 

1 degree at 60 and 120 MHz and less than 2.5 degrees at 450 

MHz for the six stage SL2521 log strip.. 

Special thanks to Peter Chadwick and Doug Kleven for 

assistance in the preparation of this manuscript. 

Fig. 1 Block diagram of broadband pulse 

amplification showing log video, 

successive detection, and true 

log techniques. 

Fig. 2 True log amp block diagram 

showing limiter and unity 

gain amps in parallel 
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Fig. 3 Transfer function of true log 

stage showing dual gain 

characteristic 

Fig. 4 Transfer function of six stage 

true log strip showing 

approximation of logarithmic 

response 
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Fig. 5 Basic successive 
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180-DEGREE HYBRIDS 

If the roles of the bridging resistor and the load are 

interchanged, the result is a 180-degree hybrid combiner. The 

two input signals must be 180-degrees out of phase and of equal 

amplitude. The output is balanced to ground unless the usual 

balun is used. Examples of type- I and type- II 180-degree hybrid 

combiners with output baluns are shown in figures 20 and 21. 

Many unique combiner designs are possible by using various 

combinations of basic combiner types and balun transformers. 

The combiner described in figures 22 ( pictorial) and 23 

(schematic) is an example of a four- port combiner using two each 

type- I in- phase combiners ( cores A and F) and two each, parallel 

connected type- II 180-degree hybrid combiners ( cores D and C) 

and a 4:1 balun transformer ( cores B and E) to couple the 

combined output to a 50-ohm load. Connecting two 180-degree 

hybrids in parallel avoids using 25- ohm coax cable and provides 

the extra core material to handle the higher rf power. 
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LINEAR FM MODULATOR 

by 
Jerry Isell 

RF Design Engineer 
Texas Instruments 

P.O. Box 660246 M/S 8276 
Dallas, TX 75266 

ABSTRACT: 

A system has been developed that will generate a linear FM 

modulated pulse signal. The system uses a 100 MHz clock and a 200 

MHz CW Input to generate a 20 ns pulse of 200 MHz energy. This 

Pulse is used to excite a surface acoustic wave ( SAW) expander. 

The resulting signal is a continuous linear sweep of frequencies 

of 75 MHz bandwidth, centered about 200 MHz. The duration of this 

sweep, or chirp, of frequencies is selected by using different SAW 

expanders. The chirp is then amplified and gated in time to 

sharpen the corners of the generated spectrum. The system has 

been designed, assembled, and successfully tested. 

INTRODUCTION 

Linear FM is a modulation scheme that is commonly used in 

radar systems.' This modulation consists of a sweep of 

frequencies, sometimes called a chirp, that occur within a given 

time period and with a specific repetition rate ( Figure 1). This 

1223 

paper discusses a system that has been developed to generate this 

modulation. 

THEORY 

A Linear FM waveform may be generated by exciting a 

dispersive delay line with an impulse function. The dispersive 

delay line transfer function is flat in amplitude and has linear 

group delay within its bandwidth ( Figure 2). The impulse response 

of the dispersive delay line is the Inverse Fourier transform of 

its transfer function. This is a signal of time duration t with 

the instantaneous frequency varying linearly over the bandwidth of 

the delay line. This waveform Is called the expanded pulse 

(Figure 1). 2 

This transformation may be visualized by thinking of the 

delay line as a frequency sensitive delay element that passes 

lower frequencies with the least amount of delay and higher 

frequencies with the greatest delay ( Figure 3). If you 

simultaneously input all the frequencies within the delay line's 

bandwidth they come out in progression from low to high resulting 

in the expanded pulse. 

In our case the dispersive delay line is implemented with a 

Surface Acoustic Wave ( SAW) expander. Three different expanders 

are used to generate different expanded pulse widths. The 
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QUADRATURE HYBRIDS 

The quadrature hybrid has two input ports, each of equal 

amplitude but one is 90-degrees out of phase relative to the 

other. Four- phase combining of four amplifier modules is 

feasible using two quadrature hybrids and a 180-degree combiner. 

The quadrature hybrid is constructed by using "all- pass" 
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HYBRID COMBINER 
EITHER 180-DEGREE 
OR IN PHASE 

networks and a wideband hybrid as shown in the block diagram of 

figure 24. Two all- pass networks are required; one for 0-degree 

(reference) phase shift and the other for 90-degree phase shift 

relative to the reference output. The absolute phase shift 

across an all- pass network changes with frequency, however, the 

two networks are designed to maintain a constant 90-degree phase 

difference between their outputs as the input frequency to both 

networks is varied. 

OUTPU1 

FIGURE 21 BLOCK DIAGRAM OF A QUADRATURE COMBINER 

The all- pass networks may either be balanced or unbalanced 

circuits. Typical circuit topologies for both are shown in 

figure 25. Note that the mutual coupling in the unbalanced 

network must be negative and of a prescribed value. 
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expanders have a transfer function which exhibits linear group 

delay over a bandwidth of 75 MHz centered at 200 MHz. 

To approximate the impulse function the SAW expanders are 

excited with a 10 ns pulse of 200 MHz The spectrum of this pulse 

approximates an impulse function within the 75 MHz bandwidth 

(Figure 4). 

In the SAW expanders the 10 ns Input signal is spread over 

many microseconds resulting in a large loss In amplitude. The 

loss may be calculated by: 

(1) Expansion Loss ( db) = 10 log 

Expanded pulse width 

Input pulse width 

This loss is in addition to the CW Insertion loss of the device. 

The expansion and insertion losses for the three SAW expanders are 

summarized in Table I. 

SAW EXPANDER  

0.64 us 

5.12 us 

20.48 us 

INSERTION LOSS  

35 db 

35 db 

42 db 

EXPANSION LOSS 

18.1 db 

27.1 db 

33.1 db 

TABLE I. SAW EXPANDER LOSSES 

TOTAL LOSS 

53.1 db 

62.1 db 

75.1 db 
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SYSTEM CONFIGURATION 

The linear FM signal Is generated by simultaneously inputing 

a spectrum of frequencies to a SAW expander. Three SAW expanders 

are used to generate expanded pulse widths of 0.64 us. 5.12 us, 

and 20.48 us. These pulses are then amplified and gated to 

eliminate any undesired signals outside the pulse. A CW mode is 

also available for test purposes. 

The modulator consists of four sections; a digital control 

section. a Pre- SAW module, the SAW expanders, and the Post- SAW 

module. These sections are configured as shown in Figure 5. 

The construction style for the RF sections Is microstip PWBs 

on GIO material. The Pre and Post- SAW sections were mounted in 

separate aluminum housings to provide shielding and isolation for 

the circuitry. The digital control section is located on a card 

cage PWB as part of the parent system. The switches and SAW 

expanders are connectorized modules and are connected to the other 

sections with semi- rigid cable and SMA connectors. 

DIGITAL CONTROL SECTION 

In response to a modulator trigger signal the digital control 

section generates two signals; a 10 ns ECL pulse which is sent to 

the Pre- SAW module and a variable width TTL gate which is sent to 

the Post- SAW module. The width of the TTL gate signal Is equal to 

the output pulse width of the selected SAW expander, within the 

resolution of its clock ( 400 ns). 
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BALANCED ALL-PASS NETWORK 

UNBALANCED ALL-PASS NETWORK 

FIGURE 25 TYPICAL ALLPASS NETWORK TOPOLOGIES 

Both circuits exhibit difficulties in practical 

implementation. The balanced lattice network may require long 

leadlengths and possibly a balun transformer for interface to an 

unbalanced hybrid. It requires more components than an 

equivalent unbalanced network and the component values must be 

closely matched to achieve low VSWR across the design bandwidth. 

Implementation of an unbalanced all pass network allows 

shorter lead lengths and eliminates the balun transformer. It 

requires fewer components than an equivalent balanced all pass 

network. No closely matched component values are required, 
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however, an exact amount of mutual coupling is required between 

two inductors. 

The quadrature hybrid offers three advantages over the 

in-phase and 180-degree hybrids when used as an output combiner 

in solid state wideband power amplifiers. The third harmonic 

and certain other odd order harmonics cancel in the output port 

and add in the bridging resistor. The all pass phase shift 

networks and the basic combiner specifications must hold up to 

the frequency of the highest harmonic of concern to achieve this 

in practice. For example, the all- pass networks must provide 

the 90-degree phase difference up to at least 90 MHz in order to 

cancel the third harmonic of a 30 MHz fundamental signal in the 

hybrid's output. 

RF power flowing into the output port of a quadrature hybrid 

will split, go through the all pass networks, partially reflect 

at the signal source impedance, go back through the all pass 

networks, and cancel in the output port and add across the 

bridging resistor. This is happens whether the power flowing 

into the output port is the result of a mismatched load or 

coupling from an adjacent transmitting antenna. The result is 

the combined power amplifier output behaves as though it has a 

matched source impedance. The situation of reverse power flow 

from adjacent transmitter coupling is especially important since 

the two signals cross modulate each other in the activc 

devices. The 



PRE-AW MODULE POST- SAW MODULE 

A schematic diagram of the Pre-SAW module is shown in A schematic diagram of the Post-SAW module is shown In 

rgure 6. The Input signal for the expander is generated by Figure 8. The Post- SAW module consists of three amplification 

gating a 200 MHz Cu signal for 10 ris. This waveform is shown in stages, a gated mixer and a limiter. The signal level at the 

Figure 4. Input to this module is approximately - 67 dbm. therefore a large 

The 200 MHz CW Input Is amplified by Al to +7 dbm at the amount of gain Is needed to restore it to a useable level; this Is 

input to the mixer. MI. A 10 ns ECL pulse is input from the accomplished with Al. A2 and 43. The mixer is gated on by a TTL 

digital control board to the mixer IF port through 42. The DC signal coincident with the leading edge of the expanded pulse. 

offset voltage on the IF port is trimmed by the 500 ohm pot; this This prevents the large gain in f:-ont of the mixer from producing 

Increases the LO to RF isolation of the mixer to approximately 60 unnecessary noise when the pulse is not present; it also sharpens 

db at room temperature. The waveforms shown in Figures 4 are 

present at the RF port of MI. This signal is amplified to + 20 dbm 

before it Is output to the SAW expanders. A test Input is 

provided which turns the mixer on at all times to allow a CW 

output. It is Important that all amplifiers which process the 

pulsed signal be broadband so that a minimum of distortion is 

generated. 

SAW EXPANDER ASSEMBLY 

A schematic diagram of the SAW expander assembly is shown in 

Figure 7. SI and 52 determine which of the three SAW expanders or 

a bypass path Is selected. The attenuators on the expander 

outputs are used to adjust the signal level so that it is 

identical irregardless of which path is selected. 

the edges of the expanded pulse. As In the Pre- SAW module DC bias 

is provided for the mixer to Improve its isolation. The gated 

expanded pulse at the mixer output Is limited by about 6 db in LI. 

This removes any amplitude ripple In the expanded pulse. The 

output level Is 0 dbm. 

SUMMARY AND SUGGESTIONS FOR FURTHER WORK 

This system has been prototyped and thoroughly tested. All 

of the design goals were met. The modulator is presently 

integrated into a prototype radar system. 

There are three areas which I feel could be changed to 

improve the performance. 
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1 To achieve the maximum signal to noise level at 

the modulator output It is necessary to drive the 

SAW expanders with as large a signal as possible. 

This creates a requirement for a high power 

switch at the expander inputs. This part can be 

costly and hard to obtain. A low power switch 

3. The expanded pulse is gated by a signal that is 

generated from a 400ns clock. ror the . 64 us 

(640ns) expanded pulse this results in a rather 

coarse gate. Originally a fourth expander with a 

longer pulse width was used in the system. This 

required the 400 ns clock to generate a gate 

may be used by assigning a separate power amp to signal long enough for it. With the present 

each expander and switching the low power input 

to the amp as shown In Figure 9. 

2. The signal to noise level is degraded on the . 64 

us and 5.12 us expanders by the attenuators on 

their outputs. The attenuators are used to 

provide equal levels at the Post- SAW Input. This 

equalization may also be accomplished by 

amplifying the output of the 20.48 us and 5.12 us 

expanders to the level of the . 64 us expander 

before the swilch. This is shown in Figure 10. 

2 ) 

three expanders a higher frequency clock could be 

used to generate a gate of finer resolution. 

Thls will eliminate some ootential signal 

processing problems elsewhere in the radar. 
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RP Push Pull amplifiers can be somewhat of a mystery to those 

engineers who've never designed one. This application note attempts 

to unlock some of that mystery by simplifying those nebulous areas 

that make a push pull amplifier different than a single ended or 

parallel amplifier. The name push pull in itself implies a different 

mode of operation than two transistors operating in parallel. 

HIGH POWER UHF PULSED PUSH-PULL 

AMPLIFIER DESIGN 

Prepared by: 

Joseph J. D'Agostino Jr. 

Applications Engineer 

October 1985 

In a standard Class C amplifier, one half of the input sine wave 

(positive or negative) turns the amplifier on while the other half 

maintains a reverse bias. If a periodic sine wave symmetrical about 

a horizontal axis with positive and negative half cycles were being 

delivered to two Class C common emitter transistors in parallel, the 

positive half cycle would turn on both of the transistors while the 

negative half cycle would keep them reverse biased. In push pull 

operation, the sine wave is shifted 180 degrees for one of the two 

parallel transistors. The result is such that the positive half 

cycle is no longer delivered to each transistor simultaneously but 

instead separately so that when one transistor is on the other is 

off. This mode of operation has a lot of nice advantages not the 

least of which are thermal since two transistors in close proximity 

are not dissipating power at the same moment in time. 

Figure 1 shows the current flow through a one to one transformer 

being delivered to two resistive loads where Rs = 11 1 + R2 and 

R1 = R2 . 

Rs 

FIGURE I 
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BLOOMFIELD, CT 0*002 

ABSTRACT 

with the crowding of the electromagnetic spectrum and the evolution of spread 

spectrum ano other complex signatures, the ELM/ESN demands of the 1990's 

will pose new challenges to EW receiver eanufacturers. Resolution down to 

the hundreds of Hertz and real-time processing will be essential. 

This paper will see the system designer aware of a few of these analog 

technologies . or signal processing in radar systems. When low cost. low 

INTRODUCTION. THE EW SÇENARIO 

Analog compressive ( microscan, receivers can be used to provide fast, real-

time spectrum analysis of the IF operating band. The range of their 

performance is characterized in Figure I. The eicroscan receiver can provide 

quick processing times, wide bandwidths or very good resolution depending on 

the environment and users needs. Applications tan vary from electronic 

intelligence gathering, radar warning receivers, anti- radiation seekers to 

moving target indicators OM/. 

The coepresstve receivers' function is to perform threat analysts on a 

complex signal environment. This environment is crowded with different 

eodulating techniques, magnitudes of signals and frequencies. The 

compressive receider can be configured to gather and translate an unknown, 

crowded frequencvitine spectra, perfore a true instantaneous Fourier 

trinsfors and output valuable information which can be used for threat 

accuracy measurements. 

Threat accuracy can be defined as the probability of intercept ( F01) ratio. 

complexity. and flexibility are key considerations in configuring a s,stem, processing and scan time and system resolution. Each one of these topics 

analog technology should be the system designer's first choice to eeet these 

reoutrements. 
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will be discussed within the body of the paper. 
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Since the primary voltage equals the secondary voltage and primary 

current equals secondary current, then the voltage drop across the 

two loads is equal assuming equal resistances. It's easy to see that 

during the positive half cycle current flows in a clockwise direction 

and R1 has a positive voltage drop across it with respect to ground 

while R2 has negative drop with respect to ground. If R1 and R2 were 

emitter base junctions, RI would be on and R2 would be off during the 

positive half cycle. The negative half cycle is just the reverse. 

Many times a one to one balun made out of a single piece of fifty ohm 

coax is used to generate push pull action in an RF amplifier. Figure 

2 shows a typical arrangement. The electrical configuration is 

different than the one to one transformer in Figure 1, but the basic 

operation is the same. 

FIGURE 2 

The center conductor acts as the primary and the outside shield acts 

as the secondary. The transformer coupling action between the pri-

mary and the secondary is identical to a one to one transformer in 

that there is an induced EMF in the secondary. The only difference 

between the coaxial transformer and a conventional transformer is the 

way the interwinding capacitance is laid out. In conventional 

transformers, the interwinding capacitance is an unwanted capacitance 

that limits high frequency performance because it resonates with the 

leakage inductance to produce a loss peak 11j. In transmission line 

transformers, the interwinding capacitance is arranged such that it 

is part of the characteristic impedance of the line. Therefore, if 

the transmission line transformer is terminated in its Z0 there will , 

230 

be no resonances that will limit its upper frequency response. This 

means that the coaxial balun is a transmission line as well as a 

transformer. 

Because the electrical configuration of the coaxial balun is identi-

cal to that of a twisted pair, the theoretical explanation of the 

balun will be carried out using the twisted pair. Figure 3A shows a 

conventional twisted pair. In order to maintain good transformer 

action, the primary and secondary must be tightly coupled. This 

results in interwinding capacitance which can be tolerated because it 

contributes to the Zo of the line. The inductance per unit length, 

along with the distributed interwinding capacitance, assigns some Zo 

to the transformer. The Z0 simply becomes part of the matching 

circuit while the transformer allows for push pull action. If it 

were possible to achieve good coupling without interwinding capaci-

tance, than push pull action could be achieved without the trans-

mission line. Said another way, it is only necessary to have trans-

former action for the push pull effect, it is not necessary to have 

a transmission line. 

Rs 

FIGURE 3A 

Figure 3B shows the twisted pair in a simpler form so that it can be 

analyzed. During the positive half cycle, a current Il flows into 

the load 11 1 causing an increasing magnetic field 01 in the direction 

shown by the right hand rule. The direction of the induced current 

in the secondary can be found by Lenz's Law: " If the external flux 

increases, the magnetic field of the induced current will be in the 

opposite direction" 121. Therefore, 02 is responsible for the 

induced current 12. The secondary is now a source with its own 

current and voltage. The voltage of this source is in such a 

direction as to maintain the direction of current I,. 131 It's 

I= MI MI MI MCI 121 =I 



THEORY OF THE COMFçESSIVE RECEIVER 

A compressive receiver can be configured in two basic foros which are nil 

illustrated in Figure 2. Each one has its own applications when used w:tnin 

the EW environment. 

The C- M-C compressive receiver, Figure : 13, has its own applications within 

the EW environment, but due to its poorer dynamic range and increased zost 

o'er the M- C- M svetem, it will only be briefly mentioned. 

The C- M- C configuration suffers from poorer dynamic range due to its signal-

to-noise ratio. Typically the dispersive devices insertion loss is - 30dB to 

-4u.113. Any incoming RF signal must be recovered before convolution occurs. 

¡rid then be recovered again at the output of trie second dispersive device. 

With the M- C-M configuration this recovery of signal-to-noise is minimized. 

In the '1- C- M configuration, Figure : A, the incoming RF signal has only to be 

recovered after going through one dispersive device and not two. The 

sweeping local oscillator (SLO) has negligible effect on the incoming signal 

due to its noise level. The noise leyel of the SLO is strictly limited to 

the thermal noise of itself. 

The M- C-M compressive receiver will oe discussed in depth and specifically 

mention the multiply long- convolve short M- C-M transform method. Either M-C-

li C- M-C configuration can guarantee luu% probability of intercept when a 

tanoem system is implemented. 

F(w) 

JL 

FIGURE 2A: Multiply- Convolve-Multiply 
Fourier Transform System 

G(e» 
g(t) 

_fL 

FIGURE 28: Convolve-Multiply- Convolve 
Fourier Transform System 

JL 

FIGURE 2C: Multiply- Convolve Fourier 
Transform System 
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important to mention here that thecurrents I and 12 are considered 

odd modes of currents which are the dominant modes in this type of 

transformer 141. Even modès of current are not shown here but would 

be in the same direction instead of the opposite direction. Even 

modes of current are caused by flux linkages between the primary and 

secondary instead of linkages around each. 

Summing up the voltages around the loop ( Figure 3C) it's easy to see 

that the transformer primary voltage cancels the transformer second-

ary voltage so that the source voltage ( Vs) is impressed across two 

equal loads just as originally shown in Figure 1. Since the current 

through the two loads is the same and the voltage across each is half 

the source voltage, the impedance of each is one half the source 

impedance. If a 50 ohm twisted pair ( or coaxial line) is used, then 

each side of the balanced end is 25 ohm's to ground. 

FIGURE 3B, C 
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DESIGN #1 

A one to one coaxial balun will now be used in a push pull design. 

Inspection of Figure 2 shows that the length of the balun determines 

how much inductance to ground Z2 will see. The impedance to ground 

of the outside shield of a coaxial cable is termed the rejection mode 

impedance. This is basically the X1 of this shield. If the balun is 

sufficiently long, this rejection mode impedance will not affect the 

match at Z2 significantly. As a rule of thumb, the balun should be 

made long enough so that the rejection mode impedance is five times 

that of the Zo of the line 151. If size constraints restrict the 

balun's length, an alternate solution would be to use the rejection 

mode impedance as a shunt L to ground at 22. This would then require 

an equivalent inductance to ground at Z1 to insure that each side of 

the balun have the same complex impedance. The first design to be 

demonstrated will use this approach. 

The SD1565 was selected for this narrowband 425 MHZ push pull 500 Matt 

application due to its excellent thermal characteristics under long 

pulse conditions. This transistor operates at 40 Volts and is capable 

of 500 Watts at 250 microseconds, ten percent duty cycle, Class C 

operation. 

The input and output impedances from the data sheet are 1.75 # J2.750 

and 1.8 + J.50 respectively. Referring to Drawing # 1, which is 

normalized to 250 , the effect of shunt L can be seen. For conve-

nience, the impedance and admittance coordinates have been reproduced 

on the left side of the chart. The inductive reactance of the out-

side shield of two inch semi- rigid coax was measured to be +.134.15s: . 

Normalized to 2511 this gives 34 15/25 = 1.366. Starting at the 

center of the chart at A ( 2511 ) and moving along the constant resis-

tance circle to 13 gives a shunt inductive reactance value of 1.36 

read at C. A series capacitance of value . 48 read at D transforms 

the impedance to . 65 at E. The unnormalized impedance at E is then 

(.65) 250 = 16.25 n and the capacitance value at D is C = 1/2 1 F 

X where C = 1/(2) ( 3.14) ( 425 x 106 ) (. 48) ( 25) = 31.2 PF. This c 

shunt L. series C high pass configuration will be the same for the 

input and output of the circuit (see Drawing #4) SO that the rest of 

this example will be matched from the impedance of the device out to 



If only one system is to be used and a maximum FOI is required, the M- C-m 

multiply short microscan receiver should be implemented. This configuration 

is designed with a shorter dead time interval to provide maximum coverage of 

the analysis bandwidth. This system has an added advantage in that amplitude 

and phase information is preserved for possible down line signal processing 

if the user requires. Spectral phase can be preserved allowing inverse 

transforming back to the original input domain. If spectral eh's, data is 

not required by the user, in threat analysis, the user could simply eliminate 

the final multiply stage which is used to preserve phase data, Figure 2C. 

Deri,ation of the above systems mentioned generated waveforms can be 

1 

reviewed in Morgan, hrfaçe-Wave Devices fgr Signal Processing. po 271-275 . 

A dint that should be mentioned us that the M-C- M multiply long system s 

Fourier output spectra does not exactly correspond to the input spectra. 

This is due to an effect known as a ' Sliding Fourier Effect :- transform. 

EgRATIoN QE I METEgIvE EiçgIM 

Let us assume the scenario in which Figure 2, a functional block diagram of a 

compressive receiver, detects a variety of threat spectra which must be 

quickly detected, analyzed, discriminated and acted upon. This threat 

spectra could be transmitted from a hostile freouency ) eeeee , hopper or ECM 

communications. These intercepted signals are mixed with the known 

generated chirp or the sweeping local oscillator. 
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This signal is amplifid and fed unto the compressor of the microscan 

receiver. The compressor is designed with the required bandwidth, dispersion 

and opposite sign slope of the SLO and can be weighted. Convolution oc:urs. 

and the output is the magnitude of the Fourier transform of the complex input 

spectra. 

The weighting can be a separate ' Black Box" within the receiver if the user 

prefers. Typically 4 Hamming or Taylor weighting function is used. 

Weighting is performed within the receiver to reouce time sidelobes at the 

output. This gives the system the capability to resolve similar frequencies 

with substantially different power levels and modulating technicues. 

Weighting of the output pulse does incur some system resolution loss, but the 

device bandwidth can be increased to compensate for this. A coherent or non-

coherent system can be designed if tse user requires. 



16.25 0 on input and output. 

The output matching is configured using Drawing 02 and starts at 

16.25 9 at A (. 65 normalized) and works back towards the generator 

(the transistor's output impedance). The movement from A to B 

represents a shunt capacitive reactance of ( 1.25) 25 0 - 31.25 

at C. This reactance can be realized in a shunt configuration to 

ground or can be referenced to the opposite side of the balun. Since 

one side of the balun is always 180 degrees out of phase with respect 

to the other, the voltage across the balun is always twice the voltage 

to ground. Therefore, the same transformation can be realized by 

doubling the capacitive reactance to ground and referencing it to the 

opposite side of the balun. Instead of 31.25 0 to ground then this 

becomes 62.5 9 across the line. The value of capacitance across the 

line is given by: 

(1) C = 1/(2w F Xc ) ( 2) 

where Xe is the unnormalized value. 

Therefore C = 1/(2) ( 3.14) ( 425 x 106 ) ( 31.25) ( 2) = 5.9 PF 

Since the chart is normalized to 25 0 all transmission line matching 

sections will be 25 il lines for simplicity. The first transmission 

line matching section transforms from 13 to E by rotating around the 

center of the chart along a constant VSWR circle from B toward the 

generator to the real axis. The length of line is determined by 

extending a straight line from the chart center through B. The value 

at D is then . 054 wavelengths. One wavelength in free space equals 

(2) 10 - 11808FF (1411Z) 

This becomes 11808/425 = 27.78 inches. The relative velocity of 

propogation for the substrate is . 4729. The guided wavelength in the 

material is then 

(3) lo • VP ' 1 9 

which gives Aq = (. 4729) 27.78 = 13.137 inches. The length of 

transmission line in inches is 
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(4) 1 • ( fractional wavelength) = physical length ( inches) 

which gives 13.137 (. 054) = . 709 inches. 

Another shunt capacitance moves from E to F which gives a reactance 

at G of (. 5) 25 0 = 12.5 il and a capacitance value from equation ( 1) 

of 15 pf. Another transmission line of length . 037 read at H trans-

forms from F to I. This length in inches is computed from ( 4) which 

makes it . 486 inches. The last shunt capacitance moves from I to J 

and is computed from ( 1) to be 48 PF. The final transmission line is 

a movement from J to N and its length is computed from L minus 11 or 

.018 - . 0035 = . 0145. Then from ( 4) its length is . 190 inches. 

Point N is the conjugate of the output impedance of the generator. 

Since the scheme here has been to match from the load towards the 

generator then it is necessary to match to the generators conjugate 

and not the output impedance of the generator itself. Point N is 

read as . 072 - J.020 , unnormalized is then 1.8 - J.5 il which is the 

conjugate of the output impedance of the transistor at 425 MHZ. 

The input network will be configured on Drawing 03. The input 

impedance of the device is given to be 1.75 + J2.759 and this is 

normalized at point A. Since this is the load the network config-

uration will still work towards the generator which is the 25 

point at the center of the chart. The first shunt capacitance 

iimnediately at the device leads is a movement from A to B and is read 

at C to be 50 PF from ( 1). A transmission line matching section from 

to D is read at E to be .0535 which is . 702 inches ( 4). The final 

shunt capacitance from D to F is read at.G to be 13.5 PF ( 1) F is 

now matched to the center of the chart ( 259 ) by the configuration of 

Drawing # 1. 

.The completed circuit is shown in Drawing 04. Evaluation of this 

design showed very good perfórmance at:the 500 Watt level; however, 

a problem of instability was obsenied during drive up. To explain 

further, as the input ¡lever was varied, it was observed that the part 

would oscillate but once full power was applied complete stability 

was achieved. This is attributable to the fact that the part has 

higher gain at less than full power. Since the device is a common 

base configuration, at some frequency it has a negative resistance 

input component. This negative resistance component coupled with the 

e e=1 et:21 1=1 CI Mel e=n t_21 
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Analog pulse compression can be accomplished using specific technologies of 

Surface Acoustic Wave ( SAW) Reflective Array Compressors ( RAC) or Impedance 

Control Devices 11MCON). Each device has its advantages and applications 

within the receiver. 

ImcoN IeçmmoLogy 

designed so that the acoustic energy at various frequencies reilects at 

differing distances from the transducers, giving a precisely controllec time 

delay as a function of frequency to the output. 

An acoustic damping material is applied to the edges and one end of the steel 

strip. This acoustic damping material helps to eliminate any tvpe of time 

spurious signals which may degrade the performance of the device. 

The IMCON, which was developed at Andersen Laboratories. Inc., in 196e. Is A key advantage of the 1MCON over other technologies is the availability to 

used as a key signal Processing component for commercial. military ano routinely amplitude correct and phase correct for any type of ambiguities 

aerospace system application'. which may occur due to manufacturing imperfections. 

The 1MCON is based on the concepts of a single grating dispersive device 

3 
which makes use of Perini's observations that impedance mismatches which Depending on a customer's requirements, amplitude and phase errors can be 

o 
occur at joints in waveguides can produce reflections. By controlling the controlled to a tolerance typical of . 0.2dB of amplitude error. and • 1 of 

location of these impedance mismatches or surface discontinuities, a grating phase error. Sidelobe structure in the area of - 40dEl is the norm for 1MCON 

device could be generated where reflections could be agyantageously used. 

As illustrated in Figure 4, the 1MCON is configured using a rectangular thin 

steel strip as the media for wave propagation. At one end of this steel 

strip two piezoelectric horizontal shear mode transducers are edge bonded 

performance and - 5(,d8 sidelobes have been demonstrated. Dispersions from 

8 usec to 5o5 usec can be implemented on one steel strip, and if required the 

1MCONs can be cascaded together to achieve 1.),09( u sec of dispersion in one 

paCsage. 

to the steel. These piezoelectric transducers are cut and lapped along the The IMCON is a linear device whose delay vs. ,requency characteristic curve 

proper amis to allow for highest coupling of electric energy. The function can be de 4 ined by Figure 5. The phase response of the IMCON is defined as a 

of the piezoelectric transducers is to convert an electric signal to an ouadratic response. It is considered a reciprocal device in that orce it is 

acoustic signal and then to retransfer this acoustic energy back to electric tuned elther trinsiuter can be configured as either input or output. 

energy at the output of the device. A herringbone- like pattern or grating is 

designed ano photolithographically etched on to the steel at a 43 degree 1MCONs can be designed, according to the users needs, as either up- chirp 

angle to the acoustic patn from the transducers. Trie grating pattern is !positive slope devices) or down- chirp ! negative slope devices). An up- chirp 
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fact that the high pass ( section from Drawing # 1) has a series 

resonance which will reflect a zero impedance, at some frequency, to 

the device at the input and output sets the stage for potential 

instability. The solution for this is to get away from thé series 

resonance by using a low pass configuration. 
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For this example Q -  450 400 

DESIGN #2 

If a one to one balun is made long enough so that the rejection mode 

impedance does not contribute to the match, it can be characterized 

quite easily for the intended frequency of use. By connecting the 

balun as shown in Figure 2 and using good high frequency 25 n chip 

resistors for Z1 and Z2 , the balun will show a low VSWR ( 50 0 

unbalanced impedance) for all frequencies where the unbalanced to 

balance transformation is occurring. At very low frequencies its 

input will simply he 250 and at high frequencies it will be limited 

only by leakages 161. No compensation for the rejection mode 

impedance is necessary if the balun is long enough. Drawing #7 shows 

a 5 inch balun suitable for UHF. 

With the rejection mode impedance out of the way, the design will be 

fabricated between the device and 25 0 . This second design will be 

broader bandwidth, from 400 to 450 MHZ which will require low Q 

matching. The Q is calculated from the following: 

/FI • F2 
F2 - Fl 

Q 

/400 • 450  _ 424.3  _ 85 
50 . 

This is a 3 db Q which means that the half power points will be nt 

the band edges. A more desirable situation would be to have 90% of 

max power at the band edges which would correspond to a . 5 db Q. The 

conversion factor from a 3 db Q to a . 5 db Q is . 34 171. Therefore, 

8.5 (. 34) = 2.83. To he conservative, a Q of 2 will be used. A 

constant Q circle of 2, where Q = X/R, is plotted on Drawing #5. 

Without the aid of an optimization program, the approach will be to 

select the transistors impedance at some frequency to design around. 

The center frequency is approximately 425 MHZ; however, all transis-

tors exhibit some roll off with frequency so that an impedance point 

above center frequency will he used. A convenient point will he 

435 WIZ. At 435 MHZ the transistors output impedance is 1.8 4 .1.2 

Drawing #5 is normalized to 25 tt , point A. The first shunt capavi-

tance from A to D is read nt C to be 1.4 ( 25U) = 35 u and from 

cquation ( 1) C = 5.2 PF. From It to D is a length of transmission 



device is oesigned with the low frequency grating lines appearing closest to 

the transduzers and traversing up the media of proportion. As the frequency 

increases the grating line spacing will physically get closeo together 

through the bayo of interest. This is opposite for down- chirp devices. The 

Trie surface acoustic wave reflective array compressor ( SA4 RAC( is the 5.41d 

technology counterpart to trie IMCON. The SAW RAC is canceptually stellar in 

structure to trie 1MCJN in that grating lines are etched into a substrate such 

as lithium nipbate. or other, depending on the user s applicable environment. 

uo-chirp IMCON can operate from 4 MHz to 24 MHz with 50% bandwidths. Dawn- The SAW RAC offers practical methods of achieving linear and non-linear FM 

chirp devices ap have tome bandwidth Imitations due to undesired accustic 
4 

modes . Dut can be implemented as long as the bandwtdth is under 10%. 1MCONs 

can be designeo deoending on a customer s preference is linear FM or non-

linear FM. The NLFM IMCON has a slope whirr( will vary across its operating 

banc. 

&Me. 

1•••••.• axe... fem. 

0•41•1 1Ime, 

Acoustic 
Wave 
Medium 

•••••••• 
Vet., (.1.. 

FIGURE 4: SAW RAC/IMCON Structure 

;AW PAC TE2HNOLOEf  

within the last 10 years the SAW device ha; become trie " mast camman nion 
5 

tnraugnout analog deyice for pulse comoressian tecnnioues" . Center 

frequencies as high as 1 GH: are being cleyeloped and soon will be able to ce 

commercially faoricated. Dispersions of 100 us. banawidtns of 500 MHz. and 

sidelobes of - 40dE can be realized within trie lacoratory under tightly 

controlled manufacturing tolerances. The se.antage of the SAW PAC over mcst 

orner analog devices and tre digital counte ,pArt ts its si:e, weight. colt 

and reltapility. 

MU! 

OPTIVI 
y 

FIGURE St SAW RAC/IMCON UP- CHIRP 
FREQUENCY DISPERSION 
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dispersive delay characteristics. Using ton beam etching, grating lines can 

be etched into a s.distrate in varying oepths to achieve the user s reautred 

amplitude ,frequency weighting characteristics. Grating lines can be 

positioned if required ta achieve the above mentioned non-linear del.'', 

function. 

The SAW RAC is most suited for moderate dispersions ( y100 useci, bandwidth 

capabilities fram 2u MHz to 100 MHz and sidelcbe performance of - 7.5dB. 

typical, in the linear FM application. 

The SAW FAC oaerates at center freouencies from 10 MH: to 1000 MHz ana can pe 

easily manufactured as up- chirp or down- chirp devices. 

SA4 RAC ANI IMCQIJ US I IN ÇOMFRES5In quIvERs 

The compressive receiver is a fast, active real time Fourier analyst: 

recelver that has applications in EL1NT,ESM surveillance. The IMCON or SAW 

RAC when configured in the compressive receiver will generate the linear 

sweep of the desired dispersion and analysis bandwidth. The linear ! seep can 

be generateo by impulsing the specific disperti ,e devices as in the case Oi 

coherent system or the user may choose to do their own triggering of the 

chirp as in the non-conerent system. 



line read from E to F as . 0975 - . 0609 = . 0366. At 435 MHZ Ao = 

11808/435 = 27.14 inches and 1g = (. 4729) 27.14 = 12.836. From 

equation ( 4) this length of transmission line is . 470 inches. The 

shunt capacitance from D to G is read from C and H as 

_ (6) -1r-
1 2 

where Xc is the normalized reactance. 

Therefore, -175- 1 _ and Xc = .777. Unnormalizing and 

using equation ( 1), C = 9.4 PF. From G to J is a transmission line 

„if length determined by I plus K where I = . 0535 and K = . 003. From 

equation ( 4) this length is . 725 inches. The value of capacitance 

from J to N is read at L and N using equation ( 6) but now X2 is a 

negative quantity since it's on the opposite side of the chart. 

1/.142 - (- 1/44) = 1/Xe 

where lb = . 1415. From equation ( 1) and unnormallzing, C = 51.6 PF. 

The length of transmission line form it to P is read at 0 as . 01558. 

This length is . 200 inches. The impedance at P unnormalized is 

1.8 - J.2 Dwtich is the conjugate of the collector output impedance. 

The input circuit is shown on Drawing #6. The input impedance at 

435 MHZ is 1.75 4 J2.650 and is shown at A. The capacitance from A to 

B is measured at C plus D and computes to be 52 PF. The transmission 

line from B to E and measured at F plus G and computes to be . 810 

Inches. The second capacitance from E to H read at I minus J is 

8.7 PF. Another transmission line from H to M read at L minus K is 

450 inches. Then the last capacitance from M to 0 measured at N is 

4.9 PF which matches to 25 0 . 

The completed circuit is shown in Drawing #7 and provides excellent 

broadband performance. Typical performance shows in excess of 500 

Watts at 400 MHZ through 430 MHZ and 480 Watts at 450 MHZ. The 

design is very stable with changes in power levels, changes in 

tuning and changes in collector voltage thus proving that the high 

pass design was the reason for some previous instability. 
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Conclusion: 

The theory of a one to one balun was described along with two 

applications. Both applications have definite advantages. In no way 

does this device note intend to imply that the high pass configura-

tion is inferior. However, the conclusion is drawn that its applica-

tion is better suited to high power common emitter or lower power 

common base devices. 

It is recommended that all baluns are characterized before being used 

in a new design. Experience proves that the additional time to 

characterize baluns is worth avoiding the frustration of not knowing 

whether an inoperable circuit is due to the balun or matching 

components. 

C--; 



The output of tie oisperst4e device is a high energy expantied pulse with the 

designed oispersive content and analysis banowidth. 

FEFPORMANCE OF A COMPFQS3IVE RÇCEIVER 

F.INÇÇQQING TIME COMPUTATIONS 

Processing time is defined as the amount of time the compressive receiver 

needs to analyze an incoming frequency spectrum once it has been captured 

within the analysis band and display the Fourier transform at the output as a 

Nom that tie basic building blocks are understood we can begin to define some function of time. 

terminolog, within the receiver. This terminology will be helpful when the 

user is read, to draw UD a technical specification of a compressive receiver. Processing time is defined as. P = Kl tti) .t 

5FECTFA, FEECLUTION CQMPUTATIONS 

Epecfiral resolution t di), is defined as the smallest frequency oeviation or 

differen:e that can be detecteo and accurately measured. Resolution down to 

the hunCreds of Hertz can be achieveo when large time bandwidth products are 

implenentez. 

Fesclutidr iE Jetlhe0 in: 

where 

& a 

AT 

di • estem Resolution 

Ay ivstee Cispersion 

= braaciening Factor as a restilt of a 

weighting function being used to suppress 

temporal stdelobes. For example, 

when P = 1.0 this is a typical pulse 

brdadenino factor fo, no weighting: when 

F • 1.5 this is a typical pulse broadening 

factor for a Taylor weighting of 47-')dB. 

9 3 .4 

where 

PULSE WIDTH COMPUTATIQNS 

= Signal Processing Time 

• Multiplication factor for the number of 

cascaded compressive receivers 

AT • System Dispersion 

= Delay Time attributed to non-diepersive 

deices, 1.e., mixers. banopass filters. 

etc. 

Pulse width measurements can be defined as: 

where 

-40) pulse width • p 

AT 

P • Pulse Broadening Factor as a result of a 

weighting function being used to suppress 

temporal sidelobes 

àf = Analysts Bandwidth 





FOI COMFUTATION5 

Probability of intercept is defined as the chance that a signal, if present 

within a given frequency/time spectra, will be detected. 

FOI for a compressive receiver can be defined as a minimum of 50%. Thit is 

characterized by:  As  
Pulse Repetition Time 

wnere As = system discierston. 

Any signal which is captured within the ramp of the chirp will be displayed 

as a Fourier transform. If two compressive receivers were to be run so that 

their chirps were to share some overlap time, Figure 6, a 1002 

POI would be guaranteed! 

'22 

-J 

‘2. 

e 
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CONCLUSION 

The use of such devices as SAW ard IMCON technology give the ccloressive 

receiver the flesibility. low cost and low complexity that in required when 

designing signal processing racier systems. These technologies give a user 

the necessary requirements of excellent resolution, wide band surveillance 

and true fast Fourier analysis of all types of incoming signatures whicn are 

present within the EW/ECM environment. When the IF spectrum is to be 

analyzed, TMCON and SAW analog technology should be the system designer s 

choice. 
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DIGITAL - RF INTERFACING 

The Story of a Marriage 

)41 story begins in a far-off place, many years ago, at the time of the 

flood. All creatures of the earth boarded the Ark in pairs, tuo by two. Noah, 

the engineer in charge of construction, selected at the last moment his final 

pair, a couple of engineers. One was an RF engineer, the other of the digital 

persuasion. 

Since then, the two disciplines have prospered in their separate ways, 

managing until recently, to avoid much contact with each other. Within the 

last few years, however, the cultural restraints of the past have been thrust 

aside, and we are now in an era of fruitful cooperation. 

The disciplines of RF and Digital have joined forces. The place where 

they have met is called the interface. Fraught with problems and tensions of 

protocol, this boundary is important and deserves our attention . 

Three factors make the digital -RF interface increasingly important: 

First, the systems of today call for sophisticated, almost symphonic co-

ntrol of a large number of separate elements, be they antennas, phase shif-

ters, attenuators or separate signal paths, etc., etc. The individual contri-

butions of these elements are combined and manipulated by computer programs 

to create powerful systems. 

Second, the necessary, digitally controlled components are available to-

day to control the phase, attenuation and routing of RF signals; (RF and IF 

are considered equals in this discussion). 

Third, computer programs and control systems are available to give, 

receive and digest information to and from RF equipment. 

Where is the RF-Digital interface? Precisely where does RF become digi-

tal? This is rather like asking where the source of the Nile is. The most 

obvious case is that of a digitally controlled RF component, in the form of 

an attenuator, phase shifter, multi-pole electronic switch or switch matrix, 

to name a few. Inside each such package, the designer has to do what is re-

quired so that the unit will perform its function vMen addressed digitally 

by the user. The component designer thus provides the first interface, but he 

does it in private, as it were. As long as he remains consistent with an acc-

epted method of address, he can do what he wants inside his box, and in that 

sense he has few problems with this first interface, most of which is hidden 

mercifully from view. 
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If we assume that our RF designer is producing an RF receiver, then he 

will soon have the confidence to group various components, each digitally 

controlled, into a complete, self-contained design. Now he has to face a 

different, and more scary, interface, because in the outside world strangers 

will want to talk to his machine, and he will not be able to cover up little 

idiosyncrasies as he could in the privacy of his own domain. 

In that sense the first true interface is the public one, where the di-

gitally controlled component, sealed in its own container and provided with 

connections and data sheet, meets its alien user. AS units become more com-

plex, and as major assemblies are separated physically from each other by 

greater distances, the interface changes in nature, and requires quite diffe-

rent approaches. Most of these latter interface considerations can be said to 

be purely digital in nature, and no longer of the RF sort, but in this age of 

increasing complexity it behoves the RF engineer to become more aware of the 

overall digital scene, and certainly the digital engineer can learn from the 

RF engineer, particularly in terms of processing high frequency bit-streams. 

One aspect of the interface is that of architecture, the 'big picture', 

in which the flaw of information is studied in terms of systems such as the 

IEEE-488 bus and its associates, for example the economical and hard-working 

RS-422C and variants. References thereto are appended to this paper. 

The other aspect concerns the nitty-gritty detail of interfacing, at the 

level where wire meets wire and voltage meets current. This aspect, in the 

experience of this speaker, is the most problematic, and gives the greatest 

opportunity for creative chaos. My company supplies digitally controlled com-

ponents to the industry, and I believe it is appropriate to discuss some of 

the practical problems that have risen with the interface. Some of them may 

sound silly and obvious, but all have caused problems at one time or another 

for those peering across the Digital -RF frontier. The list is unending, but 1 

have selected a few of the more obvious. 

Any discussion of interface detail must begin with Transistor-Transistor 

Logic, or TTL, which has truly become the day-to-day language, the lingua 

franca, of RF-Digital interfacing. Most RF engineers have heard of TTL, and 

know that it uses two voltage levels to represent the two states of the bina-

ry system; a law voltage of about zero represents a ' 0', while a high voltage 

of plus 5 or so represents a ' 1'. Right? WRONG! 
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The above statement epitomizes the type of misunderstanding that can 

make life difficult. Figure 1 illustrates my own first attempt, many years 

ago, to test a TTL device. When switch S was open. voltage Vi applied across 

the input of the gate was zero. %hen the switch was closed, Vi became +5V. 

Should have worked! All digitally literate persons in the audience will smirk 

at such innocence, but I found later that a lot of people had been down this 

particular alley, to their later chagrin. 

Figure 2 uses a typical TTL interface to demonstrate what was wrong. At 

the left is a TTL gate output of the open-collector type, which uses RI to 

provide the collector of transistor QI with positive voltage. Sometimes a 

transistor is used to perform the function of R1, and the output is referred 

to quaintly as a ' totem pole'. RI is also connected to the emitter of gate 

input transistor Q2. 

Wien the base of QI is biased 'on', base and collector currents ib and 

ic flow, the latter being predominantly from the emitter of W. since RI is 

of high resistance. Inter-stage voltage Vi changes from +5V to about +0.3V, 

with the flaw of emitter current le from ie thru QI to ground. The effect on 

çe is to lower the collector voltage, cutting off transistor Q3 and changing 

the state of gate 2. It is interesting to see haw TTL evolved as an improved 

version of the earlier Diode-Transistor-Logic, or DTL. The circular inset of 

Figure 2 Moue how the diodes of Dit became the transistor of TTL. Note that 

the input voltage Vi indeed changed from +5V to +0.3V, just as the test cir-

cuit of Figure 1 was meant to simulate; the difference is that something else 

happened too. Transistor QI of gate I acted as a sink, permitting emitter 

current from input transistor Q2 to flaw, thus initiating the state-change 

process in gate 2. Table I summarises the action. 

A full discussion of the exact operating criteria for proper 77L opera-

tion is beyond the scope of this paper, ( the interested are encouraged to 

read the attached References), but already we can see the important truth 

that TTL operation is first and foremost concerned with impedance change, in 

this case from the emitter of Q2 to ground. Anything that causes that impeda-

nce, or simply resistance, to change efficiently from a law to a high value 

will operate the TTL gate properly. A screwdriver held from emitter to ground 

will do just fine. The +5V level at the input is not essential, but enhances 

noise immunity in practical systems, by ensuring that transistor Q2 is held 

'off' even when noise spikes of a few volts are present. 
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Abstract 

This paper describes a dual-gate FET frequency multiplier 

with 13 dB conversion gain for an input frequency of 350 Mhz. 

The bias on the second gate provides gain control in excess of 40 

dB while maintaining better than 20 dB return loss. 

I. Introduction 

Since its development in 1966 [ 1], the GaAs MESFET has 

continually increased in popularity. In its youth, the GaAs 

MESFET was used almost exclusively in high microwave frequency 

and low noise applications where low cost silicon transistors 

were not functional. An increased interest in GaAs technology has 

produced a variety of GaAs FETs including the dual-gate GaAs FET 

which was developed in 1971 [ 2]. The dual-gate FET has been 

widely used in mixers, variable gain amplifiers, and in 

modulators [ 3]-(5]. It has also been reported as a frequency 

multiplier with 8 dB conversion gain at Ku band ( 6). 

Eventually, fabrication techniques have brought the cost 

down, and the high volume demand of such industries as mobile 

cellular radio has in particular brought about the development of 

a low frequency ( less than 1 GHz), low cost dual-gate GaAs FET. 

The purpose of this paper is to demonstrate the feasibility 

of using a low cost dual-gate GaAs FET as a frequency multiplier 

and to indicate the important parameters in the design of this 

multiplier. This paper presents the design of a frequency 

doubler with 10 dBm output power and 13 dB conversion gain for an 

input frequency of 350Mhz. 

II. The Dual-gate FET 

The characteristics of the dual-gate FET have been well 

documented ( 1]-(6], and will be presented here as a brief 

summary. The forward transconductance of a dual-gate FET has 

inherent non-linear characteristics which can be used to generate 

harmonics of the drive frequency. 

provides a simple means to vary 

effect on the characteristics of 

with proper RF termination of the 

The addition of a second gate 

the device gain, with little 

the first gate. In addition, 

second gate, the dual-gate FET 

has higher gain than the single-gate FET of the same width [ 3]. 

Circuit Description 

The dual-gate FET multipier can be used in a variety of 

applications requiring frequency doubling and gain control. The 

application discussed here is the replacement of current 
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circuitry which consists of a PIN diode attenuator and a bipolar 

multiplier. The redesign was motivated by three factors: first, 

the PIN diode attenuator reqires a fairly large amount of board 

space; second, the attenuator requires more current than can be 

provided by a common Op-amp, thus requiring additonal transistors 

for current supply; finally, the dual-gate FET is much easier to 

bias since the bias on the PIN diodes must inversely track each 

other to maintain 50 ohms input and output impedances. 

In order to be a functional replacement for the present 

•circuitry, the dual-gate FET doubler is required to deliver an 

output power ranging from +8 dBm to -7 dBm with an input power to 

the multipier of -3 dBm at 350 Mhz. 

The multiplying device used for this circuit is an MRF967. 

However, for commercial applications, the MRF966 or NEC's NE41137 

could be used. The multiplier is constructed on 30 mil Teflon 

glass with 50 ohms input and output impedances. 

With sufficient RF voltage at the first gate, the FET 

generates harmonics in the drain current due to its non-linear 

transfer characteristics. The output circuit filters the desired 

harmonic while reflecting the unwanted components. It is 

important that at the fundamental frequency the filter produce a 

low impedance on the drain rather than a high impedance because, 

for a given peak drain voltage, any voltage at the fundamental 

frequency requires a corresponding decrease in the peak voltage 

of the second harmonic. Also, for power efficiency, it is 

important that there be a reactive load for the higher order 

harmonics. A square wave at 2 Fo yields a voltage component at 2 

Fo of 1.3 times the voltage of the square wave. This suggests 

that the drain voltage should include odd harmonics of 2 Fo. 

An output filter which is an open circuit above 2 Fo 

provides a means for the higher harmonic voltages to add to the 

second harmonic voltage to produce a square wave. In contrast, a 

filter that becomes short circuited at higher harmonics could 

also be used to reflect those components, but would reduce the 

possibility of generating a square wave voltage at the drain. 

Both types of filters were used, and while the open circuit 

filter gave better results, it is believed that this is a result 

of better reflection of the unwanted harmonics rather than 

improved drain voltage wave form. 

Figures la and lb show the drain voltage and output 

spectrum, respectively, with the short circuit filter, while 

Figures lc and id show the results with the open circuit filter. 

The figures show that the wave shape of the drain voltage is not 

an improved square wave when using the open circuit filter, 

however, the unwanted harmonics are better suppressed. It is 

believed that the reason the open circuit did not produce a 

square wave is that the harmonics were not added in proper phase. 

In fact, the filter was replaced with two quarter-wave stubs such 

that the impedance was a short at all odd harmonics of Fo, passed 

2 Fo, was a short at even harmonics of 2 Fo and an open at odd 
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Figure 3 shown a practical TTL test circuit at the right, compared with 

the original non-working circuit of Figure 1 at the left. The value of the 

resistor k is arbitrary within limits; 3K ohms is reasonable. When switch S2 

is open, the gate input is high impedance and held high to +5V. When S2 is 

closed, the input voltage is close to zero and a low impedance permits the 

emitter current of the input gate to flow unimpeded. 

The above does not mean that the FIL recommended levels corresponding to 

'1' and ' 0' are unimporant; it is just that a gate input will of its own 

accord assume the appropriate voltages if the proper high or low impedance 

connections are made to it. You never 'apply' the correct voltages to it. If, 

for example, the sink path impedance connected to the gate input is too high, 

then the emitter current to ground will cause too high a voltage drop, and 

the emitter bias will not permit proper gate operation. In that case the 

input voltage will exceed the specified maximum. 

%hile these considerations are important when testing a TTL unit, they 

are equally important in normal circuit design. For example, the output of a 

TTL gate that will ' feed' the input of another has a finite sink current 

capability. If more current has to be sunk than can be handled by the gate 

output, then the emitter voltage of the input gate will become too high and 

exceed permitted limits. 

Figure 4 illustrates this point. Assume that, for some reason, a total 

of twenty gate inputs are connected in parallel and have to be driven from a 

FIL source. The emitters of the input transistors, QI thru Q20, each carry a 

normal sink current of about 1.6 mA. (This is standard for FIL, although it 

is sensible always to check the handbook for the sink requirements of a par-

ticular gate). The total sink current is then 32mA. 

If the twenty input gates of the figure are hidden, being enclosed within 

a digital attenuator or like device, then a problem can arise when the user 

of the device goes to provide a FIL control driver. All he has been told is 

that the attenuator is TTL compatible, and he may assume that a normal low-

current gate will do the job, providing a maximum sink current capability of 

16mA. The interface will not work, and a lot of effort may be expended fin-

ding out why: 

The answer here is to tell the user more detail about the required 

interface, and this is done by adding the note 'FIL compatible, 20 standard 

loads'. It will be realized that this is a very unusual case, but it is not 

at all unusual to have two gates in parallel, and to find that the driver 
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Figure 1. Drain voltage and output spectrum of 
multiplier different filter schemes. ( a) and ( b) 
correspond to a short circuit filter, ( c) and ( d) 
correspind to an open ciruit filter. NOTE: The voltages 
in ( a) and ( c) were measured through a resistive 
divider which corresponds to 5V/div. 

harmonics of 2 Fo. This is the condition required for generating 

a square wave at 2 Fo; however, the odd harmonics of 2 Fo added 

to the voltage produced by the 2 Fo component in the wrong phase, 

and instead of a square wave, it produced a triangle wave which 

degraded performance. This experiment tends to verify the 

assumption that the improved performance due to an open circuit 

filter was the result of better filtering. 

It has also been demonstrated that a reactive termination at 

the second gate is very important in maximizing gain [ 3]. A 

sliding short was used for RF termination on gate 2 to allow 

adjustments of the reactance in order to optimize conversion 

gain. 
Finally, a triple stub tuner on the output and a series and 

shunt variable capacitor on the input were used to match into 50 

ohms. 

IV. Circuit Optimization 

Figure 2 shows the circuit schematic. With Vd set at 5 

volts and Pin at -3 dBm, Vgl, Vg2, the termination at g2, and the 

load impedance were simultaneously adjusted to give maximum 

conversion gain. The first attempt at optimizing the circuit was 

done by optimizing the gain with respect to one variable, then 

holding that variable constant, optimizing with respect to 

another variable, and then the next variable, etc., and 

continuing again with the first variable until all variables were 
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gate '.as feeding other gates in addition to those of the attenuator in 

question. If told how many standard loads have to be sunk, the user can 

provide a high-current driver gate or take other precautions. 

A further caveat. You muy recall my associating the low-voltage state 

with digital ' 0', and the high-voltage state with a ' I'. Beuvre! Your digital 

engineer can get very tricky with things like "negative logic, active loue, 

and you can find , too late and to your expensive embarrassment, that he 

meant 'TTL 1 = low '. The safest thing for the RF engineer to do is refer to 

the states as 'TIL High', and ' TTL Law' or even 'TTL Law Voltage', etc. In 

the case of a digital attenuator, for example, the specification should then 

read: 

'TTL high = OdB, TTL law = xdB' 

Rather than: 

MI 1 = OdB, TTL 0 = xdB' 

Such a message rings loud and clear across the interface. Never proceed 

with a design until this matter is fully clarified. You may get laughed at 

for being pedantic, but he uho laughs last laughs within budget and delivers 

on time. 

It was pointed out earlier that a FIL device can be tested by making a 

simple metallic, e.g. screwdriver, connection from FIL input to ground. Fi-

gure 5 shove haw not to do that, and raises an important point about handling 

devices safely without impairing reliability. 

Whether it is a screwdriver or an alligator clip held in the hand, the 

wrong method, i.e. touch the input and then ground it, can result in 

destruction of the unit, because of the static charge that can build up on 

hands and other things that may touch the input. In the right method, the 

grounded metal is applied to the input. Shall difference, big effect! Such a 

circumstance muy not be likely to arise in a completed design, but many a 

chip has gone to its reward at Incoming Inspection, at the hands of a 

dedicated inspector ..ho wanted to make sure the thing was working properly, 

and uho did not have specialized test equipment to test all the different 

devices that cross his bench. 

Fortunately, TTL devices are remarkably rugged and under most circumsta-

nces do not require special handling as some CMOS and diode assemblies do, 

with grounded wrists and conductive floor mats. Simple good manners and 

common sense will usually suffice. 

\WRONG V\G-HT z 

C,e6ut-ilDmG 

Earlier we encountered Open-Collector and Totem-Pole T7L 

circuits, each of .Mich has its place in classical digital practice. One 

facet of their use can be exploited by the RF engineer. Figure 6 shows the 

two types side-by-side, with each in the high output state. In the case of 

the open-collector output, the circuit is defined fully by the values of Vcc 

and R, both of uhich can be known with precision; if some analog function is 

to be operated by the output, it can be properly designed. In the case of the 

totem-pole circuit, the exact value of the open-circuit voltage is dependent 

on a number of variables, and cannot be known as precisely. The primary 

reason for the totem-pole's use is in achieving speed of operation, as the 

output is driven high. 

The one area where the digital engineer can learn from his RF colleague 

is that of high speed operation. 771 gates are available with operating 

times in the region of a few nanoseconds. In addition, the gates of TM 

include very high gain amplifiers that limit severely to form the square 

waves we all enjoy; but they are still very high gain devices with enormous 

bandwidths. In terms of RF amplifiers, we are dealing with units having gains 

of 40 to 60 dB, and bandwidths of DC to several hundred Megahetrtz. Whereas 

the RF engineer would shield such boxes and have them on a proper ground 

plane with short interconnecting leads, the digital world tends still to 

think in terms of plastic devices mounted on boards having no effective 

ground plane, and with long, thin wire interconnections. Shame on them! They 

deserve the oscillations, crosstalk and ringing they get. 

output 
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Figure 2. Circuit schematic showing open circuit type 
output filter. 

optimized. It was found that by setting the voltage at gl and 

adjusting the other variables a maximum could be reached where 

changes in Vgl or any other variable only degraded performance, 

which indicated that the circuit was optimized. However, by 

setting Vgl at a different value and re- optimizing the other 

variables, a different optimum (sometimes better) was reached. 

The same phenomenon was observed when holding any other variable 

constant. Therefore, one could not simply tune each variable one 

at a time and arrive at the global optimum. It was observed, 

however, that the optimum position of the sliding short did not 

change much from one optimum to the next, thus giving a good 

starting point for that variable. The optimum Vgl and Vg2 were 

found by plotting optimum gain against set values of Vgl and Vg2. 

This data was found by starting at a fixed Vgl and Vg2, adjusting 

v or 
10dB CONVERSION 

GAIN 

OdB-

-IV 

V , 

9' 

Figure 3. Optimum gain vs. 
Vgl with Vg2 as a parameter, and return loss vs. Vg2. 

- 10 

-20 

-30 

RETURN GAIN 

-13 0v -1.0v , -2.0 vg2 

Figure 4. conversion gain 

the output impedance to its optimum, and then adjusting the 

sliding short to its optimum position. The gain was then 

recorded, Vg2 was incremented, and the circuit was optimized 

again. After repeating this over the range of Vg2, Vgl was 

incremented, Vg2 reset, and the process was repeated. This 

process gave the plot of optimum gain vs. Vgl and Vg2 which was 

used to determine optimum bias conditions. 

V. Results 

The gain data obtained from optimizing at various bias 

conditions is shown in Figure 3. The optimum bias was determined 
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Similarly, when high-speed digital bit streams have to be transported 

more than an inch or so, there is an ancient body of transmission line theory 

and practice available to the digital engineer from the earliest days of 

radio, so that he can improve his systems without reinventing the uheel. Such 

knowledge deals directly with the problems of delay, circuit ringing, 

reflections, etc., that plagued the engineers uho laid the first trans-

Atlantic cable eons ago. 

%hat 1 have tried to do is highlight some of the problems of the Digi-

tal -RF interface in practical terms; there is a long way to go, but it looks 

as if the artificial interface of mutual ignorance is being broken doun, to 

the benifit of both camps. he now have reached another interface - that 

between this talk and the next. Thank you for listening. 
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Ref. 3 
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'Designing With TTL Integrated Circuits' T.I Series, McGraw-Hill. 

'The FIL Design Handbook' Texas Instruments. 

'IEEE Standard Digital Interface for Programmable Instrumentation', 

ANSI/IEEE Std. 488, (New York IEEE Inc. 1978) 

'Line Circuits for IEEE and EIA Inustry Standards, Texas Instruments, 

Inc., Dallas, TX 1982), Document SC6-588. 

'Reprints from Microwaves and RF on TTL Interfacing Articles', by 

R.Sproul, Larch Electronics Corp., 105 Cedar Lane, Ehgleuerod, 

NJ 07631. 
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from Figure 3 to be - 1.1 volts at gl and 0 volts at g2. The 

corresponding termination on gate 2 was measured to have a 

reflection coefficient of 1/36deg. at 700 Mhz. 

According to small signal theory, the optimum voltage on g2 

should have been +2V [ 2],[3]. However, very little improvement 

was achieved here at higher voltages, and in fact, as Vg2 became 

positive,the circuit stability became very sensitive to changes 

in the termination at gate 2 and in the output circuitry. 

With the variables held constant at the positions of maximum 

gain, Vg2 was decremented to give conversion gain and return loss 

as functions of second gate bias voltage. The shunt resistor on 

gate 1 degraded conversion gain by about 1 dB, but it improved 

the variation of the input impedance significantly. Figure 4 

shows the conversion gain and return gain as functions of Vg2. 

As indicated in the figure, this circuit gave 12 dB conversion 

gain with - 3 dBm input power, and demonstrated more than 50 dB 

gain control while maintaining better than 20 dB return loss. 

VI. Conclusions 

The usefulness of a low frequency GaAs dual-gate FET as a 

frequency multiplier has been demonstrated. This multiplier 

slightly exceeded its maximum output requirement of 8 dBm and 

exceeded its range requirement by almost 40 dB, demonstrating the 

dual gate FET's unique feature of gain control through the bias 
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of its second gate. Furthermore, with the correct termination on 

the second gate, the dual-gate FET provides more gain than can be 

achieved from a single-gate FET of the same size. 
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Today's RF circuit designer has many circuit response simulation 

models at his disposal to speed breadboarding, and to provide some unique 
analysis capabilities. Some of these models employ rigorous transistor 

models based to a large extent upon the Integral Charge-Control bipolar 

transistor model published by H. K. Gummel and H. C. Poon in 1970. (1) The 

G-P model basically improves upon the dc model of Ebers and Moll (2) in 

that it incorporates a unified approach to charge storage within the device 
thus enhancing its ability to predict ac performance. 

Our major concern here is with the accuracy of the model parameters, 
as evidenced by the precision of the circuit simulation. Since parameter 

extraction from dc and ac measurements involves curve fitting and 
extrapolation from tangents, one must take care to arrive at solutions 

that are physically rational as well as satisfying the requirements for a 
good fit We begin with those derived from dc measurements of the device. 

Parameter Extraction From DC Measurements 
The most informative dc measurement to be performed is what is 

known as the "Gummel Plot" ( fig I ) This is simply a log vs linear plot of 
collector and base currents ( ic and Is) vs. the intrinsic base-emitter 

forward bias voltage (VsE .) with Vsc -0. From this plot one can 

determine: 
the transport saturation current 

ideal maximum forward beta 

the foward current emission coefficient (NF), 

the base-emitter forward bias emission coefficient (NE ), 

the base-emitter forward bias leakage saturation current (IsE or 

C2), the forward knee current (IKF ). 

Transport Saturation Current ( Is) is obtained by extrapolating the 

plot of the natural log of collector current to the y axis (VBE =0). The 

value obtained for Is is proportional to the area of the emitter base 

Junction, and therefore is device type dependent. 
Ideal maximum forward beta (8F) can be determined from the 

maximum separation between the two curves ( Ic/18 ), and varies 

substantially from wafer lot to wafer lot. A typical low noise transistor 

may have EIF from 100 to 200, while a 12.5 volt, class C power transistor 

will typically have a BF of 40 to 80. 

The forward emission coefficient (NF) is extracted from the slope of 

the Is locus in the mid region of the plot and models the deviation from 

ideal slope. NF typically has a value of near unity. 

The base-emitter low level forward bias emission coefficient (NE or 

nEL) Is typically 2 for a shallow junction transistor, and is calculated 

from the slope of the is line near the Y axis. 

Slope = q/(NE)KT 
The base-emitter leakage saturation current ( IsE or C2) models 

leakage current of the forward biased base-emitter junction. It is 
obtained from the Y axis intercept of the extrapolated curve for 18. 

(Y intercept)=C2Is 

Forward knee current ( IKF) characterizes the onset of high injection 

effects and is near where the slope of the lc curve changes to half its 

original value. 

Similarly, a group of parameters is extracted from the Gummel Plot 

of the reverse transistor ( i.e., exchanging collector for emitter) ( fig. 2), 
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yielding: 

maximum reverse beta (BR), 

reverse current emission coefficient (NR), 

base-collector leakage emission coefficient (NC ), 

base-collector saturation current ( Ise or C4), 

and reverse knee current 

Extracted from DC Beta plots ( lc vs VcE for stepped Is) are 

measurements from which the forward Early Voltage (VAF ), and collector 

resistance (Re) can be extracted. 

VAF can be graphically determined ( fig. 3) by extending a tangent of 

the lc plot to intercept the x axis (a negative number). The foward Early 

Voltage is an indication of the doping level of the active base In the 

vicinity of the collector As the voltage across the collector-base 
Junction is Increased, the effective base charge is reduced as the collector 

depletion area spreads into the base, and so forward beta Increases ( the 

Early Effect(3) ). For lower frequency devices with deeper bases (ft < 2 

Ghz), VAF is typically over 100 volts, but for very high frequency NPNs, 

and especially PNPs , the Early Voltage may be considerably less than 50 
volts. 

Rc can be extracted as RC(sat) and/or RC(actIve) by calculating the 

slope of the line tangent to the lc curve in the saturation region, or 

through the knees of the active region, respectively ( fig. 4). 

The reverse Early Voltage (VAR) is similarly extracted from the 

reverse beta plot ( fig. 5). Because the reverse transistor's "collector" is 
the heavily doped emitter region of the forward transistor, the depletion 

area spreads more readily into the more lightly doped base, and VAR is 

normally less than VAF. 

Parameter Extraction From Capacitance Vs. Voltage Mesurements 

Capacitance parameters are obtained by employing curve fitting 
techniques, assuming that capacitance vs voltage follows the model: 

C ( V) = C 0 / ( I - V/pm + C(para) 

C(para ), the parasitic capacitance of the package, bond pads, and die 

metallization must be measured and/or calculated. With the appropriate 
algorithm, C(para) can also be curve fitted. A reasonable approximation 

Of C(para) would be 50% of specified capacitance at rated voltage for a 

typical 12 volt UHF transistor, to less than 20% for a 50 volt microwave 
pulsed power transistor. 

Barrier potential Jis typically 0.5 to 0.7 volt, and the gradient factor 

m is expected to be . 33 to 50, representing the graded junction ànd abrupt 
junction respectively Specific conditions such as collector grading can 
lead to effective values of m beyond the normal range. More accurate 
models are needed. 

Simulation programs such as SPICE (8) use I and m only to calculate 
capacitance vs voltage, so even though the absolute numbers arrived at 

through curve fitting may not be in agreement with physical data, the 

circuit simulation results may be. The art is to set limits for parameters 
derived from device layout and process knowledge, and force the 
optimization of the curve fit ( fig. 6, 7). 

Parameter Extraction From AC Measurements 

Forward transit time (tF) Is the sum of the emitter to collector time 

delays for carrier propagation through a transistor, and can be determined 

from the measurement of hfe over a range of frequencies and collector 

currents The common emitter forward current gain is most easily derived 
for RF and microwave devices by first measuring the scattering 

parameters on a network analyzer, and then converting to the hybrid 
parameters There are now a number of network analyzer systems 

available offering semi-automatic, and automatic, parameter extraction 

and calibration. Many systems offer on-line conversion from ' s' 

parameters to other parameters including ' h' parameters. Determination of 

transit time from hfe then becomes a relatively simple task of plotting 
the inverse product of the forward current gain (hfe) and radian frequency 
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With these restrictions it is possible to find the coefficient set B 
directly using linear algebra. 

Utilizing the least squares method to find the set of B coefficients 
that form the best fit to the given data set, a function of the form 

Introduction 

A large amount of specialized design data is not available in conveni-

ent form for use with computer-aided design ( CAD) systems. This data may 
be in tabular form, graphical form, or as a large mathematical system 
requiring advanced solution techniques. A polynomial or other simple func-

tion can often be used to approximate the data over some limited range of 

independent variables. The resulting approximations are in a convenient 
form and can he used in existing CAD programe or with custom CAD software. 

Multivariate Curve Fitting  

If given a set of ( n) observed data points ( Yi, i = 1 to n) and a set 
X of the m independent variables that generated them ( X1, X2 , ... 
it is convenient to approximate the Ys with some function: 

Y = F(Xi, X2, ... Xm). (1) 

The function F must be linear in its coefficients, its form must be: 

[Bi x Gi ( Xi, X2, ... Xm ) + 82 x G2 ( Xi, X2, ... Xm) + (2) 

Bk x Gk ( Xi, X2, ... 14)1 

Where each function G has no undetermined coefficients. 

Equivalently: 

_ i_  (3) . 0 4 /I is a column vector of the coefficients Bk that we wish to 
dB find 

and 

e = [Yi - Fi ( Xi, X2, ... Xm )) 
i=1 

needs to be minimized, where e is the sum of the squares of the errors 
(SSE). 

By setting: 

de 

dB. 
= , dF. 2 

0 = (y. 1_) 
dB. 

i=1 

dF = Gj 
dB. 

for j from 1 to k. 

(4) 
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(6) 

a set of k equations in k unknowns is generated, and allows a solution for 
the elements of B. 

Matrix Solution  

There is a concise solution to the set of equations generated by Equa-
tion ( 6). The first step is to define the following matrices: 

1 X is a matrix of n rows and k columns, where each row consists 
of the functions Gi, G2 , ... Gk applied to the independent 
variable set 

2 It is the transpose of X 

3 Y is a column vector of the dependent variables to be 
approximated 

5 e is a column vector of the errors in the approximation at each 
point. 

It can be shown ( Reference I) that to determine 1, the matrix 
equation 

Ixtx] g xty (7) 

must be solved. 



frequency intercept is given by (6). 

RE(hie)"rbcon • rb' • rbb' • re' • w tl-e 

The effect of the parasitic capacitances. Cbc and Cne, and the 

extrinsic collector junction capacitance, CO3 is to reduce the real 

component of hie by an amount depending on the magnitude of hie. 

Including this capacitance, and, as hin approaches the real axis, at high 

frequency the real part of the input impedance can be approximated by (7): 

RE(hin)=RE(hie)/(1+82*RE(hie)2) 

where 
8-2fte(Cbc C 

-be * Co) 
Accurate determination of Rb by this method depends on a knowledge 

of the emitter inductance, and the parasitic package and transistor 

capacitances. For transistors with high ft, small values of base 
resistance are easily swamped by the dominant emitter Inductance term. 

Difficulties in measuring the h parameters at high frequencies are 
best avoided by the more practical method of measuring the • s' parameters. 
The base resistance is a function of the current, and this dependence is 

modeled in the circuit simulator by allocating a low and high current value 
for the base resistance, RB and RBM, and a current at which RB falls half 
way to the minimum value, IRB. Input Impedance circles are required over 

a range of bias currents to determine these values (Fig 12). 
For class B and C' amplifier simulations, RB can be represented by 

the high current value without much loss of accuracy. 

Application of SPICE in Class t Amplifier Design 

Parameters determined by the above methods can be used to simulate 
the operation of class C amplifier circuits and gain an appreciation of the 
various terminal current and voltage waveforms SPICE has been used to 
simulate a rf transistor operating as a class C' amplifier at 870MHz with 
125 Volt collector bias, with the results compared to the performance of 

an actual circuit. 
The 12 cell interdigitated geometry used in this comparison was 

packaged in a UHF flange package, with double emitter wire bonds to 
minimize package inductance The SPICE parameters were extracted on a 
single cell die to improve accuracy. These parameters were then scaled 

for the larger die and the package parasitics included. Measurements were 
made, at an output power of 5 Watts, of the input and output impedances at 

the fundamental, second and third harmonics. Impedance transforming 
networks on input and output were modeled to accurately represent the 

load seen by the transistor ( Fig. 13). Since the performance, especially 
efficiency, is strongly dependent on the collector harmonic loading, 

operating conditions of the test amplifier were replicated as closely as 
possible. In a synthesis role the packaged transistor impedances would 
normally be calculated from the terminal current and voltage waveforms. 

SPICE was able to predict the gain within 0.5d6 and the efficiency within 

6% of the performance of the actual circuit. 
Collector voltage for the initial 100 nsec after the start of the 

analysis is shown in fig. 14. Because the operation of the circuit is highly 
non-linear and certain of the circuit time constants are relatively long, a 
number of cycles need to be analyzed before the response reaches a 
quasi-static solution. The collector voltage waveform indicates a damped 
oscillation exists, eventually decaying after approximately 150 nsec. The 

oscillation is a resonance of the collector bias choke with the collector 
capacitance, and Illustrates the need for long analysis periods. 

Five cycles have been expanded in the subsequent plots to show the 

collector and base voltage and current waveforms ( fig. 15, 16, 17). The 
collector and base current waveforms are forced to be sinusoidal by the 

active matching networks. SPICE also provides the facility for 

determining the circuit performance as a function of frequency, but only 

for small signal conditions, and therefore is unusable when the device is 

initially biased off. 
Although SPICE does not provide circuit optimization capabilities, 

when allied with network synthesis and analysis programs ( i e. 

SUPERCOMPACT (9) or TOUCHSTONE 10)) circuit performace can be 

evaluated and the design checked to ensure maximum ratings are not 
exceeded. The effects of changes in the device parameters can also be 

assessed and the influence of parasitic components can be analyzed. This 
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There are several ways to solve Equation ( 7), including methods that 
do not require forming the matrix inverse of XIX. [ Q-R Decomposition, 

(Reference 2)1. The general method of solving Equation ( 7) is to 
evaluate: 

. 1gt y1-1 it y 
(8) 

Although not as efficient as the Q-R Decomposition, its methodology is 
somewhat clearer and provides results adequate for the purpose at hand. 

Choice of a Basis Function 

Virtually any function with the appropriate number of variables is a 
suitable basis function, as long as it is linear in its coefficients. The 
following are some examples of linear and nonlinear basis functions: 

F Axy 2 + Byz 3 COS(v) + C ir+ De(2x + I) (9) 

Equation ( 9) is linear, with coefficients A through D to be deter-
mined. 

F = Ax8yCzn (10) 

Equation ( 10) is also linear; however logarithms must be used to 

. transform it to: 

Log(F) = log(A) + B log(x) + C log(y) + D log(z). (11) 

Finally, the equation 

F A cos + C) (12) 

is nonlinear in its coefficients, as there is no transform that will sepa-
rate all unknowns ( A,B,C) into linearly independent functions of the vari-

ables. 

The choice of basis function depends largely on what result is 
desired. For multivariate problems, a family of polynomials is a good 
choice because of its simplicity and the ability to add as many variables 
as needed. Polynomials are also the easiest to implement in CAD programs, 
and run the fastest. It should be noted that a polynomial in the form 
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(Ax3 + Bx2 + Cx + D)(Ey 3 + Fy2 + Gy + H)(Jz 3 + Kz2 + Mz + N) 

must be expanded to: 

A1X 3Y3Z3 + A2X2Y323... A64 

(13) 

(14) 

to make the coefficient set linear. Also note that what initially appears 
to be a system with 12 unknowns actually requires solving for 64 

coefficients. Given the 64 coefficients, it may be possible to separate 
them and solve for the set ( A,B, ... N) but this is a difficult task and the 

coefficients are generally complex. 

The degree of the individual polynomials should be chosen with some 
discretion. As the individual number of terms grow, the number of coeffi-

cients to be determined grows alarmingly. A large number of coefficients 
makes the matrix X811 large, and many data points are required to 
prevent it from becoming singular. If the system is not heavily 
overdetermined ( i.e., n >> m) the fit will be "wavey" ( Figure 1). In 

Figure 1, a let, 4th and 8th degree polynomial approximate a set of points. 

As the order of the polynomial increases, the error of the approximation 
decreases until the SSE is O. Although this fit is technically correct, as 

it hitè all the points, it clearly fails to provide a good interpolation to 
the data set. 

The last basis set to consider is the function: 

f • AO + Al sin(w) + A2 sin(2w) + Ap sin ( pu) + 
BI cos(w) + 82 cos(2w) + Bq cos ( qw) ( 15) 

where both p and q do not both . O. 

When this series is truncated to some finite number of terms, the 

result is an approximation to a Fourier transform. The data must be trans-
formed using equation ( 16) to the interval (-pi,pi) or ( 0,2pi). While this 
is not the most efficient method of calculating a Fourier transform, it 
does allow the freedom to make A, and B polynomial functions. The 

Fourier transform of some data set may then be calculated as a function of 
another variable, allowing one to optimize a particular coefficient. 

Scaling 

As higher degree functions are used to fit a particular data set, the 
individual terms in the X matrix become larger. When they differ by 
several orders of magnitude, the potential for numerical error increases, 

and inversion of elf becomes a larger problem. To counter this, all 
of the dependent and independent variables should be mapped onto the range 
(-1,1) using a linear transform ( Equation ( 9)). After the regression is 

performed, the inverse transform can be applied to map the function back to 
its original range. All terms of X and Y will then lie between + I: 

.  2  x V 4. (Vmin + Vmax)  
(Vmax - Vmin) (Vmin - Vmax) 

(16) 



is demonstrated by the influence on gain and collector efficiency of 
variation in emitter inductance snown in fig 18 

Conclusions 

While linear models for RF circuit response have been in use for some 

time, models based upon intrinsic transistor parameters have only 

recently found utility in predicting RF power amplifier response 

Extraction of these parameters from I- V, C-V and AC measurements is 
still, however, something of an art Utilizing these models to 

characterize the AC response of a class C amplifier gives insight into 
device design and process optimization, as well as circuit performance 
considerations. 

To demonstrate this approach to computer aided design, a 12.5 Volt, 
870 MHz, 5 Watt amplifier has been modeled, and the results discussed, 
especially model parameter extraction. 
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When scaled in this manner, the coefficients of the regression follow 

a set pattern. That is, the coefficient that makes the smallest 
contribution to the approximation has the smallest absolute magnitude. If 
the exact number of basis functions for optimum fit isn't known, one can 
begin with a large number of them, and repeatedly perform the regression, 
dropping the least important function until either the accuracy begins to 
erode or the desired number of functions remains. 

Quality of the Fit  

After approximating a set of data with some function, a natural ques-
tion is "How good a fit is it?". In other words, does the derived function 

accurately model the data, or is a more or less elaborate model needed? A 
common way to answer this question is to consider the multiple regression 
coefficient, or R2. R2 is defined as: 

R2 

Where 4 

:5."• (r.-L=1 L 

is the average value of y 
is the predicted value of 
is the data set 
is taken over the range 1 to n. 

y 

Limitations of Curve Fitting 

Although curve fitting is a very powerful tool in many branches of 
science and engineering, its results must be taken with a grain of salt. 
The resulting equations must be viewed for what they are - an approximation 
over a limited range to a physical phenomenon. When using fitted curves, 

one must be careful to limit them to the range of data from which they were 
derived. They can be used for interpolation, but not for extrapolation. 
Outside of the intended range, the equations might do anything, and it cer-
tainly has no particular relationship to what the modeled system would do. 
And, if the system is not over determined to a sufficient degree, a "wavey" 
function may well result. Always plot your results to perform a visual 
inspection. 

Example 1 - Suspended Stripline 

(17) A function for a frequency dependent suspended stripline transmission 
line is generated ( Figure 2). The three parameters to be considered are 
strip width, dielectric constant of the substrate, and operating frequency. 
We will predict wave impedance ( Zo) and effective dielectric constant 

(keff). The data will be scaled to the interval (- 1,1). Variables mapped 
to this region are primed. Initial values were determined from a standard 
paper on suspended stripline ( Reference 3) using the program SuperCompact. 
The time needed to calculate the 125 values for the regression took well 
over an hour on SuperCompact, which was running on the Apollo Domain 
System. The resulting polynomials run considerably quicker. 

R2 varies from 0 to I. A value of 0 indicates that the fitted func-

tion approximates the data no better than Y Y. A value of 1 means that 
the approximation has matched all the points exactly. This should be 

viewed with some skepticism, as R2 can be made to equal exactly 1 by 
choosing as many coefficients as there are data points. ( Again, see Figure 

I and its "wavey" fit.) 
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The curve is valid over the following range of input parameters with 
the corresponding transfer functions: 

Freq . 
Width' 
Er' 
Zo 

- ( 0.05714 x Frequency) - 1 [ GHz, from 0 to 35 CHz1 ( 18) 

= ( 0.04082 x Strip Width) - 1.04082 [ mils, from I to 50 mils) ( 19) 
= Er - 3.2 [ unitless from 2.2 to 4.21 (20) 
= ( 20 . + 1.41473)/0.01686 [ in Ohms) (21) 

(Eeff 4 2.87945)  
Keff = [unitlessi 

1.09589 

Additional parameters describing the stripline are: 

Bi 

h 
= 3 

h h 

(22) 

a = 10 and the metal has zero thickness 

and is a perfect conductor. 
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The resulting functions are good over these ranges to within 2.67% for Zo 

and 4.5% for Keff. 
(23) 

Zo' -0.6385352098 - 0.1067620906 Er' 

+3.481023304E-03 Freq . + 2.435179168E-03 Er' x Freq . 
-0.5161190977 Width . + 6.722957429E-02 Width' x Er' 
-2.867867028E-04 Frqq . x Er' x Width' 
0.5297363704 Width" - 6.539253142E-0Z Er' x Width .2 
-8.288004956E-04 Er' x Freq . x Width" 
-0.3191094332 Er' x Width .  + 3.948039494E-02 Freq . x Widt10 3 

(24) 

Keff . = -0.1607894999 + 0.7549461296 Er' 

+0.0814640615 Freq . + 0.0572409262 Er' x Freq . 
+0.2464396608 Width' + 0.1040612513 Width' x Er' 
+0.0454664369 Width' x Freq . + 0.0421388077 Width .2 
-0.1771355508 Er' x Width .' - 0.0459836924 Freq .x Width .3 

Waveguide E-Plane Septum Filter  

A popular way of building waveguide filters is to place an array of 
rectangular strips of metal ( called septa) in the E- plane of the waveguide. 
These septa may be etched, allowing easily repeatable filters to be built 
at a very low cost ( Reference 4). To build such a filter, the septum is 
modeled as a Tee of inductors ( Figure 3). The values Xs and Xp are a com-
plex function of the septum, waveguide dimensions, and frequency ( Reference 

5). Owing to the dispersive nature of waveguide, Xp and Xs can be modeled 
as physical inductors over only a narrow bandwidth. Plots of Xs and Xp as 

a function of W with frequency as a parameter are available as small plots 
in the published literature. Approximate solutions for Xp and Xs as 
functions of physical dimensions may be had by solving a complex set of 
equations using the variational method ( Reference 5). Since graphical data 
is available in the region of interest ( i.e., WR-28), the simplest way to 
determine Xs and Xp is to fit a curve to the graphical data and use the 
resulting equations to design the filter. Initial values for the filtet 
are generated from classical filter design methods ( Reference 6). 

The first step is to enlarge the graphical data so that values may 

accurately be read from it. An enlarging photo-copier works well, but it 
is also possible to use an overhead projector, a microscope with digital 
positioning, or whatever is most easily accessible. This data is operated 
on by Equation 8, yielding regression coefficients for the data set, along 
with the R2 value and the SSE value. These coefficients are listed in 
Equations 29 and 30. Over the range 28 to 38 CHz and septum widths form 1 

to 200 mil, the error is less than 2.6 and 2.5% for these equations: 

W' = ( 0.01111 x Width) - 1.22222 

F. . ( 0.16667 x Frequency) - 5.33333 
Xp . = ( 2.41525 x Xp) - 1.00977 
Xs' = ( 3.41329 x Xs) - 1.25031 

(25) 
(26) 
(27) 
(28) 
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Xp'= -0.7348365815 - Q.4007322178 W. 

+0.2520677187 14" - 0.2189697101 W.3 
+0.1627606451 W.4 + 0.2697266795 F. 
-0.2522981693 F. x W. + 0.8263478164E-01 F' x W.2 
0.7993333394E-01 F.2 - 0.4p3514566E-01 F.2 X W.2 

-0.8596676895E-01 F.3 x W" .0. 0.9651804516E-01 F.3 x 

Xs' = 0.4674951695 - 0.2667132517 W.2 
0.1441766713 W.3 + 0.5238057254 F. 

+0.2172888051 F. x W. - 0.1135707485 F. x W.2 

+0.5170873288E-01 F. x W.3 - 0.2741439220E-01 
+0.7424136480E-01 F. 2 x W. 2 - . 8060922104E-01 F.2 x 14 .4 

. F 2 . x 

(29) 

(30) 

With a simple set of expressions for the reactance values, the filter 

design procedes along well worn paths ( Reference 6). A 1 CHz bandwidth 3 
dB ripple Chebychev filter was designed with a 35 CHz center frequency 
(Figure 4). 

Conclusion 

A method to fit a set of data to a group of basis functions in any 
number of variables has been described, along with criteria for judging the 
quality of the fit and the appropriateness of the basis functions used. 
Several design examples were used to show the application of curve fitting 
to typical microwave engineering problems. The limitations of curve fit-
ting were discussed. 

I would like to thank Joe Chenkin for the valuable help he has provid-
ed, particularly for the design of the filter. 
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Figure I. Increasing the degree of approximation improves the accuracy of 

the fit on a point by point basis, at the expense of a "wavey" 
fit. 

Figure 2. The 3 parameters to be considered in this suspended stripline 

are strip width, dielectric constant of the substrate and 
operation frequency. 

Figure 3. The e- plane waveguide septum filter was built by placing 

rectangular strips of metal ( septa) in the e- plane of the 
waveguide. 
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  20 de 

10 de 

30 de 

Fiznre A. A I GHz bandwidth 3 dB ripple Chebychev filter, designed with a 
35 GHz center frequency will produce the above response curves. 
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OSCILLATOR DESIGN USING THE DEVICE LINE METHOD 

AND LOAD PULL METHOD 

Gary Franklin 

Applications Engineer 

Hewlett-Packard 

San Jose, Ca. 

INTRODUCTION 

The purpose of this paper is to examine two methods of 

oscillator design. The general requirements for designing an 

oscillator using the concept of the negative resistance one port 

will be covered, along with how the device line and load pull 

methods are used to determine the load impedance necessary for 

maximum oscillator output power. 

NEGATIVE RESISTANCE ONE PORT 

The design examples in this paper use the concept of 

transforming a three port bipolar transistor into a negative 

resistance one port. Before proceeding with a design example, the 

concept of the negative resistance one port needs to be examined. 

Figure 1 shows a negative resistance one port connected to a load 

which has both a reactive and resistive component. This network 

combination will start oscillating if the magnitude of the small 

signal resistance ( IRD I) is greater than the load resistance RL , 

and at a frequency where the reactive components XD and XL are 

equal but of opposite sign. The steady state oscillation 

condition requires that IR D I = RL ' which implies that the S-

parameters of the one port decrease with increasing 

power. Computer programs can be used to design the one port and 

the output matching circuit required for oscillation , if the 

large signal impedances of the one port are Inown. The device 

line and load pull method provide a means of measuring the large 

signal impedances of the one port. 

DEVICE LINE METHOD 

As was pointed out above, one problem when designing an 

oscillator is not knowing what load impedance should be placed on 

the one-port to deliver the required output power and frequency. 

One solution to this problem is to measure the one-port impedance 

as a function of output power. The impedances can be measured by 

first designing the one-port not to oscillate when loaded by a 

50 ohm generator. A network analyzer 15 used to measure the 

impedances as the one-port is driven by increasing input power. 

Since the one-port is a negative resistance device , the reflected 

power is greater than the input power. The added power is the 

reflected power minus the input power and will reach a maximum. 

The above procedure has generated the device line for the 

one-port [1] . All of this may seem very complicated, but is really 

nothing more than the measurement of large signal S-parameters 

for an amplifier. In this case the amplifier is a one- port device 

and the test is limited to the measurement of S11 . 

Ihe design procedure may be summarized as follows: 
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I. Choose a transistor circuit topology that will induce a transistor. The goal is to design an oscillator at 4.7 GHz that 

negative resistance on the terminal used as the output will deliver the ma,imum output power from the transistor ( about 

port. This circuit configuration will be determined in part + 20 dEm) (3] . The objective is to place the transistor in some 

by the transistor package used, and how the device will be type of circuit topology that will produce a negative resistance 

biased, on its output port. Using the transistor's small signal S-

2. Maximize the reflection coefficient of the one port using parameters and with the help of a computer analysis program. 

the transistor's small signal S-parameters. Figure 2 shows several different circuit topologies were examined for the 

that when the one port reflection coefficent is infinity, ability of inducing a negative resistance. Figure 7 shows the 

the one port impedance is equal in magnitude to the load circuit topology finally selected. This circuit must have a 

impedance, but with opposite sign. large signal negative resistance magnitude less than 50 ohms so 

7. If the circuit of step 2 does not oscillate into 50 ohms, it will not oscillate when loaded by the test equipment. Remember 

then use the device line method to measure the load that our purpose thus far is to design and build a non-

impedance for maximum output power. oscillating circuit from which we can measure its negative 

4. If the circuit of step 2_does_ oscillate into 50 ohms, resistance as a function of output power. 

then use the load pull method to measure the load impedance A COMPACT [4] computer program was written to maximize S / 
22' 

for maximum output power [2l . Details of the load pull method by varying transmission line lengths L I and L2 ( Figure 3). The 

will be covered later in this paper. minus sign in line 14 instructs the optimization program to 

5. Design an output matching network using the measured load maximize the reflection coefficient. Optimizing the circuit for 

impedance. maximum also sets the negative resistance magnitude to be 

6. Build a complete oscillator by combining the circuits of equal to the load resistance ( refer back to Figure 2). It was 

steps 2 and 5. convenient to design for a negative resistance of 50 ohms. The 

An example will help clarify the above procedure and how the first line of the COMPACT program specifies the open stub on the 

negative resistance port is designed. emitter with an estimated line length of 2.54 mm ( 0.100 inch) to 

FIRST EXAMPLE be optimized. The shorted stub on the base ( figure 7) is actually 

The first example uses an HXTR-4101 common hase bipolar composed of two parallel shorted stubs which are specified in 
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lines three and four. After maximizing for S2 ,/, the emitter stub 

length was increased to 2.96mm ( 0.117 inch) and the base stubs to 

7.86mm (0.310 inch). The circuit was constructed on 0.031 inch 

thick DuroidTM 5880, and is shown in Figure 4. We will come back 

to the circuit shortly, but for now continue with another example. 

SECOND EXAMPLE 

In this second example the objective is to design a medium 

power ( 1 watt) oscillator at 2.0 GHz. For this design an HXTR-

4103 common collector bipolar transistor will be used ]. This 

transistor is housed in a flange mounted pacage, the HPAC-

200GB/GT. Once again a circuit topology is selected ( Figure 5 ) 

and the circuit element optimized to maximize S22/ using the 

transistor's small signal S-parameters. The impedance of the open 

transmission line was arbitrarily picked to be 50 ohms and only 

the length of the transmission line optimized. This circuit was 

also constructed on 0.031 inch thick Rogers RT/Duroid TM 5880 and 

is shown in Figure 6. 

DEVICE LINE METHOD 

The 4.3 GHz circuit using the HXTR-410I transistor did not 

oscillate into 50 ohms ; therefore, the device line method was 

used to measure the load impedance for oscillation. The test set-

up is shown in Figure 7. Since the resistance is negative the 

reflection coefficient exceeds unity and the impedance lies 

outside the normal Smith Chart. Displaying a reflection 

coefficient greater than one is possible by interchanging the 

test and reference ports on the HP 8411A harmonic frequency 

converter. This inverts the reflection coefficient so that the 

analyzer shows the circuit impedance with the sign changed. This 

is exactly the impedance that must be connected to the circuit to 

complete the oscillator. Figure B shows the admittance 

measured for the circuit. The admittance of 0.26 

corresponds with the maximum added power of the circuit 

load line 

+ J0.32 

which is 

the output power expected when the oscillator is completed. 

4.3 GHz OUTPUT MATCHING NETWORk 

The output matching network must transform the 50 ohm load 

to a normalized admittance of 0.26 + j 0.32 at point A ( Figure 9). 

First an open shunt line is added to move the 50 ohm load to 

point B. A 50 ohm transmission line then rotates the admittance 

at point El to point A. The final 4.3 GHz oscillator circuit is 

shown in Figure 10. The measured output power of the oscillator 

agreed very well with the predicted P of 19.6 dBm (Figure I1). 
max 

Figure 12 shows the phase noise for the final oscillator. This 

completes the design and testing of the 4.7 GHz oscillator. Now 

we will return to the 2 GHz oscillator. 

LOAD PULL METHOD 

The 2 GHz circuit using the HXTR-4103, did oscillate into 50 

ohms, which prevents the use of the device line method. Re-

optimizing the circuit with a load resistance lower than 50 ohms 

may result in a circuit that will not oscillate, but the 
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HOW TO SPECIFY PIN DIODE SWITCHES 

by 
Raymond L. Sicotte 

President 
American Microwave Corporation 

7311 G Grove Road 
Frederick, MD 21701 

I INTRODUCTION  

When purchasing PIN diode swithces, it is important that they are completely 

specified to assure system performance. It is also important that the 

specification be achievable. This paper is designed to help a systems 

designer specify realizeable PIN diode switches. 

There are six key parameters essential to specify pin diode switches. 

These are: 

1) TYPE i.e., SPST, SPDT, SP3T, DPOT, etc. 

2) OPERATING FREQUENCY BAND 

3) INSERTION LOSS 

4) ISOLATION 

5) SWITCHING SPEED 

6) POWER HANDLING 

There are five secondary parameters that may require specification. 

These are: 

1) LOGIC COMPATIBLE DRIVER TYPE AND SPEED. 

2) PHASE TRACKING ARM TO ARM AND/OR UNIT TO UNIT. 

3) OFF ARM TERMINATIONS. 

4) INTERCEPT POINT OR COMPRESSION POINT 

5) VIDEO TRANSIENTS 

II SWITCH TYPE  

Most PIN diode switches are of the single pole multiple throw type. 

They range from single throw up through 8-12 throws. The most popular 

type is the SPST or pulse modulator type. In general the greater the 

number of throws, the less popular the switch and, hence the less readily 

available it is. American Microwave has standard switch designs up through 

5 throws in the three popular bands of interest HF, UHF/VHF, and Microwave. 

We also have designs for 8 and 10 throws at HF and Microwave. 

The most popular multi- pole switch is the DPDT type, commonly known 

as the TRANSFER SWITCH. These units are available in UHF/VHF and Microwave 

bands. High order multi- pole switches are generally referred to as switch 

matrices, which is a whole subject matter by itself. 

III OPERATING FREQUENCY BANDS  

American Microwave classifies PIN switches into five operating frequency 

bands. They are: 

a) VIDEO which covers from 10KHZ to 2MHZ, not manufactured at AMC. 

b) HF which covers 2MHZ to 32MHZ, AMC series SW-0230 switches. 

c) UHF/VHF covering 10MHZ to 2000MHZ, AMC series SW-2000 switches. 

d) MICROWAVE covering 10MHZ to 20GHZ and above, AMC series SW-218 

switches. 

e) Milimeter wave switches, 20GHZ and up. 

The above bands have loosely defined boundaries which overlap. They are 

indicative of the five different technologies available to the switch 
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decision was made to use the load pull method to measure the load oscillator is shown in Figure 17 . This completes the design of 

resistance necessary for maximum oscillator output power. Figure the 2.0 GHz oscillator. 

13 shows the test set-up for the load pull measurement system. 

The output of the oscillator is connected to a sliding tuner and 

50 ohm load combination. The output power of the oscillator, and 

the load impedance presented to the oscillator is measured as the 

tuner is varied. The spectrum analyzer is used to verify that the 

output spectrum of the oscillator is a stable single frequency 

SUMMARY 

The two examples given in this paper have shown that the 

device line and load pull methods are useful tools for the 

designer. The methods help bring a systematic approach to the 

design of oscillators in an area where empirical methods abound. 

before an impedance measurement is made. Figure 14 shows the REFERENCES 

optimum load impedance measured for the 2.0 GHz circuit ( 115 + 1. Walter Wagner, " Oscillator Design by Device Line Measurement". 

j 70 ohms). The output network for the 2.0 GHz circuit was then Microwave Journal February 1979 pp. 43-48. 

designed. 2. Dennis Poulin, "Load-Pull Measurements Help Meet Your Match", 

2.0 GHz OUTPUT MATCHING NETWORK 

The load impedance for maximum output power at 2.0 GHz is 

first normalized to 70 ohms and plotted as an admittance at point 

A ( Figure 15). The output matching network must transform the 50 

ohm load to a normalized admittance of . 444 - j0.270 at point A. 

First an open shunt line is added to move the 50 ohm load to 

point C. A 70 ohm transmission line of 0.201 wavelength then 

rotates the admittance at point C to point B. The design is 

completed by adding another open shunt line to move the 

admittance at point El to point A. The PC board artwork layout 

forthe final oscillator is shown in Figure 16. The output power 

of the oscillator is typically + 30 dBm. The phase noise of the 
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manufacturer as well as four distinct applications areas of switch requirements. 

There are some special application bands and technologies such as the high 

speed, low transient IF switching technology which is reflected in the SWB-0070 

series of switches in the AMC catalog. 

IV THE PIN DIODE  

A simplified equivalent circuit of the PIN diode is shown in figure 1. 

The forward biased diode is a current controlled resistor. The resistance vs 

current behavior of a typical PIN diode is shown in figure 2. The reversed 

biased diode is a voltage controlled capacitor. The capacitance vs voltage 

of a typical PIN diode is shown in figure 3. 

V INSERTION LOSS  

Simple,most basic switches have the lowest loss for any given operating 

band. For a given technology or operating band, insertion loss increases with 

increasing frequency proportional the square root of frequency in a well 

designed PIN switch. Insertion loss originates in four basic areas. 

a) Conductor or transmission line loss within switch itself due 

to the presence of microstrip, coaxial line or waveguide inter-

connecting lines. 

b) Resistance losses due to finite resistance of series connected 

components such as PIN diodes and/or finite "Q" capacitors. 

c) VSWR losses due to mismatch of components within the switch or at 

the terminals of the switch. VSWR losses at the terminals of the 

switch can be tuned out externally to improve losses, those within 

the switch must be minimized in design. These actually are the 

cause for ripples in the insertion loss vs frequency characteristic. 
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Assuming a switch is well designed, i.e., lowest loss transmission media, 

lowest resistance diodes and other series components are employed and all 

internal VSWR's are minimized, the loss of the switch is then dependent on 

the complexity of the design. In general, multi- throw units are more lossy 

as the number of throws increases. The addition of off-arm terminations and 

video filters increases the loss of the switch for a given technology. Also 

increased on/off isolation will contribute slightly to the loss. The inser-

tion loss is lowest in the least complex switch configurations. For low loss 

switches, keep the specification simple. 

VI ISOLATION  

PIN diodes are connected to the transmission line in series or in shunt. 

Isolation is achieved by reverse biasing series connected diodes or forward 

biasing shunt connected diodes. The shunt mounted diode provides the most 

effective means for achieving broadband, relatively frequency independent 

isolation. It is ideally frequency independent but practically, small 

parasitic reactances generally affect broadband performance. Isolation is 

also acheived by reverse biasing series mounted diodes. Isolation for the 

series mounted diode decreases with increasing frequency. 

Series- shunt diode configurations are frequently employed in multithrow 

broadband switches to achieve relatively high isolation in a simple structure. 

An example of the performance of a series- shunt connection is shown in figure 

4 for the AMC model SW- 218-2 switch. Note how the isolation decreases with 

increasing frequency. Multiple diodes connected in series or in shunt are 

frequently employed in PIN switches to achieve relatively high isolation over 
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a broad band of frequencies. The isolation vs frequency characteristic of a 

shunt connected array of forward biased diodes is the AMC model SW-2184-1A 

SPST unit, shown in figure 6 which achieves 85d8 isolation over the 2-18GHZ 

band by judiciously spacing four shunt connected diodes. An example of a 

switch employing an array of reverse biased series connected diodes is the 

AMC model SW- 2000-1, shown in figure 7, which achieves 70d8 minimum isolation 

over the 10-2000MHZ band. It is interesting to note that the SW-2000-1 unit 

has more insertion loss at the low end of the band than that of the SW-218-1A 

unit. This of course is due to the finite resistance of the forward biased 

series diodes in the SW- 2000-1 unit. 

For narrowband applications, the possibilities are endless for combining 

and tuning diodes for excellent tradeoffs between insertion loss and isolation. 

Many designers have employed series and shunt inductors to resonate the capaci-

tance of reverse biased PIN diodes to achieve excellent isolation- insertion 

loss performance over limited frequency bands. ( see reference 1) 

VII SWITCHING SPEED  

Switching speed of a PIN diode switch is generally defined as the time 

for the RF to traverse 10% to 90% levels. Other definitions such as the time 

from 1d8 to 60d8 levels are occasionally employed for high isolation require-

ments. The switching speed is generally controlled by two factors, the time 

required to remove the stored charge from the diode junction and the theoriti-

cal maximum speed at which the charge can be removed from the junction. The 

time required to remove the stored charge from the junction is limited by the 

transit time of the PIN diode. The transit time is given by 
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It=W1/Vs 

where W1= the device I- region thickness ( cm) 

Vs=maximum saturated velocity= 10exp7 cm/sec 

The I- region thickness is related to the breakdown voltage Vb by 

W1=Vb/20 

Additionally, the stored charge in the forward biased diode junction is 

related to the monority carrier lifetime of the junction by 

Qs=I*T 

where Qs=stored charge ( coulombs) 

If=forward current ( amperes) 

T=minority carrier lifetime ( seconds) 

As a minimum for operation as a PIN switch the diode lifetime is shown vs 

the lowest operating frequency in figure 8. Further, the transit time as a 

function of breakdown voltage is shown in figure 9. ( see reference 2) 

For minority carrier lifetimes shorter than lOns, state-of-the-art PIN drivers 

can switch in approximately the transition time of the device. Longer life-

times require higher currents and larger, slower switching transistors causing 

switching times to be longer than the transition time. 

Low intermodulation and harmonic distortion PIN switches require diodes 

with longer than minimum minority carrier lifetimes and hence switch more 

slowly. 

High power PIN switches require higher Vb diodes which results in slower 

transition times and slower switching times. 
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VIII POWER HANDLING  

The power handling capability of PIN diode switches is controlled by 

three parameters. First is the upper operating temperature of the device. 

Second is the breakdown voltage and third the charge storage capability of 

the device. For silicon PIN diodes, best reliability is achieved by keeping 

junction operating temperatures below 200 degrees centigrade. Since series 

mounted diodes are more dissipative and have poorer heat sinking capabilities 

than shunt mounted configurations switch designers tend to avoid series con-

figurations in high power applications. Since series configurations are 

essential to wideband multi- throw switches, these units tend to be the lowest 

power handling configurations. Hence, high power broadband switches are 

difficult to realize. One usually ends up trading power for bandwidth. 

It is necessary that the breakdown voltage be at least twice the peak RF 

voltage that the diode will see and that the forward charge stored in the 

junction be greater than the charge moved on one-half cycle of the RF current 

waveform. The former requirement will assure that the diode not exceed its 

voltage breakdown and the latter that the forward biased junction will not be 

depleted in operation. The elements are essential to linear non-destructive 

operation of the diode under high power operation. 

IX LOGIC COMPATIBLE DRIVERS  

The three most popular logic families are Transistor- Transistor- Logic ( TTL), 

Emitter Coupled Logic ( ECL) and Metla Oxide Semiconductor ( MOS/CMOS). 

Of the three, TTL logic is by far the most popular. ECL and CMOS are a 

distant second. Four of the most popular forms of TTL driver circuits are 

shown in figure 10. We will confine this discussion to TTL compatible drivers. 

For best performance, switch drivers must be electrically as well as mechanic-

ally integrated in the switch unit. It is possible to achieve clean, transient 

free switching by designing electrically compatible drivers. 

"Unit load" drivers are highly desirable because they are compatible 

with the widest range of TTL product line I.C.'s A " unit load" is defined 

as 40 microamperes maximum source current and 1.6 milliamperes maximum sink 

current. Drivers are available in multiples of " unit load". True TTL compat-

ibility also requires a logic " low" to be 0-.8 volts and a logic " high" to be 

2.0-5.0 volts at the input ( 0.8-2.0 volts is an undefined region). 

All TTL compatible drivers have delay. Generally the driver delay is 

defined as the time from 50% TTL level to where the RF signal changes by 10%. 

i.e., 0-10% for turn-on or 100-90% for turn-off. It is caused by energy 

storage in the driver and/or RF circuitry. The delay is a result of the time 

required to remove the stored energy before the switch state can be changed. 

The stored energy can be stored charge in the base region of a switching 

transistor or stored in various capacitors and inductors in the driver circuit 

or the bias decoupling circuit. Often this delay is different for turn-on and 

turn-off. This phenomenon can lead to pulse shrinkage or pulse expansion when 

the PIN switch is operated in a pulse mode. Since driver delay is consistent 

from unit to unit in a well designed PIN switch, a systems designer can often 

pre- trigger the switch and essentially " program-out" the driver delay. When 

it is not possible to anticipate the delay, it is necessary to specify delay 

equalization. An example of a PIN switch with equalized delay is the AMC 

model SW- 218-1A series pulse modulator with modulation characteristics shown 

in figure 11. This unit has on/off delay equalization to 5ns, maximum. 
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Another phenomenon of driver delay is minimum pulse width. Since delay 

involves charging and discharging of components within the driver circuit, it 

isnecessary to " charge" or "discharge" the driver before any RF changes in 

signal level are observed. This results in a minimum pulse width for any 

switch with integral logic drivers. The minimum pulse width is approximately 

equal to the delay in the driver. 

X PHASE TRACKING  

Often systems require switches that are " phase tracked". A phase tracking 

requirement is best achieved by first equalizing the time delay between arms of 

a multi- throw switch ( if a multi- throw is indicated) and equalizing the time 

delay from unit to unit within a production run or product line if required. 

Since the PIN switch is made up internally of many elements, i.e., diodes, 

capacitors and chokes with their accompanying mounting parasitic reactances and 

losses, it is necessary to control the uniformity of parts and assembly 

techniques to achieve best phase tracking. 

For unit- to- unit phase tracking on a lot- to- lot basis, it is necessary to 

build a phase standard unit that is maintained at the switch vendor's facility 

which has an impact on the price of the initial lot of switches. 

Typical state-of-the-art phase tracking is as follows: 

BAND PHASE TRACKING  

HF 1 Degree 

UHF/VHF 2 Degrees 

MICROWAVE 10 Degrees 
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XI OFF ARM TERMINATIONS  

Often PIN switches are employed to commutate or switch VSWR sensitive 

components such as antenna elements in an array, oscillators or amplifiers. 

Normally switches have an infinite VSWR in the OFF position. Figure 12 shows 

a switch with off arm terminations having an extra switching section that 

switch the terminal in question into a matched load when that arm is turned off. 

This in effect controls and stabilizes the VSWR in both the ON and OFF condition 

of the switch. You must specify off arm terminations when it is necessary to 

control OFF VSWR. 

Be aware that when the specified arm is commutated or switched there is a 

period of time when the VSWR is unspecified. This is particularly important in 

high power switches where momentary high reflected power levels can be trouble-

some. 

the addition of off arm terminations adds complexity to the switch which 

results in additional insertion loss and poorer phase tracking. 

XII INTERCEPT POINT OR COMPRESSION POINT  

Compression in a PIN switch is a less well defined parameter than in say 

an amplifier. So we will limit our remarks in this section to intercept point. 

The concept of intercept point is well documented in the literature and we will 

not go into it here. Rather we will examine the elements that control intercept 

point of PIN diode switches and their tradeoff on overall switch performance. 

Intermodulation is a result of nonlinear mechanisms within the PIN diode 

primarily and occasionally caused by other elements such as nonlinear capaci-

tors, resistors and/or ferrite cores in the bias decoupling chokes. We will 

confine this discussion to the- PIN diode only. 
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The primary intermod generator in a PIN switch is the forward biased 

series PIN diode. Intermod is generated in the diode when the stored charge 

becomes close to being swept out ( or depleted) from the I layer region. 

Hence low intermod switches employ diodes with longer than minimum minority 

carrier lifetimes and are biased at relatively high forward currents to store 

a lot of charge in the junction. The degree of linearity is controlled by 

the percentage of charge depleted from the junction by the RF cycle. Highly 

linear switches have small percentages of charge depletion. 

A secondary intermod generator is the non-linear capacitance vs voltage 

characteristic of the reversed biased PIN diode. This phenomenon is relatively 

easily controlled by selecting diodes with flat capacitance vs voltage charact-

eristics and biasing the device into that region of the curve. 

XIII VIDEO TRANSIENTS  

Refer to figure 13, the equivalent circuit of a typical PIN switch. When 

the diodes are switched between biasing conditions a change on voltage or 

current occurs at the bias decoupling element adjacent to the output terminals. 

This element acts to differentiate the waveform ( current for the shunt inductor 

and voltage for the series capacitor) and cause a pulse, spike or video trans-

ient at the output terminal. This transient occurs in all PIN switches but is 

controllable by various means. 

The most effective means of controlling video transients are: 

1) Slowing the switching waveform 

2) Filtering the video spectrum 

3) Balancing or cancelling two equal video transients 

The first is very effective when switching speed is not important. Slowing 

the switching waveform will slow switching speed. The second is effective when 

the switch operating band is above the frequency band where the video spectrum 

is concetrated. The addition of high pass filters at the input and output 

terminals of PIN switches at frequencies above 500MHZ has proven very effective 

in reducing transients. Typically the highest speed switches ( INS) have at 

least 90% of the video spectrum below 1GHZ. Filtering has its accompanying 

side effects. It will often introduce unwanted " ringing" in the switching 

waveform. Balancing has been employed very effectively as a means of reducing 

video transients without affecting switching speed or introducing " ringing". 

Unfortunately present state-of-the-art technology has limited balancing 

technique to UHF/VHF band. An example of the balancing technique is the AMC 

SWB-0070 series of IF switches shown in figure 14. 

XIV CONCLUSION  

Six essential and five supplementary parameters have been presented to 

aid in the specification of PIN diode switches. Tradeoffs between the various 

parameters have also been explored. It is hoped that this will help bridge the 

gap between switch users and switch designers. 

A sample specification is presented in figure 15 to serve as a prototype 

switch specification to aid in bridging the gap. 

REFERENCES: 

1. R.N. Assaly, " PIN Diode Switches for Space Applications", MTT, 1967 

2. M/A COMM PIN Diode Designers' Guide, 1983. 
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SPECIFICATIONS, Cont'd. 

*BROADBAND PIN SWITCH SPDT 
SW-218-2 

0.3 TO 18 GHz 

FEATURES 

• 0.3 to 18 GHz Frequency Range 
• Low Insertion Loss 
• Small Size 
• Light Weight 
• Rugged Chip and MicrostrIp 

Construction 

FUNCTIONAL SCHEMATIC 

J2 

8/85 

J3 

SPECIFICATIONS 

• Frequency Range: 0.3 to 18 GHz 
• Insertion Loss: 2.5 dB, Max. 
• Isolation: 55 dB, Min. 
• VSWR: 2.0 to 1 
• Switching Speed: 100 pa typ. 
• Blas: Port on: - 50ma 

Port off: + 30ma 
• Power Handling: + 20 dBm, CW, Max. 
• Operating Temp.: - 85° C to + 85° C 

DESCRIPTION 

The SW-218-2 is a SPDT Pin Switch 
intended for wide band switching ap-
olicatIons in commercial and military 
•nvironments. It has an instantaneous 
frequency coverage from 0.3 to 18 GHz 
and features all solid state chip diode 
and microstrip construction for rugged, 
reliable operation. 

•LIcensed under U.S. Patent No. 3,812,438 

FREQUENCY (OHz) 

MAX. INSERTION 
LOSS (dB) 

MIN. ISOLATION (dB) 

MAX. VSWR 

0.3 0.2 4.0 8.0 12.0 18.0 
— — — — — 

1.2 1.2 1.1 1.0 1.8 2.5 

85 80 75 70 85 55 

1.7 1.5 1.5 2.0 2.3 2.3 

HUMIDITY, SHOCK, ETC. PER MIL-STD 202C 
CONNECTORS: 1) RF: SMA FEMALE 

2) BIAS: FEED THRU FILTER-SOLDER PIN 
3) CONFIGURATION OPTIONS: 

001- ONE MALE AND TWO FEMALE SMA CONNECTORS 
002- TWO MALE AND ONE FEMALE SMA CONNECTORS 
003- THREE MALE CONNECTORS 

TYPICAL PERFORMANCE 
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PACKAGING CONSIDERATIONS FOR RF TRANSISTORS 

by 

Norman E. Dye 

Motorola Semiconductors 

INTRODUCTION 

Parasitic reactances, material losses and for higher power devices thermal limitations 

combine to make package selection for RF transistors a technically challenging undertaking. It 

has been said the best RF package is NO package. And while this is understandable, it is not 

practical. Thus the trick is to design a package that protects the RF die, heat sinks it and makes 

connections to the "outside world" with minimal deleterious effects. 

This paper will discuss thermal, electrical, mechanical and other considerations in the 

design of RF packages. Several existing packages will be described in discussing the evolution of 

RF packages. Finally, new approaches will be proposed to achieve packages with satisfactory 

characteristics at LOWER COST. 

RF TRANSISTOR PACKAGE CHARACTERISTICS 

Figure 1 is a summary of the primary characteristics of a package suitable for use with 

high power at high frequencies. Thermal and electrical requirements predominate; however, 

many other factors influence what can and can't be done in designing an acceptable RF package. 

These characteristics will be discussed in the following paragraphs. 

THERMAL CONSIDERATIONS 

The name of the thermal game with RF devices is to maintain die temperature below a 

prescribed temperature ( 150 degC to 200 deg C) during normal operation. For low power 

devices with the die mounted on the collector portion of the lead frame or on alumina oxide 

ceramic, this presents little difficulty for dissipations below 1/4 watt. Typical packages are 

shown in Figure 2. Use of a copper lead frame and modest heat sinking of the collector lead can 

increase the dissipation limitation to 3/4 watt. A wider, thicker collector lead results in the 

so-called PowerMacro package ( Figure 3) which has a thermal rating of 1.5 watts. 

However, where higher power dissipation is required, the RF die must be heat sunk through 

some medium which offers low thermal resistance while maintaining electrical isolation. The 

most practical material currently available offering low thermal resistance and simultaneously 

high electrical resistance is beryllium oxide ( Be0). Figure 4 depicts the thermal properties of 

Be0 compared with other materials. Figure 5 shows electrical resistivity of Be() along with 

several common insulators 

ELECTRICAL CONSIDERATIONS 

Objectively, one wishes to make contact with the RF die while keeping parasitic capacitance 

and inductance along with conductivity losses at a minimum. Package design—location of 

external leads, thickness of Be0, path length from die to external lead connections and choice of 

plating materials allow the package designer to approach these desired results. 

A key objective is to keep lead length from die to the external circuit as short as possible. 

Also leads (including current paths on the ceramic) must be sufficiently wide to prevent excess 

resistance or inductance. And most important the plating on both ceramic and leads must be low 

loss and sufficiently thick in skin depths to minimize series resistance to RF current flow. 

OTHER CONSIDERATIONS 

Other factors in addition to thermal and electrical must be considered in designing RF 

transistor packages. Primarily these can be grouped under "Reliability and Cost" although 

some may fall more conveniently under "Customer Convenience." In the latter category are 

items such as type of heat sink (stud or flange) and form factor (surface mount, machine 

insertable, stripline compatible, etc.) 

Reliability, here, covers die attach, wire attach, hermeticity and lead solderability. Both 

die and wire attach are dependent on plating. High power die attach must have void free, low 

thermal resistance bonds (Silicon-Gold eutectic is the most common) to prevent thermal hot 

spots and these bonds can be achieved most readily with an adequate amount of smooth, pure gold 

(Au). Wire bonds are generally reliable whether Au on Au, Au on aluminum ( Al), Al on Au or 

Au on copper (Cu) but if Au plating of the package is involved with Al wire, it is imperative that 

the plating be free of even the smallest amounts of Thallium (used sometimes in Au plating 

solutions to improve rate and smoothness of plating). 
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*SERIES SW-218 WIDEBAND 
SPST PIN DIODE SWITCHES 
WITH INTEGRAL DRIVERS 

FEATURES 

• 0.3 to 18 GHz Frequency Range 
• Low Insertion Loss 
• Up to 85 dB Isolation 
• High Speed - 10 nsec 
• Small Size 
• Light Weight 
• Rugged Chip and Microstrip 

Construction 

DESCRIPTION 

The series SW-218 switches are broadband, high 
speed, low loss SPST switches with Integral drivers. 
They are powered by + 5 and — 15 volt supplies and 
are available powered by 1- 15 volts. They are avail-
able in three models that operate over the entire 0.3 
to 18 GHz band. Each features rugged integrated cir-
cuit assemblies of chip PIN on a microstrip transmis-
sion line and proprietary wideband bias decouplIng 
circuitry. 

Switching is accomplished by a TTL compatible 
driver which Is controlled by the user. 

FUNCTIONAL SCHEMATIC 

'Y'rrt  

SPECIFICATIONS 

• Control Impedance - 
TTL Compatible, One Load. (A Load Is 
1.6 mA Sink Current and 40 pA Source 
Current.) 

• Control Logic - 
Logic "0" ( — 0.3 to + 0.7 Volt) for 
Switch OFF. 

Logic 1" ( + 2.5 to + 5.0 Volts) for 
Switch ON. 

• Temperature - 

Operating: — 65°C to + 85°C 
Non-operating: — 65°C to + 125°C 

• Humidity, Shock, Etc. - 
Per MIL-STD 202C 

DRIVER 
-,syrec 
nLcowroeL 

RF 

OUTPUT 

6/85 

Licensed under U.S. Patent No. 3,812,438 



Hermetic packages, a representative sample of which is shown in Figure 6, have 

requirements contrary to those of good RF packages. The lead length through the hermetic seal is 

usually longer and more lossy than the length required for similar non-hermetic packages. 

Today, hermeticity is seldom warranted for commercial applications. Modern transistors are 

constructed with silicon nitride (SiN4) die passivation. Au top metal and Au wire which 

alleviates the need to keep moisture and foreign material from coming in contact with the die and 

wire bonds. However, if packages are subjected to contaminants such as those found in 

vapor phase soldering and subsequent flux removal solutions, gross leak hermeticity is 

important to prevent particles from getting inside the transistor where long term chemical 

action could result in premature device failure. 

Lead solderability is generally thought to create no problems provided leads are covered 

with not less than 50 micro-inches of Au plating. But even Au can cause difficulties in soldering 

if sufficient time is used in soldering such that the Au plating is dissolved in the solder solution. 

Also, both silver ( Ag) and Cu tarnish such that these material finishes are rendered useless 

unless the user is willing to remove the oxides just prior to solder attach (or use the parts with 

minimal shelf life). 

Of the many "other" considerations in designing an RF package, perhaps the most important 

of all is COST. Metal ceramic packages represent 50% or more of the product cost for most RF 

transistors. The basic problem, then, is how to devise a package with suitable RF 

characteristics in which a transistor can be assembled without difficulty, which can be put to 

use at some time in the future, with high reliability, and yet be relatively low in cost. 

What are the cost ingredients of RF packages? One can identify 3 major components as 

shown in Figure 7. These are materials (such as ceramic disc, metal heat sink and lead frame), 

brazing operations used to assemble the constituent pieces, and Mating. Brazing is probably the 

least expensive of the three and since it is essential--without creating user problems in heat 

sinking (no heat sink on package) and/or soldering into a circuit (no leads on package)--it will 

not be discussed further. 

Material costs particularly when using Be° can be a sizeable portion of the total package 

costs. Reduce the amount of Be0 and you can reduce material costs. Finally there are plating 

costs. Since Au is a normal final plate for an RF package for the obvious reasons of good 

conductivity, inertness, etc., it became a prime target of cost reduction particularly when Au 
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was selling for $800/oz. 1) Even today at $325/oz. Au adds significantly to RF package costs 

and efforts continue to eliminate it wherever possible. 

EVOLUTION OF BASIC PACKAGE «TYPES 

The SQF.1_6D1glkige 

In the early 1960's as transistors began to deliver watts of power at frequencies greater 

than 50 MHz, a new RF power package evolved suitable for micro-strip circuit applications. It 

was called Stripline Opposed Emitter (SOE) after its planar lead construction with two opposing 

leads tied to the common element in grounded emitter amplifiers. A picture of the SOE is shown 

in Figure 8. The raised bridge - an integral part of the lead frame - permits both short base and 

emitter wires simultaneously thereby reducing parasitic reactances. Thickness of the Be0 

(typically 60 mils) resulted in a compromise between thermal resistance (thin Be° desired), 

electrical resistance (thick Be() desired), and mechanical considerations necessary for heat sink 

attach without fracture of the ceramic disc (thick Be0 desired). 

Variations of the basic SOE package have resulted in the dual emitter bond  (DEB) package 

(Figure 9). The addition of a 2nd emitter bridge (flat) on the Be0 surface allows parallel 

emitter wires which lowers emitter inductance leading to increased amplifier gain. By widening 

the flat emitter stripe, the semiconductor manufacturer can add a MOS capacitor thereby 

achieving the input matched Package (CO or JO) (Figure 10). Wiring the capacitor between 

base and emitter raises the input impedance, reduces input losses and reduces input Q. Matching 

inside the package close to the die is essential for higher power, higher frequency devices in 

which Zin and/or Zout of the die is less than 0.5 ohms. Without input matching, a device would 

exhibit excessive circuit losses as well as extremely narrow band characteristics. 

The Isolated Collector Package  

An attempt to achieve the lowest possible common element inductance resulted in the 

transistor die being isolated on a collector "island" completely surrounded by the common 

element metallization ( Figure 11). Of course this requires the collector contact to be made via 

1)First. Au was removed from the heat sink (flange or stud) where it served no useful purpose 

other than appearance. Next the Au was reduced in thickness (typically to 50 micro-inches) in 

all areas of the package except the die bond pad where it is essential to maintain > 100 

micro-inches of Au to achieve void free Si-Au eutectic bonds. 

1=1 d 1-3 11:= IMI1 MI 1=1 EMS 11= 1=1 



SPECIFICATIONS, Cont'd. 

MODEL NO. CHARACTERISTICS 

FR EQUENCY (GHz)  
SWITCHING • 
SPEED 

POWER HANDLING 
CAPABILITY 

POWER 
SUPPLY 

0.3 
to 
1.0 

1.0 
to 
2.0 

2.0 
to 
4.0 

4.0 
to 
8.0 

8.0 
to 
12.4 

12.4 
to 
18.0 

ON•toOFF 
and 

OFF-to•ON 

AVG 
(WATTS) 

Peak 1 pun, 
max, pw 
(WATTS) 

+ 15 
VDC 

+ 5 
VDC 

- 15 
VDC 

SW-2182-1A 

Min Isolation (dB) 

Max Ins Loss (dB) 

Max VSWR (ON Pos) 

30 

1.0 

1.3 

40 

1.0 

1.3 

45 

1.0 

1.4 

45 

1.1 

1.6 

45 

1.6 

1.9 

45 

2.0 

1.9 

10 ns 2 10 55 

mA 

55 

mA 

35 

mA 

SW-2183-1A 

Min Isolation (dB) 

Max Ins Loss (dB) 

Max VSWR (ON Pos) 

40 

1.0 

1.4 

60 

1.0 

1.4 

70 

1.1 

1.4 

70 

1.4 

1.6 

70 

1.8 

1.9 

70 

2.3 

1.9 

10 2 10 65 

mA 

65 

mA 

35 

mA 

SW-2184-1A 

Min Isolation (dB) 

Max Ins Loss (dB) 

Max VSWR (ON Pos) 

45 

1.0 

1.4 

70 

1.0 

1.4 

85 

1.2 

1.4 

85 

1.5 

1.6 

85 

2.0 

1.9 

80 

2.5 

1.9 

10 2 10 75 

mA 

75 

mA 

35 

mA 

;c1 'Switching speeds are 10% to 90% RF and 90% to 10% RF. Standard TTL delay is 20 na, Max from 50% TTL to 90% RF for turnoff and 
50 ns, Max from 50% TTL to 10% RF for turn•on. 

AVAILABLE OPTIONS 

Option No. Description 

001 Two SMA Male RF Connectors 

002 One SMA Male and One SMA Female 
RF Connector 

003 Solder Type Control Terminals 

004 15 Volt Power Supply Requirement 
( + 5, - 15 Volt is Standard) 

005 50 Ohm Control Impedance 

006 Cannon Multipin MDM9SSP 

007 Inverted Logic 

008 Extend Frequency to 100 MHz 

009 20 na, Max Delay 

010 100 na, Max Switching Speed 

011 

012 2 ns, Max Switching Speed 
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wires which can result in increased collector series inductance. Again provisions can be made 

for use of an input matching capacitor (Figure 12), or both input and output matching 

capacitors ( Figure 13). 

Common Emitter TO39 (CE-T0391 

Cost considerations led to the addition of Be0 to a conventional TO39 package (see Figure 14) 

in a successful effort to reduce the cost of 1 to 4 watt driver transistors operating at frequencies 

through 500 MHz. Tying the emitter leads to the case and isolating electrically the 

collector results in high performance (> 10 dB gain) amplifiers that cost in the vicinity of $1 to 

$2— a substantial decrease in price from SOE packaged devices. 

Common Emitter T0220 (CE-T02201 

Still the power levels above 4 watts even at frequencies as low as 50-100 MHz required the 

use of the expensive SOE package. This necessitated the modification of a low cost, higher 

power package (the TO220) such that satisfactory RF performance could be achieved at least 

through 175 MHz. Again the key was the use of Be() to isolate the collector and permit low 

inductance "grounding" of the emitter as shown in Figure 15. 

Cost savings are not as substantial as in the case of TO39's. Although the basic TO220 

package is lower in cost than a TO39, modifying the TO39 involves a relatively small amount of 

unpatterned Be0 while the TO220 requires larger, patterned Be0 and, generally, with 

wraparound r metallization. The basic package costs of the CE-T0220 can be approximately half 

that of an SOE and if these savings can be maintained through subsequent assembly and final test 

operations (not an easy feat to accomplish), the resulting transistor should have a sell price $1 

to $2 less than a comparable SOE packaged part. 

Frequency and power limitations do exist in the TO220 package. Basically it is highly 

undesirable from the standpoint of parasitic lead inductance which results in the package 

essentially being impractical for use at power levels above 40 watts at 50 MHz, 30 watts at 

200 MHz and 10 watts at 500 MHz. 

NEW PACKAGE CONCEPTS 

Achieving packages that still provide low thermal resistance, low parasitics, ways to heat 

sink and ways to access the terminals of the transistor all at LOWER COST is still the primary 

objective of modem day RF packaging efforts. A novel approach at Motorola is to minimize use of 

Au by using it only on the die bond pad of an essentially standard SOE package (Figure 16). 

Excellent electrical conductivity is still achieved by the use of a copper clad lead frame 

with the external leads tin plated after assembly. One major problem with this process is 

the necessity for package hermeticity during the lead plating operation. Also the design concept 

leaves the basic SOE package intact - which means the cost of patterned Be° and the cost of 

brazing remain essentially unchanged. 

Reducing the Be0 is the major thrust of another new RF package concept. Since Be° is only 

needed under the active transistor die, it can be reduced from a patterned disc or rectangle to a 

small unpatterned disc or rectangle that is substantially less costly to manufacture. One 

example of such a package is shown in Figure 17. Here the center disc is Be0 while the outer 

ring is less expensive aluminum oxide (Al2O3). The lead frame includes a collector lead that 

bridges the gap between materials and covers the collector bond pad area. While the amount of 

Be() is minimized, other costs such as brazing and plating are left unchanged. And the extended 

collector lead necessitates use of a separate raised bridge (if desired). 

A less expensive concept that utilizes a semiconductor manufacturer's main asset - the 

ability to process silicon - is shown in Figure 18. Two thick rectangles of intrinsic silicon 

are placed on either side of a rectangular block of unpatterned Be0. The three metalized 

but electrically insulating pieces are brazed to a copper flange along with two pieces of lead 

frame material. It is relatively simple (and inexpensive) to pattern the silicon rectangles to 

provide shorting bars on the sides adjacent to the Be0. Wiring, then, provides for collector and 

base contacts and dual emitter bonds. 

SUMARY 

Packages suitable for use at RF frequencies must have low parasitics and low loss. For 

power transistors, the package must also have low thermal resistance from die to case. These 

requirements historically have resulted in RF power packages being a significant portion of the 

manufacturing cost of RF power transistors. 
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Various packages have been designed (CE-T039, CE-T0220) in efforts to reduce package 

costs; however, their limitations with respect to power dissipation and parasitics make them 

unsuitable except in very restricted applications. 

This paper has discussed the considerations necessary in RF package design and the evolution 

of a variety of packages suitable for use at radio frequencies. Finally, several alternate 

approaches to devising a LOW COST package suitable for use at both high power and high 

frequency have been proposed. 

FIGURE 1 

CHARACTERISTICS OF RF POWER PACKAGES 

1. GOOD THERMAL PROPERTIES 

2. LOW INTERELECTRODE CAPACITANCE 

3. LOW PARASITIC INDUCTANCE 

4. HIGH ELECTRICAL CONDUCTIVITY 

5. RELIABLE 

6. LOW COST 

7 FORM FACTOR SUITABLE FOR CUSTOMER APPLICATION 

FIGURE 2-LOW POWER PACKAGES FOR RF 
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ECl IRE -A HERMETIC RF PACKAGE 

COST INGREDIENTS OF 
TYPICAL RF POWER PACKAGE. 

MATERIAL $0.40 

Be0 $0.08 
METALLIZATION OF Be0 0.10 
FLANGE, Ni PLATED 0.10 
LEAD FRAME, Ni PLATED 0.12 

ASSEMBLY 0.15 

FINAL PLATE 0.45 

$1.00 
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SWB-0070 SERIES 
HIGH SPEED I.F. SWITCHES 

WITH TTL DRIVERS 
50 - 90 MHz 

FEATURES 

• HIGH SPEED: 10 ne, Max 
• LOW TRANSIENT: 50 mv, Max 
• Reverse Polarity Protection 
• 300% Overload Protection 

for Up To 2 Minutes 
• Rugged Microstrip Construction 
• Integrated TTL Drivers 
• HIGH ISOLATION: 70 dB, Min 
• 011-arrn Terminations 
• SPST Thru SP8T Configurations 

FUNCTIONAL SCHEMATIC (SPST) 

CONTROL 

RF INPUT 

BIAS 

SPECIFICATIONS 

• TYPE 

SPST 
SP2T 
SP3T 
SP4T 
SP5T SWB-0070-5A 
SPST SWB-0070-8A 
SP7T SWB-0070-7A 
SP8T SWB-0070-8A 

• Frequency Range: 50-90 MHz 
• Insertion Loss: 1.5 dB, Max 
• Isolation: 70 dB, Min 

80 dB, Typ 
• Switching Speed: TTL Delay: 5 na. Max 

10%-90% RF: 10 ne. Max 
90%-10% RF: 10 na, Max 

• Video Transients: 50 mv, Max 
• Return Loss: Input: - 17 dB, Min 

Output (on): - 17 dB, Min 
Output (off): - 14 dB, Min 

• intermodulation: 
3rd Order 2 Tones vy + 7 am, 

- 50 dBc 

MODEL  

SWB-0070- 1A 
SWB-0070-2A 
SWB-0070-3A 
SWB-0070-4A 

FIGURE 14 



FIGURE 8-THE STRIPLNE OPPOSED EMETTER PACKAGE 

FIGURE 9-THE DUAL EMITTER BOND PACKAGE 
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FIGURE 10-THE INPUT MATCHED PACKAGE 
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MECHANICAL DATA 
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MOUNTING 
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Ce4 f SOLDER PIN 
.50-5 ModeSWET-0070-1A 

0 0 RFI 
 il FEEDTHRU 

SOLDER PIN 

Model SWB-0070-2A 

RF. 
FEEDTHRU 

SOLDER PIN 

Model' SWB-0070-3A 

Rn 
FEEDTHRU 

SOLDER PIN 

Model, SWB-0070-4A 

RFi 
FEEDTHRU 

CUSTOMER: 

AMERICAN 
MICROWAVE 
CORPORATION 

SWITCH SPECIFICATIONS DATA SHEET  

1.0 CONFIGURATION: 

2.0 FREQUENCY BAND ( GHZ): 

3.0 INSERTION LOSS: 

3.1) MAXIMUM: 

3.2) VARIATION: 

4.0 ISOLATION: 

4.1) MINIMUM: 

4.2) TYPICAL: 

5.0 SWITCHING SPEED: 

5.1) 50% TTL TO 90% RF 

5.2) 50% TTL TO 10% RF 

5.3) 10% RF TO 90% RF 

5.4) 90% RF TO 10% RF 

6.0 VSWR: 

6.1) INPUT 

6.2) OUTPUT (ON) 

6.3) OUTPUT (OFF) 

7.0 RF POWER: 

MODEL: 

7.1) CW 

7.2) PEAK POWER 

7.3) PULSE DUTY RATIO 

8.0 CONTROL: NO DRIVER 

TTL DRIVER = 

TTL DECODER 1=3 

9.0 POWER SUPPLY: VOLTAGE CURRENT (mA)  

+5 

+15 

-5 

-15 

10.0 CONNECTORS: 

OPT: 

10.1 RF: SMA N BNC TNC 

10.2 POWER: MULTI-PIN SOLDER PIN 

10.3 CONTROL . SOLDER PIN SMC SMA 

11.0 INTERCEPT POINT: 

11.1 3rd ORDER 

dBm @ 

11.2 2nd ORDER 

dBm @ 

dBm input power 

dBm input power 

12.0 VIDEO TRANSIENTS: 

MV, MAX 

13.0 PHASE TRACKING: 

DEGREES MAXIMUM DEVIATION 

FIGURE 15 
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RGURE 12-AN EIOLATED COLLECTCFI PACKAGE WITH NTERNAL MATCHNG 

FIGURE 13-THE MAAC PAC (MaronOlA ADVANCED AMPLIFIER CONCEPT PACKAGE) 

FIGURE 14--THE COMMON EMITTER TO-39 

m  Tit 

FIGURE 15-THE COMMON EMITTER TO-220 
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A Low Noise Fiber Optics Receiver/Amplifier in VHF Range 

by 
Lajos Burgyan 

Signetics Corporation 
P.O.Box 3409, Sunnyvale, Ca 94088-3409 

Despite numerous advantages, the relatively high cost of fiber-optic 

transmission prevented its wide- spread industrial acceptance. High 

bandwidth- distance products, a prerequisite for cost-effectiveness, could 

not be achieved with relatively inexpensive components. The latest 

technological advances on both transmitter and receiver sides, however, are 

about to change that. 

T Mar 

Starting at the transmitter side (Figure 1), the two major problems of the 

past were the unavailability of inexpensive, light emitting diode 

(LED) transmitters, capable of 10-20 MHz modulation rates, and the 

compounded problem of cost and reliability of laser diodes, required 

for large channel capacity, single mode, long-distance systems. 

In examining the present status of the fiber-optic industry we observe, 

however, that new generations of LEDs, used in most short-range, 

multimode transmitters, can achieve wide modulation bandwidths, enabling 

system designers to develop cost-effective systems. For example, 

commercially available 820-850 nanometer AlGaAs surface emitting devices 

have significantly decreased in price and can be used up to and beyond 100 

MHz (200 MBaud). InGaAsP LEDs can be used in the 1.3pm range. Their highly 

doped versions can be modulated up to bandwidths of several hundred MHz at 

the expense of lower output power. 

InGaAsP laser diodes can go well beyond 1CHz. Their higher output power and 

an order of magnitude narrower spectral widths make these devices the ideal 

choice for long-range, very high data rate telecommunication systems. 

Receiver 

The key to cost effectiveness at the receiver side is the ability to offer 

monolithic IC building blocks that can match those high transmitter data 

rates with bandwidth, large dynamic range and low noise. These kinds of 

IC building blocks weren't readily available in the past. Consequently, 

system designers had to choose between limiting data rates to below 20 MBaud 

or using costly hybrid modules. 

Signetics' solution to the problem is the introduction of the SE/NE5212 

trans- impedance amplifier (TIA). 

Although the real meaning is different, ' trans- resistance' and 

'trans- impedance' are used interchangeably in practice. These names 

designate that these types of amplifers are current-driven at their 

inputs and generate voltage at their outputs. The transfer function is 

therefore a ratio of output voltage to input current with dimensions of 

ohms. Since the input is current driven, the input resistance must be low, 

which means low input voltage swings, no capacitive charge/discharge 

currents and wide frequency response with a generous phase margin. 

Alternative approaches to the TIA, such as high input impedance FET 

preamplifiers vith a shunt input resistor, tend to be more bandwidth 

limited. They exhibit integrating characteristics, and therefore must be 
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equalized by a differentiating second stage to achieve broad frequency 

response. The integrating input stage, however, is prone to overload with 

signals that have high low- frequency content. If the amplifier overloads for 

any reason, the integrated waveform cannot be restored by differentiation 

and dynamic range suffers despite the low noise characteristics. 

Since the trans- impedance configuration does not have this problem, its 

superior dynamic range, inherently large bandwidth and compatibility 

with low cost IC technologies make it an attractive approach. 

The NE5212 

The NE5212 TIA is a low noise, wide band integrated circuit with 

single signal input and differential outputs, ideally suited for fiber 

optic receivers in addition to many other RF applications. 

As shown in Figure 2, a differential output configuration was chosen to 

achieve good power supply rejection ratio and to provide ease of interface 

with ECL type post- amplifier circuitry. The input stage (Al) has a low noise 

shunt- series feedback configuration. The open loop gain of Al (RF.infinite) 

is about 70; therefore, we can assume with good approximation an input stage 

trans- resistance equal to the value of Re=7.4 KOhms. Since the second stage 

differential amplifier (A2) and the output emitter followers (A3 and A4) 

have a voltage gain of about two, the input to output trans- resistance is 

twice the value of RF, about 14.5 KOhms. The single- ended trans- resistance 

is half of this value_ 

Returning to the input stage (Figure 3), a simple analysis can be used to 

determine the performance of the TIA The input resistance, Rin , can be 

calculated as 

vin 
Ri =   

RF 7400 
104 Ohms 

un 1 4. Am. 1 . 70 

More exact calculations lead to a slightly higher value of 110 Ohms. 

The collector- base capacitance (Cjii=0.12 pF) of Ql is by far the largest 

contributor to the input capacitance due to the Miller- effect: 

Cm n = Cm( 1 4. 70 ) 9 pF 

Thus, while neglecting driving source- and stray capacitances, Ci f, and Ri n 

will form the dominant pole of the entire amplifier: 

1 1 1 
Lade  f- 301I  - 180 MHz 

2m Rin Cm n 2n RF Cpt 2m 7.4x103x0.12x10-12 

Although significantly wider bandwidths could have been achieved by a 

cascode input stage configuration, the present solution has the advantage 

of a very uniform, highly de- sensitized frequency response because the 

Miller- effect dominates over external photodiode and stray capacitances. 

As an example, a relatively high source- capacitance of 4 pF would decrease 

the bandwidth by only about 30% Consequently, the NE5212 will be 

relatively insensitive to PIN photodiode source capacitance variations. 

Since the dominant pole of the amplifier is at the input node, PIN diode 

source capacitance will not degrade phase margin. 

Package parasitic, 

Package parasitics, particularly ground- lead inductances and parasitic 
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MICROSTRIP MINIATURE TRANSFER SWITCH 

by 

Dr. Rajeswari Chattopadhyay Eswarappa 

Chief Engineer Asst.Ex.Engr. Delhi Univ. 
P.K. Atrey 

Transmission R&D 
Indian Telephone Inductrice Ltd. 

Bangalore, India 

ABSTRACT 

A microstrip transfer PIN switch has been developed for the 

675 MHz digital microwave system of Indian Telephone Industries 

Limited, Bangalore. It uses lumped elements to provide 90° 

electrical length between two diodes which is required to 

increase isolation. An isolation of more than 50 dB is obtained 

at two isolated ports in the 600 to 750 MHz frequency band with 

a minimum of 15 dB return loss at all the four ports. The 

maximum insertion loss obtained in the band is 0.8 dB. The 

switch is TTL compatible and has replaced the bulky, coaxial 

switch which used relays. 

INTRODUCTION 

Transfer switches are required to switch two transmission 

lines betaween the antenna and load Zo . The configuration of a 

transfer switch using PIN diodes is shown in Fig.(1). When the 

control voltages Vol and Vo2 are positive and zero respectively, 

only the diodes DI and D3 conduct and lines ( 1) and ( 2) get 

connected to the antenna and load Zo respectively. When the 

control voltages Vol and Vo2 se zero and positive respectively, 

only the diodes D2 and D4 conduct and line ( 1) gets connected to 

the load Zo and line ( 2) gets connected to the antenna. First, 

a switch was developed with only one diode in each path and then 

a switch with two diodes in each path separated by an electrical 

length of 90° made of lumped elements was developed. The 

development of these switches will be discussed in the following 

sections. 

Microstrip Transfer Switch with One Diode in Each Path: 

The configuration of the microstrip transfer switch with 

one diode in each path is shown in Fig. ( 2). The switch was 

developed on 1/32" thick Teflon fiberglass substrate ( E r 2.54) 

using HP 5082 — 3001 glass package PIN diodes. The high 

frequency chip capacitors were used for DC blocking. Air—core 

coil inductors were used for RF to DC isolation. The measured 

performance of the switch is shown in Fig. ( 3). The minimum 

return loss obtained is 22.0 dB. The isolation at port No.3 has 

decreased from 29.0 dB to 26.5 dB over the 600 to 750 MHz 

frequency band. The minimum isolation obtained at port No.4 is 

34.5 dB. The isolation at port No. 3 is about 6 dB less than 

that of the isolation at port No.4. This is because the two 

signals add in phase at port No.3. The maximum insertion loss 

obtained is 0.5 dB. 

Microstrip Transfer Switch with Two Diodes in Each Path: 

The isolation is expected to increase when two similar 
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capacitances, can significantly degrade frequency response. To minimize 

parasitics, the NE5212 is offered in a 14- pin as well as an 8- pin 

package. The 14- pin version uses multiple grounds to minimize ground 

wire- bond inductances and leaves pins adjacent to the input unconnected. 

This will minimize parasitic capacitance and feedback from the outputs. 

Since the 8- pin version cannot afford all these techniques, its frequency 

response is inevitably compromised. 

While the surface mount SO- 14 version has a typical bandwidth of 150 MHz, 

the SO-8 version achieves 125 MHz. The difference in bandwidth can be 

utilized advantageously by choosing the appropriate package type and 

bandwidth as dictated by a particular system requirement. 

Further bandwidth modifications can be achieved by a small capacitance 

between input and output or input and ground. Since the NE5212 has 

differential outputs, both peaking and attenuating type frequency response 

shaping are possible. 

Fighting noise 

Since most currently installed and planned fiber optic systems use 

non- coherent transmission and detect incident optical power, receiver noise 

performance becomes important. The SE/NE5212 goes a long way towards solving 

this problem. Its input stage configuration achieves a respectably low 

input referred noise current spectral density of 3 pA/z, measured 

at 10 MHz. This low value is nearly flat over the entire bandwidth. The 

trans- resistance configuration assures that the external high value bias 

resistors, often required for photodiode biasing, will not contribute 

to total system noise. As shown in the following equation [ 1], the 

equivalent input RUS noise current is determined by the quiescent operating 

point of Q1, the feedback resistor, Rs, and the bandwidth, AV, however, 

it is not dependent on the internal Miller- capacitance. The noise current 

equation is then 

leso = e2 (Cs.Cni)20...4kT rse , W2 (1 20  

RF 8.1;1 2 

Using design values of Icsi=0.5 mA, RF=7.4kOhms, 0.5o and àf=100 Wiz, the 

frequency independent term yields 25 nAe ss noise. Design values for the 

frequency-dependent term are: Cs=1.3 pF, Cwi=0.7pF and rssi =170 Ohms. 

The measured integrated noise was 33 nA. 

Testing the NE5212 

Connecting the NE5212 in an actual fiber optic pre- amplifier configuration, 

dynamic range, transient response, noise and overload recovery tests 

are easily measured (Figure 4) . In order to replicate actual 

parasitic capacitances, effects of the photodiode bias network and circuit 

layout effects, the test circuit should closely resemble the real 

application conditions. If the intention is to use the device in die form, 

then the actual hybrid circuit mounting techniques should be used while 

testing. 

In the test circuit shown, an 850 ni modulated laser light source feeds an 

HP-HFBR2202 PIN photodiode which is mounted in close proximity to the 

NE5212 input. The R-C filter in series with the photodiode eliminates 
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diodes separated by a quarterwave transmission line are used in 

each path instead of one diode. At the frequency at which the 

electrical length between the diodes is exactly 90° , the 

isolation will be double that offered by a single diode. The 

dimensions of the switch become too large if the distributed 

quarterwave lines are used because the length of a quarter wave 

line on 1/32" thick Teflon fiberglass ( E r=2.54) is approx. 7.5 

cm. The equivalent T- or 7T - section lumped element networks 

are very convenient in such applications. 

The element values of the T-equivalent lumped circuit 

calculated using the equations: 

f = 
1 

211' jrc 
, zo 

where fo = 675 MHz, Zo = 50 .11.. 

are L - 11.789 nH, C = 4.715 pF 

The air-core coil inductors were characterized by making them 

resonate in series with the chip capacitors. Johanson thin film 

variable capacitors were used as shunt capacitors. These 

capacitors were tuned so that a T-equivalent network consisting 

of L's and C offered a 90° electrical length at 675 MHz. The 

electrical lengths measured at the band edges ( at 600 and 750 

MHz) are approximately 77 ° and 105° . The switch circuit is 

shown in Fig. ( 4). A photograph of the unit is shown in 

Fig.(6). 

The measured performance of the switch is shown in Fig.(5). 

It can be seen that a minimum return loss of 15 dB is obtained 

over the required frequency band and is maximum ( 32 dB) 

around 700 MHz. The minimum isolation obtained is 50 dB. The 

maximum insertion loss is 0.8 dB. Almost similar results were 

obtained when the ports ( 2), ( 3) and ( 4) were taken as input 

ports. The increase in the insertion loss from 0.5 dB to 0.8 dB 

in the frequency band can be attributed to the lead inductances 

of the diodes. The computed results obtained taking the forward 

diode resistance as 1 ohm and the reverse junction capacitance 

as 0.2 pF are as follows: The return loss is more than 17 dB 

and isolation is more than 50 dB. 

The microstrip transfer PIN switch with lumped elements has 

given good results over a frequency bandwidth of 22% ( 600 to 750 

MHz). The switch being. a planar circuit can be easily 

integrated with other subsystems. 
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possible disturbances from the power supply Both differential outputs are 

AC coupled through 33 Ohm resistors in order to match to the 50 Ohm test 

system. In most applications these matching resistors are unnecessary. 

Performance evaluation in the linear region, including amplitude and phase 

response and power supply rejection can be accomplished by a network 

analyzer and S parameter test set (Figure 5) The simple equations given in 

the figure for the calculation of trans- resistance, RT , are accurate for 

R»Ri fl , where Ri fl is the input resistance of the NE5212. 

General purpose RF applications. 

Besides the main fiber-optic receiver applications, many other interesting 

possibilities exist for the the NE5212 Simplicity and ease-of-use ere 

the prevailing characteristics of this device For instance, amplifiers with 

20 dB gain can be built requiring only one external gain setting resistor 

(Figure 6). The voltage gain of the differential configuration with no 

load at the outputs can be calculated as follows: 

VI, ',out RT 
Vout RT =   RT and /4 - 

R, + R • Rh, vin R, + R • RI, 

where Rs is the signal-source resistance, R is the external gain setting 

resistor and RI, is the input resistance of the NE5212. Substituting the 

actual values: 

Av 
14000 

R, • R + 110 

where all values are in Ohms. The graph of Figure 6 is an experimental 

verification of this formula in a single- ended, 50 Ohm system, using the 

test configuration of Figure 5 Note the 6 dB loss due to the single- ended 

configuration and another 6dB due to the 50 Ohm load. 

As in all other RF applications, attention to power supply bypassing, 

clean grounds, and minimization of input stray capacitances is required 

for optimum performance. 

Another useful application of the NE212 is as a voltage controlled 

amplifier, using a DUOS FET device biased into the linear region (Figure 

7) An operational amplifier with supply- to-ground output swing and supply-

to-ground input common mode range (such as the Signetics NE5230) can 

provide adequate gate control voltage even with a single 5V power supply. 

This type of circuit can have 25d1 ACC range at 50 MHz and 45dB at 10MHz 

with less than 11 harmonic content. ACC range is determined by the ON-

resistance range of the FET and capacitive drain to source feedthrough If 

lowest RF feedthrough were required, the FET should be used in a shunt 

configuration rather than in a series. 

Turning towards en entirely different area of application, where contrary to 

the NE5212s' capabilities, poor phase margins are mandatory, a simple 

crystal oscillator with buffered output can be built using a minimum number 

of external components (Figure 8) The feedback signal is taken from the 

non- inverting output, while the inverting output provides a low impedance 

(15 Ohm) output drive. The crystal operates in its series resonance mode. 

Figure 9 shows a varactor tuned version with a large tuning range. In Figure 

10 the circuit has been optimized for stability at the expense of tuning 

range 
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In RF amplifier applications it is often desirable to limit the amplifier 

bandwidth in order to minimize noise and RFI. The 100-150 MHz bandwidth 

of the NE5212 can be easily modified by connecting a capacitor to the input 

pin. The device bandwidth then becomes 

L3d11 

1 

2m Rin (C10.4xT) 

where Ron is the input resistance, Con is the input capacitance as 

specified in the data sheet and CugT is the external capacitance. For 

example, a CExT .33 pF will reduce the amplifier bandwidth to 42 Wiz with a 

single pole roll-off. The transfer curve is shown in Figure 11. 

Single- ended to differential conversion is another useful application for 

the device. Impedance matching is easily accomplished by resistors 

connected in series with the outputs. 

The NE52I2 was designed using an advanced oxide- isolated bipolar process. 

This technology advantageously combines the required characteristics of 

low noise, large bandwidth, and relatively low cost, due to its high 

density. The under $2.00 quantity- price of the device, coupled with the 

capability of up to 300 Maud data rates will lead to further cost- reduction 

of fiber-optic receivers Due to its versatility, many non- fiber optic 

applications are also possible. 

Reference: 

[I] Robert. G. Meyer, Robert A. Blauschild . 'A Wide-Band Low-Noise 
Monolithic Transimpedance Amplifier.' IEEE journal of Solid- State 
Circuits, Vol. SC- 21 No 4, pp 530-533, Aug. 1986. 
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MATHEMATICS OF THE LINVILL STABILITY CRITERIA( 

by 

Bob Gunderson 

Member of Technical Staff 

Hughes Aircraft Company 

8433 Fallbrook Avenue 

Canoga Park, Ca. 91304 

For the power transistor, the ' y' parameters at various fre-

quencies are known. The device input admittance and the output 

admittance are complex. The transistor may not be stable at some 

frequencies or loadings. The RF designer is interested in finding 

circuitry and loading which will produce stability. He looks first 

at the output. Finding this he then determines the input network. 

Fcr the mathematics to be used the following circuit model will be 

used. 

VS 

A-71 
Y "  

Y 

IL 

Figure 1, ' Y' Parameter Transistor Circuit 

A technique the designer may use to select the the output 

circuit is the mathematics of Linvill. The output power from the 

device is described by a parabaloid of revolution. The power 

input to the device is described by an inclined surface, the input 

power plane. This inclined plane intersects the parabaloid of 

revolution. The slope and angles of orientation are dependent upon 

both device parameters and the output loading. 

POWER INPUT 
SURFACE 

POWER OUTPUT 
SURFACE 

Figure 2, Power Input and Output Surfaces 

The parabolic power surface of revolution rests on the LM plane. 

This LM plane is a Smith chart rotated 180 degrees. The axis of the 

paraboloid of revolution is perpendicular to the LM piare. The intar-

section of the LM plane and the paraboloid is a circle of unit radius. 

The center of the circle is at L•1 and M=0. Recapping, Po and 

Pin is represented in a three-dimensional coordinate system whose 

axes are L, M, and P ( power). The LM plane represents the zero 

power output reference. 
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Po 

Po . Re ( V2 IL *) 

2 Re Y22 

( L2 4. M2 l , y 2 
' 1 2111  

4 Re Y22 

From the above equation the power is also zero if L = 2 and 

M = 0; or if L = 1 and M = 1. And also is if L = 1 and M = 1; 

and is if L = 1 and M = - 1. The result of the intersection of 

the paraboloid and the LM plane is a circle of unit radius in the 

LM plane. The center of the circle is at L = 1, M = O. 

Figure 3, Sketch of Power Output as a Function of L and M. for 
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Figure 4, Sketch of Power Input as a Function of L and M. 

Consider a property of the LM plane following from the fact, 

and 

V2 

YL ' Y22 ' 

Y 21  . 

Y22 ' YL 

2 Re y22 

L + j M 

Any point in the LM plane represents an admittance whose value is 

related to YL y22 . If Y22 of the active device is known 

then the load admittance YL can be calculated. The expression 

can be rationalized to give real and imaginary 

Y2J 

2Re y22 

( L + jM ) 

YL Y22 
parts. Using the Smith chart overlay, it should be remembered that 

any immittance chosen from it is a sum, LL and y22 . In finding 

L values, a conversion from the readings taken from the Smith 

chart must be done. 

E 3 MI M. L.5 MI MI MI MM 1112111 8:511 I=1 EMS MI 1=11 I= =I 
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CONDUCTANCE READ FROM THE SMITH CHART 

gc 

Re ( YL ) 

g22 

SUSCEPTANCE READ FROM THE SMITH CHART 

bc 

g 22 

These results will be used later after the Linvill charts are 

plotted. 

The following are equations that will be used to prepare the 

Linvill chart. 

GRADIENT LINE ANGLE, er 

= tan- 1  /m ( Y12 Y21 ) 

- Re ( y12 y21 ) 

STABILITY FACTOR, C 

(Less than one, unconditionally stable) 

1Y12 Y 211 

2 g ll g 22 - Re ( Y 12 Y 21 ) 

GAIN AT MAXIMUM POWER OUTPUT, G00 

G00 
2 

Y21 

Y12 1 ( In dB= 10 log G00) 

275 

MAXIMUM GAIN, GmAx 

(Available power gain) 

GMAX = Kg G00 

Kg 

GAIN CIRCLE DATA 

GAIN RATIO  

g -

2 

G 

G00 

DISTANCE TO CENTER OF GAIN CIRCLE, FROM LINVILL CHART CENTER, 

ALONG GRADIENT LINE  

d = -g 
2 

RADIUS OF GAIN CIRCLE  

(Radius of Linvill chart is unity) 

2 

= - g + —2-
2 



A Thermally Tuned VCO 

Albert Helfrick 

Dowty RFL Industries, Inc. 
Powerville Road 

Boonton, NJ 07005 

Electronic tuning of an oscillator is almost universally 

accomplished with a varactor diode. There are, however, some 

applications where the use of the varactor poses some problems. 

nne such example is a high power oscillator where the high voltage 

present in the oscillator tuned circuit causes either conduction 

of the diodes or 

using a varactor 

turn-on. A high 

controlled using 

diode breakdown. Likewise, a pulsed oscillator 

diode can cause a transient frequency shift at 

power or pulsed oscillator frequency can be 

heated ceramic capacitors without the problems 

of a varactor diode. 

Figure 1 shows an oscillator using a pair of temperature-

compensating ceramic capacitors heated with a resistor for 

frequency control. Although the example circuit operates at a 

relatively low power level, the technique can be adapted to 

oscillators of practically any power level. For the demonstration 

circuit, two common N2750 ceramic disc capacitors were used. The 

dipped insulation was removed from the capacitors using a file 

and a ceramic-based resistor was sandwiched between the two 

capacitors. Thermal heat sink compound was used to insure good 

thermal contact between the resistor and capacitors. The ceramic 

resistor was used because of the relatively high power dissipation 

• 1 7 7.) 

of this resistor for its small size. A good source of flat 

ceramic resistors is the DIP or SIP resistance pack where all of 

the resistors can be placed in parallel. 

Figure 2 shows the frequency-voltage and the frequency- time 

characteristics of the test oscillator. As suspected, the 

oscillator shows a significant time delay between the applied 

control voltage and the frequency change. This limits the 

applications for such an oscillator and precludes any applications 

requiring rapid frequency correction. An oscillator of this sort 

would be suited for the control of industrial heating equipment, 

where frequency control is necessary because of FCC requirements, 

but tolerances are loose. Another application is for radar 

transponders where a high power oscillator is pulsed but the 

frequency control is loose ( 0.3%). 

One of the significant disadvantages of the demonstration 

thermally- tuned oscillator is the use of a capacitor with a high 

temperature coefficient. Unless the temperature coefficient 

exactly compensates for the temperature variation of the oscillator 

inductor, the oscillator will be unstable with ambient temperature. 

Of course, the oscillator is to be used in an electronically 

stabilized system and the temperature instabilities will be 

corrected. However, the inherent instabilities subtract from 

the possible tuning range of the system. To achieve nominal 

operating frequency the capacitor must be adjusted to a temperature 

equal to or higher than the highest desired ambient temperature. 

This is not an impossible situlation, as it is often done in 

crystal ovens and temperature stabilized voltage references. 



CALCULATOR PROGRAM, HP 15c Linvill Gradient Line Angle. 0 

and Stability Factor, C 

REG VALUE TRIAL NUMBERS 

1 9 11 17.2 
2 b11 11.6 
3 912 0 
4 612 -0.64 
5 921 32.2 
6 b21 -63.1 
7 922 0.27 
8 b22 1.89 
g 

gresult '49'39 
—1 .0 0result -'„' ''. 

.1 Y12Y21 "' 339 

.2 0 -27.03 

.3 C 0.9127 

LINE KEYCODE REVS VALUE 

001 42,21,11 f LBL A 

002 45 3 RCL 3 912 
003 45 4 Rd. 4 012 
004 42 25 

f 1 Y12 
005 45 5 RCL S 921 
006 45 6 RCL 6 621 
007 42 25 

f I Y21 
008 20 _ 1 Y12Y21 

Gradient Line Angle and Stability Factor Program, continued 

1 LINE KEYCODE KEYS VALUE 

009 44 9 510 g STORE g, 

010 42 30 f Re 1.1e 

011 44 .0 STO . 0 STORE 6, 
012 42 30 f Re¡rle 

013 43 1 g —s•P IY12 Y211 
014 44 .1 STO . 1 
015 43, 5, 8 g a 6 CLEAR COMPLEX mODE 

016 45 .0 ROL . 0 IN ( yl2 y21) 
017 45 9 RCA. 9 Re 6, 12 y21 1 
018 16 CMS 

-Re (Y12 Y21 ) 
0 19 10 

.÷. in (Y12 Y21 )/- R. (Y I2 Y21 ) 

020 43 25 g tan -I ten -1 (Re(Y 12 Y21 1/444 12 Y21 )) 
021 44 .2 STO .2 e-

022 2 2 2 
023 45 1 W1 1 911 
024 
025 

20 
45 7 ROL 

2911 
922 

026 20 
027 45 9 RO. 9 

2911 922 
Re (Y12 Y21) 
2 911 922 - Re (YI2 Y21) 
IY12 Y211 
2911 922 Re 412 y21) 
1Y12 Y211/ (2 911 922 Pe (YI2Y21)) 

028 JO 
029 45 .1 M. . 1 
030 34 OY 
031 
032 

10 
44 .3 STO .3 

033 g RTC PROGRAM END 
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As an example, if the capacitor were operated at a nominal temp-

erature of 85 C for a maximum ambient of 70 C, the maximum 

temperature variation would be 15 degrees negative and as much 

positive variation as the components would allow. For maximum 

frequency variation, the nominal operating temperature of the 

controlled capacitor would be midway between the maximum temp-

erature that the heated capacitor would allow and the highest 

ambient temperature expected. The significant disadvantage of 

this is that there 

the temperature of 

In the case of the 

would be a 'warm up" period in order to bring 

the heated capacitor to the operating point. 

demonstration oscillator, standard off-the-

shelf components were used which were relatively large and had a 

significant thermal inertia. Small geometry ceramic capacitors 

with integral heating elements could be fabricated to reduce the 

thermal inertia and improve the thermal coupling to reduce this 

problem to an acceptable level. 

A solution to the warm-up problem is shown in Figure 3. In 

this example the oscillator tuned circuit is resonated with two 

capacitors. The capacitors have identical values and equal but 

opposite temperature coefficients. Therefore, the combination 

of the two temperature coefficients would theoretically be equal 

to zero. 

In this example, each capacitor would be individually 

heated, allowing the oscillator frequency to be increased by 

heating the negative coefficient capacitor or lowered by heating 

the positive coefficient capacitor. 

Two advantages are available from this arrangement. First, 

the oscillator will be more ambient-stable as previously explained. 

Secondly, the tuning range of the oscillator would be twice that 

obtained with a single capacitor, as each capacitor could be 

heated from the ambient to the maximum temperature the capacitor 

would allow. In addition, the capacitors do not need to be pre-

heated to a temperature above the ambient and thus there would 

be a saving of power. Since one capacitor would provide an 

upward variation of frequency while the second capacitor would 

provide a similar downward frequency variation, the total vari-

ation is twice what a single capacitor would supply. 

From a practical standpoint, positive temperature capacitors 

are rare. A quick check of major capacitor manufacturer's 

librature indicated that only P100 temperature coefficient 

capacitors were available. In addition, there was no standard 

corresponding negative coefficient, the closest being N080 or 

N150. A parallel combination of equal P100 and N150, for example, 

will produce an equivalent temperature coefficient of N50. Since 

most inductors require a negative temperature coefficient capacitor 

for temperature stabilization, this was not considered as a 

significant deterrent. 

The significant problem was the fact that the largest 

positive temperature coefficient of off- the- shelf capacitors 

was only 100 PPM/C. For many applications, much larger coefficients 

would be desired. fine manufacturer of ceramic capacitors was 

contacted to determine the range of positive temperature coeffi-
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The preceding complex arithmetic program calculates both the 

stability factor and the gradient line angle by the Linvill technique. 

The HP 15c has two parallel stacks for number manipulation. The 

first parallel stack contains the real part of the complex number; 

the second stack contains the imaginary part of the complex number. 

Once the complex numbers are loaded into the stack, the complex 

arithmetic follows as if you were carrying out ordinary arithmetic 

operations. 

Between lines 002 and 007 the parameters for yI2 and y2I 

are loaded into the stack. The complex product yI2 y2I is taken at 

line 008. The real and imaginary parts of this product are stored 

in registers 9 and . 0 The real and imaginary parts of yI2 y2I 

are recalled, divided, and the gradient line angle, 4e calculated. 

This is at lines 016 through 020. The factors for the calculation 

of the stability factor, C are recalled and operated on. This 

is in lines 022 through 031. Finally the result, C is stored 

in register . 3 

CALCULATOR PROGRAM FOR THE GAIN AT MAXIMUM POWER OUTPUT, P00 

This program gives G00 in dB. This is the power level of the 

gain circle that passes through the LM plane at L = 1 and M = 0, 

(the center of the Smith chart). The values of the transistor ' y' 

parameters must be in the memory stack; and program ' A' must have 

been run, so that ' C' is stored in reg . 3 
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Maximum Power Output, Poo program 

LINE KEYCOCE KEYS VALUE 
172 42.21.14 f LIIL 0 
173 45 S 

Pal 5 921 
174 45 6 RD. 6 b21 
175 42 25 1 MWE TO COMPLEX STACK 
176 4S 3 

n1 3 12 
177 45 4 RCL 4 b12 

178 42 25 1 M3VE TO COMPLEX STACK 
179 10 f Yn/nz 

180 43 1 —41..p IY21/Y121 
181 43. 5, 8 CF 8 CLEAR COMPLEX FUNCTION 
182 45.3 RD .3 c 
183 20 x 
UM 2 2 
185  10 -f 

C Y21 I 
2 Y12  I 1   

186 43 13 g LOG 
tel 1 1 
188 0 0 
189 20 2 
190 43 32 R171 G 

oo In de 
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cient capacitors available. It was learned that positive temp-

erature coefficient capacitors were available to P600 and higher. 

These were not generally off- the-shelf capacitors, but are 

practical capacitors. 

One practical application of the thermally-tuned oscillator Li I I RI 
1.25uH 47•Q 1000 

is to stabilize a power oscillator for use in the ISM ( industrial, 

scientific and medical) band. This frequency band is set aside I I L _ - 

by the FCC for RF heating, burglar alarms, and motion and position 

sensing. The nominal frequency of the ISM band is 915 MHz and 

the tolerance is +/- 13 MHz, which is primarily to accomodate 

free-running oscillators. The tolerance of +/- 1.4% is achievable 

with a careful design of a low power oscillator. There are good 

reasons to include additional frequency stability into the design 

of an ISM oscillator. Achieving the desired stability would be 

more difficult for higher power oscillators. In addition it may 

be desirable to purposely offset the frequency of an ISM oscillator 

so that more than one system could coexist at a single location. 

This offsetting would ebb the permissable tolerance and require 

a more stable oscillator. 

Figure 4 shows a block diagram of a stabilized 915 MHz 

oscillator using an inexpensive color burst crystal and an inex-

pensive ECL divider. In this example, an old-design phase/fre-

quency detector with separate pump-up and pump-down outputs is 

used. There are several LSI frequency synthesizer chips avail-

able with the separate outputs. To use a conventional single-

ended output phase detector, a window comparator would be required 

to provide the separate up and down control outputs. 

01uF 
J310 

V, 

guF 

1-11-1(:=JT 

3900 

Cl - 30 pF N750 Cep 
C2 - 82pF N750 Cap 
R1 = Cermet thin film resistor 
such as Dale M9340103 series 
Resistance depends on control voltage range. 

Figure 1. 30 MHz Test oscillator circuit diagram. 

• 
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TRANSISTOR .y , PARAMETERS, FOR SAMPLE CALCULATION 

Yll 17.2 + j 11.6 m mhos 

0 j 0.64 m mhos 
Y 12 

32.2 - j 63.1 m mhos 
Y 21 

Y 22 0.27 + j 1.89 m mhos 

GRADIENT LINE ANGLE  

▪ -27.03 DEG 

GAIN AT MAXIMUM POWER OUTPUT 

G = 
oo 

STABILITY FACTOR  

MAXIMUM GAIN 

G 
MAX 

• 

17.03 dB 

0.9127 

19.374 dB 

SAMPLE CALCULATION OF MAXIMUM GAIN  

3 

9 
2 [  1 C2 
Where C + 0.9127 

1.41982 

GmAX ▪ K g G00 

Where G = 50.5159 

G 71.7234 
MAX 

= 10 LOG 71.7234 
GMAXdB 

= 18.5566 dB 
GMAXdB 

This gain point on the paraboloid of revolution is the point 

where the input plane, so oriented, just touches the paraboloid. 

CALCULATION OF GAIN CIRCLE DATA 

GAIN RATIO 

.9. 

GAIN RATIO 
IN DB 

.gdB ' 

DISTANCE TO 
CENTER 

'd' 

RADIUS OF 
GAIN CIRCLE 

'r' 

1.41982 1.522 DB -0.6479 .00693 

1.25893 1.0 -0.574546 .266783 

1.0 0 -.456376 .456376 

0.707 -1.5 -.322658 .630165 

The distance is measured from the point L = 1, M = 0 ( The 

center of the Smith chart). A measurement from this central point 

to the edge of the chart is 3.57 inches. The above values of 

distance and radius are in relation to unity. These must be 

converted by a ratio of one to 3.57 This is so that the distances 

may be made directly on the Smith chart. Sample calculation, 

GMAX = 1.41982 X 50.5159 
din  

3.57 

278 

-.6479 
d. 
inches 

= 2.306 in 
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1 120 0 

E4,,edlimeMec0.11 

60 

Figure 2(b). Time-Frequency Dependence 

90 120 

Freq UP Freq DOWN 

Figure 3. Oscillator 
positive and negative 
icient capacitors. 

--/ 
‘,\ 

configuration with 
temperature coeff-

916.36 MHz 

-4 

( 
Raise !Lower 

r Phase-1 
'Detector- , 
'Motorola 
MC4344 

! + 256 

Plessey ISP4531 
I 
1 

3.579545 MHz 

RF Out 

Figure 4. Stabilized oscillator application. 
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DISTANCES IN INCHES FOR DIRECT TRANSFER TO THE SMITH CHART 

GAIN RATIO GAIN RATIO 
DB 

G00+548 DISTANCE TO 
CENTER OF GAIN 
CIRCLE IN INCHES 

RADIUS OF 
GAIN CIRCLE 
IN INCHES 

1.41982 1.522 18.55 -2.306 IN 0.02467 

1.25893 1.0 18.03 -2.04538 0.949747 

1.0 0 17.03 -1.62470 1.62470 

0.707 -1.5 15.53 -1.14866 2.24339 

Remember, the gradient line angle, - 27.03; and using these 

above values of distance and radius, draw the Linvill chart. 

LINVILL CHART 

Figure 5, Linvill Chart 
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The Linvill chart has been drawn from the ' y' parameters. 

These parameters were selected for the sample calculation. The 

LM plane of the power output graph has a correspondence to a 

Smith chart rotated 180 degrees. Points on this chart have a 

relation to the output load to be selected for the transistor. 

This output load may be selected from any point in the LM plane. 

But for this demonstration select a LM point under the maximum 

gain point. A G of 18.55 dB is read. Reading from the 
MAX 

Smith chart, the conductance is 2.2, and the susceptance is - 2.2 

These are related to the output load and the transistor reactance 

by the following, 

GL = 2.2 X g22 2.2 (0.27 ) = 0.594 m mho 

BL =-2.2 X g22 - b22 = -2.2 ( 0.27 ) -1.89 = -2.484 m mho 

OUTPUT LOAD FOR G 
MAX 

Y• G + j 81, = 0.594 - j 2.48 m mho 



Computer- Aided Design of a Bipolar Transistor Amplifier 

by 

Steven Hamilton, Judy Guild. and Krin Henderson 
EEsof, Inc. 

31194 La Baya Drive 
Westlake Village, CA 91362 

Introduction 

To be competitive in the RF and microwave hardware industry, companies 

must develop sophisticated components and systems at competitive prices --

with delivery schedules that tax the most experienced engineers. In response 

to growing market requirements many companies are turning to computer- aided 

engineering ( CAE) and design ( CAD) software to reduce design time and 

manufacturing costs. 

Different design techniques and problems must be understood in order to be 

efficient with computer- aided design. The purpose of this paper is to present 

many of the necessary design techniques typically used in developing a new 

component. The design of a medium power bipolar transistor amplifier serves as 

an example of how to use these new computer- aided tools in designing modern 

hardware. 

Design Outline  

The complete procedure used for this example will be as follows: 

1) Device Modeling 

2) Device Characterization 

3) Synthesizing A Matching Network 

4) Small Signal Simulation 
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5) Large Signal Simulation 

6) Fine Tuning the Design 

7) Generating the Layout 

8) Results 

9) Conclusions 

Device Modeling 

The first part of any active design begins with the DC characterization of 

the active device. For this example the device was a bipolar transistor. 

MRA0500-19L, manufactured by TRW. This device is a linear power transistor 

designed for Class "A" medium power linear amplifiers with a useable frequency 

range from 100 to 500 GHz. The transistor is a multi- cell device with internal 

matching and produces 19 watts @Vce-19 volts and Ic-3.5 amps when compressed 

1 dB. The small signal gain is 8 dB minimum. 

In order to predict device performance, a suitable model must be used in 

conjunction with a nonlinear simulator program ( mwSPICE) that can provide 

power measurement and S- parameters [ 1]. The Gummel-Poon model ( 2) for an NPN 

was used for this example. Initially, the I-V and C-V characteristics [ 31 

were measured to obtain the parameters for the BJT model. 

Table I lists the key parameters in evaluating the device. The 

performance of the mwSPICE circuit file listed in Figure A-1, Appendix A, was 

used for simulation. The default values of other model parameters ( not 

listed) were used during the analysis. Further details concerning 



THE INPUT MATCHING CIRCUIT 

Previously defined  ' y' parameters, at 200 mHz 

17.2 + j 11.6 in mho 

0 - j 0.64 m mho 

32.2 - j 63.1 m mho 

0.27 + j 1.89 in mho 

and YL has been selected, 0.594 - j 2.48 

Substitute these values into the following equation, 

yin Y11 
Y12 Y21  

Y22 4. YL 

( On the HP 15c, run GSB 1; Note y11 through y22 must be 

entered in registers 1 through 8. YL must be in reg . 9 & . 0) 

Y in 

= 37.97 + j49.6 

Figure 6, Input Matching Network 

A matching circuit is developed by starting with the admittance 

and working leftwards to obtain a 50 ohm termination. First 

the input admittance, 37.97 + j 49.6 m mho is not a normalized 

admittance. It must be divided through by a reciprocal 50 ohms. 
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This is equivalent to a division by 20 x 10 -3 . The normalized 

value is 1.898 + j 2.482 This normalized admittance 

can now be placed directly on the Smith chart. The normalized 

impedance and admittance coordinates Smith chart is best used 

here. The impedance values are on the orange lines; and the 

admittance values are on the green lines. Looking through from the 

green lines to the orange, transforms from admittance to impedance. 

Move counter-clockwise from - j 0.255, along a constant impedance 

circle, and arrive at -j 0.395 on the normalized 50 ohm circle. 

The difference of these two gives the normalized reactance the 

input impedance must first see. ( -j 0.395 - ( -j 0.255)) = - j0.14 

It is normalized, so it must be multiplied by 50 to obtain the 

reactance. 

-j 0.14 

x50 

-j 7.0 

1 1  
X = -7.0 = , C = 

2-rt fC 7.0 ( 2 x 3.14 x 200 x 10 6) 

C = 113.68 pF 

The impedance of the circuit is at this point parallel to the input 

impedance. Therefore conversion is now made to admittance, the 

ureett lines. 

IMMI 11=I MI MI Me IIE51 MI MI MI MI =II CM =II =I MI CZI 



Table I. Key BJT Model Parameters. 

Parameter Description Value 

IS 
BF 
VAF 
IKF 

ISE 
NE 

VAR 
RB 
RE 
RC 

CJE 
VJE 
MJE 
TF 

XTF 
VTF 
ITF 
CJC 
VJC 
MJC 

Transport Saturation Current 
Maximum Foward Beta 

Forward Early Voltage 
Beca Knee Current 

Base Emitter Leakage Current 

Base Emitter Leakage Coefficient 

Reverse Early Voltage 

Zero Bias Base Resistance 
Emitter Resistance 
Collector Resistance 

Base Emitter Capacitance 
Base Emitter Potential 

Base Emitter Coefficient 
Forward Transit Time 

TF Bias Coefficient 
TF Vbc Coefficient 

TF High Current Parameter 
Base Collector Capacitance 
Base Collector Potential 
Base Collector Coefficient 

1.5E-3 Amp 
85 
52 Volt 
80 Amp 

4E-5 Amp 

1.35 

6 Volt 

0 08 Ohms 
0.115 Ohms 
0.35 Ohms 

200p Farad 

0.20 Volt 
3.5 
115p Sec 

3.5 

3.0 Volt 
4.5 Amp 

115p Farad 
0.22 Volt 
0.185 

device model characterization will soon appear in an article in RF Design 

Magazine. Table II provides a description of key features of the mwSPICE 

circuit file. 

Table II. Circuit File Summary of Figure A-1. 

Circuit Data/Block Content 

subcircuit "TRAN" 

subcircuit " NET" 

MODEL block 

SOURCE block 

CONTROL block 

SPICEOUT block 

Describes all of the bond lead inductances and 
all internal parasitics associated with the 
packaged device. 

Supplies the biases to "TRAN." 

Describes the parameters used in the 
analysis. 

Provides a quiescent bias point. The AC 

input is used for the S- parameter measurement 

Lists the frequencies over which the S-
parameters will be measured with the stepped 
bias condition for I-V generation. 

Lists the desired data for output and the name 
of the S- parameter file where the data will be 
saved. 

Device Characterization 

Using the aforementioned circuit file, a simulation of the primary 

characteristics, I-V and S- parameters, was performed. In addition, to ensure 

that the mwSPICE model predicted the correct device performance, a comparison 

was made between the measured and mwSPICE-predicted I-V and S- parameter data 

over the design band of 170 to 230 MHz. 

Figure 1 shows the comparison of the measured and simulated I-V 

characteristics while Table III provides the S- parameter comparison of the 

packaged device. As seen in Figure 1 and Table III, the theoretical and 

measured data agree quite well. 
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.488 46 

We are at the point, 1 + j 2.05 admittance. Moving along the 

constant admittance circle to one, takes us in a negative admittance 

direction. Therefore the value is inductive. This distance is 

2.05 Multiply by 20 x 10 -3 (reciprocal 50 ohms). 

2.05 x 20 x 10-3 = 41.0 x 10-3 mho 

Take the reciprocal lo get it into a reactance value ( reciprocal of 

mho). X • = 24.39 

X • = 2/IfL 

24.39  

▪ 2 x 3.14 x 200 x 10 6 

▪ 0.0194089 micro henry 

((PUT IMPEDAMC 

Figure 7, Input Impedances 

Admittance, unbracketed 

Impedance, bracketed 
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CALCULATOR PROGRAM FOR INPUT IMPEDANCE 

Yin = Yll 
Y22 YL 

(equation obtained when the ' y' parameter 

model was first defined.) 

To run - GSB 11 ( to go to a line GTO CHS 191) 

(Note this program will eliminate any previously calculated values of 

4i- and C obtained in program A'. 

Y12 Y21 

KG I PAPStlER 

1 Yu 17.2 

2 17, Yu 

RE ri2 

11.6 

3 o 

4 In yi2 -0.64 

5 Piy2.1 32.2 

6 In r2i -63.1 

RE y22 0.27 

8 In y22 1.89 

9 P8 y 0.594 

.0 1M y1 -2.48 

.1 Pe (yn yt.) 0.864 

.2 In (y22 + YL) .0.590 

.3 PI 
IN 

37.96 

49.634 



Figure 1(a). Measured I-V curves. 

1_0RAIN 
REAL 

a. OCOCOE•00 act I. 00000E-01 2.200001.0i 

Figure 1(b). mwSPICE-produced I- V curves. 
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Table III. Comparison of Measured and Theoretical S- Parameters. 

Measured S- Parameters 

! MEASURED BY A NETWORK ANALYZER 

! VDS-19V, IDS-3.5A 

GlIZ S MA R 50 

I FREQ M(S11) A(S11) M(S21) A(S21) 14(812) A(S12) 8(022) A(S22) 

170.000 0.992 175.197 0.699 69.035 0.013 48.455 0.814 174.903 
180.000 0.992 174.885 0.676 65.900 0.013 47.980 0.813 175.069 
190.000 0.992 174.573 0.653 62.764 0.013 47.504 0.813 175.235 
200.000 0.992 174.261 0.630 59.628 0.014 47.028 0.813 175.401 
210.000 0.991 173.978 0.614 57.017 0.014 46.477 0.814 175.401 
220.000 0.990 173.696 0.598 54.405 0.014 45.925 0.816 175.401 
230.000 0.989 173.413 0.583 51.794 0.014 45.374 0.817 175.401 

mwSPICE-produced S- Parameters 

! GENERATED BY mwSPICE 

! TEMPERATURE - 27.000 DEC C 8/26/86 20:24:8 

* S GNZ MA R 50.0 

! FREQ M(S11) A(S11) N(S21) A(S21) M(S12) A(512) 8(022) N(022) 

170.000 0.986 175.620 0.700 69.790 9.6E-03 47.600 0.818 176.150 
180.000 0.986 175.340 0.675 68.380 0.010 48.300 0.816 175.830 
190.000 0.985 175.050 0.653 66.950 0.011 48.850 0.813 175.520 
200.000 0.984 174.750 0.635 65.490 0.012 49.260 0.811 175.190 
210.000 0.984 174.450 0.620 63.990 0.012 49.540 0.808 174.870 
220.000 0.983 174.140 0.608 62.460 0.013 49.690 0.805 174.530 
230.000 0.982 173.830 0.598 60.890 0.014 49.710 0.801 174.190 



CALCULATOR PROGRAM, 

FOR INPUT IMPEDANCE 

(Continued) 

191 42,21. 1 L8L 1 

192 45 7 pa. 7 922 

193 45 8 Ra. 8 b22 
194 42 25 -F I Y22 
195 45 9 Ro- 9 13,(L. 

196 45 .0 Po_ .0 - eyL 

197 42 25 •f 1 '1. 
198 40 + yz2 + YL 

159 44 .1 sro .1 RE (Y224 YL) 

Z20 42 30 f Pz?Llm 

201 44 .2 so .2 1m 

n la 33 RE;111 Y22 * 91 
333 45 3 Ra. 3 '312 

204 45 4 RCL U bj2 

205 42 25 { 1 YI2 

2:6 45 5 RCL 5 921 

337 45 6 Kt_ 6 bil 

2C8 42 25 I Y21 

209 20 X Y12 y21 

0.27 

1.89 

0.27 

0.594 

-2.48 

0.594 

0.864 

0.864 

-0.59 

-0.59 

0.864 

0 

-0.64 

0 

12.2 
-63.1 

32.2 

40.38 - 120.608 

210 45 .1 Ra. .1 Pz (y22 + Y ) I 0.864 

211 45 .2 Ra. .2 Im (y22 • YL -0.59 

212 42 25 f 1 Y22 + YL 0.864 

213 11) 17 
RO. 1 

Y12Y12/ (Y22* ILI 

Ill 

-20.7-133.0 
17.2 214 45 1 

215 45 2 Ra 2 b11 11.6 

216 42 25 •F i Yll 17.2 

217 34 X' s( YI2Y21/ (Y22'11. ) '20.7-7 38 .CI 

218 3) - 37.9.7 ,19.63 

219 44 .3 STO .3 Re Ytn 37.968 

220 42 33 { REIta 49.634 

221 44 .4 STO .4 im yin 49.6340 

222 42 30 4' Pz Z Ira 1In 17.96.J49.634 

223 43 32 RTN 
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THE CIRCUIT 

Figure 8, Transistor Matching Circuit 

It is assumed that the output circuits can be developed with 

the normalized impedance and admittance Smith chart. This is the 

chart used to develop the input circuits. 

MI =I !MI 112:1 MI SIMI 11111 NM MI MI MI I= MI =I =II MI !MI =II 



Synthesizing A Hatching Network 

With the DC/AC characterization verified, we were then ready to 

synthesize, in E-Syn [ 41, an input and output matching network based on the S-

parameter file that was generated from the mwSPICE model. For a power design, 

the output was matched for maximum output power while the input was designed 

for the best match. 

The input matching network utilized Chebyshev bandpass networks. Several 

circuits were provided during synthesis which satisfied the matching 

requirements. However, the Figure A-2 circuit was selected because it 

provided a DC block for the base of the SIT. 

The results of a power contour analysis revealed that S22 was the best 

match for maximum power; this occurred due to internal matching by the 

manufacturer. For this example, the nominal output impedance of the device 

was used as the load to be matched in E-Syn. The output circuit was then 

synthesized using a Chebyshev transformer ( Figure A-3) and matched to an 

output impedance of 5.2 Ohms. 

Small Signal Simulation 

The two networks synthesized in E-Syn were incorporated into the original 

circuit file ( Figure A-1) to create the Figure A-4 circuit file. Figure A-4 

is a Touchstone/mwSPICE circuit file modified to include S- parameters of the 

device ( S2PA) and allow for immediate cross-checking of return loss and gain 

in both the linear (Touchstone) and nonlinear ( mwSPICE) simulators. 

The Touchstone simulation of the complete circuit ( Figure 2) shows that 

the amplifier has a maximum input and output return loss of - 7.6 dB and the 

gain varies from 14.5 dB at the low end of the band to 12.8 dB at the high 

end. A tabular listing of the Figure 2 circuit file, Table IV indicates that 

the circuit is unconditionally stable for this simulation. 

15.00 

10.00 

5. 000 

o 09 (5211 yti 139(522) DB15111 

HET HET NET 

170 0 200. 0 FRED-MHZ 230. 0 

Figure 2. Small signal response in Touchstone 

Table IV. Small Signal Results. 

FREQ-KHZ DB[S21] DB[S11] DB[S221 

NET NET NET NET 

170.000 14.224 - 8.331 - 7.660 1.158 
175.000 14 389 -9.598 - 8.405 1.158 
180.000 14.455 - 10.619 - 9.227 1 15q 
185.000 14 337 - 11.594 - 9.867 1 163 
190.000 14 186 - 12.648 - 10.421 1.168 
195.000 14 042 - 13 890 - 10.816 1.170 
200.000 13.871 - 15.367 - 11 015 1.172 
205.000 13.820 - 16.647 - 11.288 1 182 
210.000 13.735 - 17.609 - 11.348 1 191 
215.000 13.517 - 19.407 - 10.864 1 191 
220.000 13.285 - 21.900 - 10.259 1.191 
225 000 13.050 -26.221 -9.548 1 191 
230.000 12.801 -37.245 - 8.795 1.191 

0. 0000 

-10. 00 

-20.00 
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PARAMETER CONVERSION 

(1 + s22) ( 1 - sil) + su s21 

Yn ( 1 + sii) ( 1 + s22) - su s21 

Y12 

-2 su 

( 1 + sii) ( 1 + s22) - su 

-2 s21  

Y21 - ( 1 sll) ( 1 s22) s12 s21 

(1 s11) ( 1 - s22) s12 s21  

Y22 - ( 1 s22) ( 1 sll) s12 s21 

with these equations, parameters measured in ' s' parameters 

can be converted to the admittance y' parameters. 

CALCULATOR PROGRAM, HP15c, PARAMETER CONVERSION ' s TO ' y' 

0 Sil R .13548 .2395 

1 S11 1 -.54337 .9606 

2 
S12 R .0064279 .001730 

3 
S12 1 .00766043 -.001066 

4 521 R -1.3339 -.06387 

5 
S21 I 1 3.6648 3.049 

6 
S22 R ' . 60211 .06957 

7 
S22 1 -.37624 .884 

8 DENO P 1.65 
(1+S 11)(14S 22 )- 12S21 (P ) 

9 DENO. I -1.3 (I ) 

.0 
Sl2S21 R -36.648x10-3 

.1 S12S21 1 13,33910 -3 _ 
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'S' TO ' y' CONVERSION, continued 

071 42,11,15 La_ E 

072 45 2 RC1_ 2 

073 45 3 RCL 3 

0.741 42 25 f 1 
075 45 4 Kt 4 

076 455 RCL 5 

077 42 25 f 1 . 
078 20 X 

079 44 . 0 sro . 0 

080 42 30 { 124 - 1-

081 44 . 1 STO . 1 

082 1 1 
083 45 0 Ro_ 0 

084 45 1 ou 1 

085 42 25 f I 
086 40 • 

087 1 1 
088 45 6 RCL 6 

089 45 7 Rot 7 

090 42 25 f 1 
091 40 4. 

092 20 X 

093 45 . 0 RCL . 0 

094 45 . 1 Rct. . 1 

095 42 25 f I 

096 30 - 

097 I 44 8 STO 8 

098 42 30 f Pe.?kl+, 

099 44 9 STO 9 

100 '12 30 P fl 

131 1 1 

102 45 6 RCL 6 

103 45 7 RCL i 

104 42 25 f I S22 

105 40 ( 1 4. S22) 

106 1 1 

107 45 0 RCL 0 

108 45 1 Rol. 1 

109 42 25 f 1 
110 30 - 

111 20 x 
112 45 . 0 RCL .0 

Sl2S21 
113 45 . 1 au . 1 

114 42 25 ; 1 

115 40 • 

116 45 8 RCL 8 

117 45 9 RCL 9 

118 42 25 H 

119 li) 

120 44 . 2 STO . 2 

121 42 30 f fel-• 

122 44 . 3 STO . 3 

123 2 2 

124 16 CHS 

125 45 2 RCL 2 



Large Signal Simulation 

mwSPICE was then used in conjunction with the circuit file ( Figure A-4) to 

to simulate the large signal performance of the complete circuit. An input 

power level of 1 watt (+30 dBm) was used during the simulation because the 

device was designed for a particular application. Figure 3 shows the 

simulated output power and gain vs. input power. 

At the 1- watt drive level, the device response was in the linear region; 

therefore, both the linear and nonlinear simulators should have yielded the 

same results. This was verified by comparing the graphs of Figures 2 and 4. 

0 OUTPUT 

REAL 

44.017 

30.00 

34.00 

PIN 

4. CAIN 

REAL 

2.70000(.01 3.00000(.01 

12.00 

7. IT..0 

2. COO 

3. 30001X.01 

Figure 3. Output power and gain vs. input power response in mwSPICE. 
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o GAIN 

PEAL 

13. OD 

10. OD 

14.033 

PEAL 

0. MOO 

-10.00 

-20.00 

Lunmx.os nno I. 757F•00 2. 30100E.00 

Figure 4. Return loss and gain vs. frequency response in mwSPICE. 

The results of the mwSPICE Fourier analysis (Table V) then indicated that 

the second harmonic had the highest level at - 31 dBc. 

Table V. mwSPICE-Produced Fourier Analysis of Circuit. 

DC COMPONENT - 1.345D+00 
HARMONIC FREQUENCY FOURIER NORMALIZED PHASE NORMALIZED 
NO (HZ) COMPONENT COMPONENT (DEC) PHASE ( DEC) 

1 2.300D+08 1.779D+01 1.000000 -29.160 . 000 

2 4.600D+08 5.108D-01 .028709 - 119.318 - 90.158 

3 6.900D+08 1.229D-01 . 006910 - 55.691 - 26.531 

4 9.200D+08 5.701D-02 . 003204 - 12.316 16.844 

5 1.150D+09 3.966D-02 . 002229 1.091 30.251 

6 1.380D+09 3.140D-02 . 001765 2.539 31.700 



's' TO y CONVERSION, continued 

126 45 3 

127 42 25 

RCL 3 

{ 

128 20 

129 45 8 RCL 8 

130 45 9 RCL 9 

131 42 25 

132 10 4-

133 44 . 0 STO .4 

134 42 30 RI 

135 44 . 5 sto . 5 

136 2 2 

137 16 CMS 

138 L45 14 

139 45 5 

RCL LI 

RCL 5 

140 42 25 

141 20 X 

142 45 8 RCL 8 

143 45 9 RCL 9 

11.14 42 25 

145 10 
146 44 . 6 STO .6 

147 42 30 R I 

148 44 . 7 STO .7 

149 1 1 

150 45 0 RCL 

151 45 1 RCL 1 

152 42 25 

153 40 

154 1 1 

155 45 RCL 6 

156 45 7 

157 

158 

159 

42 25 

30 

20 

160 

161 

162 

163 

164 

45 . 0 

X 

RCL . 0 

45 . 1 RCL . 1 

42 25 

40 

45 8 Ftc._ 8 

165 45 9 RCL 9 

166 42 25 

167 10 

168 44 . 8 STO .8 

169 42 30 R I 

170 44 . 9 STO .9 

171 43 32 RIN 
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50 LINE 50 LINE 

zo 

Eg - - 

E11 

Enl 

C)  

(a) 

S21 .11. 

It's 11 

S22 
S12 1 

(b) 

Zo 

o 
E 2 

E12 

o 

Figure 9, Block Diagram of a Typical s' Parameter Measurement 

system 

COMMON EMITTER 

sll = S ie 

s21 = s fe 

Erl 
911 - Ell 

921 22 = ne E 

Er2 

= s 
9 12 re 

Ei =0 2  

E. 

22 922= 
Er2 

E. 

Erl 

5 12 - E 
i2 

E=0 

,.11111 MI 1=1 11=1 I=1 1=I 1=11 MI 0211 =11 =11 



Fine Tuning the Design 

Next, the variables were tweeked using the tune mode in Touchstone to 

achieve a flatter gain response. In addition, parameters to generate the 

layout were added to the circuit file, which resulted in Figure A-5. 

The modified circuit file design was cross-checked in mwSPICE. The 

results ( Tables VI and VII and Figures 5 and 6) demonstrated close agreement 

between the programs. The mwSPICE gain response was 1 dB less than the 

Touchstone response due to bias circuitry contained in the SPICEOUT data block 

which was ignored by Touchstone but had a loading affect on mwSPICE 

performance. 

Table VI. Touchstone Tabular Results of the Final Circuit Design. 

FREQ-MHZ DB[S211 DBIS11] DB[S22] 

NET NET NET NET 

170.000 11.292 -6.835 - 2.235 1.158 

180.000 12.001 - 12.127 - 2.430 1.159 
190.000 11.891 -16.194 - 3.092 1.168 
200.000 11.737 - 19.846 - 3.737 1.172 
210.000 11.846 - 21.765 -4.264 1.191 

220.000 11 613 -20.603 -4.292 1 191 
230.000 11.225 -14.417 -4.110 1.192 

Table VII. mwSPICE Tabular Results of the Final Circuit Design. 

FREQ INPUT OUTPUT GAIN RLOSS 
MHZ POWER ( dBm) POWER (dBm) (dB) (dB) 

170.00 30.00 40.08 
180.00 30 00 40.88 

190.00 30.00 41.16 
200.00 30.00 41.08 

210.00 30.00 40 79 

220.00 30.00 40 41 
230.00 30.00 39.98 

10.089 
10.88 
11.16 
11.08 
10 79 
10 41 
9.97 

- 7.60 
-12.80 
-17.51 

-18.13 
-20.27 

-23.56 
-16.48 

5.000 

o 0•15211 y DO (51 I 

NET NET 

170 0 200.0 FNEO-NIQ 2300 

O. 0000 

-10. 00 

-20. 00 

Figure 5. Final circuit file gain response in Touchstone. 

r) GAIN 

NEAL 

5.00 

10. CO 

5. MO • -20. 00 

I. 70300E.011 FRECI 2. 00050E•03 2. 30100E .00 

y N.053 

NEAL 

-10. 07 

Figure 6. Final circuit file gain response in the mwSPICE. 
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hP8405A 

SIGNAL SOURCE 

BIAS in 

OSL 
LOAD 

411063 
TEE 

IRE 
STRECHER 

81 

t 

DUAL DIRECTIONAL 
CQUP LER 

hp 774D/175D 

TRANSISTOR JIG 

DETAIL 

...... . • • 
• 50-Q.STRIP : ' • • • • 

— 4 • BYPASS •. 

SHORTED 
SECTION 

BIAS £2 

TRANSISTOR JIG 

BIAS £2 

50 SI DUAL DIRECTIONAL 
COUPLER LOAD 

hp774D/7750 19908A 

Figure 10, Block Diagram of a Typical ' s' Parameter Measurement 

System 
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Generating the Layout  

A circuit layout was then generated by the CAD drawing program MiCAD [ 6] 

and transformed by the postprocessing program MICmask [ 7] to drive a laser 

photoplotter -- thus creating the mask for manufacturing the circuit. 

The layout modification does not interfere with the design analysais 

MiCAD only reads the necessary physical description while the simulators 

Touchstone and mwSPICE only read those portions of the circuit file required 

for a particular simulation. 

To add microstrip lines for all lumped elements, in MiCAD we added PAD1 

statements which set up transmission lines, their lengths, and the gap desired 

between them. The PARA statements simply identify parasitics which are to be 

ignored by MiCAD in the layout. Allowing a number of layouts and "mapping" of 

repeat components and parts to different drawings, MiCAD files were set up as 

follows: 

Layer 0: Used the autoprocessed file input from Figure A-5 to create 

the 1:1 mask drawing file. Text, ground pads, and bias 
circuitry were added without using the circuit file. 

Layer 1: Held the corner markers and alignment markers. 

Layer 2: Held the substrate etched drawing with dimensions and Layer 1 
markers copied to it 

Layer 3: Held the transistor outline which was copied into the 
necessary locations on Layer 0 as needed. 

Layer 4: Provided the assembly drawing. 

Vbb 

IN 

1 11  
EESOF/TRN 

El 

NRROS00-191 

I I 

cJ 

1 
OUT 

Figure 7. Amplifier mask layout generated by MiCAD. 

The completed mask layout is shown in Figure 7 and the associated assembly Figure 8. Amplifier assembly drawing generated by MiCAD. 

drawing appears in Figure 8. 
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The Results  

The final design was then built and tested on a scalar network analyzer. 

The schematic for the final amplifier design is shown in Figure 9. 

2.2nh 6890F 19nh 

— 1—er.re‘1-9 OUTPUT 14.5Ø 13nh 

22Pf 

NRA050-19L._ 
se.89pf 

Figure 9. The final bipolar transistor amplifier design. 

The measured results ( Figure 10) confirm the accuracy of the circuit 

design illustrated in the mwSPICE response ( Figure 11). Although the dip in 

the return loss for the measured response vas at a lower frequency than 

predicted and the gain was slightly lower than predicted, the nature of both 

responses was the same. 

The device used in the test amplifier was selected from a group of 10 

devices used during the device modeling procedure. Since the parameters of 

the 10 devices were averaged and then used in the circuit file, any single 

device would not provide a measured response identical to the predicted 

response. However, if all 10 devices had been rotated in the test amplifier 

to generate a measured average response, the measured and predicted responses 

would have been identical. 

12 

di 7 

al70  
180 190 200 210 220 

POWER GAIN 

RETURN LOSS 

10 d» 

29 
230 

Figure 10. Measured gain response of the actual circuit. 

o CA IN 

REAL 

15. 00 

+ RLOSS 

REAL 

FREO 2. 00050E•011 I. 701:00E*011 

-20. 03 

Z. 30100E...00 

Figure 11. mwSPICE circuit file response. 
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Figure I. General MODAMP' '' schematic. 

Basic MODAMP"  MMIC Circuit Techniques 

By William Mueller 

Avantek, Inc. 

Santa Clara, California 

Introduction and MODAMP- MMIC Structure 

This paper describes Avantek's MSA ( Monolithic Silicon 
Amplifier) series MODAMP " silicon bipolar Monolithic 
Microwave Integrated Circuits ( MMICS). Intended for use as 
general purpose 50 ohm gain blocks Their single chip 
construction minimizes size and parasitics and maximizes 
uniformity The water fabrication process uses nitride sell. 
alignment for precise registration, ion implantation for precise 
doping control, and both gold metalization and nitride 
passivation for high reliability A variety of geometries allow 
the designer to select for appropriate gain, power, noise, and 
frequency chacteristics Packaging options, ranging from 
inexpensive plastics to high reliability, hermetically sealed 
ceramic microstrip 

The internal structure of the MODAMP'" MMIC is a Darlington 
connected pair of transistors with resistive feedback and a 
simple resistive biasing scheme A general schematic is 
shown in Fig 1 Since Si, and S,, are set primarily by 
resistive divider networks, they remain relatively constant over 
a wide frequency range The use of both series feedback ( II, 
adiusting the emitter voltage of 02) and shunt feedback ( 11)-
adiusting the base voltage of 01) helps desensitize the design 
to variations in active device parameters A "bleeder" resistor 
attached to the emitter of 01 decouples the quiescent bias 
point of 01 from the f of 02 (without this resistor the emitter 
current of 01 would necessarily equal the base current of 
02) Rc also serves a feedback function As the transistors 
draw more current, the voltage drop across Rc will decrease 
the collector voltages, tending to shut down the transistors 

-o 

OUT 

Since device if ( and, therefore, collector current, given a fixed 
bias) tends to increase with temperature. Rc also serves as 
a temperature compensating element Note On some 
MODAMP'" MMICs. Rc is an internal element whose value 
may be a selectable option, on others it must be added as 
an external component MODAMP'' MMICs containing 
internal Rc's have dash suffixes beginning with " 1". e g . 
MSA-0235-11 Units without an internal collector resistor have 
dash suffixes beginning with " 2" or have no dash suffix 

Since the internal resistive networks prematch both input and 
output to 50 ohms, MODAMP'' MMICs are particularly easy 
to design with To design an amplifier, all that's needed is 

a 50 ohm microstrip line, blocking capacitors, and some very 
simple bias circuitry Nonetheless, because MODAMP'" 
MMICs are high frequency devices, there are some basic 
construction rules that should be followed when using them 

wee ground 
frflO11/.110., 

Figure 2. Microstrip structure. 

Mripilne Structures 

Fig 2 shows a typical microstrip structure Line impedances 
are determined by strip width (w), board dielectric material 
(E,), and dielectric thickness (h) Since the impedances of 
the MODAMP'" MMICs are prematched to operate in a 50 
ohm system, microstrip lines should be as close to 50 ohms 
as possible to realize lull specified performance Dimensions 
of 50 ohm line for some common board materials are shown 
in Table 1 Operation in systems with characteristic 
impedances other than 50 ohms is possible with somewhat 
reduced performance: in particular most MODAMP'' 
MMICs perform satisfactorily in 75 ohm systems without 
additional impedance matching. 

Board Material Selection 

A board material should be selected that is appropriate for 
the intended frequency of operation Although G10 (epoxy. 
glass board) is an acceptable low cost choice for small signal, 
low frequency applications, inconsistencies in the dielectric 
(usually glass pockets) can cause problems at frequencies 
above 500 MHz, or with low impedance power stages built 
on the same board PTFE woven-glass has much more 
consistent dielectric characteristics, and performs well to 
frequencies in excess of 2 GHz It is also a fairly rugged 
material that can tolerate substantial rework. and is not 
particularly sensitive to heat or humidity 

Duroid is the favored material of many microwave designers 
because of its high dielectric consistency and low dielectric 
dissipation Note that 50 ohm line on 015" RT/duroid-5870 
is a particularly good match to the lead width of the 70 mil 
package, meaning minimal step discontinuity effects with this 
combination RT/duroid is a somewhat fragile material- it 
crushes fairly easily. and glues do not adhere well to its 
substrate so thin metalization patterns are subject to lifting 
if abused with repeated rework Some versions can also be 
quite hydroscopic, and can show substantial dielectric shifts 
with variations in humidity Care should be taken when 
working with this material 

Table 1. Line widths for 50 ohm line for various board materials. 

Board Material e Thickness vidh for SOU w for 50S1 

RT/Duroid 5870' 2.3 015' 2.90 

PTFE-Woven Glass 2.55 .010" 255 025" 
Fiber (Typ.) .031" 255 .079" 

062" 255 158" 

Epoxy-Glass (G10) 4.8 062" 1 75 108" 

Alumina/E10, 10.0 025" 095 024" 
050" 0.95 048" 

1,eniernerk on xmo,, c0,3 for re PIFE nonwoven glen PC inelertel PIT • r•vereirri et.° 
in and Epsileiveln ere Teeneinerlis ri Yb ix, es <envier tiled Prif 

Table 2. Representative board material and thickness for various package options. 

Package 04 20 35 70 85 

Lead Width 030" 030" 020" 040" 020" 

Representative GIO PTFE PTFE 5870 GIO or PTFE 

Board ( 062") f 031") ( 010") ( 015") ( 062") ( 010") 

Alumina is an excellent high frequency material, but because 
il is a ceramic. it is expensive to process and requires 
etchants or a diamond scribe for line rework It is the material 
of preference for hybrid circuits Several manufacturers make 
soft board materials with dielectrics closely approximating 
those of alumina These boards are also good choices for 
high frequency ( 1 GHz) applications 

All boards must be plated on both sides For soft boards. 1 
oz Cu plating is the most common choice When etching the 
circuit pattern. the entire bottom side plating should be left 
intact to provide the best possible ground plane 

Parcultics 

During board layout, care should be taken to minimize all 
parasitics Remember that extra lead length equals extra 
inductance added to the design This is particularly important 
if the circuit is to be operated above 1 GHz Transmission 
lines should, whenever possible, run flush to the package 
For some package options this will require that a hole 

be made in the circuit board so that the MODAMP'' MMICs' 
leads are in the same plane as the transmission line 
MODAMP'' MMICs should be mounted on the etched 
side of the board to minimize the inductance of " fed through" 
connections Abrupt changes in transmission line width 
also create parasitic effects. called step discontinuities 
Although the complete model for such a discontinuity can 
become quite complicated, the overall effect of the step from 
a MODAMP'" MMIC lead to a 50 ohm transmission line is 
typically 05 to 2 nH of extra series inductance Tapering the 

transmission lines from 50 ohms down to the MODAMP" 
MMIC lead width helps minimize this effect Bends in 
transmission lines also create parasitic effects and should 
be avoided when possible, when they must be used, the 
corners should be chamfered to prevent the bends from 
acting as extra shunt capacitance For more information 
on the properties of microstrip structures, See K C Gupta 
el al, ecrostre Lines and Slothnes, Artech House, 1979. 
Dedham. MA 

To illustrate how important parasitic effects can be a 
"careful" design using a MSA.0204 on PTFE woven. 
glass was simulated using a computer program and analyzed 
from 500 MHz to 3 GHz Both step discontinuities and 

parasitic inductances were included in the model The 
blocking capacitor was assumed to be a 100 pF, 0 1 inch 
square ceramic chip with inf mate 0 and an associated 
parasitic inductance of 9 nH The analysis was of the input 
circuit mismatch only, assuming losses due to output 
mismatch areola similar magnitude, the total amplifier loss 
would be about double that shown To help distinguish the 
effects of parasitic mismatch from those due to device 
impedances, the simulation was also made of both the 
network with parasitics terminated in a -perfect" (50 + 10 ohm) 
device and of a MSA-0204 operated in an ideal ( parasiticless) 
system Table 3 shows the results of the analysis In this case. 
amplifier gain loss ranges from negligible (less than 1 dB) 
al 500 MHz to nearly 4 dB at 3 GHz Remember that the 
results shown are for minimal realistic parasitics. If the layout 

is " sloppy, - impedance mismatches in excess of 2 1 and 

consequent amplifier gain decreases of 1 dB or more can 
be expected 

Table 3. Parasitic effects on input impedance mismatch of MSA-0204. 

Frequency 

MHz 

MSA-0204. 

VSWR 

No Parasitics 

Loss, dB 

Parasitics 

VSWR 

Only 

Loss, dB 

MSA-0204 

VSWR 

. Parasitic* 

Loss, dB 

500 1.09:1 00 1.01 1 00 1.18:1 .03 

1000 1.23:1 04 1.12 1 01 1.39:1 .11 

1500 1.29:1 07 1.22:1 04 1 46:1 .15 

2000 1.29:1 07 1 301 07 1.45:1 .15 

2500 1.26:1 05 1.38 : 1 11 1 45:1 .15 

3000 1.26:1 05 1.45:1 15 1.53:1 .19 
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APPENDIX A 

CAD CIRCUIT FILES 

Conclusions  

The design techniques detailed in this paper are representative of typical 

CAE/CAD designs for achieving a working model. These techniques are 

especially important in anticipating circuit sensitivities to manufacturing 

tolerances. With computer technology rapidly improving engineering efficiency 

and accuracy, we will soon see computer- aided testing ( CAT) available which 

will enable an engineer to take measured results from automatic network 

analyzers and automatically update the theoretical model. 

The successful prediction of the actual performance of this RF amplifier 

demonstrates the accuracy of CAE/CAD products. The fact that engineers can 

now evaluate linear and nonlinear characteristics of circuits before they are 

manufactured dramatically saves both time and money. 
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I FILE : SP_SPAR 
I GENERATE I-V curves and S- PARAMETERS FROM NWSPICE MODEL 

DIM 
FREQ MHZ 

CAP PF 
IND NH 

CKT 
MSUB ER-2.55 H-28.5 T-1.35 RHO-1 RGH-0.02 
MUM Tl 1 2 W-300 L-500 
INDJBIN 2 3 L-0.25 
CAP CMATCH 3 0 C-345 
IND-LB 3 4 L,0.20 

S2Pi_Q1 4 5 6 [MODEL-QNPN AREA-1.0] 
IND LE 6 0 L-0.18 
IND-LC 5 7 L-0.05 

MLIi T2 7 8 W-300 L-500 
DiF2P 1 8 TRAN 

TRAM X1 1 2 

DiF2P 1 2 NET 
MODEL 
QNPN NPN IS -1.5E-3 BF-85 VAF-52 IKF-80 

+ ISE-4E-5 NE-1.35 VAR-6 
+ RE -0.115 RC-0.35 
+ RB-0.08 
+ CJE-200pf VIE-0.20 MJE-3.5 

+ TF -115PS XTF-3.5 VTF-3.0 ITF-4.5 
+ CJC-115Pf VJC-0.22 MJC-0.185 

SOURCE 
NET ICS IBB 0 1 DC-0.042 
NET IVS:VCC 2 0 DC-19.0 

CONTROL 
NET DC IVS VCC 0 22 1.0 ICS IBB . 020 . 100 . 020 

NET AC LIN- 7 170MEG 230MEG-
NET OPTIONS ACCT LIST NODE LIMPTS-5e3 

SPICEOUT 
NET DC ALL 
NET SP TRAM XI B:EESOF.S2P 50 

Figure A-1. I-V and S- parameter circuit file. 



Grounding 

Perhaps the second most important consideration in PC 
board layout (after impedance matching) is good RF 
grounding. Ground planes should be kept as large and as 
solid as possible. Return paths for high frequency circulating 
currents must be kept as short as possible, especially at the 
"emitters" of the MODAMP" MMICs If. for example, plated 
through holes are used as ground returns, they should be 
placed directly under the ground leads ol the MODAMP -

MMIC and be located as near as possible lo the body of the 
package. This is because any additional path length here acts 
as series inductance, which translates into unwanted emitter 
resistance at operating frequencies. Gain, power compres-
sion, and high frequency rolloff will all be degraded if proper 
grounding techniques are not used Fig. 3 shows a variety 
of ways of providing good return paths between topside 
ground connections and the bottom ground plane. 

RF grounding. The device analyzed is the MSA-0135-21. 
Gain vs. frequency curves are shown for emitter induc-
tances ranging from 0 to 4 nt-l. 

Figure 5. Gain vs frequency as a function of 

emitter inductance (Le) for the MSA-0135-21. 

a Woe leed through soldered o place 
rn hole drilled through board 

b Wrap around' of copper lorl Imay be 
toed «Oh Sill In bawd/ 

c Plated through hole Iside walls of hole 
rnetallredl 

Figure 3. Methods of realizing minimal length return paths to ground. 

MODAMP'"MMICs incorporating internal " collector" 
resistors (dash 1 option) help demonstrate how important 
good grounding is These units give up one ground lead to 

allow the designer access to the internal resistor. As a 

consequence they sacrifice significant high frequency 
performance The gain vs frequency curves of the 

MSA-0270-12 (single ground lead) and the MSA-0270-22 (dual 
ground leads) shown in Fig 4, demonstrate this performance 
tradeoff Note the decrease in f 48 (the frequency at which 

the gain is 1 dB lower than the gain at 100 MHz) from around 
1 6 GHz to below 1 GHz. Fig. 5 shows a further example of 
the effects of parasitic emitter inductance resulting from poor 

IS SxI 
Idll comprlulon polo. 

1001,027022 

I/SO 02/0 12 

I 

repuency GM/ 

Figure 4. Typical gain vs. frequency for 
MSA-0270-12 and MSA —0270-22 

DC Blocking Capacitance 

DC blocking capacitors must be used in both the RF input 
and the RF output lines to isolate the resistive bias circuitry 

of the MODAMP'" MMIC from the source and load 

resistances. These capacitors will also put limits on the 
frequency response of the finished amplifier. Low frequency 

response will be determined by the capacitor's value; it must 
be high enough to be a reasonable RI "short" at the lowest 

frequency of operation. High frequency response will be 

limited to the frequency at which the capacitor's associated 
parasitic inductance becomes resonant with the blocking 
capacitor ( 11(2 o LO) Hz. where L = parasitic inductance 
in Henrys, and C = the capacitor value in Farads). Opera-
tion above this frequency often leads to highly unpredictable 

circuit behavior 

Fig 6 shows typical effects of blocking capacitors on 
impedance match as a function of frequency, capacitance, 
and parasitic inductance. Note that low frequency match is 
determined by capacitor value, with the parasitic inductance 
having negligible influence; whereas at higher frequencies, 

the value of the parasitic inductor dominates the match, with 
the value of the capacitor becoming unimportant so long as 

it is large enough to be a low series impedance path. The 
ratio of capacitive reactance to parasitic resistance is called 
the 0 of the capacitor Blocking capacitors with high Os 
should always be used to minimize insertion losses. 
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Figure 6c, 

O resonant frequency. 25 nH parasitic inductance 

O resonant frequency. 0 5 nH parasitic inductance 

• resonant frequency, 1 0 nH parasitic inductance 

Figure 6. Effects of DC blocking capacitors on VSWR 
as a function of frequency, capacitance and parasitic 
Inductance, 

Biasing 

in order to deliver full performance, MODAMP'" MMICs 
must be biased correctly. The internal resistive networks 
determine individual transistor operating points; all the user 
needs to do is present the proper voltage at the DC input 
terminal. For the purpose of bias stability over temperature, 
the internal transistors should have their bias supplied 
through a collector resistor (labeled Rc in Fig. 1). This 
resistor works in two ways First. it compensates for increases 
in device with temperature by dropping the transistor's 
collector voltages whenever they try to draw more collector 
current Coupled with this effect is the fact that the collector 
resistor will itself be changing in value over temperature 

Resistors with positive temperature coefficients such as the 
common carbon composite ( + .0001% per degree C) do an 
excellent job of compensating for the temperature drift of the 
negative coefficient on-chip resistors. 

For bias stabilization over a temperature range of - 10° to 
+ 100°C, a drop of at least 1 5 volts across the collector 
resistor is necessary The larger this voltage drop is, the more 
stable the bias will be. An interesting point is that for a fixed 
bias (constant quiescent current vs temperature), the gain 
of the MODAMP'" MMIC will decrease as temperature 
increases. A voltage drop of about 2V across the collector 
resistor allows the bias swing over temperature to 
compensate for this gain change, yielding best gain flatness 
over temperature. 

Table 4 shows an example ol how selection of the bias stabili-
zation resistor influences performance over temperature. 
These results come from device simulations using PSPICE 
and correlate well with observed performance of actual 
amplifiers. Note that with no stabilintion resistor the user 
risks having the MODAMP'" MMIC self destruct at elevated 
temperatures. In general, bias current will increase as 
temperature increases (due to increases in device betas with 
temperature): gain may either increase or decrease 
depending on how well the bias shift compensates for the 
decreased gain at a constant bias at higher temperatures 

Table 4. Effects of Rc on performance over temperature 

USA-0104 Operating Voltage -. 5. 7 V Now 

Voltage 
Drop 
von. 

Fle.l.lor 
V.I. 
ohm. 

Tempereture 
degree. 
c 

Blas 
Current 

onA 

Power Goo 
100 MrIr 
dB 

o o -to 
2s 
100 

es 
18.4 

-05 
18.8 

82 -10 
25 
100 

14.2 
173 
24.1 

170 
183 
190 

20 100 -10 
25 
100 

183 
189 
24.6 

185 
189 
190 

70 412 -10 
25 
WO 

161 
168 
183 

183 
18 I 
175 

" Device dell oyed due to excessive current draw 

The value of the bias stabilization resistor Rc is given by 

Vcc-V4 
Rc l„ 

where Vcc 

Va 

ohms 

the power supply voltage applied to Rc 
(in volts) 
the voltage at the DC input terminal of 
the MMIC (in volts) 
the quiescent bias current drawn by the 
MMIC (in amps) 

The recommended values of I, and V, can be found on the 
individual MODAMP' MMIC data sheets. both in the Electrical 
Specifications table and above the listing of S-parameters 

The dissipation of this resistor is given by 

Pam„ = Ido X Rc watts 

L 11:11 MI MI 11:211 11:11 MI IZal 12:11 IZIII 



E-SYN 07/21/86 

LUMPED CHEBYSHEV BANDPASS NETWORK 
FREQUENCY : 170.0000 to 230.0000 KHz 

INPUT FILE EESOF.S2P 
OUTPUT TERM R - 50.00000 Ohms 

3 RESONATORS 

0.010000 dB RIPPLE 0.542478 dB MIL 0.000000 dB SLOPE 

R - 50.00000 Ohms 

PLC 1 0 L - 31 73057 nH C - 10.57711 pF 
CAP 1 2 C - 15.38323 pF 

CAP 2 0 C - 27 30423 pF 
IND 2 3 L - 15.17621 nH 
CAP 3 0 C 344.6401 pF 

S - EESOF.S2P 

Figure A-2. Synthesized input circuit created in E-Syn. 

  E SYN 08/26/86 

! LUMPED CHEBYSHEV TRANSFORMER NETWORK 
FREQUENCY : 170.0000 to 230.0000 MHz 

! INPUT TERM : R - 5.200000 Ohms 
! OUTPUT TERM : R - 50.00000 Ohms 

ORDER - 2 

R - 5.200000 Ohms 
IND 1 2 L - 6 742091 nil 
CAP 2 0 C - 88.88526 pF 
IND 2 3 L - 23.11017 nH 
CAP 3 0 C - 25.93112 pF 

R - 50.00000 Ohms 

Figure A-3. Synthesized output circuit created in E-Syn. 

! FILE:SP CET 

COMPLETE MODEL OF DEVICE AND COMPLETE CIRCUIT 

DIM 
! standard units of measure 

CET 

MSUB ER-2.55 H-28.5 T-1.35 RHO-I RCH- 02 
MLIN Tl 1 2 W-300 L-500 
IND EBIN 2 3 L-0.25 
CAP-CMATCH 3 0 C-345 
IND:LB 3 4 L-0.20 
S2PA Q1 4 5 6 (MODEI,QNPN AREA-1 0] 

IND EE 6 0 L-0 18 
IND-LC 5 7 1.0.0.05 
MLIi! T2 7 8 W-300 L-500 

DF2P 1 8 TRAN 

CAP CM1 1 0 C-10.58 

IND:LMI 1 0 I.-31.73 

CAP_CM2 1 2 C-15.38 
CAP CM3 2 0 C-27.30 

IND-LM2 2 3 L-15 18 
CAP-CM4 3 0 C-344.6 
TRAii X1 3 4 

I S2PA- 3 4 0 B:EESOF S2P 
IND LM3 4 5 L,6.74 
CAP-CM5 5 6 C-680 
CAP-016 6 0 C-88.89 

RES-RM7 6 0 R-1E6 
IND 1144 6 7 L-23.11 
CAP-CM7 7 0 C-25.93 

RES-RM8 7 0 R-1E6 
i5EF2P 1 7 NET 

MODEL 

QNPN NPN IS -1.5E-3 BF-85 VAF-52 IKF-80 
+ ISE-4E-5 NE-1.35 VAR-6 
+ RE -0 115 RC-0.35 
+ RB -0.08 
+ CJE-200pf VJE-0 2 MJE-3.5 
+ TF - 115PS XTF-3.5 VTF-3.0 ITF-4.5 

+ CJC-115pf VJC-0.22 MJC-0.185 

Figure A-4. E-syn input and output networks combined and modified in 

Touchstone ( page 1 of 2) 
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Hie power rating of Fic must exceed Pd,„, if necessary. 
resistors with lower power ratings may be paralleled to achieve 
the necessary dissipation capability Some MODAMP'" 

MMICS are available with the collector resistor on the chip This 
tras obvious size and parts count advantages The tradeoff is 
for high frequency performance (see the discussion of grounding 
above) and bias flexibility ( only one supply voltage will be 
appropriate for a given internal resistor value) Also the on-chip 
resistors have negative temperature coefficients, and will not 
hold the MODAMP MMIC•s bias as constant over 
temperature as will an external carbon resistor 

Chokes and Bypass Capacitors 

It Is recommended that an RF choke (large value inductor) be 
used in series with the bias stabilization resistor Although the 
choke is riot generally needed to keep the RF out of the DC 
(the relatively high impedance ol the bias stabilization resistor 
compared to a 50 ohm load is sufficient for this), it is needed 

to keep the stabilization resistor from appearing in parallel with 
the lead circuit, and thus degrading the output match A good 
rule of thumb is that the impedance of the choke al the lowest 

frequency of operation (given by 2 ir F L) plus the value of the 
stabilization resistor should be at least 500 ohms A 10 di 
inductor works well as a choke at frequencies as low as 10 MHz; 

it can be either a molded inductor ( for low cost applications) 
or a chip inductor ( in cases where space is al a premium) At 
lower frequencies several turns of wire on a high permeability 

ferrite head should be used It the choke is ornitted, the designer 
should expect a gain loss of between 0 5 and t dB and a 
decrease in Pi di, of as much as 2 dB from the guaranteed 
performance due to load impedance mismatch 

A large value bypass capacitor ( 1 0F or so) should be used in 
conjunction with the choke to present a low impedance path 
to ground for any signal that does manage to get past the choke 
This capacitor should be attached between the supply side of 
the RF choke and ground 

Typical Circuit layouts 

Fig 7 shows a typical MODAMP'" MMIC circuit board layout 
that uses the above construction techniques The layout is for 
'Az" PTFE woven-glass board—a reasonable compromise 
between cost durability. and electrical performance Note that 
the transmission lines have no bergs and are tapered near the 
package of the MODAMP MMIC to minimize step discon-
tinuities Twelve plated through holes. including two under the 
emitter leads, provide solid ground planes and minimal emitter 
parasites for best high frequency performance The gaps in the 
transmission line are appropriate for 50 mil ceramic chip 
capacitors, which have relatively tow associated parasitic 
inductances—typically about 0 5 nH The DC pad arrangement 
requires that a bias stabilization resistor be used, but makes 
the use of an RF choke optional If the choke is not used, the 
stabilization resistor would be connected between the output 
50 ohm line and the line, and the bypass capacitor 
would be attached between he Vcc line and ground Spacing 
is appropriate for i; watt carbon resistors molded inductors, 
and 1 i)F electrolytic capacitors The layout has been designed 
so that the section between the arrows in Fig 7 can be repealed 
for multiple cascaded stages Overall circuit dimensions are 1" 
x 1 5" for a single stage. with each additional stage adding 
1" to the overall length The size was chosen for convenience 
of assembly, a more compact layout providing a three stage 
cascade of MODAMP' MMICs in the same space and using 
chip resistors and inductors as shown in Fig 9 Fig 8 shows 
a circuit layout analogous to that in Fig 7 for a MODAMP.' 
MMIC with the internal bias stabilization resistor 

Figure 7 Typical MODAMP — MMIC circuit (dual ground configuration). 
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Figure 8. Typical MODAMP — MMIC circuit ( Inter-al Rc configuration). 

Figure 9 MODAMP'" MMIC circuit layout three stage cascade 



SOURCE I FILE:SP2_CKT WITH COMPLETE CIRCUIT FILE DESIGN INCLUDING LAYOUT 

NET ICS IBB 0 20 DC-. 042 VAR 
NET CAP-CB1 20 0 C-35E6 W50-189 

NET CAP-CB2 20 0 C-1E3 DIM 
NET IND:1.21 20 21 L-500 ! Standard units of measure 

NET CAP CB3 21 0 C-470 CKT 
NET IND:LB2 21 3 L-100 MSUB ER-2.55 H-28.5 T-1.35 RHO-1 RGH-.02 

I MLIN Tl 1 2 W-300 L-500 

NET IVS VCC 30 0 DC-19.0 I IND EBIN 2 3 L-0.25 
NET CAP:CC1 30 0 C-35E6 I CAP-CMATCH 3 0 C-345 
NET CAP CC2 30 0 C-1E3 1 IND-LB 3 4 L,0.20 
NET IND- LC1 30 31 L-500 I S2Pi Q1 4 5 6 IMODEL-QNPN AREA-1.0] 

NET CAP-CC3 31 0 C-470 ! IND a 6 0 L-0.18 
NET IND:LC2 31 4 L-100! IND-LC 5 7 L-0.05 

! MLIii T2 7 8 W-300 L-500 

NET IVS VIN 40 0 AC-1.0 PWR-(30 30 0 1.7E8 2.3E8 . 1e8) I DiF2P 1 8 TRAN 

NET RES RIN 40 1 R-50 NUN 10 1 W"W50 L-524 
NET RES:ROUT 7 0 R-50 CAP CM1 1 0 C-8 para 

CONTROL IND-LM1 1 0 L-25 para 

NET TRAM 40PS 25NS 0 40PS CAP-CM2 1 2 C-14.5 PAD1 WW50 S-200 L-900 
NET PWR IVS VIN RES RIN CAP-CM3 2 0 C-27.3 para 

NET AC LIN 13 170MEè 230MEG IND- 1.242 2 3 L-13 PAD1 W"W50 S-412 L-900 

NET DC 1VS VCC 0 22 1.0 ICS_IBB . 020 . 100 . 020 CAP-044 3 0 C-344.6 para 
! NET FOUR 2UOMEG V(7) MLIii Tl 3 30 W-300 L-500 

NET OPTIONS ACCT LIST NODE LIMPTS-5e3 ! TRAN-Xl 3 4 
I NET TEMP 27.0 S2PA- 30 40 0 B:EESOF.S2P SPAC L-450 
SPICEOUT MLIN T2 40 4 W-300 L-500 

NET PWR RES RIN 1 0 RES ROUT 7 0 IND EM3 4 5 L-2.2 PAD1 W"W50 S-200 L-426 
NET DC ALL - CAP CMS 5 6 C-680 PAD1 W"W50 S-200 L-900 

NET AC ALL CAP-CM6 6 0 C-88.89 para 

! NET SP IRAN XI B:EESOF.S2P 50 RES-RM7 6 0 R-1E6 para 
OUT IND:LM4 6 7 L-19 PAD1 W"W50 S-390 L-900 

NET DB(S21) GR1 CAP CM7 7 0 C-22 para 

NET DB[S11) GR1A RES-RM8 7 0 R-1E6 para 

NET DB[S22) CRIA MLIii 7 8 W"W50 1,500 
NET K DEF2P 10 8 NET 

FREQ MODEL 
SWEEP 170 230 5 QNPN MPH IS - 1.5E-3 BF-85 VAF-52 IKF-80 
GRID + ISE-4E-5 NE-1.35 VAR-6 

RANGE 170 230 10 + RE -0.115 RC-0.35 
GR1 5 15 1 + RB -0.08 
CRIA - 20 -0 + CJE-200pf VJE-0.2 KJE-3.5 

+ TF -115PS XTF-3.5 VTF-3.0 ITF-4.5 

Figure A-4. E-Syn input and output networks combined and modified in + CJC-115pf VJC-0.22 MJC-0.185 

Touchstone (page 2 of 2) Figure A-5. Final circuit file designed for layout generation ( page 1 of 2) 
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SOURCE 
NET 
NET 
NET 
NET 
NET 

NET 

NET 
NET 
NET 
NET 
NET 
NET 

NET 
NET 
NET 

CONTROL 

NET 
NET 
NET 
NET 
NET 
NET 
NET 

SPICEOUT 

NET 
NET 
NET 

NET 
OUT 

NET DB[S21] GR1 
NET DB[S11] CRIA 
NET DB[S22] 
NET K 

FREQ 

SWEEP 170 230 10 
GRID 

RANGE 170 230 10 
GR1 5 15 1 
GR1A - 20 - 0 

ICS_IBB 
CAP CB1 
CAP-CB2 
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CAP-CB3 
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IND:LC2 
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0 20 
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20 0 
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21 3 
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AC LIN 13 170MEE 230MEG 
DC IVS VCC 0 22 1.0 ICS_IBB . 020 . 100 . 020 
FOUR 2UOMEG V(7) 

OPTIONS ACCT LIST NODE LIMPTS-5e3 
TEMP 27.0 

PWR RES RIN 1 0 RES_ROUT 7 0 
DC ALL RES_ 

AC ALL 

SP TRAN_Xl B:EESOF.S2P 50 

Figure A-5. Final circuit file designed for layout generation ( page 2 of 2) 
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compatible with modern microwave integrated circuitry. 

DESIGN OF DIELECTRICALLY STABILIZED OSCILLATORS USING ("passive" Injection locking) do not give as high loaded Qs and 
FEEDBACK TECHNIQUES 

stability as feedback DROs ( series or shunt) exhibit. 
by 

R. Partha 
Asst. Executive Engineer Chief Engineer 

M.L. Sharma The development of fundamental microwave oscillators using 

Transmission R & D, 
Indian Telephone Industries Ltd., 

Bangalore, India. 

a dielectric resonator for shunt feedback has been reported in 

recent articles. This technique has tended to be empirical in 

nature, often at the design stage itself. This paper presents a 

ABSTRACT design approach which has been found to he both predictable and 

A simple model of a dielectric resonator FET oscillator sufficiently accurate. Using an approximate feedback model, it 

stabilized with the resonator in the feedback path is presented. was possible to calculate the lengths and impedances of the 

Based on this model a high efficiency, high Q DRO was developed feedback microstrip elements required to sustain oscillation, 

in the 7 Cllz frequency band. The oscillator has excellent with the dielectric resonator completing the feedhack loop. UFOs 

frequency stability and noise performance. A mechanical for the 7 GHz and 13 GHz frequency bands were developed using 

frequency tunability of + 50 MHz and power output of + 18 dBm was this modeling technique. The test results of the 7 CPT ORO 

achieved, only have been included in this paper. The preliminary results 

obtained for the Yu band have been encouraging. 

INTRODUCTION  

Recent advances in the technology of temperature stable 

dielectric materials like Barium Tetratitanate and Zirconium - 

DESIGN 

The basic schematic of an oscillator is shown in Figure 1 

Tin Tetratitanate hav• inspired interest in techniques to The condition for oscillation is given by 

dielectrically stabilise fundamental microwave oscillators. 
OR rsL = 

Dielectric resonator oscillators ( DR0s) are highly The two conditions being equivalent 171, 

e- 3(eet es' ) 
-u-11 ' 

we choose 

sufficiently high output power, high frequency stability, small The magnitude and phase conditions are given by 

size and low cost are the features of a ORO. The resonator's 

high Q contributes to the PRO's excellent FM noise performance. 

IPLI\ = I  A1 egt Os%: = 0 

For oscillations to build up It If. required thatiriej>1. 

The microstrip resonator has lew losses and hence It is 

Oscillators stabilized by a dielectric resonator coupled to sufficient If Sll' can be made greater than unity at the input 

the output circuit one-half wave length away from the PET 
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LOW-NOISE PREAMPLIFIER DESIGN FOR NMR  

by 

OTWARD MUELLER and WILLIAM A. EDELSTEIN 

GENERAL ELECTRIC CORPORATE RESEARCH AND DEVELOPMENT 

SCHENECTADY, NEW YORK, 12301 

1. INTRODUCTION 

An important component in any nuclear magnetic resonance (NMR) 

imaging or spectroscopy system is a low-noise preamplifier. The required 

minimization of its noise figure can be obtained only by careful design. It 

must go hand in hand with an optimization of the "noise figure" of the NMR 

receive coil. The latter requires that the coil quality factor Q is made as 

high as possible. Other receiver system components such as cables, 

protection circuits, matching networks, transmit/receive (TIR) switches 

etc. should not be neglected in a low- noise design. They can easily add 

many tenths of a dB to the overall receiver noise figure. 

2. QUALITATIVE LOW-NOISE DESIGN 

The most critical item in a low-noise preamplifier is its input device. 

Bipolar transistors have the advantage to provide a relatively large 

bandwidth at higher frequencies (20-200 MHz). They must be selected for a 

high current gain, a large gain-bandwidth product FT of several Gigahertz 

and especially a low base-region bulk resistance. The latter can be reduced 

by paralleling two or more transistors. Due to their high input impedance 

junction field-effect transistors are suitable for low- noise narrow-band 

preamplifiers. They should exhibit a high transconductance which 

increases with the electron mobility in the channel. Since the latter is 

much higher in gallium-arsenide than in silicon GaAs-MESFET's are also 

good candidates for low noise NMR preamplifer designs. 

As far as circuit design is concerned, the following rule should be 

obeyed: Eliminate all parasitic series or parallel impedances between 

base-emitter or gate- source terminals. This implies that, for example, 

by-passed emitter resistors must not be used and biasing resistors have 

to be chosen very high compared to the transistor input impedance. 

3. QUANTITATIVE DESIGN 

The expanded noise equivalent circuit of a preamplifier or its input 

transistor is shown in Figure 1. Ys=Gs+jBs is the source admittance 

producing the noise current Is. Y=G+jB is the input admittance of the 

noise- less ( F=1) ideal amplifier of voltage gain A. The amplifier noise is 

in good first-order approximation represented by the input related 

equivalent noise voltage and current generators V and I. At higher 

frequencies they may be partially correlated, an effect which can be 

represented by the additional current generators (YC))/=(GC+jBC)V where 

YC is the so-called correlation admittance. Table 1 summarizes the 

important noise formulas. The noise figure F defined as the ratio of the 

total amplifier output noise power to the output noise due to the source 

resistor only is given by Equation 1. F is minimized by chosing an optimum 

source admittance Ys=Gs+jBs as given by Equation 3. The minimum noise 

figure obtainable is expressed in Equation 4. The following relationship 
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of the two port network. 

For the NEC CaAs FETs used in the 7 CHz and 13 Cliz bands, 

/S 11/ is between 0.2 to 0.8. Shunt feedback is developed to 

make / SU ,/ > 1 for the condition of oscillation to be met. 

The characterization of the feedback network ( Figure 2) 

proceeds as follows. For the chosen electrical length el and 

impedance Zl, and from the measured S parameters of the device, 

the Y parameters ( say ( Yip of the combination of the device and 

output microstrip element are obtained. It is assumed that at 

resonance, the dielectric resonator is purely resistive ( R). 

For modeling purposes it te also assumed that the dielectric 

resonator is placed at the end of microstrip element ( e2,Z2), 82 

away from gate of the FFT. For the chosen 82, 22, and a value 

of P., the Y parameters ( say ( Y2]) of the combination of 

microstrip and dielectric resonator are calculated. Adding ( Y11 

and ( Y2] gives the overall Y parameters of the feedback network 

with the active device. The new S parameters are derived from 

this. 

The lengths of the microstrip elements 81 and 92 are chosen 

depending upon the mechanical configuration of the active device 

and the circuit topology. A simple computer program was 

developed to check oscillation conditions for different values 

of 01, 82, 71, Z2 and R. The value of R is dependent on the 

coupling coefficients el and p2 between the dielectric resonator 

and microstrip lines. An optimum coupling is required as weak 

coupling results in lower output and a tendency to cease 

oscillations at higher temperatures, while very tight coupling 
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effects the frequency stability. Pl, 92, 7.1 and 72 are varied 

to get the condition of / S11 ./ > 1. A complex conjugate is 

presented at the gate to determine the frequency. Load matching 

at the output is optimized for a good RF power. 

FABRICATION AND PERFORMANCE  

The DRO was fabricated on Teflon ( 1/32") fibreglass board 

(Cr 2.54). The biasing arrangement is as shown in Figure 3 

with a chip capacitor on the output side for a DC block. The 

dielectric resonator is magnetically coupled in the TE 01S mode 

to the gate and drain microstrip lines. The resonator acts as a 

bandpass filter whose centre frequency can be tuned by varying 

the gap between the top lid and the dielectric. The exact 

positioning of the dielectric is critical and a purely empirical 

approach has been followed to obtain high frequency stability 

and a sufficiently high power output. The DRO was free from 

mode jumps and hysteresis. A chip resistor of 50 ohms 

terminating the gate circuitry was used to eliminate spurious 

oscillations. 

The frequency stability of the DRO was within +400 kHz over 

0°C to 55 °C at a centre frequency of 7410 MHz. The frequency 

drift over temperature can be adjusted by proper choice of the 

resonator temperature coefficient. A resonator with a positive 

temperature coefficient of 6 ppm/ °C was used in the oscillator. 

The output power variation remained within + 0.8 dB over the 

entire temperature range, as shown in Figure 4. Figure 5 shows 

the variation of frequency as a function of sir pap thickness h. 
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(Equation 5) shows that the noise figure has a parabolic dependence on the 

source susceptance Bs. The same is partially true for Gs. It is interesting 

to note that the formulas for F do not explicitly depend on the input 

admittance Y. Its effect is contained in the noise generators V and I. In 

many cases, especially at lower frequencies, the correlation admittance 

Yc is negliglible. The optimum source conductance Gc(opt) is then given by 

the simple expression I/V. 

4. OPTIMUM SOURCE ADMITTANCE 

The analysis suggests a simple algorithm for determining the optimum 

source admittance Ys(opt) to minimize the noise figure F: 

a. Determine the preamplifier input admittance Y=G+jB. 

b. Measure the output RMS noise voltage VL(Gs-oo) for a shorted input and 

VL(Gs=o) for a open-circuited input. 

c. Determine from Equation 6 a trial optimum source conductance Gs(opt). 

d. Measure the noise figure with this source resistor as a function of 

parallel source susceptance Bs. The value of Bs which minimizes the 

noise figure is Bs(opt)=-Bc. 

e. Repeat step b with 8s—Bc and obtain the final value of Gs(opt) which 

will not be much different from the previously determined one. 

It is interesting to note that 8s(opt) is independent of Gs and that in 

the above procedure it was not necessary to determine the correlation 

explicitly. Note that if there is no correlation (Yc=0) then the optimum 

source impedance is real and simply given by Rs-1/Gs=V/I. 

In order to minimize the preamplifier and the NMR system noise figure 

it is now important that the receiver coil input impedance is matched by a 

transformation network to the optimum source admittance given by 

Equation 3 or 6 in Table 1. The question may arise: What should the input 

impedance Y of the preamplifier be? Since the formulas for the noise 

figure and the optimum source admittance Ys(opt) are independent of Y the 

answer is: It does nor matter as long as the source , in an NMR system the 

receiver coil, is matched to Ys(opt). Since the input impedance of NMR head 

or body receiver coils is dependent on the size of the patient to be imaged 

one can use a variable matching network in order to minimize the noise 

figure or one should use a preamplifier with a very low F. 

5. MEASUREMENT TECHNIQUES 

Since most NMR system operators have liquid nitrogen available in 

their facilities the so-called two-temperature method of noise figure 

measurement is very suitable. The preamplifier output noise voltage is 

measured with the source resistor Rs-1/Gs first at room temperature Ti. 

(V1), and then dipped into liquid nitrogen (T2=77 degree Kelvin, V2). From 

the curve of Figure 2 (courtesy Dr. Howard Hart, GE-CRD) and the output 

noise voltage ratio V2/V1 the noise figure F is obtained. The advantage of 

this method is its low cost and its suitability for noise measurements in a 

complete NMR system. It also permits an easy determination of F as a 

function of source resistance without impedance transformation networks. 

Accurate measurements can be made with the fine HP-8970A noise figure 

meter ( 10-1500 MHz), but only in a 50 Ohm system A comparison between 

the two methods resulted in good agreement For all NMR low- noise 

preamplifier measurements one should use only the HP346A and not the 

346B noise source. 
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Excess tuning causes sharp output power variation, a fall in 

loaded Q and mode separation problems. A tendency to mode jump 

is seen for very low values of h. Moreover close proximity of 

the tuning screw over the dielectric degrades temperature 

stability performance. The mechanical tuning range was limited 

to + 50 MHz in keeping with practical considerations. 

The use of a quartz spacer is recommended for improving the 

loaded Q [ 4]. The diameter to height ratio of the dielectric 

resonator has to be properly chosen for optimum mode separation 

or spurious oscillations at other modes are possible for an 

improper selection of Dill ratio. When the dielectric is coupled 

between the feedback microstrip lines, oscillation over a range 

of + 50 MHz of dielectric resonant frequency is possible 

depending upon the position of the dielectric from the drain 

port and also on the tightness of coupling. The frequency of 

the oscillator is set for a slightly higher value than the 

resonant frequency of the dielectric. Sweep measurement results 

conducted for the resonator coupled between parallel 

microstrip lines gave loaded Q values ranging from BOO to around 

1000 depending upon the closeness of the lines with the 

dielectric. It is imperative that the resonant frequency and Q 

measurement of the resonator be made using a box with the same 

mechanical dimensions as that of the oscillator. The same 

microstrip layout was used for fabricating oscillators with 

centre frequenciee from 7.2 to 7.8 Gllz. The thickness of the 

dielectric and its positioning alone had to be varied to 

construct the oscillators. Repeatability or the oscillators was 

excellent and final placing of the dielectric resonator was 

optimized rapidly. 

EFFECT OF BIASING  

At lower values of gate voltage the frequency pushing was 

less. In the configuration used the frequency dependence on 

gate voltage was considerable. A pushing figure of 

approximately 1 MHz/Vgs and 300 kHz/Vds was obtained. At higher 

values of gate voltages, pushing was 3 MHz/Vgs. The pushing 

figures for a free running oscillator constructed with the same 

device read 80 MHz/Vgs and 3 MHz/Vds. 

The measured FM noise at 10 kHz from carrier was - 97 dfic 1 

Hz 1117 ( Figure 7). A harmonic rejection of greater than - 30 (Inc 

and spurious rejection more than - 60 dBc was obtained. 

A dielectric resonator feedback GaAs FET oscillator has 

been developed which exhibits: 

(1) A frequency stability of better than + 2.5 ppm/ ° G. 

(2) Mechanical tunability of + 50 MHz of centre frequency. 

(3) FM noise of better than - 97 dBc at 10 kHz from carrier, 
1 Hz 11W. 

(4) A stable power output over 0 to 50°C and over the 
tuning range. 
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6. RESULTS: NOISE FIGURE MEASUREMENTS 

In Figure 3 the measured noise figure is shown as a function of source 

resistance Rs=1/Gs for a preamplifier of a low-field NMR system (0.12 

Tesla, 5.1 MHz). A cascode configuration of 2 junction field-effect 

transistors (U-310) is used in the input stage. The optimum source 

resistance is approximately 750 Ohm. Feedback damping has been employed 

in order to increase the bandwidth of the receiver coil without degrading 

the noise performance too much. It is interesting to note that Rs(opt) 

remains the same with and without feedback (RF-00) whereas the input 

impedance changes drastically from 1700 Ohm, -82 degrees to 250 Ohm, 

22 degrees. This preamplifier was connected directly to an NMR receive 

coil tuned to Zin-750 Ohm. For RF-00 a noise figure of F=0.5 dB and for 

RF=20 kohm//1pF, F=0.7 dB was obtained. These measurements 

demonstrate also that the optimum source resistor is for junction 

field-effect transistors relatively high. Figure 4 shows F at 5.1 MHz as a 

function of the source admittance phase angle. For 0-+-45 degree a 

capacitor or inductor having a reactance of of X=1000 Ohm was connected 

in parallel to a source conductance of 1mS. The minimum of the noise 

figure F occurs for 0=0 indicating that the correlation admittance Yc is 

zero. This means that the input related noise voltage and current 

generators V and I in the equivalent circuit of Figure 1 are uncorrelated. 

The curve demonstrates that even relatively small deviations from the 

optimum source conductance by a capacitive or inductive component 

results in a noise figure degradation of several tenths of a dB. One 

concludes that for noise optimization it is necessary to control especially 
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the phase angle of the source admittance Ys. In practical terms this means 

that a few undesired picofarads in parallel to a preamplifier input can 

degrade F. On the other hand Figure 3 demonstrates that deviations from 

Gs(opt) are not that critical because that curve has a relative broad 

minimum. Figure 5 shows the circuit diagram of this J-FET preamplifier. 

At higher frequencies bipolar transistors can be used, especially if a 

large bandwidth is desired, for example for a preamplifier covering the 

imaging and the spectroscopy frequencies. (64, 59, 26, 16 MHz). Their 

optimum source resistor is much lower ( Rs(opt)=40...100 Ohm). Figure 6 

shows the frequency response of the noise figure for an amplifier using 

MA-42197 bipolar devices demonstrating that F-values of less than 1 dB 

can be achieved over a large frequency range. In Figure 7 the noise figure 

is plotted as a function of the source resistor and the source susceptance 

for 64 MHz. 

Figure 8 demonstrates an example of a preamplifer for which the 

correlation admittance Yc is not zero. The minimum noise figure occurs for 

a source susceptance of Bs=-3mS. ( Parallel inductance with a reactance of 

XL=330 Ohm). By not neglecting the correlation effect expressed by the 

correlation admittance Yc one obtains in this case a noise figure 

improvement of about 0.2 dB. This amplifier used a by-passed emitter 

resistor in the first stage which probably caused the noise correlation. 
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7. SUMMARY AND CONCLUSION 

In order to obtain good NMR image quality low- noise preamplifiers are 

required. With careful design and by providing the optimum source 

impedance noise figures of 0.5 dB can be achieved. At higher frequencies 

the correlation between V and I in the noise equvalent circuit should not 

be neglected if the noise figure is to be minimized. 
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SUBJECT: A brief overview will be given of the development of 
carbonyl iron powders. It will be shown how the magnetic 
properties of a given iron powder will effect inductor 
performance and, through example, how the physical size of a 
core along with its winding details interact to effect Q versus 
frequency characteristics. 

INTRODUCTION: A circuit designer is often faced with a need 
for inductors and transformers. Regardless of whether it is 
decided to make or buy these components, it is valuable to have 
a practical understanding of the parameters that affect their 
performance. 

In the last century the use of solid magnetic material for DC 
electromagnetics and later laminated magnetic materials for low 
frequency applications led to the need for materials that would 
operate efficiently at higher and higher frequencies, With the 
original thick laminations it was discovered that the apparent 
permeability or inductance decreased as frequency increased and, 
at the same time, losses became prohibitive. It was found that 
by using thin sheets of material insulated from one another that 
better results were obtained. This is primarily due to an 
effect known as eddy current shielding. As frequency increases 
the depth of magnetic penetration decreases for any given 
material. Thus by having thin sheets, effectively, more of the 
core body is utilized. This progression worked toward thinner. 
laminations and grain oriented alloys to meet the higher 
freqUencv needs. 

While the thin oriented laminations were useful for broadband 
audio transformers, they were unable to meet the need for 

selective circuits where high Q is required. While at low 
frequency the magnetic field in a coil is in its axial 
direction, at high frequency, each turn generates its own field 
concentric with the wire. These fields are coupled with fields 
from adjacent turns and are coupled to the core through axial 
fields rather than one central field. This type of field 
requires cores laminated in all directions in order to minimize 
losses and thus maintain reliable inductance and Q versus 
frequency. As a result, powdered iron cores were developed. 

There are two basic classes of iron powders available: Hydrogen 
reduced irons and carbonyl irons. The hydrogen reduced irons 
have low resistance, and a relatively large particle size. This 
type of powder produces the highest permeabilities. ( approaching 
100), has low losses at low frequency, but the losses increase 
significantly at high frequency, producing very low Q at PF. 
Cores from this powder are commonly used for differential- mode 
chokes in line filters and DC output chokes in switching power 
supplies. 

The carbonyl irons, on the other hand, have a particle which is 
formed by the decompositon of pentacarbonyliron vapor. This 
produces a spherical particle with an onion skin structure. The 
laminating affect of the onion skin produces a resistivity cf 
the individual particles which is much higher than that of pure 
iron. This high resistance in conjunction with the very small 
particles size ( 3 to 5 microns) greatly enhances the high 
frequency performance. The permeability of carbonyl iron 
powders, and thus their inductance, can be manufactured to a 
very tight tolerance and they remain extremely stable with 
frequency, temperature, and applied signal level. All of these 
are important considerations in high Q selective circuits. 

The distributed air- gap characteristic of the carbonyl iron 
powder produces a core with permeabilities ranging from 4 to 35. 
This feature in conjunction with the inherent high saturation 
point of iron makes it very difficult to saturate at high power 
RF. Normally, high power applications are limited by 
temperature rise due to core loss. 

In the middle 1930s the first ferrites were investigated. The 
development of these materials produced higher permeabilities 
than that attainable with iron powder and, at the same time, 
they had reasonable losses. In many applications the higher 
permeability of the ferrite materials is a distinct advantage. 
However, with high frequency and high ID tuned circuits, high 
permeability is not nearly as important as attainable Q and good 
stability with varying environmental and electrical conditions. 
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A Complex Impedance Meter 

Carl G. Lodstram 

now-Key Microwave Corporation 
1110 Mark Avenue 

Carpinteria, CA 93013-2918 

The idea of this instrument was conceived through the 

better understanding of the Smith chart that I was able to re-

ceive in the late ' 70s. It took a few years, until around 1980, 

to get around to building one, verifying the concept. I remem-

ber that it was an antenna that defied tuning, and a 2-meter 

version of the instrument was built. 

As is apparent in the Smith chart, all mismatches reflect 

power. At an open end of a transmission line a voltage maximum 

will occur. This corresponds to a point at the right edge of a 

Smith chart. At a shorted end there will be a voltage minimum 

(the left edge), and in the case of a perfect match, there will 

be equal voltage along the line ( chart center). Correspondingly, 

loads with some imaginary part, inductors and capacitors combined 

with the load, will move vertically from the center, inductors 

up and capacitors down. They will not move on a straight line, 

like their resistive counterparts, but along some resistive 

circle, and the unity circle if the resistive part is a match. 

In the vicinity of the center, this vertical movement is approx-

imately a straight line. How do we detect and indicate these 

deviations, then? 

A wise man, Magnus Koch at the Chalmers U. of Technology, 

teborg, Sweden once told me, " Tf you can measure something 

with a bridge, do it!" As the years have gone by, t have found 

them to be words of wisdom, and they certainly apply here. A 

bridge, how to make a bridge that can detect in what direction 

something takes off on a Smith chart? 

One does not have to! As you go along a transmission line 

away from, say a shorted end, you start at the leftmost end, and 

we all know that after Á/8, looking back, we will see an inductance 

with jwL = Zo . After another Á/8, making Á/4 total, it looks 

like an open circuit, and so on. After one turn around the chart 

we have traveled Á/2 along the line. T,ét us now put four little 

detector diodes, monitoring the voltage on the line, snaced Á/8 

apart, one in each " compass direction" around the chart. 

you say, you can not do that! It introduces a mismatch! 

but all four diodes do the same. "ice they are mutually 

Well, 

True, 

cancel-

ling, AT THAT FREQUENCY, plus a little line loss, it does not 

matter. 

Let us excite the line and try various loads at the other 

end. The last diode is to be positioned where the loads will be 

applied, or an integer multiple of ..\/8, in which case the indica-

tors will change sign and label. 

leferring to the basic schematic, Figure 1, let us look at 

a short circuit. na will obviously get no voltage at all to 

detect, but D2 will get twice the normal. D3 and D1 will not see 

any change. nue to the way D2 and D4 are turned, a negative 

voltage will appear at their summing point. An open circuit will 

produce the opposite, with a positive voltage from D4 and no volt-

age from D2. Tn both cases, D1 and D3 will detect equally strong 
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Ferrites are typically manufactured to a + 1-20% tolerance. 

INDUCTANCE: The inductance per turn of a closed magnetic 
structure, like a toroidal core, is described by: 

where: 

L = 
—n"à• 

41T uAe 

L = inductance in inFil 

u = permeability 

A • = cross-sectional area ( cm2 ) 

= path length cm 

n = number of turns 

This illustrates that the inductance per turn of a core is 
directly related to its permeability and the ratio of its 
cross-section to its path length, Core manufacturers provide an 
inductance rating for their cores. There are 3 different 
descriptions commonly used: nh/t mh/1000t, and uh/100t. 
Because the inductance varies, squared with turns, the three 
compare according to this example: 

5nh/t = 50 uh/100 turns = 5mh/1000 turns 

These ratings are used to calculate the required turns for a 
desired inductance as follows: 

If Al is in nh/t, 

required turns = [desired L Inhl 
Al 

If Al in mh/1000 turns, 

required turns = 1000 [desired L  
Al 
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If rated in uh/100 turns: 

required turns • 100 pesired L/uhr Al 

For example, if 9uh is needed on a core with an inductance index 
(Al) of 49uh/100 turns then; 

/ 

required turns . 100 = 24.7 1= 25 turns 
¡,49J 

CONSIDERATION: What are some of the considerations for 
producing high Q inductors? What is Q? In a simplified view Q 
tan 9- = wL/R where 1)- is the phase angle, wL is the inductive 
reactance and Ris the effective series resistance. In the 
ideal inductor, the phase angle is 90 degrees and the 61 is 
infinite, Likewise, an inductor with a Q of 1 has a phase angle 
of 45 degrees and thus its reactive and resistive elements are 
equal. A Q of 150 has a phase angle of 89.6 degrees. 

The factors which make up the effective resistance are quite 
complex. They involve both the core and winding losses. The 
core losses vary with material, frequency, flux density, and 
core size. The winding losses involve wire resistance, 
turn- to- turn, and turn- to- core capacitive effects which are all 
frequency and size dependent. There are rigorous analyses of 
these inter- relationships available, but in general they are far 
too complex to be of much practical use when it comes to 
designing a high Q, high frequency inductor. The basic trends 

of these inter-relationships as they relate to frequency are 
shown in the following exapmles. The examples will use toroidal 
or donut- shaped cores, but the principles can be applied to 
other core shapes. 

Optimum 6) occurs when the combined core loss equals the total 
winding loss, It has been shown by Legg that, in general, the 
maximum attainable Q is directly related to the physical size of 
a core for any given material, It has also been shown that the 
frequency at which this maximum attainable Q occurs is, in 
general, inversely proportional to permeability, core size, and 
the square root of the core loss. 

Figure 1 illustrates this basic relationship. For a given core 
material ( carbonyl E, u = 10, recommended Frequency range or 
.25 to 10 mHz), the physically large cores provide a higher peak 
Q than the physically small cores and the frequency at which 
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signals, but of opposite signs, so their sum is zero. In a 

similar way it works for imaginary deviations from the matched 

condition. Just imagine the 

The beauty of the Smith 

preserved in this apparatus. 

chart rotated 90 degrees! 

chart, or at least one of them, is 

It is the fact that near perfect 

loads will be treated especially carefully and accurately. The 

concept is clearly not limited to 50 ohm lines. One can imagine 

the use of perhaps a 5 ohm line in a test fixture for measuring 

transistor input impedances. 

A limitation is the bandwidth. I would say that the function 

is very satisfying within a 10% band centered around the design 

frequency. That is certainly more than enough for most "band" 

operations, be it ham radio, cellular mobile, radar, microwave 

link or CB. An exception from the bandwidth limitation is of 

course the well-matched load, which will appear as such, no 

matter what the frequency. 

The maximum possible frequency of operation that can be 

achieved remains to be determined. The diodes have to be operat-

ing, of course, and can always be soread by multiples of X/13 if 

physically necessary, but the bandwidth will suffer. Hewlett-

Packard has been kind enough to supoly me with some zero bias 

diodes good to 10 GHz, but in spite of a lot of care, they got 

damaged by static electricity. Using regular " hot carrier" diodes 

will work to at least 1 GHz, but a signal level of at least - 15 

dm is necessary for good signals. A possible method of building 

the instrument for microwave frequencies is shown in Figure 2. 

Practical Aspects  

It may be more desirable to have the testplane outside the 

connector, as opposed to just behind it. This is possible by just 

adding some line after the last diode. This may actually be the 

preferred method, since all the diodes then will be mounted in 

an identical manner on the line, thereby balancing each other 

better. They will then have to be permutated, changing the order 

from 1-2-3-4 to 4-1-2-3. 

It is also possible to measure remote ( 100X) objects. By 

leaving the end of the line open, one can determine to what extent 

the chart is rotated, and either change the frequency slightly to 

get the open located on the right, or add some cable, or just 

remember the position. The insertion loss of the cable limits 

the sensitivity, of course, but I have derived useful information 

about a load with a 20 dB attenuator in line and + 10 dBm excita-

tion. This corresponds to a VSWR of 1.02:1 or 40 dB return loss. 

With the same level of excitation I can detect the difference 

between a " perfect" load and one of 70 dB reflection. To observe 

that mismatch on a Smith chart, you would have to use a microscope, 

since it corresponds to a distance from the center of half the 

thickness of a human hair. 

Displaying the voltages on an X-Y oscilloscope ( or a plotter 

for swept signals) is very convenient. It then becomes apparent 

that the outline of the displayed field, corresponding to the 

circular border of the Smith chart, is not really circular, but 

somewhat diamond shaped. Should this be disturbing, a 6 dB atten-

uator can be left on the measurement port. Tt is " transparent" 
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this peak occurs is indeed inversely proportional to the core 

size. That is to say, large cores reach their optimum at a 
lower frequency than the small cores. 

Figure 2 illustrates that for the same physical size core, a 
150, ( which is a 1/2 c.d. toroidal core), that the frequency at 
which the peak Q occurs increases with decreasing permeability. 
Eddy current losses also are involved in determining this 
optimum frequency. 

In this comparison, the inductance has been a variable in order 
to approach an optimized Q at an optimized frequency. Figure 
shows a series of Q curves for the same size core and material, 

each with a different single layer winding. These curves show 
that the frequency at which the Q peaks, decreases as the number 

of turns, and thus the inductance, increases. It also shows 
that there is a point at which a peak- peak is obtained. 

Another interesting comparison is to set the inductance at a 
fixed value and see how the core size, core material and 
required windings interact. Figure 4 shows this comparison. 
While these are not optimized coils, this example illustrates 

that even with a fixed inductance, larger cores produce higher Q 
at a lower frequency than the smaller cores. 

Thusfar, the examples given have not considered the winding 
details, but have looked at the interaction of core size and 
material as it relates to Q and frequency. In the examples 
shown, the windings have all been a full single layer. The 
following examples illustrate the effects of different types of 

windings and their implications versus frequency. 

WINDING CONSIDERATIONS: In arriving at the best winding for a 
given coil, there are two basic effects, which reduce Q, that 
need to be considered: resistive and capacitive. 

The resistance of copper wire at very low frequency is the same 

as its DC resistance. The skin depth of an AC current is 
inversely proportional to the square root of the operating 
frequency. Thus the AC resistance of a conductor is 
proportional to Vr. Because of this, the increased resistance 
due to skin effect will begin to come into play at higher 
frequencies for smaller wire and at relatively low frequency for 
large wire. As an example, 1130 wire will begin to see increased 
resistance as low as 300 le.klz and 040 wire is affected around 3 
MHz. This resistance is further increased in wound coils due to 
the proximity effect of adjacent turns. 

In order to help the AC resistance of a conductor approach its 
DC resistance at moderate frequency, Litz wire can be used. 
Litz wire is formed by a number of strands of small insulated 
wire connected in parallel at the ends and completely 

interwoven. The interweaving is essential in order for the 
various strands to equally share the current. There is a 
significant difference between true Litz wire and stranded wire. 

Practical Litz wire is very effective at frequencies up to 1 
MHz. As frequency increases, however, the benefits begin to 
disappear. At very high frequencies the reduced resistance due 
to the interwoven stranding is more than off- set by the 
capacitive build-up between the strands. Since most of the work: 
In RF today is at frequencies above 1 MHz the use of Litz wire 
has become rather uncommon. 

In a winding, the self- capacitance that is built up is a result 
of the turn- to- turn capacitance of adjacent wires as well as 
turn- to- core capacitance. The turn- to- turn capacitance is 

affected by the wire size, the number of turns, and the spacing 

and positioning of the turns. In general, capacitive affects on 
Q become increasingly important with frequency squared U Z I. 
For a toroidal coil, one of the most important factors in 

controlling capacitive built-up is to limit the winding to a 
single layer. Figure 5, from Welsby, shows how the self 
capacitance of a toroidal coil varies with the number of winding 
layers. It is seen that the addition of even a partial second 
layer dramatically increases the self- capacitance. 

This capacitive effect is evident in figure 6. In this example 

all the coils are wound with * 28 wire and essentially the same 
number of turns. Curve Ill is a single layer winding and has a 
peak Q of 244. Curve *2 is the result of adding only 2 turns on 

a second layer. The resulting Q is 7% lower. Curve 11:9 is a 
randomly wound coil and exhibits even lower Q. And the worst of 

the group is curve *4 which has 60 turns on the first layer and 

40 turns on the second layer. In this example the capacitive 
effects have lowered the Q by over 25%. 

Since the objective is to minimize both resistance, which 
implies larger conductors and thus multi -layers, and at the same 

time to minimize capacitance, which implies single lavers with 
good spacing, it is valuable to keep in mind that the importance 
of resistance varies with ql- and the importance of capacitance 
varies with f2 . This indicates that at low frequencies 
resistance is the dominant factor and that at high frequencies 
capacitance is the most important factor. 
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Conclusion 
enough to make good measurements through. It also provides the 

necessary DC return path for the diode currents, that may not be 

present in the load or source. 

The matching impedance of the source is not critical at all. 

A mismatch there reflects part of the power back to the source, 

but what travels down the line is what counts. 

With zero bias diodes it should be possible to use a regular 

signal generator for the source, with levels of 1 mV (-47 dBm), 

and measure receiver inputs without driving them into non-linear 

regions. 

Other Applications  

qubstituting the "perfect" load with a resonant circuit 

opens up a few interesting applications. "'he output from the 

jX detector becomes very sensitive to changes in frequency, being 

zero at resonance. This can be used to measure deviation, modu-

lation, PLL step response and maybe even phase noise. The higher 

the Q of the attached resonant circuit, the more sensitivity. A 

VCO can be locked to a cavity or a stub, by feeding back the DC 

signal. 

Another application could be a distance meter, connecting 

both outputs to an UP/DOWN counter, with an antenna for a load. 

The sine/cosine information in the reflected signal will run the 

counter up or down, and one count for every half wavelength will 

be gathered. This may be a good detector for doopler radar bur-

glar alarms, eliminating false alarms from objects that are just 

swinging back and forth in the wind. 

detector has been described, that in sensitivity far 

exceeds the common VSWR meter, and furthermore provides infor-

mation about the complex nature of the load, while still being 

of the same simplicity as a VSWR meter. The tradeoff is band-

width. Also, it has other potential uses, as outlined, that a 

VSWR meter has not. 
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Transmission 
Line = Zo 8 

Figure 1(a). Basic Schematic of Impedance Meter. 

C = Decoupling 
R Summing 
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Aside from the effect that coil capacitance has on 0, it also 

affects the self resonant frequency and apparent inductance of 
the coil. The greater the coil capacitance, the lower the self 
resonant frequency and the higher the apparent inductance. 

These coils are also, often times, either dipped in a material 
to secure turns or are completely encapsulated. The dielectric 
characteristics of the material coming in contact with the 
winding can have a profound effect on the coil capacitance and, 
therefore, the Q, the apparent inductance and the self-resonant 
frequency. In order to minimize the shift that occors due to 
encapsulation, a material with a low dielectric constant must be 
used. 

Another characteristic which effects the apparent inductance is 
leakage inductance. Leakage inductance acts in series with a 
coils self inductance. This is the result of uncoupled flux and 
becomes most apparent in high frequency, low inductance coils, 
particularly when the turns are not evenly distributed around 
the core. Here is an example using a T50-17 toroid ( u = 4) 
wound with 10 turns, 1120 wire: 

360 degrees 

•‘‘IFe!› 

L = . 22uh 

200 degrees 

L = . 26uh 

120 degrees 

tie 
4a0P 

L = . 39uh 

In instances like this where it is possible to drastically 
change the positioning of the turns, and the permeability of the 
core material is low, very large differences are seen. In 
higher permeability materials this effect is much less. In a 
number of applications, toroidal coils are tuned by this means. 

SUMMARY: Iron powder is a core material well suited for high Q 
stable inductors to be used in the 100 KHz to 200 MHz frequency 
range. 

The following relationships regarding core material and size 
have been shown: 

1. For a given material, larger cores produce a higher Q 
at a lower frequency. 

2. For a given material and core size, 0 peaks at a lower 
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frequency as the turns are increased. There is a frequency and 
winding where 0 is optimized. 

3. For a given core size, the optimum value of Q is 
inversley proportional to the permeability. 

it has also been shown that from the winding standpoint, in 
order to help optimize Q: 

I. At low frequency ( < 500 KHz) that the resistive losses 
are dominant and thus the use of Litz wire is advantageous. 

2. At frequencies above 1 MHz losses due to capacitive 
effects begin to dominate and that multilayering is very 
detrimental to Q. It can generally be stated that a full single 
layer will provide the best result. 

In order to help the design engineer in his efforts to build 
high Q inductors, Micrometals, Inc. has printed an extensive 
series of Q vs frequency curves for iron powder cores known as 
The Q-Curve Book." In studying this information it can be seen 
that when high Q is required at a particular frequency and the 
physical size is limited by packaging requirements that, when 
possible, it is best to optimize the coil for Q and to adjust 
the value of the external resonating capacitors rather than to 
select the desired inductance and then sacrifice Q in order to 
achieve the inductance. 

Another application for which iron powder is receiving 
increased attention is for, use in very high frequency broadband 
matching applications. The extremely linear frequency response 
of iron powder even with 35 permeability material makes it 
useful for transformers above 50 MHz. The primary attraction of 
iron powder is its repeatability at the ey_tremely high 
frequencies. Full characterization of these materials for. 
broadband applications up to 1 GHz will be available in the 
future. 

I= II= CC, 11:CI MI5 II= MI MS MIMI ICI fe:5 t—a e=11 te.2 
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Figure 1(b). Circuit with measurement plane outside'unknown . 

connector. Note diode numbering change. 

Output 
Connector 

- - - - - - - - - - 
(Plane of measurement) 

Figure 1(c). Practical construction method. 

zL 

decoupling 
Caps 

Source Load 

I rr 

/ Capacitive coupling 

._s- diode 
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Figure 2. Possible microwave construction method. 
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Open 

, 1 inch  
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(B) (C) 

Circle Center dot 

Sweeper power . . 13 dBm 

Plotter resolution . 500 mV/in ( X & Y) 

Figure 3. Display of measurements made with Impedance Meter. 
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MIX-2 
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I 01-2 me #28 84 
I 8112 1011 #28 55 
I 68-2 100 #311 57 
502 77 *30 29 
1 It 2 66 #10 23 
I 37-2 53 #30 11.5 
I 102 47 #32 9.3 
I 25-2 30 #10 3.0 
202 30 #33 2.4 
1 12-2 25 #36 1.3 
I 10.2 25 #40 .0 

MIT NUMBER 

ISO 

Q 

100 

11,21 

r 

s 

11102 

Qs, requ.0: 

12,, 

Irrs,••••sry 

• /1 111 It 

r Type of core: 1-Toroid, 
Dominate Dimension in 100th of inches 

M TBQ -21 
Micromelafs Iron Powder mix No.  I 

Code area for additional characteristics. 

Figure 1 
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Xs, 

11111 

ISO 10 

1012 

Q 

ISO 

1 4 S I: 7 11 11 111 12 

Frevoutry 

General Magnetic Properties 

Ilaalt 
Mix II Iron Powder Permeabty 

— 
Resonant Circuit 

Material Temperature Frequency Range Color 
(1.4o) Stability (+) (MHzi_ Code 

1 Carbonyl C 

_ _ 

20 280 ppmeC .15-2.0 Blur,  

2 Carbonyl E 10 95 .25-10. Red 

3 Carbonyl HP 35 370 .02-1.0 

6 Carbonyl SF 
_y_ 

8.5 35 2.0-30. Yellow 

7 Carbonyl TH 9.0 30 1.0-20. White 

13 Carbonyl GQ4 35 255 .02-1.0 

10 Carbonyl W 
_.2(r_arae 

6.0 150 10-100 Black 

12 Synthetic Oxide 4.0 170* 20-200 Green/White 

15 Carbonyl GS6 25 190  .10.3.0 Red/White 

17 Carbonyl 4.0 50 20-200 Blue/Yellow 

22 Synthetic Oxide 4.0 410. 20-200 Green/Orange 
0 Phenolic 1 0 50-250 Tan 

'Frequency range indicated is for maximum Q. For wide-band applications where high Q is not required. 
the useful frequency range will typically extend 10 to 100 times higher. 
• Non-linear 

Figure 2 
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REF 500.0 mUnits 

100.0 ,Units/ 
V 52.533 0 -3.1582 0 
hp 

• 
,/ 

SCALE 
100 mUnt tis>-tà v 

145 MHz 
An 

Test Load Assembly 

Plotter resolution = 

5 mV/in ( X & Y) 
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I 

..- \ • ..- .... . \ ...- ..». / 
-'\ 

\ ..- • „, 

\ .., / 
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\ ," , 

... , 
.., \ , / s'• ........,...7 

.-<,............. /_________.....---

START 0.135000000 GHz 
STOP 0.155000000 GHz 

Figure 4. Top plot was made with a Hewlett-Packard 8510 
Network Analyzer. The bottom plot is the same 
load measured with the Impedance Meter. Shapes 
of the curves are nearly identical, with some 
differences in rotation of the display and the 
calibration of the center dot ( 50 ohm load). 
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145 MHz 
Antenna 

Sweeper power = + 13 dBm 

Plotter Resolution = 
100 mV/in ( X & Y) 

• 1 inch 1 

Coupled tuned circuit 
 I ( Grid dip meter) 

Figure 5. Effects of an additional tuned circuit, coupled to 
the antenna. As would be predicted, a high-Q re-

sponse ( small loop) occurs at the additional reso-
nant frequency. Light coupling does not greatly 
disturb the primary antenna response. 
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Sweeper power = + 13 dBm 
Plotter resolution = 5 mV/in 

(X & Y) 

1 inch 

-20 -- -6 --
dB dB 

50 0— 
dr3 

-6 
dB 

---npen 

Plot A: "perfect" load. Plot B: 52 dB return 
loss, ( 20 + 6) X 2. 

Open 

Plot C: 40 dB 
return loss. 

Figure 6. Sensitivity demonstration - High sensitivity display 
can discern difference between "perfect", 52 dB return 
loss and 40 dB return loss loads. Plot A is a magni-
fication of the center dot in Figure 3. 
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Efficiency of Envelope-Tracking RF Power-Amplifier Systems 

by 
Frederick H. Raab, Ph.D. 

Green Mountain Radio Research Company 
50 Vermont Avenue, Fort Ethan Allen 

Winooski, Vermont 05404 

ABSTRACT 

Envelope tracking is a technique for increasing the efficiency of a lin-

ear RF power amplifier ( PA) by varying its supply voltage to track the enve-

lope of the RF signal. Potential advantages of envelope tracking over other 

techniques include simple circuitry and usability at any RF frequency, RF 

bandwidth, and signal bandwidth. Instantaneous power and efficiency charac-

teristics are derived using ideal class-B PAs so that the results can easily 

be scaled for use with practical PAs. The average efficiencies are then de-

termined as functions of the supply-voltage ratio for a variety of amplitude-

modulated signals. The improvement in average efficiency can be quite signi-

ficant but naturally depends upon the specific type of signal and its peak-to-

average ratio. For example, the 28-percent average efficiency of a single-

voltage PA with a Rayleigh-envelope signal of 10-dB peak-to-average ratio can 

be increased to 48 and 57 percent by two- and three-voltage envelope tracking, 

respectively. 
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1. INTRODUCTION 

Envelope tracking is a technique for increasing the efficiency of a lin-

ear RF power amplifier ( PA) by varying its dc supply voltage to track the 

envelope of the desired output signal. The improvement in efficiency is 

achieved because the efficiency of almost any PA is proportional ( or approxi-

mately proportional) to the ratio of its output voltage to its PEP-output vol-

tage. The improvement in efficiency is especially significant when the signal 

to be amplified has a high peak-to-average ratio, which causes a linear PA to 

operate in a low-power, low-efficiency region most of the time. 

Consider, for example, the curves in Figure 1. The instantaneous effici-

ency of an ideal class-B PA increases from zero to 78.5 percent as its output 

increases from zero to peak-envelope power ( PEP). The two-tone test signal 

has a 3-dB peak-to-average ratio and spends most of its time at amplitudes 

near PEP, hence the ideal class-B PA amplifier has an average efficiency of 61 

percent. However, the speech and multicarrier signals more commonly encoun-

tered during actual use have larger peak-to-average ratios ( e.g., 10 dB), re-

sulting in average efficiencies on the order of 30 percent. 

If the PA is operated from half of the full supply voltage, the instan-

taneous efficiency increases from zero to 78.5 as the RF-output voltage in-

creases from zero to half of the PEP-output voltage, doubling the instantane-

ous efficiency for low-amplitude signals. For larger instantaneous outputs, 

the PA must be operated from the full supply voltage, dropping the instantane-

ous efficiency to that of an ordinary class-B PA. Nonetheless, the average 
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Figure 1. Efficiency and distribution characteristics. 

efficiency for signals with a 10-d8 peak-to-average ratio is increased from 

approximately 30 percent to approximately 48 percent. 

The block diagram of a two-voltage envelope-tracking system is shown in 

Figure 2. The envelope of the input signal is detected and compared to a 

threshold value. When the envelope is larger than the threshold value, 
VDDRF 

(the dc supply voltage for the RF PA) is switched to the full dc supply vol-

tage V9D. Otherwise, vme is switched to the lower supply voltage a Vol) to 

reduce power dissipation in the RF PA. The lower supply voltage can be ob-

tained from an efficient switching regulator or from a center connection in a 

series of batteries. 

The concept is readily extended to three or more supply voltages. How-

ever, the use of a larger number of supply voltages adds to circuit complex-

ity, thus eliminating one of the advantages of envelope tracking. The supply 

voltage to the RF driver amplifiers can also be varied to reduce their power 

consumption. In addition, a switched compensation network can be added to 

correct for gain and phase changes associated with operation of the PA from 

different supply voltages. 

A number of techniques [ 1 - 6] are known for implementing high-efficiency 

RF power amplifiers ( e.g., classes D, E, and F) and for combining PAs to in-

crease efficiency ( e.g., envelope elimination and restoration, outphasing, and 

Doherty). Envelope tracking is thus neither the only technique nor necessar-

ily the best technique for improving efficiency. However, it may be the most 

practical or most effective technique in certain situations, such as when 
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140 MHz Lumped El 3di Hybrid 

by 

Dr. Rajeswari Chattopadhyay I.K.L.N. Murthy Suresh K.R. Nayar 
Chief Engineer Exec. Engineer Delhi University 

Transmission R&D 
Indian Telephone Industries Ltd. 

Bangalore, India 

A 140 MHz, 3 dB hybrid was realized using lumped 

inductances and capacitances. At microwave frequencies 3 dB 

hybrids are realized using branched line hybrid couplers. 

Branched line hybrid consists of series and shunt 7b/4 

transmission lines. At 140 MHz the %/4 transmission line will 

be about 53.5 cm long in air, and it would be impractical to 

fabricate branched line hybrids at 

characteristics of transmission lines 

lumped inductances and capacitances. 

these frequencies. The 

can be realized using 

It is thus possible to 

realize the branched line coupler in its equivalent form. 

The commonly used single section branched line hybrid 

coupler is shown in Fig.1(a). The ›/ 4 transmission lines of 

this hybrid can be realized by the lumped element pi—network 

shown in Fig.1(b). The inductance L and the capacitance C of 

this network, in terms of the characteristic Impedance Zo and 

the centre frequency of operation fo of the equivalent 

transmission line, are given by the following equations. 
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1 2frf o   (2) 

Using these equations the L and C values for the 50ñ.. and 504n:Ju. 

charecteristic impedance X/4 transmission line were calculated 

and the lumped element equivalent of the 140 MHz 3 dB two 

branched line hybrid is shown in Fig.2(a). This can be further 

simplified to the network in Fig.2(b). 

Realization of the lumped element >/ 4 transmission line: 

A %/4 transmissi—n line was realized using aircore 

inductors and variable capacitors ( Thintrim R ). The aircore 

inductors were measured by reaeonating them with a chip 

capacitor ( at a series resonant frequency of 140 MHz). The 

series resonant circuit was loosely coupled to input and output 

microstrip lines with two 6.8 pF series capacitors. Thintrim R 

variable capacitors were tuned to the appropriate value by 

resonating them with the measured aircore inductors in a similar 

way. To measure the insertion loss and insertion phase response 

of the lumped element pi—network, two equal length 50 ohms lines 

were used on the 31 mil thick Teflon fiberglass substrate. One 

microstrip line was used as the reference line to eliminate the 

ambiguities due to co—axial to microstrip transitions. Layout 

for this experiment is shown in Fig.3 ( a). The series inductor 

L ( 56.84 nH) was connected by cutting the other microstrip line, 

and the capacitors C ( 22.736 pF) were grounded by through holes 

in patches PI and P2 . SMA connectors were used for the external 



• The operating frequency is too high for implementation of high-effi-

ciency RF PAs, 

2 Vom , 
idc 

w R 
(1) 

• The signal bandwidth is so large that class-S envelope modulators are where Vom is the output envelope voltage ( i.e.. Vom sin wt) and R is the load 

impractical or inefficient, resistance. Note that /dc is not dependent upon supply voltage. 

• The frequency range of operation is larger than that of the transmis- A two-voltage envelope tracking system employs supply voltages of VDD 

sion-line couplers required by the outphasing and Doherty techniques, and a Vim where u < 1. Linear operation of the RF PA requires its supply vol -

or tage to be at least as large as the desired output voltage. The threshold 

• Economic or space considerations do not permit implementation of a comparison ( Figure 2) required to vary the vome (as in Figure 3) is described 

class-S envelope modulator. by 

The objective of this paper is to determine the improvement in efficiency 
a Von , 0 < V < a Viv 

that can be achieved by applying two- or three-voltage envelope tracki ng to a VDD = om  (2) 

VDD ' VDD 4 VOM 4 VDD class-8 linear RF PA. While the use of multiple supply voltages in audio PAs 

has been discussed in the literature [ 7, 81, little consideration has been The resultant dc input power is therefore 

given to analogous techniques for RF PAs. To obtain generally applicable re-
p. . a Vpi, Idc , < Yam < a VDD 

suits, ideal class-8 PAs are assumed. Predictions for a practical PA can be (3) 

r 
obtained by scaling the results presented here by the efficiency of the PA at voy dc ' ° VDD 4 VOM e VDD 

peak output. The instantaneous dc- input power curves and the corresponding efficiency 

curves are shown in Figure 4. Note the abrupt decrease in power consumption 

2. INSTANTANEOUS EFFICIENCY and increase in efficiency when the Vme is switched from the higher supply 

voltage to the lower supply voltage. 

The characteristics of ideal and practical class-B PAs are discussed in The three-voltage envelope-tracking concept is analogous to the two-vol -

[1]. It is useful to recall that the dc input current for an ideal class-B PA tage concept but employs supply voltages al VDD, a2 Vie, and Vop, where 

is a < a < 1. The voltage- switching algorithm is described by 
1 2 
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connections to the oicrostrip linee. HP 8505A network analyzer 

and 8503A S-parameters sets were used for measurements. Using 

an in-house circuit analysis package the theoretical response of 

the pi-network was calculated. The measured and theoretical 

insertion loss phase response for the lumped element 7%/4 50/1. 

transmission line is shown in Fig.4. There was a very close 

correlation between the measured and theoretical responses. 

The realization of the lumped element branched line hybrid: 

Since the lumped element pi-network design based on 

equations ( 1) and ( 2) had a satisfactory phase response, the 

branched line hybrid was realized as per Fig.2(b). The layout 

of the lumped element hybrid is shown in Fig.3(b). All the 

inductors and capacitors were tuned to proper values by the 

procedure outlined earlier. For this coupler the return loss 

and isolation maxima occured at different frequencies. The 

measured return loss and isolation characteristics are shown in 

Fig.5. Using the in-house " SCAT" circuit analysis program the 

lumped element hybrid circuit was analyzed. From the 

theoretical analysis it was found that it is possible to obtain 

the measured response when there is 10% increase in three of the 

inductor values, 8% decrease in the capacitor values and about 

10% decrease in the value or LI ( Fig.3b). This order of error in 

the measurement of L's and C's can be due to the following 

reasons: 
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1. Inaccuracy of the series resonant frequency measurement on 
the network analyzer. 

2. Tolerance of chip capacitors used for measuring the aircore 
inductors. 

3. The unaccounted loading of the series resonant circuit used 
for measuring L's and C's. 

Based on the theoretical analysis, the 3 dB hybrid was 

tuned to get the response shown in Fig.6. It can be seen that 

this hybrid has a minimum return loss of about 14 dB, a minimum 

isolation of about 15 dB and a maximum coupling imbalance of 0.7 

dB over 128 MHz to 144 MHz. Thus the lumped element 140 MHz 3 

dB hybrid has a satisfactory performance over about 12% 

bandwidth. The difference in the theoretical and experimental 

results ( fig.(6)) could be due to the fact that in theoretical 

modeling the finite Q's of the inductors and capacitors were 

not included. Though this coupler was realized with microstrip 

input and output lines and SMA connectors were used for our 

convenience, it 

other circuits. 

compatible with 

using thick and 

can be realized on a PCB for integration with 

Unline a Ruthroff transformer this coupler is 

planar technology and can be easily miniaturized 

thin film techniques. For a broader bandwidth, 

lumped element equivalent circuits for higher order branched 

line hybrids can be realized. 
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/ e 1 VDD Idc' 0 < V <aV om 1 DD 

Pi » n2 VDD Idc' el VDD 4 Vom < e2 VDD 

VDD Idc ' a2 VIM 4 Vom e VDD 

The instantaneous power input and efficiency curves are also shown in Figure 

4. 

(4) 

3. AVERAGE POWER INPUT AND EFFICIENCY 

(5) 

Average efficiency [1, 9] is defined as the ratio of the average RF-out-

put power to the average dc- input power; i.e., 

nAVG " PoAVG / PiAVG • (6) 

The average powers are determined by integrating the instantaneous powers 

weighted by the envelope probability-density function ( p.d.f.) over the range 

of envelope values: 

and 

VomPEP 

P°AVG . ( 1/2) f V2 p(v ) dV om om om 
o 

(7) 
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The peak-to-average ratio is defined by 

t = PoPEP / PoAVG ' 

(8) 

(9) 

A number of useful p.d.f.s are defined in [ 5] and [ 9]. For the uniform 

p.d.f., the dc input power and maximum-efficiency values of a, a , and a can 
1 2 

be determined analytically. However, for the other p.d.f.s, the evaluation is 

most readily accomplished numerically. 

Selected Signals  

Single-sideband suppressed-carrier ( SSB/SC) transmitters are commonly 

tested with a two-tone signal, while full-carrier AM transmitters are commonly 

tested with a single-tone modulating signal. Some types of amplitude compan-

ders are said to produce a nearly uniform amplitude distribution. Quadrature 

amplitude modulation ( QAM) is being used with increasing frequency in data-

transmission systems because of its ability to pack a large number of bits 

into a single data symbol. All of these selected signals have relatively low 

peak-to-average ratios. 

The average efficiency of two-voltage envelope tracking with the four 

selected signals is shown in Figure 5 as a function of the transition ratio a. 

The maximum average efficiency attainable with both two- and three-voltage en-

velope tracking as well as the corresponding average efficiency for a single 

supply voltage are given in Table 1. For these signals, two-voltage tracking 
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gA,G t.e.yoltage Tracking Three-Voltage Tracking 

SIGNAL E, de class-8 max hAv, a s" nAvG 31 32 

Twm-tone 3.0 0.614 0.673 0.71 0.701 0.56 0.82 
AM 4.3 0.587 0.655 0.66 0.687 0.50 0.79 
Uniform 4.8 0.524 0.615 0.67 0.658 0.52 0.78 
POW 4.8 0.484 0.605 0.71 0.653 0.57 0.76 

Rayleigh 5.0 0.455 0.580 0.63 0.635 0.50 0.73 
Rayleigh 6.0 0.423 0.561 0.61 0.621 0.48 0.71 
Rayleigh 7.0 0.387 0.540 0.58 0.607 0.45 0.68 
Rayleigh 8.0 0.350 0.519 0.55 0.592 0.42 0.65 
Rayleigh 9.0 0.314 0.498 0.52 0.578 0.39 0.61 
Rayleigh 10.0 0.280 0.479 0.49 0.566 0.36 0.57 
Rayleigh 11.0 0.250 0.462 0.45 0.556 0.33 0.53 
Rayleigh 12.0 0.223 0.448 0.42 0.547 0.30 0.49 
Rayleigh 13.0 0.198 0.435 0.39 0.540 0.28 0.46 
Rayleigh 14.0 0.177 0.424 0.36 0.534 0.25 0.42 
Rayleigh 15.0 0.158 0.414 0.33 0.529 0.23 0.39 
Rayleigh 16.0 0.140 0.405 MO 0.524 0.20 0.35 
Rayleigh 17.0 0.125 0.397 0.28 0.520 0.18 0.32 
Rayleigh 18.0 0.112 0.390 0.25 0.516 0.17 0.29 
Rayleigh 19.0 0.099 0.383 0.23 0.513 0.15 0.27 
Rayleigh 20.0 0.089 0.377 0.21 0.509 0.14 0.24 

Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 
Laplacian 

Gaussian AM 
Gaussian AM 
Gaussian AM 
Gaussian AM 

5.0 
6.0 
7.0 
8.0 
9.0 
10.0 
11.0 
12.0 
13.0 
14.0 
15.0 
16.0 
17.0 
18.0 
19.0 
20.0 

5.0 
10.0 
15.0 
20.0 

Laplacian AM 5.0 
Laplacian PM 10.0 
Laplacian AM 15.0 
Laplacian AN 20.0 

0.401 
0.386 
0.369 
0.350 
0.330 
0.308 
0.286 
0.263 
0.240 
0.217 
0.195 
0.175 
0.157 
0.140 
0.125 
0.111 

0.478 
0.431 
0.405 
0.397 

0.455 
0.425 
0.405 
0.397 

0.537 
0.527 
0.516 
0.504 
0.490 
0.475 
0.459 
0.443 
0.435 
0.408 
0.391 
0.375 
0.359 
0.345 
0.332 
0.320 

0.594 
0.585 
0.610 
0.653 

0.595 
0.598 
0.590 
0.570 

0.55 
0.53 
0.52 
0.50 
0.48 
0.47 
0.45 
0.43 
0.41 
0.39 
0.37 
0.35 
0.33 
0.31 
0.29 
0.27 

0.66 
0.65 
0.62 
0.58 

0.63 
0.62 
0.59 
0.57 

0.601 
0.594 
0.585 
0.576 
0.566 
0.555 
0.543 
0.531 
0.518 
0.505 
0.492 
0.480 
0.469 
0.459 
0.449 
0.441 

0.645 
0.644 
0.671 
0.707 

0.648 
0.635 
0.678 
0.709 

0.40 
0.38 
0.37 
0.36 
0.34 
0.32 
0.31 
0.29 
0.27 
0.25 
0.24 
0.22 
0.20 
0.19 
0.17 
0.14 

0.54 
0.54 
0.53 
0.52 

0.54 
0.54 
0.53 
0.52 

0.68 
0.67 
0.65 
0.64 
0.62 
0.60 
0.58 
0.56 
0.53 
0.51 
0.49 
0.46 
0.43 
0.41 
0.38 
0.36 

0.76 
0.72 
0.66 
0.61 

0.73 
0.70 
0.65 
0.61 

Table 1. Maximum average efficiencies and corresponding voltage ratios. 
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makes a significant improvement in average efficiency but three- voltage track-

ing makes only a small additional improvement. 

Multicarrier and SSB/SC Voice 

The envelope of bandlimited Gaussian noise has a Rayleigh distribution 

[10]. The envelope of the sum of a large number of independent RF carriers 

(with either FM or AM) also tends to have a Rayleigh distribution. The aver-

age efficiency of two-voltage envelope tracking with Rayleigh-envelope is 

shown in Figure 6 for peak-to-average ratios of 5, 10, 15, and 20 dB. The 

maximum average efficiency ( obtained with proper choice of a) is shown in Fig-

ure 7 for peak-to-average ratios from 5 to 20 dB. Average-efficiency contours 

for three-voltage envelope tracking with E = 10 are shown in Figure 8. 

For E = 5 dB, the improvements are similar to those obtained with the 

four selected signals. However, the improvement in average efficiency becomes 

much more significant as the peak-to-average ratio increases ( Figure 8). For 

example, at E = 10 dB, the 28-percent average efficiency of a single-voltage 

PA is increased to 48 percent by two-voltage envelope tracking and to 57 per-

cent by three-voltage tracking. For E = 20 dB, the average efficiency is in-

creased from a meager 8.9 percent to 38 and 51 percent by two- and three- vol-

tage envelope tracking, respectively. Note that the effect of the transition 

voltage increases as the peak-to-average ratio increases. 

The envelope of an SSB/SC signal produced by speech has a Laplacian ( one-

sided exponential) distribution. The average efficiency as a function of 

transition voltage is shown in Figure 9 for Laplacian-envelope signals with 
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INTRODUCTION 

Dynamic range remains t principle goal of HF mixer design. The intermodu-

lation performance and overload characteristics of a mixer are fundamental 

qualities used in the evaluation of a good design. Heretofore, most mixers 

sporting a high dynamic range have been either the passive diode- ring variety, 

or the active FET mixer. 111121 

Common to both the diode and FET is their square- law characteristic so 

important in maintaining low distortion during mixing. However, equally im-

portant for high dynamic range is the ability to withstand overload that has 

been identified as a principle cause of distortion in mixing. Some passive 

diode- ring mixer designs have resorted to paralleling of diodes to effect 

greater current handling, yet the penalty for this apparent improvement is 

the need for a massive increase in local-oscillator power. 

This report examines a new FET mixer where commutation achieves high 

dynamic range without exacting the anticipated penalty of increased local-

oscillator drive. Using the Siliconix Si8901, third-order intercept points 

upwards of + 39 dBm ( input) have been achieved with only + 17 dBm of local-

oscillator drive! 

CONVERSION EFFICIENCY OF THE COMMUTATION MIXER 

Unlike either the conventional diode- ring mixer or the active FET mixer, 

the commutation mixer relies on the switching action of the quad-FET elements 

to effect mixing action. Consequently, the commutation mixer is, in effect, 

no more than a pair of switches reversing the phase of the signal carrier 

at a rate determined by the local-oscillator frequency. Ideally, we would 

anticipate little noise contribution and, since the switching mixer, consis-

ting of four " switches," has finite ON resistance, performance is similar to 

that of a switching attenuator. As a result, the conversion efficiency of the 

commutation mixer may be expressed as a loss. 

This loss results from two related factors. First, is the rDs of the NOS-

FET relative to the signal and IF impedances; second -- a more common and 

expected factor -- is the loss attributed to signal conversion to undesired 

frequencies. There are, however, ways to reduce the effects of undesired fre-

quency generation by the use of filters. 

The effect of rDs of the MOSFETs may be determined from the analysis of 

the equivalent circuit shown in Figure 1, assuming that our local oscillator 

waveform is an idealized square-wave. It is not, but if we assume that it is, 

our analysis is greatly simplified; and for a commutation mixer, a high local-

oscillator voltage begins to approach the ideal waveform of a square-wave. 

Figure 1, showing switches rather than MOSFETs, also identifies the ON 

state resistance, rim, as well as the OFF-state resistance, r0FF. The latter 

can be disregarded in this analysis as it is generally extremely high. On 

the other hand, the ON-state resistance, rDs, together with the source and 
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added by envelope tracking are: 

• PA gain and phase variation with supply voltage and 

• Envelope distortion produced by finite switching time. 

Gain and Phase Variation  

Virtually all solid-state power transistors ( whether BJT or FET) contain 

significant voltage-variable capacitance. In addition, most FETs have inher-

ently nonlinear transfer characteristics. As a result, variation of the sup-

ply voltage produces unwanted amplitude and phase modulation of the output 

signal. 

Typical curves of gain and phase variation for a bipolar RF -power tran-

sistor [ 11] suggest maximum deviations of 2 dB and 5*. However, the contours 

further suggest that simultaneous reductions in supply voltage and drive re-

sult in nearly constant gain and phase characteristics. 

In general, determination of the carrier-to-intermodulation ( C/I) level 

requires numerical evaluation based upon a particular signal and PA character-

istic. However, some idea of the tolerable gain and phase changes can be ob-

tained by considering the spectrum of squarewave modulation. 

Squarewave amplitude modulation between two levels that differ by 0.42 dB 

results in third-order IMD products 30 dB below the carrier. Squarewave phase 

modulation produces third-order products whose amplitude is 2i4/34 relative to 

a unity-amplitude carrier. Consequently, a phase jump of 5.7* ( 0.1 rad) pro-

duces a C/I ratio of 30 dB. It therefore appears that phase variations are 

not likely to be a problem, while gain variations must be compensated if they 
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load impedances ( viz., signal and intermediate- frequency impedances) directly then, Vie L 

V • 
affects the conversion efficiency. 0 ilRg • &Ds ) Ri xvs 

If we assume that our local-oscillator excitation is an idealized square-

wave, the switching action may be represented by the Fourier series as, 

1 2 .1L oin(bt - 1) cot 

'ix) w  n=1 (2n - 11 

Combining Eqs. ( 4) and ( 6), 

Eq. ( 6) 

Vin,RL 

Pout Eq. ( 7) WIR • 4tvs ) • Ri -77—e.vs ji 
T 9 

Eq. ( 1) Conversion efficiency -- in the case for the commutation mixer, a loss --

The switching function, s(t), shown in the derivative equivalent circuit of 

Figure 2, is derived from the magnitude of this Fourier series expansion as 

a power function by squaring the first term, viz., 

The available power that can be delivered from a generator of RMS open-

circuit terminal voltage, Vin, and internal resistance, Rg , is, 

V. 
4.n 

7R— 

or, in terms shown in Figure 3, 

V 
p tn 

av 
9 

Eq. ( 2) 

Eq. ( 3) 

The output power, deliverable to the intermediate- frequency port, is, 

v 
P • ° Eq. ( 4) 
Old 

To arrive at Vo , we first need to obtain the loop current, iL, which from 

Figure 3, offers, 

Vin 

i L ire(Rg • 't-vs ) • RI. 4DS 

may be calculated from the ratio of Pau and P 
out' 

Lc 
Pau 

10 Log T — 
out 

dB Fq. ( B) 

Substituting Eq. ( 3) for Pay , and Eq. ( 7) for Pout, we obtain, 

lit (Rg • kvs ) • RL • nes 11 

Lc 10 Log  1dBLRg d8 Eq. ( 9) 

The conversion loss represented by Eq. ( 9) is for a broadband double-

balanced mixer with all ports matched to the characteristic line impedances. 

The ideal commutation mixer operating with resistive source and load imped-

ances will result in having the image and all harmonic frequencies dissipa-

ted. For this case, the optimum conversion loss reduces to, 

4 
Lc 10 Log 7r dB Eq. ( 10) 

or - 3.92 dB. 

However, a truly optimum mixer also demands that the MOSFETs exhibit an 

ON-state of zero Ohms, and, of course, an ideal square-wave excitation. 

Neither is possible in a practical sense. 

Eq. ( 5) Equation 9 can be examined for various values of source and load ' rimed-
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ances as well as rim by graphical representation, as shown in Figure 4, re-
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peak-to-average ratios of 5, 10, 15, and 20 dB. The maximum attainable aver-

age efficiency as a function of peak-to-average ratio is shown in Figure 10 and 

values of a are given in Table 1. 

The average-efficiency characteristics for a Laplacian envelope are simi-

lar to those for a Rayleigh envelope. For a typical 10-d8 peak-to-average ra-

tio, the 30.8 percent efficiency of class Ei is increased to 47.5 percent by 

two-voltage envelope tracking, and to 55.5 percent by three-voltage envelope 

tracking. 

Amplitude Modulation  

The modulating signals for full-carrier AM typically have either Gaussian 

distributions ( corresponding to music or the sum of a variety of sounds) or 

Laplacian distributions ( corresponding to speech). The average-efficiency 

curves for two-voltage envelope tracking with these two signals are shown in 

Figures 11 and 12 for several modulation peak-to-average ratios. 

The maximum average efficiencies and the corresponding transition vol-

tages are given in Table 1. Since the RF peak-to-average ratio for these sig-

nals is relatively low, their average-efficiency characteristics are similar 

to those of the selected signals. 

4. PRACTICAL CONSIDERATIONS 

Application of envelope tracking requires consideration of intermodula-

tion distortion ( 1MD) as well as efficiency. The two principal sources of IMD 
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membering that a nominal 3.92 dB must be added to the values obtained from 

the graph. 

To illustrate how seriously the ON-state of the NOSFETs affects perfor-

mance, we need only to consider the SiB901 with a nominal ros ( at Vos =15V) 

of 23 ohms. With a 1:1 signal transformer ( 50 to 25-0-250), Rg/ros = 1.1. 

Allowing a 4:1 IF output impedance to a 50 ohm preamplifier, the ratio yros 

approximates 4. From Figure 4 we read a conversion loss, Lc , of approximately 

3.7 dB, to which we add 3.92 dB for a total loss of 7.62 de. Additionally, we 

must also include the losses incurred by both the signal and IF transformers. 

The results compare favorably with measured data. 

A careful study of Figure 4 reveals what appears as an anomalous charac-

teristic. If we were to raise Rg/ros from 1.1 to 4.3 ( by replacing the 1:1 

transformer with a 1:4 to effect a signal-source impedance of 100-0-1000), 

we would see a dramatic improvement in conversion efficiency! The anomaly is 

that this suggests that a mismatched signal- input port improves performance. 

Caruthers 141 first suggested that reactively terminating all harmonic 

and parasitic frequencies would reduce the conversion loss of a ring de-

modulator to zero. This, of course, would also require that the active mixing 

elements (NOSFETs in this case) have zero ros, in keeping with the data of 

Figure 4. 

A double-balanced mixer is a 4-port, consisting of a signal, image, IF 

and local-oscillator port. Of these, the most difficult to terminate is the 

image- frequency port simply because, in theory it exists as a separate port, 

but in practice it shares the signal port. Any reactive termination would, 

therefore, be narrow-band irrespective of its proximity to the active mixing 

elements. 

The performance of an image-termination filter offering a true reactance 

to the image frequency ( 100% reflective) may be deduced to a reasonable de-

gree from Figure 4, if we first presume that the conversion loss between 

signal and IF compares with that between signal and image. The relationship 

is displayed in Figure 5 where we see the expected variation in amplitude 

proportional to conversion efficiency ( inversely proportional to conversion 

loss). 

Image- frequency filtering affects more than conversion efficiency. As the 

phase of the detuned-short position of the image- frequency filter is varied 

we are able to witness a cyclical variation in the intermodulation distortion 

as has been confirmed by measurement, shown in Figure 6. By comparing Figure 

5 with Figure 6, we see that any improvement in conversion loss appears to 

offer a corresponding degradation in the intermodulation distortion. 

INTERMODULATION DISTORTION  

Unbalanced, single-balanced and double-balanced mixers are distinguished 

by their ability to selectively reject spurious frequency components, as de-

fined in table I. The double-balanced mixer, by virtue of its symmetry, sup-

presses twice the number of spurious frequencies as does the single-balanced 

mixer. 

In the ideal mixer, the input signal is translated to an intermediate-
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exceed 0.42 dB. 

Switching Time 

Delays in switching to the higher supply voltage can distort the enve-

lope, producing IMO. In general, the C/I ratio depends upon both the type of 

signal and the transition ratio a. However, useful insight is obtained by 

considering the results of simulations of two-tone signals with a 0.5. 

A pure delay in the voltage transition produces a C/I of 30 dB or more 

when the delay is less than 0.1 s / B(Hz). Similarly, a linear ( ramp) transi-

tion between voltage levels produces a 30-dB or better C/I ratio provided the 

total risetime does not exceed 0.6 s / B(Hz). These do not appear to produce 

unreasonable switching-time requirements for most applications. For example, 

delays of up to 35 us or risetimes of up to 200 us can be tolerated for ordi-

nary SSB voice with bandwidth 8 . 3 kHz. 

5. CONCLUSIONS 

Envelope tracking can be implemented by adding relatively simple and in-

expensive hardware to an existing RF power amplifier. This paper shows that 

it can produce significant increases in average efficiency for amplitude-modu-

lated signals with large peak-to-average ratios. The power-supply switching-

time requirements are quite reasonable for voice-bandwidth signals. Envelope 

tracking should therefore be considered when improved efficiency is desired. 
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frequency without distortion, viz., without imparing any of the contained 

information. Regrettably, the ideal mixer does not occur in practice. Be-

cause of certain nonlineartties within the switching elements as well as 

imperfect switching resulting in phase modulation, distortion results. 

Identifying Intermodulation Distortion Products 

The most damaging intermodulation distortion products (/MD) in receiver 

design are generally those attributed to odd-order, and, in particular, to 

those identified as the third-order IMD. 

Any nonlinear device may be represented as a power series, 

1 " gm 3 ?I- 1g 1 6 gm , -m n 
. g e - — e. t . • • —r tg. ( 11) 

d m g 2! 6 VG g 3. 6 VG g eg 
vG 

which can be further broken into 

TERM OUTPUT 

1 d'gm 3 

i! 82VG eg 

TRANSFER 

CHARACTERISTIC 

F1, F2 Linear 

2F1, 2F2 ISecond-order 
Fl ± F2 Square- Law 

3F1, 3F2 

2F1 ± F2 

2F2 ± Fl 

Third-Order 

The second term is the desired intermediate- frequency we seek, all other 

higher-orders are undesirable, but, unfortunately, present to a varyign de-

gree as illustrated in Figure 7. 

There are both fixed- level ¡MD products and level-dependent IMD products! "  

The former are produced by the interaction between a fixed- level signal, such 
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as the local oscillator and the variable-amplitude signal. The resulting fre-

quencies may be identified, 

nd i t d2 Eq. (12) 

where, n is an integer greater than 1. 

Level-dependent ¡MD products result from the interaction of the harmonics 

of the local oscillator and those of the signal. The resulting frequencies 

may be identified, 

né l t mi 2 Eq. ( 13) 

where, m and n are integers greater than 1. 

For a mixer to generate ¡MD products at the intermediate frequency we 

must account for at least a two-step process. First, the generation of the 

harmonics of the signal and local oscillator; and, second, the mixing or con-

version of these frequencies to the intermediate frequency. Consequently, the 

mixer may be modelled as a series connection of two nonlinear impedances, the 

first to generate the harmonic products, the second to mix or convert to the 

intermediate frequency. Although many harmonically-related products are pos-

sible, we will focus principally on odd-order ¡MD products. 

If we allow two interfering signals, fl and f2, to impinge upon the first 

nonlinear element of our mixer model, the result will be 2f 1 - f2 and 

2f 2 - fl. These are identified as third-order intermodulation products ( IMD 2). 

Other products are also generated taking the form 3E 1 - 2f2 and 3f2 - 2E 1, 

called fifth-order ¡MD products ( IMD5). Unlike the even-order products, odd 

order products lie close to the fundamental signals and, as a consequence, are 

O. 1:=3 le=g1 dl MI d 1:=11 11_1 L—if e--111 
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most susceptible of falling within the passband of the intermediate frequency 

and thus degrading the performance of the mixer. 

A qualitative definition of linearity based upon intermodulation distor-

tion performance is called the Intercept Point. By recognizing that, 

the fundamental output ( IF) response is directly proportional to the 

signal input level; 

the second-order output response is proportional to the square of the 

signal input level; and, 

the third-order output response is proportional to the cube of the 

signal input level, 

then convergence occurs. The point of convergence is termed the Intercept 

Point. The higher the value of this intercept point, the better the dynamic. 

range. 

Intermodulation Distortion in the Commutation Mixer 

Although the double-balanced mixer outperforms the single-balanced mixer 

as we saw in Table I, a more serious source of intermodulation products result 

when the local-oscillator excitation departs from the idealized square-wave. 

161171 
This phenomenon is easily recognized by a careful examination of 

Figure 8, where a sinusoidal local-oscillator voltage reacts not only upon a 

varying transfer characteristic but also on a varying nonlinear, voltage-

dependent capacitance ( not shown in Figure 8). Although the effects of this 

sinusoidal transition are not easily derived, Ward 181 and Rafuse (91 have 

concluded that lowering R will provide improved intermodulation performance! 

This conflicts with low conversion loss, as we saw in Figure 4. 1181 
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Further examination of Figure 8 reveals that the sinusoidal local-

oscillator excitation results in phase modulation. That is, as the sinusoi-

dal wave goes through a complete cycle, the resulting gate voltage, acting 

upon the NOSFET's transfer characteristic, produces a resulting nonlinear 

waveform. Since all FETs have some offset -- a JFET has a cut-off voltage; 

a NOSFET has threshold voltage -- it is important, for symmetry as well as 

for balance, to offer some DC offset voltage to the gates. Optimum IND per-

formance demands 

switches must be 

offset bias this 

that the 

fully ON 

would be 

switches operate in a 50% duty cycle; that is, the 

and fully OFF for equal time. Without some form of 

extremely difficult unless we were to implement an 

idealized square-wave drive. 

Walker 1111 has derived an expression showing the predicted improvement 

in the relative level of two-tone third-order intermodulation products ( IMD 3) 

as a function of the rise and fall times of the local-oscillator waveforms. 

[ I 2 1 4 i V 

en. w 1.0 r e:  

20 Log 8 d8 Eq. (14) 

where, Ve is the peak- to-peak local-oscillator voltage, 

V4 is the peak signal voltage, 

t4 is the rise and fall time of Ve , 

mix is the local-oscillator frequency. 

Equation 14 offers us several interesting aspects on performance. Since 

any reduction in the magnitude of Vs improves the IND, we again discover that 

lowering Rg ( which, in turn, decreases the magnitude of Vs) appears to bene-



Direct Single Sideband Modulation of Transmitter 

Output Switcher Stages  

Florin G. Tinta 

Abstract 

A new technique allows to obtain Single Sideband ( SSB) Pulse 

Duration modulation without using intermediate DSB signals. 

The technique employs instantaneous voltage comparison 

between modulating and carrier waveforms and between their harmonic 

conjugates. Timing signals are generated at instantaneous value 

equality. Through a set of logic gates, these timing signals are 

applied to a system of master flip-flops, driving switching output 

stages for power RF transmitters. 

In the simplest implementation two such master flip-flops 

drive differentially the halves of a switching bridge generating a 

three- level output ( 1,0,-1). All digital FFT based real-time 

processing can generate output signals free of the third and all even 

harmonics using high efficiency five- level bridges operated in the top 

928 of their nominal power output. 
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I INTRODUCTION 

In general, SSB signals are obtained from Double 

Sideband Suppressed Carrier ( DSB) signals. DBS modulators have 

always been used as a first explicit processing step of the trans-

mitted signal. 

The most conventional method consists in eliminating one 

of the sidebands of the DSB signal by filtering at low power 

level. 

A second method uses phase shifting and several versions 

of this phase- shift method exist [ 1], [ 2]. The output of two DSB 

modulators supplied with harmonic conjugate ( i.e., 90' phase 

shifted) modulating and carrier waveforms are combined by linear 

addition. This cancels one of the sidebands and enhances the 

other if the modulators and the phase- shifting networks are 

ideal. It implies perfect balancing of modulator non-linearities 

and requires practically very delicate control of amplitudes and 

phases. 

A third method [ 3] for SSB generation has four DSB 

modulators, low-pass filters and a final adding circuit. Again, 

perfect balancing is required for mutual cancellation of the 

unwanted sidebands. 

Pulse Duration Modulation ( PDM or PWM) can be applied 

directly for amplitude modulation of RF carriers C41. 

The pulse duration is tailored in 

such a way that there is a linear relation between the magnitude 

of the modulating signal and the fundamental amplitude of the 

pulse train. As a result, the pulse duration is related to the 



fit performance. Second, the higher the local-oscillator voltage the better 

the IMD performance. Third, if we can provide the idealized square-wave 

drive we achieve infinite improvement in IMD performance! 

An additional fault of sinusoidal local-oscillator excitation results 

whenever the wave approaches the zero-crossing at half-period intervals. 

As the voltage decays we find that any signal votlage may overload the MOSFETs 

causing intermodulation and crossmodulation distortion. I121 This can be 

easily visualized from Figure 9 where we see the classic characteristics 

of the MOSFET at varying gate voltages. Only at substantial gate voltage do 

we witness reasonable linearity, and consequently, good dynamic range. 

DYNAMIC RANGE OF THE COMMUTATION MIXER 

As the two-tone Intercept Point increases in magnitude, we generally con-

clude a like improvement in dynamic range results. Yet, as we have concluded 

from earlier study, the intermodulation products appear to be a function of 

both the generator or source impedance as well as the ratio y  rim and 

RL/rDs ( see Figure 4). 

In any receiver performance can be quantified by the term Dynamic range. 

Dynamic range can be extended by improving the sensitivity to low-level 

signals and by increasing the power-handling ability without being overcome 

by interfering intermodulation products or the effects caused from desensi-

tization. 

There are rules to follow if we are to improve the low-level signal sensi-

tivity. Ideally we would like a mixer to be transparent, acting only to manipu-
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late the incoming signals for easy processing by subsequent equipment. The 

perfect mixer would have no conversion loss and a zero noise figure. How-

ever, in the preceeding analysis we discovered that optimum intermodulation 

performance occurred when the signal- input port is mismatched to the quad 

MOSFETs ( Figure 4). It now becomes clear that a performance trade-off appears 

necessary. Either we seek low conversion loss and with it a lower noise fig-

ure, or we aim for the highest two-tone intercept point. Fortunately, as we 

seek the latter, our dynamic range will actually improve since a mismatched 

signal port has less effect upon the signal-to-noise performance of the mixer 

than does a matched signal port have upon the intermodulation distortion. 

Convention has identified minimum sensitivity to be the weakest signal 

which will produce an output signal 10 dB over that of the noise in a pre-

scribed bandwidth ( usually 1 kHz), or 

VS VN 
Seno. • 20 Log • 10 d8 Eq. ( 15) 

Desensitation occurs whenever a nearby unwanted signal causes the compression 

of the desired signal. The effect appears as an increase in the mixer's con-

version loss. 

THE Si8901 AS A COMMUTATION MIXER 

Because of package and parasitic constraints, the S18901 appears best 

suited for performance in the HF to low VHF region. A surface-mounted version 

may extend performance to higher frequencies. 

In our review of intermodulation distortion we recognized that to achieve 

{,+ 
M. 44% L--



magnitude of the modulating signal in a non-linear way. The 

fundamental amplitude AI of a periodic sequence of bipolar pulses 

of duration to , period 7', and unit amplitude is given by: 

AI . 4/77 sin(rrto/Tc) (1) 

This relation leads to modulation techniques based on 

instantaneous voltage comparison between a sinusoidal carrier and 

the modulating signal. This will be discussed later in more 

detail. Full amplitude modulated transmitters using such tech-

niques have been built [ 5]. Possible extension to the generation 

of DSB signals has been also indicated [ 5] and practical circuits 

presented [ 61. Indirect generation of SSS signals by adding phase 

shifted DSB PDM appears also feasible. Limitations of methods of 

combining outputs of DSB modulators have been mentioned ( 5). 

Alternative ways of producing SSB PDM signals using Kahn's 

approach [ 7] were considered. The method of envelope elimination 

and restoration has received some refinements by using feedback 

loops[8]. Nevertheless, this approach has some inherent limita-

tions in the phase tracking circuit ( for complex and extended 

dynamic range modulating signal) and is basically indirect, in 

the sense that the SSS signals are generated by conventional means 

at low level. A PDM power amplifier using transistor switching 

bridges for the envelope restoration allowed to obtain an SSS 

transmitter with unusually high efficiency [ 9). 

The object of the following paper is the generation of 

SSS PDM waveforms without the explicit use of DSB signals at a 

level of efficiency at least comparable with the best AM PDM 
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modulated systems. Digital processing of the transmitted signal 

makes it possible to generate more efficient waveforms which 

are reducing loss in harmonic power and filtering circuit 

difficulties. 

II SWITCHING CONCEPTS 

a. DSB Pulse Duration Modulator  

This is presented mostly for conceptual definitions. 

Figure 1 shows the block diagram of a Double Sideband Suppressed 

Carrier Pulse Duration Modulator designed to drive differentially 

a full switching bridge. Two master flip-flops, Fl and F2 are 

triggered by two pairs of voltage comparators Cl and C2. 

The modulating signal in " normalized" to the carrier 

amplitude, i.e., its amplitude to smaller and at most equal ( for 

m 1) with the amplitude of the carrier. 

The first comparator pair Cl receive the carrier c(t) 

and the modulating signal s(t) while for the second comparator 

pair the sign of one of these voltages is reversed. 

At instantaneous voltage equality one can have 

"positive" or " negative" crossing of the applied waveforms if one 

connects the relative magnitude of their first time derivatives 

and it is rather simple to produce separate signals corresponding 

to these two situations. 

In the example selected in Figure 1, one uses distinct 

comparators. Cl+ produces a positive trigger forming pulse when 

the carrier exceeds the modulating signal immediately after 

crossing, while Cl- produces the positive trigger where the 

carrier "goes under" the modulating signal. 
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a high intercept point the local-oscillator drive must 

approach the ideal square-wave; 

ensure a 50% duty cycle; and, 

offer sufficient amplitude to ensure a full ON and OFF switching 

condition, as well as to offer reduced rps when ON. 

Furthermore, to maintain superior overall performance -- in conversion 

loss, dynamic range ( noise figure) and intercept point -- some form of image 

frequency termination would be highly desirable even though, understandably, 

the mixer's bandwidth would be restricted. Consequently, the principal effort 

in the design of a high dynamic range commutation mixer is two- fold. First, 

and most crucial, is to achieve a gating or control voltage sufficient to en-

sure a positive and hard turn-ON as well as a complete turn-OFF of the mixing 

elements ( MOSFETs). Second, and of lesser importance, is to properly terminate 

the parasitic and harmonic frequencies developed by the mixer. 

Establishing the Gating Voltage 

Local-oscillator injection to the conventional diode- ring, FET, or MOSFET 

double-balanced mixer is by the use of the broadband, transmission- line, 

transformer, (131as shown in Figure 10. For the diode-ring mixer where switch-

ing is a function of loop current, or for active FET mixers that operate on 

the principle of transconductance and thus need little gate voltage, (14] the 

broadband transformer is adequate. If this approach is used for the commuta-

tion mixer, we would need extraordinarily high local-oscillator drive to 

115 ) (16) 
ensure positive turn-ON. Rafuse and Ward used a minimum of 2 W to 

ensure mixing action; Lewis and Palmer 1171 achieved high dynamic range using 

5 Watts! The MOSFETs used in these early designs were p-channel, enhance-

ment ( 2N4268) with moderately high threshold (6 V max.) and high input capa-

citance (6 pF max.). All of these early MOSFET double-balanced mixers relied 

on the conventional 50 to 100-0-1000 transformer for local-oscillator inject-

ion to the gates. 

A major goal is the conservation of power. This goal cannot be achieved 

using the conventional design. Simply increasing the turne ratio of the 

coupling transformer is thwarted by the reactive load presented by the gates. 

The obvious solution is to use a resonant gate drive. The voltage appear-

ing across the resonant tank -- and thus on the gates -- may be easily calcu-

lated, 
V • IP • Q • X) i Eq. ( 16) 

P is the power delivered to the resonant tank circuit; 

Q is the loaded Q of the tank circuit; and, 

X is the reactance of the gate capacity. 

Since the gate capacitance of the MOSFET is voltage dependent, the reac-

tance of the gate becomes dependent upon the impressed excitation voltage. To 

allow this would severely degrade the IMD performance of the mixer. However, 

we can minimize the change in gate capacitance and remove its detrimental 

influence using a combination of substrate and gate bias, as shown in Figure 

11. Not only does this show itself beneficial in this regard, but, as we saw 

in Figure 8, a gate bias is necessary to ensure the required 50% duty cycle. 

Furthermore, a negative substrate voltage ensures that each MOSFET on the mono-

lithic substrate is electrically isolated and that each source-/drain-to-body 
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Figure 1. DSB Pulse Duration Modulation 

The second comparator pair operates in a similar way. 

The situation shown in Figure 1 corresponds to a 180' phase shift 

of the carrier. 

F1 is set at positive crossings s(t) by c(t) and reset 

at positive crossings of $( t) by -c(t). 

F2 is set by negative crossings of s(t) by -c(t) and 

reset at negative crossings of s(t) by c(t). 

The outputs of F1 and F2 shown in Figure 1 correspond to 

a sinusoidal carrier and slow-varying, sign-changing modulating 

signal. They drive the independently controlled halves of a 

three-level switching bridge whose basic arrangement is indicated 

in Figure 2. Biasing, snubbering and circuit details are left 

aside for clarity. 

One can see from that in this arrangement the output 

signal delivered by the transformer U depends upon the difference 

of the switching commands given by F1 and F2. For a bipolar 

(output), PDM requires at least a three-state or three-level 

(1,0,-1) configuration. 

In a three-level bridge, such a differential arrangement 

has definite advantages in switching conditions for transistors, 

easing snubbing problems. It is evident that at zero mediated 

transitions, the U-C circuit will include a pair of conducting 

transistors ( 01 and 02, Q3 and Q4). 

Of course, an identical three-level waveform can be 

obtained by using a less sophisticated difference circuit, also 

represented in Figure 1. 
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diode is sufficiently reverse biased to prevent half-wave conduction. 

Implementing the resonant gate drive may take any of several forms. The 

resonant tank circuit may be merged with the oscillator, or it can be a var-

actor tuned Class El stage, 1181 or, as in the present design, an independent 

resonant tank, shown in Figure 12. 

To ensure symmetrical gate voltage in 180 ° anti-phase, if the local 

oscillator drive is asymmetrical, viz., fed by unbalanced coax, an unbalanced-

to-balanced balun must be used ( Tl in Figure 12), otherwise capacitive un-

balance results with an attendant loss in mixer performance. 

Table II offers an interesting comparison between a resonant-gate drive 

with a loaded tank Q of 14 and a conventional gate drive using a 50 to 100-0-

100G transformer. The importance of a high tank Q is graphically portrayed in 

Figure 13. The full impact of a high gate voltage swing can be appreciated by 

using Equation 14. Here, as Vc (gate voltage) increases the intermodulation 

performance ( IMD) also improves as we might intuitively expect. Calculated 

and measured results are shown in Figure 14 and demonstrate reasonable agree-

ment. The difference may reflect problems encountered in measuring Vc as any 

probe will inadvertently load, or detune, the resonant tank even with the 

special care that was taken to compensate. 

If we have the option to choose "high side" or " low side" injection --

viz., having the local-oscillator frequency above ( high) or below ( low) the 

signal frequency -- a closer inspection of Equation 14 should convince us to 

choose low-side injection. 
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Terminating Unwanted Frequencies 

If our mixer is to be operated over a restricted frequency range where 

the local oscilator and signal frequencies can be manipulated, image- frequency 

filtering may be possible. Image- frequency filtering does affect performance. 

For high- side local-oscillator injection an elliptical- function low-pass 

filter, or for low-side injection a high-pass filter might offer worthwhile 

improvement. In either case, the filter offers a short-circuit reactance to 

the image frequency forcing the image to return once again for demodulation. 

The results of using a low-pass filter with the commutation mixer are known 

from our earlier examination of Figures 5 and 6. 

The resonant-gate drive consisting of a high-Q tank offers adequate by-

passing of the intermediate frequency and image frequency. 

If the IF is narrow band, filtering may be possible by simply using a 

resonant LC network across the primary of the transformer. 11" 

Design Techniques in Building the Commutation Mixer 

The mixer was fabricated on a high-quality double-copper clad board ( PCB) 

shown in Figure 15. An improvised socket held the Si8901. The signal and IF 

ports used Mini-Circuits, Inc., plastic T-case RF transformers. For the IF, 

the Mini-Circuits T4-1 ( 1:4): for the signal, the Mini-Circuits Tl -1T ( 1:1) 

or T4-1 was used. The resonant tank was wound on a 1- inch ceramic form with 

no slug. The unbalanced-to-balanced resonant tank drive used a T4-1. The sche-

matic diagram, Figure 16, is for a commutation mixer with high- side injection, 

operating with an IF of 60 MHz. 

•••• 
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This waveform satisfies condition ( 1) for a DBS ( SC) 

radio frequency Pulse Duration Modulation. The duration of a 

pulse defined by the alternating crossing of 180" phase shifted 

carrier waveforms satisfies the equivalent relation: 

to To//7- arc sin m (2) 

Figure 3 illustrates the situation for a constant 

normalized modulating signal of amplitude m ( the modulation 

index). Polarity reversal of the modulating signal ( region j in 

Figure 1) results in the 180 phase shift characteristic of DSB 

(SC) modulated signals. 

b. Three Level SSB Pulse Duration Modulator  

The switching bridge of Figure 2 can be used to generate 

bipolar SSB PDM signals. A different control of the two driving 

flip-flops is required. 

In Figure 4, F1 and F2 are controlled by a combination 

of command signals originated in four pairs of comparators and 

logic gates. An upper side band PDM signal is generated by this 

arrangement; the lower side band can be alternatively generated by 

reversing a couple of internal connections. Like in the phase-

shifting method [ 21 ( 3) harmonic conjugates of at least the 

modulating signal are generated by 90' ( or 45' alternates) phase 

shifting all pass filters, but the similarity ends at this point. 

An explicit DSB is nowhere generated in this circuit. 

Comparator pairs C3 and C4 are supplied with the 

modulating and carrier signals, the latter being shifted with 180' 

in phase ( sign reversal) for C4. 
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The principle effort involved the design of the resonant-gate drive. 

This necessitated an accurate knowledge of the gate's total capacitive load-

ing effect. To accomplish this a precision fixed capacitor ( 5 

tuted for the Si8901 and at resonance it was a simple task to 

inductance of the resonant tank. Substituting the Si8901 made 

simple task to determine the capacitive effect of the Si8901. 

pF) was substi-

calculate the 

it again a 

Once known, a 

high-Q resonant tank can be quickly designed and implemented. To ensure good 

interport isolation, symmetry is important, so care is necessary in assembly 

to maintain mechanical symmetry, especially with the primary winding. 

Performance of the Si8901 Commutation Mixer 

The primary goal in developing a commutation double-balanced mixer is to 

achieve a high dynamic range. If this task can be accomplished with an atten-

dant savings in power consumption, then the resulting mixer design should 

find wide application in HF receiver design. 

The following tests were performed. 

Conversion efficiency ( loss) 

Two-tone, 3rd-order Intercept Point 

Compression level 

Desensitization level 

Noise Figure 

Conversion loss and Intercept Point are directly dependent upon the magnitude 

of the local-oscillator power. The mixer's performance is offered in Figure 

17, where the input intercept is plotted with conversion loss. 

Both the compression and desensitization levels may appear to contradict 
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reason. Heretofore, conventional diode-ring demodulators exhibiting com-

pression and desensitization levels an order of magnitude below the local-

oscillator power level. However, with a commutation MOSFET mixer, switching 

is not accomplished by the injection of loop current but by the application 

of gate voltage. At a local-oscillator power level of + 17 dBm ( 50 mW), the 

2 dB compression level and desensitization level was + 30 dam! The single-

sideband HF noise figure of 7.95 dB was measured also at a local-oscillator 

power level of + 17 dBm. 

CONCLUSIONS  

Achieving a high gate voltage to effect high-level switching by means of 

a resonant tank is not a handicap. Although one might at first label the mixer 

as narrow-band, in truth the mixer is wideband. For the majority of applica-

tions, the intermediate frequency is fixed, that is, narrow band. Consequently, 

to receive a wide spectrum of signal frequencies the. local oscillator is 

tuned across a similar band. In modern technology this tuning can be accom-

plished by numerous methods. Likewise the resonant tank may take several forms. 

It can be part of the oscillator, or, as in Ref. ( 18), it can be a varactor-

tuned driver electroncially tracking the local oscillator. 

If the local-oscillator drive was processed to offer a more rectangular 

waveform, approaching the idealized square-wave, we might then anticipate even 

greater dynamic range as predicted by Equation 14. 
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Comparator pairs Cl and C2 are supplied with the 

harmonic conjugates [ 1] of the same signals. This implies the use 

of 90 . ( or 45 alternates) phase shifting all pass filters for the 

modulating signal at least. For a sinusoidal carrier a single 

frequency phase shifter can be employed. 

Regular as well as J-F type flip-flops may be used. In 

Figure 4, clock inputs for J-11C flip-flops and some delay circuits 

have been not represented in order to preserve with more clarity 

the basic concept. Clock signals can be used for further refine-

ments of this modulation technique. 

The outputs of Fl and F2 ( which are not DSB PDM signals) 

are applied differentially to the switching bridge of Figure 2. 

The bridge produces three level waveforms which in general may 

contain successive pulses of the same polarity. One can show that 

for carrier to modulating signal frequency ratios R>3 the maximum 

number of successive pulsed of same polarity is two. Figure 5 

shows the particular case of the upper SSB PDM signal produced for 

R . 3, at a modulating index m . 65. The sequence is bipolar, 

with no successive pulses of same polarity. 

For m 1, the SSB pulse duration modulation produced by 

this technique uses the full half period, i.e., generates a square 

wave with direct transitions from + 1 to - 1 and vice versa and gets 

the maximum power which can be generated by a full switching 

bridge. 



16. Ward, Michael John, 2E. cit., pg. 55 

17. Lewis, H.D. & F.I. Palmer, op. cit., Table 1, pg. 26. 

18. " Electronically Controlled High Dynamic Range Tuner," Final Report  

(June 1971) ECOM-0104-4 Research and Development Technical Report. 

REFERENCES 

1. Oxner, Ed., " FETs Work Well in Active Balanced Mixers," EDN,_Vol. 18, kl 

(January 5, 1973), pp. 66-72 -

2. Oxner, Ed., " Active Double-Balanced Mixers Made Easy With Junction FET's," 

EDN, Vol. 19, kl3 ( July 5, 1974), pp. 47-53. 

3. Walker, H.P., " Sources of Intermodulation in Diode-Ring Mixers," The 

Radio and Electronic Engineer, Vol. 46, 115 ( May 1967), pp. 247-55. 

4. Caruthers, R.S., "Copper Oxide Modulators in Carrier Telephone Repeaters," 

Bell System Technctal Journal, Vol. 18, 112 (April 1939), pp. 315-37 . 

5. Mouw, R.B. & S.M. Fukuchi, " Broadband Double Balanced Mixer/Modulators," 

Microwave Journal, Vol. 12, 113 ( March 1969), pp. 131-34. 

6. Lewis, H.D. & F.I. Palmer, "A High Performance HF Receiver," R.C.A. 

Missiles & Surface radar Division Report ( November 1968). 

7. Walker, H.P., 2E. cit. 

8. Ward, Michael John, "A Wide Dynamic Range Single-Sideband Receiver," 

M.I.T. MS Thesis, ' ( December 1968). 

9. Rafuse, R.P., " Symmetric MOSFET Mixers of High Dynamic Range," Digest of 

Technical Papers, 1968 Int'l Solid-State Circuits Conf., pp. 122-1 

10. Lewis, H.D. & F.I. Palmer, 2E. cit., pg. 13. 

11. Walker, H.P., 2E. Cit. 

12. Gardiner, John G., "The Relationship Between Cross-Modulation and Inter-

modulation Distortions in the Double- Balanced Modulator," IEEE Proc. 

Letters ( November 1968), pp. 2069-71. 

13. Ruthroff, C.L., " Some Broad-Band Transformers," Proc. IRE ( August 1959), 

pp. 1337-42. 

14. Kwok, Siang-Ping, "A Unified Approach to Optimum FET Mixer Design," 

Motorola Application  Note, AN- 410 ( n.d.). 

15. Rafuse, R.P., 2E. cit. 

318 

Single-Balanced Double-Balanced 

fe 

3f s 

5f s 

fl + f2 

fl + 3f2 

fl + 5f2 

2f1 + f2 

2f1 + 3f2 

3f1 + f2 

3f1 + 3f2 

4f1 + f2 

5f1 + f2 

, 

fl + f2 

fl + 3f2 

fl + 5f2 

3f1 + f2 

3f1 + 3f2 

5f1 + f2 

A Comparison of Modulation Products in 

Single and Double Balanced Mixers to the 

6th Order 

TABLE I 

11111 ita mu me Om me 



4 

F1   

F21-1 

D 

Ce 
C3 -/ • 

• 
•••.. 

- This can be simply demonstrated by considering sinu-C4 
/ \ \ C34. 

soidal constituents of the modulating and carrier waveforms. Let 

C3 4 Ce 
C4 -

C1 -
C24/ 

Figure 5. Direct Generation of Constant Amplitude 
Raw SSS Signal (m . 65, R • 3) 

318 

us consider the time angle ec of the carrier when the instantane-

eous values of the modulating sinusoid of amplitude m and of a 

sinusoidal carrier of unit amplitude become equal in absolute 

value. The time angle for the modulating signal is Oc/R, where 

R . fc/fm . Both angles are measured from a common origin. Flip-

flop transitions appear when: 

sin ec = 1m . sin ( ec/R)I (3) 

The absolute value condition represents the fact that 

conjugate comparator pairs receive sign changed carrier signals. 

Equation ( 3) is transcendental and can be solved by 

numerical methods ( one of the solutions has been used in 

Figure 5). 

If m = 1, we have sin ec • lain en/R) I ( 4) 

and the solutions are given by the following: 

n 77-* ec ec/R (5) 

The solutions of equation ( 7) extend to all trigono-

metric functions and in particular to 

cos ec = Icos ( ec/R)I (6) 

which represents the condition for instantaneous value equality of 

the harmonic conjugate waveforms. 

This means that upward and downward transitions in the 

paired flip-flop outputs 01 and UT, Q2 and U72 ( Figure 4) are 

simultaneous. This implies two level transitions from 1 to - 1 and 

vice versa. The result is a square wave: QED. 
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Rower 
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(mW) 

NR Gate 

Voltage 

(V) 

Res Gate 

Voltage 

(V) 

10 

20 

30 

60 

0.20 

0.29 

0.33 

0.44 

5.4 

7.7 

9.4 

13.3 

Comparison of a-c gate voltage versus 

local-oscillator drive between a non-

resonant ( NR) and resonant ( Res) tank 

with a loaded Q of 14 ( Freq. 150 MHz) 

TABLE II 
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FIGURE I 
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III DIGITAL GENERATION OF SSB-PDM SIGNALS 

A review of digital alternatives of the operations involved 

in SSB-PDM generation is given below. In addition, the case of five 

level ( 2,1,0,-1,2) switching bridges is considered. For multi- level 

switching bridges which can generate waveforms with reduced harmonic 

content at high power level, analog approaches, although possible for 

a certain dynamic range, do not seem practical. 

The relative situation of SSB-PDM generation methods is 

given in Figure 6. For generality indirect methods based on low level 

analog DSB/SSB signal production followed by envelope AM-PDM 

restoration are also indicated. Dotted lines show various possible 

combinations of methods. 

a. Harmonic Analysis and Conjugation of Signals  

The modulating signal can be sampled and subject to 

real-time FFT processing for bandwidths covering at least the audio 

frequency range by using now readily available microprocessors and 

allied circuits. This may constitute a first step for digitally 

generating 90 phase shifted response, i.e., the harmonic conjugate of 

the modulating signal. 

For the carrier quadrature signals can be simply generated 

by divide-by- four flip-flops [ 10]. 

Initially, the application of SSB-PDM signal generation was 

considered for emergency transmissions in the LF 
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range, but it appears that with fast processors the scope and the 

frequency range of such transmissions can be considerably enlarged. 

Digital harmonic conjugation of signals will not be 

discussed further in this paragraph. Analog constant phase delay, all 

pass filters have been constructed over wide frequency ranges. Our 

experience showed that they can be very adequate for carriers in the 2 

to 32 MHz range (4 octaves) in spread spectrum transmission 

techniques. 

b. Digital Comparison  

High resolution video frequency A/D are commercially 

available. The digitized modulating signal can be compared with the 

stored or analytically generated carrier waveform, at a normalized 

scale. 

Negative and positive waveform crossing in the sense defined 

previously can be easily defined and their timing accuracy is 

determined by the clock rate ratio to the highest frequency involved 

in the signals. 

This operation can be done in parallel ( or in a serial way, 

by successive sampling) for sign changed carrier and for the harmonic 

conjugated of the modulating signals generated in either analog or 

digital way. 
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c. Digital Evaluation of the SSB Fundamental  

The fact that the SSB-PDM signal is a succession of 

pulses of constant amplitude makes the evaluation of the funda-

mental component by numerical methods straightforward. Because no 

power generation is considered at this level, it is advantageous 

to use unipolar ( 1,0) pulse sequences instead of bipolar ( 1,0,-1). 

Th fundamental can be simply evaluated by the sum of 

sampled values of a sinusoidal by the gated clock pulses. 

The simplicity of operations involved allows their 

implementation in real time with the help of now commercially 

available microprocessors, for ranges of modulating and carrier 

signals covering many telecommunications applications. 

Digital evaluation of the fundamental for an analog 

generated SSB is somewhat more complex, but still it can be 

performed in real time using FFT algorithms. This is indicated in 

Figure 6 as a hybrid way which may be considered an extension of 

the Kahn's method ( 7). 

d. Five Level Switching Bridges  

Bipolar five level waveforms generation can be generated 

by a switching bridge of the type represented in Figure 7. The 

normalized ( supply) levels are 2,1,0,-1 and- 2. A generic example 

is given in Figure 8a. 

Up to a scale factor of 7774, the fundamental amplitude 

is given by: 

A . qi6 2 cos wdw + e cos wdw sin u + sin v 

A . 2 sin u + v cos u - v (7) 
2 2 
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Natural limitations can be described by: 

7772 > v>u> o (8) 

The symmetry of the waveform eliminates even harmonics. 

The third harmonic can be eliminated if: 

sin 3u + sin 3v = o (9) 

which, considering ( 8) leads to the conditions: 

v - u = 77-/3 (10) 
or 

v + u = 27773 (11) 

The fundamental amplitude of a five level waveform satisfying ( 10) 

results from ( 7). 

A ( X) = 2 sin u + v . 4= IT sin(v - 10%) ( 12) 

This relation indicates that an analog timing method similar to 

the one presented in Section II is possible. 

Condition ( 11) leads to a different relation: 

A(X) = ...(v -e/3) (13) 

A(X)M = /1- (13a) 

The maximum amplitude of the fundamental following 

relation ( 13) corresponds to /1-, for u = v - 60, a three level 

degnerate waveform shown in Figure 8b. 

For decreased fundamental amplitude while satisfying 

limitation ( 8) u shall decrease also, while v shall grow. The 

minimum amplitude obtainable in this way corresponds to 3/2 for u 

= 30 ., v = 90. This satisfies in the same time condition ( 10) 

and is the maximum which can be obtained according to the relation 

(12). 
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A particular solution of ( 13), corresponding to u . 42, 

v 78 given A(I) . 1.647 and simultaneously eliminate the third 

and the fifth harmonic. Such a waveform can be used for high 

efficiency phase modulated or keyed transmitters. From this level 

down one has to reduce both u and v under the condition ( 10) up to 

u . o, as shown in Figure 8c. In this range one has 

elimination of the fifth harmonic for u 6' and v 

The amplitude of the fundamental at u . o, 

half of the value given by ( 13a). 

A( 1) L • /1" sin 41,[ 

again 

66. 

v . 60 is 

(14) 

Below this fundamental level one can generate third 

narmonic free waveforms by splitting the pulse in the center and 

moving the two halves toward v 772 limits. Such a waveform is 

shown in Figure 8d. One 

elimination the duration 

In split pulse 

can show that for third harmonic 

of each resulting pulse should be P73. 

mode the amplitude of the fundamental is 

A(1)S . sin v - sin u . 2 sin v-u cos v+u ( 15) 
—7- -7-

where u indicates this time the o to 1 transition. For 

v - u . n73 and v »72 

one gets the minimum findamental amplitude 

A(X)m . cos n73 - 1/2 (16) 

Below this level the third harmonic cannot be eliminated, 

in switching waveforms with only four switching transitions ( or 

maximum two pulses) per half period. 
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The power range in which the amplitude of the fundamental 

can be continuously varied and the third harmonic eliminated is given 

by the ratio: 

P = A(3)  2 . 12 
A(3)m (19) 

which corresponds to the top 92% of the maximum power output. The 

complications of adaptive transitions between various modes involved 

in extending the range have to be traded against high power LC 

filtering hardware. 

IV CONCLUSION 

The renewed interest in SSB communications comes at a time 

when the development of fast switching electronics appears to give the 

possibility of new approaches in generating and modulating power RF 

signals. New modulation systems are made possible by circuitry 

developed for digital techniques. Such applications in the audio 

domain are now well established. 

Advances in Fast Digital Signal Processing may result in 

further reconsideration of traditional modulation methods leading to 

new levels of quality, efficiency and adaptability. Application 

Specific Integrated Circuits ( ASIC) allowing extremely rapid FFT may 

contribute to the spread and economic viability of complex modulation 

techniques in conventional and spread spectrum communications. The 

present paper gives indirectly some hints on future development 

possibilities. 
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MAXIMIZING CRYSTAL OSCILLATOR FREQUENCY STABILITY 

by 

Brian E. Rose 
Vice President 

Q- Tech Corporation 

2201 Carmelina Ave. 
Los Angeles,Ce.90064 

INTRODUCTION 

Frequency stability is one of the central topic. in the study 

of crystal oscillators, for the exceptional stability of quartz 

crystals is their fundamental advantage over other resonators. 

Both the long term and short term stability of crystal oscillators 

is important. Long term stability, characterized by terms such .as 

"drift" or "ageing", is the systematic, non-random change in 

frequency with time, often exp d in terms of frequency change 

per day or per year. Short term stability is the random, noise-

like behavior of the output frequency. In a measurement system 

based on a frequency counter ( time domain), the short term 

stability is typically measured over gate times from milliseconds 

to seconds. The same random behavior of the frequency, but 

measured in a system based on a spectrum analyzer ( frequency 

domain), is often specified in terms of the single-sideband level 

(relative to the carrier) of the angle modulation noise sidebands, 

at video frequencies from fractions of a Hertz to tens of 

Megahertz. 

The studies which have been done on this topic fall into two 

groups: Studies of the crystal by itself, end analysis of crystal 

oscillator behavior. The former are often concerned with the 

theory of quartz resonators and with practical considerations 

concerning surface preparation, electrodes, cleanliness, new 

designs, etc. The latter include studies and experiments with the 

various oscillator configurations, such es the Colpitts, Clapp, 

Pierce, Butler, etc. 

In the study of crystal oscillator stability, it is critical 

to examine the oscillator and circuit together. Particularly when 

considering short term stability, conclueione based on 

ob tions of the crystal alone can lead to erroneous results. 

In order to examine the crystal-circuit relationship in some 

detail, this study is confined to one particular oscillator 

configuration. However, insights obtained from the particular 

case will allow conclusions which are useful in the general. 

Exact equations for the crystal are used, and computer numerical 

method, are used to generate the various reactances end, even more 

important, the derivatives of these reactances. 

For the purpose of analyzing the stabilizing effect of the 

crystal on the rest of the circuit, assume that the crystal is 
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MICROWAVE SEMICONDUCTOR ENGINEERING 

Chapter II 

PI\ Diodes 

This material is reprinted 
with permission from 
MICROWAVE SEMICONDUCTOR 
ENGINEERING, J. F. White, 
1977, VanNostrand Reinhold 
Publishers, NY, NY. This 
section is Chapter II. 

and the Theory of. 
Microwave Operatoli 
A. The PIN Diode — An Extension of the PN Junction 

I. Structure 

The PIN diode should not be thought of as something physically 
different from the PN junction discussed in Chapter I, but rather 
different in a sense of degree. In Chapter I we saw that with the 
abrupt junction the width of the depletion zone is inversely pro-
portional to the resistivity of the P or N region, whichever has the 
lesser impurity doping concentration. As the width of the deple-
tion zone increases, the capacitance per unit area of the junction 
decreases. This effect is very beneficial for a diode which is intend-
ed for use as a microwave switch because the lower the capacitance 
the higher the impedance of the diode under reverse bias, and the 
more effective the device is as an "open circuit." 

The limiting case of high resistivity material is undoped (or " in-
trinsic") / silicon. In practice, of course, no silicon material is 
without some impurities. A practical PIN diode, then, consists of 
an extremely high resistivity P or N zone between low resistivity 
(highly doped) P and N zones at its boundaries, as shown in Fig-
ure II- 1. To distinguish unusually heavily or lightly doped materi-
al, special nomenclature has evolved. Ileavily doped P and N ma-
terials are referred to as P+ and N+, respectively. To identify very 
lightly doped, high resistivity P and N material, the Greek letters 
are used; thus high resistivity P material is called 1r-type and high 
resistivity N material is called v-type. Recognizing that perfectly 
intrinsic material is not practically obtainable, the I region of a 
PIN diode can consist of either y- or ir-type material. The result-

C, a CONSTANT a C (Co) 

a) FIXED CAPACITANCE 

APPROX EQUIVAL ENT CIRCUIT 

FOR PIN DIODE 

o P+ I Id N+ 

b) DOPED CRYSTAL 
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perfectly stable. In fact, certain noisy processes are associated 

with the crystal itself, and crystal frequency dependence on 

temperature and time is well known. 

THE CIRCUIT  

Figure la shows the circuit chosen for the analysis of the 

relationship between crystal , circuit, and frequency stability. 

The oscillator configuration is the popular Colpitts. Although 

the Colpitts is a grounded collector type of circuit, a small 

impedance in the collector provides a convenient signal output 

point and at frequencies of 10 MHz and lower this impedance has 

little effect on the oscillator base-emitter circuit. 

THE CRYSTAL  

Figure lb shows the equivalent circuit of the frequency 

control crystal. The series circuit of Cl, LI end RI represent 

the electrical equivalent circuit of the piezoelectric coupled 

mechanical resonance of the crystal. The reactances of Cl end LI 

are orders of magnitude larger than that which would be obtained 

from electrical components, and the ratio of these reactances to 

Al, the loss term, or GI, is typically 50,000 to 1,000,000; again, 

three or more orders of magnitude larger than what can be obtained 

from electrical capacitors and inductors. CO represents the 

parallel plate capacitor formed by the crystal electrodes. 

Typical values for a 10 MHz fundamental crystal are noted in the 

figure. 
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PIN Diodes 

ing diodes are indistinguishable from a microwave point of view; 
however, the actual junction forms at opposite ends of the intrin-
sic zone depending on the choice. This distinction is diagrammed 
for both cases in Figure 11-1. 

The first type shown in Figure II- 1(b) shows a P+, y, N+ diode 
structure. If the I region is of sufficiently high resistivity, what 
few impurity atoms it has will be ionized and the depletion zone 
will extend throughout the I region and include a small penetra-
tion into both the P and N regions. Because of the heavy doping 
in the P+ and N+ zones the depletion zone will not extend very 
far into them, and the depletion zone will be essentially equal to 
the I layer width, WI. The alternate diode structure, P+, 7r, N+ is 
shown schematically in Figure II- 1(d). Here the depletion zone 
width is likewise approximately equal to the width of the intrinsic 
layer but the junction is formed at the N+ interface rather than 
that of P+. Controlling the location of the junction has important 
consequences from the standpoint of passivating the diode chip, 
but no impact on performance. Most PIN diodes use y material for 
the I region and the junction is formed at the P+ interface. 

2. C(V) Law and Punchthrough Voltage 

In the preceding section it was assumed that the I layer is of such 
high resistivity that, even with no applied bias, the depletion zone 
extends across the I layer to the P+ and N+ zones. Under such cir-
cumstances Cj is practically independent of applied voltage. At 
zero voltage the depletion zone has already extended through the 
I region; as further reverse bias is applied to the diodes, little 
further widening of the depletion zone proceeds because of very 
high impurity concentrations and correspondingly large availability 
of ionizable donors and acceptors in the P+ and N+ regions. 

The PIN diode which actually does have so high a resistivity I 
layer that it is depleted at zero bias is called a zero punchthrough 
diode, because the depletion zone has "punched through" to the 
high conductivity zones even before bias is applied. 

Such a situation, however, represents an idealization. Not all prac-
tical diodes are zero punchthrough. A more general definition of 
the l'IN is a semiconductor diode which consists of two heavily 
doped P and N regions separated hy a substantially higher resis-
tivity I' or N region. 

Figure 11-2 shows schematically a practical PIN diode with ionized 
impurity profiles at zero bias and at punchthrough. At zero bias a 

MICROWAVE SEMICONDUCTOR ENGINEERING 
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large portion, but not necessarily all, of the I region impurities 
have been ionized and the depletion zone, W(0), may be somewhat 
less than the I layer width, W. As reverse bias voltage is applied to 
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THEORY OF OSCILLATION 

The crystal, capacitors CS, C2, and C3, plus the transistor 

reactances form a parallel resonant network at frequency F. The 

transistor provides gain, enough to offset the losses in the 

resonant circuit. It 

the circuit into the 

plus capacitor CS can 

is useful for the present analysis to divide 

two parts whown in Figure lc. The crystal, 

be analyzed as a net inductive reactance XPP 

and parallel resistance, APP. The transistor and C2 plus C3 are 

analyzed as a single parallel capacitive reactance and a parallel 

negative resistance, resulting from transistor gain. The circuit 

oscillates at a frequency where the positive ( inductive) 

reactance of the crystal " side" equals the negative ( capacitive) 

transistor " side". At turn-on, the negative resistance APT 

developed by the transistor ( connected to the complete tuned 

circuit) is of a lower value than the positive loss factor APP. 

The net resistance is therefore negative, and oscillation begins. 

The amplitude of the oscillation builds to the point where some 

amplitude dependent gain factor, such as transistor saturation, 

lowers the gain and raises the effective negative resistance to 

exactly equal APP, the condition necessary for steady state 

oscillation. 

This establishes the conditions for the analysis. The 

following sections show that over the very narrow frequency range 

of inductive reactance of the crystal, the capacitive reactance of 

XPT is essentially constant and therefore oscillation occurs at 
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the " intersection" of the value of XPT and the rapidly changing 

XPP. The stability of oscillation depends on this relationship. 

THE REACTANCE CURVE 

Figure 2 shows graphically the steep rise of the parallel 

reactance end resistance curves due to the crystal, plotted as a 

function of frequency. As mentioned above, over the narrow 

frequency range depicted (. 2%), the capacitive reactance of XPT is 

essentially constant. Therefore, the capacitance associated with 

the XPT value can be assigned to the right hand vertical scale. 

If, for example, we choose C2-C3-40 pF, then CT..20 pF, and the 

frequency of oscillation will be at point B. 

The pertinent question is where we would choose to operate 

for best stability, but two forbidden regions must be discussed 

first. Practical circuit considertione including parasitic 

reactances and active device capacitances limit the maximum 

reactance of operation. In Figure 3, the boundary above which it 

is impractical to operate is arbitrarilly chosen as 8,000 ohms, or 

2 pF. 

The exact values are unimportant because this is not the 

region of optimum stability. The other boundary, which is 

important, is determined by APP, the equivalent parallel 

resistance. 

II Equations in Appendix 
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this diode, depletion layer spreading occurs, and the capacitance, 
shown in Figure II-2(b), decreases until the depletion layer has 
spread definitely to the N+ region, as shown in Figure II-2(c). At 
this voltage the depletion layer width, W(VpT), is approximately 
equal to WI. Further spreading of the depletion layer into the low 
resistivity P+ and N+ regions is, for most applications, negligible. 
The voltage at which the depletion zone just reaches the N+ con-
tact is the punchthrough voltage, Viyr. 

Because in practice the resistivity levels in the P+, I, and N+ re-
gions do not change abruptly, the resulting capacitance versus volt-
age characteristics have a soft knee. Therefore the punchthrough 
voltage is not directly measureable with precision. however, the 
practical diode usually does have two definable slopes in its C(V) 
characteristic, when plotted using semilog paper as shown in Fig-
ure II-2(d). By convention, the voltage intersection of these two 
straight line projected slopes is called the punchthrough voltage. 

It is to be emphasized that this C(V) characteristic is what one ob-
tains when the measurements are made at relatively low frequen-
cies, typically 1 MI lz. At microwave frequencies, the dielectric 
susceptibility of silicon is much larger than the conductivity of y 
or ir material; thus, the capacitance is effectively equal to the min-
imum capacitance for all values of reverse bias, as is shown in the 
following discussion of dielectric relaxation. 

3. Capacitance Measurements and Dielectric Relaxation 

If the capacitance of a PIN diode which does not punch through 
at zero bias is measured at zero bias, a larger value of capacitance 
will be measured at a low frequency (such as 1 MHz) than would 
be measured at microwave frequencies (such as with a slotted line 
measurement at 1 GI lz). The reason is that silicon, in addition to 
being a variable conductor, also has a high dielectric constant. 
Therefore, its bulk differential equivalent circuit appears as a par-
allel combination of conductance and capacitance. The relative 
current division between these two equivalent circuit parameters 
varies with the frequency of the applied signal, higher frequency 
currents being carried mostly by the capacitive path. 

To illustrate this point, consider Figure 11-3 which shows a PIN 
diode below punchthrough. The portions of the P+ and the I re-
gions which are depleted represent the depletion zone, or "swept 
region." The remainder of the I region is "unswept" and can be 
modelled, as shown in Figure II- 3(c), as a parallel resistance-capac-

MICROWAVE SEMICONDUCTOR ENGINEERING 

itance circuit, represented by the equivalent circuits elements, 
Cus and Rus. 

The division of current through Cus and Rus depends upon the 
ratio of the susceptance of Cus to the conductance ( 1/14s). This 
ratio in turn depends on the dielectric constant of silicon to its 
bulk resistivity. The frequency at which the current division be-
tween these two elements is equal ( i.e., when the susceptance is 
equal to the conductance) is defined as the dielectric relaxation 
frequency, fR, of the material. 

When the operating frequency, f, is equal to or greater than 3 fit, 
the total capacitance represented by the series combination of 
Csw and Cus is approximately equal to CJ (within 10%), the par-
allel plate capacitance of the totally depleted I region. This value 
corresponds to the minimum capacity CmiN measured beyond 
punchthrough at low frequency. 

This point is a major one in the practical characterization of PIN 
diodes intended for microwave switching applications. It means 
that practical measurements of the capacitance of a PIN junction 
can be made at 1 MI lz, and the values so attained will represent a 
good approximation to the actual capacitance applicable at micro-
wave frequencies. This test only requires that sufficient bias volt-
age is used during the low frequency measurement to insure that 
the I region is fully depleted. A check to determine whether the I 
region is in fact fully depleted can be made simply by plotting the 
C(V) characteristic for a few representative diodes from the pro-
duction lot to determine at what minimum bias voltage the meas-
ured capacitance reaches what is essentially its minimum value. 

The remaining required quantity to determine the applicability of 
the low frequency Crum as a representation for the microwave 
capacitance, CJ, is an estimate of the relaxation frequency for the 
I region of the diodes being measured. High purity silicon materi-
al used to make PIN diodes typically has resistivity in the range of 
500-10,000 n-cm prior to the diffusion and/or epitaxial growth 
steps used to achieve the low resistivity P+ and N+ regions. I low-
ever, after the high temperature processing needed to realize these 
regions, the resistivity of the I region is always less than that of 
the starting crystal. Typical values for I region resistivity are in the 
range of 100-1000 il-cm. The dielectric relaxation frequency for 
the unswept portion of the I region can be written in terms of the 
equivalent circuit parameters, directly from the definition which 
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As discussed above ( Theory of Oscillation), negative 

resistance is the model chosen to represent the gain relation 

between the transistor and the circuit. This resistance depends 

on the transistor characteristics and the values and ratio of C2 

and C3. At present, it is important only to note that e minimum 

value of APT ( maximum gain), exists for any circuit value choice. 

Clearly, the circuit will not oscillate if RPP on the crystal side 

is less than APT generated 'on the transistor side, so a boundary 

exists. 

In the example, 400 ohms has been chosen as the boundary , so 

the circuit must operate somewhere between point A and point C. 

Where shall the greatest stability be obtained? If the crystal 

side only is considered, one might be tempted to choose point C, 

since the derivative of XPP with respect to frequency is highest 

at this point. To resolve the question, one must examine the 

transistor side in greater detail and determine the form of the 

unstable reactance. 

THE TRANSISTOR SIDE 

Recall from Figure 1 that the transistor side is defined as 

containing the capacitors C2 and C3 and the transistor itself. 

169 The admittance of this side will have real and imaginary parts as 

PF 
shown in that figure. The real part will be a negative 

Since RPT depends on C2, C3 and C2/C3, the boundary between I and 

II is actually a curved line. 
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Figure II-3 Reverse Bias PIN Equivalent Circuit 

requires that the conductance and capacitive susceptance be 
equal at fit. The result is 

fit = 
21rRusCus 

1 

In turn, the specific values for Rus and Cus can be written in terms 
of the length, L, and the area, A, of this unswept region together 
with the bulk resistivity, p, and the absolute dielectric constant, 
coeit, as follows 

pl. 
Rus = 
' A 

eoeR A 
(11-3) 

Substituting these expressions into Equation ( 11-1) together with 
the value ER = 11.8 for silicon yields Equation ( 11-4), which gives 
the dielectric relaxation frequency directly in GlIz when the re-
sistivity, p, is known. 

1  
fa — 

€0ERP 

153 
fR =   (gigahertz) (11-4) 

p(ohm-ccntimetcrs) 

This expression is shown graphically in Figure 11-4. 
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conductance of value 1/APT and the imaginary a positive 

susceptance B-1/XCT parallel ( the defining equations are shown in 

the Appendix.) 

It is beyond the scope of this paper to quantitatively model 

and analyze the various long and short term instabilities on this 

side of the circuit. Rather, some systematic and random 

proc eeeeee will be postulated, and the form of the circuit 

reactance instabilities will be shown. Armed with these models we 

can join the left and right sides of the circuit to describe the 

parameter that determines frequency stability. 

CASE I 

The first model assumes that C parallel has a tolerance on 

represents all of the instability or noisy portion of the circuit. 

(1.6.5) 

(1.6.6) 

DX XT - XT* XCV/(XT+XCV) 
2 

DX ( XT) /( XT+XCV) 

For XCV » XN: 

2 2 
DX ( XT /XCV ) ( XI) *( 2(TF)CV (1.6.7) 

CABE 3 

Assume that the current generator gm • Ib has a quadrature 

noise component in / 900 

The noise current into the base is derived in appendix B as: 

--
iln in /( I+X2/X3+gm*X2) ( 1.6.6) 

Assuming gm * X2 » ( 1 + X2/X3) 

• 

then 11.1n1 in/(gm * X2) (1.6.9) 

its average value which varies this value with time, temperature, The " noisy reactance", XN, which would cause this current to 

or other systematic function. In this case flow is: 

C CT * ( 1 + e) (1.6.1) 
XN gm * X2 * es / in (1.6.10) 

Where • represents the delta change from nominal ( temperature, Where es is the oscillator voltage at the base. Then 

tolerance, etc.). The incremental reactance change, DX, due to • 

is then: 

DX 1/(2TifFCT) - 1/(211 FCT ( 1+e)) ( 1.6.2) 

DX ( 1-(1 -e))/(21rFCT) ( 1.6.3) 

DX e/(2ITFCT) XT * • (1.6.4) 

1.6.13) 

DX - XT - XT*XN / (XT+XN) (1.6.11) 
2 

(XT) / (XT+XN) (1.6.12) 

for XN » XT 

2 
DX ( XT) * in / ( en * gm * X2) (1.6.13) 

for X2 K * XT (1.6.14) 

CABE 2 
DX XT * in / ( K * es 

Assume that the parallel capacitor CT has a fixed, stable 

part in parallel with a small variable capacitor CV which 
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Strictly speaking, since the final resistivity of the 1 layer of a prac-
tical diode depends upon the actual processing steps used to fabri-
cate the diode, one could not know beforehand what dielectric re-
laxation frequency would apply for a particular diode unless a 
method for determining the magnitude of p as realized in a final 
device were available. Usually a PIN diode has an I layer resistivity 
of at least 100 a-cm, which corresponds to fR = 1.53 GFIz. Thus 
for operating frequencies of 5 GIlz or more the simplified equiva-
lent circuit in Figure II-3(e) can nearly always be applied. 

An experimental method does exist for the determination of I 
layer resistivity through the measurement of the punchthrough 
voltage and knowledge of the 1 layer width, which usually is 
known with reasonable accuracy by the diode manufacturer. To 
make the calculation, Equation 1-10 is solved for Vrr at which the 
depletion layer is equal to the I region width, W. Recognizing that 
for a PIN the impurity concentration of the N+ contact, NA, is 
much larger than the impurity concentration in the 1 region, ND, 
the result becomes 

eND W 2 
Vpr   

2e0eR 
(11-5) 

But thé resistivity of the I region is related to the donor impurity 
density according to 

1 
P   

NnePN 

where PN is the electron mobility ( i.e., the effective drift veloc-
ity of electrons in the I region per unit applied electric field) and 
e is the charge of a single electron. Substituting this result in 
Equation ( 11-5) gives 

vv2 
P —   

2VpTeoe 
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Figure 11-5 Punchthrough Voltage vs. I Region Resistivity 
for Various I Region Widths 

where C R = 11.8 (silicon) 

IN = 2000 (centimeters2/volt-second)* 

(I1-6) W = I region width (centimeters) 

VrT = punchthrough voltage (volts) 

Thus, for example, if a particular diode having an I region width 
of 0.0025 cm ( 1 mil) is found to have a punchthrough voltage of 
10 V, the resultant average resistivity is 150 S2-cm. Equation ( II-7) 
is shown graphically in Figure 11-5 for various values of I region 
width, W. 
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B. Microwave Equivalent Circuit 

1. Charge Control Model 

Transit Time Limit of the 1-V Law 

In Chapter 1 the l-V characteristic for a PN junction was given 
(Equation ( 1-1)). The sanie characteristic applies for the PIN at 

'Ibis mobility value is representative for electrons in high resistivity N type silicon, as 
shown in Figure 11-8. Thus, this method of I region width determination is limited by 
the accuracy with which mobility can be estimated. 



Summarizing the three cases : 

( 1) DX ( XT) * • 
2 

(2) DX ( XT) • ( 21Y F) * CV 

(3) DX ( XT) * in / se • gm • ir 

Now we turn back to the complete circuit to find the form of 

delta frequency, DF. 

DELTA FREQUENCY  

The reactance curve of Eq. A6 plotted in figure 2 has a slope 

of DX/DF ohms per PPM. If one assumes an " operating" point of XT, 

then the frequency instability at that point will be: 

OF ( 1/DX/DF) * DX (1.7.1) 

Going back to the three cases developed in section 1.6, and 

subetituting XPP,«PTXT ( condition of resonance), 

OF ( 1/((DX/DF) * ( 1/XPP))) * e (1.7.2) 

2 
DF - ( 1/((DX/DF) • ( 1/(xPP) )) * ( 27r F) * Cy ( 1.7.3) 

DF ( 1/((DX/DF) * ( 1/XPP))) * in/( gm*es*K ) (1.7.4) 

Thee. are the functions which yield the value of DF, the 

frequency instability of the total circuit, for the three cases of 

the preceding section. The quantities to the right of the 
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brackets ere constants determined by the degree of instability on 

the transistor side. The two functions in the brackets ( one and 

three are the same) are determined by the crystal, the capacitor 

CS, and the value of the XT, the parallel reactance. In order to 

minimize delta frequency, we wish to maximize the inverse of 

these, which are, 

(DX/DF)*1/XPP 
2 

II (DX/DF)*1/(XPP) 

( 1.7.5) 

(1.7.6) 

These functions will be called the fractional reactance  

slope. Type I and Type II, to emphasize the fact tht it ie the 

fractional slope which determines etability, not the absolute 

elope. In Figure 3, the fractional reactance slope functions and 

the reactance slopes have been plotted for a number of example 

cases, including the 10 MHz crystal of Figure 2, 5 MHz third 

overtone, and a 60 MHz third overtone. The functions are maximum 

at the lower boundary. The intuitively attractive steep elope at 

point " C" in Figure 2 is now shown to be deceptive because of the 

role of fractional slope in stability. 

The effect of Al and Q now becomes clear. The fractional 

reactance slope depends on XC1 of the crystal, so for all other 

factors equal, one alwaye wants to maximize that. Out best 

stability is found at the lowest reactance, and that occurs at a 

value determined by APP which depends on R1, the crystal eeriee 

raike ams um men MI tall ON an WINS all Cal 



PIN Diodes 

low frequencies, for which the RF period is long compared with 
the transit time of an electron or hole across the I region. 

The discussion to follow using a simple carrier transit time model 
is only approximate. Real diodes have more complex carrier flow, 
which is non uniform, subject to applied voltages ( i.e., nonlinear), 
and so forth. The approximation is useful, as it permits estimates 
of frequency behavior and switching speed. The transition between 
low and high frequency behavior occurs when this transit time is 
equal to the RF period. To estimate the transit time, recall that 
the injection of carriers into the depletion zone occurs under for-
ward bias by diffusion. That is, once forward bias is applied it re-
duces the magnitude of the built-in junction potential, causing 
holes to diffuse from the P to the N region and electrons to diffuse 
in the opposite direction. 

The mechanics of this diffusion charge transport are described by 
diffusion constants for holes and electrons, Dp and DN respective-
ly. Diffusion, being the flow of carriers from a region of high to 
lower density, is described in terms of a current density propor-
tional to the spatial gradient of charge density according to Equa-
tions ( 11-8) and (11-9). 

(For holes) 

(For electrons) 

where 

e 

DP,N 

v p 
v n 

n = -epp(vp) 
rN = -eDovn) 

(II-8) 

(II-9) 

= current density 

= unit charge magnitude = (+ 1.6 x 10' coulomb) 

= diffusion constants for holes and electrons respectively 

= spatial gradient of hole density 

= spatial gradient of electron density 

To illustrate diffusion, let us estimate the approximate transit time 
for holes, the slower moving carrier, across the depletion zone of a 
PN junction of width W. A one dimensional analysis is used, and 
Equation (11-8) becomes 

dp 
Ji' = -eDp — 

dx (II- 10) 

MICROWAVE SEMICONDUCTOR ENGINEERING 

The minus sign is required (D is defined as a positive constant) 
since current flow is opposite to the direction of increasing charge 
density. Figure 11-6 shows a simplified model of the PIN and major-
ity carrier profiles. The gradient dp/dx is abrupt at the P/I inter-
face and an exact analysis would require an analytic representation 
of p(x). However, as an approximation, we use the average gradi-
ent of the hole density across the l region, or 

dp 

dx 
Ote.• 
/S. 

Pp 

Figure 11-6 Depletion Zone Model Used to Estimate Transit 
Time Frequency 

Equation ( II- 10) then becomes 

Jp = Ppevp *-1-eDp 
Pp 

where Jp has been written explicitly using carrier velocity, vp, and 
the density of carriers participating in the hole current flow. But 
the hole transit time, Tp equals W/vp; therefore 

w 2 

Transit Time = "Tp —Dp 
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S 1 things have happened. At XPP equal 94 ohms, point C, 

APP now equals 277 ohms, so this point violates the lower boundry 

of 400 ohms. Adjusting XCT to 112 ohms ( changing CT), point 0, 

gives APP equal 402 ohms. DX/DF is now 2.14 so the fractional 

reactance slope ( I) is 1.91E-2. The etebility has been improved 
3. Frerking, M. E. " Crystal Oscillator Design and Temperature 

by about 14 percent for type I instabilities,compered to point A. Compensation," New York: Van Nostrend, 1970 
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But the type II fractional reactance slope is dec eeeee d by about 5 

percent. So the answer for this particular example depends on the 

exact nature of the circuit instabilities. Note that this example 

assumes a perfect capacitor for CS. If CS were a varactor diode 

it is apparent that as the value decree... it is possible to move 

to a point where APP is too low for oscillation. In VCXO designs 

then, the margin for oscillation should be adjusted at minimum 

capacity. 

CONCLUSION  

For eeeeee 1 models of transistor end circuit instabilities it 

is seen that frequency stability is maximized when the fractional 

reactance slopes, Type I and Type II, are maximum. For a number 

of crystal examples these functions are maximum at the lowest 

parallel reactance. The minimum reactance point depends on the 

value of APT, the parallel negative resistance. The effect of a 

capacitor in series with the crystal on stability depends on the 

exact nature of the circuit instabilities. 
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Accordingly, we can expect that the low frequency I-V character-
istic ( Equation (1-1)) can no longer be used at frequencies for 
which the RE period is comparable to Tp. If a transition frequen-
cy, fT, is defined for the PIN diode at which 

then 

fr - 
W2 

Dp 

Frequently, the mobility, p, rather than the diffusion constant, 
D, is evaluated for semiconductor materials. These two constants 
are related according to the Einstein relationship 

kT 
= p — (centimeters2/second) 

e 

where I) = diffusion constant (centimeters2/second) 

p = mobility (average carrier drift velocity per unit 
applied electric field) 

k = Boltzmann's Constant 

T = absolute temperature (Kelvin) 

At 300 K (near room temperature) kT/e = .026 V; thus 

I) = .026 p (at 300 K) (11-13) 

The hole and electron mobilities vary both with impurity densities 
(see Figure 11-7) and temperature (see Figure 11-8). For the pres-
ent example the hole mobility at 300 K in high resistivity silicon 
is about 500 cm2/V-s and therefore 

1300 
f r - megahertz 

w2 

where w is I region thickness in microns. 

(11-14) 
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Figure 11-7 Hole and Electron Mobilities ( at 300 K in silicon) 
vs. Impurity Density (After A.B. Phillips [ 1] ) 

Thus, even for a very thin base PIN diode having only a 2.5p (0.1 
mil)! region, fT = 200 Mllz. A graph showing how fT varies with 
w is shown in Figure 11-9. In practice, PIN diodes used for micro-
wave switching have I region widths of 25-250 pm ( 1-10 mils) and 
accordingly the low frequency IV characteristic given in Equation 
(I-1) is useless for evaluating microwave resistance. 

1 Region Charge and Carrier Lifetime 

I lowever, all of the concepts introduced so far to describe low fre-
quency behavior are easily applied to determine the microwave re-
sistance. We shall evaluate I region charge and use it to gauge re-
sistance. From Figure 11-9 it is evident that once charge, consisting 
of holes and electrons, has been injected intd the I region under 
forward bias, it cannot be removed in the brief duration of a half 
cycle of RE frequency if that RE frequency is above a few hun-
dred megahertz, even for the thinnest I region (or base width) 
diodes. 

The charge control model for the PIN diode allows RI' perform-
ance to be related to the net steady state hole and electron 
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resistance. The crystal resistance determines stability indirectly by 

restricting the "operating" point of the circuit. 

SERIES CAPACITANCE  

Can one improve frequency stability by putting a capacitor in 

series with the crystal? The intuitive answer to this recurring 

question goes es follows ( refer to Figure 2). The slope, DX/DF, 

increases with frequency but the fractional reactance elope 

decreases with frequency. At points A and B then, 

Table 1.8.1  

TYPE I TYPE II 
2 

PPM APP XPP DX/DF DX/(DF*XPP) DX/(OF*XPP ) 
DX 1 
DF x XPP A 55 402 94 1.58 1.68E-2 1.79E-4 

• 440 25K 841 2.29 2.7E-3 3.2E-6 

> DX 1 

TrF- 75. p 

0 20 • 40 

8 10 PPM 

DX 

e"... 60 MHZ, 3i-ci 
Cl- . 0022 

..•••••" C8• 4.5 
R1.. 30 

DX 1 

DF x ¡PP 

60 

Figure 3, Relative Slopes 

80 100 

332 

so better stability is obtained at A. If one adds a capacitor of 

reactance -747 ohms in series with the crystal, the entire curve 

is shifted in the negative direction. Is not now the reactan ,- , at 

F - 440 PPM equal to 841 minus 747 or 94? And since the curve is 

simply shifted, have we not now the DX/OF of point B but et the 

reactance of point A? Table 1.8.2 shows the results of adding a 

21.3 pFd capacitor. 

TABLE 1.8.2 

TYPE I TYPE II 

PPM APP XPP OX/OF DX/(OF*XPP) DX/(0F*XPP ) 

• 436 277 94 2.04 2.17E-2 2.31E-4 

o 444.4 402 112 2.14 1.91E-2 1.71E-4 

.3 IL. t 3 INN 11111111 NMI 11=11 Mt d CS t=1, t=à11 
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Figure 11-9 I Region Width vs. Transit Time Frequency for 
Silicon PIN Diodes at Room Temperatun 

charges, Qp and QN respectively, in the I region. These charges -are 
equal to the product of the (low frequency) bias current and the 
respective average carrier lifetime, thus 

QP= lo rp 

QN 10 • TN 

That is, after the turn on transient during which the I region 
charge density is established, the bias current serves as a replenish-
ment source for holes and electrons which have recombined. Re-
ferring to Figure 11-10, the bias current at the P/I interface con-
sists almost entirely of holes being injected into the 1 region. At 
the I/N interface the same bias current consists mainly of electron 
injection into the I region. 

The longer the lifetime, the less bias current required to maintain 
a given charge density and, accordingly, a given microwave con-
ductivity. Before proceeding further it is important to note that 
long lifetime does not necessarily imply slow switching speed. A 
properly designed driver can remove I region charge, and thereby 
reverse bias the diode, in a period shorter than the lifetime. Rather, 
long lifetime should be considered a measure of the crystalline 
perfection within the diode. 

(I1-16) 
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APPENDIX a EQUATIONS APPENDIX B TRANSISTOR MODEL  

CRYSTAL  

X1 XLI + %CI ; Fl 1/2 e(Ll C1)".5 (Al) 

j2lf F / (( 21(F1)"2* Cl) - j/ ( 21TF*C1) ( A2) 

XO -j 2/r F * CO (A3) 

CRYSTAL SERIES EQUIVALENT  

XE X0*((R1'2 + X1*(X0 + X1))/(R1'2 + ( XO + X1) -2) (A4) 

RE - R1/((R1/X0)"2 + (( X0 + X1)/X0) -2) (A6) 

PARALLEL: XPP and RPP from F1L tma &L + XCS  

XPP - ( RE'2 + ( XE + XCS)'2)/(XE + XCS) 

APP ( RE'2 + ( XE • XCS)^2)/RE 

DERIVATIVES: COMPUTER CALCULATED INCREMENT  

( AS) 

(A7) 

DXPP XPP S F - XPP O ( F-freq. increment) ( AB) 
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il vb*1/(1 + x2/x3 + gm*x2) + in/(1+x2/x3 + gm*x3) 

Y ,• il/vb • 1/RPT + 1/XCT 

RPT gm*x2*x3 + ( x2 + x3)"2/gm*x2*x3 

XCT • (( x2 + x3)"2) - ( gm*x2ex3) -2))/(x2 + x3) 

XCT • x2 + x3 

un • in/(1 + x2/x3 + gm*x2) 
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(94) 

(85) 
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Figure 11-10 Cylindrical I Region Model Used to Estimate I 
Region Resistance of PIN Diode 

A pure intrinsic silicon crystal has a calculated carrier lifetime of 
3.7 seconds. With impurity doping of 10'5 cm-3 this figure drops 
to 0.11 ms. [ 1 (p. 80)1 In actual diodes the lifetime typically 
ranges from 0.1 to 10 ps, orders of magnitude less than these the-
oretically attainable values. To appreciate the reason for this great 
disparity, it is necessary to review what lifetime represents. 

Lifetime is proportional to the improbability that an electron and 
hole will recombine. Imperfections in the regular array of crystal 
atoms create energy states within the otherwise disallowed band 
gap of silicon. Such intermediate states provide a virtual energy 
"staircase" by which the recombination proceeds. In a very regu-
lar crystalline structure, energy must be given off in the transition 
of an electron from conduction to valence bands in the form of a 
1.1 eV (light emitting) photon; the statistical probability of such 
an occurrence is low. But with crystalline irregularities, intermedi-
ate allowed energy states between these two bands permit a transi-
tion in a "staircase" of smaller energy transitions with correspond-
ing low energy phonon (lattice vibrations) emissions, the overall 
probability of which is higher. Thus lifetime is reduced and recom-
bination is enhanced by the presence of crystalline imperfections 
and/or impurities. 

There are two categories of crystalline irregularities — boundary 
surfaces and bulk impurities. For a PIN diode the I region bound-
aries consisting of the highly doped P+ and N+ represent rapid re-
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combination surfaces for carriers which diffuse into them. Like-
wise the peripheral surface boundary of the I region, although not 
to the same extent as the P+ and N+ regions, provides greater re-
combination probability than would be present for carriers were 
the silicon crystal of infinitely extended dimensions. Furthermore, 
from a bulk point of view, even the structure of an undoped sili-
con crystal is never ideal. There are stress lines and faults where 
the probability of electron-hole recombination increases. A doped 
crystal is all the more susceptible to such imperfections because of 
the temperature shocks, imperfect atomic fit of doping atoms with-
in the silicon, and related crystal stress producing factors associat-
ed with diode manufacture. 

This brief discussion of lifetime and its determining factors is 
qualitative. Even an approximate theoretical treatment of the ef-
fective lifetime for a real diode is impractical, although some bulk 
quantitive analytical treatments of semiconductor crystal lifetime 
have been made. 131 For the diode maker and user, resort must 
be made to experimental means by which average carrier lifetime 
can be measured. The conventional method for measuring PIN 
diode lifetime, r, consists of injecting a known amount of charge, 
Q0, into the I region and measuring the time, TS, required to ex-
tract it using a "constant" reverse bias current. [4,51 To appreci-
ate this method, consider the equivalent circuit and charge versus 
time profiles shown in Figure II- 11. 

A forward bias current, IF, is established and permitted to flow for 
a period long compared to the expected lifetime, thus storing a 
charge, Q0 equal to IF • r in the diode under test. The current sup-
plies are chosen so that RR < RF. Thus, when the switch, S, closes, 
the diode current, ID, reverses direction and reaches a magnitude, 
IR-IF. The stored charge is removed by this current until it is fully 
depleted. If the discharge period, rs, is short compared to the life-
time (rs 4 r), then negligible recombination occurs during the 
turnoff and the total stored charge is recovered. In this case, 
Qo = 1E •T = OR - 'Ors and the lifetime is found from 

IR 
T ee-1 Ts 1) where Ts 4 T 

IF 

This same expression gives the approximate switching time, Ts, of 
a driver which switches from forward bias, IF, to reverse bias and 
has a reverse bias transient current switching capability of IR - IF 
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Figure 11-1 1 Lifetime Measuring Method 

amperes. Of course, in a practical driver circuit the forward cur-
rent supply, IF, would be switched off during reverse bias. 

Practically, however, Equation ( 11-17) is not always directly use-
able because it may be difficult to switch the diode off in a time 
short compared with the lifetime. Typical PIN diode lifetimes 
may range from 0.1-10 us, requiring extremely fast switches to 
satisfy the requirements that Ts be small, say one-tenth, of the 
expected value of r. To overcome this problem, a test setup is 

600 

BOO 
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10 70 50 

(mA) 

100 700 500 

Figure 11-12 Typical Variation of PIN Lifetime with Forward 
Current (After Ciccolella, Johnston, and DeLoach 
(6 (p. 289)1) 

made whereby the switching time can be adjusted. In the circuit 
of Figure II-11, RR is made variable. The ratio IR/IF is adjusted so 
that rs = r; the applicable condition is determined by analysis'as 
follows. 

If, at t = 0, IF were turned off, the initial charge, Q0 would decay 
at a rate proportional to the product of the instantaneous charge 
magnitude in the I region and the recombinate rate, 1/r. Actually 
lifetime is somewhat dependent on the bias current level; a typical 
variation of PIN lifetime is shown in Figure 11-12 [ 61 for a range 
of bias currents commonly used. Conventionally this variation of 
lifetime is ignored, not because it is insignificant, but because its 
inclusion would not permit the simple analysis which follows. 
Which is not to s<iy that the analysis isn't useful. Common prac-
tice is to apply it, but one should be aware of its limitations. 

With the constant lifetime assumption, suppose that the "driver" 
described in Figure 11-11 provides no charge extraction current. 
Then for t > 0, the expression describing the instantaneous rate of 
charge (dq/dt) of charge in the I region, q, is 

= - (t > 0) 
dt r 

The solution of this differential equation is 
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ABSTRACT  

Simplified design methods for dielectric resonator bandpass and 

bandstop microwave filters are discussed. Two typical cases of 

dielectric resonator operation in the filter circuit, single-

and dual- mode, are considered. Some practical filter 

realizations suitable for UHF and microwave applications are also 

described. 

1. INTRODUCTION  

Considerable advances have been made over the last decade in 

technology of low- loss and temperature stable ceramic materials 

suitable in a high- frequency filter applications. Low- loss ( or 

high Q), large dielectric constant, and low frequency- temperature 

coefficient are the most significant features of temperature 

compensated ceramic materials that make them very attractive for 

filter applications at UHF and microwave frequencies ill. 
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Typically, these filters employ a cylindrical or 

rectangular shaped dielectric resonator as a basic element in the 

bandstop, bandpass, and directional filter realizations. A 

dielectric resonator filter operation is based on a specific mode 

of dielectric resonator at which the coupling between resonators 

and distributed transmission medium can be realized and 

practically controlled in order to obtain the desired filter 
characteristics. Depending upon applications and frequency range 

the dielectric resonator filters use a rectangular waveguide, 

cylindrical waveguide, coaxial line, or microstrip line for 

transmission medium ( 21. Typically, at the UHF frequencies the 

TEM coaxial transmission lines containing the dielectric ring 

resonator are most often used for the bandpass filter 

realizations ( 3). At microwave and millimeter wave frequencies 

the waveguide or microstrip line are mainly used as transmission 

media since their fundamental propagation modes are compatible 

with the TEgis mode of dielectric resonator 111, Pl. 

The objective of this paper is to present a brief outline of 

dielectric resonator filter design methods and to discuss some 

practical design considerations related to bandpass and bandstop 

filter realizations. 
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q = (20e-tir 

This equation shows the " natural recovery" curve in Figure 
11-11(b) and demonstrates the definition of lifetime as r, the time 
constant of charge decay. In time t = r, q decays to 1/e or about 
40% of its initial value. However, to make a practical measurement 
it is necessary to have a measurable quantity; this requirement is 
most easily fulfilled by providing a reverse current during recovery. 
Since the reverse current also removes charge from the 1 region, its 
effect must be included in the charge defining equation. Equation 
(11-18) then becomes 

dq -q = in 
dt r 

(I1-20) 

This expression is called the continuity equation for stored charge; 
the name underlies the fact that stored charge is neither created 
nor destroyed instantaneously, but rather has time continuity. 
This equation is general and applies for charge building with lD 
positive, as well as for recovery when the diode bias current direc-
tion is reversed and ID is negative. The solution, which can be veri-
fied by Substitution into Equation ( II-20), is 

q = Qoe-t/T + ' or 

Imposing the condition that the stored charge be depleted in time 
t = r, as shown graphically in Figure II- 11(b), and noting that 
Q0= Irr and that ID = -(IR - IF), Equation ( II-21) gives 

I-111 I + 1 ge 1.4 IF 

as the test condition under which q = 0 at t = rs = r, permitting a 
convenient direct measurement. In practice, 1R and IF can be moni-
tored by connecting an oscilloscope across a small resistance in 
series with the diode under test. Switch S is realized using a pulse 
generator with repetition rate adjusted to permit the application 
of forward current, IF, for a time which is long compared to the 
lifetime, r, in order that the steady state charge, Q0 equal to IF r, 
is established before the recovery process is measured. A practical 
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(11-19) description of lifetime and switching speed measurements is given 
by McDade and Schiavone 171. 

The Charge Control Model and Microwave Currents 

We have just seen that, from transit time considerations, the PIN 
I region conductivity cannot follow a microwave signal because 
the diffusion of charge carriers isn't rapid enough to traverse the I 
region within the half period of an RF cycle. Moreover, from the 
preceding discussion of carrier lifetime it is clear that once charge 
is injected into the I region it resides there for 0.1-10 is — the 
lower limit of which is even long compared to the 0.005 µs half 
period of, say, a 1 GI lz signal. "rhese two facts taken together in-
dicate that the resistance behavior of the PIN at microwave fre-
quencies can be described in terms of the charge present in the 1 

region, q. 

To illustrate this point, consider the diode 1-V characteristic with 
superimposed RF excitations, as shown in Figure 11-13. The 1-V 
law shown is typical for a high voltage PIN. Under a forward bias 
current of 100 mA the I region becomes sufficiently conductive 
that its microwave impedance drops below 1 ohm of resistance 
(as we describe in the next section). If a microwave current having, 
say, 50 A peak amplitude ( 500 times the bias current) is then 
passed through the diode, the diode is found to remain in the low 
impedance condition despite the large "negative-going" half cycle 

(11-21) of the RF waveform. The reason for this linear operation even un-
der high RF current magnitudes is clear when the total charge 
movement produced by the RF signal is considered. Assuming a 
lifetime of 5 µs, typical of a high voltage PIN, the 100 mA bias 
results in a stored charge of 0.5 µC. However, during the negative-
going portion of a 1 Gliz sinusoid, the total charge movement is 
less than 0.025 µC, not even a tenth of the stored charge. This ex-

(11-22) ample epitomizes the charge control viewpoint that it is the total 
stored charge produced by a bias which determines I region resis-
tance rather than the instantaneous magnitude of an RF current. 

Ryder* has likened the bias level on a PIN diode to "large signal" 
and the RF as the "small ac component," with respect to the 
amount of charge stored or removed from the 1 region. From the 
above example, the value of the charge control viewpoint is 
evident. 
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R. Ryder ( Bell Telephone Laboratories; Murray 1101, New Jersey) in a talk given at the 

NEREM Conference in Boston. circa 1970. 
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2. PRACTICAL DESIGN OF SINGLE-MODE DIELECTRIC RESONATOR FILTERS 

Band-pass and tend-stop filter design procedures are based 

on the low-pass prototype element model and a low-pass to band-

pass or band-stop frequency mapping as described in 141. All 

subsequent steps of the design procedure are outlined in Figure 

I. It can be seen from Figure 1 that both maximally flat (or 

Butterworth) and equi-ripple (or Tchebyscheff) responses can be 

obtained following the design procedure outlined. It also 

follows that for the determination of a filter components, the 

dielectric resonator parameters required for a given circuit 

topology, such as the external Q's, Qnx, and coupling coefficient 

ki must be determined first. The Onien and k's values related 

to the physical dimensions of the filter can be obtained either 

analytically or expermintally or by combination of these two 

techniques. 

With the reference to the band-pass filter equivalent 

circuit shown in Figure 2 the external Q, Qnx and coupling 

coefficientde Ki's are functionally related to the circuit 

elements as follows (61 

% la X1/(Kol 2 /RI) go gl wi/W 

Qexn • Xn/(K. 2, n + 1/Rn) gn gn+1 nliw 

i 4- 1 K + wiw . 
+ + 1 

(la) 

(lb) 

(2) 
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where W (w,- w1)/&. is the fractional bandwidth 

t.), is the center frequency of B-P filter 

Wi is the edge frequency of L-P prototype filter 

go, gl, gi, gi fi, gn, gn+1 are the elements of a L-P 

prototype filter. 

It is essential, however, for a proper design to have the 

Qex's and lea parameter values expressed in terms of the 

filter physical structure and dielectric resonator parameters. 

In the most common case of the TE.is operation mode of 

cylindrical dielectric resonator being integrated with the 

waveguide or microstripline, approximate equations for the 

resonant frequency fn, and unloaded Q factor, On have been 

derived and practically verified in various designs ( 5), ( 6), 

171. 

Hbwever, there is no approximate expression available for 

a coupling coefficient, k, nor for resonator- to-resonator, nor 

transmission line- to-resonator coupling arrangements. Therefore, 

the best way in practice is to determine k from the external Q 

factor measuremente.for a pratical circuit structure, as any 

attempt to determine the coupling coefficient k value from 

analysis inevitably leads to rather complex algebra requiring the 

use of a computer to get the final solution. 
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Figure 11-13 Example Comparing Charge Stored by Bias to 
Charge Movement Due to High Level Microwave 
Signal 

Under reverse bias, a relatively small voltage, about - 100 V, is suf-
ficient to hold off conduction of the diode under the application 
of an RE voltage whose peak voltage amplitude is as large as 
1,000 V. Again, the brief duration of the half-period of the R12 
cycle is not sufficient to cause appreciable modulation of the I 
region of the diode, and the diode appears as a high impedance 
even with this large voltage magnitude applied. 

MICROWAVE SEMICONDUCTOR ENGINEERING 

One might ask why any reverse bias is necessary at all if the diode 
is nearly non-conducting at zero bias. First, reverse bias fully de-
pletes the I region and its boundaries of charge. Thus, the diode 
has a higher microwave Q with reverse bias. Second, the role of a 
reverse bias is to maintain an average field which tends to prevent 
the accumulation of significant amounts of charge in the I region. 
The presence of excessive charge in the space, under high RF fields, 
can produce impact ionization, with a "runaway" current rise and 
resultant diode destruction. Nevertheless, under large RF excita-
tion, impact ionization effects are often observed, resulting in a 
pulse leakage current, since it occurs only under the combined ac-
tion of RF and reverse bias excitation. It is necessary that the 
driver circuit have sufficiently low impedance to be capable of 
providing this pulse leakage current (usually 1-5 mA) in a high 
power control device without causing an appreciable drop in the 
bias voltage supplied, if destructive diode conduction in the reverse 
bias state with high RF applied voltage is to be avoided. 

2. Forward Biased I Region Resistance 

Having demonstrated the suitability of the charge control ap-
proach for determining microwave properties, let us use it to cal-
culate the conductivity and resistance of the I region under for-
ward bias. 

Conductivity, a, is a bulk property equal to the ratio of current 
density, J, to applied electric field strength, E 

= — 
E 

(II-23) 

But J is the directed average rate of flow of electric charge. In 
terms of I region holes and electrons 

J vp • p vN - n 
= — - e   (II-24) 
E E E 

Also, by definition, mobility, p, is the average carrier velocity per 
unit of applied electric field, thus 

= e(Ppp + PN n) 

336 



U0-• OBI MO /111 MIN MI On MIS VIII lea WIN Irm Mill alit IIIII1 IOU 1:1111 CIS Ca 

If the Q„ is obtained from measurements and the unloaded, 

Q, Qb is for example determined analytically, than the coupling 

factor k can be obtained from 

k = Qo/Qex (3) 

Considering a typical filter structure of the form shown 

in Figure 3 (a) and ( b) the unloaded Q factor can be calculated 

using 151: 

Q0 
a+r bd + bd 

r  00111 a a 

rr • a tano +cbd tan o + RA 2 d/2,2 
r sus r 

(4) 

Where the meaning of constants in (4) can be explained with the 

reference to Figure 3 as follows: 

a = t + sin('irt)/Tr 

bs = Icos(trt/2)/sinh(reP)I 2 

be, Icos(frti2)/Oinh(rad)1 2 

ds = sinh(2fss)/24 - S 

da = sinh(2ead)/2 1(à - d 
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dr sa 

where 

[ ye einh (yd) ya Binh (ye )1 

sinh (yes) sinh (yad) 

« [ ,.10) 2 r _ el)2] 11 
Yr 1 c r R 

[ 2.405 2 
Ya ' (--i--) _ (--) 2c yi 

c e 

[ 

R 

2.4052 _ (6'0 )2 s] % Ya (_____) 
c o 

where the parameter u in (5a) can be approximated as follows: 

_tesi. 
u 2.32 + ¿..003333 92 ( c )2 - 0.185 

(6) 

under the assumption that Er >> 1, which holds for most 

dielectric resonators. 

In order to assure that the filter circuit shown in Figure 

3 is a bandpass type, which means that the RF power flow through 

the circuit relies on the presence of the TEms mode of dielectric 

resonators, the metallic enclosure must act as a waveguide under 

cut-off conditions at the filter operated frequency. Otherwise, 

the circuit will operate as the bandstop filter with the signal 

power absorbtion at the frequency corresponding to the dominant 

TE015 mode (or possibly on some other adjacent hybrid modes). 
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where 

e = + 1.6 x 10-19 coulomb = magnitude of electron's charge 

Pp .N = mobility of holes and electrons respectively 

p, n = respective injected hole and electron densities in I region 

The formula for the resistance of a cylindrical conductor of elec-
trical conductivity, a, length W along the current path, and cross 
sectional area A is [ 9] 

R = —W 
GA 

(I1-26) 

Using the dimensional notation of Figure 11-10, the I region resis-
tance is then 

R1 =   (11-27) 
eA(ppp + J1N n) 

Three main assumptions* have been made in this derivation of RI: 

1) The I region as a whole is electrically neutral. 
2) The bias current, 10, injects holes and electrons which recom-

bine with each other in the I region; the limitations, of this as-
sumption are discussed later. 

3) The carrier lifetime is sufficiently long that both the holes and 
electrons are uniformly distributed within the 1 region. Anoth-
er way of stating this point is that the average hole and electron 
diffusion lengths, 4 and LN, are much longer than the I region 
width, W. This condition is usually valid for well designed PIN 
diodes and can always be verified by using the relation for dif-
fusion length given below 

(11-28) 

where 

DAP = ambipolar diffusion constant = 2DI,DN /( Dp + DN ) 
r = lifetime within the I region 

In silicon, DAP has an effective average value for holes and electrons, 
the ambipolar diffusion constant, of 15.6 cm' /s [ 8]. Thus 

•Fletcher, Neville 11.: "The High Current Limit for Semiconductor Junction Devices," 
Proceedings of the IRE, Vol. 45, pp. 862-872, June 1957. 
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L = 40 Jr (microseconds) (microns) 

L = 1.7 ir (microseconds) (mils) 

For example, if the bulk lifetime is 10 ps the diffusion length is 
about 133 p (5 mils).* 

Under these combined assumptions, it follows that the injected 
hole and electron densities are equal and uniform 

p = n (II-30) 

and, furthermore, since they recombine with one another directly 

= (11-31) 

Then 

Ri=   
2e A ilAP P 

(11-29) 

(11-32) 

where PAP = 2pppNi(Pp pr4), 610 cm' N-s in silicon [ 8] , is the 
ambipolar mobility, i.e., the effective average of the hole and elec-
tron mobilities. But the injected charge is directly proportional to 
the bias current. 

Qp = epAW = lor 

Combining the last two equations gives 
vv2 

R1 =   
2p Ar, rlo 

(11-33) 

(11-34) 

This expression is applied frequently. We note from it that R1 is 
theoretically independent of I region area, being proportional to 
the square of I region width and varying inversely with mobility, 
lifetime, and bias current. However, care must be taken in the ap-
plication of Equation (I1-34) to practical situations. In particular, 
the following generalizations should be qualified: 

1) Holding all process steps the same except for varying A pro-
duces a selection of diodes with different capacitances but the 
same Rifar a given bias current. This situation is true only if 

'For an analysis of the case where this assumption is not made, see Leenov's paper, 

Reference 8. 
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In either case the resonant frequency of the circuit 

including the dielectric resonator operated in the TE au. mode 

may be determined using the transmission line equivalent circuit 

model introduced in ( 51 and (6). For example, the frequency, 

fo, of the structure shown in Figure 3(b) basically depends on 

the dielectric resonator parameters such as D - diameter, L - 

height, and dielectric permittivity£ r being also a function of 

the circuit parameters described by the following two equations: 

Ya Ye 
yr L = tan-1 (i; coth (d ya)) + tan-1 (- coth (aye)) 

and 

J1 (u) 

u J (u) 
o. 

K1 (1) 

If K,(6) 

where Jo and J1 are Bessel functions of the first kind of nth 

order, while Ko is the modified Henkel function of the nth order. 

The Ta, yr, and Y; propagation parameters are defined by (5), 
with the U. given by (6). 

The following approximation can be used to simplify Eq. (2) 

0.23  

(x - 2.405) 1.5 

0.06 

(x - 5.52) 1.1 

for 

for 

2.405 < x < 3.83 

5.52 < x < 7.02 

etc (9) 
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and 

with 

K1 (x) 
  • 
x Ko (x) 

2.06 
al.3 

.bo 2 2 
r - u2 

(10) 

(11) 

Equations (7) to (11) can be used to determine the fo value when 

the circuit's and dielectric resonator's parameters are known, or 

if the fo is given to find the dielectric resonator parameters 

(the height L, for example) incorporated with a given circuit 

structure. In either case the calculations are carried out using 

a standard iteration method which leads to solution. Therefore, 

it is customary to asume an initial value for the dielectric 

resonator diameter D which would reduce the computation time, for 

example , an initial value for D can be determined from the 

following equation: 

D - 2.405 + 
w ro -12 

(12) 

The resonant frequencies determined from measurements and 

the analysis using Eq. (7) - (11) for different values of a 

distance d are shown in Figure 4. The agreement between the 
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r remains constant ; but generally, r decreases with a decrease 
in A, since I region carriers are then nearer to the periphery 
where recombination can occur more rapidly. 

2) Ri decreases as (1/10). Again, this statement holds true only so 
long as r remains constant. I lowever, as l increases, carrier 
density increases, and the recombination probability increases, 
decreasing r. Furthermore, a saturation is reached when p and 
n increase sufficiently that substantial injection ( holes into the 
N+ region and electrons into the P+ region) becomes significant, 
in violation of the second assumption used to derive Equation 
(II- 34). Put simply, if there are high densities of electrons and 
holes in the I region, their chance for recombining increases, 
decreasing the average lifetime, r. 

3) Above the transit tizne frequency, RI is essentially independent 
of frequency. This stipulation is only approximately true for 
most microwave PIN applications. Skin effect causes both the 
contact and I region resistances to increase somewhat with 
frequency. 

Despite these limitations, Equation ( 11-34) is very useful and is 
typically invoked to estimate I region resistance at microwave fre-
quencies. For example, consider a PIN with a 100 ti (4 mil) I re-
gion and a 5 jis lifetime operated with 100 mA bias current. 

Using µ 610 cm2/V-s 

R1 — 
(2)(0.1 ampere)(5 x 10-6 second)(610 centimeters2/volt-second) 

= 0.16 ohm (I1-35) 

This result is in reasonable agreement with the measured value of 
0.3 St for a 1.56 mm (61 mil) diameter*, when one considers that 
the measured value includes resistive contributions of the ohmic 
contacts as well as those of the P+ and N+ regions. Furthermore, 
the lifetime at 100 mA is likely to be less than the 5 jis value 
which is measured at 10 mA — an additional factor contributoiy 
to a higher measured resistance than that calculated. 

Using this example let us examine the role of skin effect in the for-
ward biased I region. Using the parameters of the above example 
and solving Equation ( 11-26) gives u = 3 (n-cm)-' . The skin 
depth, 5, in a conductor is given by [ 91 

10-4 centimeter2 

1 
5 - 

Ninfuno 
(11-36) 
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where f = operating frequency (hertz) 

= 4.rr x 10-9 henry/centimeter = free space permeability 

a = conductivity (ohm-centimetersr 

From Equation ( 11-36), the skin depth for a = 3 (n-cm)-1 at 
1 GI lz is 0.09 cm, about equal to the diode radius. This diode ex-
ample has a junction capacitance of about 2 picofarads and would 
not usually be used at frequencies much above 1 GI lz. At higher 
frequencies a lower capacitance, and hence reduced diameter, 
would be employed. Thus, it can be seen I region* skin effect usu-
ally has but a moderate effect in PIN control devices in the 0.1 to 
10 GI lz frequency range. 

Before leaving the subject of I region conductivity it is interesting 
to note what level of carrier density, p, was injected into the I re-
gion of this sample diode to produce RI = 0.16 St. An estimate 
can be made using Equation ( 11-32) and µ 610 cm2/V-s, thus 

p =   = 1.7 x 10'6/cubic centimeter (II- 37) 
2eAµRI 

Since there is an approximately equal electron density, n, in the I 
region, the total free carrier density required to produce R1= 
0.16 s2 is 3.4 x 10 16/cm3. Recalling that the atom density is about 
1023/cm3, this figure represents less than one carrier per million 
atoms. It is therefore easy to see why the skin depth, so significant 
with metallic conductors at microwave frequencies, has only a 
moderate effect even under "high injection" levels in the I region 
of the PIN diode. 

3. RR and Cf Reverse Biased Circuit Model 

Under reverse bias the 1 region is depleted of carriers and the PIN 
appears as an essentially constant capacitance to a microwave sig-
nal. The presence of dissipative losses can be taken into account 
by either a series or parallel resistance element in the equivalent 
circuit. In a well-made PIN, the I region has sufficiently high resis-
tivity that most of the dissipation under low RI; power conditions 
occurs in the ohmic contacts made to the diode and in the resis-
tances of the P+ and N+ regions. Accordingly, a fixed series resis-
tance, RR, used to represent these losses can be expected to offer 
an equivalent circuit model which is applicable over a broader 

•Skin resistance may be more important in the P and N regions and in the leads at-
tached to them because it affects how the currents enter the I region. 

*Sec data for the MA-4789I PIN diode in Table III- I, pp. 94-95. 338 
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results obtained is very good. It can be observed from Figure 4 

that the resonant frequency, fc, is sensitive to the change of 

distance, d, which in practical filter realizations can be used 

for frequency tuning. The unloaded Q factor, Q0 for the 

resonator incorporated in the structure shown in Figure 4 was 

3000 determined from measurements and 2200 using Eq (4), both at 

frequency lOGHz. 

The band-pass filter for operation at 10 GHz center frequency 

has been designed using two identical dielectric resonators (with 

the parameters shown in Figure 4) to obtain maximally flat 

(Butterworth) transfer characteristic with the 3 dB bandwidth of 

50 MHz. The filter was made in the form shown in Figure 3. 

With the 50 ohm terminations the filter has an external Q factor, 

Qex = 3". 

The low pass filter prototype elements used in computation 

were: go = g3 . 1 and gi g2 and the coupling 

coefficient k12 between resonators was approximately equal to 

3.5 x 10-3, corresponding to the spacing 1 between resonators of 

4.2 mm. The distance d between the top wall of the resonator 

metallic enclosure and the upper surface of each resonator has 

been set at 0.5 mm. A good agreement between the designed and 
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measured characteristics of the filter has been obtained. The 

filter insertion loss within the pass- band determined 

experimentally was 1.7 dB at 10 GHz. 

An example of another band-pass or band- stop filter 

realization is shown in Figure 5. This filter realization 

employes axially coupled cylindrical resonators suspended in the 

circular waveguide which is furnished with two coaxial couplings. 

Each resonator has a small centre hole to accommodate the co-

axial arrangement of the filter structure. The hole diameter, di 

must be much smaller in comparison with the diameter of 

dielectric resonator, D to assure almost undisturbed propagation 

of the TEolg mode. It has been found that the presence of a 

small hole in the centre of dielectric resonator helps to better 

separate the HE modes from the operational TE016- mode ( El. The 

input/output coaxial coupling probes are usually adjusted 

experimentally for an optimal coupling condition. 

The coupling coefficient, k between resonators may be 

determined using the following formula, provided that di << D; 

2 
u 

4 
2'de nl 

on 
2 Bn 

An 

e -"ons 

on 
(13) 
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Figure 11-14 PIN Diode Cj vs. I Region Diameter and Thickness 

bandwidth than a parallel conductance. In any event, due to the 
ratio of diode capacitive reactance to practical RF circuit imped-
ances, the dissipative losses of the PIN under reverse bias are usual-
ly much smaller than those under forward bias; thus, the choice 
of series or parallel R-C equivalent circuit under reverse bias usual-
ly can be made according to whichever offers greater computation-
al convenience. 

Because of the high relative dielectric constant for silicon (ER = 
11.8), the fringing capacitance (in air) around the I region is rela-

MICROWAVE SEMICONDUCTOR ENGINEERING 

tively small and the capacitance calculated using the parallel plate 
capacitance formula given below provides a useful estimate of 
junction capacitance, Cj. Thus 

C, -• 4W 
coeRrD2 

(11-38) 

where co = 8.85 x 10' farad/centimeter - free space permittivity 

ER = 11.8 = relative dielectric constant for silicon 

= junction diameter 

W = I region thickness 

For many design calculations — estimating thermal capacities, 
breakdown strength, and RF bandwidth — it is desirable to be 
able to interrelate the tradeoffs between I region dimensions 
(W and D) and junction capacitance (Cj). Figure 11-14 shows 
Equation ( II-38) graphically for typically available PIN I region 
widths. 

4. Microwave Circuit Measurements and Cutoff Frequency, fi 

Equivalent Circuit Definition and fc, 

The microwave equivalent circuit for the unpackaged PIN diode 
chip to be used in this text is shown in Figure 11-15. In most ap-
plications the PIN diode is used as a switch; therefore, the less 
capacitance, the better an "open circuit" it presents with reverse 

bias. The lower the resistances, RF and RR, the smaller the dissi-
pative losses, and, under forward bias, the more the diode resem-
bles a "short circuit." A figure of merit has been defined [ 101 to 
relate the PIN 's switching effectiveness, termed switching cutoff 
frequency, fcs. The utility of this definition is apparent later in 
the discussion of performance limitations. 

Cs - 
27rCj NfitirRi 

The equivalent circuit parameters are as defined in Figure 11-15. 
Because the additional loss at high power is treated here by a sep-
arate equivalent circuit element, GR, the definition of fcs as used 
in this text is limited to microwave power levels below the onset 
of nonlinear dissipation. The effect of GR is discussed in the next 
section. 

1 
(11-39) 
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where Equation (13) is typically solved for the e value with the 
values of coupling coefficients k's constrained by the low-pass 

filter prototype parameters and the remaining circuit parameters 

intially pre-determined ( including dielectric resonators). The 

dielectric resonator parameters; D, L, di and Er, should be 

comçuted first based on the resonant frequency, fo, required for 

the filter in both band-pass and band-stop designs. 

D4 L  
= 15.2 Cr (cm) 3 with the assumption that, 

12o 

0.25 < L/D < 0.7 

1 is the free space wavelength corresponding to 
o 

the resonant frequency le . 

An = 1 - (uon 0/2 p01 de )2 is the reeonator/ 

circuit parameter 

Um , are the roots of Bessel function: Ji(u) . 0, i.e., 

U01 3.832, 1.102 . 7.016, etc. 

with n 1 for s > 0.6 

and n . 2 for 0.16 < s < 0.6 

s = 1 + L is the center- to-center spacing between resonators. 

pol . 2.405 is the first root of Bessel function: Jo (u) = 0 

2 w [1 - ( /A)21 «on « 1on kon is the attenuation constant 

of TEen mode ( o, « 1.64 de, 102 « 0.896 de, etc) 

Bn « Jo2 (Uon D/2 d,)/J02 ((Jon) is the ratio of a 

squared Bessel functions (zero order). 

340 

3. PRACTICAL DESIGN OF DUAL MODE DIELECfRIC RESONATOR FILTERS  

The dual-mode dielectric resonator BP filter is a 

fairly new development in the microwave filter technology ( 91. 

It is based on a dual- mode cavity approach which proved to be a 

very successful for the elliptic- type transfer characteristic 

realizations. The implementation of dielectric resonators into a 

classical dual- mode cavity filter leads to its weight and size 

reduction. A typical section of a dUal-mode filter loaded by a 

cylindrical dielectric resonator is shown in Figure 6. The HEii 

hybrid mode of dielectric resonator is employed in the filter 

operation. lb design microwave cavity filters with dielectric 

resonators, determination of two basic factors; the resonant 

frequency of the cavity and coupling coefficients between 

111111 1111:11 111111 e 11111 MI all Mil MI Mil CO 
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Figure 11-15 PIN Diode Chip Equivalent Circuit 

In principle, the values for RF and RR could be evaluated and fcs 
could be specified under high power conditions. But it is not usu-
ally possible to obtain diodes characterized under high power as 
this task falls to the circuit designer; for this reason the separation 
of low and high power characterization is more consistent with ac-
tual practice. 

Isolation Measurements 

It was shown earlier, Cj measurements made at low frequency 
(..k, 1 MI lz) with sufficient reverse bias to deplete the I region pro-
vide a useable indication of the microwave capacitive reactance to 
be expected. However, the resistances under forward, RF, and re-
verse, RR, bias conditions must always be determined by direct 
microwave measurements since they include not only the inherent 
I region loss effects of the diode but P+ and N+ region as well as 
contact resistances, none of which is predictable with desirable 
analytic precision. Since, in most control device circuits, the great-
er microwave dissipation occurs under forward bias, the determin-
ation of 121, usually warrants the greater attention. 

Many diode resistance measurement methods have been described. 
111, 12] Ultimately the diode loss in the actual circuit of use is 
what is desired. For determining RF, in either a test circuit or the 
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actual circuit of use, the terminals where the diode is to be con-
nected are short circuited and the loss of the circuit without di-
odes ( i.e., the cold circuit loss) is measured. The additional circuit 
loss with diodes installed can then be attributed to the diodes 
themselves and, if the RF currents through the diodes can be es-
timated, the equivalent circuit parameters can be determined. Of 
course, by this time the insertion loss of the circuit under test is 
known and the value of knowledge of the diode equivalent circuit 
parameters is only of use in future design applications. Neverthe-
less, such direct evaluation in the circuit of end use is often re-
quired especially where diodes are circuit mounted in chip or 
beam lead configurations, requiring permanent bonding into the 
circuit to make the. adequate ohmic contact necessary for accu-
rate resistance determinations. 

The two most common methods used to characterize PIN diodes, 
outside of the circuit of end use, are the isolation and reflection 
(or "slotted line") measurements. 

To make an isolation measurement, the diode is used to interrupt 
a transmission line. When the diode is mounted in shunt with the 
line ( Figure 11-16), this method provides a sensitive measurement 
of the forward resistance, RF. The isolation produced by a line 
shunting admittance Y is (the derivation is in Chapter V) 

PAVA2/Zo 
. Isolation = — - 11 + YZ0/212 

P VO/Z0 

G2 u 4-   
B2 Z02 

4 4 

(11-40) 

where Y = = G + jB 

To achieve the maximum test sensitivity, any series inductance in-
troduced when mounting the diode across a transmission line is 
series resonated by a tunable capacitor. For this reason the meas-
urement is most practical in the 0.5 to 1.0 Gilz frequency range. 
Under these conditions the net series reactance, jX, of the mount-
ed diode is zero and Equation ( 11-40) reduces to 

Zo Z02 
Isolation = 1 + —  + 

4R2 
(II-41) 
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where 

and 

individual cavities or input/output coupling ports is necessary. 

With reference to the cavity shown in Figure 6 the resonant 

frequency, fo, can be obtained by solving the following two 

equations 19). 

where 

p tan (pL/2) tanh (ro - 1*-0 (14) 

with the primes denoting a differentiation in respect to 

argument and 

h . (Er ko2  

P • (02 - ko 2)% 

0 • 

k . o  u 47:0-7O 0 

S = FF - LI/2, and where i%. Is the free space wavelength corresponding to the resonant 

I(1.841/13) 2 _ k02 

r , b2 bi , a 2 2 (4 2 1 1 2 
A J + -- J)(-- J + IT J) - a b J (-- + --) 

k2R2 1 1 p2 h2 P 1 h h 
o 

al . Kb', - IbKo 

a2 = K 1a - I;)11,; 

LI • Ki>lo - II;Ko 

b2 tw o - Ibg, 

= J1 ( hR) 

la 11 (PR) • 1b 

Ka = K1 (pR) , Kb K1 

1171” 

(pl” 

where K1 (x) is modified Hankel function 

II (x) is modified Bessel function 

= (15) 
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frequency fo. 

The coupling coefficient, k, between the cavity sections of 

the form shown in Figure 6 can be determined from the following 

equation. 

2 

• 11111  

flil dV 
= 0.4082 /4 

(1.841/13)2 3 yo 

ko2 [sinh (yT) - yoT] 

where M is the magnetic polarizability of the coupling aperture. 

(16) 

Equation ( 16) can serve only as a good estimate of the 

coupling coefficient value, since in practice some adjustments of ' 

the coupling slot length, 1, and its width, w, are necessary. A 
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Figure 11-16 Equivalent Circuits for Diode Measurements. 

Thus, for example, if a series resonated diode having forward re-
sistance of 1 SZ shunts a 50 a line, the normalized conductance, 
GZ0 equals Zo RF = 50. The resulting isolation equals 676, or ap-
proximately 28 dB. The resistance limited isolation described by 
Equation ( II-41) is encountered often in both diode measurement 
and sPsT switch design. For convenient reference it is shown 
graphically in Figure 11-17. 

There are some fine points to be considered in performing this 
measurement. First, if the diode is mounted in a package, the 
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Figure 11-17 Isolation of Line Shunting G or B 

package capacitance transforms the effective resistance of the 
diode. This effect is usually negligible in the 0.5-1.0 GHz frequen-
cy band. Second, the circuitry used must not have significant leak-
age paths whereby power can reach the load from the generator 
by alternate paths such as higher order waveguide modes, fringing 
electric fields and so forth. This condition is readily tested by 
measuring isolation with the diode replaced by a short circuit of 
dimensions similar to the diode. Apart from ensuring that the 
leakage through the device is within acceptable limits, the isolation 
value so obtained gives an indication of the circuit contact resis-
tance. It is common practice to subtract contact resistance when 
quoting diode resistance. 

An interesting variation of the shunt mounted isolation measure-
ment occurs when Cj series resonates with the mounted induc-
tance of the diode ( Figure 11-16(b)). Then the diode shorts the 
transmission line under reverse bias and the isolation is a measure 
of RR . From the isolation bandwidth an estimate of Cj is possible. 
This technique is usually used in waveguide at high frequencies, 
5-15 Gilz, to effect resonance with C. Switches built this way are 
often called reverse mode; the measurement technique is called 
the DeLoach method. [ 111 The reverse mode switching circuit is 

1000 
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fine tuning of the resonant frequency in each filter section 

shown in Figure 6 can be achieved by using metallic screw-tuners 

mounted on the cylindrical wall of the filter. A 4-pole, 

elliptical- type band-pass filter for operation at the center 

frequency of 4.2 GHS using the filter modules shown in Figure 6 

has been recently reported 191. This filter is currently used 

for the satellite communication applications. 

4. CERAMIC MATERIAL COMPOSITICNS USED FOR DIELECTRIC RESONATORS 

The first number in the parentheses corresponds to 

materials dielectric permittivity and the second one to the 

temperature coefficient of resonant frequency in ppm". 

Ba ( Zn yi Nb2/3)03 

Ba ( Zn Ta 2/3) 03 
(38,f 4) 

Ba Ti 4 09 (38, +10) 

(40, +2) 

(Zr, Sn) TiO4 ( -35, 20) 

(Ca, Sr)(Ba,Z003 ( -30, 50) 

Ba2 Tig 020 

Typical values of Ws for the dielectric resonators using above 

ceramics are in the range of 5000-10000 at 10 GHz. 
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5. CONCLUSION 

Design aspects of the tendpass and bandstop filters using 

dielectric resonators for microwave and UHF applications have 

been discussed. Some practical filter realizations have been 

presented. Due to their relatively small size and light weight, 

they are ideally suited for operation in the space technology 

applications. These filters aleo offer excellent temperature 

stability and can be developed at a low cost. 

It hae been also shown that both types of filters 

discussed in the paper can be designed using standard filter 

synthesis method. 
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important for duplexer and radar receiver protector designs where 
isolation in the zero biased diode state is required, as well as in 
other fail safe applications where it is desirable that, should there 
be a failure of the driver to bias the diode, the high reflection state 
of the diode switch is obtained. 

If the diode is mounted in series with the line ( Figure II- 16(c)) the 
high isolation condition gives a measurement of capacitive reac-
tance, Xc, equal to -( 2irfCj)', and hence, Cj. For an impedance 
Z = R + jX in series with a line of characteristic impedance, Zo = 
1/Y0, the isolation, by duality, is given by the dual of Equation 
(II-41) 

zy0 12 Isolation = 11 + — = 1 + RY0 +  (RY0)2 (xyo)2 
2 4 4 

(11-43) 

If IX(.: I> 15 RR , as is almost always the case, the RY0 terms in 
Equation ( II-43) can be ignored with an error of less than 1%, and 
the reactance versus isolation can be read directly from the reac-
tance dominated characteristic curve shown in Figure II- 17. This 
method is especially useful for measuring the circuit mounted 
capacitance of low capacitance devices such as beam lead diodes. 

Series mounted diodes require special equivalent circuit treatment. 
Figure 11-18 shows schematically the electric field contours of a 
capacitor representing a reverse biased diode both within and with-
out a series coaxial line mounting. Measured in free space, all E 
field lines terminate on the diode terminals directly, and a capaci-
tance, Co, is measured. When mounted in the coax line, however, 
some E field lines intercept the outer conductor. The effect is that 
the effective series capacitance, C, is less than Co. An additional 
shunt capacitance, C2, appears, but in most cases the effect of C2 
on the transmission line is negligble, since it serves to replace the 
distributed capacitance of the section of center conductor re-
moved to install the diode. However, the fact that the mounted 
series capacitance, CI, is less than the capacitance associated with 
the diode, Co, means that a higher isolation is obtained in a switch-
ing circuit (generally a benefit). Moreover, in a phase shifter cir-
cuit a different phase shift than that anticipated will be obtained 
if this effect is overlooked. 

The accuracy of the series measurement can be related to the loss 
and isolation measurement accuracies. Typically the series isolation 
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Figure 11-18 Change of Effective Series Capacitance with 
Circuit Mounting 

(or loss) measurement can be made to within an accuracy of ±0.1 
dB for losses below 3 dB, and -±0.3-0.5 dB for isolation values 
from 10-40 dB. Thus, RF can be determined to an accuracy of 
about ±-2%; Xc, to about ± 5% of the magnitude of Zo. For most 
PIN diodes operated at sufficient forward bias to saturate the I 
region, RF < 1 n; this measurement method would require im-
practically low Zo for meaningful measurements. However, for 
RF measurements at low bias levels or with beam lead diodes 
wherein RF = 2-10 sz, the measurement is very practical using stan-
dard 50 S2 line. For example, a beam lead diode having RE = 5 s-2 
produces a 10% insertion loss of about 0.5 dB. The same diode, 
having Cj = 0.03 pF, has a reactance of -j795 n at 10 GlIz, yield-
ing, in the same test fixture, isolation under reverse bias at 10 Cl ix 
of 24 dB. 
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Reflection Measurements* 

Most of the principles described for isolation measurements are 
likewise applicable to reflection measurements wherein the diode 
is used to terminate the line ( Figure II- 19); the reflection coeffi-
cient ( I' equal to pee') measurement is used to deduce diode param-
eters. Other things being equal, the sensitivity of this measurement 
method is about four times that of the matched load method de-
scribed previously in the determination of RF and RR for a given 
line impedance and dissipation; therefore, it is used for most stan-
dard diode characterizations. Diode reactances under both for-
ward and reverse bias can be determined from the reflection coef-
ficient argument. 

"BIAS TEE" 

2V. 

SLOTTED LINE 

V 

Figure II- 19 Reflection Measurement Equivalent Circuit 

The added sensitivity arises because, if the magnitude of r, is 
either high or low compared to Zo, the current (IL) or voltage 
(VL) at the end of the line is nearly double the value (VA/Zo or 
VA, respectively) experienced under matched load (ZL = Zo) con-
ditions; the relative power absorbed in the diode consequently in-
creases fourfold. For both a load impedance ZL = RL + jXL and a 
line with Zo characteristic impedance, the reflection coefficient 
at the load position is [ 13, 141 

pee, ZL - Zo (RL - Zo)  

ZL + Zo (RL Zo) jXt. 

= tan- ' 

(II-44(a)) 

XL 
RL - Z,) ( XL tan-1 ) RL + Zo (11-44(1))) 
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.1(RL - Z0)2 + XL2 

(RL + Z0)2 + XL2 

The fractional dissipation in ZL is 

(11-44(c)) 

Insertion Loss - 1 p2 4 RL Z0 
(RL + Z0)2+ XL2 (11-45) 

Under forward bias, using Zo = 50 sz, both RL and XL are usually 
much less than Zo. The fractional power loss is approximately 
equal to 4R/Z0. Under the same approximation, the insertion loss 
ratio by the series isolation measurement is approximately equal 
to 1 + R/Zo and the fractional loss is approximately R/Zo, only 
one fourth that of the reflection measurement. Thus, for example, 
with Zo = 50 sz and RE = 1 S.2, the measured loss is about 0.4 dB 
with the reflection method and 0.1 dB with the isolation method, 
giving (with -±0.1 dB accuracy) the determination of RE with 
±0.25 sz and ± 1.0 S2 accuracies, respectively. Accordingly, when 
the diode is mounted in series with the line, the reflection meas-
urement is usually employed for determining RF. 

This method is also used for determining RR and Cj, but the cal-
culations are less convenient than for RF because the series reac-
tance, X, cannot be ignored. Furthermore, the impedance trans-
formation effects of a diode package (the package being necessary 
if the diode is to be conveniently mounted at the end of a slotted 
line) are not negligible in the reverse biased condition. For rou-
tine diode evaluation the reflection coefficient magnitude, p, and 
phase, 0, are measured and the exact equations relating diode Cj 
and RR are solved using a computer program.* It is common prac-
tice to use a coaxial line and obtain a zero impedance reference by 
short circuiting the line at the leading surface of the diode package 
(as shown in Figure 11-20). Both a phase reference (4) = 180°) and 
a loss reference (p = 1.0) are thereby established. The packaged 
diode impedance, ZL, is then evaluated by solving Equation 
(11-46) for ZL 

(1+11 (l+pej.) 
ZL = RL :1X1. Z0 (1_ I') - (1-p#) 

*Computer  progranhilling for circuit evaluation is discussed in Chapter VI. 

(11-46) 

*See Appendix J, The Smith Chart, for the development of reflection principles. 
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Figure 11-20 Schematic and Equivalent Circuit Detail for 
"Slotted Line" Measurement of Packaged PIN 
Diode 

It is illustrative of the measurement method to plot the reflection 
coefficients obtained under forward and reverse bias on the Smith 
Chart. For this example, consider a PIN with C3 = 2 pF, RR = RF = 
0.3 S2 mounted in a package having Cp = 1 pF and LINT = 0.3 n11. 
At 3 GI lz the chip impedances are 0.3 St and (0.3-j26.5) SZ under 
forward and reverse bias; they are transformed by the package to 
(0.37+j6.30) 12 and (0.15-j15) 11, respectively. When normalized 
to Zo = 50 SI the corresponding reflection coefficients are 
(from Equation ( II-44)) = 0.986/165.6° with forward bias and 
I' = 0.976/-145.8° with reverse bias. These results are shown graph-
ically in Figure 11-21. The proximity of the points to the Smith 
Chart periphery (p = 1.0) underscores the need for careful meas-
urements if and RR are to be evaluated accurately. 

MICROWAVE SEMICONDUCTOR ENGINEERING 

Figure 11-2 1 Reflection Coefficients for Measurement Example 

While the application of the principles of this method is straight-
forward, great care must be exercised if results with useful accu-
racy are to be obtained. Since a single frequency measurement of 
l' produces only two bits of data, p and 0, it is necessary either to 
have foreknowledge of the values of package parasitics (internal 
inductance, LINT, and package capacitance, Cp) or to perform the 
reflection measurement at more than one frequency in order to 
solve for Cp, Cj, RR, and RF. In practice the former method is 
usually followed. Cp is first determined using an empty diode pack-
age; this result for Cp is used with an internally shorted package 
having a wire or strap lead similar to that to be employed with the 
diodes to be measured. In this respect, the eventual accuracy of 
evaluation of CJ and RR is dependent upon the reproducibility of 
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Cp and LINT and their relative reactances compared to that of Cj. 
Furthermore, since the point of measurement and diode reference 
plane are separated by a line with finite loss, the resulting lossy 
line transformation (see Chapter VI, Equation (VI-2)) must be 
taken into account when RF and/or RR are small (< 2% of Zo) as 
is usually the case. This requirement necessitates a computer pro-
gram to reduce the data if such measurements are to be made 
routinely. 

Diode Inductance Measurements and Definitions 

It should be noted that values measured for diode impedances de-
pend to some extent on the test fixture — especially with induc-
tive reactance, which can only be specified in terms of a return 
path. For example, the inductance per unit length of coaxial line 
having an outer conductor diameter, b, and an inner conductor 
diameter, a, is [ 9) 

Po , b 
= — in — 

27t a 

and the characteristic impedance Z, is 191 

1 \rir0- 
Z0 = — — In — 

27r e 0 a 

(11-47) 

(11-48) 

For 50 sz, the ratio b/a equals 2.3 for air dielectric coax. Suppose 
a packaged diode having 2.5 mm (0.1 in) length and effective diam-
eter, a of 1.25 mm (0.05 in), is first measured under forward bias 
in a 50 SZ line having b equal to 15 mm (0.6 in); the inductance is 
0.62 n1-1. If, however, the same measurement is performed using a 
smaller diameter 50 sz coaxial line in which b equals 7.5 mm (0.3 
in), the inductance is 0.45 nH. 

Not only the absolute circuit dimensions but also the reference 
plane definition affects the inductance determination. For exam-
ple, the above determination of inductance corresponds to refer-
ence plane A selection in Figure 11-20. If, however, reference plane 
B were selected — by replacing with an equivalent length of center 
conductor to obtain a short circuit measurement reference — in-
sertion impedance would be obtained. Insertion impedance is ZL 
less the Zs of the short circuit terminated length of the measure-
ment line, Q, neglecting line loss 

Zs = g o tan ( 21r:) (II- 49) 

where X = wavelength at test frequency. 

If, as is usually the case, 20Q < X, the value of the tangent term 
can be replaced by its argument (within 3%). Furthermore, Zs is 
an inductive reactance (j27rfLs); for a coaxial line 

Ls (nanohenries) 0.00331 (millimeters) • Zo (ohms) 

fkl 0.0841 (inches) • Zo (ohms) 

For the example cited, Q = 2.5 mm, Ls = 0.41 n11, and the diode 
respective insertion inductance* values determined from measure-
ments in the two line sizes is 0.21 and 0.04 n11 respectively. 

These examples highlight the importance, especially for induct-
ance measurements of specifying both the measurement fixture 
and reference plane selection. Similar reasoning indicates that if 
the actual circuit of use does not duplicate these conditions — and 
usually it doesn't — calculations of performance sensitive to induct-
ance will be inaccurate unless the new conditions are taken into 
account. 

(11-50) 

C. High RF Power Limits 

1. Forward Biased Limits 

Under forward bias the PIN diode chip usually has an RF resist-
ance of 1 SZ or less. Failure of the diode in this bias state will 
occur if the dissipative heating (12Rp) is sufficient to cause the 
diode temperature to rise sufficiently to induce metallurgical 
changes. For silicon and its dopants, this point is not reached un-
til a temperature of about 1000°C. However, the metal contacts 
at the silicon boundaries introduce failure mechanisms in the 
vicinity of 300-400°C, at which temperatures common contact 
metals form eutectic alloys with silicon. For example, the gold-
silicon eutectic occurs at 370°C [ 161. Repeated or continuous expo-
sure of silicon to the eutectic temperature in the presence of the 
corresponding metal can produce conducting filaments of metal-
silicon alloy, which eventually "grow" across the I region of a PIN 
diode, short circuiting it. This structural change of the diode crys-

'Also sometimes called excess inductance. 
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tal is the most common diode failure mechanism with heat, even 
with reverse breakdown induced failures, described subsequently. 

Failure of a diode does not occur instantaneously when an over 
stress is applied unless the resulting temperature greatly exceeds 
300°C, as can occur with filamentry heating produced by ava-
lanche breakdown in the reverse bias condition. This situation is 
also discussed subsequently. Except for the rapid failure induced 
by avalanche breakdown, thermally produced failures proceed 
over a tinie period related to the ratio of the operating tempera-
ture, T, to that which causes near instantaneous burnout. Rather 
extensive experiments carried out on computer diodes have shown 
that the mean time to failure can be described by the empirical 
relationship [ 151 given by Equation ( II-51) 

tm (T) = Ae+Q/kT (H-51) 

where tm (T) = the mean time to failure at operating tempera-
ture T 

A = a constant 

Q = the "activation energy" constant 

k = Boltzmann's Constant 

T = the average device temperature in Kelvin 
(= + 273) 

This expression is called the Arrhenius Law. It can be applied 
when the variation of operating life with temperature is deter-
mined by only one failure mechanism — for example, the forma-
tion of a particular alloy of the metallization system with the 
silicon. 

To apply this relationship, the failure temperature, TE, is first de-
termined for the diode type; it depends on the semiconductor 
material (usually silicon for a PIN) and the metallization system. 
Next the device is operated at a lower temperature for a period 
until 50% of the samples under test fail, establishing a data point 
along the temperature-time graph. Additional data points at dif-
ferent temperatures are determined to allow for averaging of ex-
perimental data. This process, called step-stress temperature test-
ing, is time-consuming because data points corresponding to hun-
dreds and thousands of operating hours are required if the failure 
curve is to be established with sufficient accuracy to permit mean-
ingful extrapolation to long life operation — on the order of years. 

MICROWAVE SÈMICONDUCTOR ENGINEERING 

Care must be exercised that only the common thermal failure 
mode applies throughout the step stress tests. Careful analysis, 
usually including sectioning of failed diodes, is required to, con-
firm the failure mode of each diode specimen used to establish the 
failure curve. The resulting temperature-time data plotted on semi-
log paper form a straight line, permitting extrapolation for longer 
periods. Figure 11-22 shows a typical plot for a surface-glass passi-
vated; mesa type, high voltage PIN diode used in a phased array 
application. Notice that with a 200°C junction temperature (often 
cited as a safe operating limit for semiconductor devices) the an-
ticipated mean life is 1000 hours (or 0.1 years), while for 140°C 
the anticipated mean life is extended to 1,000,000 hours (or 114 
years). Accordingly the role of operating temperature must be 
given careful consideration if the estimate of anticipated life is to 
be meaningful. 

11/11 

A • 3.56> 

° • 2 1313469 

T • AVE 

1 11111 

10 ” HOUR5 

• 10' 

JUNCT 

1 

TEMP. 

111. 1 I TWIT/ 

•“ I' 

11 . 

TIT.. 

1 1111011 1 1111..6 

00 

T a  

(°C) 

ollee 

sm 

, PO 

114 

16 

•••‘*et r...- 
/TO 

ISO 

1 

i 111.31 3 à ITT.. • 1•1.A. J ..11J44 1 •al.... i •. 1••... • I . 1.... t 1.. , I I 

: 

_ 

• 
10 o• 

Ir. NUM TINE TO 1,11,011 1.010131 

o. 1e • 

Figure II-22 PIN Life Expectancy vs. Temperature (Courtesy 
P. Ledger, Microwave Associates, Inc.) 

346 



UNDERSTANDING RF TRANSISTOR DATA SHEET PARAMETERS 

Norman E. Dye 
Motorola Semiconductor Products 

INTRCOUCT1ON 

Data sheets often are the sole source of information about the capability and characteristics 

of a product. This is particularly true of RF transistors that are used throughout the world. Thus 

it is important that the user and the manufacturer of a product speak a common language, i.e., 

what the semiconductor manufacturer says about a transistor is understood fully by the circuit 

designer. 

This paper reviews RF transistor parameters from maximum ratings to functional 

characteristics. Comments are made about critical specifications, about how values are 

determined and what are their significance. A brief description of the procedures used to obtain 

impedance data and thermal data is set forth. The importance of test circuits is elaborated. 

Finally, comments are made about possible tradeoffs in device specifications and their importance 

to the circuit design engineer. 

DC SPECIFICATIONS 

Basically RF transistors are characterized by two types of parameters: DC and functional. 

The "DC" specs consist (by definition) of breakdown voltages, leakage currents, hFE (DC beta) 

and capacitances, while the functional specs cover gain, ruggedness, noise figure, Zin and Zout. 

Thermal characteristics do not fall cleanly into either category since thermal resistance and 

power dissipation can be either DC or AC. Thus, we will treat the spec of thermal resistance as a 

special specification and give it its own heading called "thermal characteristics." Figure 1 is one 

page of a typical RF power data sheet showing DC and Functional specs. 

Breakdown voltages are largely determined by material resistivity and junction depths 

(Figure 2). Each junction voltage - collector/base and emitter/base - is generally specified at a 

current level that is well within the safe operating limits of a reverse biased junction. The 

specifications are conventional and generally standard throughout the semiconductor industry. 

Leakage currents (defined as reverse biased junction currents that occur prior to avalanche 

breakdown) are likely to be more varied in their specification and also more informative. Many 

transistors do not have leakage currents specified because they can result in excessive (and 

frequently unnecessary) wafer/die yield losses. Leakage currents arise as a result of material 

defects, mask imperfections and/or undesired impurities that enter during wafer processing. 

Some sources of leakage currents are Potential reliability problems; most are not. Leakage 

currents can be material related such as stacking faults and dislocations or they can be "pipes" 

created by mask defects and/or processing inadequacies. These sources result in leakage currents 

that are constant with time and if initially acceptable for a particular application will remain so. 

They do not pose long term reliability problems. On the other hand, leakage currents created by 

channels induced by mobile ionic contaminants in the oxide (primarily sodium) tend to change 

with time and can lead to increases in leakage current that render the device useless for a specific 

application. Distinguishing between sources of leakage current can be difficult which is one 

reason devices for application in military environments require HTRB (high temperature 

reverse bias) and burn in testing. However, even for commercial applications where battery 

drain is critical or where bias considerations dictate limitations, it is essential that a leakage 

current limit be included in any complete device specification. 

DC parameters such as tiEL and Cd2b (output capacitance) need little comment. Typically, for 

RF devices hFE is relatively unimportant because the functional parameter of gain at the desired 

frequency of operation is specified. Note, though, that DC beta is related to AC beta (Figure 3). 

Functional gain will track DC beta particularly at lower RF frequencies. Generally RF device 

manufacturers do not like to have tight limits placed on hFE. Primarily the reasons that justify 

this position are: 

a) Lack of correlation with RF performance 

b) Difficulty in control in wafer processing 

c) Other device manufacturing constraints dictated by 

functional performance specs which preclude specific 

limits for hFE. 

A good rule of thumb for hFE is to set a maximum to minimum ratio of not less than 3 with the 

minimum hFE value determined by an acceptable margin in functional gain. 

Output capacitance is an excellent measure of comparison of device size (base area) provided 

the majority of output capacitance is created by the base-collector junction and not parasitic 

capacitance arising from bond pads and other top metal of the die. Remember that junction 

capacitance will vary with voltage (Figure 4) while parasitic capacitance will not vary. Also, in 

comparing devices, one should note the voltage at which a given capacitance is specified. No 
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2. Reverse Biased Limits 

The reliability criteria apply for reverse biased operation as just 
discussed for forward bias. The junction temperature is again the 
result of ambient and RF heating. Unlike the forward biased con-
dition, however, the fractional RI insertion loss does not remain 
nearly constant once the applied RF voltage has a magnitude 
which is comparable to either the reverse bias and/or the diode's 
reverse breakdown voltage. Under these conditions diode dissipa-
tion ( is nonlinear and increases more rapidly than RF power, pro-
ducing at times a runaway insertion loss). The onset of this rapidly 
increasing insertion loss nonlinearity can be used as a practical 
measurement that the destructive temperature has been reached 
in the reverse biased state, since diode failure usually occurs if the 
incident RF power level is increased much beyond this level. Fig-
ure 11-23 shows a typical insertion loss versus RF power character-
istic obtained with a reverse biased diode phase shifter. The mech-
anisms of reverse biased diode failure under RF voltage stress are 
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not sufficiently evaluated for a definitive theory to be developed, 
largely because of the difficulty of performing such measurements, 
with enough samples to have adequate statistical data. Qualitively, 
two conditions in which I region charge is generated occur and 
which one predominates depends, as described in Figure 11-24, 
upon the relative magnitudes of the peak RF voltage, Vp; the bias 
voltage, Vau; and the diode breakdown voltage, VBD, as described 
in Figure II-24. 

IV 
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RF VOLTAGE ST RESS 

--J 

effl-- v. 

V, 

\- MAXIMUM SAFE 

RECOMMENDED 
RF RATING 

V. • V./2 

Figure 11-24 Operation at High RF Voltage and Reverse Bias 

The condition shown in Figure II-24 with voltage, Vp, is represent-
ative of typical operation near the failure limit. The RF voltage 
has a large excursion into the forward direction. Although, as has 
been shown earlier, the duration of this half cycle is insufficient 
to result in conduction by the diffusion transit (injection) of P re-
gion holes and N region electrons across the I region, some charge 
is introduced into the I region from these boundaries, and not all 
of it is extracted by the combined action of the reverse bias and 



industry standard exists. The preferred voltage at Motorola is the transistor Vcc rating, i.e., 

12.5 volts for 12.5 volt transistors and 28 volts for 28 volt transistors, etc. 

MAXIMUM RATINGS and THERMAL CHARACTERISTICS 

Maximum ratings (shown for a typical RF power transistor in Figure 5) tend to be the most 

frequently misunderstood group of device specifications. Ratings for maximum junction voltages 

are straight forward and simply reflect the minimum values set forth in the DC specs for 

breakdown voltages. If the device in question meets the specified minimum breakdown voltages, 

then voltages less than the minimum will not cause junctions to reach reverse bias breakdown 

with the potentially destructive current levels that can result. 

A maximum rating for power dissipation  (Pd) is closely entwined with thermal resistance 

(Ojc). Actually maximum Pd is in reality a fictitious number - a kind of figure of merit - 

because it is based on the assumption that case temperature is maintained at 25 degC. However, 

providing everyone arrives at the value in a similar manner, the rating of maximum Pd is a 

useful tool with which to compare devices. 

The rating begins with a determination of thermal resistance - die to case. Knowing Bic and 

assuming a maximum die temperature, one can easily determine maximum Pd (based on the 

previously stated case temperature of 25 degC). Measuring (Mc is normally done by monitoring 

case temperature (Tc) of the device while it operates at or near rated output power (Po) in an RF 

circuit. The die temperature (Tj) is measured simultaneously using an infra-red microscope 

(see Figure 6) which has a spot size resolution as small as 1 mil in diameter. Normally several 

readings are taken over the surface of the die and an average value is used to specify Tj. 

It is true that temperatures over a die will vary typically 10-20 degC. A poorly designed 

die (improper ballasting) could result in hot spot (worst case) temperatures that vary 40-50 

degC. Likewise, poor die bonds (see Figure 7) can result in hot spots but these are not normal 

characteristics of a properly designed and assembled transistor die. 

By. measuring Tc and Tj along with Po and Pin - both DC and RF - one can calculate Ojc from 

the formula 

C;( 

348 

Typical values for an RF power transistor might be Tj=130 degC; Tc=50 degC; VCC=12.5 V; 

Ic=12 A; Pin (RF)=10 W; Po (RF)=80 W. Thus 

/.3C. •-

f e Id) 

s<-

Several reasons dictate a conservative value be placed on Ojc. First, thermal resistance 

increases with temperature (and we realize Tc=25 degC is NOT realistic). Second, Tj is not a 

worst case number. And, third, by using a conservative value of Ojc, a realistic value is 

determined for maximum Pd. Generally Motorola's practice is to publish Ojc numbers 

approximately 25% higher than that determined by the measurements described in the preceding 

paragraphs, or for the case illustrated, a value of Ojc=1.25 degC/VV. 

Now a few words are in order about çlie temperature. Reliability considerations dictate a 

safe value for an all Au (gold) system (die top metal and wire) to be 200 degC. ( 1) Once Tj max 

is determined along with a value for Ojc, maximum Pd is simply 

pc,(„,„„) — •15  

Specifying maximum Pd for Tc=25 degC leads to the necessity to derate maximum Pd for any 

value of Tc above 25 degC. The derating factor is simply the reciprocal of Ojc! 

Maximum collector current ( lc) is probably the most subjective maximum rating on RF 

transistor data sheets. It can, and is, determined in a number of ways each leading to different 

maximum values. Actually three possible current limitations can exist in RF transistors. One is 

package related; one is wire related; and a third is die related. Most older, lower frequency 

transistors are wire and/or package limited which is why these parts generally have lc max 

determined by the current handling capability of the emitter wires or by dividing maximum Pd 

by collector voltage (or by BVCEO for added safety). Most higher voltage parts (28V and 50V) 

tend to be wire limited and when operated at lower voltage can safely handle sizeable amounts of 

current. Lower voltage parts (7.5V and 125V), however, tend to be package limited and should 

have lc max determined by power dissipation considerations. 

(1)For a more thorough discussion of die temperature, ejc and reliability the reader is referred 

to "Thermal Rating of RF Power Transistors" by Robert Johnsen, Motorola Appl. Note #790 
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the negative-going half of the RF cycle before the next forward-
going RI: voltage excursion. However small the magnitude of the 
injected charge may be, it can increase multiplicatively with each 
succeeding RF cycle through impact ionization; electron-hole pair 
production results when mobile carriers accelerated by the high 
RF field strike silicon atoms in the I region lattice with sufficient 
energy to promote valence band electrons to the conduction band. 
This cause of increased insertion loss can be identified experimen-
tally by its bias voltage dependence. Increasing the magnitude of 
reverse bias voltage sweeps such injected charge out of the I region 
more effectively and thereby extends to a higher applied RF volt-
age the onset of rapid insertion loss increase, which precedes what, 
for present purposes, is called the injection mode failure mechan-
ism. 

The second mechanism causing nonlinear insertion loss is the 
direct impact-ionization mode, occurring when the combined 
RF + bias voltage exceeds the diode bulk breakdown, i.e, Vp + 
VmAs > V. In this case no partial injection is needed to initiate 
impact ionization; the requisite electron-hole pairs are obtained 
directly by high electric field ionization of I region silicon atoms. 
One might think this mechanism would be eliminated by reducing 
the bias voltage, since this action would reduce the combined mag-
nitude (Vms + Vp); but, in most practical cases, where the bias is 
10-20% of VBD, reduction of VBIAB would only precipitate the in-
jection-mode failure. An exception, of course, is when the bias is 
kept at half the breakdown (i.e., VDIAs = VBD/2). Then the RF 
waveform makes no injecting excursion into the forward direction. 
But for high power switching applications, a driver circuit to ac-
complish this end requires prohibitively high voltage transistors 
(500 V or more); the overall expense of the RF control circuit 
with driver could be more readily reduced by using a larger num-
ber of PIN diodes operated with less RF voltage stress. 

Practically, the maximum sustainable RF voltage, Vp must be de-
termined. by measurement. Taking high power loss data for the 
diode — RF frequency, pulse length, and duty cycle of intended 
use — is the most direct and effective technique. In no case can 
Vp + Vms exceed VBD, where VBD is the bulk breakdown voltage 
of the diode.* The bias voltage is selected to be as large as is pos-
sible in a practical driver circuit (usually 10-20% of the diode's 
reverse bulk breakdown voltage) and the RF power level (from 

'See Chapter III for bulk breakdown voltage evaluation of practical diodes. 
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which the corresponding voltage, Vp, can be calculated) is set at 
the point at which a statistical sample of diodes have been found 
to undergo rapid loss increase and/or failure. Failures due to either 
of the two modes described are usually evidenced by a permanent 
short formed by a conducting filament across the I region. 

Most high power switching applications use the PIN diodes in a 
transmissive circuit with a matched load. Accordingly, failure or 
removal of the load, transmission line arcing, or any mechanism 
which affects the load match can result in a voltage reflection and 
possible RI' voltage enhancement at the diode. Neglecting losses 
in the switching circuit and diodes, this reflection voltage enhance-
ment can double the stress on the diodes. Such a condition, even 
if encountered only briefly, usually precipitates diode failure. 
Therefore it is good practice to rate the diode at a stress level 
VB Vp/2 (see Figure 11-24) in order for the device to be able to 
survive such a total reflection. Since power is proportional to the 
square of voltage, PIN diode devices should be rated at one-fourth 
or less of the power level at which, with matched load, they would 
be expected to undergo near instantaneous failure. Even if pro-
vision has been made to minimize the likelihood of a totally re-
flecting load, consideration should be given to the following fac-
tors before opting a power safety factor of less than 4 to 1: 

1) Diode failure is not an exactly reproducible event even with 
PIN's made by the same process within the same lot. A 2 to 1 
variation in burnout is typical for a given process. Thus, a pro-
duction run of diodes may have a considerably lower (or high-
er) burnout than experienced with a prototype test lot. 

2) Most high power tests are conducted at room temperature while 
practical devices usually must perform at considerably higher 
temperature, reducing the power safety margin that is inferred 
from a room temperature test. 

3) High power RF testing is often of short duration, an hour or 
less, due to the generally limited availability of high power test-
ing facilities. However, semiconductor devices are usually ex-
pected to have useful lifetimes of years. Derating, according to 

Figure 11-22, is necessary to accomplish long life. 
4) PIN devices operated at or below one-fourth of their burnout 

power are typically found to be able to survive temporary 
driver failures wherein the high power RF signals are applied 
with the diodes at zero bias. 
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Most modern, high frequency transistors are die limited because of high current densities 

resulting from very small current carrying conductors and these densities can lead to metal 

migration and premature failure. The determination of lc max for these types of transistors 

results from use of Black's equation for metal migration which determines a mean time between 

failures (MTBF) based on current density, temperature and type of metal. At Motorola, MTBF is 

generally set at >7 years and maximum die temperature at 200 degC. For plastic packaged 

transistors, maximum Tj is set at 150 degC. The resulting current density along with a 

knowledge of the die geometry and top metal thickness allows the determination of lc max. 

It is up to the transistor manufacturer to specify an lc max based on which of three 

limitations (die, wire, package) is paramount. Note however the limitation depends to some 

extent on application. It is recommended that the circuit design engineer consult the 

semiconductor manufacturer for additional information if lc max is of any concern in his specific 

use of the transistor. 

Sitgage temperature is another maximum rating that is frequently not given the attention it 

deserves. A range of - 55 degC to 200 degC has become more or less an industry standard. And for 

the single metal, hermetic packaged type of device the upper limit of 200 degC creates no 

reliability problems. However, a lower high temperature limitation exists for plastic 

encapsulated or epoxy sealed devices. These should not be subjected to temperatures above 150 

degC to prevent deterioration of the plastic material. 

FUNCTIONAL CHARACTERISTICS 

Functional characteristics of an RF transistor are by necessity tied to a specific test circuit 

(an example is shown in Figure 8). Without specifying a circuit, the functional parameters of 

gain, reflected Dower efficiency - even ruggedness - hold little meaning. Furthermore, most 

test circuits used by RF transistor manufacturers today (even those used to characterize 

devices) are designed mechanically to allow for easy insertion and removal of the device under 

test (D UT.). This mechanical restriction sometimes limits achievable device performance 

which explains why performance by users frequently exceeds that indicated in data sheet curves. 

On the other hand, a circuit used to characterize a device is usually narrow band and tunable. 

This results in higher gain than attainable in a broadband circuit. Unless otherwise stated, it can 

be assumed that characterization data such as Po vs frequency is generated on a point- by-point 
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basis by tuning a narrow band circuit across a band of frequencies and, thus, represents what can 

be achieved at a specific frequency of interest provided the circuit presents optimum source and 

load impedances to the D.U.T. 

Broadband, fixed tuned test circuits are the most desirable for testing functional 

performance of an RF transistor. Fixed tuned is particularly important in assuring everyone - 

the manufacturer and the user of product consistency. i.e., that devices made tomorrow will be 

identical to devices made today. 

Tunable, narrow band circuits have led to the necessity for device users and device 

manufacturers to resort to the use of "correlation units" to assure product consistency over a 

period of time. Fixed tuned circuits minimize (if not eliminate) the requirement for correlation 

and in so doing tend to compensate for the increased constraints they place on the device 

manufacturer. On the other hand, manufacturers like tunable test circuits because their use 

allows adjustments that can compensate for variations in die fabrication and/or device assembly. 

Unfortunately gain is normally less in a broadband circuit than it is in a narrow band circuit and 

this fact frequently forces transistor manufacturers to use narrow band circuits to make their 

product have sufficient attraction when compared with other similar devices made by 

competition. This is called "specsmanship." A good compromise for the transistor manufacturer 

is to use narrow band circuits with all tuning adjustments "locked" in place. In comparing 

functional parameters of two or more devices, then, tlre data sheet reader should be careful to 

observe the test circuit in which specific parameter limits are guaranteed. 

For RF power transistors, the parameter of ruage.dness takes on considerable importance. 

Ruggedness is the characteristic of a transistor to withstand extreme mismatch conditions in 

operation (which causes large amounts of output power to be "dumped" back into the transistor) 

without altering its performance capability or reliability. Many circuit environments 

particularly portable and mobile radios have limited control over the impedance presented to the 

power amplifier by an antenna, at least for some duration of time. In portables, the antenna may 

be placed against a metal surface; in mobiles perhaps the antenna is broken off or inadvertently 

disconnected from the radio. Today's RF power transistor must be able to survive such load 

mismatches without any effect on subsequent operation. A truly realistic possibility for mobile 

radio transistors (although not a normal situation) is the condition whereby an RF power device 

"sees" a worst case load mismatch (an open circuit, any phase angle) along with maximum Vcc 

AND greater than normal input drive - all at the same time. Thus the ultimate test for 
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Generally PIN devices to control pulsed high RF power are limited 
in the reverse biased state by the maximum safe rated RF voltage 
stress, VR, as is seen in the circuit discussions to follow. While a 
device which fails to meet circuit performance expectations may 
cause some user disappointment, it has been the author's observa-
tion that nothing quite equals the state of dissatisfaction resulting 
when solid-state control devices fail catastrophically due to over-
rating. No doubt it is for reasons such as this one that it has been 
industry practice in large phased array systems to design PIN phase 
shifters to survive operation into a short circuit load of any phase. 

Only by carefully rating these devices can the good reliability 
which has come to be expected, indeed often assumed without 
question, of solid-state control be sustained. Accordingly, the de-
signer should adopt as a minimum a policy of both designing diode 
control devices to sustain operation into a short circuit of any 
phase and testing throughout production to insure that this level, 
at least statistically, is maintained for the complete population of 
devices built. 
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ruggedness is to subject a transistor to a test wherein Pin ( RF) is increased up to 50% above 

that value necessary to create rated Po; Vcc is increased about 25% ( 12.5 V to 16 V for mobile 

transistors) AND then the load reflection coefficient is set at a magnitude of unity while its phase 

angle is varied through all possible values from 0 degrees to 360 degrees. Many 12 volt (land 

mobile) transistors are routinely given this test at Motorola Semiconductors by means of a test 

station similar to the one shown in Figure 9. 

Ruggedness lasts come in many forms (or guises). Many older devices (and even some newer 

ones) simply have NO ruggedness spec Others are said to be "capable or withstanding load 

mismatches. Still others are guaranteed to withstand load mismatches 012:1 VSWR to-e:1VSWR 

at rated outoutpower. A few truly rugged transistors are guaranteed to withstand 30:1 VSWR at 

all phase angles (for all practical purposes 30:1 VSWR is the same as» e : 1 VSWR) with both over 

voltage and over drive. Once again it is up to the user to match his circuit requirements against 

device specifications. 

Then as if the whole subject of ruggedness is not sufficiently confusing, the semiconductor 

manufacturer slips in the ultimate "muddy the water" condition in stating what constitutes 

passing the ruggedness test. The words generally say that after the ruggedness test the D.U.T. 

"shall have no degradation in output power." A better phrase would be "no measurable change in 

output power." But even this is not the best. Unfortunately the D.U.T. can be "damaged" by the 

ruggedness test and still have "no degradation in output power." Today's RF power transistors 

consist of up to 1K or more small transistors connected in parallel. Emitter resistors are placed 

in series with groups of these transistors in order to better control power sharing throughout the 

transistor die. It is well known by semiconductor manufacturers that a high percentage of an RF 

power transistor die (say up to 25-30%) can be destroyed with the transistor still able to 

deliver rated power at rated gain, at least for some period of time. If a ruggedness test destroys a 

high percentage of cells in a transistor, then it is likely that a 2nd ruggedness test ( by the 

manufacturer or by the user while in his circuit) would result in additional damage leading to 

premature device failure. 

A more scientific measurement of "passing" or "failing" a ruggedness test is called4 Vre - 

the change in emitter resistance before and after the ruggedness test. Vre is determined to a large 

extent by the net value of emitter resistance in the transistor die. Thus if cells are destroyed, 

emitter resistance will change with a resultant change in Vre. Changes as small as 1% are 

readily detectable with 5% or less normally considered an acceptable limit. Today's most 
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sophisticated device specifications for RF power transistors use this criteria to determine 

"success" or "failure" in ruggedness testing. 

Data sheets for low power RF transistors show such special characteristics as noise figure 

(NF), maximum available gain (GUmax) and scattering ( S) parameters. "S" parameters are 

normally taken with the D.U.T. in a standard commercial fixture using a network analyzer such 

as the one shown in Figure 10. Typically these are given as functions of frequency and lc. The 

measurements are routine and need no further comment. 

NF and GNF likewise use commercial equipment such as the Eaton 4012 gain-noise analyzer 

or the I-11'8970A Noise Figure Meter. NF of a transistor will vary with input match and as a 

result is generally measured in a test fixture with input tuning. Usually data is given with a 

circuit tuned initially for lowest possible NF and then for a standard 50 ohm input. Measuring 

NF at 50 ohms Zin is more repeatable albeit not normally as low in value. The 50 ohm 

measurement is preferred for production testing because it requires no tuning and can be done 

with automated test equipment and for this reason is frequently the value specified on data sheets 

Likewise, gain is normally specilied for best NF conditions and for 50 ohms Zin. 

RF power transistors are typically characterized by impedance  parametets rather than 

small signal " S" parameters. Both Zin and Zout of a device are determined in a similar way, i.e., 

place the D.U.T. in a circuit and tune both input and output circuit elements to achieve maximum 

Po at the desired frequency of interest. At maximum output power. D.U.T. impedances will be the 

conjugate of the input and output network impedances. Thus, terminate the input and output 

ports of the test circuit, remove the device and measure Z looking from the device, first, toward 

the input to obtain the conjugate of Zin and, second, toward the output to obtain ZOL which is 

normally given as the load required to achieve maximum Po. 

A network analyzer is used in the actual measurement process to determine the complex 

reflection coefficient of the circuit using, typically, the edge of the package as a plane of 

reference. A typical measurement setup is shown in Figure 11. Figure 12 shows the special 

fixture used to obtain the short circuit reference while Figure 13 illustrates the adapter which 

allows the circuit impedance to be measured from the edge of the package. 

The entire impedance measuring process is somewhat laborious and time consuming since it 

must be repeated for each frequency of interest. Note that the frequency range permitted for 

characterization is that over which the circuit will tune. For other frequencies, additional test 

circuits must be designed and constructed, which explains why it is sometimes difficult to get a 

ball Mill IMEI MI MI =I 
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Questions 

1. What is the punchthrough voltage of a PIN diode having a 50p 
(2 mil) I region width and I region resistivity of 300 2-cm? 

2. What is the dielectric relaxation frequency of the PIN diode 
in Question 1? 

3. What is the transit time of the PIN diode in Question 1? 

4. If the PIN diode in Question 1 has an average carrier lifetime 
of r = 2 ps, what is the microwave resistance of the I region, 
121, when a forward bias of 50 mA is applied? 

5. For the conditions in Question 4 what is the value of RI 1 ps, 
10 ps, and 15 ps following the turn off of the forward bias? 
Neglect reactive effects and assume a constant lifetime of 2 ps, 
and that the forward bias had been on long enough to establish 
a steady state charge in the 1 region before turnoff. 

6. If the diode in Question 5 has contact resistance of 0.2 a what 
isolation does it produce when it shunts a 50 a line with 
negligible inductance (SPST switch) with 50 mA bias? What is 
the isolation 1 ps, 10 ps, and 15 ps after the bias is turned off? 
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semiconductor manufacturer to supply impedance data for special conditions of operation such as 

different frequencies, different power levels or different operating voltages. 

TRADEOFFS IN SPECIFICATIONS 

Gain and ruggedness are the most obvious device parameters for compromise in RF power 

specifications. Devices with high gain - at least high with respect to their figure of merit 

(emitter periphery/base area) - tend to be fragile, i.e., not rugged. By using higher resistivity 

material, material with a thicker epitaxial layer and/or increased values of emitter resistance, 

ruggedness can be enhanced at the expense of gain. Likewise to get higher gain, the user may be 

asked to accept lower collector/base breakdown voltages (BVCBO orBVCES and BVCEO) in order to 

reduce collector resistivity and thereby increase gain. 

Transistors specified for operation at a high frequency can be used at a lower frequency to 

obtain increased gain but almost always such devices at the lower frequency of operation will be 

fragile. Again for RF power transistors, the user should be wary of unnecessarily specifying 

tight limits on hFE particularly when functional gain is a test parameter. Also tight leakage 

current specifications lead to high costs as a result of yield losses and, except where essential 

such as low power and power devices with bias, should be candidates as tradeoffs for better 

prices. 

SUNMARY 

Understanding data sheet specifications and what they mean can be a major asset to the 

circuit designer as he goes about selecting and using an RF transistor for his specific application. 

This paper has emphasized some unique data sheet parameters of RF transistors and has explained 

what these mean from the semiconductor manufacturer's point-of-view. It is hoped this effort 

will help the circuit engineer make his selection and use of transistors more efficient and 

effective. 

The RF transistor is an unusually complex semiconductor device and difficult to fully 

characterize. Not all information about RF transistor characteristics has been explained in this 

paper. Nor can all be covered in a data sheet. The circuit design engineer should contact the 

device manufacturer for more detailed information whenever it is appropriate. Most if not all 

current manufacturers of RF transistors have extensive applications support for the express 

purpose of assisting the circuit designer whenever and wherever assistance is needed. 
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Abstract  

This paper describes design considerations for the development 

of internally matched power GaAs FETs. Both power FET and 

matching circuit designs are discussed. Examples of single 

chip and multi-chip designs with power levels of up to 10 Watts 

in C-band and 2 Watts in Ku-band are presented. 

1.0 INTRODUCTION 

Over the last few years the challenges offered by high power 

FET design have been largely overlooked in favor of more 

glamourous projects on Monolithic Microwave Integrated Circuits 

(MMICs). Monolithic circuits have received a great deal of 

research funding and effort, and for some applications, MMICs 

are clearly the technology of choice, i.e., low cost satellite 

down converters and low power 

array radars; systems where 

ment costs. However, in many 

quired or the volume required 

(.2 Watts) T/R modules for phased 

the volume justifies the develop-

cases where high power is re-

is low, and this is typical of 

microwave systems, the discrete power FET is the device of 

choice. For example, high power internally matched FETs are 

widely used in point to point microwave communications systems 

where they have replaced TWTAs because of superior reliability. 

In space, power FETs are currently used for some satellite down 

link applications and this use will grow as higher power, 

higher efficiency devices become available. 

At MSC, a wide range of devices for these and other applica-

tions is under development in the 2-26 GHz range. In this 

paper, design considerations to optimize output power, effi-

ciency and bandwidth will be discussed and illustrated with 

examples from current development projects. 

2.0 POWER FET DESIGN 

To achieve high power capability, a large number of gates must 

be connected in parallel. This can be accomplished with the 

simple interdigitated layout of a typical MSC FET shown in 

Figure 1, with such a layout comes the first problem facing a 

power FET designer. The FET is a three terminal device, thus 

any two sets of electrodes can be interconnected directly on 

the surface of the Gallium Arsenide ( in Figure 1, the gate and 

drain electrode sets are connected) but the third electrode set 

cannot. It is this fundamental problem that has led to the 

wide diversity of designs throughout the industry. Some 

designers have elected to use air bridge or dielectric cross-
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overs to interconnect the third electrode, other have used a 

flip chip approach as shown in Figure 2, but the technique that 

is now becoming most widely adopted is the use of via hole 

connectors as shown in Figure 3. 

Via hole technology has two significant advantages. It enables 

the source electrode to be grounded directly through the chip, 

thus ensuing a minimum parasitic source inductance and it 

results in an optimum thermal configuration. To form via holes 

with high yield, the GaAs wafer must be thinned to approximate-

ly 30 microns as shown in Figure 3. This minimizes the heat 

conduction path through the GaAs to the integral gold plated 

heat sink. 

Having solved the source grounding and thermal design problems, 

the designer is next faced with choices concerning the number 

of gates to interconnect the individual width and length of 

these gates. The gate width and length are selected based on 

the desired frequency of operation. It is desirable to use the 

maximum gate width possible at a desired frequency to reduce 

the number of gates required and thus minimize the overall chip 

size. Because of losses along the gate which increase with 

frequency, the gate width is limited to approximately 500 

microns at 4 GHz and 100 microns at 20 GHz. Similarly, it is 

desirable to use the minimum gate length consistent with high 

yield at a given frequency and in most power FET designs, 1.0 
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micron is chosen for up to 10 GHz operation and 0.5 micron for 

above 10 GHz. 

The total gate width ( number of gates x gate width) is chosen 

to achieve the desired output power based on 0.4 Watts/mm of 

gate width. However, as the total gate width is increased, the 

input and output impedances are reduced and the device becomes 

progressively more difficult to match. For very high power 

devices, a compromise between the difficulties of matching a 

large 

chips 

it is 

single chip versus matching and combining several smaller 

have to be investigated. For 10% bandwidth applications, 

feasible to design single chip devices with output powers 

in the 5 Watt range with total gate widths of up to 14mm, but 

for broad band applications, such as octave band ECM systems, 

the largest feasible devices are in the 1 Watt range. 

Modern process lines for power FETs are highly automated, 

especially in the photolithography area where cassette to 

cassette equipment is used for the application and development 

of photoresists and for mask alignment. The most critical 

steps in the fabrication process are concerned with the gate 

formation. At MSC, two different types of FETs have been 

developed which differ only in the details of the gate cross 

section. One type is designed to operate at the conventional 

drain bias of 8-10 Volts, the other is designed to operate at 

16 Volts. High voltage operation has advantages in the areas 

of improved linearity for communications systems and improved 



11111111.111111010.••--
FIGURE 6-EQUIPMENT USED TO MEASURE DIE TEMPERATURE 

FIGURE 7-AN EXAMPLE OF INCOCIllETE DIE Ail ACEI 

FIGURE S -A TYP IC/4 DF P(Y-V[D EST CIRCUÍ 

t 9 19 

FIGURE 9-A TYPICAL FIJNCT IONA' EST STAT ION 

353 



efficiency in phased array radars. At higher voltage the I2R 

losses in the feed to the array are significantly reduced and 

the conversion losses from the typical 28 Volts of airborne and 

satellite systems are also reduced. Although processing yields 

with highly automated lines can be extremely high, especially 

if the definition of the 1.0 micron or 0.5 micron gate is 

accomp]ished with direct write e-beam technology, ( at MSC a 

Philips EBPG 4 system, which alone represents an investment of 

$2M is used for this function), overall yields are low because 

power FETs must operate at high current densities and voltages 

near breakdown where their performance is dominated by the 

quality of the GaAs materials. At MSC the GaAs layers are 

grown by vaper-phase-epitaxy and their quality and uniformity 

are carefully monitored using C-V analysis and DLTS ( Deep Level 

Transient Spectroscopy). 

3.0 MATCHING CIRCUIT DESIGN 

In this section, designs of matching circuits for internally 

matched FETs are presented. Matching of the input and output 

impedances of a power FET to 50 ohms requires accurate small 

and large signal S-parameters and device modeling. The small 

signal S-parameters are measured using an HP8510 Network 

Analyzer. A good de-embedding procedure is required to obtain 

accurate S-parameters. Through-Short-Delay ( TSD) is one such 

method being used to de-embedd the S-parameter at the chip 

level. 
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For design of the output matching circuit, it is important to 

obtain the large signal S-parameters. An automated load-pull 

technique is used to obtain the large signal output impedance. 

This technique uses a computer-controlled mechanical double 

slug coaxial tuner at the output of the FET to match the output 

impedance of the FET under large signal conditions. Load-pull 

contours for output power, gain and efficiency are obtained. 

The large signal output impedance for optimum output power, 

gain and efficiency is measured using an HP8510 network analyz-

er. At MSC an automated load-pull system operating in 2-26 GHz 

band is currently being used for the development of a range of 

internally matched power FETs. 

Touchstone and Supercompact microwave circuit design CAD 

programs are used to design the input and output impedance 

matching circuits for the FET. The choice of circuit approach, 

and its implementation, must be considered while designing the 

input and output matching networks since the overall dimensions 

of the matching circuits are limited by the package dimensions. 

At C- and X-band a 12.9mm wide package is used while at Ku-band 

a 9.8mm wide package is used. At 20 GHz a . 248" wide open 

carrier is used since a package for this frequency is not 

available at the present time. 

Figure 4 is a Smith Chart representation of the design method-

ology for an internally matched FET. A two section low pass 
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filter is used for matching the input and output impedances. 

Lumped element matching is used in C-band whereas distributed 

approach is used in Ku and K-band. A combination of lumped and 

distributed elements are used at X-band. Since the overall 

size of the matching circuit has to be small to fit the pack-

age, a high dielectric constant substrate, such as barium 

tetratinate with Er- 38 is necessary in C-band, whereas the more 

conventional Alumina substrate material ( Er=9.8) is used in X, 

Ku and K-bands. The thickness of the substrate is also a 

factor in determining the overall size of the input and output 

matching circuits. The width of the distributed microstripline 

is proportional to the thickness of the substrate. Use of 

thinner substrate reduces the overall dimension. However, loss 

in the circuit increases as the width of the line is reduced. 

Five and ten mil thick alumina substrates are used in Ku and 

K-band, while 5 mil thick Barium Tetratitanate substrate and 

10-15 mil alumina substrates are used in C- and X-bands. The 

choice of substrate thickness depends on the impedance level of 

the FET. The input and output impedance of the FET fall with 

increases in output power. To obtain higher output power, 

larger gate peripheries and multiple chips are used. Thus, a 

trade-off is made between the thickness of substrate, the size 

of the overall matching circuit and the losses in the output 

matching network. 

4.0 EXAMPLES OF INTERNALLY MATCHED GaAs POWER FETs 

Several internally matched power FETs have been developed at 

MSC. 3 Watt and 10 Watt internally matched FETs operating over 

3.7-4.2 GHz have been developed. Figures 5 and 6 show the 

variation of output power and third order inter-modulation 

distortion ( IMD3) products as a function of input power for 3 

and 10 Watt internally matched FETs, respectively. The gain 

and efficiency of the 3 Watt FET are 12dB and 40%. The 10 Watt 

internally matched FET exhibited 9dB gain and 30% efficiency. 

Figure 7 shows the output power and efficiency variation as a 

function of input power for a high voltage internally matched 

FET. This FET operates at Vds I6V and exhibited 14 Watt 

output power with 7.5dB gain and 29% efficiency at 5.3 GHz. 

Table 1 shows the results for output power, gain and efficiency 

for an internally matched FET operating over 14.5-15.35 GHz 

band. An output power of 1 Watt with 6-7 dB gain and 20-25% 

efficiency has been obtained. 

A 2 watt output power with 4-5 dB gain and 19% efficiency has 

been obtained over 17-18 GHz. Results for output power, gain, 

efficiency and return loss over 17-18 GHz are presented in 

Table 2. 
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PIN Diode Attenuators and Vector Modulators storage but it is the behaviour of the PIN diode at intermediate bias 

at Intermediate Frequencies 

states that makes it especially useful. 

N. R. W. Long For small signals at RF frequencies the PIN diode appears essentially 

4 Leghorn Road as a pure resistor. The exact resistance depends on the device 

London MW10 4PH 

England construction but it is roughly inversely proportional to the bias current. 

Typically, a bias range of 1 pA to 10 mA might give RF resistances of 10K 

The PIN Diode to 1 Ohms. 

A PIN diode differs from an ordinary detector or switching diode in The quality of this resistance, ie., its linearity and lack of 

that it has an extra layer of undoped or Intrinsic semiconductor distortion products, can be very good indeed if the diode is used under 

sandwiched between the P and N doped layers normally found. When the the right conditions [ 11. In practical terms this usually means ensuring 

device is reverse or zero biased this I layer is devoid of charge carriers that the minority carrier lifetime is at least 10 times the signal 

and the diode has a very high AC resistance. With forward bias, carriers period and keeping to power levels of less than 0 d8m. 

are injected into the I layer, the diode conducts and the AC resistance PIN diodes are available from several manufacturers and in a variety 

drops. of packages, eq. for waveguide or stripline mounting, but for general 

The key difference between the PIN diode and the ordinary PH diode purposes the most useful is the familiar in- line wire lead glass package. 

is that the minority carriers in the I layer have a significant lifetime, Figure 1 shaows the resistance characteristics of varous Hewlett Packard 

and when this lifetime exceeds the period of an RF signal the normal diodes [ 21. Note that the 3080 and 3081 types show less linear control 

rectification effects begin to be suppressed because the charges curves. They are, though, particularly useful devices as they have long 

transferred in an RF cycle are less than the charge stored in the device. 

When a PIN diode is used for switching a signal the forward bias 

current in the "on" state need not be as high as the peak RF current and 

the reverse voltage in the "off" state need not be as high as the peak RF 

voltage. This is a distinct advantage over the PH diode with no carrier 
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carrier lifetimes, typically 1.3 us and 2 ps respectively. 

Matched Variable Attenuators  

A simple attenuator can be made with a single series or shunt 

variable impedance element. This, however, is only a matched device at 

zero attenuation and is not necessarily suitable for the majority of 

applications. At microwave frequencies it is common to convert unmatched 



P
h
o
t
o
g
r
a
p
h
 
o
f
 
a
 
t
y
p
i
c
a
l
 
M
S
C
 
P
E
T
 

SUBSTRATE 

355 

" Lc-7' ' '  

Cu HEAT SINK 

FLIP-CHIP TECHNOLOGY 

Fig. 2 Cross-section of a flip-chip PET 

OHMIC METAL GATE PASSIVATION 

/7 

PLATED GOLD HEAT SINK 

Fig. 3 Cross-section of a via-hole PET 

FINAL METAL 

VIA HOLE 



circuits to matched by the use of quadrature hybrid couplers ( Figure 2a), 

which are readily printable in stripline. 

At lower frequencies hybrids are costly components and other matching 

techniques can be used. The bridged-tee, Figure 2b, and the pi, Figure 2c, 

attenuators are well known circuits capable of giving variable, matched 

attenuation over a wide bandwidth if the elements are controlled properly. 

The bridged-tee requires one less active element but the pi configuration 

is normally preferred for its higher maximum attenuation with typical 

components. 

Practical Pi Attenuator Design 

The series and parallel resistances, Rs and Rp, in the pi attenuator 

must be controlled simultaneously to ensure a good match as the circuit 

gain, G, is varied. The required resistances are given by 

1+G 
Rp= 21 — ) 

1-G 

Z 1 
Rs= 

2 G 

and these equations can be used, together with published device data, to 

calculate the PIN diode bias currents required at various attenuation 

settings. Because of the nature of the diode characteristics, this 

procedure is bound to result in control curves that are extremely difficult 

to realise in practice. It also sheds little light on the performance 

deterioration to be expected when the curves are not followed exactly. 

At this point, many workers might turn to an extensive computer 

simulation; this author, however, believes that this is a case where better 

and quicker results can be obtained from a simple set of measurements. 
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Figure 3 shows the circuit of a PIN diode pi attenuator in which the 

series and parallel bias currents, Is and Ip, can be varied independently. 

If this is connected to a network analyser capable of measuring return 

loss, ' Sil l, and transmission, I S21I' curves of constant return loss and 

attenuation can easily be plotted. A representative set is shown in 

Figure 4. 

For a given specification on return loss, there is a certain operating 

area into which the pattern of bias currents must be fitted. The easiset 

control pattern appears as a straight line on theplot; this can be 

generated from a single supply with one control line as shown in Figure Sa. 

In the case illustrated, though, 20 dB return loss has been chosen as 

the target and inspection shows that, within this restriction, a straight 

line control locus can only give a limited attenuation range. It is clear, 

though, that a locus of two straight lines, as drawn, will cover the full 

range. Two circuits for generating such a locus are given in Figure Sb and 

Sc. Both give the same pattern of bias currents but the control voltage vs. 

attenuation responses are different; one is better suited to percentage gain 

control, the other to dB attenuation systems. 

The calculation of component values for these driver circuits is 

straightforward and will not be detailed here. For the case in question, 

the attenuator was to be driven from a D to A converter and it was desired 

to keep the fractional gain change per LSB as constant as possible over the 

whole attenuation range. 

Figure 6 shows the final circuitused; a batch of eight of these were 

construted for signal levelling purposes in a phased arrary system. 

71«sse. -•••• 
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Figure 7 shows typical performance at 70 MHz. The control characteristic 

is reasonably linear; certainly the slope variations are small enough for 

8 bit digital control to give consistently small step sizes of 0.5% or less. 

In this application the attenuator was to be used in a closed loop 

operation so absolute linearity or accuracy of the control was not a 

requirement; if this had not been the case, some further software 

linearisation could have been applied. 

At low attenuations the input match worsens slightly. This is partly 

due to compromises made in the bias driver design and partly to stray 

reactances incurred by the layout and the connecting sockets. 

The foregoing example shows how a wideband signal attenuator can be 

made with a minimum of components. Only one control line is needed and the 

driver circuit to achieve both a good match and reasonably linear control 

simultaneously is simple in the extreme. 

Vector Modulators 

In many applications, phase as well as amplitude control of a signal 

path is required. This might occur, for instance, in certain modulation 

systems, phased array processing or adaptive cancellation systems. 

Standard phase shifter circuits employ switched line lengths, switched 

loaded lines etc., Figure 8. Variable reactance devices, such as varactors, 

can also be used but are limited to only small phase shifts. Switched 

systems can be cascaded to give phase shifters capable of covering the full 

360 degrees in given step sizes. A disadvantage is that the phase settings 

are quantised and fine resolution demands many stages, which increases the 

insertion loss and potential inaccuracies. It should be noted that these 

systems are strictly delay inserters rather than pure phase shifters and 

wideband operation is not generally possible. Nevertheless, the use of 

cascaded phase shifters in conjunction with an attenuator does give full 

four quadrant control of the transmission characteristic. The controls are 

polar, ie., r and e, or separate gain and phase adjustments. 

In many cases it is more appropriate to combine the gain and phase 

control mechanisms into a single complex attenuator, or vector modulator. 

The basic scheme is shown in Figure 9. Full control of the transmission 

vector is possible but the controls in this case are cartesian, ie., x and 

y, or I and Q. If all four quadrants are to be covered bi-phase 

attenuators are required; these have a gain range of - 1 to I rather than 

just 0 to 1. There is a 3 dB minimum theoretical loss through such a 

modulator; this, however, occurs only at certain phase settings, at others 

the minimum loss is 6 dB. 

Despite this, the vector modulator is useful when fine or continuous 

adjustment is needed. It compares favourably with, for instance, a 6 or 8 

bit phase shifter that may have up to 1 dB loss per bit. 

Simple attenuators can be converted to bi-phase by the addition of a 

phase inverter, Figure 10a, or by offsetting half the signal, Figure 10b. 

The latter method offers easier control but has an inherent 6 dB loss; in 

the first arrangement it may be difficult to achieve zero transmission. 

A better circuit is the hybrid couplerattenuator, 

appear in Figure 11. The input power is split between 

terminating resistances and the reflections from these 

versions of which 

the two variable 

terminations 
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TABLE 1. 14.5 - 15.35 GHz 1 WATT INTERNALLY MATCHED YET 

Frequency Output Power Gain Return Loss Efficiency 

(GHz) @ GldB @ PldB (dB) (8) 

(dBm) (dB) 

14.5 31 6 9.8 

15.0 31.5 7.25 12 

15.35 31 5.5 6 

21 

25 

20 

TABLE 2. 17 - 18 GHz 2 WATT INTERNALLY MATCHED YET 

Frequency Output Power Gain Return Loss Efficiency 

(GHz) 8 GldB @ PldB (dB) (%) 

(dBm) (dB) 

17.0 33.5 4.7 10.5 19.3 

17.5 33.2 4.7 25 18.5 

18.0 33.5 4.0 14.6 18.1 
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cancel at the input port and add at the output. The depth of cancellation, 

and hence the input match, depends on the quality of the hybrid and how well 

the resistances track each other. Zero transmission, apart from hybrid 

leakage, occurs when the resistances are 50 Ohms; above or below this value 

transmission increases, with a phase reversal between the two regimes. 

With PIN diodes as the variable elements the transmission vs. bias 

current response is parabolic rather than linear. Also, because of circuit 

imperfections and temperature effects, repeatable fine control around the 

zero transmission point may prove difficult. This type of attenuator is 

best suited to closed loop systems or those with regular calibration. 

Any of these bi-phase attenuators can be used to make a four quadrant 

vector modulator but the hybrid attenuator, with single line control and 

low minimum loss, is probably the best, Figure 12. The bandwidth of such a 

circuit is determined by the quadrature hybrids used. It is interesting to 

note that the coupling network arrangement for this is exactly that found in 

the six-port network that is used for signal comparison and measurement pl. 

This type of vector modulator has been used successfully at 750 MHz by the 

Independent Broadcasting Authority in Britain 141. A version using a 

microwave printed stripline network has also been investigated at 

University College London and shown to give useful results over nearly an 

octave bandwidth. 

A new variation is that shown in Figure 13; this is a method of 

extending a single bi-phase attenuator to give control of the quadrature 

transmission as well. No extra quadrature hybrids are required but with 

phase shifts provided by line lengths the bandwidth is limited. In the 
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circuit shown the biasing arrangement is simplified by allowing the currents 

to flow to ground through the power dividers. Most bought in components of 

this type allow this but care must be taken to ensure that the currents do 

not saturate any ferrite devices inside. 

This circuit, the Reflective Delay Line modulator, has been tried at 

UCL using commercial couplers at 70 MHz. The PIN diodes used were all 

HP 3080 types but were not specifically matched. Full cartesian control of 

the transmission vector was demonstrated; there were no missing sectors or 

regions of the coverage and because leakage in the couplers can be 

compensated by adjusting one or the other bias control the zero transmission 

point can always be accessed. The input return loss varied slightly with 

control settings but was about 20 dB over the whole range. 

A further possibility would be to replace the quadrature hybrid with a 

180 degree one and a quarter wave line; this would give an extremely 

economical four quadrant vector modulator. 
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SPECTRAL PURITY DEFINITIONS 
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Spectral Purity describes the degree of degrada-
tion from a perfect impulse in the frequency 
domain: 

V(t) = cos (o0 t 

V(w) = ô (w0) + ô (— coo) 

Real signals have some noise associated 

V(t) = [ 1 + eA(t)] cos [coot + et)] 

We will focus primarily on phase noise (PM) 
components. at (fin) describes the ratio of SSB 
power in a 1 Hz B.W. due to phase noise, offset 
fri, Hz, from the carrier, to the total signal power. 

Ref. 2, 14, 15 
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This is a typical phase noise measurement. This 
oscillator uses a 832.5 MHz surface acoustic 
wave resonator as the resonator. How good is 
this performance? Could it be better? What are 
the limits to the noise performance of this oscil-
lator? What are the significant contributors to its 
noise? 
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The previous phase noise plot was measured on 
Hewlett-Packard's 3047 phase noise measure-
ment system. This system has the capability of 
measuring noise as low as -- 170 dBc. It covers 
the frequency range 10 MHz to 18 Gliz. 

SPECTRAL PURITY 
KEY PARAMETERS 
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Key parameters that will be important in our 
discussion of phase noise in oscillators include 
noise iteself as evidenced by the noise figure of 
the active devices and circuits used in the oscil-
lator, 1/f noise of active devices and resonators, 
AM-FM conversion of noise, upconversion of 
bias noise, and unflat gain. 

Signal levels in the circuit are important. Higher 
signal levels lead to higher signal to noise ratios 
and thus better phase noise. 

We will see that loaded resonator Q will deter-
mine phase noise close to the carrier and that 
increasing loaded Q will improve phase noise 
close to the carrier. 
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We can model an oscillator in the classical feed-
back form with an amplifier with gain G and 
feedback fi which includes the resonator. For os-
oscillation at f = fo, two conditions must be 
satisfied: 

1. Loop gain is greater than one at fo. 

I GO I > 1 at f = fo 

2. Phase shift around the loop = 

LG,3 = 0 at f = fo 

In the interest of preventing spurious oscilla-
tions at undesired frequencies, two other condi-
tions should be met: 

IGfiI < 1 at f fo 

and 

"node < 1 for all nodes at f f 

where I' is the reflection coefficient looking into 
any node. (Meeting this condition at the collec-
tor and base nodes is usually sufficient.) 

Signal to noise ratio at the input to the ampli-
fier is Pays'iFkT where Pass is the power avail-
able at the input of the amplifier and F is the 
noise figure of the amplifier. 
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We assume that the signal to noise ratio at the 
input 13.,,,/FkT causes both amplitude and phase 
noise in equal amounts. For frequencies far 
from resonance, fo, where loop gain « 1, phase 
noise relative to the carrier will be 

Thus 

where 

1 FkT 

2 
P ays 

¿(fm) = —SNRi — 3 dB 

SNR. = W log (  P 81/5  ) 
FkT 

for fin >> loop bandwidth. 

Close to the carrier, loop gain peaking 
cause amplification of this noise. Let's 
derstand loaded resonator Q: 

fo az.(co) 
2 af f = fc, 

where 

8L(G) 

Q = 

af — loop gain phase slope. 

will 
first un-

Loaded Q determines the open loop bandwidth 
of the feedback loop used to represent the oscil-
lator. Inside the bandwidth, 

fo  
2QL 

when the loop is closed loop peaking increases 
phase noise. A first order approximation of 
phase noise is then 

1 FkT 1 fo )2] 
L(fro ) — 2 p [1 + 

tro 2QL 

whet e 

L(fm) = the ratio of SSB noise power due to 
PM in a 1 Hz bandwidth (centered f Hz off 
the carrier) to total signal power; 

F = the noise factor of the active device; 

k = Boltzmann's constant; = 1.38 X 10-23 W-s 

T = Temperature (in °K 300°K) 

P = the power available from the source, 
a VS 

resonator, in watts 

fo = oscillation or carrier frequency 

f = offset frequency 

or 

AL) = —10 log 

or 

fi FkT [ 
I).  1 

ave 

( I fo 

f 2QL ) 

¿(Ç) = —3 dB — SNRi + 10 log [ 1 + 2fQ° )21 
L I I 
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If we express P. in dBm, and knowing that 
thermal noise in a 1 Hz bandwidth = — 174 dBm, 
then 

et(fro) = —Pays (dBm) + NF (dB) — 177 dBc/Hz + 
peaking term (dB). 

OSCILLATOR PHASE NOISE 

C(f.) 

SPP9. 398 

\ -•  - ISIVOCIPVE 

NOISE FLOOR 
  Ela 

t P., 

I e 
bag, LOG f. 
fo FkT 

PHASE NOSE FLOOR=L(f.>F1:0-sfaa .-3a0.10108 

968 

This slide presents the previous results in 
graphical form. For large offsets 

Ç f° 
m 2Qi, 

the phase noise floor — 

FkT 

2Pavs 
— —SNR — 3 dB. 

Inside the offset frequency 

fo 

2QL 

which is the bandwidth of the open loop circuit 
of our oscillator model, noise rises 6 dB/octave. 
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Let's look at an example. If we assume a power 
level of + 10 dBm and NF = 5 dB then the phase 
noise floor 

= — 177 dBc/Hz + NF (dB) — Pay. (dB) 

= — 177 + 5 — 10 = — 182 dBc/Hz 

f » ° 
m 2QL 

For phase noise close to the carrier, the equa-
tion for shows 

Thus 

L(f.) 1 FkT 1 fo 
2 Pays f. 2QL 

l(f.) F f oc 

Pays Qt.2 

f 2 
10 

SNR, QL2 

To minimize phase noise we must maximize 
signal to noise ratio and loaded Q. Also notice 
that low phase noise is easier to achieve at low 
carrier frequencies. 

In the example fo = 1000 MHz, Pays = + 10 dBm, 
NF = 5 dB, and QL = 50. 

What is at(100 kHz)? 

phase noise floor + peaking 

( f° 2f. QL 
—182 dBc/Hz + 20 log 

—142 dBc. 

If QL = 500, this improves 20 dB to 
—162 dBc/Hz. 

Low Noise Oscillator Design 
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ESTABLISH OBJECTIVES 

• Ou.0,_ 

• Pi:in 

• NF 

Starting with a specific close-in phase noise re-

quirement, L(fm)rewired then QL can be deter-
mined from 

L (f fo m « 2QL)reguired FkT fo ) 2 
2PAVS 2 f. QL 

.*. QL required > 
FkT Fo 

2PAVS 2f. \/1L(fm)required 

Having QL, a resonator may be selected using a 
rule of thumb that Qu ≥ 2 to 5 times QL. 

The power level, P0515, is typically set by limita-
tions in the resonator ( higher power means 
greater AM-FM, and potential spurious re-
sponses, aging, etc.) or by NF or power handling 
limitations in the active device 

Phase Noise Floor = L ( in f ) f >>° FkT 
2 Q L 

••• Pa,s; 
FkT 

L f.» 2:2—) 
2QL 

This relationship may also give a NF 
requirement 

PAVS 
F 

L f ( » -º m 2QL) 

kT 

PAVS 
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Once a potential resonator has been selected, it 
makes sense to verify some of its parameters, 
notably its unloaded Q (Qu), 1/f noise, and AM-
to-FM conversion. The unloaded Q of a resona-
tor can be measured on a network analyzer by 
coupling very lightly to the resonator and mea-
suring either the 3 dB bandwidth, phase slope, 
or the group delay. For this purpose: 

where 

Qu 

fo  

Qu = BW3 dB 
f 

=° —  2 = 0 rGI) (If 

rcp = S21 group delay in seconds 

r = QU/ furr 

Fe 6505 
FelY6061K PHRLY7:151 

T   

MERSURE 
UNLOADED Ou 

IP 13505 
HET WOPK 

G 
MENSURE LORDED OL 
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One helpful way to measure Qu versus fre-
quency is to set the network analyzer in the log 
frequency mode and draw a 6 dB/octave slope 
line falling off with frequency. If the group 
delay rises above the slope line, then Qu is ris-
ing with frequency. 

Verifying QL in the actual oscillator circuit is 
also possible, provided that the characteristic 
impedance Z. of the network analyzer is near 
the operating circuit impedance, or that trans-
formers are used to match the impedances of 
the test system and the circuit over the fre-
quency range, and power levels are near opera-
ting conditions. 

Ref. 12, 25, 26, 27 
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This is an example of 1/f noise measurement 
using the technique in the previous slide. These 
data are indicative of typical 1/f noise seen in 
SAW resonators: we've seen 5 to 10 dB better 
and 20 to 30 dB worse. 

D. Halford has suggested a " rule of thumb" 
phase noise intercept of —115 dBc/Hz at a 1 Ilz 
offset. See ref. 16. 
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It is possible to predict the phase-noise perform-
ance of the oscillator circuit (closed loop) by 
adding the white phase-noise component, FkT/ 

to the 1/f component, L(f.), /r, and then 
modifying both of these by the oscillator closed-
loop gain peaking, [ 1 + (fo/fin2QL)1. The total os-
cillator phase noise is 

1(fm) = 113 log [ 1 ± f. 2foQL 

FkT  
+ L(f.), /f] 

The components of 1/f and white phase noise 
of the amplifier-resonator combination are artifi-
cially separated. However, if we measure the 
total phase noise, (fm)0L, of the series 
amplifier-resonator open loop (with the correct 
terminating impedance and power levels), it's 
possible to predict the oscillator phase noise 
directly: 

fo ¿  Um) = 10 log [ 1 + 2fn,QL I J L(fm 

(f.) = (fm)0L + 10 log{1 + 2fmck 
fo )2] 

This phase-noise prediction can be shown more 
easily with a graphical approach. First, plot the 
phase noise due to white noise components. 
Then, draw ot(f.), /f on the same graph. Next, 
draw a —9 dB octave line that intersects ct(fm), /f 
at fm— fo/2QL. The intersection of this line with 
the locus of 

f 

FkT  [ ( 1 

2P 
1(fin ) = 10 log 1 + avS 

2Q L) 

is fc, the 1/f 3 noise-corner frequency. The 9dB/ 
octave line then serves as the predicted value of 
ét(fn, < fc). 

Ref. 41 
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Elf m)ipeOUE TO R NSIS TO R 
tif NOISE 

If 1/f phase noise modulation is in the resonator 
or active device, then an increase in QL will im-
prove the phase-noise performance in the 1/f 
region. This occurs because the loop peaking ef-
fect operates on 1/f noise as well as white noise 
as can be seen from the previous equations. 
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However, if the 1/f noise mechanism is fre-
quency modulating the resonator center fre-
quency. then no improvement of QL will lower 
phase noise in the 1/f region. If a noise source 
is phase modulating the oscillator, then changing 
the phase slope of the resonator—or changing 
the affect the depth of modulation. 
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High-Voltage HF/VHF Power Static Induction Transistor Amplifiers 

Scott J. Butler and Robert J. Regan 

GTE Laboratories Incorporated 

40 Sylvan Road 

Waltham. MA 02254 

The operation and performance of power static induction transistors (SITS) in HFNHF 

amplifiers will be discussed in this presentation 

Unprecedented saturated CW output power levels of greater than 200 W at 225 MHz, 

with 6-dB power gain and 70% dram efficiency, have been demonstrated by single-ended 

transistors connected in the common-gate configuration Small-signal measurements on these 

power SITs indicate a nearly flat 10-dB gain response from 100 MHz to 3 GHz. and a unity 

power gam frequency in X-band 

Static induction transistors, which are operated in a common-source configuration, 

however, can provide very high gain at frequencies in the HF/VHF and lower UHF frequen-

cy bands. To accomplish this, the parasitic drain-to-gate capacitance must be neutralized 

The broadband neutralization scheme to be presented is similar to the cross neutraliza-

tion scheme successfully used for push-pull triode vacuum tube amplifiers (Figure 1). In this 

design, the parasitic feedback capacitance, CpG  (capacitance plate to grid), of each active 

device is neutralized by adding two neutralization capacitors, externally, which are approx-

imately equal in value to the individual parasitic feedback capacitance values. The addition 

of these neutralization capacitors to the circuit results in a capacitive bridge, as illustrated 

in Figure 1. Proper selection of the neutralization capacitors balances the bridge, thereby 

"nulling out- any potential feedback signals between the output and input of the balanced 

device. The analogous solid state SIT amplifier is shown in Figure 2. 

The computed small- signal gam response and stability factor of this cross- neutralized 

SIT amplifier, shown in Figure 3. demonstrates the broadband performance potential of this 

neutralization scheme Effective broadband neutralization depends upon judicious selection 

and placement of neutralization capacitors within the transistor package and attention to the 

bond wire inductance associated with connecting the neutralization capacitors to the 

SIT chips. The neutralization capacitors are implemented as discrete. high O, low loss 
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capacitors mounted inside the power transistor package in close proximity to the active SIT 

chips Very short bond wires are used to connect them, thus eliminating completely the poten-

tial for resonance conditions As shown in Figure 3, the calculated gain is approximately 14 

dB across the entire 1. to 200-MHz band with a stability factor of > 14 Experimental cross-

neutralized SITs were fabricated in our laboratory using two, six-cell, 7-gm pitch SGSITs con-

nected in a single balanced transistor package along with a pair of 27-13F chip capacitors 

mounted inside the package to provide neutralization The amplifier was designed and 

fabncated using coaxial 4 I transformers and baluns wound on high permittivity femte toroids 

Initial power tests were performed at 100 MHz, where the amplifier exhibited 50 W CW out-

put power with 12 2-dB power gain, as shown in Figure 4 This amplifier performance reflects 

the power performance in an " as-fabricated" state, without tuning to optimize the perform-

ance The device contains enough active area (W g - 24 cm) to deliver about 200 W of out. 

put power: however, the package which was used is only capable of dissipating approximately 

100 W of average power To establish the CW potential of this amplifier, pulsed operation 

at a 10% duty was examined Figure 5 illustrates the peak power capability of this device 

A peak output power level of 120 W was observed with 13-dB gain and 40% average effi-

ciency with a proper package and design refinements, output power levels of nearly 200 

W across the band should be possible with this design 
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PREDICT 
PM- FM CONvERSION 

fa(11ox) 

fo(c10%) 

 fl  
Varactot 

Vm.(11.0%) 

V.010110 

In many VC0s, the spectral purity is dominated 
by AM-to-FM conversion mechanisms, rather 
than the SNR, and (:)1. One method to predict 
the AM-to-FM conversion in a diode-tuned VCO 
is by studying the frequency-versus-tuning-
voltage characteristic. A change in the rf voltage 
amplitude on the resonator can affect the aver-
age bias on the varactor . A 10-percent change in 
resonator rf voltage corresponds to 10-percent 
AM on the carrier. To measure the effects of 
changing carrier level, one can increase or de-
crease the rf voltage on the resonator by chang-
ing the bias current in the active device. Mea-
sure the carrier frequency at 90-percent 
resonator voltage and compare this with the av-
erage carrier frequency at 110-percent resonator 
voltage. The peak-to-peak frequency shift due to 
10-percent AM can then be estimated: 

fo(90%) f° (+peak) — fo(—peak)  
=  

2 

f° (110%) — fo(90%)  
Afpk(10% AM) —  

2 

(10c1/0 AM)  
Kv(ANI/FM) = 91` Hz pk/% AM 

10% 
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This equation provides a solution in frequency 
modulation/percent AM. The percent AM. A, 
should be no less than the collector bias current 
shot noise fluctuations divided by collector bias 
X 100 percent: 

VF\/2-qr 
AcYc, AM — x 100% = 200 Vq/lc°/0 

lc 

where 

= the full collector shot noise. 

and 

q= the charge of an electron = 1.6 X 10 -19 

Coulomb 

Now we can predict the closed loop phase noise 
contribution due to AM-FM: 

Ct (f.)Am = 20 log 
r. 

or total phase noise: 

[  A Kv(AM/FM)  
2 f] 

fo )2 

gm) = 10 log {[1 2 frnQL • 

[  FkT Luifi [  2f A Kv(AM/FM)ll 

., I_ 2PaVS 

Ref. 28. 29 
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There are several methods for measuring the 
AM-to-FM conversion coefficient (KyAm.Fm ). In 
one case, the resonator must be set up at the 
appropriate power level with the correct amount 
of coupling/loading, and connected to a network 
analyzer. By shifting the power level ± 10 per-
cent, and monitoring the center-frequency shift. 

,(10% AM) 
KJAM/FM) = P- 10% Hz pk/c1/0AM 

Another method of measuring AM-to-FM con-
version is to adjust the transistor bias current 
10%, monitor Af, and use 

,(10% AM) 
K JAM/FM) = P- Hz pke0AM 

10% 

Typically, a transistor is collector-current cutoff-
limiting, so a 10-percent increase in the collec-
tor bias current will cause a 10-percent increase 
in the resonator voltage. The latter approach 
may cause a change in the active device's phase 
angle, but this is acceptable, since it's desirable 
to characterize the sum of all effects contribut-
ing to AM- to- FM conversion. 

MEASURE 
AM-FM CONVERSION 

(.(1 kFiz) 

z 

1 GHz 
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The AM-to-FM conversion can also be tested 
dynamically. This technique involves injecting a 
small, low frequency (fi) current into the 
transistor's emitter. Adjust fi until the sidebands 
around the carrier roll off 6 dB for each octave 
increase in fi (which indicates FM): 

( injected current peak ) 
PAtt =   X 100% %a emitter bias current 

1(f) = measured SSB-to-carrier ratio of the in-
jected FM sidebands. From the narrowband FM 
approximation we have: 

ipk  
= 20 log ( 

2f. 

fipk = (2f,) 10.Z (f1)/20 

ftpk = peak frequency deviation 
indicated by these sidebands 

k  
...K JAM/FM) = D IP in Hz peake0AM 

I %AM 

One can also measure this FM modulation di-
rectly using an 8901 modulation analyzer. 
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"Many oscillators can be reduced to a Colpitts 
configuration." The basic layout is an oscillator 
circuit without a ground terminal. By grounding 
this circuit at any of its nodes, it can be trans-
formed into any of the other configurations. The 
preferred topology is one that makes it possible 
to visualize such things as loop gain, loop phase 
angle, and stopband stability. 

The common-emitter (Pierce) topology is ideal 
for good out-of-band stability. It yields open-
circuit stability at frequencies above about fr/3, 
and can be kept stable at lower frequencies. Al-
ternatively, the common-base (Colpitts) topology 
typically has negative real-part impedance at its 
emitter from about fT/5 to fmax, depending on 
the base- to-ground parasitic inductance. The 
common-collector configuration, with capacitive 
loading on its emitter, typically possesses a neg-
ative real-part impedance at its base over a sig-
nificant range of frequencies. Instability is a po-
tential problem whenever there is a negative 
real part of the impedance at frequencies other 
than the desired oscillation frequency. The re-
sult can be spurious oscillation, squegging, para-
metric effects, and sharply nonlinear tuning 
characteristics, especially when a harmonic of 
the desired frequency crosses through a region 
of negative resistance. Refs. 9. 10, 4. 5, 6 
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Oscillator topologies can be designed as one-port 
or two-port configurations. One-ports (negative-
resistance oscillators) have good track records in 
the gigahertz region. The two-port topology per-
mits analysis and ease of visualization using 
feedback theory; loop gain and phase slope may 
be more easily derived (and measured) to pre-
dict loaded Q, and spectral purity. 

981 

This one-port configuration is widely used in 
the gigahertz region with YIG-tuned oscillators 
and VC0s; multi-octave tuning range is a key 
advantage. 

Despite its good points, however, this configura-
tion has its drawbacks. It does not allow easy 
definition of loaded Q for the purpose of pre-
dicting phase noise, nor does it permit simple 
modeling of loop gain. This topology is also sus-
ceptible to spurious modes, since the conditions 
for the emitter relection coefficient, re>l, leads 
to potential instability over a broad range of fre-
quencies. The phase noise for this kind of oscil-
lator can be accurately predicted by a computer 
method we will discuss shortly. 

Refs. 17, 18, 19, 20, 21, 22, 23, 31, 32, 33 
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The choices are many: bipolar junction transis-
tors, JFETs, SiMOSFETs, GaAs FETs, Gunn/ 
IMPATT diodes, or miniature packaged amplifi-
ers. In all cases, the selection criteria should 
include low noise figure at the maximum opera-
ting junction temperature; low noise figure at 
higher power in order to get the highest signal-
to-noise ratio (SNR) possible; and low noise fig-
ure at the source impedance presented to the 
device. Certain warnings are also in order. Be-
ware of large ripple occurring in small-signal S2, 
gain in the presence of a large signal at fo; this 
indicates nonlinear compression. This is not a 
parameter that the device manufacturer will 
specify and must be measured on a network an-
alyzer. Also, be wary of limitations in resona-
tors, such as spurious content in YIG resonators 
(≥.. + 10 dBm) and aging in SAW and bulk crystal 
resonators (≤ 50 µW is typical for most frequency 
standards). 
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Of the devices listed above, the bipolar junction 
transistor is a natural for low- noise design due 
to its well-characterized and repeatable parame-
ters. The characteristics of the other devices 
tend to be not quite so predictable. FETs, for 
example, exhibit significant variations in 
pinchoff voltage and performance with tempera-
ture. A good rule of thumb is to select at 
least two to three times the operating frequency, 
and to remember that the noise figure degrades 

(in increases) as fo exceeds f. 

Ref. 7 

A JFET is a good choice for achieving low-noise 
oscillator performance at fo ≤ UHF. This perform-
ance is most likely due to the high input real-
part impedance, which allows tight coupliing 
and little loading of the resonator (high QL). 
Concurrently. a good noise figure can be 
achieved with a high source impedance because 
the WET input noise current (in) is so low: 

rs (optimum NF) = en/in 

The end result is high SNR1 or very good phase-
noise characteristics. 

It has been mentioned that phase noise may be 
dominated by SNR, and QL (ignoring 1/f noise 
for the moment). Good SNR, and QL depends on 
the noise figure of the active device at the oper-
ating source impedance, on P8 , and on the 
QL/Qu degradation due to active device and out-
put loading. The WET possesses operating char-
acteristics that enable it to achieve high QL/Qu 
and SNR, simultaneously. 

In a two-port oscillator, there are three contribu-
tors to QL degradation: the input resistance of 
the amplifier, the output resistance of the ampli-
fier, and the load resistance. One way to im-
prove QL/Qu and SNR1 is to use two devices in 
an oscillator circuit. This two-device circuit 
lightly loads the resonator due to the high input 
and output real parts of the JFET impedance. 
The load is isolated from the resonator by 
thus removing the third contributor to QL 
degradation. 

At low frequencies especially, take advantage of 
excess device gain to keep impedances large by 
using feedback. This will help to not load the 
resonator Q. 
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COUPLING NETWORKS 

Network 2 

port 20  

Zed —I. 

Poi 
Z.„ — be I. O7 

Network 1 Resonator 

The purpose of an oscillator's coupling networks 
are: to match the input/output impedance of the 
active device to that of the resonator for opti-
mum Pays, QL, and NF; to provide enough phase 
shift to achieve 0-deg. phase in the angle of the 
loop-gain transfer function at fo, where hopefully 
the loop gain is greater than 1.0 and near the 
maximum phase slope; and to select the desired 
operating frequency mode in a multimode oscil-
lator. Some common forms of coupling networks 
are presented in refs. 12, 9, 10, and 37. 

Three coupling network design objectives can 
also be stated mathematically as 

and 

and 

I S 21 I loop gain > ° dB 

LS 211 loop gain = 00 

for f = fo only; 

rnodei < 1.0 

for f fo and all nodes. 

Ref. 12. 9. 10. 37. 38 



Title: AN EVOLUTION INTO SAW RESCINATORS (Low Power Security -- FCC Part 15) 
by 

Ronald J. Coash -- Notifier/EMHART, 6050 N. 56 St. 
»ART Electrical/Electronic Group Lincoln, NE 68507 

SUMARY 

Surface Accoustic Wave Resonators 

are being used in applications such as: 

CATV, satellite subsystems, signal genera-

tors, security systems,garage door 

openers, etc. At Notifier, the SAWRs 

are being used in low power security 

systems. Few books have been written 

on SAWRs, so the best information to 

date appears in technical magazines 

and papers. 

Fundamential frequencys of SAWR oscillator circuits range from 150 MHz 

-------. 

SAW Resonators'Are 

To Work With...  77 ) 

Shoct Test 

COAri4 

to beyond 1;500 MHz. SAWRs exhibit characteristics of the historical bulk 

crystal devices, yet belong to a much different subclass of frequency stabil-

izers. The selection of a SAWR is more diversified than its lower frequency 

bulk crystal class of frequency stabilizers. Selection and evaluation are key 

words and are the main issues of this paper. The last page of this paper 

lists other sources of information on the subject of SAWR technology. 
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INTRODUCTION 

The factors involved in the use of SANRS in short range wireless data 

communications are paradoxical with cost and dependability being the most 

important issues. Traditionally, low power (about 6,000 uV/m at 3 meters) 

security alarm transmitters have been limited to LC and bulk crystal devices, 

but some manufactures are now using Surface Accoustic Wave oscillators as the 

frequency stabilizing element. The range of these devices is about 200-350 

feet (Null Free not Free Space Range). 

1.1 Current FCC requirements have made it increasingly difficult to design 

and manufacture cost effective %initure" RF transmitting and receiving devices. 

In several cases manufacturers are operating (or were at one time) under special 

wavers, thus prompting same of us to use slightly more expensive SAWR tech-

nology. Recently, costs have been reduced somewhat, thus making SAWRs more 

feasable with regard to R4/SAWRs being used in cost conscious designs. Many 

computing devices and portable radios radiate more interference (RFI/EMI) than 

is allowed for life safety devices under FCC Part 15. To further complicate 

the situation other regulations (UL 1023) require a one year battery life from 

a 9 volt "transistor radio battery". Formerly, Notifier manufactured bulk type 

crystal controlled frequency multiplier VHF transmitters that consumed more 

power per period of time than the present units do. In this particular case 

the transmitters transmit a supervisory signal once a minute for 24 hours/day. 

Note also that the transmitters are in the UHF range instead of previous VHF range. 
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The S-parameter treatment is convenient for use 
with network analysis. The measured 
S-parameter data can be used in computer mod-
eling and analysis, and for comparing measured 
and predicted performance. 

A coupling network can be tested with the 
setup shown. In this slide, Zio is the reference 
impedance for S22 at the output port, and Zoot is 
the reference impedance for S„ at the input 
port. The technique is exactly correct if 

and Z 02 = Zin I Port 1. Other conditions Zo1= Z out 1 Port 2 

are that Z. be measured with Port 2 terminated 
in ZIo, while Zoot be determined with Port 1 ter-
minated in Zoot. These conditions are not that 
easy to achieve; still, if the loop is broken 
where the impedances are reasonably well char-
acterized (real), and ideal (computer-simulated) 
transformers are employed to get different input 
and output reference impedances, a model de-
velops which provides fairly accurate loop gain/ 

-ce data. 
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From the previous model we get 

I loop gain I r-t-, I S21 I 

Lloop gain f-t-, LS21 

The results may appear as those shown, where 

QL = (f/2)(a/a0 0. 

and 

= ¿ S21(f) 

It's apparent from this example that oscillation, 
point b, ( LS„ = 0°) will not occur at the maxi-
mum phase slope, point c. Consequently, QL and 
the phase noise will be unnecessarily degraded. 
There is, however, sufficient loop gain (2 dB at 
point a) for oscillation. 

Adjustments to a coupling network make it pos-
sible to achieve maximum QL, that is, LS21 = 0° 
at the maximum phase slope. Coupling to the 
resonator can also be reduced (so that I S2, I •k,' 
+3 dB at LS2, = 0°) in order to increase QL. Re-
call that this action may have deleterious effects 
on PAys (the power available from the source in 
dBm) and noise figure as functions of the source 
impedance. 

CLOSED LOOP GRIN VERIFICATION 
,31121 Fr =0 

Network 1 Resonator Network 2 

r. 
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Another test (calculated or measured) for the ef-
fectiveness of a coupling network is to close the 
loop and analyze the reflection coefficient (I') at 
any node. This slide illustrates this concept. 
Looking at the output of the oscillator, the nec-
essary condition for oscillation is 

where 

Ref. 20 

ro > 

fo f I 

LP() 0° 

369 



1.2 Paradox/Contradictions . Strict Design Parameters ( for cost effectiveness) 

Transmitter specifications i cigarette pack size, at least 300 ft. range, low 

battery detect alarm,256 system codes, 32 transmitter codes, 4 transmitter function 

codes, error code, 15 uA. idle current, one year battery life, one minute short 

supervisory transmissions (every minute of the day),8 special codes, rugged, 

.251 bandwidth, special scheduled transmissions, no external antenna,and do all 

this for the nominal sum of $15 cost (factory). Then meet FCC and UL require-

ments for life safety devices that have greater restrictions than do other 

devices not involved in life safety issues. BY THE TEME THE DIGITAL DESIGN IS 

COSTED THERE IS LITTLE MONEY LEFT FOR THE R.F. SECTION. 

2.0 USE OF SAWR TECHNOLOGY VERSES LC CRYSTAL, etc. 

2.1 What is a Surface Accoustic Wave Resonator? A SAM is a frequency stabil-

izing devise which is used in much the same way as are typical bulk crystal 

elements, but does so at higher fundamental frequencies (150-1,500 MHz). How-

ever, the variations in the use of SANRs used here are more extensive and the 

specifications vary considerably. There are various articles and papers that 

have been written on this subject and the purpose of this paper is to cover 

the somewhat obscure aspects experienced in working with SAWRs. 

Since the SAWR operates on a surface 

phenomenum that does not appear to affect 

the bulk of the piezo-electric substrate, 

it was decided to try a truly fine idea as 

shown in Figure 2. The Mbdulator (Bulk) 

changes the length of the substrate and 

thus mudulating the spacing of the surface 

waves which determine the SAWR's frequency: 

SAW RESONATOR CIRCUITRY 
(affects surface only?) 

Figure 2 
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2.2 ADVANTAGES DISADVANTAGES 

Small size 

Up to +20 dBm in DIP ( 14 pin) 

Phase Selection (0 or 180 deg.) 

Frequency Range 150-1500 MHz 

Tolerance better than LC 

Rugged (Comp to VHF Bulk )(tal) 

Power Disipation>Flülk Xtal 

FSK/FM (Wide Deviation) 

Simplifies Design 

Frequency Stability 

Lower total current than Xtal Osc.8 UHF 

Few Spurious Oscillations 

Fewer adjustments (especially at UHF) 

Reasonably Priced in Hybrid Osc. form 

Manufacturing tolerances 

Aging>Bulk Crystal ( lOppm/Appm) 

Variation in Types (Selection) 

Limited to above 150 141z 

Yeild % (?4fg.) 

Still has harmonics 

Initial tooling $4,000-6,000 

Limited Number of Hybrid Low Cost 
Vendors 

(The above list is a partial one, but points out some obsecure facts See Page () 

RESULTS OF EVOLUTION 

3.0 The change from both LC oscillators and bulk crystal oscillators is a 

somewhat intermediate one with respect to overall characteristics. The SAWR 

manufactures have improved the devices over the past 3 years with respect to 

cost, tolerences, and yeilds. A lot of new ideas developed in piezo-electric 

'applications- pressure sensors,active filters,etc. 

tug IMO RIM eel INS Ilcit ell 1011 t=11 
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Once there is enough loop gain and the correct 
phase angle in a design, it's time to consider 
how to deliver power to the load. Power is typi-

cally taken from the resonator, but for the sake 
of flexibility, it should also be possible to tap 
signal power at any point in the oscillator loop. 
Tapping power at Vi, V 2, or V 4 may provide a 
high signal level to drive limiters and maintain 
a good noise floor. Node V, may have reduced 
harmonics content due to the lowpass filtering 
effect of the inductor. Taking power from V, 
may provide a lower noise floor due to some fil-
tering created by the stopband rejection of the 
resonator crystal. 

Another power-tapping technique is to reflect a 
load resistance, rL, to a desired output node, 
such that r is much greater than the real-part 
impedance seen looking back into that node at 
fo. This can be done with matching networks or 
transformers. As a consequence, the loop gain 
(and C2,) is reduced (less than 3 to 6 dB), and 
the output power may not be significantly 
reduced. 

Tapping power from the collector can provide 
out-of-band stability by reducing the real-part 
impedance as seen by the collector (common-
emitter and common-base topologies). This cre-
ates heightened rejection of undesired modes. 

There are many techniques for matching to a 
load. One method relies on series-to-parallel 
transformations, ref. 37. 

Oscillator Computer Analysis 

LOW NOISE OSCILLIRTOR DESIGN 

SPECTRPL PURITY 
Whet ineentd corny 00,74•447 

IS Mai detennne• 94.7191 node 

LOW NOISE OSCILLFITOR DESIGN 
Eelb111. 

a Select • manner 
C. !nee. cup., 44degy 
D. Select en «lire tr.. 

C. Irene matte,* netaert 
F. Menu. 

OSCILLPTOR COMPUTER gINPLIS 
Open 4•0 

0. Closed bee 

OTHER NOISE MECHPNISMS 
Spunous net« 
Upconvetted raw 
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A computer helps to evaluate oscillator circuit 
output-noise spectral density (phase noise) and 
signal power in a closed loop format by using 
linear, frequency-domain analysis techniques. 
This approach is really just an extension of clas-
sical feedback control theory. An oscillator is a 
feedback amplifier whose poles of closed- loop 
gain transfer function have moved into the right 
half-plane. Feedback amplifiers may be analyzed 
for noise and transfer function for any degree of 
peaking as long as the poles remain in the left 
half-plane ( resulting in no oscillation). If an os-
cillator is analyzed with its loop gain adjusted 
for poles very near the jw axis, the output noise 
spectral density will be essentially the same as 
if the poles were exactly on the jw axis (result-
ing in oscillation). 

Since this method accurately predicts and uses 
actual operating power levels, then P Avs does not 
have to be known apriori. The computer easily 
handles the changing NF as a function of rap-
idly changing source impedance near resonance 
since we are using actual noise generators in 
our modeling (not an assumed NF). 
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3.1 Developement of the FSK/FM hybrid oscillator (transmitter) occured with 

requirements in reduced size and adjustment expense. Below is one of the 

early circuits used for evaluation of FSK/FM SAW Resonator Oscillators. 

61 . 125" DIA.) 13/32 Air Core Coil 

470 pf 

DATA 
nput-5 v.( -P 

Figure 3 

The circuit above was later modified so that only one adjustment is 

necessary to set the main frequency and the frequency deviation. In adjusting 

the SAW TRIM capacitor, one tends to center the main frequency too much to allow 

for a frequency deviation range of 90-100 kHz. The component Q and design 

parameters of the phasing inductors connected to the SAWR are somewhat different 

than expe,ted. The use of high Q coils resulted in the oscillator running inter-

mittently ii a "free run mode" when being modulated. Reduction of coil wire 

size and coil size increased the pullability of the oscillator but the losses 

of the circuit were greater, thus requiring a different transistor bias level. 

The circuit components were placed in the same physical orientation as in the 

schematic diagram in Figure 3. 
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A rather basic oscillator test procedure was used: voltage variations, 

power supply switching, frequency and deviation amplitude measurements, etc. 

The most profound test was performed by placing the hand in contact with all 

of the oscillator components and upon removal watching the results as the 

preceeding tests were performed. Then the circuit was tested for maximum 

frequency deviation while maintaining stability, as shown in Figure 4. The 

object of the hand interference test is to test for oscillator recovery with 

and without the circuit pulled off frequency by the modulator. Variations in 

power supply voltage do not display the same results. 

CAUTION -- The circuit involved can eventually deteriorate the SAWR and its 

occurance is so gradual that it is not noticed at first. Changing the bias 

resistors on the base circuit is necessary for better long range performance. 

Damage to the SAWR occured at about +18 -- 20 dBm. At about +12 dBm the 

centerline frequency of the SAWR used would change perhaps indicating some 

internal heating of the SAWR itself. The goal to obtain signal output levels 

of 12,333 uV/m at 3 meters with a single stage SAWR was not obtained. Therefore, 

a hybrid oscillator with a buffer booster stage was added to the oscillator to 

obtain more output and save spaée. Note also that marketing requirements did 

not allow for a separate antenna to aid in design and range requirements in the 

initial descrete SAWR design. Essentially the goal became almost impossible to 

obtain thus making it necessary to maximize all aspects of the design. Again 

the parameters obtained are intermediate with respect to the advantages between 

LC and bulk crystal oscillators. The term intermediate is used here primarily 

due to the manufacturing frequency tolerance of low cost SAWR devices. 
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PERKING DUE TO LIMITING 

These figures demonstrate in more detail the 
process which allows linear- frequency-domain 
computer analysis to predict closed loop phase 
noise. If we focus on fo where LS„ = 0° and just 
modify 62,1, then the closed loop gain becomes: 

V 1 1 
V 1 o I - Ge - LS 211 

and we see as 6211-.1.0 then 

V 
oo 

goes to infinity. Note the shape of the closed 
loop gain peaking at the +3 dB corner, 

f =  , 
2QL 

changes very little whether the peak is 40 dB or 
90 dB or co. Very little is gained by focusing on 
very close in phase noise 

(fm «  
2Q1 

A basic modeling procedure for predicting pa-
rameters like phase noise, Porn, or node voltages 
and branch currents follows eight steps: 

• choose a limiting mechanism (e.g., collector 
current) for modeling the oscillator. Typically, 
adjust 1S2,1 of the active device to model the 
collector current cutoff limiting. 

• inject a current source into any node. 

• adjust the gain 1Sn' to model the limiting mech-
anism so that the closed- loop gain peaking is 
greater than 40 dB. 

• monitor the emitter current at resonance dur-
ing the computer analysis and scale the 
computer-analyzed value to the limiting cur-
rent actually found or predicted in the circuit. 

• scale all node voltages and branch currents by 
this factor. This provides output voltage, reso-
nator voltage, and any other branch current or 
node voltages during oscillation. 

• remove the current source and add all appro-
priate noise voltage and current sources. 

• plot the spectral density of the output noise. 

• review the ratio of the output voltage to the 
output noise (in a 1 Hz bandwidth) gives the 
predicted SNR,, hence the phase noise: 

at(fro) = —SNRo(fro ) — 3 dB (for PM only) 

because the shape will remain a constant 6 dB/ 
octave unless we are investigating the effects of 
crossing high Q spurious modes. Ref. 11 
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4q0 

›.1013EL F.IMPLIIIIDE LIMITING 

This transistor oscillator is biased for collector-
current cutoff-limiting (no saturation) operation. 
Experience teaches us that when the transistor 
goes into compression then 1S2,1 decreases and 
LS21 remains approximately the same. As a re-
sult, the loop gain variation with level can be 
modeled through 62,1 adjustments alone. A more 
sophisticated model might use full-blown large-
signal S-parameters and adjust S11, S„, and 

S22 accordingly (this has not been found neces-
sary to achieve accuracies within 1 to 2 dB). 
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Discrete SAWR Osc. with 180 kHz Dey. Hybrid Oscillator with 100 kHz Dey. 
Figure 4 Figure S 

SPBCTRUM ANALYSIS -- MODULAIION 

It should be noted that the SAM 

manufactures recomend deviation rates 

of about 100 ppm and not as is shown 

in these figures. A typical SANR 

oscillator specification sheet is on 

page 9. (Courtesy of RF Monolithics, 

100 kHz Dey. Dallas, Texas) IFR Signal Generator 
Figure 6 

3.2 The circuit in Figure 3 was modulated with a logic (data) signal voltage 

of 4.6 volts = logic high and about 0.15 volts = logic low. The modulation 

deviation curve is shown in Figure 7. The same device could be used as a VCO 

local oscillator in a receiver. In this case the VO) d.c. supply did not stay 

stable enough over a period of time, thus a fixed SAM oscillator is used. The 

particular I C used exhibited voltage reference drift that was significant. 
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Change in Frequency 

MODULATION DEVIATION CURVE 

.2-1.2v = 44.2 KHz 
3.2-4.2v = 4.2 KHz 

Figure 7 
Modulation 
Voltage 

3.3 The harmonic level mentioned in Section 2.2 is somewhat varied and depends 

upon the output circuits. An interesting observation occured during near field 

measurements in a chamber @ 1 meter and open field measurements @ 3 meters, as 

shown in Figure 8. The asteriks designate the open field results. Also note 

the differences in horizontal and vertical polarization tests. 

70- 

811- 

5s-

4,- 

Horizontal polarization -Chamber test only shown 

 ,711411.1-11,---,-----,Undlel 44 

Verttcal pelarization i-inqicatea open fetid tests-OKT 

408.8M14: 800.8MHz 
PERK SCRS PLOT 

NOTIFIER MPS-832 TRONSMITTER 

I. 21,4z 

87 OCT 1985 
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The next step in this example is to adjust SA 
until there is at least 40 dB peaking in output 
due to Is The exact amount of peaking is not 
critical, so long as 

I (fr,) 
20 log e ≥ 40 dB 

le(f » fo) 

Following this, monitor the emitter current and 
scale peak value of le(f) to the actual emitter 
bias current. IE 

scale = 1E/EIe(f)niej 

With this completed, all node voltages and 
branch current of interest can be predicted with 

Vo = scale x Vo(fo)rnex = output voltage 

V, = scale x VN(f0) any node 

IB = scale x IB(fo) or branch 
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The next step is to remove Is, introduce all 
noise generators, and plot the spectral density of 
the output noise voltage. The computer can au-
tomatically generate appropriate noise for all 
lossy elements. 

The use of noise current in, accounts for that 
component of in which increase as f approaches 

fT. ( f » fa). 

Ref. 7, 8 
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120 

[On) 

-190 

1Bc 

Hz 160 

20 logf e- 2 1 - 3d13 

10-1. 

 10-
1KHz 10101z 1001cHz 1MHz f. 
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Output phase noise ot(fm) is simply the ratio of 
output noise, eo(f = fo fm), to the output signal 
voltage, Vo, subtracting 3 dB for the desired 
phase modulation components only: 

eo(fin ) = eo(f = 

ot(frn ) = 20 log [eo(fm)/Vo] —3 dB 

Unfortunately, this procedure gives no indication 
of AM noise performance. However, experience 
has shown that the AM noise is often within 3 
to 6 dB of the phase noise floor for 

f ° 
2QL 
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(Courtesy of RF Monolithics) 
Dallas, Texas 

FIGURE 2 lYpical SAW hybrid oscillator specifications 

Operating Frequency: 

Fundamental output range 
With integral multiplier 

4.0 CONCLUSIONS -- Some not so obvious SAWR characteristics -- SELECTION of SAWR 

0 or 180 degrees (RS or RP) -- Depends upon active device used 

1,2,3, or 4 Port -- Insertion Loss 
150 MHz to 15111 MHz 
up to 6000 MHz 

Operating frequency note Offset PM Characteristics 
Frequency Tolerance: ± I 0 ppm at 25° C 

Frequency tolerance 
lèmperature Stability: Maximum operating frequency shift 
Uncompensated Less than 100 ppm for 100T change Temperature Stability of various types 
With integral compensation Less than Ill ppm for 100°C change 

SSB Phase Noise: 500 MHz operating frequency 2,3, or 4 Poles 
at 0.1 K Ilz offset Less than - 75 dBc/Hz 
at I.0 K H7 offset Less than - 105 dBc/ilz Tooling Charges for new frequencies 
al 10K Hz offset Less than - 130 dBc/Hz 
Noise floor Less than - 135 dBc/Hz Input and output capacitances 

Power Output: - 30 dBm to + 20 dBm 
Unloaded Q 

Modulation Options: 
Pulse modulation 40 dB on/off ratio standard at Ple.tIfitelliger TUrricurer temperature 

50 KHz clock rate 41,, tek 3 I SPftro at 
FSK modulation Up to 100 ppm frequency deviation a* oiLcmce. Bandwidth -- On FSK/FM Uses 

at 50 KHz clock rate (his ftberaim40 
3/iAllii'fr DC Breakdown Voltage 

Supply Voltage: + 5 Vdc, + 9 Vdc, + 12 Vdc 
± 10% standard 

Packaging: Dual in line metal package; 
Surface mount metal package: 
Custom 

FIGURE 3 Free running phase noise of 567 MHz SAW FIGURE 4 SAW Hybrid oscillator temperature 
performance. Curve A — uncompensated oscillator. 
Curve B— integrally compensated oscillator 
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Series Capacitance -- Resistance -- Inductance 

Max Power disipation ( if running near limit) 

There are other factors involved and awareness of the above is the purpose 

intended here. As an exercise, try deciding between a 0 degree and 180 degree 

SAWR and the benefits of each. In building an impedance inverting Pierce 

oscillator, one would probably use a dual gate FET and a 180 degree SAWR, only 

to later decide to use a 0 degree device in a hybrid circuit with a buffer 

stage. The point being that there are many variations in the use of SAWRs and 

some pre-study and planning is needed to avoid mistakes. 

Sources of SAWR technology information: RF Mbnolithics--Dallas,TX; SAWTEK--Orlando, 

FL; Andersen Laboratories--Bloomfield, CT; Frequency Control Symposium; RF Design 

Magazine; Microwaves & RF Magazine. 
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These two figures show the computer model 
and a comparison of predicted results versus 
measured data. The computer model was even 
more detailed, including parasitic reactances and 

ei and in. Small signal S-parameter data were 
used to model the transistors. 

The discrepancy below 10 kHz is due to SAWR 
1/f noise and PLL residual noise. The discrep-
ancy above 100 kHz is due to noise contribu-
tions of 4 buffer-limiter stages which were not 
modeled; measurements in phase noise floor 
with the buffers removed indicate —165 dBc/ 
Hz (computer suggests —167 dBc/Hz). 

The advantages are that we have a precise and 
controllable experiment with which to better 
understand the "whys" behind the oscillator per-
formance and predict worse case conditions. 

IS„pl , 3 1 dB 

15, pl c 2 0 dB 

SpOl I \\se. 

LOW NOISE OSCILLRTOR DESIGN 

SPEC TRPL PURITY 
Mel IF spec.. cF91.4...FF 
VS,F, de,ennInn, n,ccnn end,' 

LOW NOISE OSCILLPTOR DESIGN 
I% anectrecs 
IS Seed • reanneler 

C. Snect • don, tognéogy 
O. Sided on ect..e 

C. Select InFenll ncn.c. 
F. Ilemune 

OSCILLITOR COMPUTER PNPUTSI 
One. 9c9 
Closed nsco 

OTHER NOISE MECHPNISMS 
Sp..nous mod« 
Uccomenes name 

One-port or negative resistance type oscillators 
may be handled similarly. The procedure in-
volves modeling the oscillator in the manner ap-
plied to two-port oscillators, adding in all noise 
generators, and adjusting —R or 62,b1. 

The adjustment of IS„bI to achieve better than 
40 dB peaking can be automated if an analysis 
program has optimization capability. The tech-
nique requires searching for a peak near reso-
nance and optimizing IS„b1 for maximum peak-
ing. It should be kept in mind that fo changes 
slightly with IS2,b1. 
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Sub = common base S„ 

111,1 
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Computer analysis also allows modeling spurious 
modes (such as transverse, crossing, and tracking 
modes) in a resonator (model or use measured 
S-parameter data). The technique consists of re-
peating the phase noise analysis either near (f.) 
or coincident (f.) with the undesired mode. In 
this way, it's possible to see the blooming effect 
on phase noise due to degradation in phase 
slope for a coincident mode, or phase noise 
peaking in the noise floor away from the carrier 
due to an adjacent mode that comes within 3 to 
6 dB of the loop gain of the desired mode. 

These analyses were computed from a SAWR 
oscillator using S-parameter data of the SAWR 
which has a transverse mode approximately 
200 ppm above the desired mode. 

MODELLING 
SPUREOUS MODES 
• 

fo, 

'Of 

Computer 
Predcled 

.-Degradaton 
Out lo 
Transverse mode 
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A more complicated noise degradation mecha-
nism is low-frequency noise upconverted around 
the carrier. Low frequency noise contributors 
(1/f base current noise and en or in) may cause 
excess emitter current noise in the audio fre-
quency range if no attention is paid to low fre-
quency source impedance and feedback effects. 
When the active device is near compression, the 
upconversion gain for ie up around the carrier 
can be as low as —3 to —9 dB. We can measure 
this by injecting a low level current ie into the 
emitter: 

Audio upconversion gain, Gc, is 

ie(1 GHz + 1 kHz) 
G, = 20 log 

ie(1 kHz) 
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A TRACKING IMPEDANCE MEASUREMENT SYSTEM 
for Control of Tunable Networks 

by 
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Cedar Rapids,Iowa 52498 
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ABSTRACT 

Applications for advanced design. tunable, HF impedance 

matching networks and filters require accurate impedance 

measurements. This paper describes a Tracking Impedance 

Measurement System ( TIMS) which provides capability for actual 

in- line impedance measurements. For comparison, a conventional 

phasing-loading discriminator provides only relative magnitude 

and phase angle measurements based on a reference impedance. The 

TINS operates over a wide power range in the HF band yet 

generates virtually no noise or spurious signals. Digital 

outputs are updated rapidly and may be used to calculate 

impedance, reflection coefficient, and VSUR in real time. These 

features permit performance of remote impedance measurements. 

The TIMS also provides selectivity to reduce errors due to 

interfering signals. 

INTRODUCTION 

Impedance networks are used for antenna couplers ( matching 

networks) and filters in the high frequency range. Figure 1 

shows simplified examples of a typical antenna coupler circuit 

and a bandpass filter ( BPF) circuit. Fixed tuned impedance 

networks are used for applications in which only one frequency 

is used such as broadcast transmitters. For applications 

requiring the use of several frequencies, adjustable or tunable 

impedance networks are needed. Manually adjustable impedance 

networks were used for many years and are still used for 

applications which require infrequent retuning. Applications 

requiring many frequency changes or rapid retuning use 

automatically tunable impedance networks. 

Automatic tuning of an impedance network requires a control 

system and a sensing device. The control system may be a closed 

loop analog servo control system or a digital control system. 

In either case a sensing device and tuning criteria are needed. 

In this presentation I will be primarily discussing sensing 

devices. I will first review the function, application, and 

limitations of the conventional Phasing- Loading discriminator. 

I will then present a new concept in sensors for automatic 

tuning systems called a Tracking Impedance Measurement System 

(TIMS) which I will call TIMS for short. I will discuss the 
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The phase noise in amplifiers due to low fre-
quency noise ine (fio) is then 

ct (fro) = 20 log  

—3 dB + upconversion gain 

and in the oscillator add the peaking 

ine(fm) 
(fro) = 20 log 1.(f0) 

—3 dB + Gc + 10 log[1 + 2Q1;:ym )21 

To prevent these problems analyze via computer 
the emitter current noise spectral density of the 
oscillator and all buffer chains from DC to be-
yond fo. Typically, the noise floor due to this 
mechanism should be 10 dB lower than the 
specification limit of that contributed by the 
oscillator. 

There appears to be at least two kinds of 1/f 
noise in transistors: (1) upconverted 1/f compo-
nent of base current noise; (2) 1/f phase modu-
lation of the RF signal through the transistor. 
The reason these components seem separate and 
distinct is that component (1) should be level 
dependent since it is upconverted by a nonlin-
ear mixing process. Our measurements show 
that the 1/f PM of active devices remain virtu-
ally constant over a significant range of RF 
power (from limiting to well inside the linear 
active region [ small signal)). Also measuring the 
1/f base current noise and the upconversion co-
efficient we find that the actual residual 1/f 
phase noise of the amplifier is 20 to 30 dB 
greater than hat predicted by upconversion. 

SUMMARY 
seEcrepL PuFaTy 

LOW NOISE OSCILLPITOR DESIGN 
P. Reonators 
B. C.rcuits 
C. Pcl.ve Dev.ces 
D. Matcrvng 
E. Measurements 

COMPUTER PNPLYSIS 

OTHER MED-If-4115MS 
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In summary some of the causes of phase noise 
in oscillators and what to do about them were 
discussed. The effects of resonator Q, resonator 
and device 1/f noise, and AM-FM conversion on 
phase noise were discussed. Oscillator topologies 
and active devices were looked at. Coupling to 
resonators and coupling to loads and their ef-
fects on noise were examined. Methods of mea-
suring and computer modeling the causes of 
noise in oscillators were discussed. And lastly, 
mention was made of other mechanisms that 
can cause noise. 
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Appendix I 

at(f..) = 20 log-2 narrowband FM approximation 

Lg.) S 

2 

(L) S.(f.) — 3 dB} for « 1 

In this article we have assumed (f.) S.(f...) — 3dB everywhere for sim-
plicity. Actually as we approach the carrier ¿(f.) flattens out: 

Reason: IV is the power in 1Hz band centered f Hz off the carrier 
due to PM divided by total signal power. This is %AM we would see on 
a spectrum analyzer with a 1Hz B.W. if reference level (0 dB) was the 
total signal power. 

S.(f.) is the phase spectral density or 20 log ae(f.) in the 1Hz B.W. 
Here's a simple example which may clarify: 

for ,lot > I radian 

Signal: V(t) = cos(wct + 10 sin 2. 10't or carrier with àf 10 kHz 

fm = 1 kHz: — 10 - mod index 



function, operation, and application of the TIMS. servo control system and the system will be stable at the tune 

The TIMS was invented by Mr. Harvey L. Landt of Collins 

Defense Communications, Rockwell International Corporation, 

Cedar Rapids, Iowa. Mr. Landt holds United States Patent No. 

4,506,209 issued March 19, 1985 for the TIMS. Full credit and 

acknowledgement is given to Mr. Landt for this design and for 

his assistance in the preparation of this paper. 

CONVENTIONAL PHASING- LOADING DISCRIMINATOR 

Tuning criteria which have been used in the past for manual 

adjustment of impedance networks are not easily adaptable to 

automatic tuning control systems. For example, finding minimum 

current or voltage, maximum current or voltage, or minimum 

reflected power are criteria that may be used in a manual tuning 

system, but are not easily adapted to automatic tuning systems. 

Figure 2 shows typical sensor signals versus tuning element 

position. In 2(A) a minimum is to be detected and in 2(6) a 

maximum is to be detected. In either case the sensor signal or 

error voltage is always of the same polarity and cannot be 

detected with a zero seeking closed loop servo control system. 

Figure 2(C), however, shows a sensor signal which passes through 

zero at the tune point and has opposite polarity on either side 

of the tune point. This signal can be used with a zero seeking 
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point. The conventional Phasing- Loading Discriminator provides 

this type of error signal. 

=191111.1.L_DZUBMIal 

The conventional phasing- loading discriminator is placed in 

series with the RF transmission line at the point tuning 

intormation is desired. This is usually at the input of an 

antenna coupler or filter. It contains two error sensing 

circuits, one for phasing and the other for loading. 

The phasing circuit shown in Figure 3 combines PF voltage 

and current samples vectorially , rectifies the vector sums, and 

combines the DC voltages to provide a DC output error signal. 

This error signal is a function of the phase angle between the 

transmission line voltage and current. The phasing circuit is 

adjusted to provide an error signal of zero volts when the phase 

angle is zero. A positive DC error signal may indicate the 

phase angle is inductive and a negative DC error signal would 

then indicate the phase angle is capacitive. In either case the 

magnitude of the error voltage is a function of the phase angle 

magnitude, but it is not necessarily proportional. 

The loading circuit shown in Figure 4 rectifies the 

individual voltage and current samples and then combines the DC 

voltages to produce a DC output error signal. This error signal 

MCI MI MI5 MIR MIR UM ICI OM MI Mil SIMI MI dl MI MO es ma 
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= 10 sin 2. 10't no harmonics 
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is a function of the impedance magnitude. The loading circuit 

is adjusted to provide an error signal of zero volts when the 

impedance magnitude is the desired tuned impedance, usually 50 

ohms. A positive DC error signal may indicate an impedance 

magnitude greater than 50 ohms and a negative DC error signal 

would then indicate an impedance magnitude less than 50 ohms. 

In either case the magnitude of the error voltage is a function 

of the ratio of the actual impedance magnitude to 50 ohms, but 

it is not necessarily proportional. 

The combination of the phasing and loading circuit response 

is shown in Figure 5 using a Z- plane which is a graphical 

representation with rectangular coordinates plotted as ( R,jX). 

Note there are four basic zones separated by the R axis and the 

IZI curve. The phasing and loading discriminators individually 

provide directional and speed control error information for a 

zero seeking servo control system for one of the reactive tuning 

elements. With appropriate logic control and servo gain and 

stability circuits the reactive elements can be positioned so 

the impedance at the discriminator location is 50 + j0 ohms. 

APPLICATIONS AND LIMITATIONS 

The phasing- loading discriminator is used primarily with 

analog servo control systems. Many automatic tuning antenna 

couplers have been designed and produced with this type control 

system in the past 30 years for use on aircraft, land vehicles, 

transportable shelters, 'shipboard, and submarines. Also 

automatic tuning bandpass filters have been designed and 

produced for many applications including high power filters for 

shipboard multicouplers. The phasing- loading discriminator has 

also been used in the last several years with automatic digital 

tuning control systems for antenna couplers. 

Some important limitations 

discriminator are: 

1. Not calibrated for impedance measurement 

2. Susceptibility to interfering signals 

3. Diode noise 

4. High RF power level required 

Impedance Measurement 

The accuracy of the DC output signal voltage from the 

phasing or loading discriminator is affected by several factors 

such as RF power level, diode characteristics versus frequency, 

and sampling circuit characteristics versus frequency. 

Therefore the phasing and loading error signals cannot be 

calibrated to enable accurate impedance measurements. Referring 

again to Figure 5 only relative impedance information is 

available as described by the four zones on the graph. For 

example at point A, the impedance magnitude is greater than 50 

ohms and the phase angle is inductive. At point B the impedance 

of the phasing- loading 
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LIST OF SYMBOLS 

f = offset frequency 

FM = frequency modulation 

AM = amplitude modulation 

S- = scattering parameters 

- loaded Q 

SAW surface acoustic wave 

P... — power available from source 
(resonator) in Watts 

— 10 log P... + 30 dBm 

Po = output power 

CE = common emitter 

CC = common collector 

CB = common base 

r reflection coefficient 

"= angle of loop gain 
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LIST OF SYMBOLS 

• VCO gain: Hz/Volt 

rGo group delay 

= emitter dc bias current 

I, = collector dc bias current 

emitter AC signal current rms 

= frequency of oscillation 

= collector noise current in A.,,./0-i7 

emitter noise current in A.../ 

t(fm) — single sideband power in a 1 Hz band-
width (due to phase noise) referred to 
signal power in dBc/Hz (see 
Appendix II) 

SNR, = signal to noise (1 Hz BW) referred to 
input in dB = 

10 log 
FkT 

L(fm): «firm) — 10 log L(fm) 

NF 10 log F = noise figure in dB 

F = noise factor 

e0 output noise voltage in volts rms/VF 

G — active device gain 

▪ — source resistance 

= current gain-bandwidth 
K. (AM/FM) VCO gain due to AM-FM in 
Hz/%AM 

• open loop phase noise 
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magnitude is less than 50 ohms with a capacitive phase angle. 

Thus only coarse logic decisions can be made to aid the control 

system to adjust the tuning elements for the tune point. 

Susceptibility 

The conventional discriminator provides no selectivity for 

rejection of interfering signals conducted from the antenna 

through the antenna coupler to the discriminator ( back door 

interference). Interfering signals at a different frequency 

coupled to the antenna from other nearby transmitting antennas 

can thus cause the antenna coupler to mistune. 

Diode NO10£ 

The rectifier diodes in the conventional discriminator can 

cause noise to be transferred to the RF transmission line. This 

is an important consideration for low noise transmitter systems. 

Power Level 

The voltage and current samples must be lightly coupled to 

the transmission line to minimize power loss and alteration of 

the transmission line impedance. Light coupling results in 

small sample voltages. The RF power level must be high enough 

so the sample voltages can sufficiently overcome the diode 

voltage drop and provide the necessary sensitivity for the servo 

control loop. The required RF power level for the conventional 

discriminator is usually in the 100 watt to 200 watt range. 
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TRACKING IMPEDANCE MEASUREMENT SYSTEM 

The Tracking Impedance Measurement System or TINS was 

developed to overcome the limitations of the conventional 

phasing-loading discriminator. 

D 

The TIMS shown in the block diagram of Figure 6 is an 

impedance measurement system consisting of a directional 

coupler, discriminator stage one, discriminator stage two, an 

A/D converter, and an I/O device. 

The directional coupler is placed in series with the 

transmission line at the point impedance measurements are 

desired. It provides forward and reflected RF voltage samples 

to the discriminator stages. From the forward voltage sample, 

an injection signal is derived which tracks the signal from the 

signal source but is offset by 10 kHz. The injection signal is 

then used to convert the forward and reflected voltage samples 

to 10 kHz signals which are representative of the original 

voltage samples. The frequency of the converted signals is 

constant at the offset frequency of 10 kHz, regardless of the 

operating signal frequency. These constant frequency signals 

are filtered to provide selectivity and processed with low 

frequency circuits to derive voltage analogs of the forward 
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voltage, reflected voltage, and phase angle between them. These 

three voltage analogs are supplied to the A/D converter. An I/O 

device such as a microprocessor can then use the digital form of 

the forward voltage, reflected voltage, and phase angle to 

calculate the reflection coefficient, impedance, and voltage 

standing wave ratio ( VSWR). 

The TINS overcomes the limitations previously noted for the 

phasing-loading discriminator. 

Impedance Measurement 

The TIMS automatically tracks the signal frequency and 

provides accurate impedance measurements rapidly when the signal 

frequency is changed. 

Susceptibility 

The TINS provides selectivity to reject interfering back 

door signals. 

Noise 

The directional coupler contains no noise sources. It 

provides 30 dB of isolation between the transmission line and 

possible noise sources in the discriminator stages. 

Power Level 

The discriminator stages operate with low level signals. 

With appropriate signal attenuators between the directional 

coupler and the discriminator stages, the TIME can provide 

accurate impedance measurements even with the forward power 

level as low as 10 milliwatts. 

OPERATIONAL DESCRIPTION 

Directional Coupler  

The directional coupler is a balanced bi-directional 

assembly which provides an RF forward voltage sample and an RF 

reflected voltage sample. Approximately 30 dB isolation is 

provided between the transmission line and the voltage sample 

output. The directivity is greater than 40 dB. For example if 

the directional coupler is terminated with a 50 ohm resistive 

load with a forward power of 100 watts, the reflected voltage 

sample will erroneously indicate a reflected power of 10 

milliwatts or less. The resulting VSWR error is less than 

1.02:1. 

DiM.LiAtiâlt2r_JU2LEILSIne 

The block diagram for discriminator stage one , which is 

essentially a dual channel receiver, is shown in Figure 7. The 

forward voitage sample is applied via a fixed attenuator to an 

automatic gain control ( AGC) circuit which is part ot the 

forward voltage channel. 

level of both the sampled 

reflected voltage. The 

The AGC circuit controls the signal 

forward voltage and the sampled 

AGC circuit in the forward voltage 

channel includes an electronically variable attenuator and an PF 

amplifier, the combination of which comprises a variable gain 
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Broadband GaAs Monolithic Amplifiers and Their Applications 

By Terence J. Cummings 
Applications Engineer 
California Eastern Laboratories 
3260 Jay Street 
Santa Clara, CA 95054 

Introduction 
NEC has recently introduced three new low cost broadband MMICs designed for medium 

power, low noise, and gain block applications. Each MMIC is a cascadable, multi/octave, 50 ohm 
device. Typical bandwidths are from 50 MHz to 3GHz with NF as low as 2.7 dB for the UPG100 
and high linear power of 20 dBm for the UPG101. The third device is the NEPA1001 which is a 
general purpose GaAs MMIC which is similar to the UPG100 except with a higher noise figure. 

Application of these amplifiers is limited only by the designers imagination. These devices 
are relatively simple to use, but their wide bandwidths and high fmax require care and good design 
technique. It is our intent to help the designer who may not be totally familiar with using these 
devices. 

Performance Specifications: 50 to 3000 N11Iz 

NEPA100  
Item units min te 

Linear Gain dB 10/12 
Flatness ±dB 
Noise Figure dB 4/4.3 
Power Out PldB 7 9 
Isolation dB 35 40 
Input R.L. dB 6 10 
Output R.L. dB 10 16 
Idd rnA 40 60 
Vdd 5 
Igg mA 4 
Vgg -5 

UPG100 UPGIO 1 
man sin ly12 mn a min 1X12 InaX 
15 16 14 16 
1.0/1.5 1.0 1.5 1.0 1.5 
4.5/5 2.7 3.2 5.5 

3 6 17 20 
30 40 30 40 
7 10 7 10 
10 13 10 13 

80 30 45 60 70 100 160 

5 
5 8 

0.7 1.5 1.1 3.0 
-5 -5 

* NOTE: These parameters are divided into two frequency bands: .1 - 2 GHz and 2 - 3 GHz. 

Fabrication of the NEPA1001 
The NEPAIOOlis a two stage GaAs MMIC broadband amplifier using FETs with a closely 

spaced electrode structure. The devices are fabricated by self- alignment technology using Al 
side-etching techniques to obtain reproducibility of the spacing between the drain to gate and the 
source to gate electrodes. As a result, these spaces are reduced to . 4 micron. Resistance is 
reduced in both electrodes and results in a cutoff frequency of 18 GHz. This process is unique in 
its utilization of ion- implantation. The FETs active layers are formed by using silicon 

GaAs SEN , INSULATING SUBSTRATS 

Fig. 1 Fig. 1B 

ion- implantation into a semi-insulating GaAs substrate. These implanted layers are then annealed 
in a hydrogen atmosphere. All metalizations on the chip are defined by using dry-etching 
technology. Combining these fabrication techniques results in a highly reproducible GaAs MMIC. 

Fabrication of the UPG100 and UPG101 
The UPG100 and UPG101 are also two stage broadband MMIC amplifiers. Fabrication of 

these devices is slightly different than the NEPA1001. The UPG series amplifiers employ a FET 
structure which has a tungsten silicide (WSI) offset gate instead of the closely spaced elecrtrode 
structure. Otherwise the same general process are used for both series of amplifers. The tungsten 
silicide structure was chosen to improve durability of the devices as well as improve yield and 
manufacturability. The tungsten silicide process uses what is typically known as a T gate. This 
process allows the deposition of other metals (Ti, Pt, Au) on top of the tungsten silicide Schottky 
gate. As a result, higher conductivity is possible, providing improved overall performance. 
Presently, this process lends itself better to MMIC fabrication than the close electrode structure. 
The close electrode structure features side wall etching to achieve short gate lengths. This process 
does work well, but is more diffiult to control for complex devices. Another advantage of the 
WSI technology is improved protection against electrostatic discharge. 

Circuit Configuration 
The configuration for the UPG100 and 101 are nearly identical. The UPG100 is the low 

noise version and differs mainly in the type of FETs used. The first stage uses a gate width of 
approximately 1000 microns to improve the input return loss. The second stage uses a device that 
is about half the gate width of the first stage for improved output return loss. Both devices have 
gate lengths around . 8 micron. One would expect a low noise device for the input which is 
typically a smaller device. Since smaller FETs exhibit a somewhat higher impedance than larger 
devices, a larger FET was chosen to simplify the required input matching circuitry. 

Figure 4 Figure 2 Figure 3 
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amplifier. The output of the variable gain amplifier is applied 

to another RF amplifier and then to an RF detector and bias 

amplifier which converts the sample forward voltage signal to a 

variable amplitude DC signal which is used to adjust the 

variable attenuator. This automatic gain control maintains the 

voltage level and provides a signal at the output of the 

variable gain amplifier which is representative of the forward 

power applied to the directional coupler. The combination of 

the fixed attenuator, the variable attenuator, and the 

directional coupler isolation reduce the signal to the 

appropriate level for the discriminator circuitry. The variable 

attenuator is automatically adjusted over a 56 dB range for 

proper operation of the discriminator with variations of the 

power level at the input to the directional coupler. 

One output of the forward voltage channel variable 

attenuator circuit is an RF sample which is applied to 

discriminator stage two for generation of the injection signal. 

The injection signal is applied back to discriminator stage one 

where it is applied to a power splitter. One output from the 

power splitter is mixed with the forward voltage signal output 

from the variable attenuator. The output of the mixer is a 10 

kHz signal which is applied to a low pass filter which passes 10 

kHz. Signals above 30 kHz are terminated via a high pass filter 

and a resistor. The output of the low pass filter is applied to 

380 

a fixed gain amplifier 

passes 10 kHz. The 

rectifier to obtain the 

analog that represents 

and then to a bandpass filter which 

signal is then rectified by a full wave 

output signal EF which is a DC voltage 

the voltage of the forward power applied 

to the directional coupler. 

The reflected voltage channel also includes an 

electronically variable attenuator which is controlled by the 

AGC circuit. The operation of the reflected voltage channel is 

identical to the forward voltage channel operation with one 

exception. In the reflected voltage channel a dual gain 

amplifier is used between the low pass filter and the bandpass 

filter. When the circuit is initially used and there is a 

substantial amount of reflected voltage sampled by the 

directional coupler, then the low gain setting of the dual gain 

amplifier is utilized. However as the impedance network being 

tuned approaches the tuned condition, then the reflected sample 

decreases and to provide .an accurate measurement, the high gain 

setting of the dual amplifier is used which essentially expands 

the scale of the reflected voltage measuring circuit. The 

output signal ER is a DC voltage analog that represents the 

voltage of the reflected power existing at the directional 

coupler. 

The phase angle between the forward voltage and reflected 

voltage output signals from the respective bandpass filters is 

r._ .••• - One. • 11.̀  SO-



Figure 5 

The UPG101 uses 2 larger 1000 micron FETs for both the input and output. The larger 
output device is the key to the higher output power. Normally, drain currents over 60 inA are very 
difficult to control using internal bias circuitry, To overcome this problem, an external RFC is 
required to supply bias to the final stage. Even though the internal drain resistor is bypassed by an 
external RFC, it still serves two functions. The first is to improve output VSWR and secondly it 
provides improved circuit stability from high impedance loads. Failure of the RFC will not 
damage the device. If Vdd is lost to the choke, the drain current will be about half. At this current 
level the internal resistor can still safely dissipate the power. 

.00 1.0.1 

001.01 

Figure 6 

OUTPUT 

Since the UPG100 has a typical drain current of only 45 mA, internal bias is used and 
therefore an external choke is not required. 

A slightly different configuration is the NEPA1001. As shown below, feedback is 
achieved from the drain of the first stage. The NEPAI001 is a gain block, but can be used in other 
applications. A low noise figure was not a design goal for this amplifier. Using this amplifier is 
similar to using the UPG100 in that an external RFC choke on the output is not required. 

.00 

Figure 7 Figure 8 

Unfortunately, nature's limitation to the amount of capacitance which can be achieved on 

GaAs necessitates external blocking capacitors. External blocking capacitors should be of good 
quality with low ESR and minimal parastics. 

One should consider these capacitors as a series RLC network and keep in mind that their 
physical size could be too large at 3 GHz. Capacitors other than chip capacitors are not 
recommended. Leaded capacitors will have too much parasitic reactance. This will either degrade 
the overall performance of the amplifer or result in unexpected oscillations. 

The low frequency performance is also limited by the available capacitance. The internal 
stages inside these amplifiers am not DC coupled. They all have a blocking capacitor to provide 
DC isolation in between the stages. This capacitor only serves to block DC. Pealcing is provided 
by the inductor in between the two blocking capacitors The other critical reactance is Cgs of the 
following stage. Together L and Cgs achieve a dominant pole slightly beyond 3 GHz. 
Unfortunately the inductor takes a lot of room also; thus complete peaking is not achieved. Typcial 
values for the blocking capacitors and peaking inductor are listed below. 

CI: 
LI: 
C2: 

NEPAI001  
20 pf 
3.2 nh 

UPG100 
25 pf 
3.2 nh 
8 pf 

UPG 1001 
25 pf 
3.2 nh 
10 pf 

The internal blocking capacitors are the limit of the low frequency response of around 50 
MHz. When using caspa.citors in MMICs, the low frequency limit is a difficult problem due to the 
amounz of space these elements require. 

Digitizing the Amplifiers 
These amplifiers will not perform as well as DC coupled amplifiers for digital data. This 

type of amplifier will distort a digital waveform. Distortions can be seen as poorly defined peaks 
and valleys in a 1.2 gigabit NRZ stream. Typical bandwidths required to overcome this problem 
are approximately 100 KHz to 1.6 CiHz and up. The limitation lies mainly in the low frequency 
limit of the amplifier. The upper limit defines the maximum data rate the amplifier can reproduce. 
At this time NEC is developing a new AGC amplifer which will be suitable for high speed digital 
data. 

Application of the UPG100 and the NEPA1001 
Simplicity is always desired in any circuit. These devices require only a few external 

components. As with any RF circuit, good grounding technique (up to and including microwave 
frequencies) is of primary concern. Ground loops are traps which have left even the best of 
designers in a frenzy. Make sure that the ground point is really a ground and not some reactance to 
ground. Using a few extra plated through-holes may be expensive for board processing, but will 
prove to be of great value in achieving good performance. These amplifiers have considerable gain 
well beyond 3 GHz. The user may only intend to use the device to 2 GHz, but the grounding 
should be sound beyond 3 GHz. A simple test for ground loops is to note S21 of the device. If 
steep and abrupt responses or oscillations occur, assume grounding problems exist. We have 
tested quite a number of these devices and found that the response is somewhat smooth. By 
touching the ground plane one should not expect any changes in the response. If any changes 
occur, most likely there's a grounding problem The solution to this is usually simple for a new 
circuit; either add more plated through-holes or relocate them. With old circuits, one can add 
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obtained by the phase comparator. Each channel bandpass filter 

output is applied to a zero cross detector that senses every 

time the alternating current signal crosses the zero voltage 

potential. The outputs of the two zero cross detectors are 

logic signals and are compared by a phase detector which 

provides a signal whose length in time represents difference in 

occurence of an output pulse from the two zero cross detectors. 

The output of the phase detector is filtered and amplified and 

provided as output signal "theta" which is a DC voltage analog 

representing the phase angle between the voltage of the forward 

power and the voltage of the reflected power which exists at the 

directional coupler. 

nie_qaplinetor Stage Twe 

The block diagram for discriminator stage two is shown in 

Figure 8. The RF sample previously derived by discriminator 

stage one is applied to discriminator stage two and is used to 

generate the injection signal. The injection signal is a single 

sideband signal that tracks the input RF signal that is applied 

to the directional coupler but is offset from that input signal 

by 10 kHz. 

The RF sample is applied to a variable gain amplifier whose 

output is varied by the injection signal and then applied to a 

power splitter. One output of the splitter is applied to a 

buffer amplifier, an output amplifier and pulse shaper, and a 

divider which divides the signal by 100 to provide the signal 

VRF which may be used by a frequency counter circuit to 

determine the input signal frequency. The second output of the 

power splitter is applied 

signal sideband generator. 

The single sideband generator 

technique to generate the RF injection 

to a buffer amplifier and then to a 

uses a phase 

signal. The 

the buffer amplifier is applied to a broadband 90 

splitter which provides an in- phase signal and a 

difference 

output of 

degree RF 

quadrature 

signal. The in- phase signal is applied to an in- phase mixer 

where it is mixed with a signal that is provided by a 10 kHz 

oscillator via the in- phase terminals of a 90 degree audio 

splitter and a 10 kHz bandpass filter and driver. The 

quadrature phase signal from the RF splitter is applied to the 

quadrature phase mixer where it is mixed with a signal that is 

provided by the 10 kHz oscillator via the quad-phase terminals 

of the 90 degree audio splitter and a 10 kHz bandpass filter and 

driver. The outputs of the in- phase mixer and the quadrature 

phase mixer are combined and the result is applied to an 

output power amplifier which provides the drive power for 

injection signal. The injection signal is applied to an 

RF 

the 

PF 

detector and bias amplifier to generate the signal to control 
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self- tapping screws that either add more grounding points or knock out the hot spots. Keep in 
mind that RF currents flow on the outside of the conductors. Transitions can be tricky. Try to 
choose a ground as close as possible to common to both the ground of the device and the ground 
of the circuit Critical ground pointsin this case will be at the connectors and directly below the 
grounds of the amplifier or bypass capacitors. Having an extended path will introduce an 
additional reactance in series to the ground circuit In active devices, this usually results in 
negative resistance. Under the right conditions, oscillations could result. Below are two circuits, 
one which we found acceptable, and one which was unacceptable. 

Figure 10 - GOOD Figure 10A - BAD 

Single Stage Operation - NEPA1001 
The NEPA1001 is available in two types of packages. The AA package is a can type, and 

the FA is a hermetically sealed ceramic flat pack. The flat pack is straight forward and is a 
surface-mountable amplifier on rnicrostrip. Two opposing leads are used to supply +Vdd and 
-Vgg. Orthogonal to those leads are another set of opposing leads which are the input and outputs. 
The back side of the package is the ground. 

AA PACKAGE 

• COOKY., 

PA PACKAGE 

• — 1 

• Yee 
4 °Wee 
rya q 

Fig. 11 

Mounting of the FA package requires soldering the back side of the device. This can be 
accomplished in many ways and will most likely vary from one application to another. We tried 
two methods. One was using a device that was heat sunk to a brass block and the other was to cut 
a hole in the PC board to pick up the ground from the back side of the board. 

Figure 12 Figure 13 

The FA package was mounted on a brass block by first mounting the circuit with precut 
holes for the MMICs on to that block. Next the device and its location was pretinned with 93 
degree low temperature solder. This solder was chosen mainly because it was available within our 
lab, and could have been substituted for a higher temperature. The only constraint was to choose a 
solder that would not require the back side of the MMIC to exceed about 230 degrees C. since the 
chip is die-attached by eutitic Au-Sn solder. Then the device was carefully dropped into place after 
the solder started to wet by applying a light pressure by hand through the eraser of a pencil. When 
the block cooled below the liquid phase of the solder, we carefully removed the pressure. The 
device has be firmly in place. Finally the last step was to solder the leads. Maximum temperature 
for this operation is 260 degrees C for no more than 10 seconds. 

Our second approach was considerably easier, but has the disadvantage of poor thermal 
dissipation. This method should not be used for the previously mentioned UPG amplifiers. We 
started by cutting a hole for the device into the PC board. The device was then dropped into :,lace 
with its leads flush with the top side of the board. The thickness of the board was chosen so that 
the back side of the device would be flush with the ground plane. Lastly, the back side of the 
device was soldered to the circuit board ground plane by regular 60/40 solder. 

Mounting of the canned version or AA package is like that of a general purpose transistor. 
It is important to note that the case is the amplifier ground. This amplifier is also configurable for 
self biasing. 

Self- Biasing the NEPA1001 
NEC has suggested the following method for self- biasing. Since we must self bias two 

voltages (Vdd and - Vgg), a total of 10 volts is required. The ground must be RF ground 
regardless of its DC voltage level. This is accomplished by bypassing RF to ground through at 
least three 1000 pf chip capacitors. Single positive supply operation is realized by pulling up the 
potential of the ground against the Vgg terminal. 

1-4-t1 ; 

• C C 

Figure 14 

Negative self- biasing is also possible with the NEPA1001 by pulling up the ground 
terminal against the Vgg terminal (- 10 volts). 
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the variable gain amplifier. The injection signal is applied to 

discriminator stage one as previously described. 

A forward power sample derived from the RF forward voltage 

sample output of the directional coupler is applied through an 

RF amplifier to an RF detector. The detected signal is applied 

to a threshold comparator whose output digital signal FFP will 

indicate whether enough power is present at the directional 

coupler to appropriately operate the TIMS and the equipment 

which is being tuned. 

STNeTW£TIDE 

The directional coupler is constructed in a metal chassis. 

Type N coaxial connectors are used for the transmission line 

connections which must conduct up to 2000 

coaxial connectors are used for the forward 

reflected voltage sample outputs to prevent 

watts PEP. Type TNC 

voltage sample and 

misconnection of the 

high power input signal to these low power outputs. Coaxial 

transmission lines, shielded compartments, toroidal coupling 

coils, and layout techniques are used to minimize stray coupling 

and enhance accuracy. 

Discriminator stage one is built on one printed circuit card 

using shielded compartments to isolate the various stages of the 

circuitry and control electromagnetic interference ( EMI). The 

forward voltage and reflected voltage channels are constructed 
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with nearly identical component layouts considering the small 

variations between their circuits. Special care is taken to 

keep the two variable attenuators nearly identical with small 

tolerance components so their output voltages will accurately 

track with each other for variations in the input power to the 

directional coupler. 

Discriminator stage two is built on a second printed circuit 

card with similar shielded compartment construction. 

APPLICATIONS 

The first application of the TINS was in a shipboard antenna 

coupler group designed to solve shipboard simultaneous operation 

(SIMOP) problems. Currently the TINS is being incorporated into 

the design of an aircraft antenna coupler group to solve 

aircraft SIMDP problems. The TINS could have applications in 

many advanced antenna coupler or filter developments. 

SHIPBOARD APPLICAT.19.N5 

The ProbleM 

To describe the shipboard application, I will first discuss 

the problem which the shipboard antenna coupler group solves. 

Figure 9(A) illustrates the SIMDP problem that exists when 

transmitting antennas are closely spaced ( collocated) due to 

OM MI 111:0 111:11 111MIS IWO Me NMII te ••• -eol• 
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Figure 15 
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Figure 16 

The required resistor for achieving self- biasing can be found by simply applying Ohm's law 
(remember we want to drop 5 volts). 

R =  volts  
Idd 

In both cases a resistor value of 90 ohms is required for an Idd = 55 mA. 

Self- Biasing the UPG100 
Treatment of the UPG100 is schematically the same as the NEPA1001. Packaging is quite 

different from the NEPA1001 and requires a similar but slightly different approach. The UPG100 
is an 8-pin flat pack. Input and output pins are opposite to each other, Orthogonal to those pins 
are 3 opposing sets of leads. In the center of each set of 3 leads are the bias supply lines (Vgg and 
Vdd). The outer leads are the grounds. By applying the sanie techniques for choosing the bias 
resistor for the NEPA1001, one can pull up or down the voltage for either positive or negative 
supplies. One should also ground all four corner leads with chip capacitors of 1000 pf or larger. 

re• 

I (1,11 i 

Figure 17 

Remember that the bottom of this amplifier is not at ground potential relative to the circuit. 
Either provide a pad for all 4 leads and the back side, or prevent the DC ground of the device from 
coming in contact with the circuit ground. Below is the " H" shaped ground pad that we used to 
isolate the circuit ground from the amplifier ground. Chip capacitors were located, after the device 
was installed, at each leg of the " H" pad to the circuit ground. 

Figure 18 

Cascading 
Cascading these devices requires good grounding as well as good decoupling between 

stages. High gam in excess of 40 dB. requires care. Below is an example of a typical circuit. 

Chokes are recommended but not necessarily required. In this case we choose not to use 
the chokes in order to see how sensitive the bias line was for high gain amplifiers. This resulted in 
a three stage amplifier that showed no signs of bias instability. If one were to use chokes, a few 
turns on a ferrite core would most likely suffice Capacitive decoupling is important. We used at 
least one 1000 pf chip capacitor on each bias supply as close as possible to the device. Chip 
capacitors were also located periodically along the main bus and where each of the bias lines 
converged. Flatness was very dependent on the coupling capacitors in between the stages. Our data 
sheet recommends 100 pf chip capacitors. We have found that many of these capacitors will exhibit 
intolerable reactances. First we tried 100 pf chip caps. The response showed shallow glitches 
(figure 19a-1). Next we tried 1000 pf (figure 19a-2) This removed the previous glitches. Since 
the 1000 pf capacitor improved the high end of the amplifier a lower capacitance was chosen. 
Finally a 500 pf capacitor was chosen (figure 19a-3) and resulted in a similar response to the 
previous 1000 pf chip capacitor. Clearly the parasitic reactance of the capacitors was interacting 
with the amplifiers This was concluded since the effect of the amount of capacitance was opposite 
to the expected response. 
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space restrictions on board ship. A separation of only 25 feet 

is not unusual on a ship and substantial coupling occurs between 

antennas in portions of the HF range. The various transmitting 

systems obviously must use different operating frequencies but 

operation with frequencies as close as 5% of each other is often 

desired. Two types of coupling are of concern -- power coupling 

and impedance coupling. 

Power  Çoupljils: Let us first consider power coupling. 

Consider case 1. With system B transmitting at frequency F2, 

system A is automatically tuning at frequency Fl. Some portion 

of the power radiated by the system B antenna is coupled to the 

system A antenna. Usually the power coupled to antenna A is 10 

dB or more below the power radiated from antenna B but in the 

worst case it may be only 3 dB below the power radiated from 

antenna B. A typical antenna coupler exhibits very little 

selectivity to attenuate F2. The typical phasing- loading 

discriminator has neither selectivity nor directivity and cannot 

distinguish transmitter A signals from antenna B signals. The 

discriminator can only detect impedance magnitude and phase 

angle based on the voltage and current existing in the 

transmission line at the discriminator location. But in this 

case, the voltage and current are the result of the mixing of 

the voltages and currents for Fl and F2. Therefore erroneous 

discriminator output signals are detected which cause mistunin,g 

of antenna coupler A. 

Now let us look at case 2. Consider that while system B was 

not transmitting, antenna coupler A was tuned and is now 

transmitting on Fl. Now system B is keyed and begins to radiate 

power at F2. The power coupled to antenna A causes erroneous 

discriminator outputs as in case 1. If antenna coupler A has 

its automatic tuning circuits activated, for example by constant 

surveillance or demand surveillance, it will attempt to retune 

to satisfy the discriminator output signals. Then when system B 

is unkeyed again and stops radiating, antenna coupler A will 

attempt to retune to its original settings for Fl. 

In typical SIMI, situations a combination of case 1 and case 

2 will occur mutually affecting both system A and system B . 

The resulting disruption of communications in each transmitting 

channel is evident. 

A possible solution to the power coupling problem would 

appear to be to simply tune each antenna coupler while the 

others are not transmitting and then de- activate the automatic 

tuning controls. This method might be feasible when only two 

antennas are collocated but many installations have several 

antennas collocated. More importantly, this method does not 

solve the other coupling problem-- impedance coupling. 

Impe_mç_opplimg_; Referring now to Figure 9(B) note the 

equivalent circuit representing mutual impedance coupling 
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Figure 19a 
(CE LI 

Input and output load pulling has shown this configuration to be unconditionally stable. 
This should be expected since these amplifiers exhibit a stability factor (K) of about 3, at 3.6 Gua, 
and greater than 20 at 100 MHz. Shown below is the performance of the previous discussion and 
NEC published data of three cascaded NEPA1001 amplifiers. 

-41-1101•0elbetam••• 

• —:— 

Figure 19b 
(NEC) 

Application of the UPG101 
Much of the same precautions for handling and circuit layout apply to the UPG101 as they 

do to the NEPA1001 and UPG100. "Ile package of the UPG101 is identical to the UPG100. The 
UPG101 requires only one additional bias point. Remember that this device is a medium power 
amplifier and that the drain current must be applied through an external RF choke. Most any 
conventional high frequency choke will work. The only precaution is that the choke must look for 
high impedance across the entire band. 

In many cases, transformers or chokes will resonate when the wire becomes a magical 
length of 1/4 wave length. One approach that offers extremely good performance is to wind a 30 
turn, 30 guage wire conical choke (Height = . 375 mils, angle from longitudinal axis = 30 degrees) 
loaded with an absorbing material such as Ecosorbe MF-114. Another approach is to wind about 
20 turns onto a high frequency torroid core. NEC suggests winding about 20 turns of 38 guage 
wire on a 1/4 watt resistor. This method works reasonably well and has the advantage of being 
inexpensive as well as mechanically stable. The disadvantage is that one can expect about 1 dB 
loss with this approach and will yield about a 11 dB return loss of the bias tee alone. The cone and 
the torroid provided about 20 dB return loss up to about 5 GI-Iz with an insertion loss of about .7 
dB. 

It would be a good idea to check the choke by simply connecting the choke across the 
transmission line to ground. The design goal of such a choke should be the removal of all self 
resonances far enough away from the passband of the amplifier. 

Self Bias of the UPG101 
Self biasing the UPG101 is difficult. The high drain current would require a large resistor 

which may contribute large reactance for microwave work. Should a user need or attempt to use 
this configuratrion, CEL would like to hear your comments. 

Handling the UPG and NEPA Series 
Remember, active GaAs FETs are components of these devices. Static discharge and 

biasing precautions are a must. Also, remember that when powering-up, never apply the drain 
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voltage before the gate voltage. The smaller signal devices, UPG100 and NEPA1001, are 
current- limited by a drain resistor. Limiting drain current makes the devices more forgiving to 
biasing errors. No doubt that the UPG101 will be less likely to take a "joke". One must take the 
same precautions when biasing the UPG101 as when powering any power GaAs FET device. 

Conclusion 
CEL is excited with NEC's development of these new MMIC's. These devices perform 

well and have lived up to all our expectations. NEC and CEL would like to invite the user to try 
these devices for whatever application they may have. 

CEL is extremely well staffed with experienced sales persons and supported by a 
knowledgeable applications engineering group. It is the intention of CEL, together with NEC, to 
support the user for the successful utilization of all of our products. Should any questions arise 
concerning these MMIC's or other semiconductor products, please feel free to contact: 
Applications Engineering, California Eastern Laboratories, 3260 Jay Street, Santa Clara, CA 
95054. Telephone: (408)988-3500 

About the Author: 
Terence J. Cummings is crt applications engineer a Caleornia Eastern Laboratories. 



between the antennas. To illustrate the problem let us ignore 

the power coupling. Consider that antenna coupler A is tuned 

correctly for Fl while antenna coupler B is tuned correctly for 

F2. Now while system A is transmitting, let system B retune to 

a new frequency F3. When antenna coupler B is tuned, the back 

impedance ZB looking from the terminals of antenna B to the 

output terminals of antenna coupler B is now different than it 

was when antenna coupler B was tuned for F2. ZB represents the 

load impedance for the equivalent T network which represents the 

collocated antenna system. Consequently ZC, the load impedance 

for antenna coupler A, is now different and antenna coupler A is 

no longer correctly tuned. The automatic tuning controls for 

antenna coupler A must be activated so it can retune to the new 

load impedance, but now the coupled power problem ( which we 

ignored for illustration) may prevent correct tuning. 

The combination of coupled power and coupled impedance occur 

in varying degrees in the HF 

separation from collocated 

and the configuration of the 

circuits. 

The Solution 

Figure 10 illustrates 

problem. A band pass filter 

and the antenna coupler. 

band depending on type of antenna, 

antennas, other nearby structures, 

antenna coupler impedance matching 

the solution to the shipboard SIMOP 

is placed between the transmitter 

The sensing device for automatic 
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tuning is located at the RF input to the BPF instead of at the 

RF input to the antenna coupler. The F2 signal power coupled to 

antenna A is now attenuated by the selectivity characteristics 

of the BPF so the 

respond to the 

reduces the level 

from mixing of Fl 

A new problem 

sensing device at the BPF input does not 

F2 signal. The selectivity of the BPF also 

of intermodulation distortion (IMD) resulting 

and F2 at the transmitter. 

is created by this configuration. The antenna 

coupler must be located above deck at the antenna base. On 

shipboard there is usually insufficient space near the antenna 

base for the BPF. Thus the BPF is located below deck, probably 

but not necessarily near the transmitter. A long coaxial 

transmission line is therefore required between the BPF and the 

antenna coupler. The length of the coaxial transmission line 

will be different for each different class ship installation. 

Tuning of the antenna coupler becomes the problem because the 

input impedance to the antenna coupler will be translated 

depending on the coaxial transmission line length and the 

operating frequency. In other words, the impedance at the input 

to the BPF where the sensing device is located is not 

representative of the impedance at the input to the antenna 

coupler. Therefore a new method is needed to correctly tune the 

antenna coupler. The TIMS provides that new method and is 

incorporated into the shipboard antenna coupler group. 
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The block diagram of the shipboard antenna coupler group is 

shown in Figure 11. The equipment uses an analog tuning system 

and is capable of operation with 1500 watts average and 2000 

watts PEP RF input power. The tuning elements are servo motor 

driven vacuum variable capacitors. The directional coupler is 

located at the RF input to the bandpass filter. The forward and 

reflected voltage samples are supplied via coaxial transmission 

lines to the discriminator stages which are located in the 

control- power supply . The voltage analogs of the forward 

voltage, reflected voltage, and phase angle are applied via 

sample and hold circuits and A/D circuits to the Intel 8086 

microprocessor circuit. Using these signals the microprocessor 

calculates the impedance which exists at the output of the 

directional coupler. 

A calibration method is used to compensate for variations in 

the length of the forward and reflected voltage sample 

transmission lines from the directional coupler. A calibration 

module is included at the RF input to the antenna coupler where 

a phasing-loading discriminator would be located in previous 

antenna couplers. At initiation of a tuning cycle the 

directional coupler sample lines are calibrated. Tuning 

algorithms based on the calculated impedance at the directional 

coupler are used to tune the BPF. Then several known impedance 

RF loads are switched into the antenna coupler calibration 

module circuit. As each calibration load is inserted, the 

calculated impedance at the directional coupler is stored in 

memory. Subsequently during the antenna coupler tuning process, 

the real time calculated impedance at the directional coupler 

and the calibration impedances that were stored are used to 

calculate the impedance at the input to the antenna coupler. 

Tuning algorithms are used based on the calculated impedance at 

the antenna coupler input to control the analog tuning motor 

speed and direction to reach the tune point. Some of the 

algorithms rely on the capability of the TIES to measure actual 

impedances rather than relative impedances as with the 

phasing- loading discriminator. 

The antenna coupler group utilizes the variable attenuator 

capability of the TIMS for a low tune power capability. During 

the group tuning cycle a 6 dB pad is inserted at the input to 

the directional coupler to provide isolation between the untuned 

filter input and the transmitter output. The variable 

attenuator range can accomodate the 6 dB pad and the loss in the 

directional coupler sample coaxial transmission lines which can 

be up to 250 feet in length. The resulting tune power range is 

50 milliwatts to 225 watts during initial tuning and 10 

milliwatts to 2000 watts during surveillance tuning as a result 

of collocated impedance coupling. The TIMS as previously 
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SOLID STATE HF TRANSMITTER FOR OVER-THE-HORIZON ( 0TH) RADAR 

Fuat Agi, Vice President Engineering, M/A-COM MPD 
Donald J. Hoft, Sr. Vice President, M/A-COM, Inc. 

Today there is an ever-increasing number of radar systems, both for new 

equipments and for improvement upgrades, which utilize solid state ( SS) high 

power amplifiers for the transmitter. SS offers major advantages of high 

reliability and availability, graceful degradation. low MTH, logistics and 

low life cycle cost. A well-designed SS system need never have a system 

outage due to the loss of the modules since the amplifier is distributed and 

fails gracefully. Amplifier ( modules) building blocks which have failure 

rates measured in years, have replacement times measured in minutes thus the 

availability of the system is essentially 100% ( approximately 1.0). Repair is 

often possible on- site with skill levels readily available by service 

personnel. 

To exemplify the advancing state-of-the-art in radar SS transmitters, 

this paper will describe in some detail HF solid state 200 kW CH transmitter 

which is applicable in an over- the-horizon radar application. 

200KW SS TRANSMITTER 

Over-the-Horizon ( 0TH) Radars are currently planned in several countries 

for long-range ( over 1000 miles) surveillance. These modern 0TH systems 

typically utilize transmitters with 200 kW ( CH) or more of power delivered to 

an array of 10-20 antenna radiators, see Figure 1. Thus, depending on the 

antenna tapering, the power output to each antenna element is between 5 and 

40 kW. These systems utilize the ionosphere to reflect HF energy back to 

earth, range being a function of the ionosphere characteristics at the time, 

and the radar operating frequency. A 20 kW solid state transmitter developed 

for this application is shown in Figure 2. The performance is shown in 

Table 1 and a block diagram of the 20 kW shelter housing configuration is 

shown in Figure 3. 

TABLE 1. 

Frequency Band, Instantaneous 5-28 MHz 

(Typical) Power Output, Total 200 kW CH 

Antenna Taper As required in 5, 10, 20 kW increments 

Housing Shelters of 20 kW each 

Load VSWR 2:1 Max. 

Cooling Air 

Derk Noise -150 dBm/Hz 

Near Carrier Noise -93 dBc/Hz ( 2 Hz FM carrier) 

Band Switching Time 0.3 sec. 

Harmonics -70 dBc 

Phase Linearity 1 degree max. per 100 kHz band 

In this way each shelter contains 20 kW of power which can be configured to 

delivery either 20 kW, 2 times 10 kW or 4 times 5 kW as required by the 

antenna system. The total system power requirements ( over 200 kilowatts) is 

achieved with an appropriate number of shelters delivering power to the 

antenna array elements. As can be seen, a basic building block of the 20 kW 

unit is a 5 kW amplifier housed in each bay; the center bay contains the 

appropriate combiner, in the case shown in Figure 2 a 4:1 unit to 20 
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described also provides selectivity to further reduce 

susceptibility to the interfering signal. 

AIRCRAFT APPLICATIONS 

Aircraft have SIMOP problems also due to lack of space for 

antenna separation. We are currently implementing the TIMS into 

an aircraft SIMOP system. This system is for operation with 400 

watts average or PEP RF input power, therefore the directional 

coupler can be smaller in size. Low power tuning is not a 

requirement so the variable attenuator is changed to a fixed 

attenuator and the discriminator injection frequency is changed 

to 50 kHz to reduce the size of the discriminator stages. The 

BPF and antenna coupler contain digital tuning elements. 

SUMMARY 

Sensing devices are needed to control automatic tuning of 

impedance networks. The conventional phasing- loading 

discriminator has been used for this purpose for many years but 

it has limitations for modern applications. The TIMS has been 

developed and patented for use as an impedance measurement 

system in automatically tunable impedance networks such as 

antenna couplers and filters. The TIMS overcomes the 

limitations of the conventional phasing- loading discriminator 
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such as actual impedance measurement versus relative 

measurements, susceptibility to interfering signals, noise 

generation, and high RF power requirements. The TIMS provides 

accurate impedance measurements that can be used by a 

microprocessor along with calibration information to calculate 

impedances at a remote location. The TIMS has been successfully 

utilized in a shipboard antenna coupler group to solve SINO!' 

problems due to collocated antennas and is currently being 

implemented for an aircraft SIMOP solution. 
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kilowatts. Similarly the 5 kW amplifier is made up of individual power 

amplifier modules each of which provides 220 watts of output power from a 

push-pull configuration. Figure 4 is a detailed block diagram of the 5 kW 

amplifier. The transistors are derated to an average junction temperature of 

120 degrees C ( 150 degrees C worst case) thus assuring excellent reliability. 

Figure 5 shows the power response of a typical 5 kW and 20 kW amplifier. Each 

5 kW amplifier has its own dedicated power supply which has over-capability 

via redundant modules; thus providing for high reliability/availability on 

this critical component. BITE is provided to all power levels from the 220 W 

modules through the full 20 kW level and further includes a full complement of 

BITE functions. Maintenance is possible to the individual module ( 225 W) 

level. This transmitter is now in production at MVA-COM PIPO. 
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Figure I. Typical Antenna/Transmitter Array Configuration over the Horizon Radar. 
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AN HF HIGH DYNAMIC RANGE AMPLIFIER USING FEEDFORWARD TECHNIQUES 

by 

Jean Yamas, Engineer 

Locus, Inc. 

P.O. Box 740 

State College, PA 16804 

ABSTRACT 

Feedforward is a distortion cancellation technique in which a 

sample of the distortion generated in an amplifier is coupled off, 

isolated, amplified, and recombined 180 degrees out of phase to 

cancel the remaining distortioM in the output signal. This paper 

describes how feedforward was successfully applied to a three 

decade bandwidth amplifier ( 100 kHz to 100 MHz) to achieve a 

second-order output intercept point greater that + 100 dBm, a third 

order output intercept point greater than + 55 dBm, and a noise 

figure less than 7 dB. 

FEEDFORWARD THEORY 

A feedforward block diagram is shown in Figure 1. The main 

signal path is through the main amplifier and delay line 2 to the 

output. The distortion generated in the main amplifier is the 

source of the signal degradation and is the distortion which is 

cancelled by the feedforward circuit. 

IN 

MAIN AMP 

0  0 ': )  
DELAY LINE I 

DC1 

DC - DIRECTIONAL COUPLER 

OCT DC4 
DELAY LINE 2 

ERROR AMP 

Fig. 1 — Feedforward Block Diagram 

 o 
OUT 

Feedforward utilizes a two loop system to accomplish the dis-

tortion cancellation. " Loop 1" shown in Figure 2A, can be recog-

nized as the first half of the feedforward block diagram of Figure 

1. " Loop 2," shown in Figure 2B, is the second half. Directional 

couplers are used to sample and recombine the signal and distor-

tion to achieve the desired results. 
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S LD` DC3 DC1 

DC2 

FROM 
MAIN 

FROM 
DELAY I 

MAIN AMP 
DC2 

TO ERROR AMP 

dLO. 
SIGNAL 
CANCELLED 

(a) - LOOP 1 

S Lee DU 

OUTPUT 
DISTORTION 
CANCELLED 

OC - DIRECTIONAL COUPLER 

(b) - LOOP 2 

Fig. 2 — Feedforward Loops 

To cancel the distortion generated in the main amplifier, it 

is necessary to isolate the distortion. This is the function of 

Loop 1 of the feedforward circuit. At the input, the clean signal 

is coupled off following one path through the main amplifier and 

the other path through delay line 1. At the output of the main 

amplifier, a sample of the distorted signal is coupled down to DC3 

where it is recombined 180 degrees out of phase with the clean 

signal from delay line 1. By proper choice of circuit gain and 

attenuation elements in both paths, the two signals will have 

equal amplitudes and when combined 180 degrees out of phase the 

signals will cancel, thereby isolating the distortion. Maximum 

signal cancellation is desirable not only to obtain a " clean" dis-

tortion sample, but also to minimize the input level to the error 

amplifier so that it does not generate distortion. In addition to 

strict level control and phase requirements, the time delay of 

both paths must be equal for cancellation to occur. The delay 

line is designed to obtain this match. 

The distortion cancellation is a function of Loop 2. Here, 

the isolated distortion at the output of DC3 is amplified by the 

error amplifier and coupled to the output to recombine with the 

distorted signal from the main path of the feedforward circuit. 

As with the cancellation requirements of Loop 1, the distortion 

from both paths must have good amplitude and delay match, and must 

be 180 degrees out of phase. Note that the distortion contributed 

by the error amplifier is insignificant due to the low signal 

level and so is not a concern. 
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CHOOSING THE RIGHT CRYSTAL AND 

OSCILLATOR FOR THE APPLICATION 

by 

Brian E. Rose 
Vice President, 

Q- Tech Corporation 

2201 Carmelina Ave 
Los Angeles,Ca.90064 

Some of the considerations which go into a decision on the 

choice and design of crystals and crystal oscillators are listed 

below: 

1. Fundamental versus overtone mode crystal. 

2. Parallel mode versus series mode. 

3. VHF crystal versus multiplier chain. 

4. Uncompensated versus TCAO or OCAO. 

5. Trimable versus no trim adjustment. 

6. Solder sealed package versus hybrid. 

7. Voltage control required. 

8. Stringent short term stability requirements. 

9. Tight ageing requirements. 

10. Start-up time. 

11. Radiation requirement,. 

12. Shock and vibration rquiremente. 

13. Low current ( battery operated). 

14. Low parts count. Gate Oscillator. 
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In order to organize some of the above considerations, this 

paper arbitrarily begins with a 20 MHz , fundamental mode crystal 

in an HC- 18 holder, to be used in an oscillator driving a receiver 

local oscillator chain to 400 MHz. 

The characteristics of this crystal and its circuit are described 

and some of the options and considerations of the list are 

compared to this 20 MHz example. 

FREQUENCY STABILITY  

Assume that the oseillator has a temperature stability of 

+40 PPM ( parts per million) over the temperature range of - 40° C to 

+85° C. To this must be added an ageing factor. One can 

conservatively assume 2 PPM ageing the 1st year of operation and a 

life time ageing factor of 4PPM. Using these assumptions, the 

worst case frequency error will be 40 + 4 or 44 PPM. 

In Hertz; 

6 -6 

20 * 10 * 44 * 10 -880 Hz, 

and at the end of the x20 multiplier chain 

20 x 880 17,600 Hz. 

This frequency error would be tolerable if this fictitious 

local oscillator was part of a receiver with a 200 kHz I.F. 

bandwidth. If, however, the bandwidth were only 2 kHz,a 17600 Hz 

error in the local oscillator would be excessive. The narrow band 

assumption will be made in order to see where it leads the 



DESIGN CONSIDERATIONS 

AMPLITUDE 

To obtain the amplitude match required from both paths of 

Loop 1 and Loop 2, the losses of the directional couplers and gain 

of the amplifiers are calculated. 

For Loop 1, equal levels from both paths occur at the output 

of DC3 when the following equation is satisfied. ( All gaine and 

losses in dB) 

S - D1 + GI - D2 - D3 = S - LI - DL1 - L3 

where Lf = absolute loss of thru path of DC* 

DI = absolute loss of coupled port of DC11 

DL1 = absolute loss of delay line 1 

G1 = gain of main amplifier 

Rearranged, this equation is one of three required for feedforward 

circuit design: 

For signal cancellation: 

GI = DI + D2 + D3 - LI - L3 - DL1 1 

For Loop 2, the equation for amplitude match is 

S - L2 - DL2 - L4 = S - D2 - D3 + G2 - D4 

where Lt = absolute loss of thru path of DCf 

DI = absolute loss of coupled port of DC0 

DL2 = absolute loss of delay line 2 

G2 = gain of error amplifier 

Rearranging gives the second equation required for feedforward 

design: 

For distortion cancellation: 

G2 = D2 + D3 + D4 - L2 - L4 - DL2 2 

An additional consideration is the desired gain of the feed-

forward circuit. 

For gain requirements: 

GAIN . GI - D1 - 1.2 - L4 DL2 3 

The solution to these equations is simplified by several 

design considerations. For minimum noise figure. DC1 and DC3 

should have minimal thru path Josses. Minimal loss in the thru 

paths of DC2 and DC4 is necessary for the highest intercept point. 

To simplify circuit design, GI can be set equal to G2 which forces 

DC1 = DC4 and DC2 = DC3. 

PHASE 

The phase of the signals can be controlled by choosing appro-

priate paths through the directional couplers. The circuit dia-

gram of a directional coupler is shown in Figure 3. When a signal 

enters port 1, the output at port 2 is 180 degrees out of phase 

with the input, whereas if the signal enters port 3, the output at 

port 4 is in- phase with the input. By directing the signal in the 

feedforward circuit through the appropriate port, the required 

phase is obtained. 
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oscillator design. The maximum error must now be restricted to 

about 200 Hz, or 

DF, PPM 200/400 0.5 PPM 

This new requirement forces the design to either a much more 

stable crystal oscillator, or to a system in which the oscillator 

is locked to a stable master reference. These two approaches will 

be considered next. 

TCXO's and OCXO's  

(Temperature Compensated Crystal Oscillator and Oven Controlled 

Crystal Oscillators) 

Before considering the two options of TCXO end OCXO, the 

questions of ageing and meltability must be add d. If the 

receiver must operate without adjustment throughout its life, then 

ageing will probably determine the quality of crystal oscillator 

required ( and therefore the price, size and D.C. power). If the 

frequency of the oscillator can be corrected by electrical or 

mechanical adjustment to remove frequency error due to ageing, the 

frequency accuracy will be dominated by temperature rather than 

age. TCX0'e and OCXO's will be considered with this assumption. 

Briefly, a TCXO corrects the crystal frequency versus 

temperature characteristic by means of a compensation network 

which applies e correction voltage to a varicap diode in series 

with the crystal. An OCXO add  the problem by controlling 

the temperature at the crystal with a miniature oven. Simplified 

schematics of a typical TCXO and OCXO are shown in Figure 1. 
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PORT I 

PORT 2 

DELAY 

Fig. 3 — Directional Coupler 

PORT 3 

PORT 4 

Once the gain of the main and error amplifiers and the coup-

ling coefficients of the directional couplers are chosen, the 

delay of the main amplifier path of Loop 1 is measured and matched 

by designing delay line I accordingly. Efforts should be made to 

minimize the delay variation versus frequency of the main ampli-

fier path to simplify the delay line design. Similarly, delay 

line 2 should be designed to match the delay of the delay line 

phase match and about 0.9 dB amplitude match. The circuit should 

have a gain adjustment to adjust the amplitude for a good match 

and é phase adjustment in the delay lines to attain the delay 

match. Equalizers and temperature compensation networks are some-

times necessary to obtain more stringent amplitude and phase match 

requirements. 
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path to the error amplifier path of Loop 2. 20 

CANCELLATION REQUIREMENTS 

Figure 4 shows the amplitude and phase match requirements to 

obtain the desired amount of cancellation. As the chart indi-

cates, 20 dB of cancellation can be obtained with I degree of 
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The new specification of . 5 PPM pute the requirement 

somewhere in the gray area between TCXO's and OCXO's. Low cost, 

commercial TCXO's typically meet + 1 PPM over 012 C to 51dn The 

example oscillator's specification and temperature range puts the 

design near the border of the beet that can be done with a TCXO, 

and consequently it would be a costly unit. OCXO's easily provide 

-8 
stabilities of + 1x10 over the required temperature range, and 

-9 
provide ageing rates less than 1x10 per day. 

However, ovenized units are larger, heavier, and consume much 

more power than non-oven types. Representative specifications are 

shown in Table 1. Notice that some compromises may have to be 

made between requirements, performance, and price. 

PHASE LOCKED SYSTEM  

As an alternative, assume that this system already contains a 

stable muster oscillator at 5 MHz. The basic crystal oscillator 

can then be locked to this master ueing a phase locked loop. 

Figure 2 illustrates the circuitry involved. Notice that a 

varactor in series with the crystal has been added in order to be 

able to pull ( frequency shift) the frequency to exactly four times 

the reference 5 MHz. 

Some notes concerning phase locking a crystal oscillator are 

appropriate. 

1. The gain constant of a crystal controlled oscillator, KO, 

in Hertz per volt, is typically three to four orders of magnitude 
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TABLE 1 -- TYPICAL OCXO AND TCXO 

SPECIFICATION OCXO TCXO 

Frequency 5 or 10 MHz S to SO MHz 

Output Level 1 Vrme into 50 ohms sinewave, TTL, 
or CMOS 

Harmonic Distortion -40 dBc -20 dBc 

Frequency Adjustment +2.5 PPM minimum +2x10E-6 
coarse mechanical. minimum 

+2x10E-7 fine 
+1 PPM voltage control 

Input Voltage + 12 V.D.C., +10% + 12 V.D.C.,+5% 

Frequency Stability +3x10E-9 for +2x10E-7 for 

vs Input Voltage +10% +5% 

Frequency Stability + 1x10E-9 for +2x10E-7 

vs Load +10% for + 2:1 VSWR 

Frequency Stability +5x10E-9 +5x10E-7 _ 
vs Temperature 7 20° C to +75° c -20- C to + 60° C 

Worm-Up Time +1x10E-7 in 15 mine < 1 second 
71x10E-8 in 20 mins 

Aging Rate 1x10E-9/24 hours 1x10E-8/24 hours 

Short Term Stability 3x10E-11 r.m.s 1x10E-9 r.m.s 
Tau 1 sec Tau - 1 sec 

Input Current 340ma. at turn-on 15 ma. 
135ma. at 25°C 
225me. at -20° C 

Size 2" x 2" x 4" • 1" x 2" x 0.5" 



FEEDPORWARD ARCHITECTURE 

Other feedforward configurations are possible and should be 

chosen according to design requirements. Figure 5 shows a con-

figuration commonly used for power amplifiers and is attractive 

because it requires less gain in the main amplifier than that of 

Figure 1. The disadvantage of the circuit in Figure 5 is that it 

has a much higher noise figure. This is due to the fact that 

feedforward not only cancels the distortion contributed from the 

main amplifier, but also cancels its noise contribution. This 

leaves only the error amplifier as the noise source. Since the 

noise contributed by the error amplifier is the sum of its noise 

figure and the losses incurred before it, the higher input losses 

of DC1 in Figure 5 will result in a much higher noise figure. 

MAIN AMP DC2 DC4 

DELAY LINE I W ERROR AMP 
OC3 

DC = DIRECTIONAL COUPLER 

Fig. 5 — Feedforward Power Configuration 
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HF HIGH DYNAMIC RANGE AMPLIFIER DESIGN 

This project was initiated in an effort to design a high per-

formance amplifier suitable for HF multicoupler applications. An 

HF multicoupler is used at receiver sites to provide multiple out-

puts from a single receiving antenna and consists of an amplifier 

driving an n-way splitter. Because of the high concentration of 

both desired and undesired signals in the antenna environment, a 

high performance amplifier is required. It must not add excessive 

noise to weak desired signals nor produce intermodulation products 

from strong signals. The demands placed on such an amplifier are 

severe. 

Preliminary specifications were established based on these 

demands and what was considered theoretically possible. A gain of 

around 11 dB was determined to be necessary to offset the loss of 

an 8-way split. The goals set for the second and third order out-

put intercept points ( 0IP2 and 01P3, respectively) were based on 

the performance of a typical 1 watt bipolar transistor and the 

estimated distortion cancellation capabilities of push-pull and 

feedforward techniques. In particular, it was estimated that the 

01P2 could be improved 20 dB from push-pull and 20 dB from feed-

forward and the 0/P3 could be improved 3 dB from push-pull and 

10 dB from feedforward. From this, the goal of + 100 dBm for 01P2 



varicap. It is appropriate to discuss veractor tuning in 

more detail, before discussing overtone crystal oscillators 

because overtones have very limited " pullability." 

VCXO VOLTAGE CONTROLLED CRYSTAL OSCILLATOR  

The equivalent circuit for a crystal it shown in Figure 3. 

PHASE DETECTOR 
AND 

ACQUISITION 
CIRCUIT 

i 5 MHZ 
REFERENCE 

LOOP 

FILTER 

Figure 2, Phase Locking 

OSCILLATOR/ 
BUFFER 

less than that for a VCO ( voltage controlled oscillator). The 20 

MHz example would have • an average KO of 500 Hz per volt. 

2. The loop bandwidth for a phase locked loop using a 

crystal controlled oscillator is typically 10 to 200 Hz. Very 

much narrower bandwidths may cause loop phase jitter problems. 

Wider bandwidths are limited by frequency response roll-off caused 

by the narrow band nature of the oscillator. 

3. The crystal oscillator must be capable of being pulled, 

or slewed, by en amount equal to its' temperature and ageing 

frequency error. This assumes that the master oscillator drift 

is negligible. The TCXO and the phase locked oscillator both 

require electronic tuning, by means of a varactor diode, or 

OUT 
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T 
Li 

RI 

CI 

EXAMPLE VALUES 

Cl = . 02 PICOFARADS 
IXCII= 4.00,00 OHMS 

AT 20 MHZ 

RI . 20 OHMS 
Li = 3.17 MILLIHENRY 

IXLII= 'n/0,00 OHMS 
AT 20 MHZ 

CO = 5 PICOFARADS 

Figure 3, CRYSTAL EQUIVALENT CIRCUIT 

L1, C1 and R1 represent the piezoelectric coupled mechanical 

resonator characteristics. CO is the capacitor formed by the 

crystal electrodes. Typical values for the 20 MHz crystal are 

shown. When the crystal is part of a complete circuit,as shown in 

Figure 4, oscillation occurs at a frequency above F1, where the 

crystal series arm presents a net inductive reactance, resonant 

with the capacitors and inductors in the circuit. 

-J *dell .1 MR fall 



and + 57 dBm for 01P3 was established. The noise figure was esti-

mated to be 7 dB: 5 dB from the error amplifier and 2 dB from 

input losses. With these preliminary specifications, a circuit 

was built, tuned and tested as described below. 

FEEDFORWARD 

The feedforward configuration used in the HF high dynamic 

range amplifier was a modification of that shown in Figure 1 and 

is shown in Figure 6. Directional couplers DC2 and DC3 are re-

placed with à single directional coupler to achieve the desired 

results with fewer parts. A gain adjustment is placed within each 

loop for independent control of signal levels. With this design, 

three 14 dB directional couplers are used with main and error 

amplifier gains of 26.5 dB. This achieves the necessary cancella-

tion in both loops and the desired gain of 11.5 dB. 

IN 

MAIN AMP 

DELAY LINE 1 

0C-14 

DC - DIRECTIONAL COUPLER 

M1C-14 

DC-14 
1-----DLAY LINE 2 

ERROR AMP 

Fig. 6 - Feedforward Circuit 

 o OUT 

PUSH-PULL 

Feedforward is used to cancel distortion generated in the 

main amplifier by 20 dB and more. However, second order output 

intercept points greater than + 100 dBm and third order output in-

tercept points greater than + 57 dBm require a high performance 

main amplifier. A push-pull arrangement shown in Figure 7 is used 

to obtain an additional 20 dB of cancellation of the second order 

intermodulation product and an additional 6 dB of reduction of 

the third order intermodulation product. Flatness and phase 

linearity is improved by using 3 dB directional couplers instead 

of push-pull transformers. In addition, noise figure and inter-

modulation products are minimized by biasing amps 1 and 2 with 

Ic . 50 mA and amps 3 and 4 with Ic m 100 mA at + 15 V. This 

design is. used for both the main and error amplifiers bringing the 

total power consumption to 9 watts. 

I -50mA ? 15V l - 100mA Y I5V 

IN OUT 

Fig. 7 - Push-Pull Arrangement for Main and Error Amplifiers 
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Figure 4, CRYSTAL AND CIRCUIT 

The resonant frequency of the complete circuit can be 

calculated for any particular set of valuee by writing the 

appropriate equations for the resonant frequency and solving. 

This is conveniently done on a computer. Seven cases have been 

calculated and presented in Table 2 for typical circuit values. 

In Table 2 the values of Cl, C4, C6/C7, L2 end the varactor 

parameters ( C3) are varied to show the effect on frequency pulling 

and linearity. A control voltage range of 1 volt to 10 volte is 

assumed. The frequency data is listed as; ( 1) PPM away from 

crystal series arm resonance, ( 2) the 1 V to 10 V frequency delta, 

(3) The frequency voltage sensitivity in PPM per volt, et the ends 

of the range. 
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In case 1, the difference in sensitivity at 1 V and 10 V is 

extreme. This results from the varactor capacity- voltage 

characteristic end from the loss of sensitivitiy as the crystal is 

pulled further from resonance. Case 2 is like Case 1 except that 

Cl has been halved. It is seen that the delta F is also reduced 

by 2, showing the direct dependence of " pullebility" on Cl. This 

is discussed in the section on overtone operation. Notice that the 

difference in 1 V to 10 V sensitivity is not as extreme in case 2 

because the crystal is not pulled as far from series resonance. 

Case 3 shows that C4 reduces pulling and degrades linearity. 

In Case 4 the varactor 4 volt value is changed from 30 

picoferede to 15 picofarads, resulting in greater pullability and 

better linearity. Cases 5, 6, and 7 use a hyperebrupt varactor 

(gamma * . 8) instead of the abrupt junction one. This yields 

improvement in pulling and linearity. Finally, Case 7 shows that 

the addition of a three microhenry series inductor ( L2) further 

increases pulling. One note of caution. Reducing the varactor 

capacity results in en inc eeeee of the circuit parallel loss. In 

Case 6, for example, unless the crystal resistance is suitably 

low, the circuit may stop oscillating at 10 volts.* 

* This topic is add d in the paper " Maximizing Crystal 

Oscillator Frequency Stability" Session R-2, r.f. expo 86. 



RESISTIVE FEEDBACK 

The amplifiers in the push-pull arrangement use Motorola's 

MRF587 1 watt bipolar transistors in a resistive feedback network. 

Negative feedback techniques are beneficial because they produce 

flatter gain, lower distortion, better impedance match, and tem-

perature stability. Although resistive feedback results in a 

higher noise figure ( 5 dB versus 1.5 dB) and a lower intercept 

point ( by 1-2 dB) than a lossless or coupler feedback network, 

this compromise was accepted in return for the extended bandwidth 

that it provided. The resistive feedback amplifier circuits are 

designed based on a desired gain of + 14 dB per stage to bring the 

total gain in the push-pull arrangement to 26.5 dB. Gain flatness 

of the push-pull configuration with resistive feedback amplifiers 

is +0.1 dB from 100 kHz to 100 MHz with a return loss greater than 

20 dB. 

TUNING PROCEDURE 

Loop 1 and Loop 2 are designed independently and fine-tuned 

after integrating into the final feedforward circuit. The final 

circuit is tested using resistive coupler test points as shown in 

Figure 8. nsr 
PMNT2 

IN 

0C-14 

NC • OIRICTIONAL COUPtil 

Fig 8 - Feedforward with Test Points 

OC- II 

Out 

Tuning the feedforward circuit is performed by using a test 

signal to simulate the signal that is to be cancelled in Loop 1 

and to simulate the distortion that is to be cancelled in Loop 2. 

Cancellation of each loop is measured separately and requires a 

reference. For Loop 1, a reference is set up by disconnecting the 

main amplifier and sweeping from the input through the delay line 

1 path to test point 1. Then, with the main amplifier in the cir-

cuit, the cancellation is measured by sweeping across Loop 1 from 

the input to test point 1. Amplitude and delay adjustments should 

be made to improve the match for maximum cancellation. Similarly, 

the cancellation of Loop 2 is measured by disconnecting the error 

amplifier and injecting a test signal into test point 2 through 

the delay line 2 path to the output to obtain the reference. 

Then, with the error amplifier in the circuit, the response of 

Loop 2 from test point 2 to the output is measured and tuned for 

maximum cancellation. 
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THE OVERTONE CRYSTAL AND OSCILLATOR the fundamental mode. Typical pullability for a 60 MHz 3rd 

It might be asked of the model local oscillator chain, " Why overtone would be on the order of + 30 PPM, and for a 100 MHz 5th 

start at 20 MHz?" "Why not use a 5th overtone crystal at 100 MHz, overtone, + 10 PPM. Clearly, there is not enough pull range to use 

save a lot of multiplication and move the cloud' in spurious out by 

a factor of 5"? 

For the original stability assumption of + 40 PPM, this might 

be an attractive choice. With a tight frequency tolerance, it is 

not, and to see why, the overtone equivalent circuit will be 

examined. Shown in Figure 5 below is the equivalent circuit of 

the some 20 MHz crystal, but for the 3rd or 5th overtone mode: 

Li R1 Cl Li =3.17.W: R1 - 10 TO 100 OHMS 

Cl; 3rd OVERTONE = Cl, FUND.  
9 

.pe .0022 PFD. 

5th OVERTONE = Cl, FUND.  
25 

ey.0008 PFD. 

Figure 5, OVERTONE EQUIVALENT CIRCUIT 

these modes in the TCX0 or phase locked examples described here. 

SHORT TERM STABILITY  

Thus far, those systematic changes in frequency have been 

discussed which are due to factors such as temperature and time. 

Oscillator frequency is also perturbed by random, noise- like 

factors, and these perturbations typically are important for 

disturbances with time constants from microseconds to seconds. 

This short term stability is measured in the time domain where 

some type of frequency coUnter is the key instrument, and in the 

frequency domain, where spectral analysis of one form or another 

is used. 

In many of these measurements it is necessary to use two 

oscillators, either with a small frequency offset, or locked 

together in e phase locked system. Some typical time domain 

values are listed in Table I. 

It is seen that the inductance remains the same, while Cl OTHER TOPICS IN CRYSTAL AND OSCILLATOR SELECTION  
2 

is reduced by a factor N , where N is the overtone, 3, 5, 7*, 9* I. Clock oscillators: Miniature, self contained crystal 

etc. Consequently, the " pullability" of an overtone crystal is oscillator and output buffer combinations. These hybrid units are 

reduced by approximately the overtone number squared, compared to available with output frequencies from sub-Hertz to 150 MHz. 

Outputs are compatible with standard logic families, TTL, CMOS, 

* Higher than 5th are relatively rare. ECL. Militarized units are available with stabilities of +50 PPM 

396 



RESULTS 

Test results of the specified HF high dynamic range amplifier 

indicate success in attaining the specifications set forth. 

Figure 9 shows the cancellation curves of Loop 1 and Loop 2. As 

can be seen, better than 30 dB of cancellation of both signal and 

distortion was attained across most of the three decade bandwidth 

from 100 kHz to 100 MHz. The gain and return loss curves, shown 

in Figure 10, indicate a flat response with 11.5 +0.5 dB of gain 

and return loss better than 18 dB across most of the band. Figure 

11 is a plot of the calculated intercept points with and without 

feedforward based on the intermodulation measurements of a two-

tone test. The 01P2 was 10 dB higher than the expected + 100 dBm 

due to the 30 dB of cancellation obtained from feedforward rather 

than the anticipated 20 dB. The 01P3 was better than the expected 

+57 dBm across most of the band. The noise cancellation effects 

are presented in Figure 12. With feedforward, the noise figure 

was below the 7 dB specification. 
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over the temperture range -55e C to .1250 C. 

2. Low power oscillators: Oscillators for battery operated 

equipment must sometimes operate on lees than one milliampere. 

Using AT cut crystals in the low megahertz range and special 

circuits this kind of requirement can be met while retaining the 

advantage of the AT cut crystals. For outputs in the tens of 

kilohertz, where looser frequency tolerances or narrower 

temperature ranges obtain, tuning fork crystal oscillators are 

available with current drains in the tens of microamperes. 

3. AGC: Simple AGC control of the oscillator operating 

point provides many advantages. Low crystal power dissipation, 

important for good ageing, can be achieved while avoiding circuit 

start-up problems sometimes associated with very low power 

If VHF or UHF outputs are needed a 3rd or 5th overtone 

crystal oscillator, operating up to 150 MHz might simplify the 

design. 

TABLE 2 - VCXO 

CIRCUIT PARAMETERS FREQUENCY PULLING 

C3, VARACTOR DELTA F, PPM 

operation. CASE Cl CO 4V.0 GAMMA C4 C5 C6/C7 L2 

SUMMARY  

Choosing a crystal and crystal oscillator circuit requires 

matching between the requirements of the application end the 

characteristics of the oscillator. If the oscillator must be 

pulled more than 10 or 20 PPM, a fundamental crystal in the 10 to 

25 MHz range is probably indicated. If the ultimate in 

temperature stability, ageing and close- in noise is the object, a 

3rd or 5th overtone, 5 MHz, ovenized unit is indicated. For 

small size, low cost, and nominal AT cut stability, a clock 

oscillator might meet the objectives. 

1 . 02 5 30 . 5 0 2 100 0 

2 . 01 5 30 . 5 0 2 100 0 

3 . 02 5 30 . 5 20 2 100 0 

4 . 02 5 15 . 5 0 2 100 0 

5 . 02 5 15 . 8 0 2 100 0 

6 . 02 5 15 . 8 0 2 50 0 

7 . 02 5 15 . 8 0 2 100 3 

=...M. 

1V 10V DELTA OF/DV OF/DV 
(1V) ( 10V) 

322 519 197 38 4 

161 259 98 19 7 

284 363 79 20 4 

447 753 306 65 20 

379 858 479 87 34 

488 912 424 76 30 

-5 680 685* 130 45 

* Even greater pulling can be accomplished with a more complex 

circuit. 
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THE USE OF A COMPUTER MODEL 
TO DETERMINE THE COMPLEX PARAMETRIC 

RELATIONSHIPS OF A CRYSTAL OSCILLATOR CIRCUIT 

GREGORY L. WEAVER 
OSCILLATOR ENGINEER 
PIEZO CRYSTAL COMPANY 
CARLISLE, PA 17013 

INTRODUCTION  

The circuit modeled by the computer program is a 100 MHz 

Pierce crystal oscillator driving a common base buffer 

amplifier. The oscillator was developed by Piezo Systems for a 

satellite project. Because of the strict design criteria 

required by the customer for qualification of the oscillator, the 

modeling program was developed to allow design and analysis to be 

performed during the prototype phase of the project. As will be 

shown in this paper, the modeling program created an extremely 

valuable tool for the oscillator design and was used throughout 

the project for complex analysis which would have been extremely 

difficult and time consuming. From this analysis, some very 

important complex parameters of the oscillator circuit 

determined. These include crystal drive, gain margin, 

of the resonator, group delay of the feedback loop and 

were 

loaded Q 

phase 

slope. The calculation of these parameters allow a prediction of 

the phase noise contribution of the oscillator as a signal 

source. 
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THE COMPUTER MODEL 

The computer program models the circuit in an open loop 

configuration. As shown in Figure 1, the loop is broken at the 

input to the base of the oscillator transistor. The input 

impedance of the oscillator transistor is included in the 

calculation of the collector load. Therefore, the program 

analysis is simply the calculation of the swept response of a two 

port network with a complex load determined by the relationships 

of the circuit elements. From the two port response, the 

following may be determined: the transistor stage gain with 

respect to the collector load, the loss due to the feedback loop 

network, the loss due to the power output to the buffer amp, the 

magnitude and phase of the collector load and the magnitude and 

phase of the total loop gain around the oscillator circuit. 

The various gain blocks described above are broken down by 

using complex algebra to calculate the equivalent networks of the 

circuit elements. The transistor's contribution to the gain 

blocks is found by using S parameter data obtained for the 

transistor at the same DC operation point as used in the 

circuit. As shown in Figure 2, the circuit elements are divided 

into 2 gain blocks. Gain block 1 includes the crystal resonator 

and the two paralleled capacitors across the base of the 

oscillator transistor (C2 and C3). The complex impedance of the 

crystal includes the shunt capacitance (Co) of the crystal 
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Contrary to popular belief, coaxial cable exhibits leakage of 

electromagnetic energy from its shield at greater than negligible levels. 

This report is a compilation of research initiated to determine the severity 

of the leakage of coaxial cable in the frequency range 2 to 30 MHz. Several 

types of cable, experimental and analytical methods, and numerical results 

are discussed. 

Shielding effectiveness of a coaxial cable is the ratio of the 

magnetic or electric field intensity without the shield to the field 

intensity with the shield in place. Analytic methods and laboratory 

experiments yield an approximate value for shielding effectiveness but the 

actual realized shielding is dependent on numerous factors, some 

indeterminable quantitatively, such as physical orientation and installation 

of the cable, and the effect of neighboring Objects and connections.' 

Several methods exist to predict and determine shielding 

effectiveness of braided shield coaxial cable. The surface transfer 

impedance concept is very useful for predicting the limits of shielding 

effectiveness. Treating the gape between the conductors of the braided 

shield as radiating aperatures yields a model at the expense of tedious 

mathematics. Direct measurement methods include a triaxial apparatus to 

measure the RF voltage and current on the shield as a function of frequency, 

relative measurements between cables, and absolute measurement of the field 

in a shielded room using calibrated antennas. 

Surface transfer imedance may be thought of as the impedance 

through the shield of a coaxial cable. For solid metal shields energy is 

transferred via the diffusion transfer impedance, Z. It has been shown 

that the complex impedance Et can be computed for solid shields using the 



enclosure and the equivalent reactive elements and series 

resistance of the resonator as entered at the initialization of 

the program. Gain block 1 represents the loss of the feedback 

network of the circuit. Gain block 2 includes the capacitive tap 

off the collector tank (C7 and C9), the coupling resistor between 

the stages ( R13) and the input impedance of the buffer amp. The 

input impedance of the buffer amp was measured to be about 27 

ohms resistive. Though the common base amp should be very low 

impedance at 100 MHz, enough positive feedback occurs through 

stray circuit board reactance to increase it to its measured 

value. The emitter degeneration resistor ( R5) is included with 

the input impedance of the buffer amp to give the circuit element 

(ZIN2) of Figure 2. Gain block 2 represents the loss due to the 

power incident to the buffer amp through the capacitive tap (C7 

and C9). 

The available power gain of the transistor stage is 

calculated by the use of the measured S parameters of the 

transistor two port and the reflection coefficient of the 

collector load normalized to a 50 ohm system. First, the 

impedance of gain blocks 1 and 2 is calculated as two paralleled 

networks. The reactance of the capacitive tap capacitor C7 is 

then added in series. The collector load ( ZL) is calculated by 

the paralleled impedance of the equivalent impedance of the gain 

blocks 1 and 2 and the impedance of the collector tank ( L1, C5 

and C6). This allows the reflection coefficient of collector 

load in a 90 ohm systems to be determined by the formula: 
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(ZL - 50)  
rt. = + 50) 

The available power gain is found by the ratio of the reverse 

scattering coefficient of the equivalent two port to the forward 

scattering coefficient with respect to L. This is calculated by 

the use of the following formula: 

(s 21 rr..) + S  
Pay = (( 1 - ( S22 x rt.)) (I + SI1 )) . g 12 S21 PL) 

Also, the input impedance of the oscillator transistor may be 

calculated by the formula: 

rin = s11 ( s21 X s12 
50 ( 1 + rin) 

Zinl = (1 -r in) 

From the development of the gain blocks, the total loop gain is 

simply: 

Aloop = Pay x G1 x G2; G1 is the loss of gain block 1 
G2 is the loss of gain block 2 

The above description of the analysis illustrates the 

completeness by which all of the circuit elements are 

This allows a fairly large and detailed initializaton 

constructed for the model. The effects of individual 

modeled. 

table to be 

circuit 

elements may therefore be examined. Table 1 lists the circuit 

elements available for input at initialization. The program runs 

in a "DO FOR" loop with each repetition corresponding to a 

subsequent increase in sweep frequency. Initially, the program 

11=1 ND MINI in -- b.-
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impedance is essentially the dc resistivity of the shield. 

The parameters required in Equation 1 are readily found and a 

numerical solution computed for solid shields. This yields a method by 

which measurement techniques can be judged. 

Surface transfer impedance can be measured directly by causing a 

known current to flow through the length of the shield and measuring the 

voltage drop across the shield. Alternately a known voltage can be impressed 

across the shield and the resulting current flow measured. Accurate 

measurements depend on a well shielded enclosure for the test sample, 

accurate instrumentation and methods to measure RF voltage and current, 

shielding the cables to the measurement instrumentation, careful RF 

grounding of the test fixture and instrumentation, and care in making 

connections at the ends of the cable to prevent end effects from dominating 

the results. Smith8, neLorenzo2, Simons 2, and Salt6 have documented 

triaxial testers where the coaxial cable under test forms the the inner t40 

conductors of the triaxial arrangement. The outer conductor of the test 

apparatus is solid to contain nearly all the energy within the fixture and 

prevent external fields from tainting the results. 

where: 

2t = transfer impedance through the shield in ohms/meter 
Rd, = EC resistivity of the shield in ohms/meter 
t = thickness of shield 

d = skin depth, or field penetration into the shield in meters 
d= VP/3.1415fu 

P = dc resistivity of shield in ohms/meter 

f = frequency in Hz 

u = absolute magnetic permeability of shield 
material in H/m 

At low frequencies the skin depth is so large that the transfer 

Comparisons between values of the surface transfer impedance 

calculated using Equation 1 and measured values have been made using solid 

shield coaxial cable. The good agreement between the values gives 

confidence in the validity of the direct measurement technique using 

triaxial testers.2 

The discussion of computational methods thus far has been limited to 

solid shields since the surface transfer impedance equation variables are 

readily found and solutions simple. These computations can be used to 

derive minimum radiation limits or maximum shielding effectiveness values 

for braided shields. Braided shields exhibit the diffusion transfer 

impedance of Equation 1 with t being equal to the braid wire diameter. 

Additionally, the gaps between the wires act as an array of electric and 

magnetic dipoles. Thus inductive ( magnetic) coupling and capacitive 

(electric) coupling allows the fields within the coax to penetrate the 

shield. Cable eccentricity additionally contributes primarily to the 

magnetic coupling as detailed by Fowler.3 Each of the gaps in the braid 

thus acts as a waveguide to transfer some of the energy from the inside of 

the cable to the outside. Alternately, the gaps in the braided shield can be 

thought of as discontinuities in a solid shield which the RF current must 

flow around thus producing higher field strengths than those generated by 

the continuous shield. Exhaustive mathematical modeling of the dipole 

array created by the gaps in the braid has been performed by Ikrath4 and 

Vance9. Fowler3 further models the effects of cable eccentricity, 

intershield resonance in multi-shield cable, and shield termination methods. 

He further proves that these effects can generate additional coupling on the 

same order of magnitude as the transfer impedance calculated solely from 

braid parameters. These models require several physical parameters of the 
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starts at 500 Hz below the series resonant frequency of the 

crystal and increases in 50 Hz steps to 2500 Hz above the series 

resonance frequency of the crystal. The oscillation point occurs 

where the "phase open loop" term goes to zero. Table 2 is the 

computer model's output for a 35 ohm crystal swept from 700 Hz to 

2100 Hz above series resonance of the crystal. The output 

headings are summarized in Table 3. The explanations for the 

"E2" and " Ixstal" columns will follow in the next section of the 

paper. 

CRYSTAL DRIVE ESTIMATION BY THE COMPUTER MODEL  

The crystal used in the oscillator circuit is a 100 MHz, 5th 

overtone AT-cut. A major problem with AT-cut resonators is 

flexure mode coupling of other resonant responses within the 

crystal at fairly high drive levels. Crystal drive is the power 

dissipation in the resonator. It is determined by the series 

resistance of the crystal and the AC current through the resonant 

circuit by the formula: P = I2R. The effect of the model 

coupling is pertubations in the frequency/temperature curve of 

the crystal. These unwanted frequency dips can cause sudden 

drops in frequency by as much as 2 to 3 ppm at specific 

temperatures over the operation range. 

Figure 3 is an example of a crystal with temperature 

pertubations. During the design review of the crystal 

development for the oscillator project, a guard band of 2 mW of 

drive was imposed by the customer to screen the crystals for 

acceptance. The 2 mW drive was selected to secure against 

possible drive increases during the oscillator's life in the 

satellite. However, this estimated drive level caused frequency 

pertubations in most of the resonators. The yield through the 

screening process fell to a severely low level. Because of the 

computer program's ability to determine current gains around the 

oscillator loop, the analysis of the output parameters was used 

to re-evaluate a more reasonable screening level for the 

resonator drive. The end-of- life criterion could more accurately 

be determined. 

For the drive prediction, a way to determine crystal current 

is needed. This was developed by straightforward network 

analysis from the output parameters of the program. The feedback 

network of gain block 1 is driven by the AC voltage developed at 

the junction of the capacitive tap C7 and C9. This AC voltage is 

designated " E2" by the program. E2 is calculated by the 

following formula: 

E2 = Ilimit x G2 x ZL 

"limit" is the measured DC collector current of the oscillator 

transistor. An average value of 7.19 mA was used for this 

parameter. G2 is simply the actual gain ratio of the "DBG2" 

output parameter and ZL is as stated in Table 3. Multiplying 
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braid and cable to be determined in order to generate accurate computed 

results. Such information is not readily available thus this method of 

determining the shielding effectiveness of coaxial cable was not persued. 

Moreover, the physical orientation and installation of the cable can greatly 

affect the parameters of the model such as the spacing between the gape in 

the braid, the size of the gape in the braid, and the angular orientation of 

the braid wires with respect to the field within the cable. 

Smith8 presents a comparison of computed and measured surface 

transfer impedance impedance of FG-59/U cable. The impedance is composed of 

diffusion, inductive, and capacitive transfe: impedance components. An 

error of approxiamtely 50% in the computed values of the transfer impedance 

components resulted revealing the difficulty of determining the physical 

parameters of the shield braid to generate an accurate model. 

The information needed to make accurate calculations of the surface 

transfer impedance of a coaxial cable shield is difficult to obtain thus 

limits were calculated and direct measurements made of shielding 

effectiveness. 

To determine the merits of double shielding, a comparison of single 

shielded versus double shielded cable was executed. Roc this comparison, 

single shield R3-59M and double Shield RG-223/11 coaxial cable was used. 

The test is illustrated in Figure 1. A 50 Ohm stripline was constructed to 

act as a radiating antenna. The stripline, terminated in 50 dims, was then 

driven by the RF source in the network analyzer. The coaxial cable under 

test terminated in its characteristic impedance of 50 ohms was placed on top 

of the stripline and the energy leaking through the shield measured. Since 

the field near the stripline is very high and all fields must pass through 

the shield of the coax, interfering sources are attenuated greatly before 

reaching the detector, thus more accurate measurements can be made than if 

the minute energy emanating from the coax shield had been collected by the 

unshielded stripline. The results indicate an approximate 10 to 14 dB of 

shielding effectiveness is gained by adding the second shield. The quantity 

is approximate since some of the measurements were made very near the noise 

floor of the detection system. These measurements are relative and serve 

only to allow comparisons between cables. In order to determine the actual 

shielding effectiveness, field strength measurements must be made. 

TO carry out field strength measurements on double Shield I3-214/U 

coaxial cable the antenna of Figure 2 was constructed. A receiver/generator 

was used as an excitation source and detection system. The cable, terminated 

in 50 ohms, was suspended from the ceiling in the center of the lab and 

driven by 10 Vrms ( 2 Watts) from the generator. The antenna was then used 

to probe the resulting field from all points on a 1 meter radius from the 

cable to locate and measure the maximum radiation for each test frequency. 

Figure 3 illustrates the test conditions and the data collected. A possible 

source of error in this measurement is the fact that the data was collected 

in an unshielded laboratory inside a steel framed building. Reflections, 

standing waves, RFI sources within the building and antenna VBWR contribute 

to the error in the measurements. However, the 100 dB shielding 

effectiveness derived from the measured field strength is the proper order 

of magnitude based on conversations with engineers at cable manufacturing 

facilities . 5 

To minimize sources of error and in an attempt to generate 

reproducible test conditions, practical field strength measurements were 

made on RG-214/u cable using the shielded room, calibrated B41 measurement 

instrumentation, and technical expertise at Hbneywell Signal Analysis 
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Ilimit by ZL gives the maximum AC collector voltage. G2 then 

incorporates the loss to the output buffer. With E2 determined, 

the crystal current may then be calculated. At the capacitive 

tap, the crystal is a series element to the input of the 

oscillator transistor. The input impedance of the transistor and 

the base to ground capacitors C2 and C3 form a reactive 

divider. This voltage division is represented by "DBG1". Gl, 

the actual gain ratio of "DBG1", is the value: 

El 
Cl = E2 

El is the voltage incident on the base of the oscillator 

transistor on the opposite side of the crystal. Therefore, the 

crystal current may be calculated by using the crystal impedance 

at the point of interest: 

Vxstal 
Ixstal Zxstal ; Vxstal is the voltage drop 

across the crystal 
Zxstal is the complex 
impedance of the crystal 

Vxstal = E2 - ( E2 x GI) = E2 - El 

E2 - 1E2 x Cl)  
therefore, Ixstal = Zxstal 

From this analysis, not only was an accurate crystal current 

determined but an easily measurable point, " E2", was found to 

make empirical measurements of crystal drive in the actual 

oscillator unit. 

The voltage at E2 can be measured with a high impedance RF 

voltmeter. The capacitance of the voltmeter probe is 

approximately 2.2 pF which is only 6% of the capacitance of C9. 

Therefore, the loading impact to the circuit is minor. Table 4 

lists the measured value of E2 for various crystals at acceptance 

screening. Notice that the values of the measured E2 voltage are 

within 5% of the E2 values predicted by the computer program. 

The predicted values for E2 of each crystal were determined by 

inserting the individual crystal parameters into the 

initialization of the input to the program. The calculated drive 

for crystal serial number 232: 

(4.753 mA) 2 x 39 ohms = 881 microwatts 

Because of the accuracy of the predicted E2, the predicted 

Ixstal could be used to calculate the drive above. Since the 

calculated drive for the oscillator is under 1 mW, a re-

evaluation was accomplished by varying the initialization table 

of the program by realistic end-of- life tolerances on the circuit 

elements and DC input. Table 5 lists impact to the drive budget 

of various tolerance changes of the oscillator circuit 

elements. Very little change is recorded by component changes 

due to tolerance drift. The DC input variance of the power 

supply is guard banded by +/- 5%. By changing the DC input by +/-

5% and measuring the E2 value with the RF meter, the worst case 

increase in drive was found to be less than 100 microwatts. 

Therefore, a more accurate guard band in drive was estimated to 

be 1.1 mW. An additional 400 microwatts was added to the guard 

402 



Center, Annapolis, maryland. The test conditions are illustrated in Figure 

4. Two 10 feet long pieces of RG-214/U were placed in the shielded room. 

The cables were connected together with a female to female N-type connector. 

Power from an RF power amplifier outside the shielded room provided the RF 

excitation for the test. A dummy load also outside the shielded room was 

used to terminate the coaxial cable under test. All connections in and out 

of the room were through bulkhead N-type connectors in the wall of the 

shielded room. Figure 5 illustrates the emissions measured at a distance of 

1 meter from the two 10 feet lengths of I3-214/0 at power levels of 10 watts 

and 100 watts. Theoretically the curves should always be separated by 

exactly 10 dB. However, the spectrum analyzer detection system plotter did 

not sample at identical frequencies for each of the power levels introducing 

differences in the shapes of the curves which are straight line segments 

between data points. Evidence of this effect is particularly evident in 

areas of the curves exhibiting high slopes or near maxima and minima of the 

curves. Fôr example, a data point was plotted at 10 MHz for the 100 watt 

level but not for the 10 watt level. The slope is so large near 10 MHz that 

it appears the 10 watt curve does not track the 100 watt curve due to the 

error introduced by interpolating between data points on a rapidly changing 

curve. Taking sampling points into account, the areas of the curves with 

gradual slopes, particularly in the 2 to 5 MHz region, exhibit the 10 dB 

difference in field strength. Thus, if enough points are sampled to allow a 

smooth curve to be drawn between the data points without missing the extrema 

of the curves, emissions for any power level can be predicted. Figure 6 

includes a third curve indicating the predicted emission level for a 1 KW 

signal based on the measured 100 W curve. 

In an effort to obtain a numerical value for the surface transfer 

impedance of RG-214/U cable in order to calculate shielding effectiveness 

and thus emissions limits, Leonard Visser of the Belden Wire and Cable 

Research Center was contacted. Mt. Visser is in the process of measuring 

the surface transfer impedance of the complete line of coaxial cable 

produced by Belden. When contacted on June 11, 1985 he had not yet measured 

RG-214/0 cable. However, his familiarity with the properties of similar 

coaxial cable already tested allowed him to estimate the surface transfer 

impedance to be in the range of 0.1 to 10 milliohms per meter over the 

frequency span of 2 to 30 MHZ.10 

Subsequently, Mr. Visser tested FG-214A3 on July 9, 1985. The 

magnitude of the surface transfer impedance he measured over the frequency 

range 10 KHz to 500 MHz is illustrated in Figure 7. At 10 KHz the surface 

transfer impedance is essentially the DC resistivity of the coax shield or 

4.6 milliohms per meter. The impedance reaches a minimum value ( maximum 

shielding effectiveness) at 2 MHz and then increases with frequency. 

Figure 8 illustrates the shielding effectiveness of double shield 

R-214/U, single shield, triple shield, composite shield, and standard 

0.012 inch thick solid copper -Shield semi-rigid coax. Shielding 

efficiencies were calculated from Figure 7 data for R3-2l4/J; from surface 

transfer impedance data presented in the HamMpook of Wiring, Cabling, and 

Interconnecting for Electronics' for single, triple, and composite shields; 

and from the surface transfer impedance calculated from Equation 1 for 0.012 

inch thick copper. Nôte that the triaxial composite shield cable consisting 

of a copper braid over a steel braid over insulation over another copper 

braid is superior to 0.012" thick solid copper at low frequency. This effect 

is attributable to the greater net thickness of the shield and reduction of 
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band to insure a margin. The new screening drive for crystal 

acceptance was reduced to 1.5 mW. 

The empirical measurement technique was then used to set the 

oscillator for 1.5 mW .drive level by increasing the power supply 

to arrive at the necessary E2 value. Table 4 summarizes the 

results of the screening test. The 1.5 mW " Ixstal" was 

determined by: 

1.5 mW 
(1.5 mW) Ixstal Xstal resistance 

The required E2 voltage is found by: 

(E2 predicted)(1.5 mW Ixstal) = 1.5 mWE2 measured 
(Ixstal predicted) 

The accuracy of the computer model is confirmed by the above 

discussion. Therefore, it should have the ability to predict 

some more difficult circuit parameters. 

DETERMINATION OF COMPLEX CIRCUIT PARAMETERS BY THE PROGRAM MODEL  

Figure 4 is a graph of four important output parameters of 

the program over a wide sweep of the circuit in 100 Hz 

increments. The various curves illustrate the operation of the 

Pierce oscillator. The loop gain is shown increasing to a peak 

at around 700 Hz above series resonance. This allows the 

oscillation build-up to occur before the oscillator achieves a 

steady state at " zero loop phase". Consequently, the Allen 

variance of the oscillator will decrease to a final steady time 

domain value. At the same time, the crystal current is seen 

building as the loop gain increases, peaking at 700 Hz. This 

corresponds to a crystal drive of 1.46 mW, almost 600 microwatts 

greater than the final steady state value. Again, the extra 

drive causes a rapid build-up of energy in the resonator to 

overcome the unstable loop phase at start-up. The start-up times 

measured for the oscillators were approximately 12 msec. 

The E2 curve illustates the effect of the resonator 

impedance. The curve reaches a minimum approximately at series 

resonance of the crystal. This where the crystal has its lowest 

impedance and therefore loads E2 the most. As the phase 

approaches zero, the resonator circuit becomes increasingly 

higher in impedance. E2 rises until the resonator impedance 

reaches its maximum and E2 no longer changes. Notice that the E2 

curve is very much like the passive network sweep of a crystal 

resonator. The phase of the loop steadily decreases to an 

operating point about 1400 Hz above series resonance. From Table 

4, this gives an operation frequency of 100 MHz +/- 2ppm for all 

of the series resonance frequencies listed. The oscillator 

indeed operates at 100 MHz. Further examination of the curves of 

Figure 4 allows gain margin, loaded resonator Q, and phase slope 

to be determined. 

Just as the computer model can perform an open loop sweep of 

the modeled circuit, an actual empirical sweep may be 

accomplished. Figure 5 shows the test schematic for the 

empirical sweep. The circuit is broken at the input to the 

403 



the surface transfer impedance by the high initial permeability of the 

ferromagnetic steel braid as analyzed by Salt .6 The three oopper braids 

shield is superior as well as the net thickness of the three copper braids 

is also greater than 0.012 inch. At higher frequencies the capacitive 

oompament of the transfer impedance dominates and the shielding 

effectiveness decreases for both the three copper braids and the composite 

shield while the solid shield shielding effectiveness increases dramatically 

with the decreasing skin depth at higher frequencies. Also note that the 

shielding effectiveness of double shield coaxial cable is roughly 12 dB 

greater than that of the single shield with 90% coverage Whidh agrees with 

the data derived from the comparative measurements previously discussed. 

Figure 9 illustrates the electric field intensity generated by a 1 

mater length of each cable carrying 1 KW measured at a distance of 1 meter, 

calculated from the shielding effectiveness curves of Figure 8 using the 

near field tangential electric field intensity equation for a current 

filament: 

Et = 30= 2 L I sin e At cos(v + it)r) 

where: 

At = [1 + (.« r)4]/(.‘r)3 
L = length of current filament 
X = wavelength 
I = current 
0 = angle 
r = distance from current filament 
=.= 2T/X 

(2) 

It is evident from the data presented in Figure 9 that 

electromagnetic leakage at frequencies less than 10 MHz is not negligible. 

Approaching the question of leakage from practical viewpoint; the power that 

can be carried by a 1 meter length of RG-214/0 without exceeding the 

emission limit of Figure 9 in the range 2 to 30 MHz was calculated. 

Incredibly, the maximum power is less than 500 microwatts. 

The results of this research indicate that computational methods are 

good for establishing limits of shielding effectiveness and thus the level 

of leakage that can be expected from a coaxial cable. Practical 

measurements in the actual installation environment are very difficult due 

to interfering sources of RFI, the dependence of the measurement of the 

radiated fields on physical orientation of the cable, reflections and 

absorption of the RF energy from nearby objects and location of the 

measurement antenna. As Shown by Simons7 there is not good correlation 

between calculated and measured emissions due to these effects. Even field 

strength measurements made in shielded rooms are subject to the errors 

produced by reflections and standing waves present in such chambers. The 

Shielded room also does not adequately simulate the actual installation of 

the cable. 

The results of the predicted leakage calculations and actual 

measurements of electric field leakage from coaxial cables presented in this 

report are Shocking When canpared with the emissions limits imposed by the 

various standards. At modest power levels below 10 MHz, even certain types 

of solid shield coax do not provide adequate shielding to hold emissions 

below mandated limits. Fortunately, coaxial cable manufacturers have 

become cognizant of the engineer's need to have shielding effectiveness data 

in order to design equipment and systems to meet electromagnetic emissions 

standards and are in the process of making the data available to the RF 

design engineer in the form of surface transfer impedance measurements. 
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crystal. This occurs at the junction between gain block 1 and 

2. The terminations at the circuit breaks are chosen to 

approximate those seen during 

to gain block 1 is terminated 

combination equivalent to R13 

closed- loop conditions. The input 

by a paralleled resistor/capacitor 

and Zin2. The input to gain block 

2 is terminated by a "dummy" crystal and capacitor in series to 

simulate the loading of gain block 1. A frequency synthesizer 

was used to drive the loop and a vector voltmeter was used to 

record phase and gain changes on either side of the open 

circuit. Probe A, the reference probe, measures the input to the 

loop, while probe B measures the phase and gain change. The 

vector voltmeter connects the loop in a way without completing 

the circuit. 

The gain margin of the oscillator loop is the excess gain 

present in the circuit above that required for stable 

oscillation. By what is commonly referred to as the Nyquist 

criterion, the active gain and the feedback must satisfy the 

inequality ex B > or = 1. The gain margin is a guard band for 

this function. In other words, the excess gain allows an amount 

of loss due to detrimental effects such as transistor 

transconductance decrease or loop impedance increase. The 

greater the gain margin, the stronger the oscillator's ability to 

withstand such effects. Table 6 is the data gathered for an 

empirical open loop measurement of a typical 35 ohm crystal. At 

zero loop phase, a gain margin of 5.6 dB is calculated. Gain 

margin is found by the formula: 
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IB 
Gmargin = 20 x LOG 07) - 20 x LOG (COS 0) 

The value found on Figure 4 at the operating point is about 6 dB. 

This is an error of 7%. However, it should be noted that the 

empirical open loop sweep was done on small signal levels which 

may cause some error in measurement correlation. 

The loaded Q of the resonator and the phase slope of the 

open loop are important parameters in the phase stability of the 

oscillator. The loaded Q of the resonator represents the actual 

resonance bandwidth of the crystal in the loop. By examining the 

crystal current in Figure 4, an estimate of the loaded Q can be 

made. The maximum current is 6.471 mA. The 3 dB current is 

3.243 mA. Therefore, the calculated loaded Q is found by the 

formula: 

Fo  

QL = BW3dB 

A value of 34,305 is determined. This represents about 30% 

of the typical unloaded Q of the resonators which is generally 

true for Pierce oscillators. The phase slope is the rate of 

change in phase with frequency. This curve represents a transfer 

characteristic to frequency stability. The phase jitter of the 

oscillator is directly dependent on the phase slope. An 

operating point is found on a rather shallow portion of the 

curve. It may be assumed that the phase stability of the 

oscillator is not as great as it could be. Phase slope may be 

related to the loaded Q of the circuit by the following: 

MIN /I Illoilibel». • 



Shielding effectiveness calculations, used with a conservative safety 

margin, can prevent surprises in the EMI test lab and hold RFI in the 

equipment operating environment to safe levels. 
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À7r- = ft3 

However, the group delay of the oscillator is related by the 

Again, the value of 0.109 msec. is calculated. The group delay 

for the oscillator has been determined in two different ways 

using the output parameters of the program. The loaded Q of the 

oscillator can allow a prediction of the phase noise response of 

relationship Q =Its fox, where 1- is the group delay. The the circuit. 

group delay through the oscillator is the propagation delay 

around the loop. Oscillators with large group delays exhibit 

very good short term stability in the time domain. The group 

delay is related to frequency jitter by: 

f 

The advantage of analyzing frequency jitter this way is that 

the 0 and ir variables may be split into their individual 

components. 1) It is not in the scope of this paper to present 

this concept. However, the group delay can be calculated for the 

oscillator by the formula: 

f(360) 

This is directly proportional to the phase slope. From Figure 4, 

a value of 0.109 msec. is calculated at the operating point. The 

group delay may be determined in another way. Since the loaded Q 

is known, the group delay is found by: 

fol.( = 

405 

The construction of the phase noise response occurs in three 

steps: the signal to noise floor, the noise rise due to white 

noise within the resonator bandwidth and the contribution of 1/f 

noise from the active device. The signal to noise ratio is found 

by the following: 

(Pays) 
SNR = 10 log tFkT 
SNR = Pays - NF -174dBc/Hz 

Pave is the power available from the gain source. It can be 

determined by adding "DBG2", DBG1 and "DBOPLOP" from the program 

parameters. This represents the gain of the oscillator 

transistor. A value of 26.44 dB is found for the operation point 

of Table 2. Since no noise figure analysis was done for the 

oscillator amplifier, a value will have to be assumed. A value 

of 3.5 dB is reasonable for semiconductors of the type used in 

the oscillator circuit. This gives a signal to noise floor of 

151 dB. The noise rise due to modulation within the resonator 

bandwidth can now be determined. A general formula used for this 

purpose is: 

fo )71;((fm) = -SNR - 3dB + 10109 (--7r1i-7)- 
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The formula relates the FM modulation index with the loaded 

Q of the circuit. 3 dB is subtracted due to AM contributions 

occurring simultaneously in the noise floor. Finally, the l/f 

noise contribution is added. With an oscillator of this type, 

the major contribution of shot noise is from the transistor. The 

formula which can relate this contribution to the previously 

determined noise is: 

fo fo • y) 
(fm) = - SNR - 3dB + 10log r.x;—() + 10log ( 1 + ( 2 r— 

Table 7 shows the phase noise prediction with the use of 

this formula to the actual measured noise of the circuit. The 

two predictions are based on the two loaded Q's available from 

the analysis. One is the 3 dB current bandwidth found from the 

computer program. The other is the phase slope determined from 

the open loop sweep of Table 6. The phase noise prediction is 

therefore fairly accurate both with the empirical and modeled 

open loop sweeps. 
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SUMMARY  

The advantage of the computer model is clearly demonstrated 

by the above results. Rather straightforward network analysis 

produces a labor saving tool because of the computer's number 

handling capability. Insight gained by examining the analysis 

led to new empirical techniques for rather complex 

measurements. Because of the accurate characterization of the 

circuit, the operation of a Pierce oscillator was presented in 

graphic detail. Further examination of the output parameters 

allowed difficult but important circuit relationships to be 

determined. It is apparent that with more detailed analysis of 

the computer model's output, further work can be accomplished in 

the oscillator's design and improvement. Ultimately, the model 

could be generalized to meet various oscillator types and improve 

the understanding of crystal oscillator circuits. 
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TABLE 1  

C2 and C3: parallel capacitors to base of oscillator transistor 

CO: stray capacitance of crystal enclosure (W-5 style package) 

CI : motional capacitance of crystal resonator 

RI : series resistance of crystal resonator 

Zin2: complex matrix of input impedance of the buffer amp 

R13: coupling resistor between oscillator and buffer amp 

C9: grounding capacitor of capacitive tap 

115: emitter degeneration resistor of buffer amp 

Cl: coupling capacitor of capacitive tap 

RL1: resistance of collector tank inductor of oscillator 

Li: inductance of collector tank inductor of oscillator 

CS and C6: tuning capacitors of collector tank of oscillator 

F1: series resonance frequency of crystal 

S ll' S 12 , S 21' S 22 : S parameters of oscillator transistor 

407 

F-0 °MOP PHOPLCP Pli. 11431. [1101 91131 .132 11102 E2 
118.1471 700 9.508 44.300 119.196 -61.014 -6.2911 -120.018 -8.7509 51.162 0.313 

710 9.459 40.640 121.106 -59.870 -6.7723 -123.502 4.4360 50.026 0.330 6.482 

800 9.373 36.992 123.333 -13.182 -7.2708 -126.646 -8.1667 48.707 0.347 6.470 

850 9.252 33.386 125.809 -18.069 -7.7708 -129.482 -7.9425 47.281 0.363  6.434 

900 9.098 29.848 128.457 -57.436 4.2680 -172.039 -7.7608 em 0.378 4.375 

9,3 8.912 26.401 131.203 -54.110 4.7192 -134.318 -7.6173 44.338 0.393 6.295 

11:00 1.697 23.075 133.974 -56.689 4.2422 -136.436 -7.1073 42.905 0.406 6.117 

1018 8.457 19.176 136.109 -56.546 4.7158 -138.328 -7.4256 41.133 0.419 6.011 

1100 8.195 16.811 139.351 -56.130 -10.1789 -140.0M) -7.3676 40.238 0.430 5.958 

1150 7.913 13.912 141.811 -56.621 -10.6312 -141.611 -7.r89 39.026 0.439 5.821 

1200 7.616 11.117 144.757 -56.799 -11.0724 -143.038 -7.3059 37.900 0.440 5.677 

1250 7.307 S. 146.466 -57.044 -11./326 -144.315 -7.2954 36.159 0.455 5.529 

1300 6.987 6.107 148.500 -57.341 -11.9219 -145.313 -7.2948 35.1199 0.462 5.377 

1350 6.640 3.804 110.360 -57.674 -12.3306 -146.444 -7.3018 35.017 0.147 5.=5 

1400 6.321 1.643 152.051 48.033 -12.7291 -147.651 -7.3147 34.207 0.472 5.073 9,jy.I 

¡no 5.992 -0.313 153.178 -18.401 -13.1177 -148.597 -7.3322 33.462 0.475 4.923 

1500 5.654 -2.282 151.154 -51.711 -13.4969 -149.465 -7.3D3 32.779 0.479 4.776 

1550 5.315 -4.061 156.188 -59.176 -13.8669 -150.770 -7.3763 32.151 0.481 4.633 

1600 4.977 -5.727 157.292 -59./59 -14.=93 -151.019 -7.4014 31.513 0.483 4.491 

1650 4.640 -7.219 119.271 -59.936 -14.5814 -151.716 -7.4276 31.010 0.485 4.359 

1700 4.306 -8.712 09.193 -60.304 -14.9267 -152.364 -7.4544 30.549 0.484 4.228 

1750 3.974 -10.125 159.941 -60.M2 -15.2644 -152.973 -7.1819 30.096 0.487 4.103 

1800 3.645 - 11.413 160.637 -61.009 -15.5951 -1M.542, -7.5094 29.676 0.417 3. 983 

MO 3.319 -12.623 161.257 -61.344 -15.9189 -151.074 -7.5367 29.280 0.488 3.867 

1900 2.997 - 13.760 161.807 -61.666 - 16.2363 - 154.574 -7.5638 28.927 0.408 7.757 

1950 2.678 -14.830 162.295 -61.976 -16.5475 -155.014 -7.5905 :s.sº2 0.409 3.05e 

2000 2.344 -15.837 162.729 -62.272 -16.8130 -155.187 -7.6168 e.ral 0.48' 2.544 

zoso 2.054 - 16.786 163.113 -62.5s7 -17.1529 -155. 003 -7.6425 27.990 0.487 1.452 

2100 1./47 - 17.082 143.454 -42.329 -17.44-4 -156.296 --.6676 27.718 0.48' ". 38, 

Mehl 4/ 2,4pe F1 r.: /co doe Coe taco A"extrei 
7:13)e a FO " F 
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by 
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Phase locked loops 

frequency synthesizers. 

array of control system 

are applied extensively as indirect 

Most design techniques draw on the vast 

theory, particularly second order systems 

as described by Gardenerl and others and the third order system of 

Przedpeiski. 2 

Many applied systems are of higher order due to spurious poles 

contained in loop components or filtering added to suppress the 

loop reference frequency sidebands. This paper presents techniques 

which allow design of systems with four or more poles by 

compensation of a three pole starting point. 

The basic phase locked loop is shown in Figure 1 with a 

typical BODE plot. Dynamic performance is determined by the design 

of the loop filter. Oscillator phase noise suppression and 

transient response are typical design drivers. Two open loop 

response poles occur due to the VCO at zero frequency and the loop 

integrator pole, usually modeled at zero frequency. The remaining 

poles are contained in the loop filter and as spurious poles in 

other components. Setting values for the loop components to 
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TABLE 3 TABLE 5  

FD: offset + or - from crystal series resonance in Hz Circuit Tolerance Drive at Frequency offset 

Element Zero Phase From Series  DBOPLOP: open loop gain in dB Change  

PHOPLOP: open loop phase in degrees 

PZL: absolute magnitude of collector load of oscillator Nominal 35 ohms xtal osc. 798 x 10 -6 watts 1500 Hz 

transistor in ohms c 7 and C9 C-1 + 19 C9 - 1% 800 x 10 -6 watts 1500 Hz 

PHZL: polar angle of collector load in degrees C5 - .166pF 820 x 10 -6 watts 1500 Hz 

DBG1: circuit loss of gain block 1 in dB C5 825 x 10 -6 watts ,0.166pF 1450 Hz 

PHG1: phase shift associated with gain block 1 in degrees C2 and C3 '_2 + C3) - 3pF 808 x 10 -6 watts 1500 Hz 

DBG2: circuit loss of gain block 2 in dB Nominal 19 ohm crystal 840 x 10 -6 watts 1400 Hz 

PHG2: phase shift associated with gain block 2 in degrees Nominal 10 ohm crystal 790 x 10. -6 watts 1550 Hz 

TABLE 4  

: XSTAL : SERIES : • 
:SERIAL #: RES1STANCE: Co • • Cl 

••  
: • 232 : • 39 ohms : 2.34pF : 0.00039pF 
: 237 : 35 ohms : 2.36pF : 0.00038pF 
: 214 : 35 ohms : 2.40pF : 0.00040pF 
: 228 : 34 ohms : 2.32pF : 0.00041pF 
: 221 : 35 ohms : 2.30pF : 0.00042pF 
: 232 : 39 ohms : 2.34pF : 0.00039pF 
: 246 : 34 ohms : 2.32pF : 0.00036pF 
: 239 : 34 ohms : 2.28pF : 0.00042pF 
: 230 : 34 ohms : 2.24pF : 0.00041pF 
: 215 : 37 ohms : 2.20pF : 0.00036pF 
: 244 : 34 ohms : 2.28pF : 0.00042pF 
: 282 : 42 ohms : 2.16pF : 0.00041pF 
: 283 : 42 ohms : 2.14pF : 0.00038pF 
: 291 : 44 ohms : 2.08pF : 0.00033pF 
: 284 : 47 ohms : 2.12pF : 0.00040pF 
: 275 : 42 ohms : 2.18pF : 0.00038pF 
: 281 : 39 ohms : 2.19pF : 0.00042pF 
: 265 : 39 ohms : 2.19pF : 0.00042pF 
: 286 : 44 ohms : 2.12pF : 0.00035pF 

• • • 

: COMP. : COMP. PRED.: MEASURED : 1.5MW : 1.5mW : 
Faenes : PRED. E2 : Ixstal : E2 : Ixstal E2  

• • • • • 
99.998510 : • 486 BIN : ▪ 4.753 mA : 500 mV : • 6.20 mA : 652 mV : 
99.998530 : 519 mV : 5.429 mA : 515 mV : 6.55 mA : 621 mV : 
99.998180 : 518 mV : 5.486 mA : 519 mV : 6.55 mA : 619 mV : 
99.998200 : 522 mV : 5.497 mA : 521 mV : 6.64 mA : 629 mV : 
99.998250 : 520 mV : 5.396 mA : 520 mV : 6.55 mA : 631 mV : 
99.998280 : 514 mV : 5.028 mA : 519 mV : 6.20 mA : 639 mV : 
99.998160 : 521 mV : 5.533 mA : 520 mV : 6.64 mA : 624 mV : 
99.998440 : 523 mV : 5.450 mA : 523 mV : 6.64 mA : 637 mV : 
99.998280 : 522 : 5.510 mA : 520 mV : 6.64 mA • 626 mV : 
99.998580 : 516 mV : 5.287 mA : 519 mV : 6.36 mA : 624 mV : 
99.998410 : 523 nW : 5.450 mA : 520 mV : 6.64 mA : 627 mV : 
99.998690 : 511 mV : 4.850 mA : 518 mV : 5.98 mA : 638 mV : 
99.998870 : 517 mV : 4.825 mA : 517 mV : 5.98 mT : 640 mV : 
99.998990 : 511 mV : 4.649 mA : 508 mV : 5.83 m1 : 637 mV : 
99.998920 : 507 mV : 4.452 mA : 510 mV : 5.65 mA : 647 mV : 
99.998730 : 511 mV : 4.819 mA : 517 mV : 5.97 mA : 641 mV : 
99.998860 : 515 mV : 5.073 mA : 512 mV : 6.20 mA : 625 mV : 
99.998640 : 515 mV : 5.073 mA : 517 mV : 6.20 mA : 631 mV : 
99.998930 : 509 : 4.719 mA : 512 mV : 5.84 mA : 633 mV : 

• • • • • 
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produce a desired response is the goal of the design process. 

Several critical frequencies are defined on the BODE plot. Of the 

six shown coo and wr , are usually fixed by tuning step requirements 

and VCO phase noise suppression or tuning speed requirements. This 

leaves w2, w3 and coc as variables to set other performance 

parameters. 

SPURIOUS POLES 

Spurious poles are those that occur in various components 

usually not by design, but due to some component limitation. These 

Poles are not contained in the simple loop model, but do influence 

actual hardware performance. A typical spurious pole occurs due to 

the finite gain of real operational amplifiers. Figure 2 shows a 

loop filter with its spurious pole due to limited high frequency 

gain. This pole at 10 coo will reduce loop phase margin by 5.7 

degrees. Such poles can be included in the loop design using a 

compensation technique. 

REFERENCE SIDEBAND FILTERS 

Another difference between model and hardware occurs in the 

use of multi-pole filters to reduce the reference frequency 

sidebands. These sidebands are caused by the reference frequency 
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output of the phase detector reaching the VCO input. Filters added 

to reduce the sideband level are often used, but not included in 

the design equations. This results in a difference between 

calculated and actual performance due to reduced phase margin and 

unity gain frequency. The detailed loop model of Figure 3 shows a 

typical reference filter and fifth order loop configuration. 

REFERENCE SIDEBAND LEVEL 

The loop reference frequency must be several times greater 

FIGURE 3. DETAILED LOOP 

MODEL 

than the unity gain frequency if linear continuous data analysis is E 
.2r 2E E 
  Kdr = Tr VOLTS/RADIAN = PHASE DEI SLOPE to be valid. With loop gain at wr much less than one, the gain 

from phase detector to VCO output is essentially the forward gain 

of the loop. With a given static phase error, reference sidebands 

are evaluated as shown in Figure 4 for phase detectors with logic 

level outputs. 

The input signal at wr consists of the fundamental component 

of the pulsed output of the phase detector. This is 2 times the 

pulse duty cycle times the peak output voltage. This voltage is 

filtered by F(s), the loop filter, and applied to the VCO producing 

phase modulation of Ko/wr radians per volt. If this modulation is 

small, less than six degrees, the sidebands will be 20 log be/2 dB 

below the VCO output. Output pulse width for a given static error 
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is dependant on phase detector configuration. The popular phase - 

frequency detectors such as the Motorola MC4044 produce a pulse 

width approaching a constant of 10 to 20 nanoseconds at zero phase 

difference. 

the sideband 

established. 

Given the pulse width and loop filter characteristics, 

level can be determined and the filter requirements 

As the unity gain frequency wo and reference 

frequency wr become closer the suppression of the sidebands may 

require complex filter circuits. If the complex filters poles are 

known, the suppression can be calculated as shown in Figure 5. 

THIRD TO FIFTH ORDER COMPENSATION TECHNIQUE 

A third order loop is designed for optimum phase margin by 

locating unity gain and minimum phase at the same frequency. 

Figure 6 shows a BODE plot for an optimum 

choice for tunable synthesizers since the 

variation with variable divider ratio N. 

closely approached for higher order loops 

loop. This is a 

phase margin has 

This optimum can 

by a compensation 

good 

small 

be 

process. As the additional poles reduce gain and increase phase at 

the desired wo the loop filters T1 and T3 can be modified to 

maintain near optimum conditions. This procedure is quite 

successful for large separations between wo and wc, the filter cut 

frequency, and remains useful, but not optimum as wc approaches wo . 
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HARMONIC FILTERING AT UHF AND MICROWAVE FREQUENCIES 

Philip B. Snow 
Microwave Teknology Organization 

Tektronix, Inc. 
P.O. Box 500, 58-147 
Beaverton, OR 97077 

The need for good filtering at a reasonable cost, size and 

performance is important to the designer of communications 

systems and/or equipment. For instance, harmonic suppression in 

oscillators have traditionally utilized low or band pass filter 

circuits to reduce distortion. These types of filters usually 

have well defined " skirt(s)" and high out-of-band rejection that 

require coupled, multi-element, high Q resonators. 

At UHF and microwave frequencies, distributed elements 

(transmission lines of prescribed impedance) are employed to 

achieve an acceptable design due to their higher Q and predict-

ability at microwave frequencies compared with standard lumped 

elements. However, distributed element filters also have 

problems. Tuning (" tweaking") multi-distributed elements in 

production is tedious and odd frequency reentrant modes are 

omnipresent. Tuning is a problem in that the lengths of the 

distributed elements must be altered ( shortened/lengthened) in 

the alignment of the filter. This is not easy since the multi-

resonant elements interact. The reentrant issue is one that is 

difficult to deal with in design and generally requires a 

compromise in performance to minimize its effect. By 

concentrating on the harmonic frequencies and the reentrant 

nature of distributed elements, a designer can turn a problem 

into a simple solution. 

Before actually designing any filter using transmission 

lines, it is important to understand transmission line resonant 

circuits and their reentrant behavior. The general expression 

for the impedance down a dissipationless transmission line is: 

lin = Zo*((Z1+jZo*tan(B*1))/(Zo4jZ1*tan(B*1))) ( Eq.1) 

where: Zo = characteristic impedance of the transmission line 

B = 2*Pi/L 

L = the frequency wavelength in the transmission line. 

1 = the length of the transmission line between Zin & 
Zl. 

Z1 = the load impedance on the end of the line. 

To form a simple minimum loss resonant circuit, Zl can be a 

short-circuit ( Z1=0) or Zl can be an open-circuit ( Z1=00). In 

reality, at microwave frequencies even a good short-circuit is 

slightly inductive ( due to its finite length) and an open-circuit 

is slightly capacitive (due to end fringing capacitance). Both 

these parasitic effects require the transmission line to be 

411 



FIGURE 6. BODE PLOT FOR AN OPTIMUM 3rd ORDER LOOP 
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This procedure maintains constant phase at wo by moving Tj to 

a value which reduces its phase shift by that of a two pole filter 

with a given cut-off frequency and damping factor. The loop may be 

designed from parameters of the third order loop plus two, we and 

d, for the filter. Any two poles, including two isolated spurious 

poles can be defined by a natural frequency we and a damping factor 

d. 

Figure 7 gives the design equations for third and fifth order 
0 

loops. An open loop pole zero plot on the S-plane is shown in 

Figure 8. Here the path of two complex poles moves on constant d 



slightly longer to achieve a desired Zin that would normally be 

predicted by Eq.1. 

If Z1=0 ( short-circuit load) is substituted into Eq.1 then: 

Zin = Zsc = jZo*Tan(2*Pi*l/L) (Eq.2) 

From the transcendental nature of Eq.2, it is apparent that 

the impedance of a shorted transmission line has more than one 

unique length; ( 1) for a given wavelength, ( L) at which it will 

be series resonant at Zsc = 0, and parallel resonant at Zsc = 00. 

Therefore, from Eq.2gthe following information can be derived: 

Zsc = 0 when 1 = 0, L/2, L, ( 3/2)*L, 2*L,   

Zsc = 00 when 1 = L/4, ( 3/4)*L, ( 5/4)*L, ( 7/4)*L,   

If Zl = 0 (open-circuit load) and is substituted into a 

rearranged form of Eq.1 then: 

Zin = Zoc = -jZo*Cot(2*Pi*l/L) (Eq.3) 

Eq.3 is also transcendental, and it is apparent that the 

impedance of an open transmission line has more than one unique 

length ( 1) for a given wavelength ( L) at which it will be 

parallel resonant at Zoc = 00 and series resonant at Zoc = 0. 

From Eq.3 the following information can be derived: 

Zoc = 00 when 1 = 0, L/2, L, ( 3/2)*L, 2*L,   

Zoc = 0 when 1 = L/4, ( 3/4)*L, ( 5/4)*L, ( 7/4)*L,   

From inspection of the derived length ( 1) data for Zsc and 

Zoc, it can be concluded that the shortest or fundamental line 

for a distributed resonant circuit is one-quarter wavelength 

(L/4). This excludes 1=0 because it is outside the boundary 

conditions for a finite resonant element. 

Thus far the discussion of distributed resonant circuits has 

been confined to a fixed wavelength ( L) or frequency with a 

variable line length ( 1). This constraint has allowed the 

concept of the fundamental one-quarter wavelength to be 

established as a basic resonant building block for a filter. 

From a practical stand point ( 1) is fixed and by definition ( L) 

is variable across the frequency spectrum. The relationship 

between wavelength ( L) and frequency ( F) is: 
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L = Vp/F (Eq.4) 

where: Vp = velocity of propagation of the wave within the line. 

For purposes of further discussion, the angular expression 

in Eq.2 and Eq.3 can be rewritten in the following form: 

2*Pi*l/L = ( Pi/2)*(F/Fo) 

where: 1 = Lo/4 

Lo = Vp/Fo 

Fo - fundamental resonant frequency 

(Eq.5) 

Zsc = jZo TAN ( 72 FF0) 

DISTRIBUTED • 44 

(Sc) 

1  
jtep -  1  

Figure 1. 
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Figures 1 and 2 show Lo/4 shunt transmission lines with 

short-circuit and open-circuit loads respectively. Their 

analogous lumped element equivalent is shown adjacent to them. 

Zoc 
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FOURTH ORDER DESIGN TECHNIQUE 

A fourth order loop occurs when T3 goes to zero using the 

fifth order compensation technique. At this point the two pole 

filter has the same phase shift as the W3 pole in the third order 

loop. 

This condition can be used to derive the filter 

characteristics for a fourth order loop. Figure 10 shows this 

process starting with the condition that T3 • 0 and T2 set at the 

third order starting point. The resulting design equations show 

the ratio of filter cutoff frequency to unity gain frequency set by 

the phase margin and filter damping factor. Figure 11 plots 

frequency ratio and gain margin as a function of phase margin and 

damping factor. Relative pole locations for this configuration are 

shown in Figure 12 with the progression of W3 from its third order 

position at W33 through the fifth order w35 range to infinity, 

which produces the fourth order loop. Constant phase margin and 

unity gain frequency are maintained by the design equations. 

GAIN MARGIN 

Gain margin is the open loop loss at the frequency where open 

loop phase equals 180° . Second and third order loops have infinite 

gain margins. Their loop gains can be increased indefinitely 
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The impedances ( Zsc and Zoc) of the distributed circuits in The multiple parallel and series resonances are unique to 

Figures 1 and 2 are shown plotted versus freuency in Figures 3 distributed elements compared to their lumped element 

and 4 respectively: 

Z SC 

ZOC 

+ X 
z 0 
o 
— z 0 

— X 

Figure 3. 

1__-

I 

F, 2F, 3F, 4F, 

I ; 

FREQUENCY 

Figure 4. 

414 

counterparts which have only one resonant frequency. 

It should be apparent by now what is meant by the reentrant 

or periodic nature of distributed resonant elements from Figures 

3 and 4 and how they can be used as repetitive band-reject 

filters to suppress harmonics in an oscillator application. 

However what might not be obvious is how to achieve parallel 

resonance at the fundamental oscillator frequency ( F1) and series 

resonance at the even and odd harmonics of that frequency. The 

distributed circuit shown in Figure 5 is the key structure and 

the initial step in designing such a filter. 

There is a unique characteristic about a shorted quarter-

wave resonator. No matter where it is tapped along its length, 

it will always be parallel resonant. 
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without instability. Such loops do not occur in real systems due 

to the spurious poles discussed above. Loops of order greater than 

three have a finite gain margin. It is readily determined from the 

BODE plot for a given loop. The compensation technique does not 

control gain margin nor does it insure stable operation of all 

fourth and fifth order loops. As the high frequency poles move 

lower in frequency the 180 degree phase response moves downward and 

gain margin falls. Underdamped poles ( d<l) aggravate this 

situation by increasing gain with frequency. This effect, shown in 

Figure 11, produces fourth order loops using d less than . 3 with 

small or negative gain margin ( oscillators). Fifth order loops 

with the pole arrays of Figure 9 have good to excellent gain 

margins. 

IDI MORE POLES 

FIGURE 12. OPEP LOOP POLE 

LOCATIONS FOR THE 4th ORDER 

LOOP RESULTING FROM T,, • 0 

414 

This compensation technique produces excellent results for 

small loop modifications which occur for high frequency spurious 

poles. As the complexity of the filter increases or it moves lower 

in frequency the resulting phase slope will move the phase minimum 

away from unity gain producing non-optimum loops. Decreasing gain 

margins will also produce unacceptable loops even when phase margin 

remains high. To date the process has not been applied beyond the 

five pole loops discussed here. In the above technique the optimum 
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Zsc = jZo and Zoc = - jZo 

The reason for this is that shorted transmission lines less 

than ( L/4) ( i.e. 12) will always be inductive and open 

transmission lines ¡ less than ( L/4) ( i.e. 11) will always be 

capacitive. If ( 11 +12) = ( L1)/4 then the two resultant 

reactances ( or susceptances) will be equal in magnitude and 

opposite in sign on the imaginary impedance axis. rIllE the shunt 

configured circuit in Figure 5 is parallel resonant at the 

frequency Fl. This can be readily proved by substituting 1 = 

(L1)/8 and L = Li into Eq.2 and Eq.3 which yields: 

415 

Since it makes little difference where a shorted quarter-

wave transmission line is tapped to achigve a parallel resonance, 

the next question might be why was the circuit in Figure 5 

configured such that 11 = 12 = ( L1)/8? The answer to that is 

simple. Series resonance (band-reject) will occur: 

when 11 = L/4 at 2*F1, ( 3/4)*L at 6*F1, ( 5/4)*L at 8*F1  

and when 12 = L/2 at 4*F1, L at 8*F1,   

Thus, the circuit in Figure 5 exhibits the composite impedance of 

that shown in Figures 3 and 4: where Fo = 2*Fl. 

The filter structure in Figure 5 is, however, only good for 

filtering "even" harmonics of the dlsired or band-pass frequency 

Fl. All the "odd" harmonics ( 3*F1, 5*F1, 7*F1....) cannot be 

suppressed as easily as ALL the "even" harmonics are with a 

SINGLE tapped ( L1)/4 distributed structure shown in Figure 5. 

This is due to the fact that Fl is, in a broad sense, an "odd" 

harmonic ( 1*F) and conflicts with the requirement that Fl be 

band-passed while the remaining "odd" harmonics ( F3, F5, F7  

be band-rejected. Thus to achieve this design constraint each 

"odd" harmonic requires one unique shunt ( L1)/4 distributed 

structure tapped progressively closer to the open end of the 

transmission line the higher thn " odd" harmonic frequency. 



FIGURE 13. 3rd ORDSR LOOP wiTn 2 SPURIOUS POLES 

loop condition was taken as equal frequency for unity gain and 

minimum phase. If this is not optimum for a given condition the 

design process can begin with any reasonable value for w2 rather 

than that of the " optimum" third order loop. One choice might be 

the l/f phase noise break point for a particular VCO. Lowering w2 

will allow more complex filtering at the expense of " optimum" phase 

conditions. 

DESIGN EXAMPLES 

The utility of this technique can be tested by application to 

to some typical loop designs. Figure 6 is the BODE plot of an 

optimum third order loop with phase margin of 50°. This loop has a 

unity gain frequency of 10 KHz and a reference frequency of 250 

KHz. Reference suppression is 47 dB. ( Reference suppression is 

taken as gain at wr and does not account for N.) Figure 13 shows 

the effect of two spurious op amp poles at 100 KHz. Phase margin. 

is 38 degrees rather than 50. Unity gain frequency is 9.9 KHz and 

gain margin is 13 dB. Figure 14 is the same loop designed as fifth 

order with the compensation equations, providing the desired phase 

margin and unity gain frequency by modification of T1 and T3. Its 

gain margin is 17 dB and reference suppression 57 dB. 
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Figure 6 shows these structures graphically depicted to the Combining the structure in Figure 5 with any or all of the 

7th harmonic: 

3rd 

Figure 6. 

5th 

7th HARMONIC OF F1 

The length of each of the "open" sections of the distributed 

structures must be L/4 ( series resonance, Zoc = 0) at the desired 

"odd" harmonic frequencies. This open-stub length ( hoc) 

translates to the fundamental wavelength ( L1) using the following 

equation: 

Loc = ( L1)/(4*N) 

where: N = the " odd harmonic number ( i.e. 3,5,7   

(Eq.6) 
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tapped ( LI)/4 structures in Figure 6 constitutes a 

can be tailored to a prescribed harmonic suppression. 

used this technique to reduce the distortion in a 

filter that 

The author 

500 MHz SAW 

resonator oscillator. Only two ( L1)/4 structures were required; 

the "even" one in Figure 5 and the 3rd harmonic "odd" one in 

Figure 6. A photograph of the transmission characteristics of 

this filter is shown in Figure 7. 

Sal 10, MAO 

REF • 0 4E1 A dR, 

-1.4115 dl 

.  

a 

FIGURE 7. 

STAR? 0.045 OOOOOO GH, 
sup 2.500009000 GH, 

Note the parallel resonance at the 500 MHz fundamental and 

the series resonance at the 2nd ( 1000 MHz), 3rd ( 1500 MHz), and 

4th ( 2000 MHz) harmonics. Figure 8a shows the oscillator without 

the filter, and Figure 81) shows the oscillator with the filter. 

Thus, with a few shunt distributed elements, an effective yet 

111=1 1:211 OEM Mil NM awl »I lut sets see 1:=1 L ••••••• 



Figure 15 shows the same third order loop with a two pole 

filter at 75 KHz added to reduce reference sidebands. Note again 

that the phase margin and unity gain points are as desired, and the 

gain margin of 16 dB for this loop. Reference suppression is 65 

dB. 

Figure 16 shows the fourth order loop produced when (e3 goes to 

infinity. Again the phase margin and unity gain are as required, 

the gain margin is 9 dB and the reference suppression 50 dB. 

CONCLUSIONS:  

A design technique for fourth and fifth order phase- locked 

loops has been described which accounts for common loop filter 

elements not found in earlier models. While not strictly optimum 

in the mathematical sense, the technique yields very useful results 

and is valuable as a design tool for the equipment design engineer. 

The technique is readily applied as a computer program which 

produces circuit component values from performance requirement 

inputs. 3 
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simple filter can be designed without complex synthesis and 

fabricated without tedious " tweaking" in manufacturing. 

ICU/ 4008 7-1A 1 1114Z 

FIGURE 8a FIGURE 8b 

From the filter response shown in Figure 7, it should be 

apparent that the harmonic attenuation ( suppression) is finite 

The equation for the equivalent ( lumped L/C) unloaded Q for 

an "open" L/4 resonant line can be derived by equating its 

derivative of impedance (with respect to angular frequency 

(2*Pi*F)) with the derivative of impedance of a lumped L/C series 

resonant circuit. The resultant of that mathematical computation 

divided by Rs ( series resistance) yields: 

Qu = (Pi/4)*(Zo/Rs) (Eq.7) 

Eq.7 can be used to calculate Rs at any harmonic frequency 

(Fn) if Qu is known at Fn. The harmonic attenuation ( An) at any 

Fn can be predicted by judicious use of the following equation: 

An = Rs'/(Ss'+(Ro/2)) (Eq.8) 

Where: Rs' = the equivalent series resistance of all the L/4 

and multiple L/4 lines with series resistance at Fn. 

Ro = Source and load resistance assumed equal ( i.e. 50 

(i.e. > 30 dB), not infinite as predicted by Eq.2 or 3, where Zin ohms) 

= 0. Equations 2 and 3 are derived from Eq. 1 which assumed no 

loss (dissipationless line). Distributed quarter-wave ( L/4) Applying a similar procedure as used to obtain Eq.8 an 

resonant lines have loss that can be calculated if the equivalent equation for insertion loss can be created as follows. 

unloaded Q value is known. 
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The equation for the equivalent ( lumped L/C) unloaded Q for 

a " shorted" L/4 resonant line can be derived by equating its 
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derivative of susceptance (with respect to angular frequency) using Equations 7 and 8. Rs' reduces to Rs in a single ( Ln)/4 

with the derivative of suscaptance of a lumped L/C parallel 

resonant circuit. The resultant of that mathematical computation 

divided by G ( parallel conductance) yields: 

Qu = (Pi/4)*(Rp/Zo) (Eq.9) 

Where: Rp = 1/G = parallel resistance. 

Eq.9 can be used to calculate Rp at the fundamental 

frequency ( FI) if Qu is known. The insertion loss ( I.L.) can be 

predicted using the following equation: 

I.L. = ( Rp/m)/1(Rp/m) + (Ro/2) (Eq.10) 

Where: m = number of shunt ( L1)/4 resonators in the filter. 

(i.e. m=2 for the filter in Figure 7.) 

The filter in Figure 7 was configured with . 047 inch 

diameter semirigid coaxial cable with a dielectric constant Er = 

2. Different transmission line media, whether coax, stripline, 

microstrip, etc. will have different Qu's. By configuring some 

(Ln)/4 "open" resonant lines in the desired transmission line 

media and making harmonic attenuation (An) measurements at each 

harmonic frequency ( Fn), the unloaded Q's ( Qu) can be calculated 
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resonant line. n = desired harmonic number ( i.e. 1,2,3,4....). 
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RF-TECHNOLOGY FOR NMR IMAGING/SPECTROSCOPY 

O. MUELLER, D. VATIS, W. EDELSTEIN, P. BOTTOMLEY 

GENERAL ELECTRIC COMPANY 

CORPORATE RESEARCH AND DEVELOPMENT 

MEDICAL DIAGNOSTICS SYSTEMS BRANCH 

SCHENECTADY, N.Y., 12301 

INTRODUCTION: 

Radio-Frequency (RF) technology has made an important contribution to the 

implementation of an exciting new medical diagnostics tool during the past 

couple of years: The NUCLEAR MAGNETIC RESONANCE IMAGING machine, which is able 

to lock noninvasively inside the human body. This new technique alters the 

perspective of the radiologist and allows him to diagnose diseases with greater 

sensitivity. One of the main advantages of NMR images is their excellent soft 

tissue discrimination. NMR spectroscopy is now being evaluated for possible 

application to the non-invasive study of body chemistry. Many hospitals are 

in the process of installing such NMR imaging machines. 

This paper reviews the NMR-system with emphasis not on the physics of the 

nuclear magnetic resonance effect but on the RF technology required to make it 

operate. Some special RF problems occurring in NMR will be discussed, especially 

the RF signal and kilowatt power processing. 

PRINCIPLES OF MIR IMAGING: 

The nuclei of certain atoms such as hydrogen and phosphorus possess both 

a magnetic moment and a spin angular momentum. When these nuclei are subjected 

to an external direct magnetic field, they align themselves in the direction 

of that field like compass needles. In addition, these nuclear micro-magnets 

are rotating or "spinning" like gyroscopes or tops with the so-called 

Larmor-frequency which is proportional to the magnetic field strength Bo. The 

proportionality factor is a physical constant, the gyromagnetic ratio, which 

differs greatly for various atoms. For hydrogen that ratio is 42.58 MHz/Tesla, 

and for phosphorus 17.23 MHz/Tesla. A magnet with a field strength of 15,000 

Gauss or 1.5 Tesla operates therefore at a frequency of 63.87 MHz for hydrogen 

imaging. At the same field phosphorus nuclei can be detected at a frequency of 

25.845 MHz. The relative sensitivity is fortunately very high for the 

diagnostically relevant hydrogen nucleus which is also available abundantly 

in the human body, mainly as part of the water and lipids ( fat) in body tissue. 

Magnetic resonance absorption occurs when radio frequency energy is 

applied at the Larmor frequency. The magnetic vector B1 of this RF field must 

be perpendicular to Bo, the static magnetic field, which aligns the spins and 

produces a macroscopic magnetic moment. BI flips this magnetic moment vector 

by a certain angle depending on the magnitude and duration of the applied RF 

pulse. When the RF field is discontinued the transverse magnetization precesses 

around the axis of the external main Bo field. Hereby a RF signal is induced 

in the receiver coil located in the transverse plane. Spatial discrimination 

for the imaging process is obtained if one applies an additional, linearily 

varying magnetic field in the x, y and/or z-direction of a coordinate system 
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DEVELOPMENT OF A C BAND POWER MODULE FOR THE 

MORELOS MEXICAN SATELLITE SYSTEM 

Arturo Velazquez & Arturo Serrano 

C.I.C.E.S.E. Research Center 

Ave. Espinoza No. 843 

Ensenada, B. C. 

MEXICO 

ABSTRACT 

This article describes the procedures of design and 

characterization of power modules of 1 Watt, 3 Watt and 5 Watt 

intended to be used as transmission elements in RF sections of 

earth stations linked through the Morelos Mexican Satellite 

System. This article also describes the particular use of the 

three indicating the number of available channels for each 

application taking into account the essential parameters of the 

satellite link. These modules were developed under contract with 

the National Council of Science and Technology Potentially to be 

used in rural and private network applications in Mexico. 

I. INTRODUCTION 

This document deals with the effort made toward the 

development of high power amplifiers, based in the use of GaAsFET 

devices and intended to be proposed for use with the Mexican 

Satellite System. 

We start this program by first making several low and medium 

power prototypes, to generate an efficient methodology for design 

and characterization of HPA's modules. Our main interest is to 

develop the technological aspects involved in the design and 

fabrication of this type of subsystems, based on our previous 

experience in the low- noise design. 

II. DESIGN PHYLOSOPHY  

Initially, we must select a circuit topology that allows us 

to satisfy the operation requirements, taken into account the 

final application of the amplifier. For this case, we have taken a 

modular approach in order to evaluate adequately each separated 

stage and to make any possible correction without interfering with 

other stages. 

We have chosen to design several independents modules prior 

to the main HPA prototype, namely, we design: 1W, 3W and 5W 

modules, in order to get a better way of selecting the final 

circuit configuration, based on device availability and 

technological internal support. 
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inside the magnet generating the main Bo field. These fields are produced by 

so-called gradient coils.(1,2). 

THE NMR IMAGING SYSTEM: 

A block diagram of a typical NMR imaging system is shown in Figure 1. At 

the left the computer related instruments are seen which carry out the image 

processing. Between the magnet at the right-hand side and the computer the 

necessary electronic components are indicated: spectrometer consisting of a 

transmitter and receiver, a multi-kilowatt RF power amplifier, noise 

suppression diodes, a transmitter/receiver switch, a kW matching network, low 

noise preamplifier, RF amplifier etc. 

THE MAGNET: 

The magnet has to be located inside a shielded room so that nearby radio 

stations do not . nterfere with the small NMR RF signals. The concept of 

superconductivity is commercially exploited on a large scale for the first time 

by most of these NMR magnets. Liquid helium at a temperature of about 4 degree 

Kelvin (- 269 degree centigrade), imbedded in a tank of liquid nitrogen, cools 

the magnet coil wires so that they become superconductive. Their electrical 

resistance is zero and a DC current induced by a power supply once will continue 

to flow after the supply is disconnected generating a strong magnetic static 

field in the order of magnitude of 0.3 to 2.0 Tesla ( 3000-20000 Gauss). An 

important requirement for a whole-body magnet is that the magnetic field is 

highly homogeneous over a large volume to be imaged. Any inhomogeneity 

translates into a picture distortion. Therefore, all magnets have shimming coils 
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in order to homogenize the field.They are fed by the shimming power supply. 

The trend to higher magnetic fields is dictated by the physics of the NMR 

experiment which says that the signal-to-noise ratio increases with increasing 

field strength. 

An array of x,y and z gradient coils are mounted on a cylinder inside the 

magnet bore in which a whole- body or a head RF coil is also located. The gradient 

coil carrying cylinder is covered on its inside by a copper foil shield in order 

to generate a well-defined electrical environment for the RF coils and for the 

elimination of any interference between these coils. Resistive and permanent 

magnets are also used for NMR imaging, but only for lower field strength 

(0.15-0.3 Tesla). The former require 20 to 40 kilowatts of power and therefore 

costly cooling systems. ( 3). 

GRADIENT POWER AMPLIFIERS: 

In order to generate the gradient fields n,cessary for obtaining spatial 

resolution of the NMR signals DC pulse currents of 10-30 A must be injected into 

the gradient coils. They are delivered by the gradient PAs which are 1-2 

kilowatt linear audio amplifiers with a frequency range of DC to 50 kHz. The 

magnetic forces on the gradient coil wires produce loud acoustic noise. 

Therefore, provisions for acoustic damping must be implemented. The philosophy 

behind the pulse trains used in different NMR experiments is a science for 

itself. After this short discussion of the apparatus generating the magnetic 

field environment necessary for NMR the RF signal path will be followed. 
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We focused in the 3W module, because in its design and 

implementation, there are involved both small signal and large 

signal methods, that could be used in the final design. The 

following section will be devoted entirely to show the general 

design methodology, and then we will present some results and 

possible applications. 

III. DETAILS OF 3 MATT AMPLIFIER MODULE 

This module is intended to provide 3 Watts of output power at 

the ldB gain compression point. In the design of this module, the 

main objective is to obtain a good trade-off between linearity, dc 

power consumption and distorsion level. 

One of the goals in this design project is to get a strong 

correlation between computed and measured circuit performance, 

detecting the possible source of error in its final 
implementation. 

The circuit configuration for this high- gain, high- power 

amplifier is shown in figure 1 along with the type of GaAsFET 

devices that will be used in its implementation. This 

configuration includes one balanced stage in order to increase the 

power handling capability of the single medium power GaAsFET. 

We can see three basic building blocks in this figure, 

namely, the low- power two- stage block that uses cascade connection 

of one NE72089 with one NE69489, then there is a medium power 

block formed with one NE900175 cascade connected with one 

NE800299, and finally there is a single stage high power block 

that uses one internally matched GaAsFET device that provides 3.5 

Watts at 6.4 GHz. 

Also of importance are the 3 dB hybrid couplers that should 

be used in the balanced block and that will be implemented by 

using branch line quadrature hybrids on the same substrate used 

for the amplifier stage. 

The basic block for the two- stage designs is shown in figure 

2 and it will be used as reference in the description of the 

design steps that follows. 

a) Design of the two- stage low- power block. 

In the structure for this block is necessary to calculate the 

appropriate matching networks MN1, MN2 and MN3 in order to present 

the reflection coefficients required at the transistor input and 

output ports, to get maximum gain at this stage. 

Due to the signal level at this point the small signal ' S' 

parameters of the GaAsFET can be used in the design. As a first 

approach, the manufacturer data sheet are used and the individual 

FETs are first analyzed to check for stability and available gain 

in the 5.9-6.4 GHz band. The result of such analysis is shown in 

tables 1 and 2. 

The requeriments imposed to the matching networks are as 

follows, making reference to the results on tables 1 and 2, and 

regarding the values of the reflection coefficients for maximum 
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THE TRANSMITTER: 

The pulse sequences necessary for the NMR experiment contain sinx/x or 

sic-pulses which are used in order to excite a well-defined slice of the object 

to be imaged in such a way that the NMR signal is constant across that slice. 

These sic-pulses require that the NMR transmitter as well as the RF power 

amplifier are linear. A block diagram of a NMR transmitter is given in Figure 

2. It includes envelope feedback for linearity improvement. The NMR experiment 

requires the ability to change the phase of the carrier frequency in 90 degree 

«steps which is accomplished by the multiplexer circuit shown. 

A disadvantage of NMR imaging is the relatively long time required td take 

an image ( several minutes) compared to x-ray tomography ( seconds). The reason 

is that the nuclear spins in the samples have a relatively long relaxation time 

of several hundred milliseconds after excitation. One way to speed up the 

process is to image additional slices while waiting for the first ones to relax 

toward equilibrium. By applying a finite bandwidth RF pulse in the presence of 

a magnetic field gradient, a slice in a plane perpendicular to the gradient is 

excited. The modulating waveform required to produce an offset slice at a 

location Fl ( frequency) of bandwidth Fo is a single-sideband signal which can 

be generated by the so-called Weaver method of SSS generation using a quadrature 

I-Q channel circuit arrangement. The modulating signals, generated by n-bit data 

words and converted to analog signals via DACs, are sine/cosine functions of 

the offset frequency Fl modulated by the sinc-function of the bandwidth Fo. They 

are applied at the corresponding PS- I and PS-Q ports of the SSS transmitter 

shown in the block diagram of the spectrometer in Figure 3. 
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THE RF POWER AMPLIFIER: 

Most NMR imaging systems, especially at higher fields ( 1.5 Tesla), use tube 

power amplifiers because power levels of 5 to 15 kW are required for the 

excitation of the protons during whole-body imaging of heavy patients. These 

amplifiers are expensive, have a narrow bandwidth and require a change of the 

tubes after relatively short time intervals ( 1-2 years). Therefore, efforts are 

under way to replace them with solid-state amplifiers, a challenging task. 

Typical pulse widths and duty cycles of NUR pulse sequences are in the 

range of 1-5 msec and 1-5 % respectively. Therefore, the average power levels 

stay relatively low. Transistor pulse amplifier design makes good use of the 

amazing ability of semiconductor devices to handle large power levels for short 

time intervals. For example a small PIN-diode in a glass package such as the 

Unitrode device UM- 7201B has a power dissipation rating of 1.5 Watt in free air, 

but can handle a 20 kW pulse for 1 microsecond! Fortunately, a new technology 

has also arrived: The Fic power MOSFET. Only this device was used because of its 

larger safe operating area and its higher input impedance compared to bipolar 

transistors. 

Figure 4 shows the circuit diagram for a push-pull MOSFET power amplifier 

output stage for a 0.15 Tesla resistive magnet NMR system operating at 6.4 MHz. 

Transmission line BALUNs and 4:1 transformers have been used at input and 

output. With two low-cost MTM-15N45 MOSFETs ( 450 Volt, 15 A, 60 A peak) RF pulse 

power levels of 5-6 kW have been obtained in the 6 MHz frequency range with a 

power gain of 18 dB at 200 Vdc. In Figure 5 the output power as a function of 

the battery voltage is shown. These transistors ( in a TO-3 can) produced still 



gain at 6.2 GHz: possible, then:. 

1) MN1 must match the 50 Ohms source impedance, to the 

impedance corresponding to rg = ( rin,1)* = rms,1 = 0.73/150' 

(8.3 + j13 Ohms), 

2) MN2 must match r in,2 = ( rout,1)* = rm1,1 = 0.601/148 

(13.4 + J13.2 Ohms), to rout,2 = ( rin,3)* = r ms,2 = 0.803/134.7 
(6.2 + j20.6 Ohms), 

3) MN3 must transform the impedance corresponding to r 1 . 

( rout,3). = rm1,2 = 0.887/70.8 ( 8.9 + J69.6 Ohms), to the 50 

Ohms load impedance. 

Based on previous results, the circuit topology selected for 

MN1, MN2 and MN3 is formed by the cascade connection of short 

lenght transmission lines, whose electrical characteristics as 

well as the number of elements in the network are determined with 

the following equations ( 1): 

Zc 2 R1/Z2/ 2 - R2/ZI/ 2  = 
R2 - R1 (1) 

Oc - tan-1  Zc ( R2 - R1)  

R2 X1 + Pl X2 (2) 

where Z1 . R1 + J Xl, Z2 = R2 + j X2, and Oc, are shown 

schematically in figure 3. Obviously, if ze is negative the 

impedance transformation is not possible with only one matching 

element, so more elements must be added. This can be acomplished 

by first transforming to an intermediate impedance ( arbitrary) and 

then using the given equations and repeat this process until the 

right transformation is found. When this transformation is 

Ze = Zc 
Zl + J Zc tanh (it) 

Zc + j Z1 tanh (ye.) (3) 

where,tis the physical line lenght,y=a+JB is the 

propagation constant with a being the attenuation constant and8 

the phase constant. 

Following this method, the two- stage low power design is 

shown in table 3 along with the microstrip dimensions for low Er 

substrate. The physical implementation is shown in figure 4 and 

its measured response appears in figure 5. This response is in 

agreement with the NE69489 data sheet that shows an output power 

of 19 dBm at the 1d8 compression point. From this figure we can 

see that the measured gain is around 3 dB below the calculated one 

and by making some tuning after construction it was possible to 

add 2 dB more gain with flat response. The type of tuning elements 

required to get this improvement suggests that in the fabrication 

process some errors could arise causing this discrepancy in the 

performance. This will be discussed later. 

b) Design of the two- stage medium power block. 

In this block, we use small signal ' 5' parameters to 

calculate the matching networks for linear output power in the 

first stage, and the load and source impedances for maximum output 

power are used in the second stage. 

For the NE900175 the manufacturer's data are shown in table 4 
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2 kW at 13 MHz, the frequency of a 0.3 Tesla NMR system, and 1 kW at 22 MHz ( 0.5 

T). The conclusion is that even MOSFETs designed for low- frequency applications 

such as switching type power supplies etc. are able to produce a lot of RF pulse 

power up to frequencies in the 20 MHz range. 

The feasibility of kilowatt RF pulse generation for high field applications 

(20-85 MHz) was also explored. Figure 6 shows the circuit diagram of a 1.5-2 

kW RF pulse power amplifier module using four MRF-150 MOSFETs. Combining four 

such modules with 4-way splitting and summing hybrids such as the one given 

in Figure 7 a 5-6 kW PA is obtained: PA-4. The output versus input power curve 

of Figure 8 demonstrates reasonably good linearity up to 4-5 kW at a frequency 

of 62 MHz. Figure 9 demonstrates a great advantage of transistor amplifiers 

compared to tube circuits; a much larger instantaneous bandwidth without 

retuning can be obtained. The 5-kW bandwidth extended from 40 to 70 MHz in this 

case. An interesting feature of the 4-way combiner hybrid of Figure 7 is the 

fact that the two input ports are operating in the push-pull mode providing all 

its known advantages. ( Patent pending). 

The number of components can be reduced drastically with the new Motorola 

RF power MOSFET MRF-154 which at present is expensive. A unique in- circuit 

combining technique was used in a 4- transistor amplifier: PA- 1. Figure 10 shows 

the output power versus battery voltage curve demonstrating the generation of 

5-6 kilowatt pulses at 62 MHz with only four transistors. This circuit delivered 

even 1 and 2 kW at voltages as low as 30 and 40 Vdc, a feature no tube circuit 

can perform. At each voltage the amplifier was driven into saturation. The same 

basic circuit produced 6-8 kW at lower frequencies ( 21 MHz, 12 MHz) with only 
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minor changes in the input matching network and the drain-drain capacity. 

(Figure Il). 

DIODE CIRCUITS: 

High-gain wideband power amplifiers generate noise which disturbs the NMR 

experiment during the receiving time. In order to solve this problem the PAs 

are normally gated off after the end of the transmit pulse. In addition 

so-called noise suppression diodes can be inserted in the power cable connecting 

the PA to the NMR-coil. Diodes in both directions are put in parallel and series 

as shown in Figure 12. Their lead inductance has to be compensated by small 

capacitors parallel to input and output in order to avoid a power reflecting 

mismatch. As long as the noise voltages are less than the combined threshold 

voltages of these diodes the PA noise is suppressed. 

If the NMR experiment is carried out in a single-coil system a 

transmitter/receiver T/R-switch is required. Such a circuit can be obtained by 

adding a parallel output connector to the arrangement of Figure 12. In order 

to handle the high power pulses one uses low on- resistance PIN diodes in 

combination with high-speed signal diodes. The third port of the T/R-switch 

is connected with a lambda/4 50-Ohm cable to the diode protection circuit 

necessary at the input of the low- noise preamplifier. This network simulates 

the cascade of two lambda/4 transmission lines with two CLC sections. (Figure 

13). The input diodes are turned on at the beginning of a high-power RF pulse 

and their low impedance is then transformed into a very high impedance at the 

T/R-switch by the quarter wavelength transmission line. The same happens with 

the CLC sections. 
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along with its corresponding stability and gain analysis. To 

evaluate the NE800299 stability and liner gain capabilities, the 

's  parameters were also used giving the results shown in table 5, 

while for this same transistor ( NE800299) load- pull measurements 

were made in order to obtain input and output reflection 

coefficients at the 1 dB gain compression point. This information 

is shown in table 6. 

With a similar approach to that of the low- power case, the 

matching networks in this design were determined by using the data 

shown in tables 4 and 5, with the following conditions at the 6.2 

GHz point: 

1) MN1 is designed to match the 50 Ohms source, to the 

impedance corresponding to r g = ( rin,1)* = rms,1 . 0.917/160' 

(22 + j8.8 Ohms), 

2) MN2 has to match the reflection coefficient rin,2 

( r nut,1)* = 0.730/104' ( 12.4 + J37.4 Ohms) to the measured input 

reflection coefficient rmeas,1 = 0.731/-11.2', 

3) MN3 is designed in order to transform from the measured 

load impedance corresponding to rmeas,2 . 0.507/110' to the 50 

Ohms load impedance. 

For the cascade connection, the circuit topology and element 

values, its computed response using an internal small signal 

circuit analysis program, and their physical dimensions on 

microstrip transmission lines with high Er substrate appear in 

table 7. 

Two units with similar characteristics are needed to conform 

the balanced stage, so, A' and ' 8' medium power modules were 

constructed and tested individually giving the results shown in 

figure 6. Discussion of these results will be made in a following 

section. 

c)Design of the high- power block. 

As mentioned above, in this block we use an internally 

matched device that requires only, 50 Ohms lines at the input and 

output ports, to provide 3.5 Watts at 6.4 GHz. With slight tuning 

adjustment, it can be possible to get an adequate performance 

across the frequency band. This module is shown in figure 7 and 

its performance appears in figure 8. 

Discussion of results. 

We have found in the experimental work, that some deviations 

between the calculated and measured responses of both the 

low- power and the medium- power blocks have ocurred. In order to 

analyze in more detail the possible causes of that discrepancies, 

in what follows, we take as an example the medium- power design. 

The first cause of error, could arise during the 

characterization of the NE800299 transistor in order to obtain its 

load and source impedances for maximum output power. We found for 

one hand, a strong frequency and input power dependence on 

transistor impedances, and for the other hand, we have taken the 

reflection coefficients of the transistor at the input and output 
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NMR COILS: 

The design of MIR coils is again a science in itself. The main problem to 

be solved is the generation of a very homogeneous RF magnetic 81- field 

orthogonal to the main direct Bo- field produced by the powerful superconductive 

magnet in a volume as large as necessary for whole-body imaging. Another problem 

occurs if one goes to higher field strengths in order to get better 

signal-to-noise ratios and therefore to higher frequencies where a more 

conventional design of a large whole-body coil becomes impossible due to 

self- resonance effects of the coil. The coils are normally forming a resonance 

circuit with some capacitors at the Larmor frequency (64 MHz for 1.5 Tesla) so 

that one obtains a well-defined real load impedance for the RF power amplifier 

after some impedance transformation. This impedance is usually 50 Ohm. 

Since the dimensions of a whole-body or head coil are relatively large 

their inductance and therefore also their resonance impedance becomes very high 

too. This results in interferenco and detrimental coupling effects with the 

environment, especially the magnet and its many shimming and gradient coils. 

At high fields the self- resonance frequency of a coil may be even much lower 

than the NMR operating frequency. A solution to these problems has been found 

by splitting up the coil-wire in short pieces and connecting them with 

capacitors in such a way that each capacitor forms a series resonance circuit 

with its corresponding inductance piece. The conventional way to make an NMR 

transmit/receive antenna generating the orthogonal 111 field is to put a 

so-called saddle-coil pair with the associated capacitors on a plastic former 

which should have a low dissipation factor. A head coil has been made using this 

concept for carbon C-13 spectroscopy tuned to the Larmor frequency of 15.7 MHz. 

In order to enhance the very weak carbon signal the hydrogen protons are also 

excited. For this purpose a second saddle coil tuned to the frequency of 62.45 

MHz was placed on the same former but mechanically shifted by 90 degrees so that 

its 81- field is orthogonal to that of the carbon coil. Figure 14 shows the 

circuit configuration of this double-coil and its matching networks. But saddle 

coils are not producing a magnetic field homogenity good enough for good 

imaging. More elaborate coil designs are described in the literature.(4). 

The most important design parameter of a tuned NMR coil is its quality 

factor Q in the unloaded condition. It should be as high as possible, especially 

high compared to the loaded Q with a patient's body inside the coil. In other 

words, the coil losses should be determined by the unavoidable losses induced 

by the head or body to be imaged and not by those of the inductors and 

capacitors. The latter decrease drastically the signal-to-noise ratio of the 

NMR receiver system. Unloaded Q- factors of 300-600 have been obtained at low 

and high NMR frequencies. The ratio of unloaded to loaded Q is about 1.5 at 6.4 

MHz and 4-6 at 64 MHz because induced body losses increase with frequency. The 

necessary high Q factors can be achieved by the selection of capacitors with 

very low dissipation factors. Teflon PC-boards have been used to implement 

successfully such capacitors which also must have a high breakdown voltage 

because RF pulses of many kilowatts are applied. Low- loss inductors are best 

implemented by 1/8" copper tubes. The signal-to-noise ratio can be improved 

drastically by using so-called surface coils for receiving the NMR-signal 

whereas the head or body coil is employed as transmitter for better 81- field 

homogenity. These surface coils are adaptively formed for different body parts 

and are located directly over the organ to be imaged, e.g. the eye, spine, knee 

etc. 
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connector of the test fixture, and then we tried to compensate the 

transmission line lenght, and also the SMA connector to microstrip 

interface, during the Network Analyzer calibration procedure. That 

could bring out some errors due to the lack of precision in the 

setting of the reference planes. 

We will use in future works to evaluate the large signal 

impedances of the transistor, by first optimally match the 

transistor in the test fixture to get maximum output power,then 

disassemble the test fixture, and measure the complex conjugate 

input and output impedances of the transistor, in the precise 

reference planes, by taking out the tansistor mount and measuring 

the complete input and output matching network that includes bias 

tee, tuner and connectors, as shown in figure 9. We are starting a 

program just to determine how well this could be used with certain 

degree of confidence. 

The second problem we face, consists in the errors involved 

during the photolitographic process. This is best illustrated in 

Table 8 and 9, where the actual circuit dimensions are compared 

against the calculated ones. We found that the sources of great 

errors are in the high impedance elements ( narrower line), so, in 

the matching impedance procedure, could be better to look for low 

impedance matching lines, or to improve the technological aspects 

involved. 

IR. RESULTS AND APPLICATIONS 

Following the methods described in Section III, we designed 

and built the 5 Watt prototype shown in figure 10, whose 

performance at 6.2 GHz appears in figure 11. 

The solid state power modules described in this article were 

originally intended for applications in earth stations 

transmitters using the Morelos Mexican Satellite System. Link 

calculations between Ensenada, Baja California and Mexico City 

were performed to define the especific applications of the 1, 3, 

and 5 Watt modules. Table ( A) shows the results of such 

calculations using the following Satellite Characteristics: 

Satellite Characteristics 

Channel 9N, Morelos 

Os= - 8953 dbw 

e2 

Saturation flux density 

Satellite location 113.5' W 

BO . 6 dB 

G  7 3.1 dB/oK 
Output Backoff 

=  

Satellite figure of Merit 

EIRP sat . 36.33 dw Bi . 11 dB 
Input Backoff 

Electric isotropic radiated power 

of Morelos in Ensenada 

TABLE A 

PHPA Watts GTxdB GRx dB Gil RES db/oK Eb/No dB RBW 

1 Watt 50 40 19.31 5.3 30 MHz 

3 Watt 50 40 19.31 6.3 30 MHz 

5 Watt 50 40 19.31 10 30 MHz 
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Since the coil impedance is changing for different patients it is sometimes 

useful to place a matching network between power amplifier and coil. A 

LCL-circuit with a variable parallel capacitor and two stub- tuned series 

transmission line inductors was employed. It permits impedance matching over a 

large range. These RF circuits must be able to handle 1-15 kW pulses at 64 MHz. 

(Figure 15). 

THE PREAMPLIFIER: 

The NMR signals induced in the receive coils by the moving magnetic moment 

vectors are relatively small. Therefore low-noise preamplifiers are required 

which must be protected from the multi-kilowatt RF pulses by the protection 

circuits already discussed. Figure 16 shows a cascode circuit with two junction 

field-effect transistors at the input stage and a feedback damping arrangement 

for a low- field ( 0.12 Tesla, 5.1 MHz) NMR research system. The optimum source 

impedance was about 800 Ohm. This preamplifier was connected directly to the 

receive coil of a 2-coil T/R arrangement. The input impedance of the antenna 

was tuned to 800 Ohm. The noise figure as a function of the source resistance 

is shown in Figure 17 and as a function of the source admittance phase angle 

in Figure 18. A noise figure of 0.5-0.6 dB was obtained as minimum. The concept 

of feedback damping which was applied reduces the input impedance of the 

preamplifier so that the coil bandwidth is increased without increasing the 

noise considerably. This feature is not required at high fields where the body 

damping is much more pronounced. 
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The noise figure measurements have been carried out with the low-cost 

liquid-nitrogen method which is suprisingly accurate and permits measurements 

at source resistances different from 50 Ohm. The receiver output noise voltage 

is measured for the source resistor at room and then at liquid N2 temperature 

(77 degree K). The noise voltage ratio can be related directly to noise figure 

in dB with the curve of Figure 20. (Courtesy Dr.H.Hart, GE-CRD). This method 

has also the advantage that it can easily be applied to a whole system as well 

as for source resistances differing from 50 Ohm. For high- field systems 

preamplifiers with bipolar transistors have been designed in order to obtain a 

larger bandwidth. The design starts with the selection of a low-noise transistor 

which must have very high current gain, a large gain-bandwidth product and a 

low base bulk resistance. The optimum source resistance, the most important 

design parameter, can easily be determined by measuring with a receiver the 

relative output noise voltage for the conditions of short- and open- circuit 

at the preamplifier input. The ratio of the two noise voltages ( short- over 

open-circuit voltage) multiplied with the input impedance of the input stage 

gives the optimum source impedance. In the frequency range of interest that 

impedance was about 100 Ohm. A noise matching network which degrades the noise 

figure can be avoided by paralleling two input transistors. This has also the 

beneficial effect of reducing the base resistance. A preamplifier designed with 

this procedure has a noise figure over a large frequency range of well below 

1.0 dB and reaching 0.5 dB at some frequencies. Figure 19. ( 6,7). 

NMR RECEIVER: 

The preamplifier which may have a bandpass filter at its input in order 

to increase system stability is followed in the signal path by a variable gain 

0•1, -4 



PHAPA = Solid state power amplifier output; 

GRx = Receiving antenna Gain 

GTx = Transmitter antenna Gain; 

G/TREC . Figure of Merit of receiving antena 

Eb/No = Energy bit per noise 

RBW = Reference Bandwidth 

It can be seen from Table ( A) that the 5 Watt power module 

would provide the best characteristics of a thin route Satellite 

Communications link. The improvement of the Eb/No for the 1 Watt 

or 3 Watt module would imply the use of bigger antenna and the 

reduction of the reference bandwith and hence the transmission 

rate. 
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V. CONCLUSIONS 

We have described the methodology for obtaining low- power and 

medium- power modules, and we have combined them in order to get a 

5 Watt module whose possible applications are in satellite 

communications and also in terrestrial links. We will continue in 

the technological development of these microwave subsystems, and 

in this way present additional alternatives for the Mexican 

Telecommunications System. 
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RF amplifier made with a Plessey IC SL- 1530. It has a gain range of 10 to 36 

dB. A block diagram of the receiver itself is shown in Figure 21. It uses the 

ZERO- IF I-Q channel quadrature detection concept due to the fact that the 

complex analog NMR signals have to be converted to the digital format by two 

AID converters in order to permit image reconstruction by a computer. High 

frequency AID converters are not available, certainly not at a low cost. 

The RF-amplifier signal is split and fed to two quadrature mixers. Their 

low- frequency output signal are band- limited after amplification by two 

low-pass filters which have a variable bandwidth. (8,16,32 kHz). The main design 

challenge is the front-end mixer pair which must provide a large dynamic range 

as well as good linearity. The maximum overall gain of the receiver is about 

70 dB. 

QUADRATURE EXCITATION AND RECEPTION: 

Normally the RF-field in the transmit head or body coil is linearily 

polarized. Due to the fact that the human body is electrically conducting eddy 

currents are generated inside the body parts which increase with frequencies. 

These unwanted eddy currents cause image artifacts and distortions. Their 

detrimental influence can be eliminated or drastically reduced by producing a 

rotating RF 131- field. This is done by feeding a specially designed circular RF 

coil on two points wich are geometrically 90 degrees apart by two equal, but 

90 degrees phase-shifted signals.(5). A linearly polarized field can be 

generated by the superposition of two rotating fields. One of these is now 

interacting with the magnetic moments and spins of the protons according to the 

physics of the NMI experiment. Therefore, only half the RF power is required 

using a rotating field compared to the case of a linear one. Figure 22 shows 

an RF block diagram of such a system with two power amplifiers. If only one big 

tube PA is available one can use a quadrature power splitter made with two 

lambda/8 50 Ohm transmission lines and two crosscoupling capacitors which must 

have a reactance of 50 Ohm at the operating frequency. The quadrature coil 

arrangement can also be used to increase the signal- to-noise ratio by a factor 

of 1.4 during the receive mode of operation. ( 5). 

RESULTS: 

The results obtained by such a NMR system with its many RF circuits are 

images of the inside of the human body in all possible cross- sections with a 

discrimination not available with other means. 
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Figura 10. Circuit Topology for the 5 Watt Module 
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TABLE 1 

  NE720 8 GAAS FET ANALYSIS 

S- PARAMETERS IN 50.0 OHM SYSTEM DEVICE GAIN- STABILITY DATA 

FREQ sil S12 S21 S22 S21 IC DELTA 
G HZ MAO ANO MAG ANO NAG ANO mAG ANO DB FA CT MAO 

5 . 9 0 . 60 8 172 . 0.099 - 9. 2.410 41. 0.390 - 103. 7.6 1.0 0.149 
6.0 0.597 - 162. 0.100 - 10. 2.310 36. 0.390 - 117. 7.3 1.2 0.216 

6.1 0.595 - 151. 0.100 - 10. 2.280 33. 0.390 - 120. 7.2 1.2 0.252 
6.2 0.592 - 141. 0.100 - 10. 2.270 33. 0.390 - 125. 7.1 1.3 0 . 26 8 
6.3 0.588 - 115. 0.100 - 10. 2.230 30. 0.390 - 130. 7.0 1.4 0.334 
6.4 0.584 - 102. 0.101 -10. 2.200 29. 0.390 - 139. 6.8 1.4 0.345 

STABILITY CIRCLE LOCATIONS 

*---- INPUT PLANE  • •- OUTPUT PLANE  • 
FREQ MAO ANO RAD STAB LE MAO ANO RAD STABLE 

5.90 1.706 -166.7 0.69 OUTS IDE 2.866 116.4 1.84 OUTS IDE 
6.00 1.815 169.6 0.75 OUTS IDE 3.305 136.1 2.19 OUTS IDE 
6.10 1.879 159.6 0.78 OUTS IDE 3.724 142.1 2.57 OUTS IDE 
6.20 1.924 150.0 0.81 OUTS IDE 4.002 148.3 2.82 OUTS IDE 
6.30 2.128 125.0 0.95 OUTS IDE 6.815 158.2 5.50 OUTS IDE 
6.40 2.197 112.1 1.00 OUTS IDE 8.132 167.2 6.78 OUTS IDE 
*STABLE REG ION OUTS IDE OR INSIDE THE STABILITY CIRCLE* 

REFLECTION COEFFICIENTS FOR MAXIMUM STABLE GAIN 

•  IN PUT PLANE  • •  OUTPUT PLANE  • 
FREQ GAMMA S IMPEDANCE GAMMA L IMPEDANCE GAIN 
GHZ MAO ANO OHMS NAG ANO OHMS DB 

5.90 0.881 - 166.7 3.2 +J( -5.8) 0.818 116.4 6.9 +J( 30.6) 12.5 
6.00 0.784 169.6 6.1 +J( 4.5) 0.679 136.1 11.0 41( 19.3) 11.2 
6.10 0.749 159.6 7.4 +J( 8.8) 0.627 142.1 12.7 +J( 16.2) 10.7 
6.20 0.730 130.0 8.3 +31 13.0) 0.601 148.3 13.4 +J( 13.2) 10.5 
6.30 0.663 125.0 12.7 +J( 24.7) 0.495 158.2 17.5 +J( 8.5) 9.8 

6.40 0.645 112.1 15.4 +J( 31.4) 0.470 167.2 18.2 +J( 4.9) 9.6 
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se., UNCONDITIONALLY STABLE TRANSISTOR ss. 
GPMAX• 10.53075DB FREQ • 6.200 

CONSTANT OPERATING POWER GAIN CIRCLES 
GAIN ( DB ) RADII CEN TER . NAG CENTER. ANG 

2.50000 
4.50000 
6.50000 
8.50000 

10.50000 

0 . 87554 
0 . 80376 
0 . 69037 
0.50575 
0.06207 

0 . 10820 
0.16881 
0.26110 
0.39861 
0.59697 

148.29657 
148.29657 
148.29657 
148.29657 
148.29657 
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TABLE 2 

  NE694 8 GAASFET ANALYS IS 

S- PARAMETERS IN 50.0 OHM SYSTEM 

FREQ S11 
GHZ MAO ANO 

5.9 0.805 - 116. 
6.0 0.800 - 117. 
6.1 0.795 - 118. 
6.2 0.790 - 119. 
6.3 0.785 - 120. 
6.4 0.779 - 121. 

FREQ MAO 

5 . 90 
6.00 
6.10 
6.20 
6.30 
6 . 40 
*STABLE 

1.272 
1 . 2 82 
1.292 
1.303 
1.315 
1.327 
REG ION 

S12 
MAO ANO 

TABLE 3 

DES IGN OF THE LOW- POWER BLOCK 

DEVICE GAIN- STABILITY DATA FREQ. LOW : 5.90 GHZ FREQ. CENTRAL : 6.20 GHZ FREQ. UPP : 6.40 GHZ 
ATTENUATION : 0.10 DB/LAMBDA NUMBER OF ELEMENTS : 13 

521 S22 S21 K DELTA 
NAG ANO MAO ANO DB FA CT MAO 

0.039 24. 1.620 65. 0.820 - 70. 4.2 0.9 0.659 
0.040 23. 1.610 63. 0.820 -71. 4.1 0.9 0.655 

0.041 22. 1.601 61. 0.820 -72. 4.1 0.9 0.650 

0.042 22. 1.594 60. 0.819 - 73. 4.0 0.9 0.646 
0.043 21 . 1 . 5 87 58. 0 . 81 8 - 73 . 4.0 0.9 0.641 
0.044 21. 1.582 57. 0.817 -74. 4.0 0.9 0.637 

STABILITY CIRCLE LOCATIONS 

INPUT PLANE 
ANO RAD 

126.7 
128.2 
129.7 
131 .0 
132.4 0.34 
133.7 0.35 

OU TS IDE 

0.30 
0.30 
0.31 
0.32 

• *- OUTPUT PLANE  • 
STABLE MAO ANO RAD STABLE 

OUTS IDE 1.244 80.0 
OUTS IDE 1.244 80.8 
OUTS IDE 1.244 81.5 
OUTS IDE 1.246 82.2 
OUTS IDE 1.249 82.9 
OUTS IDE 1.251 83.6 

OR INSIDE THE STAB ILITY CIRCLE• 

REFLECT ION COEFFICIENTS FOR MAXIMUM STABLE GAIN 

•  INPUT 
FREQ GAMMA S 
GHZ MAO ANG 

5.90 0.820 129.7 
6.00 0.816 131.4 

6.10 0.812 133.1 
6.20 0.808 134.7 
6.30 0.805 136.4 
6.40 0.801 138.0 

PLANE  • •  OUTPUT PLANE  • 
IMPEDANCE GAMMA L IMPEDANCE 
OHMS MAO ANO OHMS 

6.0 +.1( 
6.1 +J( 

6.1 +J ( 
6.2 +.1( 
6.3 +3( 
6.3 +I( 

23.2) 
22.3) 

21 . 4) 
20.6) 
19.7) 
18.9) 

••• POTENTIALLY UNSTABLE 
MSG= 15.79157DB 

CONSTANT OPERATING 
GAIN ( DB ) RADII 

5.75000 0 . 6617 9 
7.75000 0 . 53 835 
9.75000 0.40082 

11.75000 0.26401 
13.75000 0.14742 
15.75000 0 . 0 8622 

0.879 68.2 
0.881 69.1 

0.884 70.0 
0.887 70.8 
0.889 71.5 
0.891 72.2 

10.2 
9.7 
9.3 
8.9 
8.5 
8.2 

+1( 
+1( 

+3( 
+3( 
+3( 

+3( 

TRANSISTOR *lue 

FREQ = 6.200 
POWER GAIN CIRCLES 

CENTER. NAG CENTER.ANG 

0.34009 
0.464 80 
0.60472 
0.74651 
0 . 87613 
0 . 9 83 92 

82 . 19690 
82 . 19690 
82.19690 
82 . 19690 
82.19690 
82.19690 

0.27 OUTS IDE 
0.26 OUTS IDE 

0.26 OUTS IDE 
0.26 OUTS IDE 
0.27 OUTS IDE 
0.27 OUTS IDE 

GAIN 
DB 

ELEMENT W TYPE 

1 TL 
2 SC 

3 TL 
4 TL 
5 FT 
6 TL 
7 SC 
8 TL 

9 FT 
10 TL 
11 TL 
12 SC 
13 TL 

Z ( OHMS) 

50.000 
510 . 000 
50.000 
30.525 
0 . 000 

68.243 

510 . 000 
68.243 

0 . 000 
93.375 
50 . 000 

510 . 000 

50.000 

LENGTH LENGTH 
( LAMBDA ) ( DEG RE ES ) 

0 . 20 8 75.000 
0.000 0.000 
0.125 45.000 
0.311 111.960 
0.000 0.000 
0.046 16.560 

0.000 0.000 
0.046 16.560 
0.000 0.000 
0.090 32.400 
0.125 45.000 
0.000 0.000 
0.125 45.000 

ELEMENT W 5 IS TRANSISTOR TYPE : NE7208 
ELEMENT N 9 IS TRANSISTOR TYPE : NE694 8 

ANAL IX 
FREQ GAIN 
(GHZ) ( DB) 
5.90 17.964 
6.00 18.675 
6.10 18.594 
6.20 18.549 
6.30 17.617 
6.40 17.050 

(NUM) 
2.235 
1.720 
1 . 85 8 
2 . 041 
2.921 
3 . 498 

CROUP DELAY 
(NSEC) 
0.233 
0 . 2 84 
0.270 
0.230 
0 . 27 9 
0.461 

DUROID 5870 KR = : 2.30 H 
72.9) 13.8 ELEMENT W TYPE Z ( OHMS) 
71.7) 13.6 1 TL 50.00 
70.6) 13.4 2 SC 510.00 
69.6) 13.3 3 TL 50.00 
68.7) 13.1 4 TL 30.52 
67.9) 13.0 5 FT 0.00 

6 TL 68.24 
7 SC 510.00 

8 TL 68.24 
9 FT 0.00 

10 TL 93 . 3 8 
11 TL 50.00 

12 SC 510.00 
13 TL 50.00 
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R.L. ( INP) 
(DB) 
5.1442 
4.6154 
4 . 8264 
5.2207 

6 . 3169 
7.1336 

: 0 . 7 874 T 
LENGTH ( MM) 

7.318 
1.250 
4 . 391 

10 . 6 89 
2 . 000 
1.641 
1.250 

1 . 641 
2 . 000 

3 . 264 
4 . 391 
1.250 
4 . 391 

R.L. ( OUT) 
(DB) 
2.7004 
2 . 67 99 
2.7233 
2 . 7 973 
2.9112 
3.1357 

= : 0.0344 
W IDTH ( MM ) 
2.322 
0.000 
2.322 
4.631 
0.000 
1 . 389 
0 . 000 

1 . 3 89 
0 . 000 

0.734 
2.322 
0 . 000 
2.322 
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TABLE 4 

  NE9001 GAASFET ANALYS IS 

S- PARAMETERS IN 50.0 OHM SYSTEM DEVICE GAIN- STABILITY DATA 

FREQ S11 512 S21 522 S21 I DELTA 
G HZ NAG ANG NAG ANG MAO ANG MAO AN CI DB FA CT MAO 

5.9 0.890 - 153 . 0.051 1.328 44. 0.576 - 107. 2.5 0.8 0.486 
6.0 0.890 - 134. 0.050 1.310 42 . 0 . 5 80 -108. 2.3 0.9 0.490 

6.1 0.889 - 155. 0.050 1.304 41. 0 . 5 83 - 109 . 2.3 0.9 0.492 
6.2 0.888 - 155. 0.050 1.298 40. 0.386 -109. 2.3 0.9 0.494 
6.3 0.887 - 156. 0.050 1.292 38. 0 . 5 89 - 110 . 2.2 0.9 0.497 
6.4 0.886 - 156. 0.050 1.286 37. 0.592 - 111. 2.2 0.9 0.499 

FREQ 
GHZ 

FREQ 

5 . 90 
6 . 00 

6.10 
6.20 
6.30 
6 . 40 
'STAB LE 

STABILITY CIRCLE LOCATIONS 

•---- INPUT PLANE 
NAG ANG RAD 

1.103 
1.103 

1.104 
1 . 105 
1.106 
1.107 
REGION 

156.2 
157.2 

157.8 
158.4 
159.1 0.12 
159.7 0.12 

OUTS IDE 

0.12 
0.12 

0.12 
0.12 

• 0,- OUTPUT PLANE  • 

STABLE MAO ANG RAD STABLE 

OUTS IDE 1.635 126.7 0.71 OUTS IDE 
OUTS IDE 1.619 127.5 0 . 6 8 OUTS IDE 
OUTS IDE 1.610 127.8 0.67 OUTS IDE 
OUTS IDE 1.602 128.1 0.66 OUTS IDE 
OUTS IDE 1.594 128.5 0.64 OUTS IDE 

OUTS IDE 1 . 5 86 128.9 0.63 OUTS IDE 
OR INSIDE THE STABILITY CIRCLE' 

REFLECTION COEFFICIENTS FOR MAXIMUM STABLE GAIN 

•  INPUT 

GAMMA S 
MAC ANG 

PLANE   
IMPEDANCE 
OHMS 

• •  OUTPUT 
GAMMA L 

NAG ANG 

5.90 0.918 157.7 2.2 +J ( 9.8) 0.712 101.2 
6.00 0.918 158.8 2.2 +J( 9.4) 0.717 102.8 

6.10 0.918 159.4 2.2 +J( 9.1) 0.723 103.5 
6.20 0.917 160.1 2.2 +J( 8.8) 0.730 104.2 
6.30 0.917 160.8 2.2 +11 8.5) 0.736 105.0 
6.40 0.916 161.4 2.2 +J( 8.2) 0.743 105.8 

• • • POTENTIALLY UNSTABLE 
MSG= 14 . 14304DB 
CONSTANT OPERATING 

GAIN ( DB) RADII 

4.00000 0.79946 
6.00000 0.70549 
8.00000 0 . 5 8267 

10.00000 0.43677 
12.00000 0.29042 
14.00000 0.20561 

TRANSISTOR 
FREQ = 6.200 

POWER GAIN CIRCLES 
CENTER. NAG CENTER . ANG 

PLANE   
IMPEDANCE 

OHMS 

13.8 +I( 
13.2 +.1( 
12.8 +J( 
12.4 +J( 
11.9 +J( 
11.5 +I( 

• • • 

0.20599 128.11469 
0.30364 128.11472 
0.43321 128.11469 
0 . 5 92 84 128.11469 
0.77241 128.11469 

0.95492 128.11469 

• 

GAIN 
DB 

39.2 ) 
3 8.2) 
37.8) 
37.4 ) 
37 . 0 ) 
36.6) 

12.2 
12.1 
12.0 
11.9 
11.9 
11.8 
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TABLE 6 

  NE8002 GAAS FET ANALYSIS 

S- PARAMETERS IN 50.0 OHM SYSTEM 

FREQ S11 
G HZ NAG ANG 

S12 

NAG ANG 

5.9 0.834 140. 0.066 
6.0 0.830 138. 0.070 
6.1 0.825 136. 0.074 
6.2 0.822 133. 0.078 
6.3 0.816 132. 0.082 
6.4 0.810 126. 0.090 

DEVICE GAIN- STABILITY DATA 

S21 522 S21 I DELTA 

EIAG ANG NAG ANG DB FA CT NAG 

16. 1.302 -29. 0.555 161. 2.3 0.9 0 . 40 8 
15. 1.300 -31. 0.560 160. 2.3 0.9 0.407 
13. 1.299 - 33. 0.564 159. 2.3 0.9 0.404 
10. 1.296 -36. 0.572 157. 2.3 0.8 0.404 
10. 1.298 - 37. 0.373 156. 2.3 0.8 0.400 
5. 1.290 -43. 0.590 132. 2.2 0.7 0.403 

STABILITY CIRCLE LOCATIONS 

•- INPUT PLANE 
FREQ HAG ANG 

5 . 90 
6 . 00 
6.10 
6 . 20 
6.30 
6 . 40 
'STAB LE 

1.135 
1.158 
1.: 63 
1.163 
1.171 
1.172 
REGION 

-143 . 0 
-141 . 5 
-139.7 
-137.2 
-136.1 
-130.7 0.23 

• 1. -

RAD STABLE MAO 

0.16 
0.17 
0.19 
0.20 
0.21 

OUTS IDE 
OUTS IDE 
OUTS IDE 
00 TS IDE 
OUTS IDE 
OUTS IDE 

OUTPUT PLANE • 
ANG RAD STABLE 

1 . 587 - 174 . 7 
I.575 - 173.5 
1 . 566 - 172 . 2 
1 . 53 8 - 170.1 
1.343 - 169.6 
1.496 - 165.6 

0.61 OUTS IDE 
0.61 OUTS IDE 
0.62 OUTS IDE 
0.62 OUTS IDE 
0.63 OUTS IDE 
0.62 OUTS IDE 

OUTS IDE OR INSIDE THE STABILITY CIRCLE' 

REFLECTION COEFFICIENTS FOR MAXIMUM STABLE GAIN 

•  INPUT PLANE 
FREQ GAMMA S 
GHZ NAG ANG 

5 . 90 0.880 - 144.7 
6.00 0.879 - 143.3 
6.10 0.877 - 141.7 
6.20 0.879 - 139.3 
6.30 0.875 -138.3 
6.40 0.878 - 133.2 

 • •  OUTPUT 
IMPEDANCE GAMMA L 
OHMS MAC ANC 

3.5 +J(-15.9) 
3.6 +J(-16.5) 
3.7 +J(-17.3) 
3.7 +J(-18.5) 
3.8 +J(-18.9) 
3.9 +J(-21.5) 

0.648 - 132.4 
0.653 - 150.7 
0.656 -149.0 
0.658 - 146.8 
0.661 - 145.8 
0.667 - 141 . 5 

PLANE  • 
IMPEDANCE GAIN 

OHMS DB 

11.3 +J(-11.7) 
11.2 +J(-12.5) 

11.1 +J(-13.2) 
11.2 +J(-14.2) 
11.1 +J(-14.7) 
11.1 +J(-16.7) 

••• POTENTIALLY UNSTABLE TRANSISTOR * se 
MSG= 12 . 20!'l ODB FREQ = 6.200 
CONSTANT OPERATING POWER GAIN CIRCLES 

GAIN ( DB) RADII CENTER . NAG CENTER. ANG 

2.00000 0.80216 
4.00000 0.71071 

6.00000 0.59266 
8.00000 0.45532 

10.00000 0.32250 
12.00000 0.24651 

0 . 2056 1 -170.11221 
0.30224 -170.11221 

0.42962 -170.11221 
0 . 5 8527 -170.11221 
0.75869 - 170.11221 
0.93315 -170.11221 

10.4 
10.4 
10.4 
10.5 
10.4 
10.7 
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TABLE 7 

DES IGN OF THE MEDIUM- POWER BLOCK 

FREQ. LOW : 5.90 GHZ FREQ. CENTRAL : 6.20 GHZ FREQ. UPP 6.40 COZ 

MICROSTRIP ATTENUAT ION : 0.10 dB NUMBER OF ELEMENTS : 16 

ELEMENT # TYPE Z ( OBUS ) 
1 TL 50 . 000 
2 SC 810.000 
3 TL 50 . 000 

4 TL 13.691 
5 TL 33 . 934 
6 FT 0.000 

7 TL 47.691 
8 TL 17 . 625 
9 SC 810.000 

10 TL 43.375 
11 TL 22 . 625 
12 FT 0.000 
13 TL 24 . 243 
14 TL 50 . 000 
15 SC 810.000 
16 TL 50 . 000 

ELEMENT # 6 IS TRANSISTOR TYPE 
ELEMENT # 12 IS TRANSISTOR TYPE 

LENG TH/ LAMB DA 
0 . 20 8 
0.000 
0.125 
0.200 
0.070 
0.000 

0.069 
0.157 
0.000 
0.227 
0.130 
0.000 
0.1 85 
0.125 
0.000 
0 . 20 8 

NE9001 
NE8002 

AMALIE 

FREQ GAIN I CROUP DELAY 

(GHZ ( ( DB) MU M (NSEC) 
5.90 19.691 0.662 0.931 

6.00 21.419 0.582 0.880 
6.10 22.193 0.636 1.015 
6.20 22.000 0.829 0 . 85 8 
6.30 21.106 1.086 0.761 
6.40 19.341 1.612 1.470 

L ENG TU 
75 . 000 
0.000 

45 . 000 

72.000 
25 . 200 
0.000 

24.840 
56.520 
0.000 
81.720 
46.800 
0.000 

66.600 
45 . 000 
0.000 

75.000 

(DEGREES) 

R.L. ( IN ) R.L. ( OUT) 

(DO) (DB) 
1.5982 8.2322 
2 . 33 83 7.7162 

3.4733 7.7352 
5 . 34 86 8.0659 

6.3491 8.7369 
10.1120 7.4513 

DUROID 6010.5 KR : 10.5 H : 0.635 T : 0.0344 

ELEMENT # TYPE Z ( OH MS ) LENG TU ( MN) W IDTH ( MM ) 
1 TL 50.00 3.889 0.527 
2 CS 810.00 1.100 0.000 

3 TL 50.00 2 . 333 0.527 
4 TL 13.69 3.531 4.155 
5 TL 33.93 1.258 1.139 

6 FT 0.00 3.000 0.000 
7 TL 47.69 1 . 2 82 0 . 5 87 
8 TL 17.63 2.672 3.010 
9 CS 810.00 1.100 0.000 

10 TL 43 . 3 3 4 . 17 8 0.717 
11 TL 22.63 2.256 2.140 
12 FT 0.00 4.000 0.000 
13 TL 24.24 3 . 404 1 . 937 
14 TL 50.00 2.333 0.527 
15 CS 810.00 1.100 0.000 
16 TL 50.00 3.889 0.527 
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PHASE NOISE INTERMODULATION AND DYNAMIC RANGE 

Peter E Chadwick 

Principal Applications Engineer 

Plessey Semiconductors 

Cheney Manor 

Swindon 

England 

The radio receiver lives and works in a non-benign environment. It needs 

to pick out a very weak wanted signal from a background of noise at the 

same time as it rejects a large number of much stronger unwanted signals. 

These may be present either fortuitously, as in the case of the overcrowded 

radio spectrum, or because of deliberate action, as in the case of 

Electronic Warfare. In either case, the use of suitable devices may 

considerably influence the job of the equipment designer. 

Dynamic range is a "catch all" term, applied to limitations of 

intermodulation or phase noise: it has many definitions depending upon the 

application. Firstly, however, it is advisable to define those terms which 

limit the dynamic range of a receiver. 

Intermodulation 

This is described as the " result of a non linear transfer characteristic". 

The mathematics have been exhaustively treated, and Ref. 1 is recommended 

for those interested. 
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The effects of intermodulation are similar to those produced by mixing and 

harmonic production, insofar as the application of two signals of 

frequencies fl and f2 produce outputs of 2f 2-fl, 2f 1-f2, 2f 1, 2f 2 etc. The 

levels of these signals are dependent upon the actual transfer function of 

the device and thus vary with device type. For example, a truly square law 

device, such as a perfect FET, produces no third order products ( 2f2-fl, 

2f 1-f2). Intermodulation products are additional to the harmonics 2f 1, 

2f2, 3f 1, 3f 2 etc. Fig. 1 shows intermodulation products diagrammatically. 

The effects of intermodulation are to produce unwanted signals, and these 

degrade the effective signal to noise ratio of the wanted signal. Consider 

firstly the discrete case of a weak wanted signal on 7.010 MHz and two 

large unwanted signals on 7.020 and 7.030 MHz. A third order product ( 2 x 

7.02 - 7.03) falls on the wanted signal, and may completely drown it out. 

Fig. 2 shows the toal HF spectrum from 1.5 to 41.5 MHz and Fig. 3 shows the 

integrated power at the front end of a receiver tuned to 7 MHz. It may be 

seen that just as white light is made up from all the colours of the 

spectrum, so the total power produced by so many signals approximates to a 

large wide band noise signal. Now, it has already been shown that 2 

signals, fl and f2, produce third order intermodulation products of 2f 1-f2 

and 2f 2-fl. The signals will produce third order products somewhat greater 

in number, viz: 2f 1-f2, 2f 1-f3, 2f 2-fl, 2f- f3, 2f- fl and 2f 3-f2. An 

increase in the number of input signals will multiply greatly the effects 

of intermodulation, and will manifest itself as a rise in the noise floor 

of the receiver. 

The amplitude relationships of the third order intermodulation products and 

the fundamental tones may be derived from Ref. 1, where it is shown that 

the intermodulation product amplitude is proportional to the cube of the 

input signal level. Thus an increase of 3dB in input level will produce an 

increase of 9dB in the levels of the intermodulation products. Fig. 4 

shows this in graphic form, and the point where the graphs of fundamental 

power and intermodulation power cross is the THIRD ORDER INTERCEPT POINT. 



PIS 

REG 

PA-I 

AR-2000 

o SCOPE 

CI PI SI 

= 10m 

RG - 8 

COMPUTER 

o 

Al 

DISPLAY 

RG-58 

PA 2 

A 

AR-1500 

VI 
rs 

O'HYBRID 

L = 10m 

NI 

SHIELDED ROOM 

TI 

H2 ULN-1 

'7 
cl 

o 

4 

RG 8 

C2 P2 S2 T2 

N2 

TIR 

r ui1 

PHI 

 • MI 

-r 

PREAMP-1 

PREAMP-2 

PR2 1 F12 

L 
I 4 C 

TIR 

1.5 T MAGNET 

F = 62.6 MHZ 

L = 3A/4 

BODY COIL 

\ 
N\i / 90 ' \ 

BI B2 

BALUN 

 (1-
M2 

1.5 TESLA NMR IMAGING SYSTEM WITH QUADRATURE 
EXCITATIONIRECEIVING 

FIGURE 22 

432 

A/4 

90' 

L = 3,114 

OM/WE 

NM MI NMI IBIS se. 11:11 ¡Im IJ 



The third order intercept point is, however, a purely theoretical concept. 

This is because the worst possible intermodulation ratio is 13dB ( Ref. 2), 

so that in fact the two graphs never cross. In addition, the finite output 

power capability of the device leads to CAIN COMPRESSION. 

Thus, it is apparent that the intermodulation produced noise floor in a 

receiver is related to the intercept point, and Figs. 5, 6 and 7 show the 

noise floor produced by various intercept points, in a receiver fed from an 

antenna - a realistic test! Fig. 5 shows that a large number of signals 

are below the noise floor and are thus lost; this represents a OdBm 

intercept point. Fig. 7 shows a +20d8m intercept point noise floor, and it 

is obvious that many more signals may be received. 

Because of the rate at which intermodulation products increase with input 

level ( 3dB on the I.P. for le) on the fundamental), the addition of an 

attenuator at the front end can improve the signal to noise ratio, as an 

increase in attenuation of 3dB will reduce the wanted signal by 3dB, but 

the intermodulation will decrease by 9dB. However, it is a fair comment 

that aerial attenuators are an admission of defeat, as suitable design does 

not require it! 

The concept of dynamic range is often used when discussing intermodulation. 

Fig. 8 shows total receiver dynamic range, which is defined as the spurious 

Free Dynamic Range. Obviously an intermodulation product lying below the 

receiver noise floor may be ignored. Thus the usable dynamic range is that 

input range between the noise floor and the input level at which the 

intermodulation product reaches the noise floor. In fact 

EQUATION ( 1)  

D.R. = 2 ( 13 - N.F.) 

3 

Where D.R. is the dynamic range in dB 

13 is the intermodulation input intercept point in dBM 

N.F. is the noise floor in dBM. 
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Note that in any particular receiver, the noise floor is related to the 

bandwidth; dynamic range is similarly so related. 

HF receivers will often require input intercept points of +20dBm or more. 

The usable noise factor of HF receivers is normally 10-12dB: exceptionally 

7 or 8 dB may be required when small whip antennas are used. An SSB 

bandwidth would have a dynamic range of 105.3 dB. The same receiver with a 

100 Hz C.W. bandwidth would have a dynamic range of 114.6 dB and thus 

dynamic range is quite often a confusing and imprecise term. 

VHF receivers require noise figures of 1 or 2dB for most critical 

applications, and where co-sited transmitters are concerned, signals at 0 

dBm or more are not uncommon. However, such signals are usually separated 

by at least 52 in frequency and filters can be provided. Close in signals 

at levels of - 20dBm are not uncommon, and dynamic ranges in SSB bandwidths 

of about 98 dB are required. 

The achievement of high input intercept points and low noise factors is not 

necessarily easy. The usual superhet architecture follows the mixer with 

some sort of filter, frequently a crystal filter, and the performance of 

this filter may well limit the performance. Crystal filters are not the 

linear reciprocal two part networks that theory suggests, being neither 

linear or reciprocal. It has been suggested that the IMD is produced by 

ferrite cored transformers, but experiments have shown that ladder filters 

with no transformers suffer similarly. Thus, although ferrite cored 

transformers can contribute, other mechanisms dominate in these components. 

The most probable is the failure of the piezo-electric material to follow 

Hook's Law at high input levels, and possibly the use of crystal cuts other 

than AT could help insofar as the relative mechanical crystal distortion is 

reduced. The use of SAW filters is attractive, since they are not bulk 

wave devices and do not suffer to such an extent from IND; however, it is 

necessary to use a resonant SAW to achieve the necessary bandwidths and low 

insertion losses. 
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THE Q FACTOR OF MICROSTRIP MATCHING NETWORK 

IN RF CLASS C AMPLIFIER DESIGN 

P. GONORD, S. KAN and J.P. RUAUD 

Institut d'Electronique Fondamentale 

Université Paris-Sud 

Bâtiment 220, 91405 ORSAY CEDEX, FRANCE 

APSTRACT  

The Q factor of an impedance matching network incorporating microstrips os 

inductances has a bounded value. This paper shows how strip lengths as a 

function of Q are evaluated numerically with greater accuracy compared to 

using graphical construction on a Smith chart. An example of a 162 MHz 

100- watt class C amplifier is also given. 
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INTRODUCTION 

Microstrip has long been associated with microwave passive or active 

circuit design since at such frequencies a certain length of strip can be 

made to behave as a capacitance or inductance according to its physical 

dimension with respect to the electrical wavelength W. When designed as 

a transmission line, it can also be used for impedance transformation or 

matching between an active device and its source and lead impedances. 

The expressions relating impedance variation along a line terminated by 

a load other than Zo , its characteristic impedance are rather simple. But 

their numerical evaluation requires complex hyperbolic or circular function 

manipulations which are still performed graphically. 

Now that pocket computers incorporated with high level programming 

facilities such as the BASIC Language are available, the time has come for 

every circuit designer to do the calculations by machine with greater 

accuracy and less time consuming effort. 

In RF Class C power power amplifier design, one often encounters low 

input and output transistor impedances. The simple method using 2-element 

L, C components to match them to the 50 o source and load impedances 

results in poor harmonic rejection and power efficiency ( Fin. la). General 

practice consists of increasing the Q of the matching network by adding an 

inductance in series with the transistor's input/output impedances as shown 

in Fig. lb. 

In high frequency operation', the required inductance is rather small 

cnri its precise value becomes difficult to achieve using a conventional coil. 

For this reason, most practical VHF, UHF amplifiers adopt rnicrostrip te 

replace this lumped constant. 

In the literature (l-4) , the designer often choose a certain length of 

strip and then try to match the transistor to the source or load vial the 



The design of active components such as amplifiers is relatively 

straightforward. Amplifiers of low noise and high dynamic range are fairly 

easy to produce, especially with transformer feedback, although where high 

reverse isolation is required, care must be taken. Mixers are however, 

another matter. 

Probably the most popular mixer is the diode ring ( Fig. 9). Although 

popular, this mixer does have some drawbacks, which have been well 

documented. These are:-

insertion loss ( normally about 7dB) 

high L.O. drive power ( up to +27dBm) 

termination sensitive ( needs a wideband 50 ohms) 

poor interport isolation ( 40dB) 

The insertion loss is a parameter which may be classed merely as annoying, 

although it does limit the overall noise figure of the receiving system. 

The high L.O. drive power means a large amount of D.C. is required, 

affecting power budgets in a disastrous way, while termination sensitivity 

may mean the full potential of the mixer cannot be realised. 

For the diode ring to perform adequately, a good termination " from D.C. to 

daylight" is required: definitely at the image frequency ( L0+ sig. freq.) 

and preferably at the harmonics as well. Finally, interport isolation of 

40dB with a +27dBm LO still leaves - 13dBm of LO radiation to be filtered 

or otherwise suppressed for reaching the antenna. 

A further problem with the simple diode ring of this form is that the "OFF" 

diodes are only OFF by the forward voltage drop of the ON diodes. Thus the 

application of an input which exceeds this OFF voltage leads to the diodes 

trying to turn ON, giving gain compression and reduced [MD performance. 
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Fig. 10 shows a variation of this in which series resistors are added. The 

current flow through these resistors increases the reverse bias on the OFF 

diodes which gives a higher gain compression point: such a mixer can give 

+36dBm intercept points with a +30dBm of LO drive. Nevertheless, as is 

common to all commutative mixers, the intermodulation performance is 

related to the termination, and the LO radiation from the input port is 

relatively high. 

Variations of this form of mixer include the Rafuse Quad MOSFET mixer of 

Fig. 11, which suffers with many of the same problems. Fig. 12 shows a 

dual VMOS mixer capable of good performance, but requiring a lare amount of 

D.C. power and with limited isolation of the LO injection. 

Many advantages accrue to the choice of the transistor tree type of 

approach ( Fig. 13). Here the input signal produces a current in the 

collectors of the lower transistors and this current is commutated by the 

upper set of switching transistors. Because the current is to a first 

order approximation independent of collector voltage, the transistor tree 

does not exhibit the sensitivity to load impedance that the diode ring 

does, and indeed, by the use of suitable load impedances, gain may be 

achieved. The non linearity of the voltage to current conversion in the 

base emitter junction of the bottom transistors is the major cause of 

intermodulation, but by using suitably large transistors and emitter 

degeneration, very high performances (+32dBm input intercept) can be 

achieved. The Plessey SL6440 has been described ( Refs. 3, 4, 5) and uses 

these techniques to achieve a high standard of performance. ( See Fig. 16). 



aid of the Smith chart. This method is rather empirical and the Q of the 

network is either undefined or cannot be determined accurately. The 

following shows how the quality factor is related to the circuit parameters 

as well as strip lengths in a practical design. 

DESIGN PROCEDURE 

With reference to Fig. lc, let the microstrip of lenath t and characte-

ristic impedance Zo replace the lumped constant of reactance XL of Fig. lb. 

From the general low loss line equation, the normalized input impedance of 

the microstrip is : 

zin 
ZT (T 

1 + jZT 
= rin + jx in 

where T = tantRa , p = 2r/À and ZT = ( RT + jX T ) / Zo 

= r + 

(1) 

From the above expression it can be seen that the Q of a network 

using transmission lines as inductances has an tipper bounded value. In 

practice, the input and output networks of a Class C power amplifier 

require a Q of the order of 10. This condition can generally be met 

without any difficulty. 

AMPLIFIER DESIGN 

The following example is taken from the design of a 100 Watt Class C 

amplifier operating at 162 MHz for 31 P NMR in-vivo imaging experiments. 

The power transistor MRF 317 has the following impedances at the rated 

output power : 

ZT = 0.77 + j 1.4 St (Input) 

ZT = 1.77 - j 1.0 0 ( output) 

By choosing strip widths equal to that of the transistor base and 

Py definition, collector leads, respectively 5.2 mm and 3.955 mm, and using a copper clad 

Teflon glass PC board with the following characteristics : 

Dielectric constant cr = 2.55 

substrate thickness h = 1.52 mm and 

1 (1 _ x 2 _ r2) [( 1 _ x 2 _ r2)2 _ mo2 r2 _ x2)1 1/2 
Copper thickness t = 35 i, 

t = - arctan (2) 
2 ( rQ + x) 

= xin / rin. 

We can then deduce the strip length as a function of x, r and Q, giving 

Since t is real, the expression under the square root must be positive, 

leading to the relation : 

Q2 < [ ( r - 1) 2 + x2] + 1) 2 + x2] / 4r2 (3) 

= l(r - 1) 2 + x2 ] [( r + 11 2 4- x2 1 / 4r2 or Q2max (4) 
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was first calculated as a function of the strip widths (6 '7) 0 then strip 

lengths vs O as determined by relatin ( 2) were tabulated as shown in 

Tables I and II. For our amplifier, choosing Q = 13 for both the injput 

and output networks led to strip lengths of 4.2 and 11.4 cm, respectively. 

The latter were etched on a PC board which was designed to accommodate 

the power transistor as well as the matching capacitors" ) [ Fig. 21. 

ar-a an J t L L.-3 L J L --à -'-2 



Phase Noise  

The mixing process for the superhet receiver is shown in Fig. 14, where an 

incoming signal mixes with the local oscillator ( LO) to product the 

intermediate frequency ( IF). Fig. 15 shows the effect of noise modulation 

on the LO, where the noise sidebande of the LO mix with a strong, off 

channel signal to produce the IF. This means that the phase noise 

performance of the LO affects the capability of the receiver to reject off 

channel signals, and thus the receiver selectivity is not necessarily 

defined by the signal path filters. 

This phenomena is referred to as RECIPROCAL MIXING, and has tended to 

become more prominent with the increased use of frequency synthesisers in 

equipments. 

The performance level requirements of receivers is dependent upon the 

application. Some European mobile radio specifications call for 70dB of 

adjacent channel rejection equating to some - 122 dBc/Hz, while an HF 

receiver requiring 60dB rejection in the adjacent sideband needs -94 dBc/Hz 

at a 500Hz offset. The use of extremely high performance filters in the 

receiver can be completely negated if the phase noise is poor. For 

example, a receiver using a KVG XF9B filter with a rejection in the 

unwanted sideband of 80dB at 1.2KHz, would require a local oscillator with 

-114dBc/Hz phase noise at 1.2KHz if the filter performance was not to be 

degraded. 

To put these levels in perspective, relatively few signal generators are 

adequate to the task of being the LO in such a system. For example, 

"Industry Standards" like the HP8640B are not specified to be good enough: 

neither are the HP8642, Marconi 2017/2018, or Racal 9082, all of which are 

modern, high performance signal generators. 

All this suggests that is is very easy to over-specify a receiver in terms 

of selectivity, and simple synthesisers are not necessarily ideal in all 

situations. 
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The ability of the receiver to receive weak wanted signals in the presence 

of strong unwanted signals is therefore determined not only by the 

intermodulation capabilities of the receiver, but by phase noise and filter 

selectivity. 

The usual approach to high performance synthesis has used multiple loops 

for good close in performance. Notable exceptions are those equipments 

using factional N techniques with a single loop. Nevertheless, such 

equipments not generally specified as highly as multi-loop synthesisers. 

A vital part of the synthesisers is still the low noise VCO, for which many 

approaches are possible. This VCO performance should not be degraded by 

the addition of the synthesiser: careful choice of technologies is 

therefore essential. For example, Gallium Arsenide dividers are much worse 

in phase noise production than silicon, and amongst the silicon 

technologies, TTL is better than ECL. 

From equation ( 1) 

D.R. 2 ( IP3 -N.F.) dB 

3 

where Ip3 input intercept point dBm 

NF noise floor dBm 

The phase noise governed dynamic range is given by DR1 - Pn + 10 . 0g 
10 

Db-tq2 

Where Pn is the phase noise spectral density in dBc/Hz at any offset 

is the IF bandwidth in Hz. 

(N.B. This is not quite correct if B is large enough such that noise floor 

is not effectively flat inside the IF bandwidth). 

Ideally the ratio DRIK should be 1 

DRet, 
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RESULTS AND DISCUSSION 

The Class C amplifier constructed has a power gain of 10dB at 100 

watts output and about 7 dB at 127 watts. The measured 3 dB bandwidth 

AF was 8.0 MHz, which is in very good agreement with the theoretical value 

of 8.1 MHz evaluated from the formula 

e  = F (/2 _ 1) 1/2 /o (9) 

where F is the operating frequency. The second solution for the strip 

length ( 02) was discarded due to its Impractical dimension. One means of 

reducing the required strip length consists in increasing Zo , which implies 

the reduction of the strip width. As an example, halving the ouptput strip 

width leads to a required strip length of only 6.8 cm instead of the actual 

11.4 cm. This can be achieved in detriment to the current handling capacity 

of the strip. 
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in a well designed receiver - i.e., the dynamic range limited by phase 

noise is equal to the dynamic range limited by intermodulation. 

Certain aspects of low noise synthesiser design have been touched upon and 

Ref. 6 provides further information. 

The performance of a receiver in terms of its capabilities to handle input 

signals widely ranging in input level is dependent upon the receiver 

capability in terms of intermodulation and phase noise. Neglect of either 

of these parameters leads to performance degradation, and it has been shown 

that specifications are not only often difficult to meet, but sometimes 

contradictory in their requirements. 
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28V 

Z = 50n 

o  

Zo 

o  

X2 

X6 

X5 

ZT= RT4-i XT 

ZT 

Figure 1. Basic network using X1. X2 to match the input/output 

impedance ZT of a transistor to 50 ft ( a). Matching 

network incorporating an inductance to reduce 

harmonic frequencies ( b). Inductance replaced by a 

microstripline with a well defined Q at high 

frequencies. 
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C2 
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R1 

WI 

Ci RFC 

Q 

MRF 317 

C'2 50o 

Figure 2. Typical Class C amplifier incorporating microstripline 

in the input and output matching network. Matching 

capacitors C are functions of the chosen Q of the 

network as tabulated in Tables I and II. R1 ( 18 ii) 

was inserted to improve transient response. It can 

be emitted for CW operation. 
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Il l (an) C 1(pF) C2(pF) R. 
In 

X. 

15.2 18.8 4.1 
28max 

20 7.3 47.5 7.9 

13 4.2 82.7 14.8 

10 3.0 112.8 25.2 

1.53 

0.90 

0.81 

0.79 

43.30 

18.05 

10.59 

7.95 

12(cm) 

20 23.1 6.4 3.1 5.2 103.7 

13 26.2 2.7 2.9 13.6 176.1 

10 27.4 1.3 2.9 23.4 233.8 

Table I. Transistor Base Lead Width = 5.2 mm, Z0 = 43 

ti(cm) C (pF) in 1 C 2(pF) R 

16.4 14.0 5.2 3.53 52 
15max 

13 11.4 24.8 7.3 2.4 31.3 

12 10.1 29.2 8.4 2.2 26.9 

10 8.0 39.2 11.1 2.0 20.0 

13 

12 

10 

21.3 

22.6 

24.7 

7.3 

5.8 

3.6 

4.2 

4.1 

3.9 

6.6 

8.4 

13.2 

86.3 

100.4 

131.8 

Table 11. Transistor Base Lead Width = 3.935 mm, Zo  = 52 
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CAPTION. Tables I and H 

Microstrip lengths ( 11, t2) as a function of O. Rin and Xin are the 

real and imaginary parts of the line input impedance. For O less than 

Offlax , there existe two values of 1, Rin and Xin. CI and C2 are the 

corresponding matching capacitances required to match Rin and Xin to the 

50 C source or load impedance. 
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INTERMODULATION 

Intermodulation is caused by odd order curvature in the transfer characteristic of a device. If two 

signals Fi and F2 are applied to a device with third order term in its transfer characteristic, the 

products are given by: 

((os F + Cos F2)3 = Cos3Fi + 3Cos2FiCosF2 + 3Cos2F2ColFi + Cos3F2 

from the trig identities Cos3A, Cos2A and CosACos8, this is 

gos3Fi + KosFi • 3/2Cos2FiCosF2 + 3/2CosFiCos2F2 + 1CosF2 + ICos3F2 + KosF2 

(where Fi = A and F2. B) Neglecting coefficients, the terms Cos2F1 CosF2 and CosFi Cos2F2 are 

equal to 

Cos(2F1 + F2) + Cos(2h-F2) and 

Cos (2F2 + F1) + Cos(2F2-F1) 

By inspection, it may be seen that frequencies of Ft, F2, 3F1, 3F2, (2F1 + F2) and (2F2 ± F1) are 

present in the output. Of these, only 2F2-Fi, and 2F,-F2 are close to wanted frequencies Fi arid F2. 

The application of three signals Ft, F2 and F3, produces a similar answer, in that the resulting 

products are: 

3F1, 3F3, 3F3, F1 + F2 + F3, Fi + F2-F3, Fi-F2 + F3, fl-f2-F3, F2-F1 + F3, F2-Ft-F3, -Ft-F2-F3, -F1-F2 + F3 in 

addition to the produits 

2F1 ± F2. 2F2 ± F1, 2F2 ± F3. 2F3 ± F2, 2F1 ± F3. 2F3 ± Ft 

if a greater number of signals are applied such that the input may be represented by: 

CosFi + CosF2 + CosF3 + CosF4 ... Cos Fn 

The results of third order curvature can be calculated from: 

(Cosh + CosF2 + CosF3 + CosF4 CosFrir 

This expansion produces terms of 
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CoS(Fi ± F2 ± F3), Cos (F1 ± F2 ± F4), Cos (F1 ± F2 ± Fn) etc from which it can be seen that the total 

number of products is: 

ni = 4 x 1/6n (n-1) (n-2) 

3!(n-3)1 

(The factor of 4 appears because each term has four possible sign configurations i.e. 

Cos(Fi + F2 + F3), COS (Ft + F2-F3) etc) This agrees with RefAl. 

By a similar reasoning, n signals produce: 

2n(n-1) products of the form (2F1 ± F2) (2F2 ± Fi) etc and n 3rd harmonics. 

Thus the total number of intermodulation products produced by third order distortion is: 

n + 2n(n-1) + 2/3n(n-1)(n-2) (1) 

Reduction of the input bandwidth of the receiver modifies this. Consider, for example, a receiver 

with sub-octave filters, rather than the »wide-open  situation analysed above. In this case, the 

third harmonics produced by any input signals will not fall within the tune band, as will some of 

the products such as F + F2 + F3, Fi-F2- F3, etc. In this case, the total number of intermodulation 

products is reduced. There are only three possible sets of products of the form Fi ± F2 ± F3, i.e. 

Fi + F2-F3, Fi-F2 + F3 and F3-Fi-F2 which can give products within the band. Note that for products 

to be considered, they must have an effective input frequency at the receiver mixer equivalent to 

an on-tune desired signal. In addition, products of the form 2F1 + F2, 2F2 + F1 etc are again out of 

band. Thus half of the 2n(n-1) products of this class are not able to cause problems and the total 

number of products to be considered is now:-

n(n-1) + +n(n-1)(n-2) (2) 

This result does not agree with Barrs (Ref A2) who uses the results in ( 1). The results in ( 2) are an 

absolute worst case, insofar as a number of the intermodulation products are out of band. 

(For the purposes of this analysis, IMID in a mixer is assumed to produce an on tune signal. Thus 

not all the possible intermodulation frequencies appearing in a half octave bandwidth will be 

able to interfere). 

The same arguments apply to narrower front end bandwidths. However, the narrower the front 

end bandwidth, the higher is the probability that the distribution of signals will produce I.M.D. 
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SORF - AN RF LOW POWER SMD ALTERNATIVE PACKAGE 

A Paper for RF Technology Expo 86 
by 

Harry J. Swanson 
Motorola Semiconductors 

INTRODUCTION 

This paper introduces the SORFTm (Small Outline RF) package which has the 

same mechanical case outline as the familiar SOIC SO8 (see Figure 1 ). In this paper 

the SORF package is described and its performance is compared to the Macro-X Tm 

package. Thermal performance is presented emphasizing the performance in a still air 

25° C ambient environment. Specific characteristics of the SORF package are 

discussed. These outstanding package characteristics offer the RF design engineer an 

alternative to the conventional RF packages (such as the TO39, TO-92, SOT89 and 

Macro- X) and provide a true SMT package for RF low power transistors. 

PACKAGE DESCRIPTION 

The SORF transistor is composed of the leadframe, the transistor die, the 

interconnect wires and the epoxy molded body (see Figure 2 ). The SORF 

leadframe is copper and it is designed to provide an excellent RF package. In order 

SORF and Macro-X are trademarks of Motorola, Inc 
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to enhance the RF gain and broadband performance, the corner leads are internally 

connected through the leadframe to provide low common lead inductance and to 

reduce package parasitics. On one side of the package the two middle leads are the 

input leads and on the opposite side the two middle leads are the output leads which 

extend to the collector pad of the leadframe where the transistor die is mounted by 

forming a gold-silicon eutectic die bond. The die is connected to the base and emitter 

leads using 1.5 mils diameter gold wire. 

Symmetry of the layout allows for parallel wirebonding and for equal length base 

and emitter wires. To enhance the RF performance the wire loop lengths and loop 

heights are minimized. The leadframe strip is then epoxy molded to fully encapsulate 

each individual leadframe on the strip. After the mold process, the leadframe is tin 

plated. Next, the individual RF transistors are trimmed from the leadframe strip and the 

leads are formed in the gull wing format. Figure 1 details the SORF package 

dimensions and mechanical tolerances. 



products outside the band. For example, a receiver with ± 2.5% front end bandwidth tuned to 

10MHz will accept signals in a band from 9.75 to 10.25MHz Signals capable of producing a 

product of the form 2F 1-F2 must have one of the signals ( Fi or F2) in the band 9.875 - 10.25 for a 

product to appear on tune Thus the two signal apparent bandwidth is less than would be 

expected. Similar constraints apply to the F, F2-F3 product. 

Similar arguments apply to other orders of curvature. Second order curvature, for example, will 

not produce any products in band for input bandwidths of less than 21 in frequency ratio. 

The actual levels of intermodulation produced can be predicted from reference Al. In practice, 

the situation is that the input signals to a receiver are rarely all of equal unvarying amplitude and 

assumptions are made from the input intercept points and the input signal density 

If a series of amplitude cells are established for given frequency ranges, such as that in table 1, 

then a prediction of the number of intermodulation products for any given number of input 

signals and amplitudes may be obtained, either from equation 1 or 2 (as applicable) or from 

RefA I ( for higher orders). Where the input bandwidth of the receiver is deliberately minimised, 

the maximum cell size in the frequency domain should be equal to the input bandwidth. 

The total input power in each cell is 

n Pay 

where n is the number of signals and Pas is the average power of each signal. 

A worst case situation is to assume that all signals in the cell are equal to the cell upper power 

limit boundary, e.g if the cell amplitude range is from -40 to - 30dBm, then an assumption that all 

signals in this cell are at - 30dBm is a worst case. 

If, however, it is assumed that signals will have a Gaussian distribution of input levels within a 

cell, then the total input power becomes: 

Pt= 0 55n P 

where Pt is the total power 

n is the number of signals 

Pis the power level at the upper boundary of the cell 
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Because the total 1MD power is the sum of all the IMD powers, the average input power is 

Pay = O 55nP 

The IMO power produced by third order curvature is:-

10logio (j.n(2n2 • 1)1Antilog 1/10 ( Pay-3(13-Pay)1c1Bm 

where PIN,' is the total power of the intermodulation products 

13 is the third order input intercept point 

Because the coefficients of the amplitudes of the intermodulation products are (depending on 

product) 

a3, a2b, ab2,abc, b3 

where a, b and care approximately equal, the use of a3 as the general coefficient is justified. 

From equations 1 or 2 and 3. the total len power and number of products may be calculated. As 

"n" increases in number, the number of products will mean that the resultant 1,,O tends more to 

a noise floor increase in the receiver, thus reducing the effective sensitivity. 

The amount of this degradation is such that the noise floor is: 

En O 55P)3 13 . Af 

13 (frnax-fmin) 

where (fmax-fmin) is the bandwidth prior to the first intermodulating stage /Sf is signal 

bandwidth in a linear system. 

The Gaussian Factor of 0.55 is somewhat arbitrary, since errors in this assumption are cubed 

The intermodulation Limited Dynamic Range is 

(1 3+ 174-10logio - 

where NF is the Noise Figure in dB 

The effects of Reciprocal Mixing are similar, except that signals may be taken one at a time. The 

performance is affected by the frequency separation between an off-tune interfering signal 
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RECENT SORF INTRODUCTIONS 

Two RF transistors introduced in 1086 are ( 1) the MRF8372, a 750 mW, 12.5 Vdc, 

10 dB gain UHF/800 MHz Class C predriver amplifier and (2) the MRF5812, a 10 Vdc 

VcE, 50mA lc, 15 dB GNF(typical), 2.0 dB NF(typical), 500MHz Class A low noise 

amplifier. These transistors' counterparts in the Macro-X are, respectively, the 

MRF837 and the MRF581 Table I compares the two transistors' performances in the 

SORF and the Macro-X packages. Note that the SORF package offers comparable 

performance to its Macro-X counterpart. 

TABLE I - COMPARISON OF THE SORF TO THE MACRO-X 

MRF8372 (SORF) VS MRF837 (MACRO-X) 

POWER DISSIPATION Pout Gpemin Gpelyp Finmln NctYP 

MRF8372 ,,,t TC = 75•C, DERATE ABOVE 75°C (f = 870 MHz, VcC = 12.5 Vdc) 

MRF837 qj TC = 50°C, DERATE ABOVE 50°C 

WATTS mW dB dB % % 

MRF8372 1.5 750 8.0 10 50 60 

MRF837 2.5 750 8.0 10 50 60 

MRF5812 (SORF) VS MRF581 (MACRO-X) 

POWER DISSIPATION Ft GNFmin GNFtYP NF max NF tYP 

MRF5812 e Tc . 75*C, DERATE ABOVE 75*C (1=500 MHz, VcE = 10 Vdc, IC=50mA) 

MRF581 a TC = 50°C, DERATE ABOVE 50°C 

WATTS GHz dB dB dB dB 

MFIF5812 1.5 6.0 13 16 3.0 1.9 

MRF581 2.5 5.0 13 16 3.0 1.9 

all SIMI MO MI Mt Eft 111:11 e=1) 1=1 dl 



and an on-tune" wanted signal unless the separation is such that the oscillator noise floor has 

been reached. Here again, reduction of front end bandwidth reduces the number of signals. 

Generally speaking, the effects of reciprocal mixing are limited to close in effects - say within 

50KHz, unless very poor synthesisers are used. 

The response at some separation fo from the tune frequency is:(L - 10 log 10 Cif) dB 

where L is phase noise spectral density in dBc/Hz and Oa is the IF bandwidth. 

This assumes that the spectral density does not change within the receiver bandwidth: Refl 

shows this to be generally applicable for narrow bandwidths. 

The intermodulation free dynamic range is defined as: 

4(13 - noise floor) = 4(13 + 174 - 10109 10M-NF] dB 

where 13 is the input 3rd order intercept point in dBm 

NF is the noise figure in dB 

Mit the IF bandwidth in Hz 

It has been claimed (Ref A3) that there is 6d8 rejection of phase noise in diode commutative 

mixers. Thus the relationship between IMD and phase noise can be expressed as: 

IMD dynamic range = phase noise dynamic range + 6c18 

= (L- 1O10, toe + 6dB 

Thus at any offset, it is important to ensure that the two dynamic ranges are approximately equal 

if performance is not to be compromised. 

A receiver for example with an input intercept point of + 20dBm and input signals of -30dBm will 

will produce an IMD product at - 130dBm which, for an HF receiver with a noise factor of 8dB, will 

be just above the noise floor, in an SSB bandwidth. The noise floor of the LO. will need to be 

such that the noise is at - 133dBm if degradation is not be occur, and this will be produced by a 

noise floor of - 137dBc/Hz in the synthesiser at the frequency separation of the signals in question. 

Thus the high intermodulation performance may well be compromised by poor phase noise. 
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MRF5812 

The MRF5812 is fully characterized in a manner similar to the MRF581. The 

Transistor is RF guaranteed for 13 dB GNFmin (minimum gain at noise figure) and 3.0 dB 

NFmax ( maximum noise figure) at 500 MHz. The transistor is characterized for S 

parameters and noise figure versus frequency and noise figure versus lc (collector 

current). Typical noise figure performance and typical S parameters are listed in the 

transistor data sheet. These parameters are almost identical to the those of the MRF581. 

MRF8372 

The MRF8372 is tested to guaranteed RF performance at 870 MHz for 750 

mW Pout ( power output), 8 dB Gpe (common emitter power gain), and 50% Nc 

(collector efficiency) in a fixed tuned broadband test fixture which is pictured in the 

data sheet (see Figure 3 for the corresponding circuit schematic ). Typical RF 

performance in the broadband test fixture is plotted in Figure 4. The test fixture 

demonstrates the ability to use the transistor in broadband applications with 

excellent performance. The MRF8372 is fully characterized in a manner similar to the 

MRF837 for typical performance and device impedance in the 800 MHz band (see Table 

II). Input and output impedance parameters show excellent low 0 which enhances the 

ability to match the device for broadband operation. 
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ADVANCES IN SINGLE CHIP FREQUENCY SYNTHESISERS  

P. E. Chadwick 

Plessey Semiconductors 

Cheney Manor 

Swindon 

SN2 2QW  

Single Chip Frequency Synthesisers using Bipolar Technology have been 

available for some years. Introduced originally for T.V. tuning, devices 

for broadcast radio were rapidly provided and Ref. 1 provides information 

on the earliest of these TV devices. Developments have now pushed the 

upper operating frequency to over 2 GHz, but, nevertheless, these devices 

have historically been limited to the consumer market for a number of 

reasons. These are:-

1. Power Consumption ( 150-200 mW) 

2. Phase Comparison Frequency 

In T.V. applications, the use of a 62.5 KHz step size for fine tuning 

allows the use of a fixed prescaler at the front end of the chip - Fig. 1. 

To achieve the small channel step size used in communications, the phase 

comparison frequency must be reduced to a few hundred hertz, and thus the 

device is no longer attractive. Nevertheless, the well tried technology of 

an ECL prescaler and I2L low frequency logic has certain merits, making 

integration onto one chip feasible and attractive. However, existing IC 

processes demand current levels such that CMOS technology becomes 

attractive if the frequency response performance can be achieved, and 

recent advances have now made this possible. 

The 2 micron technology introduced by Plessey has been used to introduce a 

new family of frequency synthesiser parts operating at VHF, with every 

promise of extension to the UHF band. Before describing this new family in 

detail, some review of existing practice is justified. 
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As is widely known, it is desirable to keep the reference frequency in a 

single loop synthesiser as high as possible consistent with multiplied 

reference phase noise. The use of fixed prescaling ( Fig. 2) is therefore 

limited to wide channel spacings or narrow loop bandwidths, while 

alternative methods of mixing ( Fig. 3) or multi-modulus division ( Fig. 4) 

provide the majority of answers to this problem. Where multi-modulus 

division is used, the choice of modulus is dependent upon a number of 

constraints, viz: 

1. Minimum divide ratio is N2-N, where moduli are N, N+1 

2. Loop delay must not exceed N 

Fin 

3. Fin must be less than the maximum count frequency of the control 

N 

circuit counters A and M 

In addition, the choice of various values for N can make the programming of 

the synthesiser easier, insofar as, for example, the use of a 40/41 divider 

provides "nice" programming for a 25 KHz spacing system. The increasing 

use of serial data bus control with microprocessors has produced some 

changes in outlook here, however, as even the simplest radios now seem to 

have a microprocessor included. 

It is in the case of the hand held radio that power consumption is 

especially important. Thus the pressure has been placed on semiconductor 

manufacturers to reduce the current drains of ICs and in the case of the 

VHF synthesiser, it is practicable to build a complete synthesiser drawing 

some 10-12 mA at 5 Volts. This is shown schematically in Fig. 5, where the 

power consumptions are about 4 mA each for the bipolar prescaler and the 

CMOS control chip. 

The advances in small geometry CMOS 

integrate a CMOS prescaler with the 

the advantages that accrue are the 

output swings at the divider output 

require relatively large amounts of 

charge and discharge the capacitance 

and a gate input. 

technology have made it practical to 

CMOS control chip - Fig. 6. Amongst 

fact that there are no logic level 

frequency to be considered, which can 

current - some 0.5 mA or so just to 

of the transistor, bond pad, package 



TABLE II - ZIN AND ZoL VERSUS COLLECTOR VOLTAGE, 

INPUT POWER AND OUTPUT POWER 

1 

FREQUENCY 

MHz 

Zjo OHMS ZOL • OHMS 

VCC -= 7 5 V VCC = 12.5 V VCC = 75 V VCC = 12.5 V 

Pin .,. 150 mW Po, = 100 mW 

Pout 806 MHz -.-• 820 rnW 

Pout 870 MHZ = 635 n•W 

Pout 960 MHz = 530 r#RV 

Pout 806 MHz = 1.05 W 

Pout 870 MHz = 855 mW 

Pout 960 MHz = 580 mW 

806 

870 

960 

8.0 • 11.9 

5.2 • 13.5 

6.6 . 14.0 

4.0 • 11.2 

6.0 • 11.9 

6.1 • 12.5 

24.7 - f19.2 

36.9 - pis 

39.3 - 116.5 

20.9 • 131.0 

32.1 - 126.6 

36.3 - j25.7 

•101_ = CONJUGATE OF THE OPTIMUM LOAD IMPEDANCE INTO WHICH THE DEVICE OUTPUT OPERATES AT 

A GIVEN OUTPUT POWER. VOLTAGE. ANO FREQUENCY 

SORF THERMAL PERFORMANCE 

The SORF package offers excellent thermal performance. Thermal analysis 

determined that the thermal resistance of the SORF package is almost as low as that of 

the Macro-X package. The IR scans are performed under RF operating conditions and 

mounted in a manner similar to a surface mount application in which a heatsink is not 

employed and no considerations are made to provide a good case to heatsink interface. 

The transistor sustains up to 1.5 watts Pp, power dissipation which raises the T J, die 

junction temperature to 150 °C at TA = 25 °C. 
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Summary of IR Scan Analysts 

Table Ill shows that the JL ranges from 43.4 to 47.1 °C/W and 0 JA ranges from 

82.8 to 87.7 °C/W at Pp 1.5 watts, Tt = 80 °C, and TA = 25 °C. 

TABLE III - SUMMARY OF SORF IR SCAN ANALYSIS 

FREQUENCY . 870 MHz; SEE RF FUNCTIONAL CIRCUIT SCHEMATIC 

IR SCAN POUT PIN VCC IC PO TJ HS TJ AV TL TA 5,1L HS l'..II.. AV gJA HS 5JA AV 

DESCRIPTION 

W in'« Vdc mA W •C •C .0 ..0 •C/W *CP•V •C/W CM 

SCAN 02 
BIAS COND. 1.1 405 15 135 1.33 142 139.7 77 25 48 9 47.1 88 86 2 

3 

SCAN #2 

BIAS COND, 1.18 460 15 146 1.47 153.5 150.8 82 25 486 16.8 67.4 856 

4 

SCAN #3 
BIAS COND. 1.11 415 15 135 1 33 144 141.7 84 25 151 43.4 89.5 877 

2 

SCAN 04 
BIAS COND. 1.14 410 15 142 14 147 146.3 83 25 45.7 452 87.1 866 

1 

SCAN 45 
BIAS COND. 1.13 415 15 142 1.42 142 141.5 80 24 43.7 43.4 83.1 828 

1 . 

- 

The following thermal resistances can be justified for the SORF transistor: 

esji. = 45 ° C/W at TL = 80 OC 

JA = 85 ° C/W at TA = 25 ° C 

where Pp = 1.5 watts and Tj = 150 ° C. 

Power derating curves are shown for Ow_ and 0 JA, respectively (see Figures 5 and 6). 

11:1 RIM all INIS lee IN BIM emir MS Me 



The Plessey Semiconductors NJ88C30 family represent a new generation of 

CMOS synthesiser parts. The prescaler is integrated onto the chip, and 

operation to 200 MHz is guaranteed in the NJ88C30. Other members of the 

family have been optimised for broadcast radio use ( the NJ88C31) and here 

arrangements have been made to bypass the internal 2 modulus prescaler when 

operating in the medium wave ( 520-1600 KHz) band, ( Figs. 6 and 7). 

These devices employ serial data programming; the commercial demand for 

full parallel programming is now limited to applications requiring fast 

frequency changing, and, in any case, in single loop synthesisers, loop 

dynamics are generally the largest part of the lock-up time when low 

((50 I(Hz) phase comparison frequencies are used. 

The NJ88C30 consists of an input amplifier, 2 modulus divider ( 15/16 

division) A and M counters and a reference oscillator and divider chain. 

The reference divider chain is not fully programmable, but provides a 

number of reference frequency possibilities dependent upon the crystal 

oscillator frequency. In common with other CMOS oscillators using 

invertors, the stability is adequate for the majority of commercial 

applications, but is not in the highest class: typically, some 1 ppm of 

drift over the temperature range can be attributed to change in phase shift 

through the device when operating at 10 MHz. The divider chains feed the 

digital phase detector with outputs suitable for use in a standard charge 

pump low pass filter. As mentioned earlier, and shown in Fig. 7, the 

NJ88C31 has some changes to make it more applicable to broadcast radio 

applications. 

In these applications, the upper frequency limit of the input divider need 

only be some 120 MHz, while the number of reference frequency division 

ratios is limited, spacings of 4.5, 5, 9, 10, 12.5 and 25 KHz sufficing for 

the MF and VHF broadcast bands. The provision of a 4.5 MHz output to drive 

a microprocessor clock input, and a standby current of under 2 mA minimise 

power drain requirements when the radio is switched off, even though the 

crystal oscillator is still required for the clock function in some radio 

receivers. 
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Although the use of analogue phase detectors has been advised for some 

years in order to remove the effects of the dead zone in digital phase 

detectors, this has not proved necessary in many synthesisers, adequate 

performance being obtained from the classical "charge pump" detector. An 

area in which the L.F. phase noise introduced by the charge pump detector 

is in the reception of AM stereo signals, especially on the Motorola CQAM 

system. However, calculations show that the spurious phase modulation 

introduced is about 0.03 degrees - far enough down to produce inaudibility. 

Note that signal to noise ratios in car radios are often subject to 

"specmanship" - not even a Rolls-Royce will allow the use of a 70 dB signal 

to noise ratiol In any case, the phase variation produces only "wandering" 

of the stereo image. 

The difficulty in the use of the analogue phase detector lies in addressing 

the requirements of a transmitter synthesiser. Where the synthesiser is 

directly modulated, the effects of modulation at a frequency outside the 

loop bandwidth is to exercise the phase detector by an amount dependent 

upon the deviation. When large ( 50-75 KHz) deviations are required, a high 

gain analogue phase detector may well be driven into limiting, and the 

production of spurious outputs at the reference frequency increased. 

Sonarbuoys have such modulation requirements: the reproduction of an audio 

band from 5 Hz to 50 KHz with such deviations is desirable, and the use of 

an analogue phase detector is not desirable in such a synthesiser, unless a 

much higher reference frequency is used. Performance of analogue 

integrated phase detectors at [hie much higher frequency ( 375 KHz) leaves 

much to be desired: the 2 micron CMOS geometry is still capable of 

providing adequate performance, while the market size ( some 750,000 p.a. in 

the Western World) is attractive. 
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The IR scan setup consisted of the following: 

1. Radiometric Microscope Model RM-2A, Barnes Engineering, 

2. Regulated Power Supply Model LK 342A FM, 

3. Voltmeters and Current Meters to monitor bias conditions, 

4. Donc Trendicator 400 Type J/°C, 

5, RF Functional System (see Figure 7 ). 

50 V 

r ERWIN/MO 

FIGURE 7 - RF FUNCTIONAL TEST SYSTEM BLOCK DIAGRAM 



The provision of access to the signal input of the phase detector is 

useful, insofar as trouble-shooting and test is concerned. It also allows 

the use of an external phase detector if this is desirable, although some 

care may be necessary to minimise the generation of spurious sidebands by 

direct pick up of the logic signals on the VCO control line. The use of 

open drain outputs provides some reduction in noise when the outputs are 

not used, compared with the use of full logic swings: nevertheless, it is 

probably better to earth these pins when not used. The simplicity of the 

synthesiser system may be seen by inspection of Fig. 8, where the use of a 

programmable operational amplifier in the charge pump adds an extra 

dimension of flexibility in terms of power consumption. The system does 

require, however, that the common mode rejection ratio of the operational 

amplifier be good, as it is this parameter which provides most of the 

reference frequency rejection. Offset in the device must be small, as must 

noise, and the loop filter design should take into account the open loop 

response of the amplifier in performing loop stability analyses. 

It has been shown that the application of new semiconductor technologies to 

existing device architectures can produce a significant power and cost 

saving. It grows more and more impossible to predict the limits of high 

frequency performance of semiconductors - already, silicon bipolar 

technology has reached levels which only a few years ago would have been 

believed impossible for any solid state technology other than Gallium 

Arsenide. Obviously, the next stage in the development of single chip 

frequency synthsisers must be operation at higher frequencies, with 512 MHz 

being the next logical breakpoint. Meanwhile, the size, complexity and 

power consumption of the VHF synthesised radio can be reduced, while 

multiplication to the UHF bands is not impossible, on grounds of phase 

noise, power consumption or both. For more details on the overall phase 

noise benefits of multiplying see Ref. 2. Synthesiser design has come a 

long way in the last twenty years, and the introduction of single chip low 

power VHF and UHF synthesisers will provide equipment designers with a new 

weapon in the fight to cut cost, size and power consumption. 

Ref. 1 A 1 GHz Single Chip PLL for TV, Lawton R, Gaussen P, Cowley N, 

IEEE-CE Digest of Technical Papers pp 122-123, June, 1982. 

Ref. 2 Design Compromise in Single Loop Frequency Synthesisers. 

P.E. Chadwick, R.F. Technology Expo 1985, Anaheim, Cal. 

Proceedings published by R.F. Design, 6530 S. Yosemite St., 

Englewood, Co. 80111 U.S.A. 
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Preparation of Samples for IR Scan 

The devices are decapsulated using a Jet Etch machine Details on this machine 

can be found in AN938 ( Motorola, Inc. Application Note). The epoxy mold is removed to 

expose the surface of the transistor die while the wires and package leads are kept intact 

and not disturbed. The package is soldered into the RF functional circuit. The circuit 

schematic and parts list are shown in Figure 8. The c'rcuit employs a 2 inch x 2 inch 

piece of 31 mil Glass TeflonTm printed circuit board . The samples are mounted to the 

PC board as a surface mounted component. In other words, no heat sink is used and the 

board is subject to free air heat transfer. 

e CO e 1.3 

CI, C2 - BI -$ 0 pf JOHANSON GIGATRIM 

vcc 

CO 

C4 

CO 

Ce 

e 

- $1 pi CLAMPED INCA MINIUNDERV/000 
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- - el pf CLAMPED MICA, MINI.UNDERW000 

I 0 •F 25 V TANTALUM 
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22 - 47' . 0 071 MICAOSTRIP Z. = 50 v 

23, 24 - 2' .0 070' MICROSTRIP, zo . 50 

ZS 05' • 0 on' MICROSTRIP Z. . 50 v 

PCB 1/32' GLASS TEfI ON., = 256 

FIGURE 8 - IR SCAN 870 MHz CIRCUIT SCHEMATIC 

Glass Teflon is a trademark of Dupont Corporation. 
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The collector leads are painted with flat black paint to provide a good emissivity 

surface. A reference line is marked on the collector leads to indicate the place where 

they contact the PC board on the collector microstrip line. The ability to identify this 

reference point is essential in acquiring accurate and consistent TL data. 

Measurement Techniques 

The measurement techniques and considerations are outlined below: 

TL is measured at a point on the collector lead where it first contacts the printed 

circuit board closest to the package. The T j measurements are made at three points on 

the active area of the die. T j Av, die junction temperature average and Tj Hs, die 

junction temperature hot spot are recorded in Table Ill. In all cases, the temperatures 

across the die active area are uniform ( i.e. no significant hot spotting was found which 

indicates good die bonds and proper RF operation of the die in the SORF package). 

The total power dissipation of the device under steady state operating conditions is 

defined in the equation below: 

PD = PIN + (V CC)( IC) " POUT 

MI MN UM 8121 Mai maid t. 
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The input return loss is greater than 20 dB; thus, it is omitted from the power dissipation 

equation. The data for the above parameters is in Table Ill. The thermal scans were 

done in free air or, in other words, with no forced air over the part and the printed circuit 

board. 

Conclusions 

The data demonstrates that the SORF package has nearly equivalent thermal 

performance to the Macro-X package. The surface mounted technique utilized in this 

thermal analysis makes convection and radiation the predominant heat transfer 

mechanisms. In a more comprehensive thermal study of surface mounted 

techniques, it would be desirable to evaluate the effects of air flow on the heat transfer 

mechanisms of convection and radiation. In a further study it would be beneficial 

to also evaluate the heat transfer mechanism of conductivity via a good case to 

heatsink interface at the collector leads. 

445 

Characteristics of the SORF Package 

The preceding discussion has demonstrated that the SORF package has 

excellent RF properties and is a proven surface mount component (SMC) with power 

dissipation capability of 1.5 watts. When RF performance and a SMC is mandatory, 

the SORF package offers an excellent alternative to the Macro-X, TO-39, TO-92 and 

the TO-89. 

In Table IV the RF and thermal characteristics and other noteworthy 

characteristics are summarized. The SORF package offers other specific 

characteristics which provide a more versatile package. Allowing for a maximum die 

size of 40 mils x 60 mils the SORF package can accomodate die that fit only in other 

larger and more conventional non-SM packages. This will provide the RF design 

engineer with an RF SMD to utilize in new designs or to upgrade to SMT in older 

designs. 

In addition the SORF package has an additional leadframe style in which the 

collector and the base pads are split; thus, it provides a package in which there are 

isolated collector and base pinouts. This modification of the SORF leadframe makes it 

feasible to assemble more than one transistor die in the same package. With an eight pin 

leadframe layout various applications are possible such as, complementary push-pull, 

push-pull ( using separate but similar geometries), differential and cascade -cascode 

amplifiers. 
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TABLE IV - SORF PACKAGE CHARACTERISTICS Another characteristic of the SORE which has creative and somewhat tantalizing 

possibilities is that the portion of the leadframe which interconnects the corner leads 

of the package is wide enough to accomodate a MOS capador for input CO matching 

(means Control C) - a terminology defined by Motorola, Inc.) . Input CO matching is 

accomplished by selecting the proper shunt MOS capacitor value and series 

inductance interconnect wire loops to raise the device's input impedance to a 

higher real part while minimizing the device's input circuit Q. This aids broadband 

Excellent Thermal Properties: matching by reducing the number of external circuit components necessary to 

Copper Leadframe for excellent Thermal Conductivity achieve a desired broadband performance. 

Symmetrical Leadframe Layout 

Large Collector Pad Summary 

Relativity Large Package Molded Periphery Around the Collector Pad 

Excellent RF Properties: 

Low Common Lead Inductance and Package Parasitics 

Symmetrical Leadframe Layout 

Copper Leadframe for Excellent Conductivity 

Accomodate Large Transistor Die that Fit In Other Larger Conventional Packages 

Wide Common Lead Bridge for MOS Input Matching Capacitor 

The SORF package offers an excellent alternative to the many low power 

packages that are now being used in RF applications which are not SMC. Not 

only is this package a popular SM package but it also has excellent RF and 

thermal performance comparable to the Macro-X package. The newly introduced 

Modified Leadframe Available with Split Collector and Base Pads MRF8372 and MRF5812 are excellent examples of the capabilities of this RF low 

for Special Applications Utilizing Multiple Die 

446 

power plastic SMD. The SORF package will lead the way as SMD replaces the 

more conventional RF low power packages of the past and adds exciting new 

dimensions to RF SMT. 
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UNEQUAL POWER SPLIT HYBRID COUPLER 

S. PAL, S. K. SAINT, V. S. RAO, A. BHASKAeANARAYANA 

COMMUNICATION SYSTEMS DIVISION 
ISRO SATELLITE CENTRE, AIRPORT ROAD 

BANGALORE-560 017 - INDIA 

ABSTRACT 

Presented in this paper are the design techniques 

for unequal power splitting hybrid branch line couplers. 

Nomograms are presented for different output coupling 

levels. The typical application of these devices is in 

the realisation of UOPSK modulators for high-bit-rate data 

transmitters. 
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INTRODUCTION 

Branch line quadrature hybrids are familiar for 

their simplicity and multiuse. These hybrids are suitable 

as power splitters and combiners while maintaining isolation 

and matching at the input/output ports. 

When a 3 dB quadrature hybrid is powered at input 

port 1 (Fig.1) and the output ports 3 & 4 are terminated 

in identical reflection type devices, power is delivered 

at isolated port 2. This property eliminates the require-

ment of a circulator for applications like PIN diode phase 

shifters and diode amplifiers ( e.g. trapatt and tunnel 

diode amplifiers). 

Zs 

x/p 

Zo 

ISOLATED 

2 

Fig.1 

zp 

3 

CUTPUT 

4 

Quadrature hybrid 

In general, hybrids for the above applications 

are 3 dB quadrature type, where power fed at port 1 will be 

divided equally with 90° phase shift. A typical example 

utilising the property is a balanced QPSK modulator. 
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40 Sylvan Road 

Waltham, MA 02254 

Introduction 

A new class of JFET, the static induction transistor (SIT), is attracting a great deal of attention [ I-6] because of its 

exceptional high-performance in the HF. VHF, and UHF frequency ranges. SITs are vertical devices, designed with 

very short conducting channels fabricated with low carrier concentration semiconductor material. The channel is, 

therefore, depleted of carriers even at low gate bias voltage levels. Conduction in this channel is controlled by 

inducing electrostatic fields from the gate and the drain. This explains, to some extent, the name "static induction 

transistor" given to these devices by Jun-ichi Nishimwa, who first demonstrated SIT operation Pl. The method of 

current control in an SIT is fundamentally different from that in a JFET. In a JFET, the high series resistance of the 

neutral channel region and the weak electric field penetration from drain to source result in saturated, pentode-like dc 

I-V characteristics. In an SIT the field-controlled potential barrier results in exponential dc [-V characteristics. 

In addition to describing generally how SITs operate, this paper will show that SITs are extremely well suited for cw 

and pulsed power, high-frequency applications, especially in the HF, VHF, and UHF range; experimental single-ended 

devices have thus far shown very high cw and pulsed UHF power levels comparable to or higher than BJTs, 

MOSFETs. ISOFETs, or IFETs and push-pull balanced SITs have demonstrated high-power, high-gain, broad-band 

HF/VHF frequency performance. SITs are relatively easy to build and are highly reproducible. They will he used in 

applications where no other semiconductor devices have proved satisfactory, for example, in very efficient 

phased-array antenna systems. as replacements for bulky and expensive magnetrons in microwave ovens, in AM and 

FM radio broadcasting power amplifiers; and in high power and broadband HF/VHF/UHF power amplifiers for 

military applications. 

At lower frequencies, very high-power SITs have already been used in ultrasonic cleaners, in low-distortion audio 

amplifiers having kilowatt output power capability [ ill and as fast switches in a high-voltage thyristor form IQ]. Fast 

solid state relays, dc/dc converters, laser modulators, radio transmitters, and switching power supplies are presently 

under consideration. The SIT has thus become an important new class of power semiconductor device. 

SIT Operation 

SITs are a new class of transistors having a short-channel JFET structure in which the current, flowing vertically 

between the source and drain, is controlled by the height of an electrostatically induced potential energy barrier under 

the source. This barrier develops when the channel is depleted of mobile charge carriers by reverse biasing the gate 

junction. The height of the barrier is influenced by both the applied gate and drain bias potentials. A 

two-dimensional drawing of an elementary SIT cell is shown in Figure Ia. Figure lb shows the corresponding 

potential distribution along the path of electron flow in the center of the channel when gate and drain bias voltages 

are applied. Figure lc is a more graphic illustration of this potential barrier and the path of electron flow. If the 

drain potential, Vd • is kept constant and the gate potential, Vg , is varied, the barrier height changes, producing a 

significant change in the drain current. The SIT differs from long-channel devices such as conventional .IFETs or 

MESFETs because, in addition to the gate bias voltage, the drain voltage also has a substantial influence on the 

current, through changes in the potential energy barrier height (Figure lb). Thus, the SIT has unsaturated 

(triode- like) current-voltage characteristics rather than the saturated (pentode-like) characteristic of a conventional 

JFET or MESFET. A set of typical SIT dc cument-voltage characteristic curves is shown in Figure 2. 

The SIT is a majority carrier device, therefore, its speed is not limited by minority carrier stored charge as is the case 

in a BIT. In addition, since electron velocities are higher than hole velocities, the channel regions are generally 

fabricated using n-type epitaxial material. Because, for SIT operation, these channel regions must be depleted of 

charge carriers at low gate bias voltages, relatively high resistivity n- type material must be used. This results in a 

device which exhibits high breakdown voltages. Since in silicon , electrons reach saturation velocity at high electric 

fields, this allows device operation at high frequencies while operating at relatively high bias voltage levels. 

Electron mobility decreases with increasing temperature in a majority carrier device, thus, the SIT channel is 

thermally stable. High-power devices may be fabricated in the conventional manner by paralleling low-power cells, 

but without using ballast resistors. Ballast resistors, which prevent thermal runaway in power BFI's, increase the 

fabrication complexity of these devices relative to SITs. The current distribution is also different in an SIT than in a 

BIT. Due to the "emitter crowding" effect in bipolars, the current density is maximum at the edge of the emitter 

periphery (Figure 3a) This is due to the transverse voltage drop in the base. In an SIT, the current density is more 

uniform in a source finger of equivalent width (Figure 3b). This means that the active source area is used more 

efficiently in an SIT than the emitter area in a BIT. In addition, the fact that the current flows through the 

semiconductor bulk in an SIT and not along the semiconductor surface, such as in a NIOSFET, makes the SIT less 

sensitive to oxide and interface defects which contributes to reliability and high radiation hardness levels. 
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DESCRIPTIO Ns 

When data rates of the two streams modulating 

the carrier in the OPSK modulator are different, the 

carrier power levels are unbalanced so as to maintain 

equal E,/No of the two orthogonal carrier components 

for effective use of RF power. An attenuator and phase 

shifter to compensate for the phase introduced by the 

attenuator are used in the two output branches respectively 

as shown in Fig.2. 

Tip 

QUADRATURE 
HYBRID 

ATTENUATOR 

PHASE 
SHIFTER 

DATA I 

DATA 0 

FIG.2 UOPSK MODULATOR 

POWER 
COMBINER 

0/P 

This arrangement increases the complexity of the 

circuit and is not desirable for space applicattons. A 

hybrid with unequal power division properties is a valuable 

tool in such applications. 

The design of an unequal quadrature power divider 

is explained in the following paragraphs. 
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The normalised voltage scattering matrix of ideal 

lossless hybrid with unequal power outputs, maintaining 

the 90o phase difference, can be represented by equation 1, 

where ports 1 and 2 are input and isolated ports 

respectively. 

[si - 

O 0 -JK3 -K4 

O 0 -K4 -e3 

-JK3 -K4 0 0 

-K4 -JK3 0 0 

 1 

K3 and K4 are the normalised voltages available 

at ports 3 and 4 respectively, such that power available 

at port 3 is 

2 
P3 K3 

and power available at port 4 is 

2 
P4 ' 4 

Por a lossless hybrid 

2 2 
K3 4. K4 '• 1 

 2 

 3 

 4 



SIT Power Perfiamance 

Power IIFIVIIF/UIIF ( I MHz to 1200 MHz) SITs have been developed and characterized and their performance 

demonstrated by GTE Laboratories. Devices of various sues have been fabricated and tests have been performed 

under various operating conditions. Amplifiers have also been designed and tested. 

Previous publications 12,3.51 have provided information about GTE SIT performance at the higher UHF frequencies. 

Significant advances have been made recently, however, in the performance of SITs in the lower UHF frequency 

range. To date, the largest cw power static induction transistor fabricated is the 12-cell (W s. 24 cm), 7- tin) pitch 

SIT shown in the pictorial. Figure 4a. As shown in Figure 4b, this tra,isistor has been exercised to demonstrate up 

to 215 W cw at 225 MHz. with 7-dB gain and 70% drain efficiency lie terminal impedance of high- voltage power 

UHF SITs is comfortably high compared to more conventional transistors. This 12-cell SIT exhibits the 2I5-W 

power level while working into a 6 16 ohm load impedance, approximately a factor of 5 higher than a more 

conventional, comparably powered transistor. We therefore expect to build single-ended SITs capable of much higher 

output power before we reach the limiting low impedance levels of present-day power transistors. Having reached the 

highest practical single-ended transistor power level, we may then consider building a balanced SIT to provide another 

factor of 2 increase in output power performance. Of course, innovative package designs will be necessary to realize 

this performance in view of the very high power dissipation levels and the electrical phase length to be 

accommodated. 

Peak pulse power performance at 400 MHz for a single-ended SGSIT using our 3- cell chip design has been 

demonstrated at levels up to 325 W (Figure 5a). This new device, shown in Figure 5b, with 20 cells connected (W s 

.40 cm) was operated in our test system at a 78-V power supply level in a Class AB mode with a 10 µsec on time 

and 10% duty cycle, pulsed drive. As indicated in Figure 5a. the terminal impedances of this device are still quite 

manageable. In fact, increasing the total gate width of the device by a factor of 2, to provide enough capacity for a 

600-W transistor, would still result in manageable impedance levels (approx. 1 ohm). 

Most of our single-ended power SITs, both for cw and pulsed operation, have been set up in the common- gate 

configuration. Although common-source operation promises higher gain and potentially higher output power, the 

drain-gate feedback capacitance results in less stable operation. Nevertheless, performance results with new SITs 

operated in a common- source, push-pull configuration with cross neutralization Ill have shown a high degree of 

stability with very attractive broad- band frequency operation and with high-gain and high-output power levels. 

These experimental cross- neutralized SITs were fabricated using two 4-cell, 7-tam pitch SGSITs connected in a 

single, balanced transistor package along with a pair of 18-pf chip capacitors mounted inside the package to provide 

the neutralization. The photograph in Figure 6 shows one of these cross-neutralized common-source balanced power 

SITs. An amplifier was designed and fabricated using coaxial 4:1 transformers and baluns loaded with 

high-permeability ferrite material (Figure 7). Large signal power tests were conducted with this amplifier at 

frequencies over the I- to 200-Mllz band. Figure 8 illustrates the measured gain, output power and efficiency for the 

test amplifier. As shown on this figure an output power level of approximately 100 W with greater than 13 dB power 

gain has been observed from I- to 100- MHz. The output power performance rolls off to 60 W from 100- to 

200-Mili, however, the gain remains relatively flat. Swept measurements have confimied this data and show no 

anomalous inflections in the response. With transistor package and amplifier modifications, output power levels in 

excess of 100 W are expected to he achieved across the band with this design. 

Conclusion 

This new device, the static induction transistor, is proving to be extremely attractive for applications which require 

rf power amplification. It has been shown to demonstrate high output power, high-gain. high-efficiency, and 

broad- band frequency operation. Additionally, it exhibits high-voltage breakdown characteristics, high terminal 

impedance and preliminary tests indicate a high tolerance to radiation. Coupled with a straightforward processing 

technology, the SIT has a high potential to advance the performance of future rf power systems. 
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All the four branches/lines are quarter wavelength, 

whose impedance/admittance values are derived from the 

scattering matrix ( 1). 

The admittance matrix for this unequal power 

split quadrature hybrid can be obtained using the trans-

formation shown in equation 5. 

CY] - 

O j j-i j ji+r 0 

o 0 jj-l+r 

0 

O jjl+r jj-ir 0 

 7 

The hybrid constructed from equation 7 divides 

the power fed at port 1 into the required proportions 

[Y] ( ill - (81 ) ( ill [6 1) -1  5 at port 3 & 4. 

By substituting S-matrix and solving equation 5 

we get the admittance matrix as 

O jK4/K3 31/E3 

JK4/K 3 0 0 OK3 

0 0 jK4/K3 

O 01(3 jK4/K3 0 

The voltage ratios shown in equation 6 can be 

expressed in terms of power ratios as 

2 2 
r = P4/P 3 = IC 4/K 

... .6 

The admittance matrix is expressed in terms of 

power ratios as 

The nomograms constructed from equation 7 for 

obtaining the impedances of series and shunt quarter 

wavelength of the hybrid in an easy way are given in 

PROCEDURE TO USE NOMOORAMSs 

The impedances obtained for a 50 ohm hybrid with 

+2 dB imbalance in output power levels using the nomograms 

is explained to illustrate the procedure for the use of 

the nomograms. 

Mark the characteristic impedance of 50 ohms on the 

centre scale Zo ( point A). For calculation of shunt arm 

impedance, make point B on the left r scale at +2 dB. 

Intersection point C of the Z scale with the line 
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Figure I. Elementary SGSIT cell (a), and corresponding potential distribution in center of 
channel along path of electron flow (b), graphic illustration of potential barrier (c). 
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Joining points AB gives the shunt impedance. The same 

procedure is followed for finding series arm impedance 

with the right r scale. 

The values obtained for Z and Zs are 39.7 and 

31.1 ohms respectively. 

CONCLUSIO Ni  

A set of nomograms are presented for finding 

series and shunt impedances directly. A hybrid with 

different output power levels is constructed from these 

nomograms and verified practically. The necessity of an 

unequal power divider maintaining 90 ° phase is explained. 
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Figure 5(b). 325 W 400 MHz peak pulse power SGSIT. 

Figure 6. Cross-neutralizeçl common-source push-pull SIT. 
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SPHERICAL DIELECTRIC ANTENNA 

S. PAL 

HEAD 
COMMUNICATION SYSTEMS DIVISION 

ISRO SATELLITE CENTRE - AIRPORT ROAD 
BANGALORE-560 017 - INDIA 

ABSTRACT 

Presented in this paper is a study of near field 

and far field characteristics of a dielectric sphere 

antenna excited by a circular cylindrical metal waveguide 

operating in its dominant TEll mode. Many interesting 

results as a outcome of this study are included. The 

system can be used as a microwave applicator, a spotbeam 

antenna and as a feed for a cassegrain reflector. 
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Dielectric antennas are an important class of 

microwave antennas. These are quite small and capable 

of giving directive radiations. Various forms of dielec-

tric antennas like the solid rods, hollow tubes, horns 

and spherical antennas have been studied ( in parts) by 

many researchers. Dielectric spheres in particular 

have been of great interest to many researchers [1,2,3, 

4,5,6 & EI owing to the simplicity of the shape and 

many practical applications. Most of the researchers 

have examined the subject with approximate near field or 

far field theoretical analysis and tried to compare the 

results with experimental ones. This paper is an outcome 

of an extensive theoretical study as well as experimental 

studies carried out on a dielectric sphere excited by a 

circular cylindrical metal waveguide operating in its TE ll 

mode. The subject is divided into two categories, namely: 

(1) THE SOURCE FIELD OR NEAR FIELD 

(2) THE FAR FIELD OR RADIATION FIELD 

1.0 SOURCE FIELD STUDIESs 

The far field radiation characteristics of an 

antenna can be deduced from the knowledge of source field 

distribution. The source field can be determined by 

solving the electromagnetic boundary value problems over 

the antenna. The spherical dielectric antenna considered 

is made of a homogeneous lossless dielectric material and 



A High Performance SAW Filterbank Achieves 80dB Rejection 

by 
C. Lanzl, W. Ossmann and R. Bernardo 

Andersen Laboratories, Inc. 
1280 Blue Hills Avenue 
Bloomfield, CT 06002 

I. Introduction 

This filter bank was designed as part of a general-purpose receiver 

system, which was to be able to Isolate signals of differing center 

frequencies and bandwidths, to separate these signals from the surrounding 

spectrum and then to demodulate these signals. The features of the 

interbank which were essential to this system were: excellent rejection, 

good control of bandwidth , filter selectivity, good amplitude and phase 

ripple and equal noise power in each channel. Surface wave filters meet 

these primary requirements nicely while maintaining a small outline and 

requiring little power. 

This paper will present the specific requirements for a filterbank 

requiring 80dB of stopband rejection, followed by a discussion of both the 

electronic circuit and surface wave filter design. Results from production 

filters will be presented, followed by indications of improvements to these 

sorts of filterbanks. 

II. The Requirements 

The detailed specifications for this fliterbank are presented in 

Appendix I. The essence of the interbank is presented in the schematic 

shown in Figure 1. An Input signal passes through a wldeband roofing 

filter and a low-noise amplifier and then through one of nine channels 
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is excited by the TE ll mode fields of a circular cylindrical 

metal waveguide [7]. In order to ensure some degree of 

matching between the antenna and the waveguide and also to 

suppress the generation of higher order modes ( to the 

extent possible), the interior of the circular cylindrical 

metal waveguide is filled over a short distance by the 

dielectric 

end of the 

inside the 

of which the sphere is composed. The generator 

circular cylindrical dielectric rod thus formed 

waveguide is conically tapered to a point ( as 

illustrated in Fig.1) to take care of the matching between 

the waveguide and the dielectric structure ( It has been 

experimentally seen that such a tapering E 10 J does improve 
the return losses). However, for the theoretical analysis 

and to simplify the analysis for the first degree of 

approximation, the higher order mode generation at the end 

of the waveguide is neglected and the propagating mode 

inside the waveguide is assumed to be only TE ll. The 

theoretical analysis for the source field components over 

the sphere is done by [ 6, 10] expressing the TE ll mode 

components of the cylindrical waveguide in spherical 

co-ordinates at the interface between the waveguide and the 

spherical geometry of the antenna, keeping the sense of ' 0' 

co-ordinate the same. These field components are further 

expressed in terms of spherical harmonics. Their respective 

amplitude- coefficients at the interface are determined using 

'Fourier Legendre Series' [ 6, 9, 10 ], and the TE ll 

field components are expressed in a spherical co-ordinate 

system. 
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These fields at the interface are assumed to be 

the impressed fields in the sphere due to the waveguide 

excitation. 

The fields internal to the sphere will consist of 

the fieldsdue to the waveguide and the fields internal to 

the sphere obtained by solving the source free Vector wave 

,equations [ Straton-8]. 

The boundary conditions are matched at the surface 

of the sphere ( r...a) for the field components internal to 

the sphere and the external field components obtained by 

solving the source free Vector wave equation [ Straton-é] 
external to the sphere. 

It is seen that during the various field matchings 

over the surface of the sphere ( at r=a) on both sides of the 

equations, terms containing constants of 

(m, nthorder) and pm (cos 0) and pm (cos g) do 

Sin 43 

appear. Here 4' ( cos 0) is the Associated Legendre's 

Polynomial of first kind of degree ' n' and order W. 

It is observed that for the six field components, six 

simulataneous equations are obtained. 

From the six equations we see that the lowest [p,16] 

field mode which can exist is fronl, while for a given m, 

.6mil me Rao Rem CM 1=1 



having bandwidths from 0.1 MHz (channel 1) to 12.0 MHz (channel 8) and 25 

Mhz ( channel 9, direct). All channels had a common center frequency ( 70 

MHz) and were required to have equal noise powers ( for white noise, the 

power levels in each channel were supposed to be the same), so the 

insertion losses varied from 29dB for channel 1 ( 0.1 MHz) to 50dB for 

channel 8 ( 12.0 MHz) and 53d8 for channel 9 ( direct). 

The most strenuous specification was the requirement for 80dB of 

rejection for each channel. This rejection had to be maintained from 5 MHz 

to 400 MHz outside seven 3d13 bandwidths from the center frequency and drove 

most of the design, as will be discussed in section III. The next most 

important specification was the requirement for 50dB of insertion loss for 

channel 8, which put a severe constraint on the noise floor for the 

filterbank. These two specifications forced most of the interesting design 

decisions. 

The requirements for precisely controlled bandwidth and shape is 

common to most surface acoustic wave filter designs. Since an enormous 

number of transmission zeros can be designed in a very small space, surface 

wave filters can provide excellent selectivity which is essentially 

independent of matching and insertion loss. Also, manipulation of these 

zeros can compensate for second order distortions which affect filter 

symmetry. The requirements of less than one dB of amplitude ripple and 

less than ten degrees of phase error in each channel, ;is well as the 

differential phase error specification, are also straightforward and easily 

satisfied with surface wave devices. 

The entire operating filterbank had to meet a serles of mechanical and 

environmental conditions including vibration and shock as well as a powered 

burn- In. 

Ill. The Design Approach 

A. General Considerations 

The requirements for this fliterbank specified nine channels, one of 

which was a direct channel and one of which had a 0.1 MHz bandwidth. Early 

analyses of channel 1 ( 0.1 MHz) showed that surface wave filters for this 

bandwidth would be much too large, so the customer agreed to supply a bulk 

crystal filter which met their requirements. The direct channel also 

needed no filter ( other than an overall roofing filter to reject out-of-

band noise). Probably the most important specification items were the 

combination of 80dB of rejection with a required 50dB insertion loss on 

channel 8; for an input signal at OdBm, this puts a requirement on the 

noise floor to be at -130dBm. This really stems from the customer's desire 

to have equal noise power in each clennel, so the insertion loss of the 

widest channel had to be considerably higher than that of the narrowest 

channel. Proper grounding and shielding and overall control of the noise 

in the circuit board was by far the most difficult aspect of the 

development of the filterbank. 

B. Electronics 

The requirement for 80dB of stopband rejection regardless of the 

channel selected forced the choice of dual PIN diode switches for each of 

the nine channels in the fliterbank. These switches did not have to be 

452 



',MIMI Mum  • 1.1b .1111 .111 .411 

there are 

(gn.n..i) th 

tions are 

12 field amplitude coefficients of ( m,n),(m,n+1) 

order, which indicates that the boundary condi-

satisfied not for a single value of n but for 

n-1, and n+1 combined together. This shows that for any 

particular value of ' m', the electric and magnetic field 

components consist of an infinite number of terms for 

values of ' n' varying from is to, thus indicating that 

for each value of m, there exist many corresponding  

hybrid modes. 

However, the boundary conditions are matched for 

n=n, n=n- 1, n+2 and a total of 16 equations are obtained 

for internal field amplitude coefficients. The coeffi-

cients are of (m,n). (m.11-1) (m,n+1) and (m,n+2) order. 

Sixteen simultaneous equations are solved for the 16 

amplitude coefficients, which are in general complex. 

n Knowing the m, th order amplitude coefficients one can 

determine the internal and external ( surface) source 

fields, which are used for far field computations. From 

the above treatment, it is inferred that a homogeneous 

dielectric sphere excited by a circular cylindtical 

metallic waveguide operating in its dominant TEll mode can 

support an infinite number of hybrid modes which have 

all the six components of EM field, remely Er, Ea, E0. 

Hr, He & no. Representative near field patterns are 

given in Figs. 2-1 to 2-4. 

2.0 FAR FIELD STUDIESs 

Having Obtained the source field distribution, the 

radiation or far field of the spherical dielectric 

antenna excited by a circular cylindrical metal waveguide 

is obtained using the famous - Schelkunoff's Equivalence 

Principle. An analysis of the radiation pattern and 

gain as a function of various parameters, viz, diameter 

of the sphere, frequency of excitation and relative 

permittivity of th. material has been done. The studies 

are limited to X,band for experimental verification 

purposes. 

3.0 NUMERICAL COMPUTATION & OBSERVATIONSs 

SOURCE FIELDs 

The source field components have been evaluated 

10]. The computation has been done for different 

diameters and relative permittivities of the dielectric 

sphere for various frequencies of excitation at X-band, 

for a lossless homogeneous sphere. The computations 

have been carried out for the first seven primary modes 

i.e. m=1 to 7 and n=1 to 7 ( except men). While 

normalizing with respect to the maximum value of the 

mode out of a large number of m, n combinations, the 

amplitudes of the coefficients and field components for 
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quick because the bandwidth selection was to be by mechanical thumbwheel 

switches, so the diodes were chosen to give e switching time of about one 

microsecond at 70 MHz. Each serles-shunt diode switch has an on-to-off 

ratio of 54dB at 70 MHz for a combined isolation of 108dB for a single 

channel all by itself. Since all nine channels were bussed In parallel, 

with all channels selected off, the isolation from bus to bus was 89dB, a 

9dB margin on the 80d8 specification. 

The requirement of 50dB of loss for channel 8 ( 12.0 MHz) combined with 

80dB of rejection meant that the incoming signal level had to be high 

enough that the 80dB rejection level was at or above thermal noise. This 

was accomplished by driving the SAW devices at about +20dBm with an 

amplifier. Additional LC roofing filters at input and output were 

necessary to keep the noise floor below the rejection level for channel 8 

and also served to suppress SAW harmonic responses, as will be discussed 

below. 

C. The SAW Filters 

This fliterbank has filters whose center frequency Is 70 MHz and whose 

channel bandwidths range from 0.1 MHz to 400 MHz. As discussed in section 

IIIA, channels 2 through 8 were Implemented with SAW filters whose 

percentage bandwidth ( 3dEl bandwidth normalized to the center frequency) 

varied from about 0.4% ( channel 2) to about 17% (channel 8). Since the 

maximum achievable bandwidth for a piezoelectric surface wave material is a 

function of its electromechanical coupling constant pi different SAW 

substrate materials were used for different channels. Specifically. ST-X 

quartz was used for channels 2, 3 and 4 ( 0.3, 0.5 and 0.75 MHz), YX quartz 

was used for channel 5 ( 1.5 MHz) and YZ lithium niobate was used for 

channels 6, 7 and 8 ( 4.0, 6.0 and 12.0 MHz). These materials all have 

different temperature coefficients, but this filterbank is used in an 

environment whose temperature does not vary much and in a system that can 

adapt to differing center frequency shifts due to temperature, so the 

different substrate materials for each channel was not a problem. 

The requirement for 80dB of stopband rejection cannot be met on 

narrowband quartz materials due to the presence of surface wave diffraction 

on these substrates; 45-50d8 of stopband rejection Is about the best that 

can be achieved with filter shape factors of around 2.5 on quartz. This 

means that all of the quartz SAW filters had to be implemented as cascaded 

pairs. The substrate material used for other channels, YZ lithium niobate, 

happens to be autocollimating; surface waves exhibit almost no diffraction 

on this material. This means that It may be possible to achieve the 80dB 

rejection requirement in a single filter, and indeed, the design 

simulations predicted that channel 8 ( 12.0 MHz) could be built as a single 

filter. Channels 6 and 7, however, had design sIdelobes higher than 80dB 

and so these channels were designed as cascaded pairs. 

Surface acoustic wave bandpass filters generally exhibit two kinds of 

frequency domain spurious, harmonic responses and bulkwave responses [2, 

3]. The harmonic response is governed by the choice of the number of 

electrodes per wavelength ( for example, 3 electrodes per wavelength 

supports the second harmonic and 4 electrodes per wavelength supports the 

third harmonic) and generally only the first harmonic response above the 
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the orders 1112 and more for all values of ' n' are almost 

two orders less in magnitude than those of aml. Hence, 

the computation for further processing was restricted 

for nel, a,- (1 non to 7. From the computation results, 

it is observed that: 

(a) For all modes the external field components 

Er, ES, nE show a cosine variation and Ed, Hr, and He 

show a sine variation with respect to 0' for '0' varying 

between ± 1800. This behaviour is independent of 

sphere diameter, frequency of excitation and dielectric 

constant. 

(b) The 

'0' shows that 

e 0, i.e. no 

exists. 

variation with respect to ' 40 for a fixed 

for iEri & iHri there exists a null at 

axial radial component of E & H fields 

For other field components it is observed that all 

the modes except ( 1,1) show an oscillatory behaviour. 

iEej is the strongest component. 

3.2 RADIATION FIELD: 

The radiation field patterns, directivity and gain 

have been computed for the dielectric sphere antenna using 

the source field components, since from the source field 

studies [10] it is clear that no single mode will charac-
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tense the complete source field components. Hence, 

the far field 

the vectorial 

of the source 

calculation have been carried out for 

summation of even, odd and all mod ,A1 

fields. Calculations have seen done 

for spheres of 100, 75 & 50mm diameters at X-band for 

ft.2.1, 5,7, 10 & 15. For all mode combinations of the 

source field, the radiation patterns for representative 

cases are given in Figs. 3(a). ( b) and ( c). 

4.0 EXPERIMENTAL STUDIES: 

The experimental investigations have been 

undertaken in order to validate the theoretical studies. 

The experimental work is extended to investigate some 

of the practical applications of the dielectric sphere 

antenna under investigation. The investigation has been 

carried out mainly for X-band frequencies ( 8.2 GHz) 

and sphere diameters: 30, 50, 75 and 100mm and the 

2.1. 

The source field components at the surface of the 

sphere have been measured using near field pickup probes. 

The variation of these source field components as a 

function of e & 0 co-ordinates is reported. The radi-

ation field patterns have been plotted for both E&H 

planes. The results are reported as ' ET ! & lEp i 

patterns as a function of ' 0' co-ordinate. Gain measure-
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fundamental is large enough to be a problem. Buikwave responses can be 

caused by a number of different acoustic modes generated by the transducer 

in addition to the surface wave. On quartz, these bulk modes generally 

manifest at about twice the center frequency and can be very troublesome. 

On lithium niobate or any other high-coupling material, a multi- strip 

coupler structure can be used between the transducers to eliminate buikwave 

spurious. For the quartz filters, the bulk and harmonic responses were 

eliminated by designing one transducer to operate at 70 MHz at its second 

harmonic and designing the other transducer to operate at 70 MHz at its 

third harmonic. No other harmonic responses coincided, so the spurious 

responses were eliminated. The lithium niobate filters were designed to 

operate at 70 MHz at the fundamental using a multi- strip coupler to 

suppress buikwave tpurious and relied on the LC roofing filters to suppress 

the harmonic response. 

A significant advantage of surface wave filters is the flexibility the 

designer has to meet specific spectral shape requirements. This fliterbank 

required control over the minimum and maximum 3dB bandwidth, the maximum 60 

and 70dB bandwidths, the symmetry of the passband and the specific value of 

the insertion loss for each channel. These requirements are typical of 

almost any surface wave bandpass filter and can be fulfilled in a 

straightforward manner. In addition, the choice of cascaded filters 

allowed the designers to implement a time domain spurious suppression trick 

that reduced both amplitude and phase ripple across the passband ( the 

specifications did not require this, but it cost nothing to design in and 

it improves the performance.) 

This fliterbank has been in production for some time and the need to 

design the filters and their matching networks for minimal handling in a 

production environment was recognized from the start of the design. 

Accordingly, each filter design was subjected to a matching network 

sensitivity analysis for standard component tolerances. Only designs that 

were tolerant of the component variations expected were used 

production line alignment and tuning time. Also, procedures 

to keep the alignment process from becoming tedious and 

assembly. 

to cut down on 

were developed 

to streamline 

IV. The Results 

Figures 2-14 present data from a representative fliterbank from a 

production run. Spectra for channels 1 through 9 are shown, and the 

rejection of the worst filter ( channel 8) is presented from 5 MHz to 400 

MHz. Notice that the filters uniformly achieve 80dB of rejection well 

inside seven 3d8 bandwidths from the center frequency; in fact, most 

achieve 80dB on the monotonic skirts. This clean shape is a direct 

consequence of the choice of cascaded filters to achieve the rejection. 

Compare the narrower channels with channel 8, which was implemented with a 

single filter. Channel 8 showed some close- In spurious at about 72dB, but 

achieved 80dB within seven 3dB bandwidths. Also, Figure 12 shows the 

passband response of a representative filter, ( channel 4). Figures 13 and 

14 show the difference between two identical filter channels, one not 

employing the triple travel canceling scheme and the other utilizing it. 

All production fliterbanks met the specifications outlined in section II 
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ment have been done using standard gain antenna substi-

tution method, and axial ratio studies using a rotating 

dipole for a circularly polarized wave excited sphere 

antenna have also been carried out. The return loss or 

VSwR measurements of the antenna system is done over 

7-12 GHz frequencies, using an HP8410 network analyzer. 

The near and far field test setups are shown in Figs. 

4(a) & 4(b). The circular polarization is achieved 

using a septrum polarizer go, 1G. 

5.0 DESIGN & CONFIGURATION CW THE ANTENNA: 

A dielectric sphere of diameter>30mm ( at X-band) 

is excited by a circular cylindrical metallic waveguide 

operating in its dominant TE11 mode. The mode generation 

is achieved by two methods: ( a) a coaxial to waveguide 

adapter changes TEN mode to TE 10 mode. The rectangular 

to cylindrical waveguide gradual transition changes the 

TE 10 mode to TE 11 mode, ( h) the other method of exciting 

TE 11 mode inside the circular cylindrical weveguide is 

to adjust the depth of a coaxial connector centre pin 

mounted on a circular cylindrical metal waveguide and 

adjust the close end of the guide with a short circuit 

plunger such that the input VSWR is less than 1.1. One 

can measure the E field configuration at the open end to 

make sure of the existence of the TE 11 mode. 

In both systems, the waveguide at the open end 

is loaded with a dielectric sphere. In order to have 

a smooth transition between the waveguide and the sphere, 

at one end of the sphere there is a dielectric cylindri-

cal rod ( the same material as that of the sphere), 

tapered at the end, with its outer diameter equal to the 

internal diameter of the circular cylindrical waveguide. 

The length of the rod is experimentally adjusted such 

that no high VSwR is observed. The cylindrical dielec-

tric rod length is less than?.. . The tapered portion 

is 0.68?- . This éonfiguration is almost analogous 

to the situation where the waveguide is filled with the 

dielectric material of which the sphere is made, such 

that the dominant mode is TE 11 and there are no disconti-

nuities due to dielectric mismatches. 

The near field studies have been conducted using 

small pickup probes 0.0, a monopole for lEr i, a 

small dipole for EQ & Eso and a small magnetic loop for 

H-components. The far-field radiation studies have been 

conducted under the normal far field conditions. The 

gain is determined by comparing with a standard gain 

antenna while the axial ratio studies have been done 

using a rotating dipole. The circular polariYation is 

achieved using a septum polarizer [10,11]. The effect 

of a corrugated flange at the back of the antenna has 
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REJECTION SPECTRUM OF CHANNEL 1 

0.100 141-1z 

Vertical: 10dB/cm Horizontal: 60 MHz to 80 MHz linear 
Figure 2 

REJECTION SPECTRUM OF CHANNEL 2 

0.300 MHz 

Vertical: 10dB/cm Horizontal: 60 MHz to 80 MHz linear 
Figure 3 

REJECTION SPECTRUM OF CHANNEL 3 

0.500 MHz 

Verticals 10dB/cm Horizontals 60 1élz to 80 MHz linear 

Figure 4 

REJECTION SPECTRUM OF CHANNEL 4 

0.75 >11z 

Vertical: 10dB/cm Horizontal: 40 MHz to 100 MHz linear 

Figure 5 

REJECTION SPECTRUM OF CHANNEL 5 

1.5 1.friz 

Vertical: 10dB/cm Horizontal: 40 MHz to 100 MHz 
Figure 6 

REJECTION SPECTRUM OF CHANNEL 6 

4.0/417 

Vertical: 10dB/cm Horizontal: 40 MHz to 100 MHz linear 

Figure 7 
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been studied for gain and axial ratio properties. Some 

of the experimental results compared with the theoreti-

cal results for near field as well as far field are 

shown in leigs.(5) & ( 6), while far field experimental 

curves for various diameter spheres for pattern as well 

at axial ratio studies are shown in Figs.(7) & ( 8). 

A derived gain V/S diameter curve is also given in 

Fig.9. 

6.0 CONCLUSIONS AND POTENTIAL APPLICATIONS' 

From the theoretical analysis the following 

observations can be made* 

6.1 SOURCE YIELD' 

It is possible to solve the boundary value 

problem for a dielectric sphere excited by a circular 

cylindrical metal waveguide operating in TEll - mode. 

The theory evolved out here can be used for other 

popular cases, such as a dielectric sphere excited by 

a structure having HEll - mode. The name method can be 

used for solving boundary value problems in ferrite 

spheres. 

A dielectric sphere excited by a circular cylindri-

cal metal waveguide operating in its dominant mode can 

sutain an infinite number of hybrid modes over its surface. 
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The relative amplitude and phases of the modes will be 

different depending upon the sphere diameter, dielectric 

constant and frequency of excitation. 

Prom the numerical calculations it is inferred 

that higher order modes are negligible in amplitude as 

compared to the first few primary modes. 

The six source field components over the surface 

of the sphere show a sinusoidal variation with respect 

to 0.Er, E0 & HO show cosine 

no show sine variation. All 

their different modes except 

variation while EØ, Hr and 

the field components and 

mode ( 1,1) show an 

tory behaviour with respect to 0. 

oscilla-

It in difficult to draw a general conclusion. 

However, it is seen that the dielectric sphere antenna 

excited by a circular cylindrical metal waveguide opera-

ting in TE ll - mode, will sustain an infinite number of  

hybrid modes. The relative amplitudes and phases of 

these modes will be different depending upon the 

sphere diameter, dielectric constant and frequency of 

excitation. 

6.2 RADIATION FIELD* 

From the radiation field studies it is observed 

that the dielectric sphere loading increases the gain 

11=M1211111211.11. . itc:BIiIMO Li dl 1:11 



REJECTION SPECTRUM OF CHANNEL 7 

6.0 MHz 

Vertical: 10dB/cm Horizontal: 40 MHz to 100 MHz 
Figure 8 

REJECTION SPECTRUM OF CHANNEL 8 

12.0 Mrlz 

Vertical: 10dB/cm Horizontal: 40 MHz to 100 MHz linear 
Figure 9 

REJECTION OF CHANNEL 8 (12.0 MHz BAN)WIDTH) 

FROM 5 MHz TO 400 MHz 

Vertical: 10dB/cm Horizontal: 5 MHz to 400 MHz linear 
Figure 10 

REJECTION SPECTRUM OF CHANNEL 9 

DIRECT 

Vertical: 10dB/cm Horizontal: 5 MHz to 400 MHz Iirear 
Figure 11 

emplItude 

(1 09/010 

Spectrum of 41.: Channel 

F,,10,111.Cy 

(2.11: / CI v) 

70•4112 

Figure 12 
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of a simple cylindrical waveguide and provides an 

E and H - plane pattern symmetry with a circular beam 

cross section. With increase in dielectric constant 

the main lobe width increases and the directivity reduces. 

It is seen that for a given sphere diameter and frequency 

of excitation there is an optimum dielectric constant 

for which maximum gain is obtained. Just as with 

increase in dielectric constant or relative permitti-

vity, the directivity does not increase.For 702 to 2.1, 

for maximum directivity the Fl should be ..:-_. 2.1 - to 5.0, 

beyond which the main lobe width will 

The sphere for a given diameter shows 

phenomena. The increase in frequency 

start increasing. 

a resonance 

does not increase 

the gain proportionately. 

6.3 EXPERIMENTAL STUDIES: 

From the experimental investigations the following 

was found: 

6.3.1 SOURCE FIELD: 

Over the surface of the sphere all six EM - field 

components exist. All six source field components show 

a sinusoidal dependance on 0 (FIG.10). 

There is a good agreement between the theoretical 

and experimental source field plots for spheres of 
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diameters-2.2X waveguide diameter. The agreement is for 

combination of certain modes and not for an individual 

mode. The agreement appears to be there even without 

probe compensation. 

6.3.2 RADIATION FIELD: 

There is an agreement between the theoretical 

[for all mode combination] and experimentally obtained 

radiation field plots as far as over-all pattern shape 

is concerned. The theoretical plots show higher side 

lobes and slightly wider main lobe compared to the 

experimental. The theoretical gain is less than the 

experimental. 

a 

From the experimental radiation field plots, 

it is seen that the main beam has a circular cross section 

with an approximate E - and H - plane pattern symmetu 

compared to the waveguide alone. The sphere increases 

the gain and compresses the beam of the waveguide pattern. 

Even a hemisphere compresses the waveguide pattern and 

increases the gain by almost 3 dB. For 2.1 or more 

the radiation field patterns appear to be Gaussian beam 

pattern. 

It is seen that the dielectric sphere antenna gives 

1-3 dB increase in gain over a uniformly illuminated 

equivalent aperture, depending upon the d/21/4 Ortimum 
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and Appendix I; more than 100 filterbanks were produced. 

V. The Application 

As can be seen from Figure 1, the fliterbank was used in conjunction 

with a low-phase noise oscillator to form the IF section of a general 

purpose receiver. The operator of this receiver can select the frequency 

to be analyzed by choosing the synthesized oscillator's frequency and then 

can select the analysis bandwidth by choosing the appropriate fliterbank 

channel. Following this module is a general demodulator module, which 

allows the operator to select one of a variety of demodulation techniques 

(AM, FM, PM and so forth). 

Specifications for both the variable oscillator and for the flIterbank 

will be presented, followed by data from the multichannel system. 

Interesting performance parameters will be discussed in depth. 

Appendix I presents the electrical specifications for the synthesized 

local oscillator shown in Figure 15 and also the electrical specifications 

for the fliterbank shown inside the dotted line in Figure 1. 

Figure 15 presents the schematic of the synthesized local oscillator. 

It is a single phase locked loop driven by an external, low noise reference 

oscillator at 10 MHz ( supplied by the customer). It was fabricated using 

microstrip circuits and only screened components ( resistors, inductors, 

capacitors, semiconductors) were used. Figure 16 shows the phase noise for 

a typical production unit. All electrical specifications were met over all 

the environmental conditions; this includes the random vibration ( whose 

level Is about 7G RUS). Units were tested to 10G RUS for more than four 

hours with no degradations of any specification ( including phase noise and 



gain is obtained for e:1.2.1 to 2.5 [Fables& Fig.9]. 

There is good VSWR matching for all the spherical 

antennas studied here over the frequency band 7 - 12.4GHz. 

The VSWR or return loss shows some type of resonance 

phenomena. The mlnimum VSWR .2 1.1 while the maximum 

te. 1.6 ( Fig.11). 

The sphere does not disturb but slightly improves 

the axial ratio, if excited by a waveguide with a 

circularly polarized signal. A choked flange at the 

back of the sphere reduces the side lobes, increasing 

the gain. The position of the flange from the open end 

of the waveguide can be experimentally adjusted for 

minimum axial ratio and maximum gain. 

7.0 POTENTIAL APPLICATIONS: 

The good E- and Hr. plane pattern symmetry with 

circular beam cross section, low side lobes, Gaussian 

beam, excellent VSWR matching with the excitor, good 

axial ratio for circular polarized exciting signal, 

focusing of the beam, small and compact size make the 

antenna under discussion a potential candidate for many 

applications as a primary antenna, secondary antenna and 

also a microwave applicator. A few of the applications 

are: 
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SPOT/GLOBAL BEAM ANTENNA FOR COMMUNICATION SATELLITES 

The antenna can be used to provide spot and global 

beams for geosyncronous communication satellites, with 

good axial ratio and low cross 

and H-plane pattern symmetry. 

septum the antenna can be used 

polar component with E.-

With the use of a proper 

for orthogonal polarization 

tranamission/reception of signals with isolation better 

than or 30 dB. This would be a typical example of the 

antenna being used as a primary antenna. The small 

size of the antenna makes it quite attractive, especially 

for dual polarized global beam coverage, for 

2.5 is suitable for a global beam. 

SHAPED WIDE BEAN ANTENNA: 

The inherent E- and H- plane pattern symmetry, 

good axial ratio for circularly polarized signal and 

excellent VSWR matching with the exciting structure 

properties of the dielectric sphere antenna, are used in 

achieving a wide beam antenna with a dip in the centre 

of the pattern and gains at the beam edge. The pattern 

is such that for a 900 ¡(NS orbiting spacecraft the 

antenna gain compensates for the path loss variations. 

Such an antenna has been developed for onboard use on the 

Indian Remote Sensing Satellite for transmitting data at 
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VI. The Future 

The size of the filterbank presented here was 8.63 inches long by 6.5 

inches wide and 0.81 Inches deep. The area occupied by four of the PIN 

diode switches was 2.5 Inches by 2.0 inches. Since the time that this 

filterbank was designed and built, Andersen has produced a hybridized 

version of the PIN diode switches that occupies an area of 1.25 inches by 

0.75 inches and achieves better uniformity in a package that is less than 

half the size of the discrete unit. These switches were used in a four 

channel filterbank that measured 3.0 inches by 2.0 inches by . 05 inches. 

In the fllterbank described here, the matching networks for the 

surface wave filters was external to the filter package. Since then, 

Andersen has produced filters with 60dB of rejection where the matching 

networks were hybridized and internal to the surface wave filter package. 

The trend toward future systems Is for higher frequencies, smaller sizes 

and improved performances. Hybridized filterbanks achieving 80d8 or more 

rejection at frequencies up to 1 GHz are realizable now and can be arranged 

to be screened to space qualification levels if desired. The combination 

of surface wave filters, with their ability to do complex signal processing 

in small sizes, and hybridized switching and amplifying networks makes 

small, rugged and reliable modules for the next generation of 

communications, radar and electronic warfare systems. 



X- band. The antenna developed is a dielectric sphere 

(hemisphere) excited in two orthogonal circular polari-

zations generated using a septum polarizer.en the 

dielectric sphere antenna six metallic diffraction 

strips have been symmetrically placed. The width of 

the strips is experimentally adjusted such that we get 

around 65° beam width with maximum gain +5 dBi at 

tt +- 65 ° and a null at the centre ( 2 - 7dB). A corrugated 

reflector flange has been used to shape the beam at the 

edges. The diffraction strips widen the beam and give 

a null at the centre 

sphere maintains the 

Since the strips are 

polarization remains 

and gain at I 65° . The dielectric 

E- and H- plane pattern symmetry. 

symmetrically placed the circular 

unchanged. The antenna has been 

successfully developed. The practical antenna alongwith 

the pattern and the IRS Spacecraft is shown in Fig.12. 

DIELECTRIC SPHERE ANTENNA AS A FEED FOR A REFLECTOR: 

The antenna under discussion can be used as a 

prime focus feed for a reflector or a feed for a Casse-

grain reflector antenna. The dielectric sphere antenna, 

with its good axial ratio. E- and H- plane pattern 

symmetry and low side lobes, can easily replace the 

conventional horn feed for Cassegrain reflectors. 
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The other applications of the dielectric sphere 

antenna can be as a feed for a Compact Range Reflector 

and probes for near field measurements. 

AS MICROWAVE APPLICATORS FOR MEDICAL USES: 

Since the dielectric sphere antenna provides a 

focussed beam of circular cross-section with side lobes 

suppressed, the system can be used effectively as a 

microwave applicator for clinical/medical uses. A few 

of the applications ares 

1) Applicator for diathermy ( non-contact type) - 

the clinical technique used to achieve ' deep heating', 

that is inducing heat in tissues beneath the skin and 

subcutaneous fatty layers. 

2) The system can be easily used for selective 

heating ( re-warming) of cancer tumors in deeply cooled 

animals to enhance the effectiveness of tumor chemotherapy 

treatment. This technique is called differential hyper-

thermia. 

3) These antennas can also be used for diagnosing 

and monitoring pathological cardio - pulmonary conditions. 

The antenna system can be very effectively used in 

cases where focusing of electromagnetic energy for 
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APPENDIX I 

FILTER BANK SPECIFICATIONS 

70 MHz nominal center frequency 

Phase Passband4 
Channel 3dB BW 1 IL"? 3 Linearity Ripple Fo Passband 
Number ( MHz) ( dB) max. ( deg.) max.(dB) ( KHz) Symmetry s 

1 0.1 29 ±5 +0.5 N/A ±5% 

2 0.3 34 ±5 +0.5 +8.5 +8$ 

3 0.5 36 ±5 ±0.5 +8.5 +5% 

4 0.75 38 ±-5 +0.5 +160 ±5% 

5 1.5 41 ±5 +0.5 +160 +5$ 

6 4.0 45 +4 +0.5 +200 +5$ 

7 6.0 47 +4 +0.5 +250 ±5% 

8 12.0 50 +4 +0.5 -2500 ±5$ 

1. 3dB BW tolerance . ±5%, max. 

2. IL tolerance = ±1dB, max. 

3. Phase linearity is the phase deviation from the best linear fit over 

80$ of the 3dB BW. 

4. Passband ripple Is the amplitude ripple over 80$ of the 3dB BW 
excluding monotonic roll off from the minimum loss point. 

5. Passband symmetry calculated at 25 0C by the following formula: 

symmetry = fl - f2 x 100%, where f1 = fo - lower 3dB frequency 
f2 = fo + upper 3dB frequency 

f1 + f2 fo = 70 MHz 



irradiation of biological organs is required. The 

comparative small size of the antenna makes it an 

excellent microwave applicator for clinical uses. 
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Rejection 

Shape Factor 
(all channels except 1 and 9) 

VSWR 
(Input and output) 

Two Tone, Third Order 
Intermodulation 

Input RF Power 

Operating Temperatures 

Channel Selection 

FILTER BANK SPECIFICATIONS SYNTHESIZED OSCILLATOR SPECIFICATIONS 

80dB, minimum on all channels from 5 

MHz to 400 MHz outside seven 3dB Tuning Cycle Continuous 
bandwidths from center frequency. 

Tuning Range 1810.0 MHz to 1910.0 MHz in 0.1 MHz 
60dB BW = 2.5, max. steps 

3dB BW Frequency Control 4 wire/digit BCD parallel logic, TTL 
compatible 

70dB BW = 3.0, max. 

Accuracy Dependent upon and same as external 
3dB BW reference 

1.6:1, max., over 60 to 80 MHz Harmonics -40dBc 

Spurious -60dBc 
>70dB below any 2 tones within selected 

passband for all power levels up to Phase Stability Using low noise, stable source for 
-30dBm. Input: 

All specifications to be met for any 
input power up to -30dBm. The unit Customer Synthesizer 
shall withstand +20dBm CW without Supplied Source Output 
burnout. 

O o Offset from Phase Noise* Offset from Phase Noise* 
-20 C to +50 C Carrier ( dBc/Hz) Carrier (dBc/Hz) 

(Hz) (Hz) 
Shall be by T7I signal according to the 
following table. 10 -98 10 -55 

100 -98 100 -55 
Channel 3dB BW ( MHz) A ( MSB) A A A ( LSB) 

0 1 2 3 1,000 -120 1,000 -60 

1 0.1 o o 0 0 10,000 -135 10,000 -80 
2 0.3 0 o 0 1 
3 0.5 0 o 1 o above 10,000 -145 100,000 -95 
4 0.75 o o 1 1 

5 1.5 0 I o o 1,000,000 -105 
6 4.0 0 1 0 1 
7 6.0 0 1 1 o 2,000,000 -115 
8 12.0 0 1 1 1 

9 Direct 1 0 o 1 above 2 MHz <-120 

Differential Phase Differential Phase between any 2 like 
filters over 80% of 3dB BW shall be 
10 degrees, maximum. 

* Single sideband phase noise in 1 Hz bandwidth. 
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ENVIRONMENTAL CONDITIONS ( OPERATING): SYNTHESIZER AND FILTER BANK 

Altitude: Sea level to 15,000 feet 

Humidity: MIL-STD-810, Method 507, Procedure I 

Vibration: MIL- STD-810, Method 514, Procedure IA, Figure 
514.2-2 

2 
(W = 0.06 G / Hz from 15 to 2000 Hz) 
o 

Sand and Dust: MIL- STD-810, Method 510, Procedure I 

Shock: MIL-STD-810, Method 516, Procedure V 
o 

Burn-ln: 160 hours at +50 C, powered 
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IN 
BANDPASS AND BANDSTOP FILTERS 

THE 100 TO 1000 MHZ FREQUENCY RANGE 

or, "THE SEARCH FOR Q" 

by 

R.V.Snyder 
RS Microwave Co., Inc. 

November 12, 1986 

1.0 Introduction 

The frequency range between 100 and 1000 MHz has 

always posed special problems for the designer. Lumped element 

techniques are difficult to apply using conventional circuits 

because component values are of the order of parasitic levels, 

while distributed networks are too large for many applications. 

Constructing networks which achieve economic and 

technical goals requires a compromise between size and Q. 

Certain approaches place greater constraints upon the quality 

of capacitive elements while others demand higher Q inductive 

elements. In this frequency range much can be accomplished by 

combining lumped and distributed components in one structure, 

taking the best of both. In order to do this, it is necessary 

to characterize inductive and capacitive elements. 

Surprisingly, capacitors are more of a problem than inductors, 

insofar as Q is concerned. Thus, some circuits employ lumped 

inductances combined with distributed capacitors. The 

"surprise" mentioned above is due to the lack of availability 

of high Q commercial lumped capacitors, contrary to what is 

indicated in the catalog of every capacitor manufacturer. Of 

course, some designs use lumped capacitors and distributed 

inductors. 

In this paper we will discuss lumped minimum phase 

bandpass filters with essentially symmetrical skirts. These 

filters are interesting because most such bandpass filters 

require " extra" low pass or high pass elements to increase the 

slope of one side of the stop band or must be overdesigned with 

the shortcomings of the less steep skirt kept in mind. 

We will discuss bandstop filters which are lumped 

"analogues" of distributed circuits, which would be too large 

for general use in the frequency range under discussion. 

Examples of the various networks will be given. 

2.0 Lumped Bandpass Filters 

In 

a. 

b. 

c. 

d. 

this section, we will cover the following topics: 

"Dumbell" or tubular types, semi-low pass 

Capacitively coupled, semi-high pass ( a la Cohn) 

Alternating L-C for symmetrical response 

Wide-band, i.e. greater than an octave 

1. Conventional 

2. Generalized Chebychev ( for sharper 

skirts, smaller size, less loss) 
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Figure 1 presents typical schematics and response 

characteristics for ( a)-( c), above. The symmetrical response 

of ( c) results from the alternation of the series L and C 

elements. Contrast the conventional network shown 

This network is actually semi-high pass in nature, 

an upper stopband slope not as steep as the lower. 

in Figure 2. 

resulting in 

In similar 

fashion, the tubular network is semi- low pass, with consequent 

degradation of the lower slope. The alternating approach 

achieves slope symmetry and thus avoids the necessity of 

overdesigning for a less steep characteristic on one side of 

the passband. Figure 

more interesting and 

generalized Chebychev 

3 describes the approach used for the 

innovative network of ( d)-2. These 

filters offer a small range of element 

impedances combined with the sharp skirts resultant from the 

finite frequency transmission zeroes located near the passband. 

Thus, these filters offer the realization advantages of 

conventional Chebychev filters with the sharp response of 

Elliptic Function designs. By realization advantage we mean 

that this design avoids the problem 

large inductor coupled to a very 

versa. The transmission zeroes are 

cause great attenuation near the 

effect on the passband. Figures 4 to 

associated with a very 

small capacitor, or vice-

"scientific" traps which 

passband but with little 

6 show the circuit and 

response characteristics for two different examples of 

generalized Chebychev low-pass high-pass cascades connected to 

achieve bandpass response. In these figures, the high 

attenuation near the passband edge is evident, as is the 

rippled nature of the stopband region. Power levels for 

filters of these types are relatively low, i.e. less than 10 

watts for small units, somewhat higher if size can grow. Peak 

power levels can go to a Kw of so. Q values range from 80 for 

the ferrite loaded low frequency units to 500 or more for units 

operating in the 500 to 1000 MHz range. 

3.0 Distributed element types 

In this section, we will discuss the various types of 

distributed element ( i.e. non-lumped element) filters that 

commonly are built. Our discussion will include: 

a. Inductive, capacitive and iris couplings 

b. Cavity filters-max bandwidth 10%, low loss,large 

c. Helical resonators-small, inductively coupled 

d. Printed quarter wave types. 

Inductively coupled filters are typified by the 

helical resonator structures. Here, the resonant elements are 

wound coils which may be contained in a cavity. These coils 

have the electrical properties of a foreshortened quarter 

wavelength open circuited line. If the cavity encloses most of 

the coil, coupling from resonator to resonator occurs through 

an iris hole, and the inductively coupled design degenerates 

to an iris coupled one. Similarly, real capacitors may be used 

to couple the sections. As discussed in Section 2.0, inductive 
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or capacitive coupling result in filters with non-symmetrical 

skirts. Proper iris configurations tend to achieve results 

similar to the alternating L-C design. Filters of this type 

are quite compact, but display Q values of only 200 to 500. 

This Q value is dependent upon the size of the confining 

cavity; however, this is limited by the incidence of unwanted 

or spurious modes of resonance if the size is too great. 

If the resonators are effectively quarter wavelength 

open circuited lengths of coaxial line, and the line is 

constrained within a cavity, the resultant resonant cavities 

can be conveniently coupled with irises. Filters of this type 

are relatively large, but achieve unloaded Q values of 1000 to 

2000. Therefore, the insertion loss of filters built using 

this approach is usually quite low. Also, this approach my be 

easily tuned by using a variable length for the center coaxial 

section. 

quarter 

and 8 

filter. 

A very interesting approach is the use of printed 

wave lines in a variety of configurations. Figures 7 

illustrate the design approach and response of such a 

Although a printed design employs distributed line 

lengths, the dielectric loading reduces the physical size of 

such filters, at a cost of insertion loss. Unloaded Q levels 

of about 300 can be obtained. There are a wide variety of 

implementations available, including balanced suspended 

substrate, dielectric stripline, unbalanced microstrip, 

confined microstrip, etc. This is a study in itself. Suffice 

it to say that application of the technique is not indicated if 

the application is for a narrow band, temperature stable design 

or if the skirts are required to display monotonicity below 40 

or 50 db. 

4.0 Lumped-Distributed types 

It is possible to construct filters using a 

combination of lumped and distributed elements. Although no 

general synthesis exists as a closed form design, combinations 

of the response characteristics of lumped and distributed 

elements results in compact and efficient filters. We will 

discuss two examples: evanescent mode and it's close relative, 

the comb line. 

A simple comparison of the two approaches will 

explain why our discussion will really center on the evanescent 

design. The comb line filter employs coupled lines, with each 

line open circuit connected to a capacitor, which is in turn 

grounded. The equivalent electrical length of the line-

capacitor combination is 90 degrees, resulting in a band pass 

filter response. The equivalent coupling network is derived 

using the assumption that a TEM wave is propagating in a slow-

wave meander-line fashion through the filter. Thus, the Q of 

the structure is calculated from TEM assumptions and the 

consequent performance of the filter is based upon that 

calculation. Evanescent ( GR. "Decaying Spirit") mode filters 
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utilize the scattering of waves from obstactles placed in 

below-cutoff waveguide to form high Q inductively coupled 

bandpass filters. A waveguide structure has a normally high 

pass frequency characteristic. By this is meant that 

frequencies lower than the cut-off frequency cannot normally 

proceed from one end of the waveguide to the other. The waves 

encounter a high impedance proportional to the dimensions of 

the waveguide. Note that any empty tube is a waveguide 

structure with cut-off dependent upon the cross-sectional 

dimensions of the tube. The tube can be of any geometric 

closed shape, including rectangular, circular, etc. We can 

represent the high-impedance properties by a simple circuit. 

This is shown in Figure 9. This " Pi" of inductors contains 

three elements. The shunt inductors are proportional to the 

cut-off frequency of the tube, while the series element is 

proportional to the length of the tube If we resonate the 

shunt elements with capacitors and then cascade a numer of 

these sections, we obtain the illustrated bandpass filter. 

Well, so what? How does this help us to achieve 

superior filters? Let us look further at the properties of a 

rectangular waveguide. The dominant mode ( lowest possible 

frequency of operation) propagates through the waveguide in a 

very low loss manner. We can say that the losses associated 

with resonance are very low. As we decrease the frequency 

below cut-off, the losses increase, but they were low to start 

with. Thus, although the evanescent filter operates below cut-

off, the associated losses are low-as the computed Q started 

with a dominant waveguide mode assumption, not a TEM one. 

Further, the waveguide will not allow non-resonated frequencies 

to propagate through until a frequency well above cut-off is 

reached. By building the filter in a waveguide small enough 

(i.e. operating far below cut-off), one can build low loss 

filters with very high stopband to passband width ratios. In 

short, the evansecent filter can have very wide stopbands and 

is thus suited to wide spectrum applications. Such filters may 

be built with waveguide, connectors, pins or with combinations. 

Many such filters handle high power. The technique is 

applicable from 10 MHz to at least 40 GHz, for bandwidths from 

1% to 80% Examples of both comb and 

given. Power levels can be as great 

with proper design of the resonators 

evanescent filters will be 

as a few hundred watts 

and loading capacitors. Q 

values can be 300 to 1000 for compact filters over the entire 

frequency range. 

5.0 Equalizers 

The section on bandstop filters ( Sec. 6.0) 

will discuss amplitude equalization. Here, we will cover delay 

equalization of bandpass filters. We will show a slide in 
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which a bridged-tee lumped all-pass network is hooked in series 

with a Chebychev bandpass filter. The all-pass network adds 

"bumps" to the group delay characteristic of the combination 

without affecting the amplitude shape. A 100 MHz equalized 

filter will be shown and discussed. 

6.0 Bandstop filters. 

In this section we will cover: 

a. Distributed parallel coupled and 

capacitively coupled filters 

b. Lumped bandstop filters, using low pass 

and high pass sections as inverters 

between resonators. 

Figure 9A presents the schematics for both 

distributed and lumped bandstop filters. Figures 10 through 12 

present the response characteristics for filters of this type. 

The lumped analogues have very similar characteristics to the 

distributed prototype units. Figure 13 shows a transformation 

from the simple open circuit case to an easier-to-build version 

using short circuited capacitors to foreshorten the resonators, 

in the same way that comb-line bandpass filters are achieved. 

A slide will be shown in which the basic distributed circuit is 

realized as a parallel-coupled air-strip line structure. This 

latter approach is useful when high power ( several Kw) is a 

requirement. 

If the Q of the bandstop filter is 

intentionally reduced, the ultimate attenuation of the bandsop 

filter is reduced. As well, the stopband becomes non-

reflective as the low Q circuit absorbs the energy, rather than 

reflecting it. This phenomena is useful for building amplitude 

equalizers. In this application, it is desired to have a 

shaped amplitude characteristic without sacrificing VSWR. 

Several examples will be given. 

7.0 Conclusions 

We have tried to show that diversity is the 

name of the game in the 100 to 1000 MHz range. Many problems 

are faced in achieving small size and low loss. Element Q 

values are critical, and commercial capacitive elements are 

just not compatible with the impedance levels required within 

the filters. Ohmic losses within the capacitors are worsened 

due to the low filter impedances, in some applications. A 

variety of techniques have been presented which should enable 

the budding designer to " leap" into the field, hopefully with 

new ideas. 
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TABLE - I  

Sl.No. DESCRIPTION 7.2 GHz 8.2 GHz 9.2 GHz 10.2 GHz 

1. WAVEGUIDE - GAIN IN DB 

a) MEASURED 6.7 10.2 9.5 10.6 

h) UNIFORM APERTURE 7.08 8.24 9.2 10.1 

2. 30mm dia - GAIN IN DB 

a) MEASURED 10.7 13.4 10.5 12.3 

h) OPTIMISED 11. 7 14.6 - - 

c) UNIFORM APERTURE 7.08 8,24 9.2 10.1 

d) THEORETICAL - 14.48 - - 

3. 50mm dia - GAIN IN DB 

a) MEASURED 12.5 14.4 14.8 12.6 

h) OPTIMISED 14.5 16.4 15.4 13.7 

c) UNIFORM APERTURE 11.5 12.7 13.7 14.6 

d) THEORETICAL - 13.25 - - 

4. 75mm dia - GAIN IN DB 

a) MEASURED 16.0 17.6 18.0 16.3 

b) OPTIMISED 16.7 18.3 18.6 17.0 

c) UNIFORM APERTURE 15.0 16.2 17.2 18.9 

d) THEORETICAL - 14.28 - - 

5. 100mm dia - GAIN IN DB 

a) MEASURED 16.5 17.3 16.8 16.3 

h) OPTIMISED 18.9 17.7 17.9 16.6 

e) UNIFORM APERTURE 17.5 18.7 19.6 20.6 

d) THEORETICAL - 16.89 - - 

.-

TABLE- II  

SI.No. SPHERE DIAMETER 

AXIAL RATIO IN dB GAIN IN dB 

WAVEGUIDE 
& SPHERE 

WAVEGUIDE 
CHOKE & SPHERE 

SPHERE 
& W/G 

W/G + SPHERE & 
CHOKE POSITION 

OPTIMISED 

1. 30mm dia 1.5 1.0 13.4 14.8 

2. 50mm dia 1.0 0.8 14.4 16.9 

3. 75mm dia 1.0 0.5 17.6 18.6 

4. 100mm dia 2.0 1.8 17.3 17.9 

FREQUENCY s 8200 MHz 

er s 2.1 



• sé •5" . 96 
0 1 il r il 1 II  

2.7 0 .7 
e 

12 1  

4,4/0.4, "PS'S 
/Le.-- 7 

"4/A/.0(..41,01.6 

= 

co, = 0.74-

CA.) 

/. o4 P 
err) 

mi.o3 
r a. 

lee 

LOC../ .0.4 3 
9 

A4/ AI *C. eb 0:6 

(LS° = 23 

(e.), = /. /e£ 

429133PLIIEDCHIRCEV DOW PASS -HIGH PASS 

EFECRE CEKR4DLIZKOEN 

/ 6.3 

TO 3 

,100094CY INSERT 113N LOSS 

(Hi) (08) P/46LE IOW ANH.E +11REACTI 

REMAN LOSS 'NM INDEN44+." 

1.0000E+07 42.34 + 151. 8 -O. 61 -74.4 2.79 37.30 
2. 0000E407 -1. 41 431.5 -18.27 +97.5 50.10 - 12. 31 

3.0000E+07 -O. 52 + 196.6 -22.63 - 155.5 57.03 3.51 
1.0000E+07 -0.44 +255.2 -26.83 4112. à 51.58 -4.36 

5.0300E+07 -0.13 +289.7 -30. 54 • 12. 1 47.17 -O. 53 

6.0000E47 -O. 42 4313.9 -30.96 -59.1 48.51 2.36 
7.0000E+07 -0.41 +332. 8 -30.86 - 119. 0 51.34 2.57 

REWIRED P/4.3219ND: 2D 10 +BD t•tlz 8.0000E+07 -O. 40 +348. 5 -29.02 -168. 8 53. 59 0. 74 

TIGN EOM: 2.5 9.0300E+07 -O. 39 +2.1 -26.60 . 156. 3 54.46 -2.00 IN338 cb 
1.0000E48 -0.39 +14. 4 -24.60 +( 33.1 53.98 -4. 66 

SZIESDN): cb min at 10 tit arrl 5E0 étiz, Ly to 1200 /lb 1.10000+08 -0.40 +24. 6 -23.14 + 115.0 52.60 -6.67 
1.2000E+06 -0.40 +36. 1 -22.14 +100.4 50.82 -7.86 

1.3000E408 -O. 41 +46.1 -21.51 +88.1 49.03 -8.30 
1.4000E408 -0.41 +55.6 -21.19 +77.5 47.46 -8.14 

1.5000E+08 -0.42 +64.9 -21.14 +68. I 46.24 -7.58 

1.6000E408 -O. 42 +73. 9 -21. 36 +60.0 45.42 -6.78 

1.7000E+08 -O. 42 +82. 7 -21.82 +53.0 44.98 -5. 86 
1.8000E48 -0.43 +91. 5 -22.54 +47.3 44.92 -4.95 

1.9000E+08 -O. 43 + 100.2 -23.53 +43.3 45.19 -4.15 
SNY084 2/17/86 
40 

2.0000E+08 -O. 43 + 108.9 -24. 77 +41.6 45.73 -3. 2 
.Rz LD N.11 AND HP WITH N.7  

2.1000E+08 -O. 43 + 117.6 -26.20 +43. 4 46.46 -3.14 
RL 50  1:0-07 2.2000E+08 -0.44 +126. 3 -27.58 +50. 0 47.23 -3. 03 

SR 
DL 2.3000E+08 -0.44 +135. I -28.40 +61. 7 48.12 -3. 22 

100 2.4000E408 -O. 45 +144. 0 -28.18 .74.6 48.84 -3. 68 

SC 
2,5000(')8 -0. 46 +153.0 -27.12 +84.1 49.36 -4.33 

R. . 5 L. 2.72E-07 C. 6.21E-10 
S%.C3 1.28E-10 2.6000E+08 -0.48 +162. 1 -25. B3 +88. 5 49.61 -5. 08 

6.21E-10 2.7000E+08 -O. 49 +171. 4 -24. 68 +81.2 49.58 -5.81 

SR 
2.8000E408 -O. 51 *180.8 -23.80 +87. 6 43.32 -6.39 

.5 
100 2.9000E408 -O. 52 +190.5 -23.24 +84.6 48.83 -6.74 

SC 1.28E-10 
3.0000E+08 -0.54 +200. 4 -23.00 40.9 48.42 -6.81 

sm.ca R. . 5 L. 2. 72E-07 C. 6.21E-10 
3.1000E+08 -0.56 +210. 5 -23. 08 +77.2 48.02 -6.60 

3. 3000Ee38 -0.59 +231. 9 -24.23 +71. 9 47.8o -5.61 
SR 5.5.21E-10 3.2000E408 -0.57 +221.0 -23.49 +73. 9 47.79 -6.17 

100 3.4000E+08 -0.61 +243. 1 -25.25 +72.1 48.10 -5. 02 

3.5000E408 -0.63 +251.9 -26.40 +75.9 48.64 -1. 52 
PL SC 1.28E-10 39E 3.6000E408 -0.66 +267. 2 -27. 31 +83. 7 49.35 -4.23 

6:1E 4-172 
. 5 3.7000E48 -O. 70 +280.0 -27. 55 +93. 5 50.08 -4.20 

SR 
DC 3.8000E408 -O. 74 +293. 6 -27.12 + 101.2 50.67 -4.3? 

3.9000E408 -0.78 +308. 0 -26.53 + 104. 6 50.99 -4.88 
100 4.0000E+08 -0.84 +323. 3 -26.22 .104.6 51.02 -4,84 

SDLCD 6.E5481. 1. 17E-013 C. 6. 1E-12 
SL 4.1000E408 -0.90 +339. 7 -26. 36 + 103.0 50.86 -4.78 

4.2000E+08 -0.97 +357. 4 -26. 87 +100.9 50.66 -4. 2 
SR '51E-12 4.3000E48 -1.07 +16.8 -27.39 +97.0 50. 3. -1. 27 

1C4) 4.4000E48 -1.19 +38.1 -27.55 416 49.36 -4.12 

1.6E48 4.5000E408 -1. 34 +62.0 -26.65 +48.1 46.92 -3.30 
1.6000E408 -1.57 +89. 2 -22. 76 -O. 9 43.22 0.10 

SRLCD R=7..2.E5-i.1; 9.8E-09 C. 7.2E-12 
4.7000E408 -1.92 • 120. 9 -17. 72 -43. 9 40.62 7.41 

.5 4.8000E+08 -2.45 +158.7 -14. 92 -BO. 2 44.25 16.17 

100 4.9000E+08 -3. 34 +2013. 5 -18.45 -84.3 47.49 II. 4 
5.0000E+08 -7.32 +278.3 -6.60 -57.7 22.74 22.93 

SitCP A. . 5 L. 9.8E-09 c• 7.e-12 
5. 2000E408 -27.27 +7.1 -1.16 - 133.1 20.54 112.18 

51. 1.6E-08 5. 1000E+08 -16.83 +335.0 -2.12 -103. 9 15.61 61.49 

7.2E-12 
5.3000E408 -37. 48 +27. 6 -O. 80 -152.8 39.86 198.85 

SR .5 5.1000E+08 -47.78 +41. 9 -0. 60 - 167. 5 132.34 414.12 

MK1  SL 1.6E-06 5.5000E+08 -58. 63 +52.0 -0.48 - 179.2 1/16.83 422.24 

SFLCD 9..5 L. 1.17E-08 C. 6.1E-12 5. 6000E+08 -70.63 +58.1 -0.39 +171.0 170.01 -588. 91 
é. 1E-12 5. 7000E408 -134. 82 +59.2 -O. 33 . 162.7 41. 14 -324.27 

SR 
5. 8000E48 -103.46 +49.9 -0.28 4155.5 17.73 -229.28 

. 5 
100 5. 9000E+08 -133. 45 +356.2 -O. 24 + 149. 2 9.75 - lee. 31 

2L 1.60-0e \i` ' 6. 0000E+08 -155. 09 +345.1 -0.21 + 113.5 6.12 -151. 4 

p: 6.1E-12 

.D, 50 /4". / • ' 2  
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7.2 1.2 

FREQUENCY IN 611z 

1.2 

9.2 10.2 

FREQUENCY IN Wiz 

HGA1 RETURN LOSS OF THE ANTENNA SYSTEM 

• 

WAVE GUIDE 

- • - 1000 

750 

' ' 300 

111 

Li a a. .s Ità1 imad 6-4 se es 1 



R. V. SPKER 11/6/85 

60 TO 160 MHZ LP WITH 4.9 PNO HP WITH 147 
50 

1 PL 1.34E-07 
2 SR .4 

100 
3 SC 4.7E-11 

4 SRLCP R. . 4 L. 1.05E-07 C. 1.5E-10 
0 1.6E-10 

SC 4.7E-11 
6 SR .8 

100 
7 SRLCP R..4 L. 1.05E-07 C= 1.6E-10 

O 1.6E-10 
8 sc 4.7E-11 
O SR .8 
o 100 
10 Pt. 1.3E-07 

Il PC 2E-11 

12 SL 5.12E-08 
13 SR .8 

O 100 

14 SRLCP R..4 L. 3.2E-08 C. 2E-11 

O 2E-11 
15 SL 4.6.3E-00 
16 SR .4 

o 100 

17 SRLCP R. . 8 L. 2.8E-08 C. 2E-11 
0 2E-11 

18 SI 4.63E-08 

19 SR .4 

o 100 

20 SRLCP R..8 L. 3.22E-08 C. 2E-11 
O 2E-11 

21 SL 5.12E-08 

22 SR .4 
0 100 

23 PC 1.5E-11 

RS 50 

FREQUENCY 185681100 LOSS RETURN LOSS INPUT WENS« 
(HZ) (DD) PifLE (013) ANGLE REAL 4.11REACTI 
1.0000E+07 -71.70 +122.9 -0.65 -47.5 2.24 21.97 

2.0000E+07 -55.87 +158.4 -0.52 -98.9 3.55 58.34 
3.0000E+07 -52.44 +1%. 4 -0.33 -157.6 25.17 250.46 

4.0000E407 -72.10 +283.8 -0.23 +133.2 4.15 -115.54 -.11---eoM - »reo eci,. 
5.0000E+07 -17.07 4339.4 -O. 84 +39.6 2.74 -17.06 e• .9 s-b 

6.0000E+07 - 1.05 +153.0 -19.67 -8.9 40.67 1.32 
7.0000E+07 -0.69 .242.3 -33.22 +25.4 48.06 -O. 90 

8.0000E+07 -0.63 +300.8 -20.84 +6.5 41.72 -0.87 

9.0000E+07 -O. 60 4347.4 -22.55 -61.8 46.21 6.10 
1.0000E+08 -0.60 +28.5 -27.00 -150.7 54.00 2.37 
1.1000E+08 -0.65 +67.3 -27.80 + 100.7 50.60 -4.06 
1.2000E+08 -0.73 +105.8 -24.48 +12.5 44.48 -1.15 

1.3000E408 -0.85 + 145.2 -21.24 -40.6 43.56 4.95 

1.4000E+08 - 1.06 +191.6 -17.79 -51.0 41.71 8.50 
1.5000E+08 - 1.90 4246.9 -9.33 -67.6 32.07 22.94 

1.6000E+08 -4.17 +310.4 -4.22 -114.7 35.91 64.63 

1.7000E+08 -5.87 *59.6 -7.89 - 126.2 61.01 47.38 

1.8000E+08 -29.62 +159.0 -0.69 -158.2 53.45 248.37 • • Cer.....e Cc," tee A...4,e 
1.9000E+08 -55.84 +179.1 -0.35 +177.1 977.08 - 1199.40 c,q ep eeeee. 

2. e002408 -94.27 +308.6 -0.24 +160.3 22.97 -286.00 

s-

Ie 

)4.  
OA 34 a.,04-") ciecu 

fter/V.Tee .37CAS A ./Lee:4 

7 

V7 
R. SNYDER 
N.6 PRINTED STUD FILTER 

RL 50 
P11 2Ew 33.25 LEWD@ 30 VELOCITY FACTOR= 1 

o 1 

2 TR 1E+07 
0 200 

3 STL 11> 63.4 LENGTIO 15 VELOCITY FACTOR= I 
0 1 

4 PIT. 20= 63.02 LENGTH. 30 VELOCITY FACTOR= I 

0 1 

5 IR 1E+07 

0 200 

6 SIL 20. 86.68 LENGTH= 15 VELOCITY FFCTOR= 1 
0 1 

7 PTL /0. 48.68 LENGTH= 30 VELOCITY FACTOR. 1 
0 1 
8 IR 1E+07 

0 200 

9 SIL 21k 90.11 LENGT1fr 15 VELOCITY FACTOR= 

0 1 

10 PTI. 10. 48.88 LENGTH= 30 VELOCITY FACTOR= I 
0 
11 

0 
12 

0 

13 

14 

é 

IS 

16 

17 

1 
IR 1E+07 

200 

SIL 10= 86.68 LENGTH= 15 VELOCITY FACTOR. 1 

1 

OIL /0= 63.02 LENGTH. 30 VELOCITY FACTOR. 1 

TR 

SIL 

OTI. 

TR 

1E+07 

200 

/0= 63.4 LENGTH. 15 VELOCITY FACTOR= 1 

10= 33.24 LENGTH= 10 VELOCITY FACTOR= I 

1E+07 

20) 

RS 50 

FREWEICY INSERTION LOSS RETURN LOSS INPUT 'MAEDA/4CE 

11181 ANOLE INN ANGLE REAL +JIREACTI 

2.5000E408 -271.01 +21.6 -0.06 -0.1 0.18 0.04 

2.7000E+08 -116.91 +293.5 -0.07 -9.7 0.20 4.24 

2.9000E+08 -85.95 +295.6 -0.07 -19.5 0.22 8.58 

3.1000E+08 -67.56 +303.3 -0.08 -29.6 0.26 13.21 
3.3000E+08 -53.26 +313.9 -0.10 -40.3 0.32 18.33 

3.5000E+08 -40.18 +328.3 -0.12 -51.7 0.41 24.22 
3.7000E+08 -26.45 +350.5 -0.15 -64.1 0.61 31.31 

3.9000E+08 -9.65 +40.5 -0.26 -77.7 1.24 40.28 
4.1000E+08 -0.77 +171.1 -0.89 -92.6 5.36 52.04 

4.3000E+08 -0.44 +252.9 -4.59 - 103.7 30.52 53.61 

4.5000E+08 -0.53 +316.9 -11.50 -92.6 44.39 25.40 

4.7000E+08 -0.40 +12.1 -16.97 -85.0 46.89 13.51 
4.9000E+08 -0.32 +65.0 -25.64 -55.7 46.97 4.06 

5.1000E+08 -0.33 +116.8 -25.28 .58.2 47.02 -4.37 

5.3000E+08 -0.45 + 169.8 -16.76 +85.0 46.77 - 13.82 

5.5000E+08 -0.60 +225.0 -11.32 +92.9 44.26 -25.93 
5.7000E408 -0.59 +289.6 -4.49 +103.3 29.79 -53.66 

5.9000E+08 -1.04 +12.5 -0.97 +92.0 5.78 -51.44 
6.1000E+08 - 10.60 +139.7 -0.36 +77.2 1.61 -39.90 

6.3000E+08 -27.09 +187.7 -0.24 +63.6 0.97 -31.02 
6.5000E+08 -40.73 +209.1 -0.20 +51.3 0.72 -23.99 

6.7000E0,8 -53.80 +222.5 -0.18 +33.9 0.60 - 18. 14 

6.9000E408 -68.16 +021.4 -0.17 423.2 0.53 -13.04 

7.10002++ ,8 -86.75 +235.5 -0.17 + 19.1 0.49 -8.42 
7.3000E+08 -118.33 4E25. E. -0.16 +9. 4 0..47 -4.09 

7.50(1316 .08 -220.73 +19.5 -0.17 -u. 2 0.48 0.11 
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Average Efficiency of Power Amplifiers 

by 
Frederick H. Raab, Ph.D. 

Green Mountain Radio Research Company 
50 Vermont Avenue, Fort Ethan Allen 

Winooski, Vermont 05404 

ABSTRACT 

Accurate prediction of the heat dissipation and power consumption of pow-

er amplifiers and transmitters requires knowledge of their average efficiency. 

Since the instantaneous efficiency of a PA depends upon the signal amplitude 

relative to the peak-envelope power ( PEP), the average efficiency depends upon 

both the type of power amplifier and the type of signal being amplified. This 

paper relates average power input, power output, and efficiency to the charac-

teristics of the PA and the probability-density functions ( p.d.f.$) of the 

signal. The p.d.f.s for a variety of commonly used signals, including two-

tone SSB/SC, single-tone AM, uniform, QAM, Rayleigh, Laplacian, Gaussian, 

Gaussian AM, and Laplacian AM are presented. The average efficiencies of 

class-A, -B, and -D PAs are then derived for two-tone and Rayleigh-envelope 

signals. 

I. INTRODUCTION 

Accurate prediction of the average efficiency and/or power consumption of 

a power amplifier ( PA) or transmitter is required in many applications. Some 

examples of radio- system components and parameters that depend upon the effi-

ciency and power consumption are: 

• Battery life, 

• Solar-cell, battery, or generator capacity, 

• Heat- sink size and weight, 

• Ancillary cooling requirements, and 

• Operating costs. 

Knowledge of the average-efficiency characteristics allows the designer 

to make intelligent decisions based upon the costs and benefits of different 

system approaches. For example, class-D RF PAs and class-S AM modulators have 

better efficiencies than do class-C RF PAs and class-B serles-pass AM modula-

tors, but are also more complex and expensive [ 1, 2]. Knowledge of the aver-

age-efficiency characteristics of class-G PAs, envelope- tracking systems, out-

phasing systems, and Doherty systems is necessary to set their parameters for 

maximum-efficiency operation. 

The efficiency of a PA generally varies with the amplitude of the signal, 

and usually increases to a maximum value at the peak envelope power ( PEP) or 

maximum signal voltage. Efficiency curves for typical class- A, -B, and -D PAs 

are shown in Figure la. 

Since FM and CW signals have only one amplitude level, knowledge of the 

efficiency and input power at PEP is sufficient. Inspection of the curves in 

Figure la shows that modest improvements in efficiency are achieved by chang-

ing the class of amplification. 

In contrast, amplitude-modulated signals ( including SSB, television, and 
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Figure I. Efficiency and p.d.f. curves. 

multicarrier relay) and wideband signals contain a variety of different ampli-

tudes that produce a variety of different instantaneous efficiencies. The 

p.d.f. for a typical multitone SSB or multicarrier envelope ( Figure lb) shows 

that low- and middle- level amplitudes are far more prevalent than amplitudes 

near PEP. At the most likely amplitude, the efficiencies of the class- A, - B, 

and -D PAs of Figure la differ considerably, hence significant improvements in 

the average efficiency can be expected by changing the class of amplification. 

It would be natural to define average efficiency as the average of the 

Instantaneous PA efficiency. However, average efficiency thus defined Is an 

interesting indicator of PA performance but otherwise useless. A preferable 

definition is the ratio of the average output and average input powers; that 

Is 

nAVG " 

P0AVG 

PiAVG 

(I) 

Inspection of the amplifier-efficiency and signal-p.d.f. curves of Figure 

1 shows that average efficiency depends upon both PA characteristics and sig-

nal characteristics. This paper develops the relationships that can be used 

to predict average efficiency, and gives the p.d.f.s for a variety of commonly 

used signals. Example calculations are performed for class- A, - B, and -0 PAs. 

2. CHARACTERISTICS OF SIGNALS 

Signals can he classified as either wideband or narrowband. Instantane-
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ous PA efficiency and input power are generally related to the instantaneous 

amplitude ( voltage) of a wideband signal, or to the instantaneous envelope of 

a narrowband signal [ I]. 

The statistical characteristics of the signal amplitude are described by 

its probability- density function ( p.d.f.). Integration of a p.d.f. over a dV 

particular range of amplitudes gives the probability that the signal amplitude 

is within that range [ 5]; i.e., 

V2 
P(V < v< V). r p( dV . 

1 2 V 
(2) 

1 

The relationship of the p.d.f. to a signal voltage or envelope is Illus-

trated in Figure 2. The full-wave rectified sinewave is, of course, a deter-

ministic ( rather than random) signal. Nonetheless, the p.d.f. Is an appropri-

ate means of describing the amount of time spent at each amplitude. 

The p.d.f. can be derived from the waveform or envelope by using the de-

finition of the p.d.f. to equate corresponding areas under the two curves, as 

illustrated in Figure 2. The " probability" of the angular- time variable 0 be-

ing in an interval of width de is d0/21. If only one of the points at which 

the waveform has voltage V is considered, then 

p(V) dV z de/2 , 

Taking the li mit as de • 0 and rearranging produce 

p(V) n de/dV1/2 . 

(3) 

(4) 
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A PHASE LOCK LOOP THAT WORKS - ALMOST 

PART 1 

MICHAEL F. BLACK 

SENIOR MEMBER TECHNICAL STAFF 

TEXAS INSTRUMENTS 

DEFENSE SYSTEMS AND ELECTRONICS GROUP 

A Phase Lock Loop That Works - Almost Part 

So the system phase lock loop has been built. All the study and calculations are 

finished. The natural frequency and damping ratios have been set. The long 

awaited VCO is installed, and now the loop is closed. 

Just as anticipated, it works. Well maybe it almost works. A few adjustments 

and it will be fine. Many adjustments and lots of frustrating hours later it 

still almost works. 

Does this sound at all familiar? There seems to be a lot of phase lock loops that 

never fully meet the expectations of their creators. Some may have never worked 

at all or work only after an application of " black magic". In this article 

some of basic problems that keep a phase lock loop from working correctly will 

be examined. 

Basics of Loop Problem AnaJysis 

It is important to keep in mind that a phase lock loop is a phase/frequency 

domain system. The loop may be buried deep in a totally digital IC board and 

used to generate computer clocks for timing but it remains a phase/frequency 

domain system. Thus frequency measurement techniques must be employed to 

properly verify the operation. 

Designers with a digital logic background frequently rely on clock jitter measure-

ments observed on an oscilloscope as a primary trouble shooting tool. Unfortunately 

in most cases time domain observations tell only a small part of the whole story 

To understand and analyze the loop operation prepare to move into the frequency 

domain. 
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Three rules of experience can be used to guide loop trouble shooting and verification. 

These may seem at first to be almost trivial but a rigorous adherance will 

almost guarantee the expected PLI performance. 

The first rule is that all components of the loop must work by themselves as 

intended. Not only must parts like the VCO and phase detector work as described 

in the spec sheets but they must work correctly when mounted in place on the 

circuit board. Most of these parts are sensitive analog components and require 

a bit of consideration. A phase lock loop running from a five volt logic bus 

surrounded by many watts of TTL or ECL circuits is in trouble already. 

The second rule is that the components when connected together open loop must 

work perfectly. More about this later but suffice to say without perfect open 

loop operation, there is little hope for the closed loop. 

The third rule applies in cases of modulated or pulsed signals. The loop must 

work as predicted for CW inputs or again there is small hope for operation with 

modulation. 

If it can be accepted that these levels of perfection are required at each 

step, the PLI designer will have much higher success ratio and fewer of the 

almost loops. 

Beginning Trouble Shooting 

Phase lock loop circuits often have other extra circuits attached to them. 

Frequency search circuits and phase lock indicators are cases in point. These 

must be separated out early to get the loop down to its basics. Before a 

search circuit can be properly evaluated it has to be shown that the loop will 



hence 

The full-wave rectified sinusoid is represented by 

V(e) = ' sin el , 

e t arcsin V t r21/2 , 

Ide/dv) _ vz)-1/2 

Since there are four Intervals in e that make equal contributions to p(V), 

and 

the p.d.f. Is 

(5) 

(6) 

(1) 

P( 11 • ( 2/1)( 1 - v2)-112 • (8) 

The average values of desired parameters are computed by integrating the 

product of the parameter and the p.d.f. of the signal envelope or voltage over 

the appropriate range. The average input power is therefore given by 

V 
max 

PiAVG f Pi(v) p( dv , 
o 

(9) 

where Pi(v) is the instantaneous input power. In the absence of an analytical 

form for input power, interpolation in a table of measurements can be used. 

Power output is proportional to the square of the instantaneous voltage 

or envelope. The average power output with a wideband signal is therefore 

vmax 

P0AVG - f v2 p(V) dv . 
0 

(10) 

Since the envelope of a narrowband signal modulates a sinusoidal carrier, and 

integration of the square of that carrier over one cycle produces a factor of 

1/2, the average power output with a narrowband signal is 

Vmax 
1 

P0AVG • v2 p(v) dv . 
2 
o 

3. PROBABILITY-DENSITY FUNCTIONS 

This section presents a number of p.d.f.s that are useful in the analysis 

of the average efficiencies of power amplifiers. As discussed subsequently, a 

particular p.d.f. may apply to the instantaneous voltage of a wideband signal, 

the envelope of narrowband signal, or both. 

The p.d.f.s presented below are based upon the normalization 

for narrowband signals or 

V - Vom/Vompu (12) 

V = Polluomax 

for widehand signals. These normalizations conveniently limit the range of 
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phase lock once the VCO and reference are brought within range. 

A quick analysis of whatever problems the loop exhibits may point out a course 

of action. But a good place to start most trouble shooting is with the components. 

The three essential components of any PLL are the phase detector, the loop 

filter and the VCO. Usually the VCO is the most difficult hardware design of 

these components. The loop filter may require the most analytical work but in 

terms of the required parts it is usually very simple. A good phase detector 

is somewhere in between. The design requires a mixture of analytical effort 

and hardware effort to meet the PLL requirements. 

What Makes a Good VCO 

For most considerations in a PLL, the actual operating frequency of the VCO 

is not a factor. Divider delays and very high fractional ratio loop band 

widths may require the loop frequency in the calculations. For the average 

loop these are not a problem. But these are second order effects. So the VCO 

is considered as a loop element with an input/output transfer function. 

Most literature advocates taking three or four frequency measurements by changing 

the control voltage and from this deriving a gain factor Kv. Kv for most loop 

analysis is in rad/sec/volt so any frequency change/voltage change ratios must 

be multiplied by 2/to convert A Hz/ volts to the value required for loop 

forward gain. 

The few points usually recommended for frequency measurements are not enough 

to guarantee a design. Computer controlled measurement equipment now makes a 

hundred point sweep with a high resolution graph a job that can easily be done 

in less than a minute. The sweep should extend to the voltage limits that 

could ever possibly be expected in loop operation. 

The graph should be examined very carefully for slope changes, flat spots or at 

worst slope inversions. The trace without exception must be smooth and monotonic 

over all input voltages. The oscillator power supply should be varied over its 

extremes and the graph rerun. If operation over temperature is required the 

graph should again be repeated. 

Over the environmental extremes a simple lateral shift of the control curve can 

usually be corrected by the loop. Slight slope changes can usually also be handled. 

But extreme changes in either cannot be tolerated. 

A spectrum analyzer is almost essential at this point for any serious investigation. 

Using a low IF bandwidth and narrow frequency sweep, the VCO output should be 

closely tracked across the control voltage range. Harmonicaly related spectral 

lines are to be expected. But lines that come and go that are not a multiple 

of main output should be looked into. Output variations with power supply and 

temperature extremes should also be checked. An oscillator does not have a 

little parasitic oscillation. Either it is clean or it has a problem. Any 

parasitic oscillation must be eliminated before using the VCO. 

The VCO should also be checked over its full range for affects on the output by 

the load. Driving into any reasonable load the tuning must remain smooth with 

no breaks or discontinuities. Any tendency towards load pulling demands more 

isolation on the oscillator output. With a TTL output device this is as simple 

as adding another gate in series with the oscillator. Linear waveform units 

will require a pad or isolation amplifier. 

Oscillator phase jitter is a parameter that is often ignored until it is too 

late. Logic clocks seem to exhibit a particular lack of concern. If the 
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values to 

(14) 

The second normalization requires the efficiency of wideband PAs to be ex-

pressed in terms of the absolute value of the instantaneous output voltage. 

The first and second moments are defined by 

and 

u . J V p(V) dV 
o 

(15) 

1 

p • f V2 p(V) dv . (16) 
2 0 

These quantities are the average voltage and average squared voltage, and ap-

pear frequently in average-efficiency analyses. 

The peak-to-average ratio E is defined as the ratio of the peak output 

power or peak envelope power ( PEP) to the average output power. For both 

wideband and narrowband signals, the normalizations produce 

t Pomax/PoAVG = 1/u . (17) 
2 

For full-carrier amplitude-modulated (AM) signals, the modulation peak-

to-average ratio is also of Interest. Since the normalized modulating voltage 

is limited by ( 11) to 1/2 ( for a carrier level of 1/2), Pmmax . 1/4 and 

tm Pmmax/PmAVG 1/(4PmAVG )* (18) 
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Two-Tone Envelope  

The full-wave rectified sinewave given by ( 4) and shown in Figure 2 oc-

curs for 

• Wideband amplification of a constant-amplitude sinusoid, 

• Narrowband amplification of a DSEI/SC signal with single-tone 

modulation, 

• Narrowband amplification of an SSB/SC signal resulting from two 

equal-amplitude tones, and 

• Certain types of data signals employing two-tone AFSK modulation. 

The third case is the commonly used two-tone test signal, as is easily shown 

by trigonometric substitutions. 

The p.d.f. of the two-tone envelope is given by ( 7) and shown in Figures 

2 and 3. It is apparent that the amplitudes near PEP are more likely than 

those near zero. For deterministic signals such as this, most calculations 

are more easily performed in the time domain. However, the p.d.f. Is useful 

for inclusion in numerical-evaluation programs that incorporate other p.d.f.s. 

Time- domain integration yields = 2/I and p = 1/2, hence the peak- to-aver-
1 2 

age ratio is 

t . 1/u . 2 3 dB . (19) 
2 



frequency is right, the PLL must be right seems to be the rule. 

But this is not the entire story. Phase noise specifications may be derived 

from involved statistical processes but the effects of a noisy loop are obvious. 

Television pictures from a noisy sync scan are fuzzy on the edges. Clock 

gates that are supposed to arrive at a particular time occasionally don't make 

it. These are direct time domain examples of phase noise. 

A PLL will attempt to clean up a VCO output and make it look like a replica 

of the input reference. But this action can only function inside the loop band-

width. Outside the loop bandwidth, the VCO spectral output is basically un-

changed. It looks like the free running output noise. A simple solution might 

seem to be to make the loop bandwidth as wide as possible and eliminate all 

noise. For a multitude of reasons this is not the solution. 

The only solution that produces results is to use a VCO with the least possible 

noise that will fit the loop needs. At different frequency ranges, different 

oscillators are optimum. At a few MHz, typically current tuned RC oscillators 

are the noisest, LC varactor tuned oscillators are a big improvement and voltage 

controlled crystal oscillators are among the quietest. Figure 1 contrasts the 

spectral noise output of a standard current tuned RC DIP oscillator and a simple 

TTL varactor tuned LC oscillator. Although the observed spectral noise has AM 

and FM noise components, the overwelming majority of the noise power is concen-

trated in phase noise. The difference between the two oscillator output is 

obvious. The 40dB more noise from the RC oscillator was more than enough to 

keep a major computer system clock generator on hold until it was replaced with 

the LC oscillator. 
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Phase noise can only be properly evaluated with a spectrum analyzer. Observing 

time domain jitter on a clock edge for instance with an oscilloscope is a very 

subjective measurement. Differences between oscillator performance that can 

only be guessed at with an oscilloscope become as clear as the contrasting 

traces in Figure 1. 

One last VCO characteristic that affects the loop operation is the modulation 

frequency response roll off. As previously mentioned the VCO is simply a 

block in a PLL. The output frequency is not a concern. The gain factor kv is 

the DC gain factor for this block. The information that is missing is the poles 

and zeroes of the transfer function. This is not necessarily the same as the 

modulation bandwidth specifications. There does not seem to be wide spread 

industry agreement on the meaning and measurement of modulation bandwidth. 

There is virtually no information available on the actual VCO transfer function 

nor is there a recognized measurement method. In lieu of this the best choice 

is to specify a modulation bandwidth several times higher than the widest loop 

bandwidth anticipated. This will be disccussed in more detail later on. 

A VCO must be constructed with special consideration. As mentioned, tight 

voltage regulation and output isolation are musts. It should be separated 

from digital circuits. Digital clock circuit paths should not cross the 

VCO layout area. Only with this type of special attention can a VCO be 

expected to perform as required. 

A Phase Detector Check 

The phase detector serves as the loop error detector providing error information 

for loop control. Two types of detectors are in frequent use; the balanced mixer 
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Single-Tone AM 

A full-carrier AM signal with 100-percent modulation by a single tone is 

described by 

v(e) • (1/2)(1 1. sin e) , (20) 
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Figure 3. P.d.f.s for two-tone envelope and single-tone All. 
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Figure 4. P.d.f.s for uniform and QAM envelopes. 
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hence application of the method of Section 2 produces 

P(V) • (2/1)(1 - (2s, _ 1)2]-1/2 • (21) 

Time-domain Integration of ( 20) yields u • 1/2 and u 3/8, hence the peak-
1 2 

to-average ratio 

E • 1/u • 8/3 • 4.3 dB . (22) 
2 

Uniform  

When all signal amplitudes are equally likely, they are said to be uni-

formly distributed and have the p.d.f. 

*p(V) - 1 . (23) 

which is shown in Figure 4. This p.d.f. occurs for 

• The limiting case for certain amplitude companders, 

• Full-carrier AM with triangular or sawtooth modulation, and 

• Wideband amplification of triangular or sawtooth waveforms. 

Integrals ( 15) and ( 16) yield ul . 1/2 and ei2 = 1/3, hence the relatively 
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and the logic level frequency/phase detector. Each has distinct advantages and 

problems. 

For any detector the phase conversion function should be verified. At and 

near the point of intended operation the input phase differential versus 

output voltage graph must be smooth and linear. The graph must be monotonic 

and free of any hint of flat spots or slope inversions. This point is a particular 

problem with logic level frequency/phase detectors. 

Figure 2 is a simplified version of the logic level MC4344 type of detector. 

Recent articles have discussed in detail sampling delays through these devices. 

However Figure 2 will illustrate a more major problem. Figure 2 shows two 

negative edge triggered flip flops with a NAND gate for feedback to a common 

clear line. When both Q outputs go high the gate will clear the flip flops. 

When both inputs are at the same frequency and the falling edges line up the 

detector op amp output should declare zero phase. However, the time delay 

through the gate and through the flip flop clear produces some curious results. 

Since the time delay is fixed it represents a greater phase ambiguity at higher 

frequencies. Thus the 4344 type detector that works well at 100KHz is in real 

trouble at 10MHz. Phase flat spots at zero phase produce a zero gain slope. 

Some units have been observed to produce a reverse gain slope across a small 

region. This results in positive loop feedback and a loop oscillation in the 

positive feedback region. The VCO output will have a seemingly incurable jitter 

in this situation. The phase detector is being used beyond the maximum input 

frequency. 

The mixer phase detector does not normally display crossover flat spots. It is 

likely to be used for tracking filters with analog inputs and most applications 
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above 50MHz. Since this phase detector is not a frequency discriminator, an 

external search loop of some sort is usually employed. To evaluate the phase 

detector or the PLL, this search loop should be disabled and a manual method 

used to establish frequency proximity. This prevents one loop from interfering 

with the other. 

As a loop element, the phase detector's DC transfer function is the slope Ko 

volts/aphase evaluated at the intended operating point. With a mixer type 

phase detector this is shown to be A volts/rad when the beat note output is a 

sine wave of peak amplitude A volts. If the output is not sinusoidal, a spectrum 

analyzer will provide the fourier series coefficients. For a waveform with 

V = Asin 0 - Bsin 30 + Csin 50-... reference 2 shows the slope Ko at zero volts to be 

Ko = A- 3B + 5C-  volts/rad. 

This allows accurate slope determination for any waveform. However, the 

slope will change if the loop does not hold at crossover or if mixer offsets 

cause zero volts output to not represent 90° or 11/2 radians. In either case 

the phase detector gain is reduced as the loop operating moves away from 90 °. 

Neglecting any cross- over problems, the frequency/phase detector has a more 

constant slope Ko over its range. This is a big advantage in extending ac-

quisition bandwidth and in demodulation schemes. The output as shown is 

balanced. To provide a distinct point that can be labeled as the phase detector 

output a differential input op amp may be used. The input low pass network is 

used to roll off fast logic edges that are beyond the bandwidth capabilities 

of the following op amp. 



1 u V . 0 ( V < 1/2 1/2 

low peak-to-average ratio 

ç • 1/p • 3 4.8 dB . (24) 
2 

Because the uniform p.d.f. Is often amenable to analytical evaluation of aver-

ages, It can be a useful means of checking for proper operation of numerical-

evaluation programs. 

Quadrature-Amplitude Modulation  

Quadrature-amplitude modulation ( QAM) Is an efficient means of maximizing 

data-transmission capability by separate amplitude modulation of the I and Q 

components of the signal. For example, sixteen-symbol QAM transmits four bits 

of information per data symbol. 

In contrast to FSK, PSK, and QPSK, QAM produces a number of different 

signal amplitudes, For a small number of symbols, the average power and effi-

ciency are easily evaluated by determining the specific amplitudes and their 

probabilities. Results for 16-, 64-, and 256-symbol QAM are given in [ 6]. 

As the number of symbols In QAM increases, the signal space becomes a 

uniformly filled rectangle with the peak-envelope power occuring at the cor-

ners of the rectangle. The p.d.f. ( Figure 4), of this infinitely packed QAM 

signal is 

p(V) 
w V - 4 V arctan(2 V2 - 01/2, 1/2 1/2 < V < 1 . (25) 

The first and second moments of this p.d.f. are ( from numerical integration) 

u e 0.5411 and y2 0.3333. The peak-to-average ratio is therefore 
1  

t = l/ii = 3 + 4.8 dB . (26) 
2 

Gaussian  

The sum of a large number of well behaved, independent random variables 

tends to have a Gaussian p.d.f. [ 5]. Broadcast sound [ 7], certain radar and 

sonar pulses [ 7], music [ 8], and other signals can be assumed to be Gaussian 

In the absence of other statistical data. The envelope of a 058/SC signal 

modulated by such sounds is also Gaussian. 

Since most PAS are characterized in terms of the absolute value of the 

instantaneous output voltage or the envelope, it is convenient to use the sin-

gle- sided Gaussian p.d.f. If the small area above V = I is ignored ( which Is 

reasonable for t > 5 dB), the average output power for a wideband signal is 

02 = , hence 
2 

The p.d.f. can now be written as 

p(y) (20 )1i2 exp(4/2 t/2 ) • 

The integral ( 14) is evaluated by converting 2VdV into dV2, which produces 

(2/1) 1/2 0 . (201) 1/2 . 
1 

(27) 

(28) 

(29) 

As shown in Figure 5, increasing the peak-to-average ratio makes low ampli -
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Thus higher order mixer products are reduced before they can appear as side 

bands on the VCO output. This input rolloff along with any poles contributed 

by the op amp combine with Kv to form the complete phase detector block transfer 

function. In most cases these poles are inconsequential but in a wide band 

loop they may begin to nibble away at the phase margin. 

The op amp could be eliminated and the double ended detector outputs be connected 

to a differential input loop filter. This has the advantage of saving parts 

but as will later be discussed some valuable trouble shooting and loop verif-

ication aids are greatly reduced. 

Phase detectors of either type are fairly simple circuits. Their correct 

operation as a loop building block must again be carefully checked. A smooth, 

monotonic transfer curve is essential. This is the loop error detector. The 

loop can only correct with the degree of accuracy that this element can provide. 

Loop Filter 

The selection of loop filter values has been the subject of many excellent books 

and articles. Most of these deal with idealistic situations in which all loop 

parameters are available and well defined. References 3,4 and 5 are the exception 

in that many real world problems are clearly pointed out. The loop filter 

will contribute an additional pole at the origin to determine the loop type, 

but the order and in large part the phase margin are set by factors beyond the 

designer's immediate control. Through the combination of op amp poles and VCO 

modulation poles a type two second order loop is shown to quickly evolve to a 

fifth or higher order loop. 

The loop filter is about the only part of the loop over which a designer has a 

great deal of control. Through a combination of analysis and measurement, the 

higher order effects may be accounted for and in many cases the loop bandwidth 

and phase margin re-established. 

The loop filter remains though an op amp and just a few resistors and capacitors. 

Selection of an appropriate amplifier is important. DLL's above 25KHz in band-

width normally will require a wide band op amp. An open loop DC gain of 100dB 

or more with a first breakpoint no lower than 1KHz will keep loop phase margin 

degradation to a minimum. Narrower bandwidth loops do not require such wide 

band op amps. 

The tradeoff from using a wide band op amp usually comes from its inability to 

provide exacting DC balance and lo W leakages and offsets. 

Leakage currents restrict the magnitude of input resistors that may be considered. 

With higher leakage currents and if the input resistor value becomes to large, the 

resultant voltage drop can move the desired loop phase set point. Lower bandwidth 

amplifiers usually have such lower leakages and thus do not present a problem. 

Another problem that may appear on a finished printed wiring board is bulk 

mode leakage through the board material. This can be a particular nuisance in 

a board with all the parts mounted in plated through holes. Tiny leakage 

currents from power supplies and other sources can combine at the op amp 

input and force the phase detector output to provide a balancing current. 

This current is produced by the phase detector output moving off ground with 

a resultant input/output phase offset. This problem is usually noticed when 

a breadboard loop filter built in some casual fashion works well with little 
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tudes more likely. Peak-to- average ratios in the range of 10 to 15 dB are 

typical [ 8]. 

Rayleigh  

Independent Gaussian / and Q components of equal power produce a Ray-

leigh- distributed envelope and a uniformly- distributed phase. The sum of in-

dependent Rayleigh phasors is itself a Rayleigh phasor, and the sum of a large 

number of well behaved independent phasors tends toward a Rayleigh phasor [ 5]. 

The Rayleigh p.d.f. is therefore appropriate [ 1, 6, 9] for the envelope of a 

narrowband signal in applications such as 

• SSB/SC signals resulting from noise- like modulation, 

• Multiple- carrier relay signals, and 

• Independent-sideband ( ISB) transmissions. 

It is convenient to write the p.d.f. as 

P(V) ' 2V t exp(-V2 E) • (30) 

If the area above V = 1 is included, integration produces u = 1/E. From [ 5] 
2 

or standard integral tables, 

0) 1/2/2 . ( 1/40 1/2 

The effect of the peak- to-average ratio upon the p.d.f. is shown in Fi-

gure 6. In multicarrier :relay applications, t is easily related to the ampli-

tudes and/or number of the carriers [ 1]. The average output power is simply 

the sum of the powers of the individual carriers, since they are of different 

MI I= C I IMO en le:1 MIR =It eel = I 



offset, but the finished product shows a phase skew. 

The offset and resultant shift can be severly affected by temperature, humidity 

and the manufacturing processes to which the board is subjected. It can be a 

nuisance in a CW PLL and a disater in a pulsed or bandwidth switching loop. 

Leakage can also reduce the apparent DC gain. Without a pole at the origin, 

the loop is reduced to a high gain type one system. The phase error then shifts 

with frequency. Keeping the input resistors as low as possible will minimize 

the problem. Mounting critical elements with clinched leads in unsupported 

holes will also help. 

As with the other loop elements the loop filter must work by itself as an 

integrator before including it in a PLI. Simple voltage step inputs to observe 

the ramp voltage, DC leakage tests for output drift and input offset measurements 

will verify the hardware. 

In evaluating problems in a PLI remember changing filter values is probably 

the simplest thing that can be done. For most loops a designer does not 

need to retreat deep into system analysis to find the problem. If the hardware 

is functioning properly and the loop still doesn't work, there is probably a 

unknown pole or delay. Change the filter values. Drop the bandwidth and try 

it again. A stable bandwidth will come out of this where the loop will lock. 

Theory and measurement will meet. The simplicity of the loop filter provides 

the design slack to back the loop bandwidth down then carefully bring it back 

up while cataloging unkown disturbances along the way. 

End Part I Phase Lock Loop Components 
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frequencies and therefore mutually orthogonal. However, the peak power is handling of this p.d.f. Is required in numerical-evaluation programs to ensure 

proportional to the square of the sum of the peak voltages, since at some accurate accommodation of the contributions of the delta function. 

point in time all carriers add in phase. Given N carriers of equal ampli-

tudes, the peak-to-average ratio is therefore Laplacian  

The Laplacian ( also called one-sided exponential) p.d.f. ( Figure 7) ap-

plies to 

• Speech waveforms [ 11] and 

Flat-Topped Rayleigh • SSB/SC envelopes produced by speech modulation [ 9]. 

The probability of flat topping by a signal with a Rayleigh-distributed The gamma p.d.f. Is said to be a better approximation to the true p.d.f. of 

envelope is speech [ 12], but its additional complexity is not warranted for PA average-

efficiency analysis. 
PFT =IfpR(V) dV = exp(-tR) • (33) 

The Laplacian p.d.f. has the form 

t P  °PEP' IPoAVG = N2IN = N . (32) 

where pR and FR represent the p.d.f. and peak-to-average ratio, respectively, 

of the original signal. The probability of flat topping is only 4.2 percent 

for ER • 5 dB, and drops rapidly to 0.005 percent at tR • 10 dB. 

In most applications, satisfactory accuracy can be obtained by using the 

standard Rayleigh p.d.f. and ignoring the small contributions due to V > 1. 

However, when the peak-to-average ratio is very low the effects of flat top-

ping cannot be ignored. A flat-topped Rayleigh p.d.f. [ 10] can then be formed 
Gaussian AM 

from the standard Rayleigh p.d.f. and the Dirac delta function: 
Full-carrier amplitude modulation by a Gaussian signal produces an RF 

PP(V) = PR(V) PFT 6(11 - 1) • (34) signal with a Gaussian-AM envelope. The envelope p.d.f. Is a Gaussian p.d.f. 

whose mean is the amplitude of the unmodulated carrier. By analogy to ( 28). 

The moments of this p.d.f. must be computed numerically. In addition, special 
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P(V) • (2) 1/2 exp[(2) 1/2 V] , (35) 

which produces u • 1/C If the area above V = 1 is Included. The first moment 
2 

is then 

u • u/2"2 = (2/) 112 • (36) 



VCO Tests 
A Design Example 

As part of a design example illustrating the techniques of this article, the 

problems and test data for a 1 MHz type two second order phase lock loop will 

be traced from the component test through the final closed loop data. The 

first item for test is the VCO. 

The VCO is a varactor tuned circuit built expressly for illustrating various 

problems. The graphs and pictures represent actual measured data encountered 

during laboratory tests. Computer controlled test equipment has been exten-

sively employed to create accurate, repeatable high resolution plots. 

Figure A plots the frequency variation around 1 MHz versus the input control 

voltage for the VCO. This graphs seems to show a wide range of fairly constant 

slope from 0 volts to + 10 volts. 

However, a slope analysis using a small moving window for a least squares 

linear regression curve fit produces the results of Figure B. This graph 

plots the slope of the curve in Figure A versus the input control voltage. 

A careful examination of Figure A will show small flat spots at about 0, 

7.5 and 9.5 volts. These are dramatically pointed out in Figure B where the 

slope changes drastically at these points. The slope graph highlights what 

might easily be missed in Figure A. Clearly this is not acceptable. A 

spectral examination did in fact show the presence of parasitic oscillations 

at these points. 

After the VCO circuit problems were corrected, the data for Figure C was 

recorded. The corresponding slope graph Figure D shows the slope is fairly 

constant between 4 volts and 8 volts. Figure E is new data for high resolution 

frequency at 1 MHz ( 0 Hz delta frequency). This plot still seems smooth and 

completely monotonic. Figure F bares this out. The slope data shows an 

almost constant slope from 5.5 volts to 7.5 volts. This will nicely center 

the VCO at 6.5 volts for 1 MHz operation with a slope Kv = 2660 Hz/volt. 

Figure G is a spectral plot of the VCO with assorted parasitic oscillations. 

If the IF bandwidth of the analyzer is too high during a search for unwanted 

oscillations they lay never be found. 

Figure H is the spectral plot of the finished VCO. Note the lack of any hint 

of unwanted oscillations and the sharp clear center frequency spectral line 

without wide noise skirts. 
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Figure 7. Laplacian p.d.f.s. 
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Figure 8. Gaussian-AM p.d.f.s. 
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P(V) • (2Em/1) 1/2 exP(-2Em (V - 1/2)2) . (37) 

The first moment is simply the carrier level; i.e., ul - 1/2. 

If the areas for V < 0 and V > 1 are included, the second moment Is easily 

obtained by summing the carrier and modulation powers: 

u• 1/4 + 1/4. 
2 

(38) 

The RF peak-to-average ratio is therefore related to the modulation peak-to-

average ratio by 

t • 4tm/Km 1) . (39) 

Gaussian-AM p.d.f.s for several modulation peak-to-average ratios are shown 

in Figure 8. 

Laplacian AM 

Full-carrier amplitude modulation by a laplacien signal produces an RF 

signal with a laplacien-Ail envelope. The p.d.f. is, by analogy to ( 37), 

p(V) • ( 2m)U2 exe-2(2 n,)''2 IV - 1/21] . (40) 

Laplacian-AM p.d.f.s for several modulation peak-to-average ratios are shown 

in Figure 9. The moments and the relationship between F and tm are the same 

as those for Gaussian AM. 
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p( V) 

• 
» (m . 15 dB 

• • 

Laplacian-AM p.d.f.s. 

PA V / V eff CC 

nAVG 

CM TWO-TONE RAYLEIGH 
( = 10 dB 

RAYLEIGH 
t . 20 dB 

1.0 0.5m 0.250 0.050 0.005 
Class A 

0.9 0.450 0.225 0.045 0.004 

1.0 0.785 0.617 0.280 0.089 

Class B 
0.9 0.707 0.555 0.252 0.080 

1.0 1.000 1.000 1.000 1.000 
Class D 

0.9 0.900 0.887 0.781 0.530 

Table 1. Average efficiencies. 
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4. AVERAGE-EFFICIENCY CALCULATIONS 

The theory and probability-density functions derived in the preceding 

sections are now used to calculate average-efficiency for several cases of in-

terest. The examples include 

• Class-A, 

• Class-B, and 

• Class-D 

power amplifiers, with 

• Two-tone test signal, 

• Rayleigh-envelope with t . 10 dB, and 

• Rayleigh-envelope with ( . 20 dB. 

Similar approaches can be used to calculate the average efficiency with other 

PAs and/or other signals. 

The method used here is to relate the average input and output power to 

the peak-envelope output power. The average output power is independent of 

the PA and is obtained from ( 17). The results are summarized in Table 1. 

Class A 

In class-A PAs, the transistors are biased so that the collector cur-

rent(s) are positive at all times. The quiescent current ( hence dc input cur-

rent) must therefore be at least as equal to the maximum output current at 

PEP. In addition, the true supply voltage V. is reduced to an effective sup-

ply voltage Yen. by the saturation voltage V of the transistor(s). For a 



Phase Detector Tests 

A double balanced diode mixer will work well as a phase detector. Figure A 

plots the output of a TO- 5 50 ohm unit with 1 MHz inputs. The response is a 

smooth cosine wave with a zero crossing at 90 degrees. Figure B plots the 

slope of the data in Figure A using a linear regression least squares fit. It 

is important to note that the peak slope in volts/radian at 90 degrees from 

Figure B is equal to the peak voltage output at zero degrees from Figure A. 

Figure C provides a high resolution look at the zero crossing area. Figure D 

plots the phase slope for the same region. Note that the slope is constant 

but with some curious dips. These dips would cause an open loop gain increase 

of about ten percent. Most closed loops could tolerate this without serious 

impact. 

Figure E provides a wide phase sweep of a TTL frequency/phase detector con-

structed of 54F00 series gates with a differential input op amp. 

Figure F shows the slope is constant at 2 volts/radian over + 150 degrees except 

for the dip around zero degrees. 

Figure G provides an expanded high resolution of the crossover region. Some 

of the problems caused by gate delays become apparent. These delays cause 

the rough, bumpy appearance of the trace. Figure H shows that the slope is 

indeed erratic around crossover. The slope at crossover is observed to be 

3 volts/radian, a substantial increase over the wide sweep value of 2 volts/ 

radian. This 50 percent increase in phase slope would cause a corresponding 

increase in open loop gain. Such an increase would seriously reduce the phase 

margin and stability of most loops if not properly accounted for. The slope 
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data from the high resolution graph should be used in any closed loop component 

or stability calculations. This phase detector with a phase slope of 2.954 

volts/radian will be used for this example. 

Figure I illustrates the results from another version of the TTL detector that 

is currently in wide use. Note the flat spot between 0 and +2 degrees. In 

this region the phase gain is zero or slightly positive. A loop using this 

detector might lock but would oscillate within this 2 degree wirp"ow. If 

this problem had not been discovered the output from a PLL using this detector 

would shake and no amount of loop bandwidth adjustment would help. 
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push-pull PA, 

Pt« Pa: - Peat • 
(41) 

For a complementary PA, V is multiplied by 2. The dc input power and in-

stantaneous efficiency are therefore [ 1, Chapter 12] 

and 

tively. 

Class B 

In class-B PAs, the transistors are biased so that each conducts current 

for approximately half of the time. The dc Input current is 2/w times the 

maximum Instantaneous output current [ 1]; the instantaneous efficiency is 

Voc therefore proportional to output voltage, as shown in Figure 1. As in a 

Pi Vœ /omPEP 'roPEP (42) 
v'eff class-A PA, saturation voltage produces an effective supply voltage that is 

lower than the true supply voltage. The Instantaneous dc input power is 

therefore 

V2 
.11...ift.   n 

V  CC y omPEP 

(43) 4 v 
VCC om 

Pi " rOPEP • 
1 Veff Von,PEP 

(45) 

The parabolic efficiency curve Is shown In Figure 1. The effects of FET on The ratio Vom/ VompEp is the normalized output voltage V defined in ( 11) 

resistance can similarly be reduced to a ratio of Voff/VDD. and used throughout this paper. Consequently. 

The dc input current is constant, hence PiAvG = Pi. The average effici-

4 Vcc 
ency is therefore (46) 

PiAVG Ut PoPEP I 

1 Voff 

nAVG " rt VcC 
(44) and 

Insertion of t = 2 for the two-tone envelope gives a maximum efficiency of 25 

percent, which is reduced by the ratio Veff/vcc. Similarly, signals with Ray-

leigh envelopes and 10- and 20-dB peak-to-average ratios are amplified by 

class-A PAs with maximum average efficiencies of 5.0 and 0.5 percent, respec-
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nAVG 
u t V, 

 4 Van' 

Substitution of u and t for the two-tone signal yields 
1 

(47) 

11= e 3 e25 =It e51 



0.10 

0.05 

0.00 

-0.05 

-0.10 

VIDEO OUTPUT VOLTS 

PHASE SHIFT DEGREES 

o o o o o o 

FIGURE PHASE DETECTOR-A - TRANSFER CURVE OF A DOUBLE BALANCED 

MIXER USED AS A PHASE DETECTOR 

SLOPE VOLTS/RAD 

-0.01 

-0.04 . 

-0.07 , 

o o o o 
al 

PHASE SHIFT DEGREES 

FIGURE PHASE DETECTOR-B - SLOPE ANALYSIS OF DOUBLE BALANCED 

MIXER PHASE TRANSFER CURVE 

VIDEO OUTPUT VOLTS 

- 

›.-....-.............•,..-- 

-, 

PHASE SHIFT DEGREES 

-n nt 

FIGURE PHASE DETECTOR-C - DOUBLE BALANCE MIXER PHASE TRANSFER 

CURVE AT ZERO VOLTAGE CROSSING 

SLOPE VOLTS/RAD 

N 01 
UI 0 

PHASE SHIFT DEGREES 

al 

FIGURE PHASE DETECTOR -D - SLOPE ANALYSIS OF DOUBLE BALANCED 

MIXER AT ZERO VOLTAGE CROSSING 

VIDEO OUTPUT VOLTS 
- - 

3.0 

.0 
. 

- 

. 

. 

PHASE SHIFT DEGREES 

o 
o . 
1 

o 
e 
1 -1.0 

o 
en 

o 
o . 

c 
r . 

FIGURE PHASE DETECTOR -E - PHASE TRANSFER CURVE OF TTL PHASE 

DETECTOR 

SLOPE VOLT/RAD 

y m o o o o o o o o o o o 
y m 0 0 m 0 w 0 m m 

7 , - , , I . . 
PHASE SHIFT DEGREES 

FIGURE PHASE DETECTOR-F - SLOPE ANALYSIS OF Ill PHASE DETECTOR 

TRANSFER CURVE 

484 



irme re— 111111 ISM 111111 MN SIN 11111 MI 111111 MI MD 101".44 raw 

modulated RF signals. The effects of the RJT saturation-voltage drop are 
,2 y 

y 

nAVG Two-Tone " aff 0.617 eff (48) overcome by increasing the modulator output at all levels by a fixed voltage. ,  

V 16 VCC CC The instantaneous input power of an amplitude-modulated class-D PA is there-

fore 
A substitution from ( 30) for the Rayleigh envelope similarly yields 

V 
. aff 

nAVG,Rayleigh L41/2 .4t VCC 
(49) 

For peak-to-average ratios of 10 and 20 dB, the average efficiencies of an 

ideal class-8 PA (Veit • 0) are only 28 and 8.9 percent, respectively. While 

these represent considerable improvements over those of the class-A PA, they 

are nonetheless considerably smaller than the 78.5-percent efficiency at PEP. 

Class D 

Class-D PAs employ a pair of transistors that are driven to switch at the 

carrier frequency [ I], followed by a series-tuned tank circuit to produce a 

sinusoidal output. The efficiency of an ideal class-D PA is 100 percent; how-

ever, saturation voltage, saturation resistance, and charging of the collector 

or drain capacitance reduce the efficiency. 

The power expended in charging linear shunt capacitance is proportional 

to the output power and therefore reduces both PEP and average efficiencies by 

the same factor. The power required to charge voltage-dependent capacitance 

results in a power- input function [ 13] that must be averaged numerically. 

The supply voltage of a class-0 PA must be varied to produce amplitude-

485 

2V V 
eat om  

Pi Po 1R 

hence its instantaneous efficiency is 

where 

n 
V 
orn 

vom  

It is convenient to rewrite the instantaneous input power as 

PI.. • Po 4. V %PEP ' 

1  V / VefeE p, push-pull PA 0 . aat 

2Veat / y effpEp. complementary PA 

(50) 

(51) 

(52) 

(53) 

represents the saturation-power- loss factor. The average input power is then 

PiAVG PoAVG 4 a PoPEP 

and the average efficiency is 

(54) 
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hence nAvG = 0.887 for s 0.1. Substitution of el l from ( 30) yields 

1  

nAVG,Rayleigh = 0(i t/4) 1/2 

court, Brace & World, Inc., 1967. 

nAVG 
1 feu E. 

Substitution of u and t for the two-tone envelope yields 

(55) 
6. A. A. M. Saleh and D. C. Cox, " Improving the power- added efficiency of 

FET amplifiers operating with varying-envelope signals," IEEE Trinaac-
tiona on Microwave Theory and Techniques, vol. 31, no. 1, pp. 51 - 55, 
January 1983. 

1 7. I. I. Livshits, " Influence of the type of transmitted information on the 

nAVG,Two-tone . (56) energy parameters of an amplifier," Telecommunications and Radio Engine-
1 4. ( 4/w)e ering, part 2, vol. 28, no. 4, pp. 91 - 95, April 1973. 

8. T. Sampel and S. Ohashi, "High efficiency and high fidelity class-E audio 
amplifier," Transactions of Institute of Electronic Communications Engin-
eering ( IECE) of Japan, vol. 75, no. 231 ( EA75-70), 1976. 

9. V. M. Rozov, "Measurement of the average efficiency of high- frequency 
(57) power amplifiers," Telecommunications and Radio Engineering, vol. 31, no. 

7, part 1, pp. 45 - 49, July 1977. 

for Rayleigh-envelope signals, hence average efficiencies of 0.781 and 0.530 

for s = 0.1 and t - 10 and 20 dB, respectively. These efficiencies represent 

considerable improvements over those of class-B PAS. 
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A 4(15 MHz Phased Array Antenna 
for Atmospheric Wind Measurement 

by 

Daniel C. Law 
NOAA 

Wave Propagation Laboratory 
Boulder, Colorado 

The Wave Propagation Laboratory has completed the design and construction 

of a phased array antenna for use at 405 MHz for atmospheric wind profiling. 
The steering geometry of the sequentially switched beams is shown in Fig. 1. 
Transmitted signals are backscattered by temperature or moisture related 
gradients in the radio refractive index of scales equal to one-half the trans-

mitted wavelength. These signals are Doppler processed to extract radial air 
mass velocities. The measurement geometry of Fig. 1 allow horizontal velo-
cities at heights up to 15 kilometers to be calculated. These radars are 
known as Wind Profiling Radars. 

The 126 5-element Yagi-Uda antennas are arranged on a square grid whose 
axes are 45° with respect to the cardinal steering directions. For a given 
steering angle this arrangement allows element spacing /2 larger than that 

required for a broadside steered array. This feature helps minimize element 
interaction and reduces the number of elements required to populate a given 

aperture. This geometry is shown in Fig. 2. 

By constraining the phase difference between rows of identically phased 
elements to an even, integral sub-multiple of 360 °, symmetrice appear in the 
phasing mªps which reduce the switching hardware. In this design, the element 
spacing /2 X in Fig. 2, is .91X and ee is 60° resulting in an oblique beam 
direction of 15° from vertical. Only 15 RF coaxial transfer switches are used 
to synthesize the required 18 phase combinations for North, East, South, and 
West steering. These 18 signals are labeled A through R in Fig. 3. 

The vertical beam is generated by switching around the four beam cir-
cuitry of Fig. 3 resulting in identical phasing on all of the elements. 
Requiring 36 RF coaxial SPOT switches, the vertical beam is more expensive 
than the four cardinal beams. 

After the 18 signals are synthesized they are split and distributed about 
the array while maintaining proper phasing because of the symmetries. Uneven 
power splitter/combiners are used for amplitude tapering. A schematic of the 
whole antenna is shown in Fig. 4, and a map of the quasi-circular array of 
Fig. 5 shows the placement of 7 each of the 18 phases. 

Computer simulations were employed in the design process. For any posi-
tion in spherical coordinate space the radiation pattern of an array of iso-
tropic radiators may be calculated from the Equation: [ Tang 6 Burns, 19841 

M7.1 N7.1 (Ian E(cosax, eoeny) . 1.) 1 n à.0 Amne .1 271 360 + mdx coact, + ndy cosa.) 
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This "array factor" pattern is multiplied by the pattern of the individ-

ual Yagi elements to obtain the antenna pattern of the phased array. This 
pattern was projected into X-Y planar coordinates and processed for display on 

a color graphics workstation. These simulations allowed optimization of 
element spacing, phasing, and amplitude tapering. These calculations were 

repeated after the array was constructed using amplitudes and phases measured 
on each of the 126 elements. The measured patterns are shown in Fig. 6. 

Table 1 summarizes the antenna characteristics. 

REFERENCES  

Tang, R. and R. Burns ( 1984): Phased arrays. Chapter 20 from Antenna 

Engineering Handbook, 2nd Edition, Johnson, R. and H. Jasik, editors. 

405 NNE Phased Array Antenna 

Number of ateering direction.: 

Oblique beam direction." 

Atimuth: 

Elevation, 

Cain, 

One-way 1 dB beamwidth, 

Effective aperture: 

Peak power: 

Average power: 

Technology, 

4 

0., 90'. IRO', zln. 

75 ° 

PO elf 

6' 

44 n2 

60,000 

6,000 w 

126 5-elenent Tagi-Oda radiators 

51 R.F. coaxial witch«, with indicators 

1 1:16 high power reective eplitter/conbiner 

IR 1:7 uneven reactive spl eeeee /combiner. 

low loss foam dletribution cables 
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CONSTRUCTION TIPS AND ENVIRONMENT FOR DIELECTRIC 
RESONATOR CIRCUITS 

Dr. Lynn Carpenter 
Pennsylvania State University 
Sponsored by MuRata Erie N. A. 

Microwave/Technical Ceramics Group 
August 18, 1986 

This article is directed to the design engineer who wishes 
to use dielectric resonators in microwave circuit applications. 
The resonance cavity is first discussed and then some tips on 
choosing a dielectric resonator are provided. The effect of the 
environment on the electrical parameters of the dielectric 
resonator is developed. This is followed by a description of 
temperature variation and performance. The article concludes by 
describing a program disk for the IBM PC that is menu driven and 
helps the designer choose the appropriate dielectric resonator 
for his or her application. 

METALLIC ENCLOSURE:  

The concept of a resonator is a fundamental one of physics 
and applies to electric circuit performance as a function of 
frequency. A tuned circuit provides an impedance that changes 
with frequency but can be described as resonant at some 
frequency. This means that'an electric circuit has some maximum 
or minimum impedance; this impedance can be in series or 
parallel ( shunt). A metal resonant cavity has a precise 
resonance ( actually a series of resonance modes) that is due to 
the modes that propagate in the cavity which satisfy the boundary 
conditions provided by the metal walls ( Reference 1). 

The metal resonant cavity, like a dielectric resonator, has 
an infinite number of resonances ( modes) that depends on the 
length ( L) and in the case of a cylindrical resonator the 
diameter ( D) as shown in Figure 1. Similar resonant modes exist 
in a dielectric resonator, but the boundary condition for the 
dielectric resonator is the dual of the metal cavity. 

The electromagnetic waves are confined to the metal 
container and satisfy the boundary conditions at the walls for a 
perfect electrical conductor and are such that the tangential 
electrical field vanishes at the surface of a conductor. To 
satisfy this boundary condition, the resonant cavity confines the 
electric field in a mode that is normal to the wall surface. 
Modes of the resonant cavity are field descriptions that are 
known to satisfy this boundary condition ( Reference 1). 
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The boundary condition for the metal cavity where the 
tangential electric field vanishes may be considered a SHORT for 
an electric wall. A dielectric resonator has modes that satisfy 
the dual condition thought of as a magnetic wall where the 
tangential magnetic field vanishes and may be considered an OPEN. 

These resonant modes are best understood by visualizing the 
resonant cavity shown in Figure 1 as a cylindrical waveguide of 
diameter D which has a length L. Thus, propagation in a metal 
waveguide is first developed in terms of modes such as TEol and 
the end boundary condition requires that multiple half 
wavelengths for the cylindrical waveguide must be set up between 
the end walls. This provides that the third subscript, such as 
TE011, is understood to be the TE01 cylindrical mode propagating 
such that one half wavelength in the cylindrical waveguide is 
equal to the length L. 

Metal waveguides can propagate electromagnetic energy above 
some cutoff frequency in one or more modes that satisfy the 
boundary conditions at the walls of the waveguide. From cutoff 
to about 50% above cutoff, only one mode will propagate and this 
is used as the frequency band for a particular dimension 
waveguide. Circular waveguide is an appropriate starting 
description for the dielectric resonator because the ratios of 
the different modes are similar to that of dielectric resonators. 
A better model is a cylindrical dielectric waveguide that 
propagates energy through a dielectric with fields inside the 
dielectric as well as outstde, but the fields outside must vanish 
at infinity. This allows the resonant modes to be specified for 
some length L as if almost all of the energy were propagating 
along a dielectric waveguide. 

BOUNDARY CONDITIONS:  

A microwave dielectric waveguide, like optical fiber, 
propagates energy along the guide with nearly all the fields 
confined within. Any fields outside the waveguide satisfy the 
boundary condition that fields go to zero at infinity. These 
fields are similar to a cylindrical metal waveguide and the modes 
are designated with the same convention. In Figure 2 the 
transverse electric field ( E) and magnetic field ( H) of the TEol 
mode are shown in a dielectric waveguide having a certain rod 
diameter and frequency ( Reference 2). The electric field ( E) is 
in the 0 direction and magnetic field ( H) is in the r direction. 

Assuming the energy in an infinite dielectric waveguide in 
Figure 2 is propagating in the z direction along the cylinder as 
shown in Figure 1, this TEol mode ( transverse electric) has no 
component of electric field but must have an H component in the 
direction of propagation. The two ends of the cylinder are 
considered an open circuit which reflects most of the energy in 
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the dielectric waveguide back such that the fields add 
constructively. This happens when the length is a approximate 
multiple of half wavelength in the dielectric waveguide. 

The perfect magnetic boundary condition is an approximation 
that applies to the dielectric resonator for this particular 
field structure. For the cylindrical dielectric waveguide, Hr 
and H2 are perpendicular to the boundary at the surface. The 
electric field Ed is tangential at the surface and must be 
continuous across his boundary. 

The permeability /..tr of the dielectric resonator is the same 
as the free space value #0 . However, the approximation of a 
perfect maanetic conductor considers a very large permeability/x 
so that the magnetic field at the boundary is perpendicular to 
the boundary. It is applied to the dielectric resonator TEal 
mode because the symmetry of the magnetic field requires that Hr 
and Hz are normal to the surface for the cylindrical geometry. 

A typical configuration for the electric and magnetic field 
is shown in Figure 3. This is consi stent w ith the electric field 
in the 0 direction and the magnetic field in the radial direction 
shown explicitly in Figure 2. The magnetic field outside the 
dielectric resonator is somewhat dipole like as with a large 
component in the z direction which would be along the length of 
the cylinder L shown in Figure 1. The E0 and Hr component along 
the z axis of the cylinder are nearly zero so that a cylindrical 
hole of dimension DI has little affect on the field structure. 

Thus, a dielectric resonator is a high dielectric material 
that has resonances inside the low loss ceramic material that 
stores the energy in a specific mode. A simple application is 
shown in Figure 4 where a resonator is placed near a microstrip 
which has a magnetic field propagating around the conductor and 
changes directions every half wavelength. The energy from the 
microstrip is coupled into the delelctric resonator through the 
magnetic field . For E= 38, about 70 % of the magnetic energy is 
stored in the dielectric resonator and nearly all of the electric 
energy is stored inside the dieletric resonator ( over 90 %). 

The TE 016 mode has a field stricture similar to a magnetic 
dipole as shown in Figure 3 where the magnetic field lines are 
directed along the axis of the dielectric resonator and couple 
primarily into the top and bottom of the dielectric resonator. 
Once the energy is coupled into the dielectric resonator, much of 
it is confined to the dielectric resonator in the TE°16 resonant 
mode. The TE°16 is usually but not always the fundamental mode; 
under certain conditions it may be the second or third mode. 

The magnetic field can couple into the top and bottom of the 
dielectric resonator providing an Hz component. Consider the 
field shown in Figure 5 for the TE018 mode where the length of 

the resonant cavity ( L) is some multiple 8 of half wavelengths. 
The fields are drawn in a plane through the middle of the 
dielectric resonator as shown by 00' in Figure 2. Hr and Hz are 
perpendicular to the boundary and Ee is parallel to the boundary. 
The dielectric resonator has a soft boundary condition, i.e. the 
tangential component of electric field E6 and magnetic field Hr 
and Hr nearly vanishes at the boundary. The magnetic field H2 is 
normal to the surface at the end of the boundary of the cylinder 
as shown in Figure 5. 

DIELECTRIC RESONATOR ON NICROSTRIP: 

As the fields move down the microstrip as shown in Figure 4 
and interact with the dielectric resonator, the resonator stores 
energy in the ceramic material at the resonant frequency and 
causes a deep notch in the transmission coefficient as shown in 
Figure 6(a). The reflection coefficient on the other hand peaks 
at this resonant frequency because the energy stored in the 
dielectric resonator couples back into the microstrip but travel 
in the opposite direction as shown in Figure 6(b) ( Reference 3). 

Assuming a lossless case the sum of the complex reflection 
coefficient and complex transmission coefficient must be unity 
(Reference 3): 

Sll S21 " 1 (1) 

The real quantities representing the reflection coefficient 511 0 
and transmission coefficients S21 0 at the resonant frequency of 
the dielectric resonator can be used to determine the coupling of 
the dielectric resonator to the microstrip by: 

/3 - Sllo/S2lo " R/24 ( 2) 

and the width of the peak at half value is e f which relates to 
the unloaded quality factor ( On) of the entire system by: 

OU " fo/ e f (3) 

The coupling factoriS depends on the distance d of the dielectric 
resonator from the microstrip line and the location of the 
dielectric resonator along the microstrip as shown in Figure 
7(a). As the distance d is increased, /9 decreases. Changing 
the length , causes a rotation on a Smith chart of the input 
reflection coefficient S11 into the microstrip. Thus, by 
changing d and of the dielectric resonator location with 
relation to the microstrip, any impedance can be realized looking 
into the microstrip at the generator. This allows a matching 
circuit of any value to be generated by a dielectric resonator 
along a half wavelength microstrip line ( Reference 3). 

The microstrip with a dielectric resonator in Figure 7 
acts as a band reject filter and can be modeled by an 
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equivalent circuit shown in Figure 7(b). A parallel resistance 
R, inductance L and capacitance C can be used to model the 
dielectric resonator coupled to the microstrip of characteristic 
impedance Zo . Microwave analysis programs such as Touchstone, 
super-Compact and Microwave SPICE have the capability to use 
parallel or series PLC networks to model these devices. However, 
the designer must determine the values of R, L and C from the 
information contained in Equations ( 2) and ( 3). 

The boundary conditions at the edge of the dielectric 
resonator do not completely control the resonant frequency 
because there is energy stored in the field outside of the 
dielectric resonator. Thus the interface with the substrate is 
important to the coupling of energy into the dielectric 
resonator. The metal container that houses the system also 
becomes part of the resonant circuit and affects the resonant 
frequency of the dielectric resonator. A dielectric resonator in 
free space will have a lower resonant frequency than the same 
material enclosed in a metallic box. In particular, the top and 
bottor of the cylinder have a large effect if the metallic plate 
is nearby because the energy cannot couple into the top and 
bottom of the dielectric resonator. 

The support is shown in Figure 8 that holds the dielectric 
resonator away from the bottom. Ideally, the resonator is 
equally spaced in the middle of the metal enclosure and the 
enclosure is as large as possible. Some tuning can be 
accomplished by moving the dielectric in the metal enclosure and 
the dimensions of the cavity become more important in the 
calculations of the resonant frequency. 

The quality factor of the resonator Q is affected by the 
metallic enclosure because energy is absorbed by currents in the 
non- ideal conducting walls ( Reference 4). The amount of surface 
current in the walls depends on the field structure that is 
affected by how far away the dielectric resonator is. Basically, 
the better conductivity of the walls, the higher the Q, and the 
lower loss within the ceramic material generates a higher Q. 

MOUNTING: 

Mounting the dielectric resonator on the substrate, the type 
and thickness of the substrates affects the resonant frequency 
and the loaded Q the same way the metal container and support 
affected the resonant frequency. The boundary condition is 
considered a dielectric constant of eo outside of the ceramic 
material so setting the dielectric resonator on the substrate 
changes the boundary conditions at the substrate resonator 
interface. In addition, since the substrate is usually thin ( 20 
to 60 thousandths of an inch), the boundary conditions are 
changed considerably by the metal ground at the base of the 
microstrip. In particular, this affects the amount of coupled 

magnetic field that exists in the microstrip substrate coupling 
into the bottom of the resonator ( see Figure 4). 
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The boundary conditions at a metal wall demand that the 
tangential electric field vanish, but the dielectric wall 
boundary conditions require the tangential magnetic field to be 
vanishingly small; a dual condition. Thus, the metal wall in 
close proximity to the top of a dielectric cylinder causes 
drastic changes in the resonant frequency. This condition often 
comes into effect when a dielectric resonator is placed on a thin 
substrate. This is the one reason that the dielectric support is 
used to couple the magnetic field into the dielectric resonator; 
the other reason is the 0 of the system is affected. Since the 
currents in the metal enclosure cause loss and degrade the Q of 
the system, the dielectric resonator is best placed equally 

distant from the metal conductors. 

Figure 9(a) shows the usual mounting method of dielectric 
resonators for Microwave Integrated Circuit ( MIC) applications. 
The dielectric resonator Qd is deteriorated by époxy resin, 
therefore the amount used should be kept to a minimum. In this 
mounting method, the unloaded quality factor, Qu , of the device 
is a function of the Q of the dielectric resonator, cavity and 
substrate: 

1 1 1 1 

5u 5d 5c 5s (4) 

Another way of mounting the dielectric resonator is shown in 
Figure 9(b) which uses a support and a plastic screw. Sometimes 
the screw is not used ..and the epoxy resin fastens the dielectric 
resonator and support to the substrate. The configuration shown 
in Figure 9(b) raises the resonator above the substrate and 
allows for better coupling through the ends for the magnetic 
field generated by the microstrip. This method provides the 
highest unloaded Qu that is approximately equal to that of the 
dielectric resonator: 

ou - 0a (5) 

TUNABILITY: 

The dielectric resonator has an inherent resonant frequency 
that is determined in a test chamber and is provided by the 
manufacturer as in Table 1. The ratio of the Length ( Lr) to 
Diameter ( Dr ), is kept nearly constant at about 0.45 which is 
chosen for mode separation and performance considerations. The 
resonant frequency ranges are about 8% for each of MuRata Erie's 
Part Numbers listed in the table. The resonators are supplied to 
the lowest frequency of this range. The frequency is measured by 
the test configuration in Figure 10. A different cavity will 
have a different resonant frequency for the same dielectric 
resonator. 
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In Figure 10, the resonant frequency and unloaded Q are 
shown as a function of L0/4. It is seen that for L0/4 greater 
than 3 the frequency ranges between 5.0 and 5.2 GHz and the Qu 
between 8300 and 9300. For ratios of frequency L0/4 less than 
3, variation in frequency is possible but the Q deteriorates 
rapidly down to 2000. This is due conductivity losses in the 
cavity walls. 

Several methods to adjust the resonant frequency are as 
follows: 

(1) Change the boundary conditions 

a) Change cavity dimensions 
b) Using tuning stub 

(2) Change length Lr of the dielectric resonator. 

The most typical approach is to purchase a dielectric 
resonator from the manufacturer that is pretuned at the lowest 
frequency as those shown in Table 1. 

The resonant frequency can be adjusted by the use of a 
tuning stub as shown in Figure 11. Typically 3% variation in 
frequency can be achieved with acceptable Q in many applications 
as shown in Figure 10. 

A second method of tuning is accomplished by moving the 
dielectric resonator along the microstrip by a distance _e or 
moving it perpendicular to the microstrip a distance d as shown 
in Figure 7. In general, walls that are more than 3 times the 
dimensions of the resonator ( Lr for height and Dr for radial 
distances) have little effect on the resonant frequency. 

A third method is to change the length of the dielectric 
resonator Lr physically by grinding. This increases the 
frequency and can be accomplished by the user or the 
manufacturer. The manufacturer ( MuRata Erie N. A.) can supply 
dielectric resonators custom machined to the actual dimension. 
In this case a correlation test cavity should be provided by the end user. 

TEMPERATURE COMPENSATION: 

The manufacturer can supply a variety of temperature 
coefficients within a material to compensate for any variance of 
the substrate or metallic wall due to temperature. These 
structural changes will change the resonant frequency of the 

system. By adjustment of the TC of the resonator, the designer 
can compensate for these effects so as to stabilize frequency 
with respect to temperature. 
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The designer usually starts out with a 0 TC dielectric 
resonator and then measures the variation of the system through 
the desired temperature range. The dielectric resonator can then 
be changed to compensate for any variances. 

CONCLUSION: 

In this article, the physical operation of the dielectric 
resonator particularly on microstrip inside a metal container has 
been examined. The resonant frequency is slightly tunable by the 
location of the dielectric resonator with respect to the 
microstrip. The size of the container and its location with 
respect to the dielectric resonator, microstrip and substrate are 
seen to be important considerations. How does a designer 
determine what particular dielectric resonator to use? 

A computer program has been developed for the IBM PC that 
stores the particular dielectric resonator dimensions available 
from MuRata Erie N. A. for the designer to choose. This program 
has routines available that calculate the eigenvalues for a 
configuration from the characteristic equation ( Reference 4) by 
an approximation from Reference 5. The program is menu driven 
and asks the designer for the dimensions of the cavity, the 
substrate thickness and dielectric constant. It then calculates 
the resonant value for this configuration and picks a dielectric 
resonator from available values for this particular design. 

The designer will still have to use the dielectric resonator 
in a circuit to generate a matching network for an oscillator or 
filter, but he or she now has the dielectric resonator that is 
desired for a particular frequency range. The temperature 
compensation should be done for the system starting with a zero 
temperature coefficient of frequency and determining the 
temperature variation and then compensate for it by varying the 
temperature coefficient of the dielectric resonator. In short, 
the dielectric resonator offers a unique component in microwave 
circuits that have a known response at a particular frequency but 
little affect below that frequency. These dielectric resonators 
have very high Q so there is little loss in the dielectric 
resonator even at the resonant frequency. Some tuning is 
available to adjust for variations in FET or other component 
values. The resonator is mechanically stable and does not change 

with time. Many possible uses are available in microwave 
circuits. It is up to the designers imagination to develop and 
use this unique component. 

ACKNOWLEDGEMENT: 

The author wishes to thank T. Nishikawa, J. Fijedziuszko, R. 
Bonetti, and A Khanna for their technical evaluations of this 

paper. T. Sudo, J. Alberici and my students at the Pennsylvania 
State University have provided valuable insight into the 
information needed by design engineers. 



Practical Considerations for Modulating or Pulling 
The Frequency of a Quartz Crystal Oscillator 

by 
John B. Fisher 

Standard Crystal Corporation 
9940 Baldwin Place 
El Monte, CA 91731 

ABSTRACT 

The quartz crystal for frequency control is a high Q device. This is 

another way of saying it doesn't like to have its natural frequency changed 

by external influences. Yet this is exactly what is attempted in voltage 

controlled crystal oscillators ( VCXO's) or frequency modulated crystal 

oscillators. 

There are parameters in both the oscillator circuit and the cyrstal that 

must be considered when designing a pullable oscillator. This paper will 

point out these parameters and try to tell the circuit designer how best to 

use them. 

INTRODUCTION 

Two factors must be considered in designing a pullable crystal 

oscillator. The first is the frequency deviation required and the second 

the linearity of the deviation. The frequency deviation is generally 

expressed as parts per million of the operating frequency or total Hertz 

from nominal frequency. The linearity can be described as the deviation 

from a straight line of the frequency curve versus the parameter that is 

controlling it. A secondary effect of the linearity is the amount the 

frequency is changed in either direction from some center frequency. 

Examples of this are shown in Figure IA and 1B. 

The oscillator circuit as well as the crystal is important in the 

control of these two factors. So let's first look at the oscillator circuit 

design. 

THE OSCILLATOR CIRCUIT  

I've selected the Pierce Oscillator Circuit because it is the easiest to 

explain and the most tolerant of errors. The basic circuit is as shown in 

Figure 2. 

In this circuit the collector to emitter ( Cce) and base to emitter ( Cbe) 

capacitances are necessary to sustain oscillation. However, their 

capacitances are very temperature dependent, are not controlled by the 

manufacturer, and are resistive. Therefore, the performance of the circuit 

in Figure 2 is marginal. We can improve the performance greatly by placing 

fixed capacitors in parallel with these junction capacitances. The new 

Pierce Oscillator will now be as shown in Figure 3. 

Resistors R1, R2 and Re provide for the DC bias of the transistor. Re 

raises the emitter off of ground potential which improves the linearity. Ce 

bypasses the emitter which must be at RF ground. 

We can now replace the transistor with its small signal equivalent 

circuit. The Pierce oscillator will now appear as in Figure 4. 

To simplify the circuit a few assumption can be made. First is that 

R1 // R2 » hie and 1/hoe // RI_» XC2. The simplified circuit now appears 

as in Figure 5. 

For the circuit to oscillate, Barkhausen's criteria for oscillation must 
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Dimensions and Frequency Range 

Dr +0.05 
(iiiM) 

Lr +0.05 
(Mm) 

Frequency 
Rance*(GHz) 

4.65 2.06 11.46-12.45 

5.06 2.24 10.54-11.45 

5.50 2.44 9.69-10.53 

5.98 2.65 8.91-9.68 

6.50 2.88 8.20-8.90 

7.07 3.1 4 7.54-8.19 

7.69 3.41 6.93-7.53 

8.36 3.71 6.36-6.92 

9.09 4.03 5.87-6.37 

9.88 4.38 5.40-5.86 

10.75 4.77 4.96-5.39 

11.68 5.18 4.56-4.95 

12.70 5.63 4.20-4.55 

13.81 6.13 3.86-4.19 

15.02 6.66 3.55-3.85 

16.33 7.24 3.27-3.54 
17.76 7.88 I 3.00-3.26 
19.31 8.56 I 2.76-2.99 
21.00 9.31 2.54-2.75 
22.83 10.13 2.34-2.53 
24.82 11.01 2.15-2.33 
26.99 11.97 1.98-2.14 
29.35 13.02 1.82-1.97 
31.91 14.15 1.67-1.81 
34.70 15.39 1.54-1.66 

* Frequency is measured under the condition: Lr/Lo = 0.33 
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ADDENDUM 

Typical Applications  

Typical applications of dielectric resonators are dielectric 
filter and dielectric resonator oscillators. The following 
references are papers presented by Murata Manufacturing Co., LTD. 
regarding dielectric resonators. 

(a) K. Wakino, K. Minai and H. Tamura, " Microwave 
Characteristics of ( Zn,Sn) TiO4 And BaO-Pb0-Nd3-TiO2 
Dielectric Resonators", J. Amer. Cer. Soc., 67, No. 4, 
pp. 278-281 ( 1984). 

(b) H. Tamura, T. Konoike, Y. Sakabe and K. Wakino, " Improved 
High-Q Dielectric Resonator With Complex Perovskite 
Structure", Comm. Amer. Cer. Soc., 67, No. 4, C-59-61 

(1984). 

(c) K. Wakino, T. Nishikawa and Y. Ishikawa, " 800 MHz Band 
Channel Dropping Filter Using TM°10 Mode Dielectric 
Resonator" IEEE MTT-S International Microwave 
Symposium, IEEE Cat. No. 84CH2034-7, pp. 199-201 

(1984). 

(d) K. Wakino, T. Nishikawa, S. Tamura and H. Tamura, " An X-Band 
GaAs FET Oscillators Using A Dielectric Resonator", 
Proceedings of Ffequency Control Symposium ( 1983). ( In 
print.) 

(e) K. Wakino, T. Nishikawa, H. Matsumoto and Y. Ishikawa, 
"Quarter Wave Dielectric Transmission Line Duplexer For 
Land Mobile Communications", IEEE MTT-S International 
Microwave Symposium, IEEE Cat. No. 79CH1439-9, pp. 278-

280 ( 1979). 

(f) K. Wakino, T. Nishikawa, H. Matsumoto and Y. Ishikawa, 
"Miniaturized Bandpass Filters Using Half Wave 
Dielectric Resonator With Improved Spurious Response", 
IEEE MTT-S International Microwave Symposium, IEEE Cat. 
No. 78CH1279-5, pp. 230-232 ( 1978). 



be met. Barkhausen states that the product of the gains around the loop 

must be greater than or equal to one. He also states that the phase shift 

around the loop, at the frequency of oscillation be n(360°) whenn is any 

integer. 

To analyze this further, let's remove the crystal and look into the two 

terminals that it Is connected to. We see this as a two terminal circuit 

shown in Figure 6. 

The impedance seen, looking into the crystal terminals A and B, is a 

negative resistance (-e) and an equivalent capacitance ( Ct) which is the 

series combination of CI and C2. We can draw this new circuit as shown in 

Figrue 7. 

We now put the crystal back and we have the circuit shown in Figure 8. 

A negative resistance corresponds to a gain. Assuming lei > crystal 

resistance, then the first constant of Barkhausen's Criteria is met. In 

order to have the phase shift around the loop be n(360°) the crystal must be 

inductive to cancel the effect of C. 

Oscillation starts by the noise generated in the transistor. This noise 

is fed back to the input of the transistor, in phase, and is further 

amplified. The crystal, which is in the feedback path, acts as a very 

narrow band pass filter. The filter allows only the noise to be fed back 

that is in the pass band of the crystal and controls the frequency of 

oscillation. This is the natural crystal frequency using Ct as a load. 

THE CRYSTAL CIRCUIT  

The equivalent circuit of the crystal in the feedback loop is shown in 

Figure 9, with the formulas for series resonance and parallel resonance 

added. 

The plot of reactance vs. frequency for the fundamental mode is shown in 

Figure 10. Since the crystal operates inductively in the oscillator 

circuit, It's reactance would be somewhere between fr and fa. 

Pullabllity and linearity are increased if we operate the crystal at 

close to series resonance. A good way to do this is to tune out Co with an 

inductor an add another inductor in series. The revised crystal equivalent 

circuit would then appear as in Figure 11. If 

frequency curve it would look like Figure 12. 

away from Fr which allows for more pullability 

the curve. 

Most crystals are pulled by a capacitor in 

This is usually a varactor that can be varied by an external voltage as 

we now plot the reactance vs. 

Fa has been pulled further 

along the inductive region of 

series with the crystal. 

shown in Figure 13. As the capacitor gets smaller, the frequency of the 

crystal is shifted upward towards Fa. 

The frequency from resonance may be calculated from the equation: 

C=Pn X to g 
D 

The pulling sensitivity can 

S - 
2. ( Co + 

Another useful equation is: 

f  
fa - fs = = fs 

Ce"Érn 
Note the use of the C. ratio. This is a popular expression used by 

the crystal industry. You want this ratio to be as low as possible to get 

parts per million 

be calculated from the equation: 

PPm/Pf 
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Figure 1. Cylindrical Waveguide 
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Figure 4. Fields Propagating Along Microstrip 

with Dielectric Resonator Nearby. 
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the greatest pullability. Typical values of this ratio for quartz crystals ef 

are 250 for fundamental mode crystals, 2500 for third overtones and 6500 for -r 
fifth overtones. fnow, 
SUMMARY  

We have seen how the crystal and oscillator interface and how one 

affects the other. The circuit should have ample gain to make certain that 

it oscillates when the crystal is operated in its reactive or inductive 

mode. The more the crystal is pulled away from series resonance, the higher 

is the reactance of the crystal. 

For best linearity, and greatest pullability, the circuit should tune 

out the Co or shunt capacity of the crystal. This can be done with an 

inductor that resonates with Co at the series resonant frequency of the 

crystal. 

The Co/Cm ration should be as low as possible. For greatest 

pullability, fundamental mode crystals should be specified. Generally, 

frequencies in the 8 to 25 Mhz range are preferred. 
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NON-LINEARITY EFFECTS IN RF CIRCUITS 

by 
David Laies and Lynne Olsen 

Senior Engineers 
Beazer Associates, Inc.  
3975 East Bayshore Road 
Palo Alto, Ca. 94043 

Abstract  

This paper illustrates how to derive a model and evaluate 

key non-linearities for an amplifier and a voltage controlled 

oscillator ( VCO), using a commercially available non-linear 

Computer-Aided Design ( CAD) program called mwSPICETN. 

Introduction  

RF and microwave circuit performance can be simulated and 

accurately predicted using linear analysis programs, provided 

that the circuit elements are fairly linear. Non-linear elements 

such as bipolar or field effect transistors are usually modeled 

in a linear analysis program using small signal S-parameters, 

which assume the device is operating over a fairly linear region. 

These linear programs do not, however, take into account the 

effects of temperature, harmonics ( either generated by the device 

or introduced into the device), bias supply variations, gain 

compression or distortion. Some of these effects can be 

estimated with linear analysis programs but they are strictly 

done by linear approximation. 

This paper focuses on how to use mwSPICE for two different 

devices, an amplifier and an oscillator, and evaluate device non-
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linearities. First, amplifier non-linearities which are evident 

by evaluating the power handling capabilities of a device are 

presented. Second, critical VCO characteristics such as start up 

transients, settling time, and frequency versus voltage response 

are evaluated to insure that steady state oscillation occurs as 

expected, and that the VCO is operating over a fairly linear 

range. 

Amplifier Design  

In this example we've designed a 400 MHZ to 1000 MHZ 16 DB 

Gain Amplifier as shown in Figure 1. 

RFB 
CFB LFB 

LI 40 F-5°0 
CIN 

10 20 
COUT 

m  C2 
30 

01 

.4-1GHZ 16DB GAIN AMPLIFIER 
FiGURE 1 
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The amplifier uses a NECO2135 bipolar transistor biased at 

VCE:10Volts and IC=20ma. As with any linear analysis program, the 

data for the transistor comes from the manufacturer's data sheet 

S-parameters. The gain response is shown in Figure 2 and the 

input and output match is in Figure 3. 

EEsof - Touchstone - 00/10/136 - 13857114 - NE02135F 

ri DB[521) 

AMP 

16.58 

12.50 

9.000 

0.1000 8.0000 

FIGURE 2 

FREQ-GNZ 1.500 

o 511 

AMP 

+ 522 

AMP 

f1: 0.100000 

f2: 1.50000 

EEsof - Touchstone - 08/18/86 - 13:58:24 - NE02135F 

1 

.5 2 

.2 

.2 

FIGURE 3 

.5 1 2 =I" 
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S-BAND BUTLER MATRIX FEED NETWORK 

V.K.LAKSHMEESHA, ARVIND AGARWAL, L.NICHOLAS, S.PAL 

COMMUNICATION SYSTEM DIVISION 
ISRO SATELLITE CENTRE, AIRPORT ROAD 

BANGALORE - 560017. 

ABSTRACT 

This paper presents the development of a compact micro-

strip Butler Feed Network at S-band for an eight element 

linear array. The feed network is developed on a high die-

electric constant soft substrate incorporating the entire feed 

network on a lex 10° sheet. The network -features the incorpo-

ration of broad band hybrids and phase shifters. 

INTRODUCTIO Nt  

Butler Matrix ( 1, 2, 3, 4) is a passive and theoretically 

lossless feeding network. This network feeds an array antenna 

with uniform distribution and constant phase difference between 

elements. This matrix consists of N inputs and an equal number 

of output ports. A signal introduced at one input produces 

equal amplitude excitation at all outputs but with a constant 

phase different between them, resulting in radiation at a 

certain angle in space. If the signal is introduced at an 

other input we will get the radiation at a different angle 

from the first one. 
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The network consists of 3 dB hybrids with phase delays 

in the interconnecting lines. The network has N 2n inputs 

and an equal number of output ports, where n is an integer. 

A sketch of an 8 element Butler Matrix is shown in Fig.l. 

Initially a single piece of broad band coupler and a single 

piece of broad band phase shifters of values 22.5° 45° and 

67.5° were fabricated, tested and optimized before intege-

rating the whole layout. This S-band Butler Feed Network was 

designed at centre frequency 2.15 GHz with 300 MHz bandwidth 

on R.T. Duriod 6010.5 0.05 (Er + 10.5 + . 25). The 

measured results obtained were close to theoretical values. 

This network was also fed to an eight element microstrip 

linear array to compare the theoretical and practical perfor-

mance of the beam direction. 

Development of Butler Feed Network 

The eight element Butler Feed Network vithout any cross-

overs is shown in Fig.2. Eight terminals are in middle and 

the other eight terminals are located on the four sides as 

shown in Fig.2. The substrate can be grooved in the middle for 

connections from the sides. We can put the connectors at the 

bank also to avoid grooves in the middle. We can see that the 

outputs of antenna ports are in horizontal line and the inputs 

or beam ports are in the vertical line. The 3 dB 90° hybrid 

was made broadband using G.P. Riblet 5(5) technique. The out-

put characteristics, isolation and return loss of this coupler 

are shown in Fig.3 and Fig.4 respectively. 



In order to look at the non-linear characteristics, we will 

construct a Touchstone/MWSpice circuit file an shown in Figure 4. 

400-1000MHZ 
CKT 
CAP CIN 10 20 C=46.7 
CAP_C2 20 0 C=6.29 
IND LI 20 30 L=1.89 
IND LL1 30 31 L=1.5 
S2Pii Q1 31 40 70 NE02135.52P 
IND_17FB1 70 0 L=0.3 
RES_RFB 30 33 R=235 
IND_LFB 33 37 L=5.60 
CAP_CFB 37 40 C=400 
CAP COUT 40 50 C=14.7 

DEF21; 10 50 AMP 
FREQ 
SWEEP . 1 1.5 . 1 

OUT 
AMP Sil 
AMP 522 
AMP DB(521l GR1 
AMP K 

MODEL 
NE02135 NPN 
+ 15=346.5E-18 
+ BF=94.57 IKF=174.9M NF=1.008 
+ BR=2.770 IKR=244.4M NR=1.004 
+ VAF=27.43 VAR=4.747 
+ EG=1.11 XTI=3.0 
+ RE=I.849 RB=1.2136 
+ CJE=4.69P VJE=558M 
+ CJC=.556P VJC=316.4M 
+ CJS=.56P V.19=. 82 
+ TF=18P XTF=0 
+ AF=I KF=0 
+ IRB=8.2P VTF=1.5 

SOURCE 
AMP IVS VCC 100 0 DC=20 
AMP RES_RCC 100 40 R=472 
AMP RES_RBB1 40 30 R=7587 
AMP RES_RBB2 30 0 R=861 
. RF Input Source 
AMP IVS_VIN 3 0 AC=1 TRAN=SIN(0 . 63 7E9) 
AMP RES RIN 3 7 R=50 
AMP IVS=V1 7 q0 DC=0 
AMP RES ROUT 50 0 R=50 

CONTROL 
AMP AC LIN 15 100MEG 1500MEG 
AMP TEMP -55 25 125 

AMP TRAN 10PS 4NS 0 10PS 
AMP PWR IVS VIN RES_RIN 
AMP FOUR . 7G V(50) 
SPICEOUT 
AMP AC V(ALL) I(ALL) 

AMP TRAM V(ALL) I(ALL) 

AMP PWR IVS_VIN 3 0 IVS_V1 

XTB=0.0 
RC=1.742 
MJE=37.65M 
MJC=34.91M 
MJS=0.5 
PTF=38.2 ITF=1.0 

Amplifier with 16DB gain 
! Circuit for Touchstone/MWSpice 
! Input Network 

! Bipolar Transistor VCE=10V IC=20MA 

IMODEL=NE02135] 

! Feedback Network 

! Output Network 

! Touchstone Frequencies 

! Touchstone Analysis Outputs 

! Spice Model for Q1 

ISE=7.101F NE=1.595 
ISC=2.953P NC=1.467 

RBM=1.0 
FC=0.5 
XCJC=0.35 

TR=.18N 

! Bias and RF Sources 
! VCC=20V 
! Collector Bias 
! Base bias 
! Base bias 

PWR=(-40 -40 0 7E8 7E8 0) 
! Input Load Resistor 
! Power sensing point 
! Output Load Resistor 

! Small Signal Analysis 

! Transient Analysis 
! Power Analysis 
! Fourier Analysis 

! Small Signal Output 
! Transient Output 

10 0 RES_ROUT 50 0 ! Power Analysis Output 

FIGURE 4 

This circuit file will allow the circuit to be analyzed either in 

Touchstone or mwSpice. The Model section is added to characterize 

the device parameters for MWSpice. Also biasing must now be 

included along with a signal source. 

The first non-linear response measured is a standard curve 

tracer response, Figure 5, of collector current versus collector 

voltage as determined by base current. In this case base current 

was varied from 0 to 1 milliamp in . 1 milliamp steps. Also 

plotted is the DC load line for this circuit and the maximum 

limits based on the manufacturer's data sheet. The maximum VCE 

is listed as 12V; the maximum collector current is 70 milliampa, 

and the maximum power dissipation for this package style is 290 

milliwatts at 25 degrees centigrade. A point of interest is that 

the data sheet lista S-paramaters for a bias condition of VCE:10V 

and IC:30ma for this package which is outside of their own power 

dissipation limits at 25 degrees centigrade, to say nothing of 85 

or 125 degrees. 

If we were planning to use this amplifier with a 0 dbm input 

signal and expecting to get 16 DB gain, think again. Figure 6 

shows that as the input power in dbm ( the X axis) is increased, 

the gain decreases from about 16 DB at - 40 DBm in, down to 11.5 

DB gain with 0 DBbm in. Figure 7 shows a time domain analysis of 

the output waveform with 1-milliwatt ( 0 DB.) input. As you can 

see there is a significant amount of distortion on the waveform. 
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The phase response of this coupler is shown in Fig.5. A 

broad band phase shifter was designed on the basis of techni-

ques given by Darko Kajfez(6). One-piece phase shifters of 

value 22.5°, 45° and 67.5° were fabricated and tested. Their 

response are shown in Figures ( 6), ( 7), and ( 8). We can see 

that in the case of the coupler the imbalance is within 0.3 dB 

throughogt the frec ,.ncy band. The phase is also within 92°, 

etth slightlir more variation in the lower side of the 

frequency. The isolation and the return loss are greater than 

25 dB throughout the band. The variation of the phase values 

in 67.5°, 45° and 22.5° phase shifters 

+ 0.5° + 1.5° + 3°. The actual layout 

shifter is shown in Fig.9(a) and 9(b). 

In the 

of the 

Using 

300 MHz band are 

coupler and phase 

the coupler and 

phase shifters a compact integrated layout was made to fit 

within ld'x 10" sheet of R.T. Duroid 6010.5 dielectric. The 

layout is shown in Fig.(10). 

Experimental Results on Butler Feed Network 

The S-band Butler Feed network connected to the eight 

element microstrip linear array is shown in the photograph. 

The photograph also shows the far field pattern of this 

antenna fed by the Butler Matrix. Connectors to the eipht 

inputs and eight outputs are made from the bottom. 

The insertion loss of the matrix is of the order of 2.0 

dB. The matrix provides a uniform illumination of the array. 

However, variations in the coupling ratios of the 90°hybrid 

couplers and difference in the insertion loss between the 

reference line and coupled lines of the phase shifter 

cause amplitude errors in the illuminations. The worst 

amplitude error is 1.8 dB. Phase errors in the array 

illuminations average + 6° for all beams. The maximum phale 

variation is 12. The return loss of input port 3L is 

given in Fig.11. In the 300 MHz band the average return 

loss is 22dB. The average isolation is 25 dB with the 

lowest value of 18 dB. The antenna terminals of the matrix 

are isolated from each other in the same manner. The 

average isolation is 23 dB. 

POSITION OF BEAM PEAKS 

We know that the normalized magnitude of the field 

intensity in the far field of a linear array of a isotropic 

sources is given by 

Sin(e2) 
1E1 « 

n x Sin ( )/2) 
2 d 

where - - Sin(a) - S 

d . elemett spacing . 0.52A in our case 

. Wave length 

a . angle from the array normal 

and g-= element to element phase shift 
(2p - 1) 

-2-
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EEsof - mw5PICE - 1/4/80 - 1144:58 

DEVICE 
• 1191.C1 

REAL 

0.1000 

0.0500 

EEsof - mw5PICE - 8/6/86 - 13144:22 - Cg\SPICE\RFEXPO\NE02135F 

AMP 
• vi50] 

REAL 

1.000 

0.eeee   

0.130000E+01 VCC 7.80000E+00 1.50000E+01 

FIGURE 5 
EEsof - mw5PICE - 8/14/86 - 1118149 - Ct\SPICE\RFEXPO\NE021356 

AMP 
o GAIN 

REAL 

16.00 

13.50 

11.00 

-4.00000E+01 PIN -2.00000E+01 0.00000E+00 

FIGURE 6 

-0.200e 

-1.400 

0.00000E+80 TIME 2.00000E-09 

FIGURE 7 

4.00E11313E-09 
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p . beam numbers • 1,+ 2,+5, and + 4 ( in our case ) 

i.e. the position of the beam peaks are given by 

- x 
Sin 1 ( ( nq p - 1/2 ) ) 

The theoretical beam angles are 7°, 21° , 57% and 576on 

each side from the broad aide direction. 

The position of the main beam is shown in the Fig.12 

which is very close to the predicted value. We also see that 

beam cross-over level is about -5d8 which is also close to 

theoretical value -5.86 dB. The small variation may be due 

to deviation from the uniform illumination. 

The first side level is -12.5 dB compared to -15.2 dB. 

The difference is due to error in phase values from the 

theoretical phases in the outputs. 

CONCLUSIONS 

This feed network can work well up to 3o0 MHz about 

the 2.15 GHz centre frequency. The response of the feed 

networks deviate a bit at the band edges due to increased 

amplitude imbalance and deviation of phase from 90° between 

the outputs of the coupler. The phase shifter also intro-

duces phase error, though small at band edges. Slight 

phase error was also introduced while mounting the connectors. 

499 

Taking proper care in development and mounting, the average 

insertion loss and the phase variation can still be reduced 

from 2.2 dB and + 6: The band width of the matrix can be still 

further increased to 500 MHz by increasing the bandwidth 

of the coupler. The designed phase shifters can work well up-

to 500 MHz about 2.15 GHz. 
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FOURIER COMPONENTS OF TRANSIENT RESPONSE V(50) 

DC COMPONENT = 4.244D-02 

HARMONIC FREQUENCY FOURIER NORMALIZED DB BELOW 

NO (HZ) COMPONENT COMPONENT CARRIER 

1 7.000D+08 9.541D-01 1.000000 

2 1.400D+09 1.929D-01 . 202218 - 13.89 

3 2.100D+09 1.017D-01 . 106567 - 19.45 

4 2.800D+09 8.223D-03 .008619 -41.29 

5 3.500D+09 2.324D-02 .024357 -32.27 

6 4.200D+09 1.263D-02 .013239 -37.56 

7 4.900D+09 3.082D-03 .003230 -49.82 

8 5.600D+09 5.324D-03 .005580 -45.07 

9 6.300D+09 2.091D-03 .002192 -53.18 

TOTAL HARMONIC DISTORTION = 23.051669 PERCENT 

In Figure 8 the performance of the amplifier was analyzed at 

-55, 25, and 125 degrees centigrade. It can be seen that gain 

varies about +/-. 5 DB over that temperature range. Different 

biasing methods could be quickly tried if temperature stability 

is a concern. 

In this quick overview you can see that ignoring non-

linearities can result in unpleasant surprises when the actual 

circuits are built. By using a non-linear design tool such as 

mwSpice we can analyze effects that would have required a 

considerable amount of time and equipment to bench test. 

And as you'd expect a fourier analysis reveals the second 

harmonic is only about 14DB below the fundamental as shown below. 

**St FOURIER ANALYSIS TEMPERATURE = 27.000 DEG C EEsof - mwSPICE - 8/10/06 - 20:21:51 - DIA 

AMP 

. GAIN 

MAG-DB 

17.00 

13.00 

9.000 

1.00000E+08 FREQ 0. 00000E+08 

FIGURE 8 

1.50000E+09 
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ANTENNA ELEMENTS 

PHASE SHIFTER 
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Fig.' Eight element Butler beam forming matrix Pig.2 Butler Feed Network without Cross-overs 
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Voltage Controlled Oscillator, VCO 

Linear analysis programs have been used in the past for 

oscillator design. Typically, the design procedure is to 

maximize the small signal S-parameters, Sil' or S22', so that the 

real part of the device reflection coefficient becomes negative. 

Linear analysis programs use optimization algorithms to maximize 

S11' or S22', as determined by the design. So, to design an 

oscillator using a linear analysis program requires device small 

signal S-parameters to characterize the active device. 

With non-linear analysis programs such as mwSPICE, device 

characterization consists of supplying AC and DC parameters, as 

well as proper biasing conditions as shown in Figure 9. 

CB 

L I 

RFC 

+vcc 

RC 

RFC 

RFC 

CB 

RE I CB 

-VEE 

FIGURE 9 VCO Schematic 

The idea of the VCO is to vary the tuning voltage applied to 

diode D1 which will change the junction capacitance of the diode 

(the diode, when used for it's variable capacitance properties is 

referred to as a varactor). This will in turn, change the 

resonant frequency of the equivalent resonant AC network 

consisting of the series inductance, the internal diode 

capacitance, and the transistor internal capacitance. The 

complete circuit description is shown in Figure 10. 

DIM 
FREP MHZ 
CAP PF 
IND UN 

VAR 
CB: 1000 
RFC=100 

CKT 
CAP CBP1 1 0 C"CB 
IND:L1 1 4 L=4.56 
IND_LRFC1 4 20 L"RFC 
CAP_CBP2 20 0 C"CB 
S1PA D1 4 5 ( MODEL=DIODE) 
IND_:IRFC2 5 0 L"RFC 
S2PA (al 5 6 7 ( MODEL=T2N918) 
IND_BeC3 7 30 L"RFC 
CAP_CBP3 7 0 C"CB 
RED_LN 3 6 L=3.82 
RES_R2 6 0 R=1510 
CAP_CR2 6 0 C=826 
CAP_CN 3 0 C=79.6 
CAP CBPL 3 7 C=1000 
CAPICBPC 2 0 C=1000 

DEF1P 7 OSC 
MODEL 

T2N918 NPN( BF=59.47 C2:39.3 NE=1.5 IK=0.025 
▪ IS=1.5511-15 VA=100.0 VB=20.0 BR=0.573 C4=0.0 NC=1.5 IKR=0.025 
• CJC=1.758-12 MC=0.120 PC=0.800 CJE=2.22E-12 ME=0.150 PE=0.500 
4. RC:11.500 RB:12.000 RE=8.50 TF=2.14E-10 TR=3.27E-08 ) 

DIODE D IS=1E-15 CJO=.5PF TT=.1NS 
SOURCE 

OSC 
OSC 
OSC 
OSC 
OSC 

IVS_VEE 31 0 DC=- 10 
IVS VCC 41 0 DC=10 
IVS:VT 20 0 DC=10 
RES RE 30 31 R=930 
RES:RC 40 41 R=1000 

Figure 10. Circuit description of VCO 
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The Gummel-Poon model for a 2N918 bipolar junction 

transistor is used in this example, with the parameters indicated 

in Figure 11. 

BF=59.47 
C2=39.3pf 
NE=1.5 
IK=0.025 
IS=1.55E-15 
VA= 100.0 
VB=20.0 
BR=0.573 
NCI . 5 
IKR=0.025 
CJC=1.75E-12 
MC=0.120 
PC=0.800 
CJE=2.22E-12 
ME=0.150 

PE=0.500 
RC=11.500 
RB=12.000 
RE= 8.50 
TF=2.14E-10 
TR=3.27E-08 

Ideal maximum forward beta 
B-E leadage saturation current 
B- E leakage emission coefficient 

Forward knee current 
Transport saturation current 
Forward early voltage 
Reverse early voltage 
Ideal maximum reverse beta 
B-C leakage emission coefficient 

Reverse knee current 
Zero bias B-C junction capacitance 
B-C grading coefficient 
B-C junction built-in potential 

Zero-bias B-E juntion capacitance 
B- E grading coefficient 

B-E junctioik potential 
Collector resistance 
Base resistance 
Emitter resistance 
Forward transit time 
Reverse transit time 

Figure 11. BJT parameters 
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The initial transient solution for the VCO, shown in Figure 

12, indicates sustained oscillation after approximately 8 

nanoseconds. Start-up transients don't seem to be a problem. 

. v [ 21 

REAL 

16.00 

0.0000 

-16.00 

0.0000 
2.0E-07 

Figure 12. Initial Transient Solution 
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Another parameter of concern to oscillator designers is the 

output power versus frequency as shown in Figure 13. By varying 

the tuning voltage, we can predict the output power for different 

frequencies of oscillation. 

7.000 

1.000 

-5.000 

Figure 13. Output power versus frequency 

o P [OUT] 

REAL 

 \\NN 
1.0E+08 1.2E408 FREI] 1.5E+00 

Figure 13. Frequency versus Pout 

A response of the collector current versus output power, 

shown in Figure 14, is useful to evaluate the sensitivity of the 

oscillator to variations in supply current. Although mwSPICE 

doesn't really have a " tune" mode, alternately saving S-

parameters at different collector currents allow the required 

data to be graphically evaluated on a single plot. 

Figure 14. Oscillator power versus collector current 

Pout(dBm) 

O 

9.000 

7.500 

6.000 

4.600 4.800 

Figure 14. lc versus Pout 

lama) 5.000 
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P.C.MOUNTABLE MINIATURE HELICAL FILTER 

by 

V.K.LAKSHMEESHA G.S.SEETHA RAMAN AND S.PAL 

ISRO SATELLITE CENTRE, VIMAMAPURA POST, 

BANGALCRE - INDIA 

PIN CODE 560 017 

ABSTRACT 

This paper presents the development of a miniature 

P C board mountable helical filter in the VHF/UHF range. 

The specific development was for application in a space-

borne S- Band transponder. The unit size is 45x14x14 mm3 

having a 3 pole Butterworth response, giving an insertion 

loss of about 1.5 dB with 0.5 dB flatness of about 10 MHz 

and 50 dB rejection bandwidth of 150 MHz at fo . 375 MHz. 

This unit is tunable from 250 MHz to 400 MHz and weighs 

approximately 25 gms. 

INTRODUCTION: In the VHF/UHF range helical resonators can 

be extensively used where high Q and practical size is 

realisable compared to other conventional types. The 

helix is enclosed in a highly conductive shield of square 

cross section. One end of the helix is grounded and the 

other is left open. 
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DESIGN CRITERIA: The main aim of this design is to realise 

a unit miniature in size and yet reliable. 

Size reduction has been achieved primarily by the 
following methods: 

a) By optimising the volume of the rectangular 
cavity and coil size. 

b) Eliminating input/output RF connectors by 
using P C solderable R F feed- through pins. 

c) By using an alignment procedure which can 
obviate the need of tuning screws. 

DESIGN REQUIRENENTS: The following specifications need to 

be realised. 

fo • 375 MHz 

BWldB 17 MHz 

Bd 50dB . 150 MHz 

Design:- Helical Resonator with square cross section: 

1'1 

-i- I  d. 



Summary  

This is a summary of the non-linear analysis techniques that 

can help the RF design engineer more exactly predict circuit 

performance, thus reducing design time, costs and frustration. 

References  

1. Gary Franklin, " Oscillator Design Using the Device Line 

Method and Load Pull Method:, RFEXPO 86 Proceedings, pp. 

251-259. 

2. Hewlett-Packard Application Note 994, " A 2GHz Power 

Oscillator Using the HXTR-4103 Bipolar Transistor". 

3. EEsof 

4. Compact Software 

503 



H . Height of the cavity in inches 

S . Length of one side of the square 

d The mean of coil in inches 

b . Height of coil in inches 

do. diameter of wire in inches 

T . Pitch of the winding in inches. 

The following set of equations are given with theae notations 

for a square cross section . (1) 

Table - 1  

1) Qun 60477 

2) N 1600 the number of turns 
fftra 

3) n_ 

4) d 

5) b 

6) H ▪ •1. 6S 

1 1600 the number of turns per inch 

d 
0.665 for r7---1 2S " 0.55 

▪ s for -g- . 1.5 

It is found that a 3-pole Butterworth filter will satisfy 

the requirements. 

fo  
Next Qmin ▪ grain BW 3dB . 37.5 

In order to have high Q, the Qun "3> 10 Qmin 

• . Qun should be at least 375 
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By using the set of equations in Table 1 and taking into 

consideration the fabrication difficulties involved, and 

also keeping in view miniaturisation without deviating 

much from the electrical specification requirements, the 

following dimensions are arrived at for practical purposes. 

H . 11.7 mm / S . 14 mm / d . 8.5 mm / b . 6 mm/ 

N . 6.5 turns approx. / n . 32 TPI / T . 0.8mm/ 

do . 0.3mm approx. 

U The insertion loss is calculated by I.L. . 20 log 

Where U Qunloaded 
Qminimum 

In this case, Qun 375 at least. 

Qmin . 37_21 . I.L. . 20 log le . 1 dB approx. 

The input and output of the resonator are through loops 

of less than a turn of 22 SWG wire and are placed perpendi-

cular to the helix on the last turn such that loose coupling 

is maintained. 

CONSTRUCTION:- The formers are made of Teflon in which 

square threads are cut to accom-odate the helix coil of 

30 SWG enameled copper wires One end of the coil is 

grounded and the other is left open. The loops are made 

from 22 SWG wire. The helix and loops are bonded with 

-à Mil 1111:11 11:31 





Epotek H-54 low loss dielectric compound. The entire 

cavity is soldered along the sides to the base plate 

after tuning is completed. Than, the entire unit is 

conformeny coated to prevent any seepage of alcohol 

during further P.C. card assembly operations, cleaninr, 

etc. The mechanical configuration is shown in Fig.l. 

ALIGNMENT PROCEDURE: 

The filter is aligned using return loss phase 

characteristics. 

Initially all resonators are short circuited, 

including the output port. Initial phase reference is 

noted. Each resonator is tuned sequentially by closely 

changing the number of turns to achieve resonance of each 

resonator. 

RESULTS:- The filter response showing the transmission 

and return loss characteristics, is shown in Fig.2 & Fig.3. 

Measured insertion loss is about 1.5 dB, weight 22 gms, 

size 45x14x14 mm3. 

CONCLUSIONS: 

1) The same configuration holds good for different 

frequencies in the range 250 MHz to 400 MHz, and with a 

slight increase in cavity and resonator height it can be 
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made even up to 150 MHz. 

2) This filter has passed rigorous tests according to 

MIL-STD-202F. 

3) This has been used in ah 3-Band TTC Transponder aboard 

Indian remote sensing satellites, etc. 
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A CRYSTAL CONTROLLED FREQUENCY AND 
AMPLITUDE CALIBRATOR 

by 
Dan Baker 

Tektronix, Inc. 

The motivation for creating this circuit was to provide a calibrator for 

both amplitude and frequency over a reasonable range of the HF band. Most 

modern receivers use frequency synthesis and would receive little benefit from 

a frequency calibrator. However, older receivers and spectrum analyzers need 

frequency calibration and virtually all receivers would benefit from a broad-

band amplitude reference. This circuit accomplishes these goals with a simple 

design that is fundamentally accurate requiring no adjustments. 

The design is based on narrow-width pulses with 1 MHZ and 100 MHz repetition 

rate. For a theoretical analysis, consider the following time function: 

A 

-T/2 

f(t) 

+7/2 

T —.4 

The double-sided Fourier coefficients for this function are: 

e, 
F„- z-1 f 112 f(t)e f 

,4 

Fe -32L-[ en ( wen 1 AT [ en ( )  ] 
2 - T 1r 

M ) 

This is of the general form: 

Ae egli(X) I 
-r (x) 

win 
where X - ° 

2 

The familiar (sin(x)1/x function is shown below: 

The function is zero at integral multiples of1F. The first zero occurs at: 

X = i nFer 

1 
nFe - - fin« null frequency 

A spectrum analyzer or receiver measures the magnitude of g». The frequency 

response Ifimdl for a rectangular pulse train is a series of impulses in the 

frequency domain as follows: 

1 2Atf.[ '<Kw -n2wF.,) 
.0 X 

where X w orFenv 

Fo. 1/1 the pulse repetition rate. 

The envelope of the frequency response is dependent only on the pulse shape 

and not the pulse repetition rate(n) . If the pulse is rectangular and of 

short duration, the resulting response may be quite flat over a portion of the 

frequency band before the first zero. 

The circuit shown in Figure 1 generates a pulse of approximately 8 nsec 

in duration. The pulse duration is loosely controlled by the propagation delay 

through the inverter and D flip-flop. A more consistent pulse width could be 

obtained with a 74SO4 instead of the 74LS04. However, as will be shown, this 

is not necessary to meet the design goals. 
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45 

VIEWED 

SECTION AT ' A- A'  

Part ktY 

1 1 CAVITY BODY 
2 1 BOTTOM PLATE 
3 2 RF FEED THROUGH (GLASS) 
4 2 142 x 8 CHEESE HEAD 

SCREW 

5 3 M3 x 6 C/SK SCREWS 

6 3 TEFLON FORMER 

7 - ENAMELLED COPPER WIRE 
8 ENAMELLED COPPER WIRE 
9 2 GROUNDING PINS 

SOLDER. 2 PLACES 

SOLDER, 4 PLACES 

WITHOUT PART NÓ.1 

NOTE: EPOTrK H-54 NASA QUALIFIED 
B(NDING MATERIAL IS USED 
TO BOND THE COIL ENDS AND 
LOOPS 

Description  

SOLDER THROUGH THE 
CORNERS AND SIDES. 

ataa. 
COPPER 
COPPER 

BRASS 

BRASS 

TEFLON 

COPPER 
COPPER 

Rsmarks 

SILVER PLATED 
SILVER PLATED 

SILVER PLATED 

SILVER PLATED 

22 SIG 
30 SkU 
SILVER PLATED 

I G . 1 MECHANICAL DETAILS 
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Figure 1. 1 Mhz/100 kHz Amplitude/Frequency Calibrator circuit diagram. 

_FL 100 kHz 

.1 

Figure 1. 1 MHz/100 kHz Amplitude/Frequency Calibrator circuit diagram. 

An 8 nsec pulse width would provide the following flatness error at 50 MHz. 

[ sin ( Zrt )1 
Error 20 log 50  -2.4 dB 

125 

This is actually a worst case since 1) the pulse is typically narrower 

and the first zero greater than 125 MHz, reducing the error at 50 MHz, and 

2) the D flop-flop is not capable of generating a very narrow rectangular 

pulse. The pulse is rounded and, due to slew rate limiting, better approximated 

by a triangular pulse. This spectrum is flatter than the ( sin x)/x frequency 

response and this effect further reduces the amplitude flatness error at 50 

MHz. The measured error of the prototype circuit was< 2dB. 

CIRCUIT DESCRIPTION 

To provide markers at 1 MHz and 100 kHz, two programmable synchronous 

counters are used. Crystals at 12 MHz are readily available and most work 

well in the TTI, inverter oscillator shown. The trimmer capacitor is adjusted to 

calibrate the oscillator to a frequency standard. 

The first counter divides by 12 and the second by 10. The two D flip-

flops generate the 8 nsec pulses so that 1 MHz and 100 kHz markers can be 

generated simultaneously or separately. The 12 MHz oscillator synchronously 

clocks the two D flip-flops as well as the counters. This allows the 100 kHz 

pulses to occur precisely coincident with every tenth 1 MHz pulse. This is 

necessary for proper in-phase addition of the two spectra when both 1 MHz 

and 100 kHz markers are to be generated. 

The desired output power for the calibrator is -60dBm for the 100 kHz 

markers and -50 dBm for the 1 MHz markers ( Figure 2.) 

t11 1Lt?tiittttItt - 
Figure 2. Output spectrum 
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S—BAND_HIGH_PERFORMANCE COMBLIME FILTER 

V.K.LAKSHMEESHA, U.PRABHAKARAN, AND S.PAL 

COMMUNICATION SYSTEMS DIVISION 
ISRO SATELLITE CENTRE, A-MORT ROkD 

BANGALORE-560017 — INDIA 

ABSTRACT 

This paper presents the development of an improved high 

performance combline filter at S—band for input/out appli— 

cations of a transponder. The unit features reduced size and 

weight optimised with a minimum number of elements resulting 

in the following characteristics: 

Type : Eight pole Chebyschev 0.1 dB ripple. 

Rejection a.w. t fo 180 MHz — 110 dB 

I.L. t 1.0 dB 

Ripple B.W. t 100 MHz 

Sizes s 183 x 37 x 60mm 

Weight s 165 GMS. 

The unit is tunable from 2 to 2.4 GHz. The unit is 

qualified for space borne applications for 1 Watt RF power 

through low pressure to vaccum. 
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INTRODUCTION: 

A high performance combline filter has been developed at 

S—band for applications in spacecraft telemetry. The unit 

features light weight, high rejection on the order of 100 dB 

and 40 dB down spurious response up to 18 GHz. The unit was 

tested for 1 Watt RF power from low pressure to VEICIalm. It 

was found to be free from RF discharges like corona and multi— 

pacting. The unit can be tuned easily to any frequency in the 

band 2 to 2.4 GHz used for spacecraft telemetry. The filter 

was constructed from two milled pieces of aluminium joined with 

screws. This construction makes the unit ruiped enough to 

withstand the severe vibrational requirements of a launch pad. 

The thermal drift of this unit from 0 to 50°C is less than 5 

MHz. A special surface polishing technique was developed to 

give a bright mirror—like surface finish to the aluminium 

blocks. This improved the RF conductivity of the surface and 

brought down the insertion loss to less than 1 dB. 

DESIG N:  

The electrical circuit of the combline filter is shown in 

Fig.l. The circuit consists of coupled transmission lines of 

electrical length e shorted at one end and loaded by a lumped 

capacitor at the other end. These coupled transmission lines 

are characterised by the self impedance of each resonator, Ci, 

and mutual capacitance of each resonator with its nearest 



This is rather high for most narrowband receivers and the output may need 

padding for "S" meter calibration. For the 100 kHz spectral components, the 

required output into 50 ohms is: 

V, 
-60 dBm 20 log   224 mV 

V, -224 p1/R.s 317 0V peak 

This requires an attenuator on the output of the TTL flip-flop. The values 

are then calculated as shown in Figure 3a. It is desired that the 1 MHz markers 

be 10 dB above the 100 kHz marker amplitudes. The attenuator for the 1 MHz 

markers is shown in Figure 3b. 

Figure 3. Determination of attenuator resistor values. 
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Note that when both markers are present, the 1 MHz markers will be 3.3 dB 

higher than the amplitude when generated alone. This is due to the in-phase 

addition of the 1 MHz components of both spectra. 

PROTOTYPE RESULTS 

Figures 4 through 8 illustrate the measured results of the prototype. 

Figure 4 is the double sided ( sin x)/x magnitude response. Note that the first 

zero is slightly higher than 125 MHz indicating the pulse width is slightly less 

than 8 nsec. 

Figure 5 shows the first 50 MHz of the spectrum and illustrates the 

predicted flatness error of about 2dB. Note that the 12 MHz component is too 

high. This is probably due to crosstalk in the hex inverter. A separate XTAL 

oscillator would probably eliminate this error at the expense of more parts. 

Figures 6, 7 and 8 show a 5 MHz segment of the first 30 MHz. Figures 

3 and 4 show the 100 kHz and the 1 MHz markers when selected separately. Figure 

5 shows the composite calibrator output. Note that the marker amplitudes are 

about 101111 different, as predicted. Also note that the 1 MHz markers are about 

3dB lover ( Figure 7) when selected individually, as was also predicted. 

One note of caution is in order. Receivers have a limited voltage dynamic 

range at their inputs. Pulses much larger than the ones used in this design 

can overload a receiver input. If very fine resolution markers are desired 

using this technique, it would be prudent to consider a chirp or other more 

complex technique to obtain a flat spectrum with good signal-to-noise ratio. 

This circuit provides a cheap, yet quite accurate calibrator of both amp-

litude and frequency over the 30 MHz HF band. It can serve as a general purpose 

reference for a general cover receiver or spectrum analyzer. 



neighbours, Cij. The values of Cij were calculated from the 

prototype given by Mathaie et.al ( 1). Finally, the physical 

parameters of the coupled lines were calculated using graphs 

provided by ( 2). 

The prototype filter along with its element values are 

given in Fig.2. The value of self impedance and mutual 

impedance of each resonator is calculated using Mathaie\ s for-

mule (1). The terminating inpedance ta.50,ohms impedance of each 

resonator is taken as 75 ohms and electrical length e . pie/4. 
This gave the value of self and mutual capacitance as: 

Self Cªpªcitancts Mutual_qapacitance 

CO . C9 . 6.175 Cl . C89 . 1.358 

Cl . C8 . 3.764 C12 .C78 . 0.223 

C2 . C7 . 4.710 C23 .C67 . 0.167 

C3 = C6 . 4.775 C34 .C56 . 0.158 

C4 C5 . 4.786 C45 0.156 

Finally, reactangular bare were used to construct the 

coupled line structure. Ground plane spacing was ttken as 15mm. 

and t/b value was taken as 0.3. The cross section of the 

structure is given in Fig.3. The value of w/b and s/b were 

calculated using the data given ( 2). The lumped capacitance, Cs, 

was realised using a parallel plate capacitor with air as the 

dielectric. The physical dimensions of the capacitor were 

calculated using the formula: 
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Cs . G A/d 
where A. Area of the plate 

d . Separation between them 

MECHANICAL FABRICATION AND  SURFACE POLISHING 

The filter was fabricated in two pieces. One piece 

consists of transmission linea coupled with one plate of the 

capacitance. The other piece is a cover which forms the two 

ground planes for the coupled lines and a ground plane for the 

lumped capacitance. Both pieces were milled from blocks of 

aluminium. They were joined to each other using M-3 screws. 

The launching pieces which couple the electrical energy into 

the combline structure were fabricated separately and fixed 

to the cover plate using M-2 steel screws. The structures 

were chemically polished. The attached photographs show the 

internal construction and assembly of the filter. 

FILTER ALIGNMENT AND TESTING: 

The centre frequency of the filter can be tuned to the 

desired value by adjusting the resonant frequency of the reso-

nators. Since for a small range of tuning frequency the coupl-

ing is indepedent of frequency,the pass band will not fet dis-

torted by tuning. Each resonator centre frequency is tuned 

to the desired value by varying the capacitance, Cs. This is 

achieved by a tuning screw fixed on the cover plate, one for 

11= Imo e am bee I.. •••• .••• 



Figure 4. Double-sided ( sin x)/x spectrum of the calibrator. 

Figure 5. 0-50 MHz markers, shoving approximately 2dB flatness error at 50 MHz. 

Figure 6. 

10d3/ -.Meat 

Figure 6. 100 kHz markers, from 0-5 billz at -60dBm. 

Figure 7. 1 MHz markers, from 1-6 MHz. Note level at about 3d8 below -50dBm. 

' p•, 
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Figure 8. Both markers combined, 0-5 MHz, showing accuracy of amplitude. 
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for each resonator. The resonators were brought to the 

desired frequency by monitoring the phase of the input 

impedance of the filter on a network analyzer. However, 

minor adjustments on the launcher position give good 

return loss as the filter is tuned to different frequencies. 

The responses are shown in Fig.4. Also, the unit was tested 

up to 2 Watts in vacuum for power handling capability. No 

increase in insertion loss was observed throughout the vacuum 

range from atmosphere to hard vacuum. 

R E S_U_L T 

The insertion loss of the filters was measured on the 

network analyzer and found to be 0.9 dB. The rejection at 

• 180 MHz away from the centre frequency was measured using 

a high power source and spectrum analyzer. The measured 

isolation was 110 dB. The return loss at the desired band was 

20 dB. The overall size is 168 x 32 x 30 mm and the measured 

weight is 165 gins. The photo of the filter along with a 

similar filter provided by M/s.Delta Microwave for a similar 

application is given. It can be seen that a substantial 

reduction in overall size and weight has been achieved. The 

unit is found to be free from RF discharges like corona and 

multipacting in the vacuum range starting from atmospheric to 

hard vacuum for all the required operational power levels. 
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GENERAL PRICE DETERMINANTS 
for R.F. & Microwave Filters 

by Dr. R. A. Wainwright, Chief Scientist 
Cir-Q-Tel, Inc. z_b„.> Vtopc 

Abstract: Prudent selection of an r. f. or microwave filter in general 

requires a great deal of forethought. 

Price is usually not an insignificant consideration. Function, however, 

must necessarily take precedence - it is worthwhile for anyone who must 

 ssarily select system camponents to give substantial consideration to 

those devices that shape their system's selectivity as to frequency and/or 

time domain performance. Given tractable specifications then, one can con-

sider price - it goes without saying that one may over- or under-specify the 

system's filtering-functional responses - both are expensive in many respects. 

Rational uumpramises are usually necessary. The following list of items has 

been generated as a "General Guide" for systems/subsystems engineers. 

Please retain this list as a " thought jogger" whenever you find it ne,essary 

to consider the use of and/or specify selective devices --- filters for use 

in systems. It is 11_1.ed that by reviewing this list you may be reminded of 

essentially all of the considerations you must weigh as a responsible engineer 

as you imagine/conceive/engineer/document and pass off to manufacturing "your 

design" for use and review by your customers. Like it or not, your name, 

pride, ego and reputation is inextricably connected to every device you pass 

on for use by others. 

If this list will help you through the maze, then perhaps in same way 

Cir-Q-Tel will have been of good service to you - we certainly hope so. 

Please review this list frequently. The factors listed here are very 

important. 
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LIST OF GEIERAL PRICE DEFER/421MM FOR FILTERS 

Not Necessarily in Their Order of Importance 
and not Necessarily All  

For Lowpass, Highpass, Bandpass and Band Reject Filters 

1. Topology, i.e., the general network form for realization as might relate 

to schematic/type of network, i.e., Lowpass, Highpass, Bandpass, Band 

Reject, Diplexer, Multiplexer, Reflective or Absorptive Filter, etc. 

fo or fc and tolerances 

Bandwidth or % BM and tolerances 

Complexity or n, sometimes called "degree" 

Zo 

Connectors or connections for input and output 

Temperature, range and stability 

Vibration and shock environment 

2. 

3. 

4. 

5. 

6. 

7. 

8. 
9. Relative humidity, salt spray, corrosion protection, mold growth, etc. 

10. Altitude or pressure requirements 

11. Power: peak and average, cooling provisions: conduction, convection, 

forced air, etc., e.g. fundamental power, harmonics and power levels of harmonics 

12. Load and source impedance conditions 

13. Minimum expected life of performance (MTBF) 

14. Plating or finishes required 

15. Mounting requirements 

16. Physical form of network and container shape & size of network: filter 

17. If tunable then: range, how tuned, range of tuning, control of parameters 

over tuning range 

18. Quantity 

19. Delivery: time and method 

20. Warranties 

21. Inspections: source, destination, qualification, sampling, etc. 

22. Documentation: class, level, detail 

23. Time ( group delay) and phase requirements - frequency domain 

24. Step and impulse requirements - time domain 

25. Amplitude-Frequency requirements, including sending: absorptive loss, 

selectivity 

26. VSWR: Return Loss- frequency requirements 

(continued) 
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Price Determinants (continued) 

27. Leakage of r.f. energy requirements 

28. Competitive marketplace influences 

29. EMP specifications 

30. General class of filter: Butterworth, Chebishev, Elliptic, Gaussian, 

etc. 

31. Switching, if switching is to be used: Electiiv hanical/Electronic/ 

Mechanical 

32. Ultimate rejection , necessary reject band levels and frequency "width" ( s) 

of reject band(s) 

33. Functional elements: ( a) materials: metals, ceramic, plastics, 

(b) type of resonators, interdigitated, comb line, waveguide, 

ceramic, (possibly) SAW, etc. or for lowpass and highpass, the physical 

manifestation of the schematic circuit (s). 

(c) coupling means 

(d) coupling and element tolerances required; generally tolerances 

required may be estimated from: 

+ tolerances: + T (L, H): Lowpass Highpass 

+ T (B, R): Bandpass, Band Reject 

[1] + T (L, H) 15/n 

[2] + T (B, R) AV 15/2n 

Where ' n' is the number of elements/resonators: the "degree" of 

the network - understandably some tuning and tweaking mechanisms/ 

means may necessarily need to be included in the device design to 

compensate for unavoidable element/coupling variations. 

As an aside: one must be fully aware of other methods of construction: 

ceramic resonators vs. waveguide resonators for example. In general a well 

constructed narrow band filter using ceramic resonators may well be superior 

in performance and lower in cost than a waveguide filter that may be suitable 

for the same application or a SAW filter ( in quantity) may be, and usually 

is, substantially lower in cost and has superior time domain pluperties 

over an equivalent helical resonator filter, etc. 

510 



ram gom pm' paw pm imam imam PRIM OMNI r- - FM" MUM IN I I I 1 OM, I II MIR, OM. 1 MI 1111 

Noise Measurement Instrumentation 

by 
George Peter, Director of Lab Operations 

William Center, Research Support Specialist 
National Astronomy and Ionosphere Center 

Cornell University 
Industrial Research Park 

61 Brown Road 
Ithaca, NY 14850 

INTRODUCTION 

The National Science Foundation funde Cornell University to 

support the National Astronomy and Ionosphere Center ( N.A.I.C.). 

The major facility of the center is the world's largest single 

dish, radio telescope located near Arecibo, Puerto Rico ( Figure 1). 

Receiver and antenna systems for that installation are developed at 

a research and development lab located at Research Park, Ithaca, New 

York. 

Most of the front ends for the receiver systems used nt the 

observatory are cryogenically cooled GaAsFET amplifiers. Some 

masers are in use at " S" band. The expection is that the next 

generation receivers will be cryogenically cooled 

using modulation doped GaAsFETs ( MODFETS). These 

also as high electon mobility transistors ( HEMTS) 

amplifiers 

are referred to 

They are in 

the development stage. Commercial units have been promised for 

early or mid 1986. (1) The forecast is that receiver system noise 

temperature will approach or equal the performance of masers at 
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very much reduced cost and complexity. A receiver equivalent 

flange temperature of 4°K at " S" band is a design goal. 

Even with present GaAsFET front ends receiver performances 

achieve 10 °K at " L" band, 15 °K at " S" band, and 22 °K at " C" band 

when cooled to - 16 °K with a closed cycle helium refrigerator. 

Efforts have been made to test such low noise devices using 

commercially available noise measurement test equipment. A typical 

system is the H.P. 8970A. (2) The manufacturer quotes a noise figure 

instrumentation uncertainty of + 0.1 dB. This is a noise 

temperature uncertainty of 14 °K. Obviously, better resolution is 

required to measure receivers whose noise contribution may be very 

much less than the instrumentation uncertainty. It was decided to 

develop our own computer- aided automatic noise measurement test 

facility. It is described herewith. 

FUNCTION 

An instrumentation system for the development of low noise 

receivers should provide for the measurement end plotting of 

receiver noise temperature ve. frequency. It is useful to measure 

and plot receiver gain vs. frequency, also. In order to optimize 

receiver performance these measurements need to be made for various 

bias and tuning conditions. Speed and accuracy are important 

factors. 



A New Double-Balanced Mixer of High Dynamic Range 
Improves System Performance 

by 
Aubrey Jaffer 

Senior Engineer, Bertronics 
84 Pleasant St. 

Wakefield, MA 01880 

ABSTRACT: A new mixer technology which offers low distortions 

for both inputs enables system designers to significantly 

improve wideband system performance. 

A new mixer technology ( patent applied for) has been 

developed by Bertronics in which each input port has low 

distortion that is largely independent of the other port signal. 

This property offers the system designer significant 

possibilities for improving performance of high performance 

designs. 

To utilize these advantages, this new mixer requires 

different operating conditions from conventional diode mixers. 

In order to illustrate how these conditions can be met and how 

this mixer can be used to advantage, we will illustrate its use 

in receiving and signal analysis applications. 

THEORY 

Figure A shows a schematic for a bridge attenuator. If 

R2*R1=Z*Z, then both ports are matched to Z and the attenuation 

is 

V2/V1=(R1-R2)/(R1+R2+2*Z)=(R1-Z)/(R1+Z). 

A perfect mixer would have V2/V1 proportional to another input 

voltage. However, synthesizing RI and R2 to meet the above 

conditions would be difficult. 

Figure B shows a solution to this problem. If port 2 is 

terminated in 0 ohms and R1I1R2=Z/2, then port 1 is matched to Z 

and the attenuation is 

I2/V1=( 1/R1-1/R2)/2 

I2/I1=(Z/R1-Z/R2)/2. 

If V2 is a voltage source and port 1 is terminated in Z, then 

V2/V1=(Z/R1-Z/R2)/4. 

It is not difficult to make the conductance of circuit elements 

vary in proportion to a voltage. Hence, a mixer with linearity 

in both inputs can be constructed. 

Since the minimum R1 and R2 is Z/2, the minimum losses are 

I2/V1=1/Z, 12/11=1, and V2/V1=1/2. There are hidden sources of 

loss in linear mixers. In addition to the 3dB image loss, there 

is an additional 3dB loss due to the fact that the local 
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BASIC SYSTEM 

A major part of such e system is a receiver back end ( B.F.) 

A block diagram of a typical B.E. is shown in Figure 2. A hot 

and cold load standard are also required. Typically, a cold load 

(Tc) consists of a 50 ohm termination bathed in Ltio which is 

contained in a vacuum dewar. A standard hot load ( Ts) usually is 

a 50 ohm termination located in an oven at 100°c. Hence Tc = 

77.3°K and TN = 373.2°K. Manufacturers provide a plot of the 

deviation from 77.3°K and 373.2°K ( Tc and Tif) vs. frequency for 

their particular hot/cold standard. This information defines the 

effect of transmission line losses in order to determine the real 

Tc and T. 3) 

A procedure for measuring noise temperature for a given 
frequency is as follows ( use block diagram of Figure 2 for 
the receiver beck end): 

1. Connect the Device Under Test ( DUT) 
Receiver B.E. 

2. Set L.O. to frequency of interest. 

to the input of a 

3. Connect the input of the DUT to Tc and read Vouti ( First set 
variable IF attenuator so that Vouti is within reasonable 
dynamic range of receiver back end). 

4. Connect the input of the DUT to TN and read Voutv. 

5. Calculate y factor = Voutz 
Vouti 

6. Calculate system temperature: TSYS = Tx - yTc 
y - 1 

7. Calculate Tour = Tsys - Tog 
GDUT 

a.) TBE for each frequency of interest must first be 
obtained by the same steps outlined in 2 through 6 
above except that ( in Steps 3 & 4) connections to Tc 
and TN ere made directly to the post RF amplifier 
instead of to the DUT. In Step 6 substitute TBE for 
Tsys. 

b.) The gain of the DUT ( Gour) is obtained as follows: 

(1) Connect the Receiver B.E. to a reference load. 

(2) Read Vout. 

(3) Insert the DUT between the receiver B.R. and the 
reference load. 

(4) Add attenuation until Vout = the same as previous 
reading for Vout. 

(5) The added attenuation = Gour. 

These steps, ( 1) through ( 5), must be made for each 
frequency of interest. 

Some problems associated with the procedures defined 
above are: 

1. The connecting and disconnecting of the Device Under Test is 
an exacting business. Errors result from imperfect connec-
tions. 

2. The time to conduct all of the steps for all of the frequen-
cies of interest is prohibitive. 

3. Receiver drift over such a long period can cause errors in 
the results. 

4. Standard hot/cold load values ( Tc = 77.3°K and Ts = 373.2°K) 
are too high for obtaining accurate noise measurements of a 
very low noise receiver whose noise contribution may be < 20° 
K. 
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oscillator input would be driven with a sine wave and the RMS 

value is . 707 of the peak value. Notice that there are no 

intrinsic limitations on the conversion loss from the port 

controlling the conductance of the circuit elements. 

THE MIXER 

Figure C shows the connection diagram and preliminary 

specifications for the Bertronics FD50 Mixer. The bias 

terminals should be biased at about -20 volts ( relative to the 

port 3 pins) to provide an impedance for ports 2 and 3 of 50 

ohms. Adjustment of the bias voltages adjusts the port 

impedance; the greater the voltage, the lower the port 

impedance. Adjustment of the voltage between the bias terminals 

(less than 50 millivolts) provides a fine adjustment of Port 2 

to Port 3 isolation. The substrate should be connected to 

approximately + 10 volts. Both the substrate and the bias pins 

are high impedance inputs, and should not be subjected to static 

charges. 

Port 1 of the FD50 mixer is an input with approximately 5 pF 

of input capacitance and several hundred ohms of parallel input 

resistance. Port 2 is an isolated winding with an impedance of 

50 ohms ( as adjusted by the bias voltage). Port 3 should be 

balanced with respect to the bias and substrate pins. It has an 

impedance of 50 ohms. 

Ports 2 and 3 are similar in that if one is deliberately 

mismatched to a low impedance, then the other is resistive ( VSWR 

< 1.5). Port 3 has response down to DC but port 2 does not. If 

the mismatched port impedance is not relatively low, then the 

conversion loss and noise performance suffer and VSWR is 

sensitive to port 1 signal level. 

One input's distortion products are largely independent of 

the other input. Hence, the mixer can be modeled as two 

nonlinear functions of the inputs followed by a perfect 

multiplier ( Figure D). That is why there are two sets of 

distortion specifications. Port 1 presents a problem for input 

intercept specification because this input is mostly capacitive. 

Therefore, we have expressed this number in volts. 

Instead of conversion loss we specify a transmission 

constant and equation relating input and output voltages and 

mixer impedance. This equation demonstrates the programmability 

of the mixer. The conversion loss between two ports is 

proportional to the signal level of the third. Conversion loss 

is not a meaningful specification, however, as only one port is 

terminated resistively in normal operation. 
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One technique to minimize the time for measuring and 

plotting receiver noise vs. frequency and receiver gain 

vs. frequency is to use a spectrum analyzer as a substitute 

for a receiver back end. The spectrum analyzer can drive an 

X-Y plotter to produce reasonable results. This arrangement 

does not address problems outlined in II- 1 and II- 4 above. 

Also more sophisticated techniques are needed to provide for 

modifying bias and tuning parameters between tests. 

THE COMPUTER- AIDED AUTOMATED SYSTEM 

To answer most of the needs for fast and accurate noise 

and gain measurements, a computer- aided instrumentation 

system was developed. An Apple II E computern and an ISAAC 

91- An interface system were procured.( 4 ) Rather than 

develop our own analog to digital input-output system, we 

chose to select a commercially available interface. The 

important thing was to get on line in the shortest possible 

time and to have a system that requires minimal effort for 

modification. The ISAAC 91-A by the Cyborg Company seems to 

be a good choice. It is designed especially for the Apple 

II E. Another ISAAC unit is compatible with the IBM 

PC. Its " Labsoft" software package simplifies 

communications with the computer. Specifications are given 

in the appendix. A block diagram of the control and data 

acquisition system is shown in Figure 3. Figures 4 and 5 

are flow charts of the " Tsys" program and the " noise temp" 

program respectively. 

A test dewar/refrigerator was assembled to provide 

rapid cool down and warm up times and for rapid installation 

of various amplifiers at the 16°K station of the dewar ( see 

Figures 6 and 7). A receiver back end was developed which 

includes a switchable range low pass filter, amplifiers, 

adjustable attenuators and a voltage to frequency converter 

(V/F) output ( see Figures 8 through 11). The V/F output is 

fed to a counter input channel of the ISAAC interface. The 

advantage of this technique is that it allows for rapid 

dumping of sampled signal levels between frequency 

settings. Also the V/F technique effectively averages 

voltage fluctuations over a specified length of sample time. 

The hot load reference is provided by driving an 

H.P. 34611( 5) noise diode through a directional coupler (- 20 

dB). When the diode is on, this results in a nominal noise 

temp. of - 100°K. The cold load consists of a 50 ohm 

termination located at the I6°K station of a test dewar, 

hence the cold temperature is - 16°K. However, transmission 

line losses, directional coupler insertion loss and - 3°K 

from hot load port of the coupler ( when noise diode is off) 

result in a total Tc of - 30°K. Likewise actual Ti 100 ° 
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INTERFACING 

Although these port impedances may seem difficult to work 

with at first, they can actually be used to advantage in some 

designs. For lower frequency applications, Port l's high input 

impedance allows high signal voltage levels to be reached with 

little input power. For higher frequency applications, it is 

desirable to resonate this capacitance in order to reduce the 

signal power requirements. 

Both ports 2 and 3 present 50 ohms and, although one of them 

is deliberately mismatched, the amplifiers should be designed 

for good noise performance at 50 ohms. Figure E shows an 

example of a broadband design. This circuit will have optimum 

noise performance if biased at the same current as one optimized 

for common emitter noise performance. FETs can also be used. 

SIGNAL RECEPTION / ANALYSIS 

Port 1 of the mixer can be used to advantage in receiver 

applications. For lower frequency RF inputs, the signal can be 

transformed up, enabling the mixer to have conversion gain 

(Figure F). This can eliminate the need for RF amplification 

and enable the system to have a low overall noise figure. The 

disadvantage of this configuration is that substantial LO power 

is required. 

In heterodyne applications, the low levels of harmonics for 

both inputs to the mixer reduce the spurious responses of the 

receiver. If the IF is high, it can be matched to the amplifier 

with a quarter wave length transmission line ( Figure G). The 

parallel inductor and capacitor are used to short the port at 

all other frequencies. 

Use in direct conversion is where the mixer offers the 

greatest improvement over conventional mixers. The low level of 

harmonics of both ports ( if the LO has low harmonic content) 

means that harmonic mixing is greatly reduced. Low level 

amplification at 50 ohms at baseband can present problems also. 

Figure H shows a practical circuit for low noise, low impedance 

amplification. The circuit uses very low noise transistors ( PMI 

MAT-02) in a feedback circuit to lower the input impedance to 

.04 ohms. Compensation is provided by the shunt input 

capacitor. This compensation also lowers the input impedance at 

higher frequencies. Op amps could be used with a penalty in 

noise performance ( Figure I). Here again, compensation is 

provided by the shunt input capacitor. This pole should be 

located much lower than any poles in the Op amp transfer 

function in order to ensure stability. 
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K ( when diode is on) plus ( T. - 3°K) - 127°K. These V. 

values must be calculated or measured in advance for 

each frequency of interest and placed in memory by the 

computer program. 

After initialization is made the computer steps are: 

L. Read the ambient temperature = ( TA) 
Read 16°K station temp. in dewar = ( To) record in memory Vouti ve. frequency. 

These readings are taken from voltage v. temp. of a 
nonlinear diode ( computer uses look up table from 
manufacturer's data). (6) 

2. Read Ttranaminnton line ioeses Tnoine diode ( off) 
from a look up table. Add to To. This equals Tc for 
each freq. of interest. 

3. Read ( from look up table) Toots. diode ( on) and add T. 
from above reading. Subtract Tool.. diode ( off). This 
= T. for each freq. of interest. 

TOE and Gour must be obtained in advance for these 
steps and included as information during the initialization 
process. 

1. T. is obtained in the same way au in Steps IV - 2 
through 10 except that the DUT is bypassed and the 
results in Step IV - 8 = TBE instead of TRec. 

2. The gain of DUT (GOUT) is obtained as follows: 

a.) Connect receiver B.E. to a reference load and 

b.) Connect DUT between B.E. and same reference load. 

c.) Add fixed attenuator to bring V2 deL output to 
within a reasonable region of the dynamic range of 
the B.R. 

d.) Record Vout2 vs. frequency. 

e.) Calculate Gour = added attenuation r 10 log V2 
Vi 

for each freq. of interest. 

4. Read output of V/F = VI (first adjust " IF" attenuator 
for a reasonable dynamic range region of receiver VI. For DUT optimization: 
11.11.) 

5. Turn on noise diode ( TTL noise diode drive = 1). 

6. Reed output of V/F = V2. 

7. Calculate y factor = V2 
Vi 

8. Calculate TRec = Tx - YTn for this particular freq. 
y - 1 

9. Increment YIG oscillator (= L.0.) from predetermined 
steps. 

1. a.) Program computer to change Io. 

b.) Run test data IV - 2 through 10. 

c.) Compare with previous run. 

d.) Repeat for optimum performance. 

2. a.) Program computer to change Vo. 

b.) Repeat Steps VI - 1-b through 1-d. 

3. During Runs 1 end 2 compare Gour vs. freq. as well as 
noise temps. vs. freq. 

10. Repeat Steps 2 through 9 for 50 frequencies in 20 MHz 
increments. 4. Compromise minimum noise temp. and optimum flatness and 

gain of DUT. 

11. Calculate TOUT for each freq. = Ts.. - Toc 
Gout 
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5. If provisions are made for external tuning of DUT, 

g.- L • 

loo +ROB, 



The independence of the distortion functions of the inputs 

can be used to advantage in a unique AGC circuit. In a 

conventional diode DBM, reduction of the LO level results in 

drastic reduction of the third order input intercept point. This 

degradation in performance does not occur with the new mixer. 

Hence, we can reduce the gain of the mixer without affecting 

impedances or other parameters. Figure J shows a system with a 

PIN diode attenuator interposed between the local oscillator and 

the mixer input. If the attenuator were on the RF or IF side, 

noise and distortion performance would suffer. The performance 

of the circuit in Figure J is limited by the mixer and thé IF 

amplifier. The amplifier can be designed for fixed gain, for 

instance using feedback. This allows higher performance than 

could be achieved with a voltage controlled amplifier. 

PHASE COMPARISON 

The low DC offset of the mixer suits it to use as a phase 

comparator. If used with a sine wave phase reference, the mixer 

can be used to lock onto low level signals with greatly reduced 

risk of harmonic locking due to its low distortion. In 

synthesis applications, the reduced levels of harmonics enables 

spectral purity to be achieved with less filtering. 

CONCLUSION 

We have introduced Bertronics' new mixer technology. The 

dissipative mixer should be considered as a new component in 

order to exploit its advantages for high performance system 

design. It offers a degree of linearity to RF and Microwave 

designs which was previously available only below 1MHz. 
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VII. 

repeat Steps 1 through 4 above for each change in 
tuning until optimum performance is achieved. 

A sample plot of an optimized receiver is shown in 

Figure 12. Gain vs. frequency and noise temp. vs. frequency 

are plotted. This receiver was tested while operating at 

room temperature.( 7> 

Other less sophisticated programs are included. A 

system temperature measuring technique is for a more rapid 

measurement. As long as Tsz is known and the gain of the 

device under test is obtained ( from e.g., a swept amplitude 

network analyzer), the TDUT can be calculated readily. In 

many cases the Tee contribution may be negligible and hence 

the TDUT approaches the value of Tsys. The hot and cold 

levels used during the Tzyz testing can be those used in the 

more sophisticated testing or can be a standard 77.3°K cold 

load and a standard room temperature load with a 

thermometer. 

CONCLUSION 

The system allows for relatively rapid testing end plotting of 

various noise temperatures vs. frequency. It saves countless hours 

in the optimization of an amplifier. 

Figure 13 shows a plot of a typical cryogenically cooled GaAsFET 

amplifier system temperature vs. frequency. This test can be made 
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in less than five minutes using the computer- aided automatic noise 

temperature instrumentation 

would require a substantial 

The ISAAC 91-A interface 

the test facility. 

system.( 9 ) The conventional method 

increase in testing and computing time. 

system minimizes the time for developing 
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Beer-troalkical Model MF'13 5 0 
Preliminary Preliminary Preliminary Preliminary Preliminary 

Double 13getlekricleeci béljixesx-

FEATURES 
o Wide Bandwidth 
o High Power Capability 
o Low Distortion 

Pin 2 - Port 3 
3 2 1 Pin 3 - Port 3 

4 12 Pin 5 - Substrate and Case 
5 11 Pin 6 - Bias 
6 10 Pin 7 - Port 1 input 
7 8 9 Pin 8 - Bias 

Pin 11 - Port 2 
Top View Pin 12 - Port 2 

MAXIMUM RATINGS ( Voltages relative port 3 common mode voltage) 
Bias Terminals -40 V 
Port 1 Voltage +10 V Peak AC ( AC coupled) 
Port 2 Voltage +20 V 
Port 2 Current +100 mA 
Port 3 Voltage +20 V 
Port 3 Current +100 mA 
Power Dissipation @ 250C 2 Watts 

Derate Above 250C 16 mW/OC 

OPERATING CHARACTERISTICS (. 5-500MHz) 
Port 1 Capacitance: 5 pF 
Port 2, 3 VSWR @ 50 Ohms ( Port 1=0V) 1.5 
Isolation, Port 2 to Port 1: 40 dB 
Isolation, Port 2 to Port 3: 30 dB 
Isolation, Port 1 to Port 3: 40 dB 
Transmission Constant T .8 

I3=T*V1*V2/Z3/(VBIAS-2.5V) 
Two-Tone Third Order Input Intercept Point: 

Port 2 or Port 3 @ 30MHz +39dBm 
Port 1 @ 30MHz 25 VRMS 

Current, Bias Pins 10 uA 
Current, Port 3 Pins to case 10 uA 

Specifications apply with Bias pins @ -20V and case @ + 10V 

Figure C. 

Figure A. Bridge Attenuator 

Figure B. Bridge Attenuator with low impedance port 

(10nurleuritti 

Figure D. Distortion Model 
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SYMBOL GLOSSARY 

Symbol 

DUT 

GOUT 

IF 

LN2 

L.O. 

Rec. et 

TA 

Tc 

To 

To  

Ti 

Titc 

V/F 

Voutl 

Vout2 

Y Factor 

Explanation  

Device Under Test 

Gain of Device Under Test 

Intermediate Frequency 

Liquid Nitrogen 

Local Oscillator 

Receiver Back End 

Ambient Temperature 

Cold Load Temperature 

Dewar Temperature at 16°K 
Station 

Noise Contribution of DUT 

Hot Load Temperature 

Noise Contribution of 
Total System 

Voltage to Frequency 
Converter 

Square Law Detected 
Output when Rec. is 
connected to Tc 

Square Law Detected 
Output when Rec. is 
connected to Ti 

Ratio of Voutt 
Vouti 
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Voltage- Temperature Characteristics 
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Adios Analog - Digital Input Output System for Apple 
Computer - G. Weinreb & S. Weinreb. 
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Figure E. Trans impedance Amplifieru 
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Figure H. Baseband Amplifier 
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Figure F. Mixer with conversion gain 
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Figure I. Opamp Baseband Amplifier 

Figure J. Mixer with AGC 
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FIGURE DESCRIPTION 

1 

2 

3 

Picture of Radio Telescope 

Block Diagram Back End 

Block Diagram Control & Data 
Acquisition System 

4 Flow Chart Tsys Program 

5 Flow Chart Noise Temp. Program 

6 Test Dewar - Top View 

7 Test Dewar - With Refrigerator 
Assembly 

e Receiver Rack 

Receiver, Peripheral Rack, and 
Test Dewar 

10 Receiver with Computer and 
Interface 

Directional Coupler, J Line, 
and Noise Diode 

Sample Plot Gain & Noise 
Temp. vs. Freq. 

Plot of Cooled Receiver Noise 
Temp. vs. Freq. 
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THE TACTICAL MINIATURE CRYSTAL OSCILLATOR ( TMXO) 

T.S. Payne and R.E. Lowell 
Piezo Technology, Inc. 

Orlando, FL 

The Tactical Miniature Crystal Oscillator ( TMX0), Figure 1, is a high— 

performance frequency standard intended for use in a wide range of advanced 

military communications, navigation, and position—determining systems. Key 

advantages of the TMXO are: 

Low Power 150 mW typical at 25°C 
250 sW max. (-55 to +75 °C) 

Small Size — 1.25 in. diameter x 1.55 in. height 

Low Weight 1.75 oz. max. 

Fast Warm—Up 4 minutes max. ( from —55°C) 

Frequency 
Accuracy — ± 3 x 10-8/yr., all causes 

Standard TMXO frequencies are 10 MHz and 10.23 MHz. 

While the TMX0 is an ovenized crystal oscillator, it uses a radically 

different mechanical design approach to achieve an order of magnitude 

reduction in power and size compared to conventional ovenized oscillators. In 

a conventional oscillator, most of the power required is used by the oven. 

Reduction in power is achieved by more insulation -- and therefore a bigger 

oscillator. 
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This is fine for many applications, but it does not fit the tactical military 

environment. 

The TMX0 takes a different approach. First, the size of the electronics 

package is minimized by hybridization. The small size makes it easier to 

reduce the heat loss. A special ceramic package for the cyrstal resonator 

gives additional size reduction. Second, a high degree of thermal insulation 

is provided by an evacuated enclosure. The TMX0 is the first production 

oscillator to use this technique. 

Motivated by projected tactical requirements, the present MIXO was 

developed at Bendix Communications Division under sponsorship of the U.S. Army 

Electronic Research and Development Command (now the Laboratory Command) in a 

series of contracts which began in 1971 11,21. Concurrently, its unique 

ceramic flatpack crystal resonator was under development at General Electric, 

also under ERADCOM sponsorship 13]. In March, 1985, PTI obtained a commercial 

license from Bendix for the TMX0, and undertook to manufacture both it and its 

ceramic—packaged crystal. The first PTI—made .TMX0 was delivered less than 

fifteen months later. In this paper, we shall describe the TMXO as currently 

manufactured: then we shall briefly discuss the Improved TMX0 ( IMO), which 

is being developed under LABCOM sponsorship. 
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Applications Mechanical and Thermal Design  

The TMED is unequalled in providing a precise frequency reference The mechanical design of the TMED sets it apart from other ovenized 

requiring only a modest input power. This combination makes it well-suited oscillators. Figure 2 shows the most significant aspects of the overall 

for certain battery-powered applications -- for example, a portable time 

transfer unit which can be synchronized from a reference clock ( which might 

get its time reference from a CPS receiver), and which is used to set the 

clock of a remote system. 

In a somewhat different application, the TMX0 has been integrated into an 

existing cockpit environment, where size and weight are extremely important 

and where, in addition, the TNXO's high stability and fast warm-up are 

essential to the mission requirement. 

In a third application, developed by LABCOM, the TMED is used in 

conjunction with a rubidium secondary frequency standard. Its long-term 

stability is on the order of 1 x 10-11 per month, while the TMXO's is 

typically 1 x 10-1° per day, but the rubidium's power consumption is 10 to 20 

watts. In one version, the rubidium is energized from time to time -- perhaps 

once a week or once a month. The THEO is then set to the rubidium frequency, 

and the rubidium is turned off until the next week or month. This allowe even 

better long-term accuracy than the TMX0 on its own provides, without the power 

penalty of the rubidium. In other versions, the rubidium standard is 

installed in a separate equipment and is used to re-set a number of TMXO's. 

assembly. Except for an optional output buffer, all of the electronics is 

realized by a thick-film hybrid contained in a hermetically sealed ceramic and 

metal octagonal package, measuring about 1 inch from flat to flat. An SC-cut 

quartz crystal resonator in a smaller ceramic flatpack, also octagonal, is 

vacuum-soldered to the underside of the hybrid, and connected by welded gold 

ribbons. 

This assembly is supported on 6 stiff Inconel wires which extend from the 

ceramic vacuum header and provide the input/output connections to the hybrid. 

The output buffer, if used, is located on the bottom, exterior face of this 

header. Lateral support of the crystal/hybrid assembly is provided by 4 

polyimide bumpers which press against the inside wall of the outer enclosure. 

The entire assembly is evacuated to eliminate convective heat transfer. 

Thermal radiation is made negligible by use of a cup-shaped thermal baffle or 

heat shield which prevents the outer case from "seeing" the hybrid/crystal 

assembly. As a further measure, the shield, and the inner wall of the outer 

case are electro-polished and gold-plated for low thermal emissivity. As a 

consequence of these measures, almost all heat loes is due to conduction along 

the Inconel wires and the polyimide bumpers. For the former, the thermal 

resistance is approximately 900 K/W; for the latter, an exact figure is not 
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easily calculated, due to small but highly significant dimensional uncertain-

ties; however, the Inconel wires are the primary heat transfer path. 

In order that gaseous heat conduction be negligible, pressure in the TMX0 

must remain below 10-3 to 10-4 Torr. This is assured by a number of process-

ing steps. First, the hybrid and crystal packages are tested for hermeticity. 

Second, they are joined by reflow soldering in vacuum to eliminate trapped 

gas, which could, over time, leak into the THX0 cavity causing an increase in 

pressure. Third, all components are cleaned in an elaborate series of 

procedures. In the last stage before seal, the THXD is outgassed in a vacuum-

bake cycle. In this process, the TMX0 is evacuated via its tubulation to a 

pressure of about 10-8 Torr while being maintained at a temperature of 150% 

with a wrap-around heater and proportional controller. 

In addition to these measures, the WO contains a non-evaporable, 

refirable getter located just above the vacuum header. The getter's purpose 

is to adsorb any gases liberated after seal. The getter is activated by an 

initial firing just prior to seal. During firing, the getter reaches tempera-

tures up to 800°C. A heat shield between it and the header protects the 

latter, while the crystal and hybrid are protected by their heat shield. 

Hydrogen is liberated by the getter during activation, and pumping continues 

until this is completely removed. Finally, the OFHC tubulation is pinched 

off, completing the sealing cycle. All of the assembly processes are carried 

out under clean room conditions. In addition, a number of procedures are used 

to control materials and components used, and are just as important as the 

steps described. 

Electrical Design  

Principal electrical functions are the oscillator, the voltage regulator, 

the temperature controller and heater, and the optional output buffer. The 

circuit designs used are for the most part fairly conventional and will be 

only briefly described. 

As noted earlier, all circuitry except the optional buffer is contained 

in the hybrid circuit module. The buffer, when used, is mounted on the 

outside face of the ceramic vacuum header. 

Figure 3 shows the circuit of the oscillator and its voltage regulator. 

The regulator portion of Ul, an UMIO, and Q9 make up the voltage regulator. 

In describing the oscillator, the standard operating frequency of 10 MHz 

will be assumed. The oscillator sustaining circuit contains 2 stages of gain, 

Ql and Q4. The first stage, 01, drives the pi-section filter consisting of 

C2, Cl, C13, and Ll. The crystal unit has a number of resonances, or modes. 

The filter must select the one which is wanted and reject the others. Thus it 

must pees the 3rd overtone C-mode frequency of 10 MHz while adequately sup-

pressing the 3rd overtone B-mode which is about 9% higher in frequency. In 
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addition, it rejects fundamental and fifth overtone mdes. At the 3rd over-

tone C-mode, the phase shift through the filter is 180. 

The second stage, Q4, drives the limiter, which consists of Schottky 

diodes 03 and 04. The limiter feeds back to the base of QI to close the loop. 

The crystal unit is in the emitter of Ql. Away from resonance, emitter 

degeneration reduces the first stage gain, so that the loop gain is less than 

unity. At 10 MHz the series combination of the crystal, blocking capacitor 

C12, varactor DI, and the load capacitor is resonant, thus determining the 

frequency of oscillation. The value of the load capacitor is set by grounding 

some or all of the "Frequency Adjust" points. Varactor D1 slims external 

frequency adjustment of at least t 1 z 10-7. Oscillator output is taken from 

Q8. The resistor R22 and blocking capacitor C12 prevent the occurrence of a 

d-c bias across the crystal unit. This is required because the resonant 

frequency of SC-cut crystals is sensitive to d-c bias, and because a d-c bias 

can cause frequency aging due to diffusion of electrode metal into the quartz 

body of the resonator. 

A current-efficient bias network is used to keep the power dissipation 

low. D5 is a constant current diode which controls the bias current. D3 and 

04 are forward biased, their current ratio being set by resistors R5, RI9, and 

R9. The same current is used to set the operating points of oscillator 

circuit transistors QI, Q8, and Q3, and transistor Q7 in the temperature 

control circuit. 

The temperature controller schematic, shown in Figure 4, is a con-

ventional proportional controller with added power limiting. Temperature is 

sensed by a glass bead thermistor in a Wheatstone bridge arrangement. Bridge 

arm resistance is 51K ohms. The unit is set to the crystal's turnover 

temperature by selecting the value of the thermistor and an external resistor. 

Q6 is the heater transistor. Cain is provided by the operational amplifier 

portion of Ul. Heater current is sensed as the voltage across R16. The 

voltage across R21 is proportional to the heater voltage. The sum of these 

voltages is used to maintain constant warm-up power for a range of supply 

voltages by setting the base voltage of Q7. When the circuit is first 

energized, thermistor RT1 is very high in resistance, unbalancing the bridge 

and driving the current through the heater to a high value. Q7 is therefore 

turned on, limiting the heater current to approximately 1.5 amp and the rate 

of temperature change to about 2./sec. As final oven temperature is 

approached, the thermistor resistance drops rapidly, which acte to reduce the 

heater current. The base voltage of Q7 drops, and it cuts off. The bridge 

comes almost to balance, regulating the heater current to the value required 

to maintain a stable operating temperature. 
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Hybrid Circuit Module  

Figure 5 shows a completed hybrid circuit module prior to seal. The 

package is a custom design consisting of a multilayer ceramic base to which a 

Rover eidewall is brazed. Connections to the hybrid are via " through" metal-

lization of the ceramic base, terminating at exterior castellations. Pins are 

brazed to 6 of these. During final assembly, the Inconel support wires will 

be welded to the pins. The lower surface of the enclosure is metallized to 

permit subsequent attachment of the resonator package by solder reflow. 

The octagonal shape of the hybrid permits linear parallel seam sealing 

using a stepped Rover lid, while providing the maximum substrate area. To 

four side walls are brazed small turrets which hold the polyimide bumpers. 

A beryllia heat spreader is bonded to the floor of the hybrid package. 

The heater transistor is eutectically bonded to a central, metallized pad. 

This transistor is used to heat the entire hybrid/crystal subassembly; the 

function of the heat spreader is to reduce lateral thermal gradients in the 

subassembly. 

The hybrid substrate is epoxy-bonded to the top surface of the heat 

spreader. Both the heat spreader and the hybrid substrate are octagonal, but 

the latter has a central hole to accommodate the heater transistor. Substrate 

material is 94% alumina. Metallization is thick film gold; screened-on 

resistors use standard, ruthenium-based inks. Chip devices are epoxy-bonded 

to the substrate; connections are made by thermoeonic gold ball bonding. 

Input/output connections are also wire bonded. 

Crystal Resonator 

The crystal unit is a 3rd overtone SC-cut quartz resonator in a special 

ceramic flatpack. Figure 6 shows the resonator in its package prior to 

sealing. The package consists of a ceramic frame and two ceramic covers, not 

shown. Mounts are brazed onto metallized pads, and support the plano-convex 

blank at four points. The lowest mechanical resonance is above 2 kHz. Gold 

electrodes are used. External connection is achieved via co-fired through 

metallization. Sealing surfaces are metallized and gold plated. Gold gaskets 

are used between covers and frame. The package is sealed by thermo-compres-

sion bonding. 

The SC-cut is chosen for several reasons. First, in the vicinity of 

turnover, the frequency ve. temperature curve of the SC-cut is much flatter 

than that of AT- or BT-cut crystals, reducing the oven temperature control 

requirements. Second, very fast warm-up can be achieved due to the SC-cut's 

insensitivity to thermal gradients. Third, the stress compensation inherent 

in the SC-cut reduces acceleration sensitivity. 

Low aging is obtained by a combination of measures. Electrodes are gold. 

Mounts are designed for minimum stress. Stringent cleaning procedures are 
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TO = 13 DEG K 
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employed throughout resonator processing. An extensive vacuum bake is used Power Consumption. The maximum specified input power, after warm-up, is 

prior to seal to outgas all resonator components. Figure 7 gives the aging 250 milliwats, excluding power required for the optional output buffer. 

results for one of the first TMX0 resonators fabricated at PTI. The rate at Figure 8 shows typical values measured over the operating temperature range. 

day 30 is less than 1 x 10-1°/day. 

Performance Data  

The complete TMX0 specification includes a long list of detailed require-

ments. We wish to discuss the most important of these. 

Warm-Up Time. An Important feature for many applications is fast 

warm-up. The TMX0 has a specified warm-up time, from an ambient temperature 

of -55°C, of 4 minutes. Table 1 shows the measured warm-up time for 4 units. 

Table 1 

Warm-Up Time ( from -55°C) 

The buffer power requirement depends upon the output required, but is 

typically 50 mW or less. 

Frequency vs. Temperature. The total frequency error budget includes 

half-a-dozen items, of which this parameter, and long-term aging, are the two 

largest components. A variation of k 5 x 10'9 is allowed over the operating 

temperature range. Figure 9 shows a variation of +0.1, -2.0 x 10'9, indicat-

ing that the oven temperature has been correctly set very nearly to the 

crystal's upper turnover point. 

Aging. The maximum specified aging rate is 2 x 10'1° per day after 30 

days continuous operation. Figure 10 shows frequency change for the first 21 

days for TMX0 No. 10. The aging rate for days 10 to 21 is already slightly 

better than the specified value at day 30. 

Unit Time Phase Noise. Figure 11 compares the measured SSB phase noise density, 

No. (Minutes) ;cm, with the specification. It should be noted that measurements are 

10 1.9 exclusive of the output buffer. In some instances, degradation may occur when 

15 3.0 logic-level buffers are used. 

18 2.4 

24 2.4 
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APPENDIX : HAMMES SPECIFICATIONS Slimly Output Subsystem ( cont.) 

Communications: STROBE, GATE, CLEAR TO SEND 
Communications fan out: 4 standard TTL loads 

(20 LS TTL loads) 

All specifications typical 81 23 °C. Schmitt Trigger Subsystem 

Storage temperature: 0-70°C. 
Operating temperature: 10-40 °C ( 30 min. warm up) 

Response time: 5 microseconds 
Hysteresis: 20 millivolts 

A/D Subsystem Gaunter Device (Channels 0-6) 

Resolution: 12 bit (. 023%) 
Channel acre.' ' ' on time: 100 microseconds 
AID conversion time: 23 microseconds 
Accuracy: +/-. 05% of full scale 
Differential nonlinearity: +/- . 025% of full scale 
Temperature coefficient: +/- 75ppm/ °C 
Common mode rejection ( differential mode): 70 dB 
Input bias current: +/- 100 nanoAmps 
Input impedence: < 100 picofarads 

> 100 megohms 

D/A Subsystem 

Resolution: 12 bit (. 023%) 
Capacitive load: < 1000 picofarads 
Accuracy: +/- . 05% of full scale 
Differential nonlinearlty: +/- . 025% of full scale 
Output current: +/- 5 milliamperes 
Overshoot: < 211 of full scale 
Temperature coefficient: +/- 5Oppm/°C 
Settling time: < 5 microseconds ( to < Z% of full 

scale) 

Binary Input Subsystem 

Input port: 16 bit 
Inputsignal: (high). 2 Volts/40 mirroampeies 

(low) + 0.8 Volts/0.9 micrompeteS 
Communications: STROBE, HOLD, and CLEAR TO SEND 

Binary Output Subsystem 

Output port: 16 bit 
Fan out: 4 standard TTL loads ( 50 LS TTL loads) 
Output signal: ( high) • 3.1 Volts/2.6 milliamperes 

(low) + 0.5 Volts/20 milliamperes 
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Input signal: (high) + 2 Volts/20 microamperes 
(low) + 0.8 Volts/400 microamperes 

Maximum count frequency: 10 megahertz ( 30% duty cycle) 
Minimum count frequency: DC 

Counter Device (Channel 7) 

Maximum input voltage: 30 Volts (DC + peak AC) 
Sensitivity: 100 millivolts RMS 
Maximum count frequency: 2 megaHerts ( 50% duty cycle) 
Minimum count frequency: 0.5 Hertz ( sine wave) 

Time Subsystem 

Accuracy: ( dependent on Apple CPU clock) 
Resolution: 1 millisecond 
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Short-Term Stability. The short-term stability is shown in Figure 12, 

which plots the Allan variance, C(r), between 0.1 and 10 sec., and is well 

within specification. 

Improvement Program  

Notwithstanding the unequalled combination of low power, frequency 

accuracy, and size offered by the TMX0, further improvements are needed for a 

number of applications. Although not all of the following are needed in each 

instance, these areas have been targeted: 

Phase Noise 

Acceleration/Vibration Sensitivity 

Nuclear Survivability 

Manufacturing Cost 

Work in these areas are being carried out under LABCOM sponsorship of an 

Improved TMX0 ( ITMX0). This 36 month program is still in its initial stage. 

Tasks concern circuit design and hybrid construction, crystal unit design and 

processing, and overall mechanical design. 

523 

Conclusion  

The present TMX0 and its unique ceramic flatpack crystal are the result 

of many years of development by the U.S. Army and its contractors. Previ-

ously, there has been no merchant source for the crystal, which is essential 

to the success of the TMX0. Now, for the first time, the DM and its 

resonator are being manufactured in a single facility and sold commercially. 
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TEMPERATURE COMPENSATION CIRCUIT FOR SPACE DATA 

TRANSMITTERS 

S. PAL, V.S. RAO, N.U.M. RAO, B. PICHAIAH, 

S. K. SAINI, A. BHASKARANARAYANA 

COMMUNICATION SYSTEMS DIVISION 
ISRO SATELLITE CENTRE, AIRPORT ROAD 

BANGALORE-560 017 - INDIA 

ABSTRACT 

Temperature compensation for data transmitters 

used in spacecraft is a long felt requirement to maintain 

a constant equivalent isotropic radiated power. Presented 

in this paper is a simple and efficient technique which 

incorporates an automatic gain adjusting circuit associa-

ted with temperature sensitive components. The advanta-

ges over other types of schemes are explained. The 

application of this scheme in explained with the help 

of an X-band data transmitter qualified for on-board 

use in the Indian Remote Sensing Satellite. 

525 

INTRODUCTIO Ni 

The design of systems for space applications 

calls for best efficiency, as DC power is precious for 

spacecraft, while avoiding thermal stress an components 

to ensure reliable operation over the wide temperature 

ranges. 

Efficiency and reliability are two vital parameters 

for a space system design. No compromize an reliability 

is possible in space system design as no scope exists after 

launching a spacecraft into orbit for repair or replacement 

of a system. Usage of 100% screened and tested components 

with proper derating will ensure that components are 

reliable and that circuits are designed to avoid additional 

stress on the components over the severe environment 

change, as quite a few parameters will vary with tempe-

rature. Temperature effects accumulated over all the 

stages of the system result in unwanted effects in alarming 

proportion and may even lead to failure of the system. 

In an amplifier chain, for example, the drive 

requirements of an amplifier stage change with temperature, 

as base emitter voltage ( Vbe) and current gain ( B) of a 

transistor change. At low temperatures the amplifier may 

not have sufficient drive to give required output and at 
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high temperature the transistor may be driven into hard 

saturation resulting in poor efficiency with over dissi-

pation. 

In a data transmitter the level at the input of 

a power amplifier, viz. TWTA, should remain constant 

over the temperature range to avoid phase shift changes. To some extent, variation in the passive 

Power variation in each stage of a transmitter has to be component values and their effect on gain and power 

fairly constant over the full temperature range and no 

transistor or diode dissipates.more power than the 

designed value, even at extreme temperatures. This 

calls for maintaining the variation in each stage 

minimized to overcome unwanted effect. This can be 

achieved by incorporating temperature compensation 

within limits. 

output can be estimated from the available data and 

can be taken care of in the design by providing wider 

techniques, band widths. 

COMPENSATION TECHNIQUES FOR THE DESIGN OF A TRANSMITTER' 

The basic transmitter to transmit data from 

spacecraft uses RF amplifiers, frequency multipliers to 

generate microwave signals from the basic crystal 

oscillator used as a high stability frequency source, 

a modulator to enable the microwave carrier to carry the 

data, and final power amf.lifiers such as TWTA to boost 

the modulated microwave signal to a sufficient level 

so the antenna can radiate enough power to enable the 

ground system to capture the signal to get the data. 

A typical transmitter schematic is shown in the Fig.1. 

All stages of the transmitter have to be designed 

in such a way that the level at the input of TWTA remains 
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To reduce the power and gain variations resulting 

from various parameter changes due to temperature varia-

tion, many methods are available and their merits are 

discussed in the following paragraphs. 

TEMPERATURE COMPENSATION IN FREQUENCY MULTIPLIERS* 

The variation of the power output in frequency 

multipliers using step recovery diodes can be minimized 

by compensating for the change of lifetime of the SRD. 

The bias is directly proportional to the diode lifetime. 

The rate of change of SRD's lifetime is 4.0.5% to 0.7% 

per oC ( 1). This is closely matched by the rate of 

resistance change of a silicon resistor ( sensitor). 

111•11 limal MOO MI IBM 1g ki.al 



FIGURE 5. Hybrid Circuit Module Prior to Sealing 
FIGURE 6. SC-Cut Resonator Mounted in Its Ceramic 

Flatpack. Not shown are ceramic top and 
bottom covers. 
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The multiplier can be temperature compensated simply by 

using a sensistor to develop the bias voltage, instead 

of a resistor. This 

the output variation within 1 dB over a fairly wide 

temperature range. 

type of simple compensation maintains 

For further compensation, the power output of the 

driver amplifier ( at input frequency) should be varied to 

compensate for the variation in the conversion loss of 

the multiplier with temperature by adjusting the gain 

of the preceeding stages, using temperature sensitive 

components in the bias/supply circuitry of the driver 

amplifier. 

TEMPERATURE COMPENSATION IN AMPLIFIERS: 

A simple and coarse method to restrict the output 

variation in an amplifier to some extent is to add a 

resistor in series to the supply voltage. This method 

is inefficient and also inaccurate. 

The commonly used technique is to operate the 

power amplifier 

into saturation 

result in equal 

stages in Class C and to drive them fully 

where decrease in input level will not 

reduction in output level. The collector 

efficiency is reduced as the transistors are operated in the 

gain compression region. This carries the disadvantages 

explained earlier and cannot take care of the variation 

of preceeding stages totally or the variation of succeeding 

stages. 

Another technique is to use temperature sensitive 

components like thermistors in the bias network of Class A 

stages. This cannot take care of the variation of other 

stages. 

Since efficiency is the prime consideration for 

space systems, there is a need to look at other methods, 

such as the leveling loop approach, which is complex. 

The standard leveling loops control the gain of 

the preceeding Class A stages by sensing output power 

level. Another way is to use an variable attenuator like 

a PIN diode attenuator to keep the output level at 

constant value by varying the attenuation automatically 

depending on output level. 

The basic circuit schematics to provide autoleveling 

are shown in Fig,2. The necessary circuit elements include 

a directional coupler, detector, feedback amplifier and a 

PIN diode attenuator in the second approach. The directional 

coupler samples the RF output signal which is converted to a 
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proportionate DC signal which is amplified by the feedback 

amplifier, the output of which controls the bias current 

of the transistors to adjust the gain or the bias current 

through the attenuator diode to adjust the attenuation to 

keep the output constant. This type of leveling loop 

technique to keep the output constant by controling the 

gain or attenuation at low power level, maintains efficiency 

of the transmitter. 

Another simple leveling loop technique ( 2) which 

maintains both efficiency and output of cascaded amplifier 

stages uses the voltage drop across a resistor connected 

in series with the collector bias network of the output 

transistor to control the gain of the preceeding Class A 

amplifier stage. 

Power output and efficiency of the amplifier using 

this simple leveling loop are nearly flat against variations 

of temperature and input drive level. This approach cannot 

take care of the variations of succeeding stages. 

This disadvantage can be overcome by incorporating 

a temperature sensitive resistor, viz, thermistor, to drive 

the reference voltage. The schematic of the amplifier 

circuit used to maintain the output of the final multiplier 

(i.e. at the input of the TWA shown in Fig.1) is shown in 

Fig.3. 

The cascaded amplifier section consists of one 

Class A amplifier driving the Class C amplifier stage. 

The voltage generated across resistor R1 connected in 

series to the collector supply of 02, is compared with 

the reference level generated by the resistors and 

thermistor network by a PNP transistor ( Q3). As the 

collector current of Q2 changes, the bias voltage 

supplied to 01 by the comparator/feedback amplifier 03 

changes, resulting in a change in the gain of the Class A 

amplifier Qi and thereby the drive level to 02 which 

brings the collector current of Q2 back to the initial 

value. Since output power is nearly proportional to 

collector current, the output level remains constant. 

Any change in the drive bbtained from proceeding 

stages tries to change the current in 02 and the loop 

adjusts the gain of Q1 to maintain the current in 42, 

thereby keeping the output level constant. The PNP 

transistor Q4 connected as a diode in the bias circuit of 

Q3 compensates for the changes in the emitter base 

junction of the transistor Q3 over the temperature range. 

The output power can be adjusted by changing the 

reference voltage at the base of Q3. The thermistor 

network is designed in such a way that the change in the 

reference voltage due to temperature variation adjusts the 

output power of the amplifier to compensate the power 
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change in the succeeding stages. The temperature 

compensation network can be selected 

power variation in succeeding stages 

this can be estimated practically. 

easily if the 

is known, else 

DESIGN UP THE COMPENSATING NETWORKS IN TRANSMITTERS 

In a transmitter like the one shown in Pig.1 

it is found that temperature compensation of the SRD 

frequency multipliers and the two stage amplifier pre-

ceeding the final multiplier, by incorporating the 

autoleveling loop associated with the thermistor network, 

is adequate to keep the power level at the input of the 

TWTA constant. 

The first frequency multiplier can be of the 

order of 2 or 3 using a transistor, as the basic crystal 

oscillator frequency will be below 100 MHz. The following 

amplifiers also need not have any special compensation 

network and even need not be operated in hard saturation. 

The variation will be taken care of by the autoleveled 

amplifier following the second frequency multiplier. 

In the frequency multiplier that uses SRDs, usage of 

a silicon resistor as the biasing resistor nearly compen-

sates for the changes caused by lifetime variation 

with temperature. In spite of this compensation, power 

loss variation will be on the order of 1 dB over a - 20 0C 

to 4.60°C temperature range. This variation has to be 

taken care of by the proposed compensated leveling loop. 

The compensated leveling loop should be designed to take 

care of the variation in input level in various preceeding 

stages caused by the wide environment change and the 

loss variation in the succeeding stages. The current 

sensing resistor RI should be selected to be a low value 

(less than 10 ohms) as higher values drop supply voltage 

to the transistor, thereby reducing the available gain 

and power. 

The Class C amplifier should be designed to have 

a higher compression point, i.e. to give higher power 

output at room temperature than normally required. In the 

potential divider network at the base of (:)2 a potentiometer 

P2 is used in place of the thermistor network ( R3, R4 & R5). 

Resistor R6 is to limit the base current and in turn the 

collector current of the Class A amplifier ( Up. This 

value is to be adjusted to limit the collector current 

within a safe limit when no input is fed and to be the 

normal operating current with drive at room temperature. 

It should be noted here that the collector current 

of the Class A amplifier will be maximum at no drive 

condition. To be on the safe side a high value can be 
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choosen for R6 to start with which can be reduced 

after adjusting the reference voltage for the required 

output. 

With normal expected drive to 01, the reference 

voltage at the base of 42 can be adjusted with the help 

of potentiometers p1 and P2 to get the required output 

from the Class C amplifier. The AUC action can be 

checked by varying the input level. To get a 

range for AGC action, if necessary the P1 and 

combination may be readjusted by chanaing R1, 

for the change in output level of at least .1 1 dB 

variation which will be higher than the expected variation 

in loss in the succeeding stages, by varying the 

potentiometer P2' 

wider 

P2 

Check 

If the lose of the multiplier and modulator at 

different temperatures is known, the output of the amplifier 

chain required to maintain the output of the modulator can be 

estimated and the corresponding P2 values can be measured. 

If the variation is not known, or for greater accuracy 

the whole transmitter up to the modulator can be kept in 

hot and cold simulation chambers by bringing the potentio-

meter p2  The value of 2 P2 needed to keep the 

output level constant should be measured at different 

temperatures. A thermistor, resistor combination can be 
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worked out to closely follow the resistance values 

required at different temperatures. 

By using MSC 80064 and MSC 3000 transistors for 

Class A and Class C amplifiers, an amplifier chain is 

designed at 1.- band to drive an X5 frequency multiplier. 

A compensated leveling loop technique is incorporated 

in the 1.-band amplifier chain. The final power output 

is found to be within ± 0.2 dB over - 30°C to +70 °C 

against - 4 dB input level variation to the amplifier. 

An isolator has to be used at the input of the Class A 

amplifier to take care of the return loss changes. 

CONCLUSIO Ns 

Different types of temperature compensation methods 

that can be used in designing telemetry/data transmitters 

for space application, where it is essential to maintain 

the efficiency of the system by avoiding thermal stress 

on components over the wide environments, are pointed out. 

A simple but more effective compensated auto leveling loop 

that controls the gain of a Class A amplifier stage, 

depending on the current of the final Class C amplifier, 

is presented. The output level is maintained constant 

against variations in the drive level upto ± 4 dB. The 

reference voltage generated by the potential divider 

• • A 
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DESIGN CONSIDERATIONS FOR SAWR OSCILLATORS discribed. Their advantages and disadvantages are discussed along 

How to Specify a SAW Resonator From a Manufacturer 

by 
Katherine L. Feldmann 

Electrical Engineer, Watkins-Johnson Company 
700 Quince Orchard Road 
Gaithersburg, MD 20878 

INTRODUCTION 

There are three different stages in designing an oscillator 

circuit using a SAW device: choosing the correct SAW device for 

the application; specifing the design parameters for the SAW 

device; and incorporating the SAW device into the oscillator 

design. 

The two types of SAW devices used in oscillator designs are 

SAW delay lines and SAW resonators. An oscillator circuit using 

a SAW delay line is capable of being tuned over a frequency range 

of up to 1 MHz. Larger tuning ranges degrade the tuning 

linearity, phase noise and temperature stability of the 

device.[1] An oscillator circuit using a SAW resonator ( SAWR) is 

used for fixed frequency applications. Its tuning range is 

related to the Q of the resonator. Increasing the Q narrows the 

tuning range. SAWR's typically have a Q between 5000 and 

10,000.[2] 

This paper focuses on the specifications for a SAWR device 

and the design parameters for incorporating the SAWR into an 

oscillator circuit. Two different oscillator designs are 

with the problems encountered. 

DESIGN SPECIFICATIONS POR SAW RESONATOR 

To purchase a SAWR from a manufacturer certain 

specifications must be considered. Some of these parameters are 

determined by the manufacturer, others must be specified by you, 

the engineer. Specifications to consider include manufacture's 

tolerance, temperature drift, turnover temperature, aging, center 

frequency, phase shift, insertion loss and spurious rejection. 

An explanation of these characteristics is given along with some 

typical figures. It is important to understand these conditions 

because some of them affect the circuit design. 

CENTER FREQUENCY: Center frequency is the resonant 

frequency of the SAW device. The useful frequency range of a 

SAWR is from 250 Mhz to 1.2 Ghz. There are SAWR's as low as 50 

Mhz, but the physical size of the package is large and therefore 

expensive.[3] The upper end of the SAWR range is limited by the 

photolithographic processes. Greater resolution is required for 

higher frequencies.[4] 

Some circuit configurations will not operate very close to 

the SA1111' s center frequency. For this reason, it may be 

necessary to specify the center frequency at some offset from the 

operating frequency. SAW oscillator design # 1 on page 11 is an 

example of this type of circuit. 
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consisting of a thermistor network is automatically 

varied to adjust the output level to compensate the 

power variation in succeeding stages. An X- band data 

transmitter designed with this type of temperature 

compensated leveling loop gave good results and was found 

to be very useful for space applications. It is found 

that a compensated leveling loop in the final amplifier 

chain preceeding the last multiplier is ac>guate to take 

care of all the variations caused by temperature change. 
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MANUFACTURER'S TOLERANCE: The manufacturer's tolerance 

specifies the maximum amount of d.viation from the center 

frequency allowed by the manufacturer. The larger the 

manufacturer's tolerance, the better the yield of acceptable 

devices. A better yield generally means a lower price per 

component. A typical manufacturer's tolerance for a SAWR device 

is 200 ppm (parts per million). 

TEMPERATURE DRIFT: Temperature drift is the total amount of 

frequency deviation from the center frequency over a specified 

temperature range. The amount of drift is determined by the 

temperature coefficient of delay and the turnover temperature. 

Both are related to the type of substrate used to make the device 

and the type of cut performed on the substrate. 

Temperature Coefficient of Delay* Two different substrates 

are commonly used in SAW devices: quartz and lithium niobate. 

The temperature coefficient of delay for ST-X quartz is less 

than 3 ppm/deg C at room temperature. YZ-lithium niobate has 

a temperature coefficient of delay of 85 ppm/deg C. Since ST-

X quartz has a smaller temperature coefficient of delay, it is 

more stable over temperature. Using lithium niobate as a 

substrate may require an oven for temperature stability.[5] 

Turnover Temperature: The turnover temperature is that 

temperature where the frequency deviation is minimal. A graph of 

frequency deviation verses temperature with a turnover 

temperature at +25 deg C ( room temperature) is shown in figure 1. 

The shape of the response is 

parabolic with the turnover 

temperature at the vertex. 

Notice that the frequency 

deviation due to temperature 

is negative.[8] 

For this discussion the Fig. 1 Frequency vs. Temperature  

temperature range of interest will be frcim 0 deg C to + 70 deg C. 

The turnover point of the parabola can be positioned 

anywhere between - 25 deg C and +90 deg C.[7] The placement of 

this turnover point has a large affect on the amount of frequency 

deviation due to temperature. For example, if the turnover 

temperature is at 

+80 deg C, then the 

frequency deviation 

between 0 deg C and 

o 

100 

-200 

+70deg C is nearly -eco 

linear as shown in 

figure 2. As temp-

erature decreases, 

frequency decreases. 

The amount of 

frequency deviation 

—1100 

500 

000 

-10 10 30 50 10 

111,0‘11.&11.01C (doe C) 

00 110 -50 -30 

»»» 

10•••••111•11I CI 

Fig. 2: Turnover Temp at  
+80 deg C  
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TESTING OF NARROWBAND COMMUNICATIONS RECEIVERS - ACSB AND SSB 

by 

Malcolm Levy 
Product Manager 

Racal-Dana Instruments Inc. 
4 Goodyear Street 

Irvine, California 92718 

This paper discusses the effects of adjacent channel, 

reciprocal mixing and intermodulation performance on 

narrowband Amplitude Compandored 

Sideband ( SSB) receivers. A test 

Sideband ( ACSB) or Single 

procedure will be given to 

evaluate this performance and the signal generator 

specifications will be discussed in relation to the above 

tests. 

SPECTRUM EFFICIENCY 

The Commercial Spectrum.  

Over the last few years, the radio frequencies allocated 

to mobile radio have become very congested. Action now has 

to be taken to overcome these problems. In the larger 

metropolitan areas such as Los Angeles there are virtually no 

frequencies available. So what can be done? First of all, 

more frequencies can be released for the mobile radio users 

and this has been done by opening up the 800/900MHz band, 

primarily for cellular radio. Other action needs to be taken 

for such organizations as the police and fire departments, 

who must have secure radio channels. 

The present systems employ FM in 20 KHz channels. This 

modulation system was implemented because of its superior 
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fidelity, better signal to noise performance, and most 

important of all " hands-off operation". Unfortunately, a 

price was paid for this.., spectrum inefficiency. 

A new narrowband technology, for the commercial user, 

employing audio compandored single sideband techniques has 

now been approved. ACSB systems offer communications in a 

bandwidth significantly less than that used in FM systems. 

It can be shown that all the information from the human voice 

can be contained in the frequency range 300 Hz to 3.4 KHz. 

In fact, in SSB systems, intelligibility is still maintained 

with a high frequency cut off at 2.4 KHz. Research in the 
1 

U.S. by Dr. Lusignon and Dr. Fred Cleveland and in the U.K. 
2 

by Professor W. Gosling and Dr. Joe McGeehan, showed that SSB 

could meet the needs of the VHF and UHF land mobile users. 

The FCC is now licensing ACSB radio systems with 5KHz channel 

spacing in an attempt to reduce the congestion. 

Four new ACSB channels can be introduced where one. FM 

channel previously resided. See Figure 1. 

a. F.M. Channel 

TX, 201< Hz 

FM Channel 

Figure I 

b. SSB Scheme 4 Channels 

N NN 
5 10 15 20 

SSB Channels ( KHz 1 



in parts per million due to a specific temperature is calculated 

using equation 1 shown below. 

F ( ppm) = (T-To12 <Equation 1> 
(Tc) e 

where F = Frequency deviation due to temperature in parts per 
million, 

To = Turnover temperature in deg C, 
Tc = Temperature coefficient in deg C2 per parts per 

million [ 8], 
T = Temperature of interest in deg C.[9] 

For the situation shown in figure 2, the maximum amount of 

frequency deviation is 

F ( ppm) ' (70 - 0i2 
(5.45) 

= 165 ppm. 

Notice that the difference between the two extreme 

frequencies is substituted in for the quantity "T-To". This 

substitution is necessary because the turnover temperature is 

outside the desired temperature range. 

The advantage in this example is that the frequency 

deviation is nearly linear with changes in temperature. This 

deviation is easily overcome by using a temperature compensating 

capacitor. 

Now look at the example shown in figure 3. The turnover 

temperature is at +35 deg C which is right in the middle of 

the desired temperature range. As temperature decreases from the 

turnover temperature, frequency decreases. But as temperature 

increases from the turnover temperature, frequency again 

decreases. 

In this example, 

either extreme temp-

erature can be sub-

stituted into equation 

1 for "T" since the two 

turnover temperature is 

exactly in the center 

of the frequency range. 

The temperature de-

viation is 

-100 

-220 

-240 

-200 

-30 -10 10 30 30 70 

113/PC1100.0111 (00, C) 

10 110 -30 

Fig 3: Turnover Temp at  
+35 deg C 

F ( ppm) ' (70 - 1) 2 
(5.45) 

41 ppm. 

The advantage in this example is a low frequency deviation 

which can be handled within the pull range of the circuit. 

AGING: Aging is the amount of frequency deviation from the 

desired frequency over a long period of time ( years). This type 

of frequency change is a logarithmic function of time with most 

of the drift occurring in the first year.[10] For this reason, 

many manufacturers will only specify aging for the first year. A 

typical value for aging is 10 ppm/year maximum for the first 

year. 

PHASE SHIFT: The amount of delay in degrees at the output 
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The Military Soectrum.  

The military have used SSB at HF for many years, as it 

lends itself to better power efficiency, communications 

efficiency, security and reliability. Military systems have 

been developed to give the ultimate performance from both 

transmitter and receiver. Specifications for military 

equipment are more stringent than commercial. For instance, 

adjacent channel transmitters could be using 

of power while most commercial mobile radio 

use only 10 watts. The military receiver, 

as much as 1 KW 

transmitters may 

to handle such 

large signals, needs to have 20 dB better adjacent channel 

performance than the commercial equipment. See Table L. 

Table I 

Minimum FM STO 
As Oefined by RS204C 

TYPICAL FM 
MOBILE SPEC 

MILITARY 
COMMUNICATIONS 
RECEIVER 
2.7KHz B.W. 

ACSB MOBILE 
SPEC 

------, 

Usable Sensitivity 0.5uV .5ii‘f <0.35uV 0.25uV 

Adjacent Channel 
Selectivity >70 dB 73 de >90 dB 80 dB 

Intermodulation 

(In Band) >60 dB 60 dB >60 dB N/S 
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FM v SSB 

Figure 2 shows an FM spectrum of a carrier fc with 5 KHz 

of deviation ( If) and a maximum modulating frequency of 3.5 

KHz. This results in a modulation index of approximately 

1.4. The side frequency pairs can be calculated from Bessel 

functions. By inspection, the majority of the power is 

contained in the first two side frequencies resulting in a 

bandwidth of 14 KHz. 

.2 

.05 

.55 

.5 

.55 

.2 

.05 

re-3fm fe-2frn fc-fm fe fe • fm fe • 2fm fc • 3fm 

fm 3.5 KHz 

- 5 KHz 

M - 1.4 

Fig 2 FM Spectrum of a carrier lc. deviation iàf and maximum modulating frequency fm. 

Figure 3a shows an SSB spectrum. The carrier is reduced 60 

dB below the speech sideband, ( shown as an upper sideband.) 

The lower sideband is also reduced by at least 60 dB, 

resulting in the majority of the spectrum power being 

contained in a 2.2 KHz bandwidth. 

1116.1 16.1a.. 



of the device as referenced to some point ( usually the input of 

he device) is the phase shift for the device. SAW resonators 

are built with either a 0 degrees phase shift or a 180 degrees 

phase shift ( theoretically). 

Phase shift for a SAWR can be specified two different ways. 

It can be specified at the SAW's resonant frequency or at some 

other frequency. The latter case is used when the circuit 

configuration requires a certain amount of phase shift at a 

particular frequency to operate. Then the phase is specified at 

that frequency instead of at the center frequency of the SAWR. 

INSERTION LOSS: Insertion loss is the ratio of input power 

to output power, normally expressed in dB [ 11] and also related 

to Q.[12] If the insertion loss is high, the Q will be low and 

the devi .‘ can be pulled farther from its resonant frequency. 

For a lower insertion loss, the Q will be higher and the device's 

pull ratage will be tighter. Typical insertion losses for SAW 

resonators range from 8 dB to 14 dB depending on the center 

frequency. 

SPURIOUS REJECTION: Spurious rejection is a measurement of 

how far unwanted outputs in the frequency domain are 

suppressed.[ 13] Manufacturers usually avertise a minimum 

spurious rejection of 7 dB to 10 dB. Typical values are around 

12 dB to 16 dB depending on the insertion loss and Q of the 

device.[14] 

SAWR OSCILLATOR DESIGN CONSIDERATIONS 

While designing a SAW resonator ( SAWR) oscillator, several 

considerations should be kept in mind. The most important of 

these considerations is the way a SAWR is matched into a circuit. 

Oscillator stability, tuning range, and active device selection 

are all affected by the input and output matching networks.[15] 

MATCHING IMPEDANCE: The bulk of the design effort is 

focused on the input and output matching elements. The matching 

elements must place the SAWR in the proper impedance environment, 

provide the additional phase shift necessary for oscillation, and 

tune the oscillator to the correct frequency.[18] 

If the input and output matching networks present a low 

impedance to the SAWR device, the loaded 

relatively high, the insertion lose would 

range for the oscillator circuit would be 

insertion loss requires an active device 

Q of the SAWR would be 

be high and the tuning 

quite narrow. The high 

with a high amount of 

gain to sustain oscillation. The high loaded Q causes the SAWR 

device to dominate control of the circuit's frequency whereas 

other oscillator components have little affect. Because of the 

SAWR's tight control, the best possible phase noise performance 

is achieved.[17] 

If the matching networks present a high impedance to the 

SAWR device, the opposite happens. The loaded Q and the 

insertion loss would be relatively low, and the tuning range 
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Figure 3b shows an ACSB spectrum with a slightly greater 

bandwidth due to the 3.1 KHz tone above band ( TAB). Other 

ACSB methods have been proposed with tones in band ( TIB) 

From the above examples, the spectrum efficiency of SSB is 

clear. 

After reducing the bandwidth and implementing 

essentially an AM scheme particular attention must be paid to 

performance. In fact, the same performance as was achieved 

in the FM system should be aimed for. 

Originally adjacent FM channels were geographically 

spaced to reduce the chances of adjacent channel inteference. 

This luxury can no longer be afforded because of spectrum 

congestion. The same will apply to an SSB or ACSB system, 

and with channels only 5 KHz apart particular attention must 

be paid to transmitter and receiver performance. 

a. SSB Spectrum 

dB 

0-
-20-

CO 

USB 

LBS 

b. ACSB Spectrum 

-20-

00 

1300 2500 ( Hz) 

fc 

USB 

LS13 

TAB 

1300 2500 3100 (HZ) 

rC 

Figure 3 

USB- Reference Level 

fc • <-60 dB 

LSB <-60 de 

USB - Reference Level 

TAB • - 10 dB 

fc « <-80 dB 

LS13 •. <-60 dB 
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RECEIVER TESTING 

Emphasis has already been placed on spectrum 

conservation by the use of SSB schemes. Correct alignment of 

the transmitters is, therefore, always paramount. Non-

linearity in an SSB transmitter produces the same effect as 

over-deviation in an FM transmitter gross spectrum 

abuse. Assuming that the transmitters are correctly aligned, 

receiver performance must be assessed with the equivalent of 

a good clean radio transmitter. Consideration must, 

therefore, be given to the signal generator. A phase noise 

spec 20 KHz from carrier, good enough for present FM channel 

spacing, is no longer acceptable. Equal performance 5 KHz 

from carrier must now be sought. As will be shown later, far 

more stringent tests such as reciprocal mixing on narrowband 

CW military receivers necessitates low phase noise even 

closer than 5 KHz. Generator specifications relevant to the 

test in question will be highlighted. 

ON CHANNEL TESTS 

The most important of these tests, that of sensitivity 

will be discussed briefly. The sensitivity of the receiver 

must be established before proceeding to discover how strong 

off channel signals affect this performance. 

Referring to Table 1 the performance for the SSB 

communications receiver for a 10 dB (S+N)/N ratio is 0.35 

microvolt (- 117dBm) or better. To test for this performance, 

a single tone only is needed. ( Unlike the AM or FM receiver, 

the carrier is of no value.) 



would be wider. A lower insertion loss does not require an 

active device with a high amount of gain to sustain oscillation. 

Because of a lower loaded Q, variations in the other oscillator 

components have a noticable affect on the operating frequency. 

Phase noise performance degrades slightly.(18] 

TUNING ADJUSTMENT: Fine tuning of the SAWR oscillator 

should be limited to one adjustable component.[191 

MAXIMUM POWER: A good rule of thumb is to limit the power 

dissipated in the SAWR device to 20 milliwatts. Larger amounts 

of power cause strong vibrations to occur inside the SAWR that 

will eventually tear the aluminum transducers from the substrate. 

Once this separation occurs, the device is ruined.[20] 

DC CURRENT: For best reliability, DC ( direct current) 

should be kept off the SAWR device. The SAWR will operate with 

DC running through it but reliability degrades.[21] 

PULL RANGE: The pull or tuning range is determined by the 

SAWR's characteristics and by the circuit's requirements. 

Depending on how wide a pull range is needed determines whether 

matching networks present a high or low impedance to the SAWR. 

The oscillator circuit handles the pull range in two 

different ways. A course adjustment compensates for the 

manufacturer's tolerance by pulling the SAWR onto the desired 

frequency when the circuit is first built. A fine adjustment 

compensates for frequency drift due to temperature changes and 

aging over time. 

If the frequency drift due to temperature is 100 ppm and the 

overall aging of the SAWR device is 30 ppm, then the minimum 

amount of fine tuning needed is 130 ppm. If the oscillator is 

designed for a pull range ( fine tune) of 160 ppm to 200 ppm, then 

the circuit is guaranteed to satisfy the pull range requirement. 

PHASE NOISE: Phase noise performance degrades as the 

deviation from the SAWR's resonant frequency increases. Figure 4 

is a plot of phase noise measured 10 Khz away from the operating 

(carrier) frequency versus the distance between the operating 

frequency and the SAWR's resonate frequency of a 674 Mhz 

oscillator. The data for this plot is shown in Table 1. 
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Fig. 4: Phase Noise Degradation Plot for 674Mhz Oscillator  
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Signal 

Generator 

TEST SETUP 

TEST PROCEDURE 

USABLE SENSITIVITY 

Receiver 

Under Test 
A.C. 

Volt Meter 

1. Connect audio load and AC voltmeter to receiver under 

test. 

2. Set generator RF to produce a 1 KHz (+ 100 Hz) beat note. 

Use manual RF gain, if available. 

(N.B. no modulation is needed on generator.) 

3. Set generator output for approximately 1 millivolt and 

adjust volume for 25% of maximum rated output. 

4. Reduce RF level until ratio of audio output, between 

signal on and off conditions is 10 dB. 

5. The signal level to achieve the condition in 4, is the 

usable sensitivity. 

Arguments have been raised over the definition of 

"usable sensitivity". This test procedure uses the 10 dB S/N 

standard as it was originally defined by EIA. However, the 
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4 
paper given by Jim Eaglesen at the 1985 RF Expo defines 

"usable sensitivity" more accurately. 

M.D.S. ( Minimum Discernable Signal) is the level where 

the signal is just detectable. Representing 0 dB SNR, this 

can only be used for theoretical calculations. SNR 

(Signal to Noise Ratio) is the level at which a signal just 

becomes useful. Most manufacturers specify 10 dB SNR. 

Other on channel tests are 1) AGC - determines the 

ability of the receiver to mantain constant audio output 

level with varying RF innput levels; 2) A.G.C. time 

constant. Fast attack times need to be used at VHF to 

optimize the receiver during fast fade conditions as would be 

experienced under mobile operation; 3) Spurious performance. 

Not a true on-channel test, but requires only one input 

signal. This is the ability of the receiver to prevent 

single unwanted signals from causing an unwanted response at 

the output of the receiver, normally caused by discrete 

spurii from the synthesizer mixing with other signals. 

SIGNAL GENERATOR PERFORMANCE  

For sensitivity testing, the most important aspect of 

the generator is output level accuracy. As well as the 

absolute accuracy specification, typically + 1 dB at - 120 dBm, 

attention must be made to VSWR. Most modern wideband 

receiver front ends have VSWRs approaching 2:1 and with 

signal generator VSWRs of 1.5:1, errors as great as 4 dB can 
5 

be experienced at the antenna input of the receiver. 
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The worst case phase noise 

situation occurs when the device 

is at one of the extreme ends of 

the manufacturer's tolerance. 

To determine this point ( in ppm), 

add together the manufacturer's 

tolerance, temperature drift, and 

aging. If the manufacturer's 

tolerance is 200 ppm, temperature 

Arc 
yoLTA04 
'volts, 

0.0 
1.0 
2.0 
3.0 
4.0 
5.0 
6.0 
7.0 
0.0 
9.0 
10.0 
11.0 
12.0 
13.0 
14.0 
15.0 

64610 166071 
DELTA 61MONATOR 064411 
4620. Fill. 00134 
0,0t • 11664/ ‘ 40‘,144, 

15.0 
11.0 
6.1 

7.7 
0.3 
0.6 
4.6 

12..1 
14.6 
tla 
16.3 
t7.2 
11.1 
11.2 

64.3 
86.0 
104.3 
117.0 
130.3 
148.7 
154.0 
167.2 
101.7 
1,6.7 
221.4 
243.0 
267.6 
263.5 
320.6 
347.9 

-110.5 
-1/0.6 
•110.4 
-110.1 
-110.2 
-106.7 

-107.7 
.4107.4 
-106.4 
.4101.1 
.4104.5 
-103.3 
-102.4 

-64.2 

Table 1: Measured Data Taken 
on the 674Mhz Oscillator  

drift 100 ppm, and overall aging 30 ppm, the worst case phase 

noise would occur 330 ppm away from the SAWR's resonate 

frequency. 

SUR OSCILLATOR DESIGNS 

Two different circuit configurations are discussed along 

with their advantages and disadvantages. The problems 

encountered during the design of the second circuit are also 

mentioned. 

SAWR OSCILLATOR DESIGN #1  

The circuit shown in figure 5 is designed using a 674 MHz 

SAW Resonator. 

ADVANTAGES: 

1. This design contains no tuning coils which could cause 

microphonics. 

2. The number of parts in this circuit is kept to a 

minimum. Fewer parts means better reliability. 

4110 RI, 

1476/ 148•44/4 
401.14011 a  a ,n 

!PR., 

OX 'WITCO 
014064 

OPOCI 14 
0.31S1TES 11144.44 

Fig. 5: Ckt Configuration for Design #1  

DISADVANTAGES: 

1. DC is allowed to run through the SAWR. Ibis condition 

reduces the reliability of the device. 

2. The circuit only oscillates on one side of the SAWR's 

resonant frequency. 

3. If the oscillator is pulled too close to the SAWR's 

resonant frequency, the circuit experiences a phase reversal and 

"jumps" to another frequency. 

4. The phase noise performance of this circuit is not as 

good as a circuit that can pull its operating frequency through 

the SAWR's resonant frequency. 

In order to prevent the oscillator from jumping to another 

frequency, a safety region between the SAWR's resonant frequency 
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OFF CHANNEL TESTS 

ADJACENT CHANNEL PERFORMANCE  

This is a measure of the ré-Ceiver's ability to 

differentiate between a desired signal ( on-channel) and 

signals on adjacent channels. It is primarily a function of 

the IF filter response and could also be called a selectivity 

test. Some test methods do not use an on-channel signal 

generator and rely on the increase in noise level caused by a 

high level signal off-channel, this does not test for the 

true operating conditions. At 5 KHz offsets, as found in SSB 

receivers, reciprocal mixing tends to mask the selectivity 

performance. 

SIGNAL GENERATOR PERFORMANCE  

Care must be taken with the adjacent channel test to 

ensure that the phase noise of the off channel signal 

generator does not hide the true adjacent channel performance 

of the receiver. See figure 4. To establish if a signal 

generator will meet these requirements, the following facts 

are needed. 

1. What is the adjacent channel offset on the receiver to be 

tested? 

2. What is the IF bandwidth of the receiver? 

3. What is the specified adjacent channel performance? 

Inserting some typical figures for an SSB receiver, the 

results are as follows: 

1. Adjacent channel offset . 5 KHz 

2. IF Bandwidth . 2.7 KHz 

3. Adjacent channel spec . 80 dB 
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IMPORTANCE OF SIGNAL GENERATOR PI MEE NOISE IN ADJACENT CHANNEL TESTS 

DESIRED 

CHANNEL 

F I 

CENTER FREQUENCY 
OF RECEIVER 

(GENERATOR Ill 

F 2 

ADJACENT CHANNEL 
(GENERATOR 12) 

—SIGNAL GENERATOR 
NOISE IN CHANNEL 
VARIES WITH OFFSET FREQUENCY 

TYPICAL REQUIREMENTS: 

For 5 KHz channel spacing phase noise should be at least - 130 to - 140 dBc/Fiz for selectivity 

measiirements of 90 dB and suprious signals should be down greater than 00 dB. 

Figure 4 



and the frequency determined by the tuning voltage is 

established. Through experimentation, a safety region of 100ppm 

was found to be satisfactory. 

SAWR OSCILLATOR DESIGN 02  

A different oscillator configuration is shown in figure 8. 

This design uses an 848 MHz SAW resonator. 

Fig. 8: Ckt Configuration for Design 02  

CIRCUIT DESCRIPTION: The biasing network, resistors RI, R2 

and R3, set up the necessary conditions for the MRF571 

transistor. Note the use of a negative supply. This transistor 

is a high gain, low noise device with a transitional frequency of 

8.0 Ghz at 50 mA.[221 Capacitors C7 and C8 provide an AC ground 

to the emitter of the transistor. 

L3 is a RF choke which prevents the RF signal from shunting 

to ground. 

The frequency control voltage is placed between capacitor Cl 

and varactor diode VR1. VR1 is a U11-3102 varactor diode; a part 

specially made for Watkins-Johnson Company. Its capacitance 

changes as the voltage is varied. 

The input matching network consists of capacitors Cl and C2, 

varactor diode VR1, and inductor Li. The output matching network 

consists of capacitor C3 and inductor L2. 

The course tune adjustment is done by varing inductors Li 

and L2. This adjustment is very critical because it largely 

affects the. circuit's pull range and amplitude response. 

The fine tune adjustment is done by adjusting the frequency 

control voltage. The varactor diode VR1 together with capacitors 

Cl and C2 changes the amount of capacitance seen by the SAWR in 

the input matching network. This change pulls the SAWR through 

the circuit's tuning range. 

PHASE NOISE: The single side-band phase noise performance 

of the 848 Mhz SAWR oscillator ( free-running) is shown in 

figure 7. 

Notice that the offset from the carrier in figure 7 is only 

shown up to 1.7 Khz. Beyond this offset, the oscillator's phase 

noise performance approached the limit of the test equipment. 

The phase noise performance of the 848 Mhz oscillator at an 

offset of 10 Khz is about - 118 dBc/Hz.(23] 

537 



The signal generator noise is specified in a 1 Hz bandwidth, 

but the measurement is made in the receiver's 2.7 KHz IF 

bandwidth. To find the difference, in dB, use the formula: 

10 log IF bandwidth/1 Hz. 

For 2.7 KHz, the result is 34 dB. 

The required signal generator noise spec can now be 

calculated at a 5 KHz offset, using the formula: - receiver 

spec + bandwidth conversion (as above) + 10 dB measurement 

margin. 

From the example; 80 dB + 34 dB + 10 dB 

. 124dB below carrier. 

Table 2 gives the required signal generator phase noise 

performance against narrowband communication bandwidths and 

their typical 80dB measurement points. To determine how much 

better than the 80 dB adjacent channel spec a receiver is, 

even greater performance is needed from the signal generator. 

For example, 90 dB adjacent channel performance requires a 

phase noise spec of - 134dBc, at a 5 KHz offset. 

GENERATOR II I 

ON CHANNEL 

ADJACENT CHANNEL TEST 

GENERATOR 

OUT OF 

CHANNEL 

Table 2 

Signal generator PHASE NOISE in dBc needed to measure 80dB 
adjacent channel performance on receivers with the following 
common bandwidths. 

0 

1 
Receiver Bandwidth 

® 

Mode 

0 

Equivalent Noise Bandwidth 

0 
BOdB 
Filter 
Response 

2 ' 
Signal Generator Performance 
at the offset in column 4 

400 Hz C.W. 28 dB 1500 Hz -118 dBc 

1200 RTTY 31 dB 4000Hz -121 rift 

2700 SSB 34 dB 5000Hz -124 dBc 

8800 AM 38 dB I5000Hz - I2B dBc 
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SPLITTER 

RECEIVER 

UNDER TEST 
AC VOLTMETER 

TEST PROCEDURE  

1. Turn generator number 2 off, set generator number 1 to 

the receiver frequency + 1 KHz. Obtain the condition 

for usable sensitivity, i.e. 10 dB S/N. 

2. Increase the level of the wanted input signal by 3 dB. 

3. Turn generator number 2 on and tune it 5 KHz away from 

generator 1. 

4. Increase level of generator number 2 until the S/N 

ratio falls back to 10 dB. 

5. The ratio of the unwanted signal measured in Step 4 to 

the reference sensitivity is the adjacent channel 

performance. 
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Fig. 7: Frequency vs Phase Noise Plot for an 848Mhz Oscillator  

ADVANTAGES: 

1. The operating frequency can be pulled through the SAWR's 

resonant frequency. This feature allows the best possible phase 

noise response to occur. 

2. There is no DC running through the SAWR device. 

3. Stray capacitance is tuned out by adjusting inductors Li 

and L2. 

4. This circuit is very reproducible. 

DISADVANTAGES: 

1. More components are needed to build this design. The 

greater number of components reduces the circuit's reliability. 

2. The values of the matching network's components are very 

1500 1700 

critical. Small variations in these values have a great affect 

on the oscillator's performance. 

DETERMINING THE MATCHING NETWORK VALUES: The actual values 

for the matching networks depend on the circuit lay-out. After 

the circuit is designed and laid out on a PC board, replace 

matching capacitors CI, C2 and C3 with adjustable capacitors Set 

at the designed values. Once the circuit's performance is 

satisfactory, replace the adjustable capacitors one at a time 

with fixed capacitors; rechecking the circuit's performance after 

each substitution. 

Coupling capacitor C9 may also have to be adjustable 

(initially) since it influences the output matching network. 

The matching inductors are refined in the same manner. 

If the circuit does not oscillate, use a network analyzer in 

the feedback path to determine the amount of gain and phase in 

the loop. Be sure to zero out the cable effects before 

connecting the network analyzer to the oscillator circuit. 

Adjust the matching components until the network analyzer 

displays a 0 degrees phase shift and a magnitude greater than 

0 dB which represents gain in the loop. 

Disconnect the network analyzer and close the feedback loop 

in the oscillator circuit. Minor adjustments on the matching 

component values may be necessary to cause the circuit to 

oscillate. 
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SIGNAL STRENGTH 
AT 

RECEIVER INPUT 

- -7 dem 

- -27 dem 

- -47 dem 

-87 dem 

- -87 dem 

- - 107 dBm 

127 dem 

INPUT 1 INPUT 2 

le • 5 KHz 

The input to an IF filter consists 

wanted signal equivalent to - 117 dBm at 

a strong - 27 dBm signal 5 KHz higher. 

of two signals, the 

the antenna input and 

The filter offers 80 

dB attenuation at a 5 KHz offset, reducing input 2 to a level 

of - 117 dBm at the output of the filter. The adjacent 

channel signal will now be at the same level as the wanted 

signal and will continue through the rest of the receiver, 

interfering with the wanted signal. 

RECIPROCAL MIXING PERFORMANCE 

Reciprocal mixing is caused by phase noise imperfections 

on the receiver's local oscillator. Normally the strong 

local oscillator signal is mixed with a weak wanted signal to 

produce the IF signal. However, the mixer will perform the 

same for any other pair of signals separated by the IF. 

Reciprocal mixing is so named because the role of local 

oscillator and signal are reversed; a strong unwanted signal 

off-frequency mixes with the weaker phase noise of the local 

oscillator. As an example, when a strong signal 5 KHz from 

the receive frequency mixes with the phase noise 5 KHz from 

the center of the local oscillator, the result is an IF 

output with noise proportional to the local oscillator phase 

noise. See Figure 6. Until the emergence of synthesized 

local oscillators, with their less than perfect noise 

sidebands, reciprocal mixing went unrecognized. Crystal 

oscillators, used at VHF and UHF for frequency stability, had 

far better noise performance, and reciprocal mixing was well 

below the adjacent channel performance. 

Reciprocal mixing and adjacent channel performance are 

very closely related. The ultimate performance of the IF 

filter can never be realized if the receiver local oscillator 

is noisy. 

SIGNAL GENERATOR PERFORMANCE  

The close to carrier noise performance of the generator 

must be at least as good as that for adjacent channel tests. 

If a measure of the reciever local oscillator phase noise is 

required, refer to Table 2. 
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Using the network analyzer prevents a lot of guess work by 

allowing the engineer to see the effects on amplitude and phase 

asa component's value increases or decreases. 

PROBLEMS ENCOUNTERED: A few problems occurred during the 

testing of several oscillator circuits. They are mentioned here 

along with their solutions. 

Squegging: Squegging is the oscillator's operating 

frequency modulated by a low frequency signal. The result is a 

mass of spurious signals. This squegging probrem is solved by 

bypassing the transistor in such a way that the gain at low 

frequencies is reduced. 

Matching: As mentioned earlier, the values of the matching 

components are very critical. If the circuit is mismatched, 

several different problems can occur. These problems are 

mentioned in the following paragraphs. 

Jumping: The phase response around the center frequency of 

a SAWR is not always linear. The steeper the slope of the phase, 

the greater the frequency change is per volt. As the voltage 

changes, the SAWR's phase may pull through one of these nonlinear 

points and cause a greater frequency change to occur. This 

frequency change appears as a " jump" in frequency. The size of 

the jump depends on how much of the phase response has the 

steeper slope. 

The jumping may not always occur at the same operating 

frequency or control voltage. For example, take a 674 Mhz 

oscillator with a SAWR resonate frequency at 674.0281 Mhz. As 

the frequency control voltage is decreased, the operating 

frequency jumps from 674.0634 Mhz to 633.8751 Mhz ( a difference 

of roughly 40 Mhz). Upon increasing the control voltage, the 

operating frequency doesn't jump until it reaches 657.297 Mhz. 

Then it jumps to 874.205 Mhz (a difference of about 17 Mhz). 

The matching networks can prevent jumping from occurring by 

presenting a high impedance to the SAWR device. Figure 8 shows a 

plot of frequency versus voltage of the same 674 Mhz 

oscillator ( mentioned earlier) after its matching networks were 

changed to present the SAWR with a higher impedance. The data 

for this plot is shown in table 1 ( page 11). 
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Fig. 8: Frequency Deviation vs AFC Voltage Plot  
for 674Mhz Oscillator  

Notice that the frequency change from 13 volts to 14 volts 
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RECIPROCAL MIXING TEST 

Unwanted mixed 
down 

Wanted signal 

in IF passband 
below noise 

Frequency 

Unwanted 
signal 

Wanted 
signal 

RECIPROCAL MIXING 

Figure 6 

1.0. 

540 

Signal 

Generator 

Receiver 

Under Test 

A.C. 

Voltmeter 

TEST PROCEDURE  

1. Tune the signal generator to the offset of interest. 

2. Monitor the AF output level noise with no input to the 

receiver. 

3. Increase the signal generator until a 3dB increase in 

noise at the AC voltmeter is observed. 

4. Note the level obtained in 3 and add this to the noise 

floor of the receiver. Note: the noise floor is 

10dB lower than the usable sensitivity figure. Refer 

to Fig. 6 and table 3. 

This test should be repeated at different offsets . to 

establish the phase noise of the oscillator and therefore, 

the ultimate adjacent channel performance. 

Table 3 

0 

Frequency Offset 

® 

Input Level 

0 
Level with Respect 
to - 127 dBm Noise 
Floor in 2.7 KHz BW 

0 
Receiver Oscillator 

Phase Noise 
in a I Hz EIW 

5 KHz 
10 KHz 
20 KHz 
100 KHz 

-55 dBm 
-47 dBm 
-36 dBm 
-19 dBm 

72 dB 
60 dB 
59 dB 
106 dB 

-105 dBc 
-114 dBc 
-123 dBc 
-142 dBc 

• 



is larger than the frequency change from 6 volts to 7 volts. If 

this frequency change ( between 13 volts and 14 volts) were even 

greater, it could appear as a jump in the frequency range. 

Amplitude Variations: Sometimes the amplitude of the 

operating frequency varies over the tuning range of the circuit. 

For example, a 672 Wiz 

an amplitude variation 

the matching elements, 

oscillator has a pull range of 89 Khz and 

of 21.8 dB. After adjusting the values of 

the oscillator has a pull range of 313 Khz 

and an amplitude variation of 11.2 dB. Further adjustments on 

the matching components produce a tuning range of 122 Khz and an 

amplitude variation of 0.9 dB. 

Frequency Range Variations: As seen from the previous 

example, the matching components have an effect on the tuning 

range of the oscillator circuit as well as the amplitude 

response. If the matching networks present a high impedance to 

the SAVE, the tuning range of the oscillator circuit will 

increase. 

Loop-back in Tuning Range: Normally, as the control voltage 

increases, the frequency increases. In a loop-back situation, 

the frequency begins increasing as the control voltage increases 

but then it " loops-back" and starts to decrease. 

is extremely undesirable because it can causes 

loop to be driven to limits in one direction, and 

will never lock onto the correct frequency. 

This situation 

a phase-locked 

the oscillator 

540 

The solution to these problems is to adjust the matching 

components. The matching coils, Li and L2, are the easiest to 

adjust. 

CONCLUSION 

The type of SAW device used in an oscillator design depends 

on the requirements of the application. For fixed frequency 

applications, a SAW resonator is recommended. Once the device is 

selected, careful consideration is given to its characteristics. 

Center frequency and turnover temperature are two of these 

characteristics that affect the way the oscillator circuit is 

designed. 

The most difficult part of designing any SAWR oscillator is 

finding the appropriate matching component values. Once these 

values are determined, the oscillator demonstrates an excellent 

phase noise response, an adequate tuning range, and a minimum 

amount of amplitude variation. 

ENDNOTES 

[1] Handbook of Acoustic Signal Processing ( Andersen 
Laboratories, 1984) Vol. IV, pp.12-13. 

[2] C.K. Campbell, Surface Acoustic Nave Devices and Their 
Signal Processing Applications ( The George Washington University, 
Continuing Engineering Education, 1985), p. 9.22. 

[3] Robert J. Kansy, Introducing the Quartz Surface Acoustic  
Wave Resonator ( Application Note: No. 1, RF Monolithics, Inc.), 
p. I. 

[4] Handbook of Acoustic Signal Processing, p. 8. 
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INTERMODOLATION PERFORMANCE 

:n the strong signal environment of large metropolizan 

rit..es or where many transmitters are operational at che same 

time and "geographically close, it is not just adjacent 

channel performance that is critical. Two strong signals 

spaced at some distance from the adjacent channel, yet within 

the bandwidth of the roofing filter, can mix in the front end 

of the receiver and produce intermodoulation products that 

fall in the IF passband. This test is a measure of the 

capability of a receiver to inhibit the generation of such in 

band signals. 

IP Coud 

O
u
t
p
u
t
 S
ig

na
ls
 (

d
B
)
 

Noise Floor 

Input Signals ( d13) 

Figure 13 

IP 

GENERATOR I 

ON CHANNEL 

INTERMODULATION TEST 
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AC VOLTMETER 

TEST PROCEDURE ( 3RD ORDER) 

1. Set generator number 1 to fc + 20KHz. 

2. Set generator number 2 to fc + 39KHz. 

3. Increase the outputs of the two generators, keeping the 

amplitudes the same, until the receiver produces a 10 dB 

S/N. 

4. The difference in level between the usable sensitivity (10 

dB S/N) and the outputs of the generators to obtain the 

condition 3 is the intermodulation performance of 

the receiver. 

The above relationship is more often specified as a 3rd 

order intercept point ( I P).. This can best be explained by 

reference to the figure. 

Curve A ( Figure 8) represents the signal level of one of 

the two fundamental signals. These signals are increased 

above the noise floor until a point is reached ( c) where the 

3rd order intermodulation product ( IMP) starts to emerge from 



[5] Campbell, pp. 1.6-1.8. 

[6] Handbook of Acoustic Signal Processing, p. 9. 

[7] Resonators & Oscillators ( Brochure, Crystal Technology). 

[8] The temperature coefficient, Tc, varies from manufacturer 
to manufacturer. For discussion purposes only, 5.45 will be used 
as the temperature coefficient. 

[9] Equation obtained through a telephone conversation with 

Sawtek Incorporated. 

[10] Data sheet for 180 deg quartz SAW resonator ( RF 

Monolithics, Inc., 1984). 

[11] Handbook of Acoustic Signal Processing, p. 16. 

[12] Q is defined as the center frequency divided by the 
bandwidth ( usually the 3 dB bandwidth). 

[13] Handbook of Acoustic Signal ProcessinK, p. 10. 

[14] Based on data sheets obtained from Sawtek, Incorp. 

[15] Frank Perkins, Jr., Designing UHF SAW  Resonator  
Oscillator ( Application Note: No. 4, RF Monolithics, Inc., 1983), 

p. 1. 

[16] Perkins, pp. 1-2. 

[17] Perkins, p. 3. 

[18] Perkins, p. 3. 

[19] Perkins, p. 3. 

[20] Information obtained through a classroom discussion with 
Dr. C. K. Campbell at the George Washington University. 

[21] 1GHz SAW Resonator -Application Note ( Handwritten, 

Stantel Corp., 22 Mar 85). 

[22] Motorola RF Device Data ( Motorola, Inc., 1983), pp. 6-149 

to 6-161. 

[23] Extrapolated using data taken from a 1 KHz offset. 
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the receiver noise. When the IMP is 10 dB above the noise 

floor, it is at the same level as the usable sensitivity. 

The difference in this level and the fundamental is the value 

found in 4 of the test procedure. As the fundamental 

amplitude is increased, so does the IMP, at a rate three 

times faster. At the theoretical point D on the graph, the 

IMP and the fundamental meet. (This is theoretical as the 

input amplifier of the receiver will go into gain compression 

well before this point). Point D is the 3rd order intercept 

point. ( IP) It can be referred to input or output. The 

input intercept differs from the output intercept by the 

small signal power gain of the stage in question. For a more 

comprehensive study of intermodulation refer to 3,4. 

CONCLUSION 

Techniques for testing receivers have not changed 

significantly over the last 10 years. The introduction of 

synthesized signal generators in the 1970's by companies such 

as Racal and Hewlett Packard were a major step forward. 

Until then, at VHF and UHF, signal generators had to be left 

on permanently, to ensure they were stable enough to test the 

crystal controlled receivers. The synthesized signal 

generator manufacturers were already specifying noise 

performance capable of handling today's 20 KHz spacings. 

History is now repeating itself. Todays communication 

systems are poised on the edge of a technology breakthrough, 

but the signal generators available are only able to handle 

the 20 KHz technology. SSB systems have been around for 
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many years and now are becoming very popular in the 

commercial field. As in the 50's and 60's the test equipment 

presently available for such systems testing is not ideal. 

Racal-Dana and 

models 9087 and 

to even higher 

Hewlett Packard again lead the way 

8662A. The military have actually 

technology systems that implement 

with their 

progressed 

frequency 

agile and spread spectrum techniques. 

Anyone considering measuring todays communications 

systems must not forget the future; nor should the instrument 

manufacturers. Signal generators are now needed with good 

noise performance for narrowband systems, fast switching 

speed for frequency agile systems and digital modulation 

capability for spread spectrum. 
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SIMPLE APPROACHES TO LIMITING RADIATION FROM Besides having to meet the more familiar EMI 

FOIL-SHIELDED COMPUTER CABLES standards, many of these equipment must also comply with 

by TEMPEST requirements. The TEMPEST requirements are part 

Howard C. Rivenburg of a classified U. S. government security program. They 

John Juba Jr. deal with controlling the emission and detection of 

Electromagnetic ( EM) susceptibility has typically 

been a difficult problem in the development of 

high-reliability communication, navigation, and 

electronic warfare equipment. The military 

susceptibility standard, MIL-STD-461B, outlines most 

government electromagnetic interference (EMI) 

requirements. This document is augmented by MIL-STD-462 

which describes acceptable testing procedures. 

Military EMI requirements can be ten times more 

strinaent than commercial standards. These military 

requirements result from two prime factors. The first 

is that, in a typical military communications center, 

the equipment is installed close together creating a 

worse-than-normal EM environment. The second is to 

assure reasonable equipment immunity to a potential 

hostile environment due to electronic countermeasures. 
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energy from communication and data processing equipment 

which could reveal classified information being 

processed by the equipment. All too often, TEMPEST 

guidelines for equipment installation and 

interconnection ( part of this control of emissions) are 

considered adverse to typical installation criteria. 

MIL-HDB-419, although not a TEMPEST specification, 

contains equipment and cable shield grounding 

recommendations which are highly compatible with the 

TEMPEST guidelines and represents a more modern approach 

to facility decign. This document clearly states that 

the only differences in grounding techniques between 

those employed at facilities processing National 

Security related information ( RED equipments) and any 

other facility are the groundina configurations used to 



Monolithic RF Amplifiers for Hybrid Applications 

Jerry Schappacher 

Harris Microwave Semiconductor 
1530 McCarthy Blvd 
Milpitas, CA 95035 
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Monolithic Gallium Arsenide ICs for RF systems have held 

promise for many years. Yet there has only been a modest list of 

product offerings of basic functions with relatively high device 

costs. Using these basic components has implied even higher costs 

associated 

components 

transistor 

circuitry 

with system insertion due to the need for external 

and circuitry. This was particularly true of early 

amplifier products that required extensive bias 

or decoupling components to operate. The real promise 

of integrated circuitry lies in reducing the number of components 

to minimize assembly costs and unit-to-unit variations while 

improving reliability and overall system performance 

GaAs Technology has now reached the level of maturity where 

more complex functions can be integrated onto single analog or 

digital ICs. With recent advances in the sophistication of 

technology in materials, processing, design and test, a growing 

number of firms are capable of designing and building GaAs ICs. 

Foundry, design, and test services are now widely offered. Yet 

standard product offerings, addressing high volume -generic -

applications, have been slow to emerge. Harris Microwave 

Semiconductor has introduced its first two products in a line of 

GaAs RF ICs for receiver/transmitter and signal processing 

applications. These are broadband amplifiers chips covering 500 

MHz to 5.0 GHz and providing general purpose gain. The HMR-10503 

is a fully integrated amplifier requiring no external circuitry 

other than bond wires to connect the RF input , RF output, + Vdd 

and DC/Signal ground. The companion HMR-10502 is identical except 



terminate cable shields. These configurations are 

applicable when the equipment involved is referenced to 

an eguipotential ground plane. ( MIL-HDB)-41Ç defines 

end describes the equipotential ground plane.) 

Although the majority of MIL-HDE1-419 dealr. with 

design considerations for new facilities, implementation 

of recommended installation techniques in existing 

facilities is also described. Concerning the ground 

systems installed in most existing facilities, this 

standard states. 

.. While these systems generally do not meet 

today's standards and requirements, they will continue 

to be in use for many years at existing facilities. 

Information on and description of these systems is 

therefore included for maintenance purposes only . , 

Anv maior building or facility rehabilitation should 

include upgrade of the grounding system to include use 

of the equipotential plane . . . . 

Relatina cable shield grounding configurations to 

the use of a facility equipotential ground plane is 

+undi.mentel to reducing EM radiation from interface 

cablina. With this concept in mind, a test setup was 

designed to study whet standard approaches to EM 

radiation reduction could easily be implemented at older 

communication facilities. 

The test configuration was developed with the 

intent of establishing a controlled, easily varied test 

setup. The approach chosen was to enclose each a line 

driver unit, a line receiver unit, and system power 

supply. These would then be placed in a shielded 

enclosure along with a cable under study. Manuel 

scannina with a receiver system was chosen over a 

spectrum analyzerfbecause a areater resolution of the 

F- field radiation profile was desired. Fiaure 1 depicts 

the general orientation of the cables, interface units, 

and test equipment. The line driver and line receiver 

units were secured to a copper-clad test bench bonded to 

the walls of the shielded enclosure and elevated one 

meter above the floor. This test bench acted as the 

equipotential plane 

to be varied during 

presence or absence 

of the test setup. The parameters 

the course of testing were 1)the 

of a line-terminating resistor, 

2)the cable shield terminations, and 7,)the use of 

filterpin connectors versus non-filterpin connectors. 
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that the bias supply decoupling capacitors are not included on-

chip. These parts offer the RF systems designer/integrator a new 

option in system architecture and implementation at UHF 

frequencies and above. By cascading or individually distributing 

these ICs throughout the system, there is now available compact 

and affordable amplification is to maximize system performance. 

System Cost/Performance targets can be more easily met though the 

use of these complete IC gain blocks, with low 1/dB of gain, and 

the relaxed performance specifications on other system functions 

that these amplifier ICe allow. 

The Product 

Fundamental in the offering of an effective GaAs IC is the 

basic quality of the fabrication process. Harris Microwave 

Semiconductor uses its DIGI-1 Process Technology. Harris has been 

manufacturing GaAs ( digital) ICs with this process for over 

three years. DIGI-1 is a very high performance process 

technology offering the high gain required for analog circuits 

and the high repeatibility required for digital circuits. 

Repeatibility is the secret for both the low cost and consistency 

achieved in these RF ICs. This process uses a one micron gate 

length and depletion mode technology with -2 Volt pinchoff. A 

summary of the basic process electrical parameters is contained 

in Table 1 
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The circuitry is designed to exploit the performance 

characteristics of the process technology to produce consistently 

achieved performance for the system application. The 

schematic of the HMR-10503 is shown in Figure 1. The heart of the 

IC is a 1 X 800 micron GaAs FET " cell". Two of these cells are 

isolated from each other by integral HIM capacitors. The source 

terminals 

resistors, 

additional 

of the RF Transistors and self- biasing implanted 

in series with the sources, are decoupled by 

HIM capacitors of approximately 25 pF each. Drain bias 

on the active RF devices is provided by additional FETs operating 

as current sources. Each of the current sources is shunted by an 

implanted resistor to minimize the bias point sensitivity to 

process and temperature variations. Consistent broadband RF 

performance is the result of a series resistor- inductor which is 

in shunt feedback to the RF transistor. The two stages have been 

designed as a system to minimize input/output VSWR, maximize 

gain, and maintain a controlled noise figure. 



Two computer I/O cables chosen for the study were 

supplied by a customer as cables typically used in their 

communications center. The first cable tested 

(BRAND-REX telephone cable 11FR-24AWG 200 C) contained 

13 pairs of stranded wire. These wires were not twisted 

pairs. The cable had only a single Beldfoil shield with 

In order to test the effectiveness of different 

configurations of shield terminations, the 1,0 cable 

needed to carry digital data of a standard format. For 

this purpose, a line driver unit and a line receiver 

unit were constructed in small RF -tight borres in such a 

manner as to assure that emanations detected during 

E- field tests were produced strictly by the cable and 

a stranded drain wire surrounding the wire conductors, not either unit. The line drivers and line receivers 

This cable was terminated with ITT connectors ( MMS 

34751_16-265) at both ends. The overall length of the 

cable was 28.5 feet (8.7 m). 

The second cable had 27 twisted wire pairs which 

were each shielded with Beldfoil and had individual 

stranded drain wires. In addition, the 27 pairs end 

their shields were collectively shielded by an o.e-all 

cable shield of Peldfoil with an associated stranded 

drain wire. This cable was also provided by the 

customer and came terminated with Amphenol connectors 

used mmeet the requirements of EIA Standard RS- 422. 

(Balanced transmission of data was chosen because of the 

greater noise immunity.) The line driver unit and the 

line receiver unit were fitted with one 26-pin 

connector and one 55-pin connector on en end well of the 

ho,es. This permitted connection of either I/O cable to 

the units. The two connectors were wired in parallel 

with correspondingly lettered pins connected together. 

(Unused pins on the 55-pin connectors wers left ope, in 

the bor:es.i With this arrangement, one or several pairs 

of conductors could be used for the ealuetion 24 need 

(117.475L22-555 8206-2) at both ends. The overall length be. 

of the cable was 29.25 feet ( 8.9 m). 
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The line receiver unit was also equipped with a BNC. 

connector. This connector allowod the receive data to 

be monitored. Ihe schema), it ( Figute 2) shows the chips 



Figure 1. HMR-10503 Schematic 

As seen in the schematic, two bias point options are readily 

available to the user. In addition to the standard 25% Idss, 

either or both of the two stages can be biased to 50% of the RF 

transistor Idss with additional wirebonds. Bonding diagrams for 

two of the four wiring options are shown in Figure 2. 

HA, 
utt. 1.4, 
▪ • r 

• 

Figure 2. Wire bond diagram for HMR-10503. Solid lines are 25% Id.. con-

nections (VD. = 8 V). Dashed lines are additional connections for 50% 
Id.. = +10 V). 
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Wide Band Performance 

Performance of the typical HMR-10502/HMR-10503 is shown in 

figure 3. Frequency of operation for the ICs is 500 MHz to 5.0 

GHz with extended frequency operation possible at reduced 

performance level. Power supply limits are from +6.0 Volts to 

+15.0 Volts although typical applications call for +8.0 Volts or 

+12.0 Volts for Vdd at 50 mA. 

12 0 

10 0 

eo 

eo 

40 

20 

ConOgurollon A 

1 

5 0 

Figure 3. Gain (S21) vs. frequency, configurations A and B. Bias for Conf. 
A: D., = 8.0 V, l ., = 50 mA; Bias for Conf. B: V, = 10.0 V, i = 100 mA. 

A minimum of 10 dB gain is readily achieved at 8 Volts and 

25% Idss with 12 dB typical, ( configuration A). Gain flatness is 

+/- 0.75 dB for the HMR-10502 over the complete 0.5 to 5.0 GHZ 

frequency range with two 100 pF source decoupling capacitors, one 

on each source decoupling port. The HMR-10503 has the same +/-

0.75 db gain flatness over a smaller 1.0 to 5.0 GHz bandwidth 

without optional source decoupling capacitors. Optional 



used and their interconnection. Power was supplied to 

the circuit boards in the manner described below. 

placed on insulating material on top of the test bench. 

These units were then grounded to the copper test bench 

by 0.5- inch ground straps. 

A regulated supply provided filtered + 7.7v. - 7.3v. 

and COMMON to the line driver unit ( these voltages The cable shields were to be grounded at the line 

slightly exceed the devices ratings and were considered driver arid/or line receiver units' bulkheads. Because 

to yield " worst-case" results). In addition to of the Beldfoil shield construction of the cable, 

connection to the card edoes, these leads were wired to drain-wire connections to around were concidered to be 

three pin letters. ( si,, pins) of the multi-pin the simplest termination mode available. A 7.5 cm. drain 

connectors. Power was then supplied to the line wire length was used as a minimum pig-tail termination. 

receiver unit via the I/O cable and multi-pin The wire termination was then passed throuoh the rear 

connectors. of the baclshell to act as the shield around 

termination. these shields, their drain wires, and the 

Sstem Grounding around-wire connection were insulated with electrical 

tepe so as to be isolated from the overall cable shield. 

Grounding of the system was treated as follows. 3... cm. wires were also used at both ends of the overall 

Inside the line driver unit, three pieces of stranded cable shield and passed through the rear of the 

wire connected the filtered COMMON of the power supply backshells for use as this shield's ground termination. 

to the inside of the box, to circuit ground on the The overall cable shield, its drain wire, end the 

board, and to the conductors designated as COMMON from around-wire connections were insulated with electrical 

the multi-pin connectors. Inside the line receiver unit. tape so as to be isolated from the backshells 

,a piece of stranded wire connected the COMMON cable 

conductor ( at the card-edge connector) to the box. The 

line driver unit and the line receiver unit were each 
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additional source decoupling capacitors of greater than 50 pF 

result in full band flatness for the HMR-10503. The VSWR of the 

input and output is always better than 2.0:1 and typically better 

than 1.7:1 across the specified frequency band when assembled 

using nominal wirebond lengths of 15 to 25 mils. 

Noise figure for either unit at 25% Idas is typically 6 db, 

7.0 db maximum. When biased at 10 Volts and 50% Ides 

(configuration B), the noise figure is less than 10 dB and 

typically less than 8.0 dB. Figure 4 shows the typical noise 

figure at both bias conditions versus frequency. 

No
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FIGURE 4 

TYPICAL NOISE FIGURE vs. FREQUENCY, 
CONFIGURATIONS A AND B. 

Configuration B 

Contigu ation A 

0 1 0 20 30 40 5.0 60 

Frequency (GHz) 

The third order intercept point ( IP3) versus frequency for 

both bias options is shown in Figure 5. The minimum of + 18 dBm is 

achieved at the high end of the frequency band at 25% Idas. 

Typical third order intercept point at 50% Idas is greater than 

+20 dBm. 
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Figure 5. Third order intercept point vs. frequency. 

Idd variation at either bias option is consistent unit to 

unit as well. Typical supply current is 50 mA plus or minus 10 mA 

at the low bias point for the total unit. DC supply voltage is 

user defined from 8 to 15 Volts depending on the specific power 

supply voltage availability, specific output power desired, and 

temperature range requirements. The basic performance 

characteristics of gain, VSWR and isolation are relatively 

independent of power supply voltage. Gain variation of gain of 

typically 0.03 dB/ degree C for this two stage amplifier. 

Flatness is maintained across wide temperature ranges. Figure 8 

shows the typical gain performance at - 20, +25 and +85 degrees C. 
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On the 26- line cable, the 3.5 cm. long ground-wires interface units within the shielded enclosure. Test 

were passed through the rear of the backshells. The data were repeatable, provided that the particular I/O 

shield, drain wire, and ground-wire connections were cable under test maintained a constant orientation. If, 

then insulated with electrical tape and the backshells ¿or example, e series of tests were performed on one of 

were replaced. When a cable was to be tested, it was the cables during which several of the parameters under 

suspended from the screen room ceilina. The cable was study were changed and then the tests for the first 

looped around the shielded enclosure as nearly to 1 parameter change were repeated, the results of the two 

meter from the screenroom walls, floor, ceiling, and tests would be within 3 dB of each other. 14 one cable 

test bench as possible. The cable ends were attached to was fully tested and then the other cable was fully 

the line-driver unit and line-receiver unit, which were tested, any attempts to repeat tests of the first cable 

clamped to the test bench, would give a somewhat different radiation profile 

because of the different orientation of the cable with 

The shield ground wires were terminated in spade respect to the antenna and shielded enclosure. Even 

lugs. This permitted the shield terminations to be 

reconfigured by fastening the appropriate lug to the 

connector backshells at a cable restraint screw. For 

the 26- line and the 55- line cable shields, tests were 

performed usina various shield termination 

configurations with and without a matching resistor 

present. 

The antenna was positioned approximately 1 meter 

from the cable and 1 meter from the test bench. Figure 

though the radiation profile would be different for the 

reconfiaured cable, the relative test results remained 

the same. 

Dioital Signal Line Conduction ( DSLC) Tests 

Two sets of DSLC tests were performed. Both sets 

we:e run at a data rate of 9.6 kbit/sec. Test 

parameters were based upon the operating data rate of 

9.6 kbit/sec. For these tests, high-pass filter 

3 illustrates the orientation of the cable, antenna. and sections were inserted at 10 kHz. 100 kHz. 1 Mhz. and 10 
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FIGURE 6. GAIN (S21) VS. FREQUENCY AT -20, .25.0 AND +85*C, CONFIGURATION A 
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Testing and Quality Assurance 

To insure consistent and reliable performance, the HMR-

10502 and RMR- 10503 are tested and qualified under procedures 

similar to standard FETs produced by Harris Microwave 

Semiconductor. Samples from each lot are strenuously tested to 

qualify the lot for mechanical integrity, electrical performance, 

and reliability. The flow of the product assurance and lot 

qualification process shown in figure 7 results in product that 

exceeds the Element Evaluation requirements of MIL -STD -883C, 

Method 5008 for Class B devices. 
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With the combination of low cost repeatibility, 

reliability and application flexibility, the MR- 10502 and HMR -

10503 can be effectively inserted into many system designs. One 

of the most obvious applications that can use the basic utility 

gain characteristics of the ICs is in receiver/transmitter 

modules. Figure 8 is a block diagram of a typical single channel 

dual conversion downconverter operating in the 500 MHz to 5.0 GHz 

frequency range configured with distributed gain in the form of 

HMR- 10503s to maintain noise figure and dynamic range. A 

significant advantage of using distributed gain is that it 



instance, there was a general increase ( 6 - 15 clE) in 

emanation levels for all but the top decade ( 30 - 300 

Mhz) when Z was omitted. The least sensitive 

configuration when filterpins were not used was with the 

shield grounded only at the source end ( Figure 7). 

Here, the omission of Z results in additional emanations 

from 0.010 to o.oso Mhz and 4 - 8 clE enhancement of 

frequencies from 3 - 8 Mhz and from 4u - 60 MHz. 

When filterpin connectors were used with the 

26- line cable, none of the grounding configurations 

showed variations beyond 2 Mhz attributable to the 

presence or absence of Z. Grounding the cable shield at 

both ends seemed to result in the least sensitivity of 

all configurations ( filtered or unfiltered). For this 

case, the inclusion of Z prevents enhancement of 

frequencies between 0.300 and 1.0 MHz as shown in Figure 

is shown in Figure 9 and reveals e gross increase in 

emanation levels over a fairly wide spread ( i.e., 1U - 

25 dP from 0.010 - 10 MHz). The increases were 

predominantly for frequencies below 10 MHz, with the 

eception of a 10 dE decrease near 60 MHz and a 15 db 

increase near 150 MHz, both attributable to the 

e,:clusion of Z. This configuration, with all of the 

shields untermineted and without filterpine. was the 

most sensiti,'e to the presence or absence of Z. Of the 

other configurations where filterpins were not used, 

some were far less sensitive. Even for the least 

sensitive unfiltered configuration ( see Figure 10fr, 

large peaks were reduced by the inclusion of Z. In this 

configuration, the overall cable shield is open and the 

individual shields are grounded only at the source end. 

The frequencies of interest lie throughout the profile, 

with 10 and 15 dE, increases near 5, 16, 2.), and 60 MHz 

El. attributable to the omission of Z. 

55-Line Cable Results, Z 

The effect of Z on the 55- line cable was greatest 

when non-filterpin connectors were used. Comparison of 

the unshielded ER profiles with and without Z in place 
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Where filterpin connectors were used with the 

55-line cable, the effect of Z was less obvious. The 

more dramatic examples are configurations with the 

individual shields grounded at both ends and the overall 

cable shield open at one end. A comparison of these test 
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results in reduced specification requirements, and therefore 

cost, for the various subsystem elements such as mixers and 

filters. 
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Figure 8. Downconverter Block Diagram 

In this example, the input frequency is assumed to be 3.0 

GHz, the intermediate frequency is 600 MHz, and the output 

frequency less than 150 MHz. This example converter has a 

reasonable frequency plan for minimizing spurious response from 

the mixer products. A dual conversion approach may not represent 

an optimum system, but does serve to illustrate the basic 

elements that affect system performance. 

The input limiter is typically a PIN diode assembly for 

input protection and low insertion loss, normally a coaxial 

component or a substrate assembly inside the converter module. 

Since the insertion loss of this device degrades the system noise 

figure, it is important that it is appropriately specified and 

designed. For this example, a 0.5 dB insertion loss is assumed. 

The low noise amplifier ( LNA) defines the sensitivity of the 

receiver subsystem and therefore its specifications are key. In 

the typical converter, the output power capability of the first 

stages of amplification has little impact on system dynamic range 

due to the relatively low gain. A 2.0 dB noise figure in a module 

having 18 dB of gain is achievable at 3.0 GHz. Intermodulation 

performance is not a critical specification for the first stage. 

The band pass filter ( BPF1) defines the input bandwidth of 

the receiver and eliminates the "image band" for the subsequent 

mixer operation. Rejection of this undesired sideband is a strong 

contributor to the sensitivity of the receiver. Interference 

signals collected by the antenna in this undesired sideband must 

be rejected, or they become noise and distortion on the signals 

of interest. The modest gain levels, before the first mixer, 

afforded by distributed gain keeps the level of the image band 

signals low. Therefore the rejection requirements for the filter 

are minimized, saving overall subsystem volume ( size) and cost. A 

relatively simple microstrip structure with 2.0 dB of loss would 

usually be adequate. 

Between 

HMR-10503 is 

of this IC 

the filter and mixer, utility gain in the form of an 

inserted. The gain and intermodulation performance 

complement the use of a low cost mixer and the 

insertion losses of the mixer are overcome by the gain of the 

HMR-10503. The reverse isolation of the amplifier limits the 

undesired LO leakage of the mixer. The specified performance of 

most mixers is with a condition of all ports terminated in 

broadband 50 ohm loads. Reactive termination of the inputs or the 

output with a reactive load such as a filter, can frequently lead 

to insertion loss ripple and worsened intermodulation distortion. 

The low VSWR of the amplifier output properly terminates the 

548 



cases i shown in Figure II. For these configurations, 

the increases were 6 - 15 dE( in magnitude and occurred 

primarily for frequencies from 0.200 - 2.0 MHz. For the 

other configurations where filter- pin connectors were 

26-Line Labia Results, Shield Termination 

Configurations 

For the singly- shielded, 26- line cable, the 

used, the presence or absence of Z was less critical. greatest shielding effectiveness resulted from grounding 

The least sensitive of the filtered configurations was the shield at both ends. When non-filterpin connectors 

with the individual shields grounded only at the source were used, grounding both ends of the shield was most 

end and the overall cable shield grounded at bo th ends effective for frequencies below 6 MHz compered to the 

(see Figure 12) where the inclusion of Z reduced unshielded profile as shown in Figure U. Here, the 

emanations from 4 - 9 MHz by 2 - 4 dB. very lowest decade ( 0.010 - 0.100 MHz) of emanations is 

completely eliminated. There is some shielding 

EFFECT of GROUNDING CONFIGURATION effectiveness above 10 MHz, but these frequencies are 

still at unacceptably high levels. 

The results of grounding cable shield terminations 

in various combinations are discussed below. These 

effects vary between the two cables end between test 

cases where filterpin and non-iilterpin connecters were 

used. The simpler, 26- line cable tests are discussed 

first. 
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When non-filterpin connectors were used with the 

26- line cable, grounding a single end of the cable 

shield was most effective below 1 MHz. Note the results 

of these test cases, also shown in Figure 13. There was 

a loss of shielding effectiveness ( as much as 30 dB) 

from 1 to 20 MHz when only one end of the shield was 

grounded. 

When the 26- line cable was connected usino 

filterpins. the most effective grounding configuration 

using filterpins was where the cable shield was grounded 



input of the mixer to minimize spurious performance. This 

amplifier would be biased at the 25% Idos level. At this bias 

level the HMR-10503 would have 12.0 dB of gain with typically 6.0 

db noise figure. 

A mixer is specified to minimize insertion loss and 

spurious responses. Spurious response is usually a function of 

the intercept point of the mixer, which is a strong function of 

the LO drive capability. In addition, the termination of the LO 

port in particular, and the RF and IF ports in general, affect 

the level of spurious mixing products. For reasonably 

signals, optimization of the termination with reactive 

for all the spurious signals is extremely difficult. In 

most mixers are specified for 50 ohm terminations over 

broadband 

elements 

addition, 

a limited 

LO -drive - range. This might be 3 to 6 dB around a required LO 

drive level of +7 to + 10 dBm. An isolator would furnish the 

appropriate termination and isolation. The use of a buffer 

amplifier in gain compression, such as the HMR-10503, on the LO 

port also results in predictable spurious response while 

providing increased and stable power level to the mixer. A 

relatively simple low cost mixer is assumed in the block diagram 

analysis. Such a mixer would likely have 7.0 dB insertion loss 

with a + 17.0 dBm third order intercept point, referenced to its 

Input. 

On the output of the mixer would be a buffer amplifier to 

terminate the mixer IF port and also to furnish isolation from 

spurious signals from the second conversion stages of the 

converter. This amplifier also furnishes a stable termination for 

the bandpass filter ( BPF2) assuring minimal VSWR induced ripple 

in the insertion loss. This amplifier would also be biased at 25% 

Idos. Since the third order intercept point of the HR- 10503 is 

greater than + 20.0 dbm referenced to the output at the IF band, 

the intermodulation performance is sufficient as to not degrade 

the subsystem dynamic range. 

The second Bandpass filter ( BPF2) effectively determines the 

converter bandwidth. This filter is typically as narrow as the 

desired signal bandwidth will allow. Since insertion loss is a 

function of bandwidth, this filter specification would have 

higher loss than the -frontend filter" BPF1. The out- of-band 

rejection is set by the need of reverse isolation. Since the HMR-

10503s in the IF path each furnish 30 dB of reverse isolation, 

the bandwidth and number of -poles - for this filter may be 

reduced. A loss of 5.0 db could be expected from this filter 

using low-cost implementation technology. 

Many converters require that gain variation over temperature 

be minimized. To correct for the gain variations, temperature 

compensation circuits are used. Usually these are included in the 

First IF section between the IF filter BPF2 and the second mixer. 

PIN Diode networks or attenuators comprised of FET -Tee" or -PI" 

circuits with silicon opamps for drivers are typically used. The 

insertion loss of this function is dependent on the amount of 

gain control required. For this example a nominal loss of 6.0 dB 

is assummed. 

The input to the second mixer is buffered for the same 

reasons as the first mixer. The needs for good termination and 

isolation on the input port of the mixer is mandatory for 

predictible performance. Additional specification constraints on 
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at both ends. Comparison of the graphs of Figure 14 55-Line Cable Results, Shield Grounding 

shows attenuation as great as 38 dB for frequencies 

below 7 MHz. This eliminates the lowest decade ( 0.010 - 

('.100 MHz) of emanations, and reduces the levels of the 

remaining emanations. 

When filterpin connectors were used with the 

26-line cable, grounding one end of the cable shield was 

most effective below 0.200 MHz ( Figure 14). It made 

little difference which end was grounded, but grounding 

only a single end resulted in a loss of attenuation ( as 

much as 4(1 dB) from 0.100 MHz to 10 MHz. In each 

instance, there was only a narrow band of frequencies 

from 0.300 - 0.600 MHz where mild enhancement ( maximum 

of G dB) over the unshielded profile occurred. However, 

when these configurations were compared to similar 

configurations where filterpins were not used ( Figure 

13), they demonstrated a drastic loss of shielding 

effectiveness from 0.100 - 1 MHz when only a single end 

of the shield was grounded. This effect is apparently 

not the result of the grounding configuration alone, but 

of the sensitivity of these configurations to the 

presence of the filterpins. 
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Configurations 

The 55-line cable, having two ( sets of) cable 

shields, realized its greatest shielding effectiveness 

when both the overall cable shield and the individual 

shields were grounded at both ends. Figure 15 depicts 

these results. When non-filterpin connectors were used 

. the unshielded profile extended up through 300 MHz. 

The lowest two decades ( 0.010 - 1.6 MHz) of emanations 

were elimineted by grounding all four shield 

terminations. Attenuation of the radiation profile at 

certain frequencies above 10 MHz exceeded 20 dB. 

If the individual shields are grounded at both ends 

(non-filterpins still used), opening one end of the 

overall shield does not drastically reduce the 

attenuation. In fact. opening both ends of the overall 

cable shield ( Figure 15) does not result in a gross loss 

of attenuation. provided that both ends of the 

individual shields ere grounded. However, termination 

of the individual shields is far more critical. 

when both ends of the overall cable shield were 

and r'en-iilterpins we te used i. opening one end 

Even 

grounded 

of the 
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this amplifier are associated with output power level as it 

relates to intermodulation distortion. In this typical system, an 

HMR-10503 is used with either one or both stages biased at 50% 

Ides of the RF transistors as described earlier. Its greater than 

+22.5 dBm third order intercept point is adequate to avoid 

degradation of the subsystem intermodulation performance. Gain 

would typically be + 13 dB for this stage at the 50% Ides bias 

point. 

The final mixer down- converts the first IF for distribution 

in the receiver subsystem. Again the performance of the mixer is 

dependant on the VSWR of the loads terminating the RF. LO, and IF 

ports. The use of utility gain blocks also satisfies the 

subsystem needs for this second mixer. A low cost mixer is 

assumed for this function. The + 17 dBm third order intercept 

point of such a mixer is the subsystem limiting intermodulation 

distortion contribution. The use of a higher performance mixer 

would enhance subsystem performance The HMR-10503 used as a LO 

buffer would furnish adequate power drive for a higher dynamic 

range mixer. 

The post amplifier function isolates the mixer output from 

the converter output and establishes the output VSWR. The dynamic 

range specification requirements for this block are the most 

stringent of any of the circuits in the converter. A well 

designed, high intercept point amplifier is needed. This example 

assumes an amplifier with 12 dB of gain and a noise figure of 6.0 

dB. 

The example demonstrates the use of distributed gain in 

nominal 12 dB increments to facilitate the design of RF 

converters. The analysis contained on the block diagram, shows 

that utility gain blocks, and other RF functions of nominal 

performance, can result in reasonable overall performance of the 

subsystem. Each subsystem function, whether it be a filter or 

mixer, benefits from reduced component performance specifications 

while maintaining dynamic range. Repeatibility, consistency and 

compliance to design are more easily achieved with the use of 

distributed gain ICs and their controlled, predictable interfaces 

with the other subsystem functions. 

The introduction of Harris Microwave Semiconductor's HMR-

Series of RF IC products offers subsystem designers a unique 

opportunity for high performance frequency converters. Key 

attributes offered by amplifier stages, distributed through a 

subsystem design, can now affordably be inserted into 

communication, KW and radar systems supplying more functions in 

smaller packages at lower cost. The promise of more highly 

integrated RF IC-based subsystems can now be realized. 



individual shields creates problems. Comparison of the 

graphs of Figure 16 shows a general loss of attenuation 

(especially from 1 - 10 MHz) and a slight increase in 

frequency spread. As the overall shield was opened at 

one end or the other, not only a further loss of 

attenuation was noted, but e drastic increase in 

frequency spread ( greater than 1 decade in lower 

frequencies) as well. Figure 17 shows the radiation 

profile which occurs in the absence of any benefit of 

the overall cable shield ( i.e., open at both ends). 

Grounding only a single end of the individual shields 

resulted in a slight decrease in emanation levels when 

just the source end was arounded and an increase in 

emanation levels at higher frequencies when rust the 

load end was grounded. This enhancement of the higher 

frequencies occurred from 22 - 60 MHz with amplitude 

levels greater than those of the unshielded profile. 

Enhancement of emanations wes a greater problem when 

filterpin connectors were used with the 55- line cable. 

confiourations further attenuated these emanations, 

while several enhanced the emanations. Thie enhancement 

of emanations from 0.200 to 2 MH: is e,hibited by some 

configurations where, at certain frequencies in the 

range of enhancement, there is an increase in emanation 

levels as great as 1Ci - 20 dB above those of the 

unshielded profile. These configurations were those 

where a cable shield i,as grounded at a single end, but 

neither the overall cable shield nor the individual 

shields are grounded at both ends. Note the affect on 

emanation levels. These grounding confiourations were 

also the least effective from the standpoint of 

frequency spread. This enhancement does not result from 

the grounding configuration. Comparison of similar 

configurations where non-filterpin connectors were used 

(Figure 17) with the unfiltered, unshielded profile 

reveals that these confiourations ehould attenuete 

emanations from 0.200 to 2 MHz. 

Of the remainino configurations where filterpins 

When the 55- line cable was connected with were used, areater attenuation was effected by grounding 

filterpins, the unshielded profile ( shown in Figure both ends of the individual shields than by grounding 

produced a greatly reduced radiation profile which b,th end= of the overall shield. Comparino the results 

e- tended only from 0.010 - 20 MHz. Several grounding ine,evements for frequencica below e ;H:. 
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excluding those between 1 and 2 MHz. The best grounding 

configurations are shown in Figure 19. These are the 

test 

both 

ends 

cases where the individual shields were grounded at 

ends and the overall cable shield was open at both 

or grounded at both ends. In these cases, there 

was both a large reduction of frequency spread as well 

as great attenuation of frequencies below 4 MHz ( compare 

these with the unshielded profile). The addition of the 

overall cable shield resulted in the elimination of 

emanations between 2 and 4 MHz. 

EFFECT of FILTERFIN CONNECTORS 

Both cables were tested using filterpin connectors. 

The effect of these filterpins upon the ER profiles of 

the different grounding configurations is seen by 

comparing a filterpin test with its non-filterpin 

counterpart. For such comparisons, it is necessary to 

include certain bandwidth correction factors in order to 

account for the different bbandwidths used in collecting 

data. A correction factor of 12 dB should be added to 

the filterpin results when they are compared to the 

non-filterpin results within the frequency range of 

0.900-30 MHz. The tests of the 26- line cable will be 

discussed first. 
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26-Line Cable Results, Filterpins 

The most prominent and consistent effect of the 

filterpins was a 

frequency spread 

Figure 20. When 

non-filterpins . 

general reduction of the overall 

of the ER profiles as can be seen in 

the 26- line cable was connected with 

the ER profile spanned from 

approximately 0.010 - 300 MHz. Inclusion of the 

filterpins reduced this, llowing the profile to extend 

only to 20 MHz . For this configuration, with the cable 

shield open at both ends, the filterpins cause a slight 

enhancement ( maximum of 9 dB at 500 kHz) of emanations 

from 0.100 - 2 MHz over the unshielded profile without 

filterpins. This is far more pronounced for other 

configurations. 

In two instances shown in Figures 21 end 

filterpins resulted in a gross enhancement of 

between 0.100 - 2 MHz. When the cable shield 

22. LISP of 

emanations 

was 

grounded at one end alone, these emanations were 10 - 40 

dB higher ( remember to include the bandwidth correction 

factor) than those of corresponding non-filterpin 

confiourations. 
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When the cable shield was grounded at both ends, 

the filterpins caused an enhancement of the emanations 

from 0.250 - 4 MHz (see Figure 23). For this filterpin 

test case, emanations were first detected at 0.095 MHz 

versus 0.250 MHz. As in the other cases, the filterpins 

completely eliminated measurable emanations beyond 2(1 

MHz. Also, the filterpins caused slightly less 

attenuation of the emanations near 16 MHz epproyimately 

22 dE) than the other filterpin configurations ( 20 - 30 

dE). The overall levels near 16 MHz were about the same 

in all four cases shown in Figure 14. 

55-Line Cable Results, Filterpins 

When the 55- line cable was connected with 

filterpins. there was a large reduction in the frequency 

spread of the emanations, as well as frequent 

enhancement of the remaining emanations over those of 

corresponding unfiltered profiles. Figure 24 

e>:emplifiess this. When filterpin connectors were not 

correction factor of 12 dE must be added to all 

filterpin results between (I.900 end 30 MHz before 

comparison with non-filterpin tests.) In the 

configuration with both the overall shield end the 

individual shields open at both ends, this filterpin 

radiation profile was used as the basis of comparisons 

to determine enhancements attributable to the filterpins 

for the various permutations of sheild terminations. 

The use of filterpins in all these grounding 

configurations increased emanation levels somewhat over 

those comparable cases where filterpins were not used. 

Of those effected. the two configuratio,s which had the 

least enhancement were those where the individual 

shields were grounded at both ends end the over cable 

shield was either open at both ends or grounded at both 

ends. Ylhese results ere shown in Figure 25 along with 

the corresponding unfiltered test configuration 

results.) In these cases, the use of filterpins 

resulted in emanations occurring approimately one-half 

used, the unshielded ER profile spanned from decade lower in frequency than the unfiltered test setup 

approimatelv 0.010 - 70,) MHz. The filterpin connectors counterpart. 

limited the rencm oi emi,nations to l& MHz. fi he 
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The greatest enhancement of low-frequency 

emanations occurred when filterpins were used in a 

configuration where shields were grounded only at a 

single end. In these cases, gross enhancement ( 10 - 35 

dB) of emanations resulted over the decade of 0.100 - 1 

MHz. Another point of interest can be made by examining 

the results of the filterpin test cases shown in Figure 

18. The four cases of interest have a peak emanation 

occurring approximately at 0.250 MHz with levels 12 - 15 

dB greater than those at the same frequency for the test 

case where no filtering and no shielding was used ( see 

Figure 17). The interesting aspect of this is that 

0.250 MHz is the frequency corresponding to the 

transitional rate of the data bits. 

For all grounding configurations of the 55- line 

cable, the filterpin connectors attenuated emanations 

above 20 MHz so that they were no longer detectable. It 

CONCLUSIONS 

Use of Z with the 26-Line Cable 

The 26- line cable, having wire-pairs of unspecified 

characteristic impedance, presented a potential mismatch 

at the source end of the cable, as well as at the load 

end. In every test configuration, inclusion of a 

100-ohm matching resistor provided at least a minor 

reduction of emanation levels. When filterpin 

connectors were used, the benefits of Z become less 

obvious. It is suggested that the characteristic 

impedance of the filterpins ( 10 - 100 ohms) placed at 

both ends of the cable predominates in the transmission 

line parameters by reducing the impedance mismatch at 

both ends of the cable. However, because there is no 

certainty that the filterpins will be matched from 

may be worth noting that emanations near 16 MHz connector to connector, or line to line, it is 

underwent varying degrees of attenuation. This 

attenuation ranged in value from 50 dB ( Figure 26) to 36 connected across the differential pairs of the 26-line 

dB ( Figure 25). The filterpins have typical insertion 

losses of 25 - 30 dB near this frequency. 
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recommended that the 100-ohm matching resistor, Z, be 

cable. 
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Use of Z with the 55-Line Cable 

The 55- line cable, whose wire-pairs are specified 

as having a 100-ohm characteristic impedance, presented 

a potential mismatch at the load end of the cable. 

Omission of the 100-ohm matching resistor generally 

resulted in higher level emanations with no noteworthy 

increase in frequency spread. When filterpin 

connnectors were used, improvements arising from the 

inclusion of Z were less obvious. Again, it is believed 

that the characteristic impedance of the filterpins, 

imposed upon the cable prior to Z, reduces the impedance 

mismatch. However, because of the uncertainty of 

filterpin pairing ( line to line and end to end I, it is 

recommended that a 100-ohm matching resistor be placed 

across the differential pairs at the load end of this 

cable. 

INFLUENCE OF SHIELD GROUNDING CONFIGURATION 

26-Line Cable Shield Termminations 

When using the singly-shielded. 26-line cable, it 

was always best to around the cable shield at both ends. 
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A great deal of attenuation was forfeited by grounding 

only a single end of the shield. Some attenuation was 

noted at the high frequencies present when non-filterpin 

connectors were used. However, any appreciable 

attenuation due to shielding effectiveness extended only 

to 6 or 7 MHz for the non-filterpin test cases. When 

filterpin connectors were used, attenuation of 

emanations by the shields extended only up to 0.300 MHz. 

55-Line Cable Shield Terminations 

The shields of the 55- line cable were most 

effective when the two shields were grounded at both 

ends of the cable. When non-filterpin connectors were 

used, the influence of different shield grounding 

configurations were discernable up through 100 MHz. The 

effectiveness of shield grounding was predominant at 

frequencies below 6 MHz. Grounding a single end of the 

shields caused a loss of attenuation. Termination of 

the individual shields was most crucial, probably due to 

greater capacitive coupling between the shields and 

wire-pairs. 



Lowpass filterpin connectors proved to be the 

single most effective method of reducing unwonted 

emanations. We configuration of shield terminations was 

When filterpin connectors were used with the 

55- line cable, shield grounding was especially 

important. The worst configurations were those where a 

shield was grounded at a single end and neither the 

overall cable shield, nor the individual shields were 

grounded et both ends. These configurations actually 

resulted in enhancement of frequencies ( from 0.2 - 2 

MHz) over the unshielded profile. This enhancement was 

nGt noted for similar grounding configurations using 

non-filterpin connectors,and seemed attributable to the 

presence of the filterpins. The effects of grounding 

nearly as effective as the filterpins. Even with the 

shields ungrounded, major reduction of emanation levels 

and overall frequency spread were achieved through the 

use of filterpin connectors. From the ER shielding 

perspective, the advantages of this attenuation far 

outweigh the few di sadvent aoes that surfaced. 

From the systems perspective, the filterpin 

connectors are potentially undesirable in a balanced 

date transmission system where they may contaminate the 

system grounds with common-mode currents. While these 

configuration were observable only up to 2.-) MHz because currents were not actually measured, they seem to have 

of thr large reduction uf frequeNcy -_ preed attributable 

to the filterpins. The greatest shielding effectiveness 

resulted from grounding all of the shields at both ends. 

The improvement of this configuration over others was 

discernable only to about 3 MHz. 

been responsible for enhancement of emanations in 

instances. When filterpin connectors were used with 

either cable, all shield termination configurations 

resulted in at least some increase in emanation levels. 

from 0.1e.r0 - 1 MHz. Configurations where a shield was 

terminated at a single end were most sensitise. Use of 

filterpin connectors in these configurations resulted in 

EFFECT of FILTERPIN CONNECTORS emanation levels dramatically increased ( for the above 

frequency range) over those of similar configurations 

where filterpins were not used. In fact, emanation 

levels of the more sensitive configurations with the 

filterpin connectors ie:ceeded even those leYels in the 
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0.1-1 MHz ranoe of the test case where no filtering and 

no shieldino were used. It is believed that these 

shield termination configurations create an effective 

E-Field radiator. In so doing, the shields act as an 

antenna, driven at either end by common-mode currents 

from the filterpins to ground. This effect, although 

extremely detremental to shielding effectiveness, can be 

avoided by grounding all cable shields at both ends. 

Aside from the reduction of emanations by 

filtering, another advantage of filterpins became 

apparent when the effects of an impedance matching 

resistor, Z , were studied. Emanations resulting from 

a potential impedance mismatch were reduced by the 

presence of filterpin connectors. The filterpins are 

specified as having • characteristic impedance between 

10 and 100 ohms. Placement of this impedance at both 

ende of the transmission line-pairs tends to reduce the 

VSWR. While they are not likely to be custom-matched 

from end to end, or line to line, all of the filterpins 

have a characteristic impedance of the same order of 

magnitude ( also coincident with the output impedance of 

the RS-422 line driver). 

In the final analysis, the advantages 

connectors far outweigh the disadvantages. 

proper shield configuration, the inclusion 

of filterpin 

With the 

of filterpin 

connectors results in outstanding attenuation of 

unwanted emanations. The shielding effectiveness of any 

of these termination configurations is, however, based 

on the use of an equipotential around plane as suggested 

in MIL-HDBK-419. 

The next obvious step in an evaluation of 

techniques to reduce radiation from cables is to drive 

multiple signal lines. For this test situation, a rise 

in radiated field strength is empected with the increase 

in the number of driven lines. This increase would be 

attributed to the fact that all the signal lines share a 

common shield. 
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NEW INSIGHTS INTO ' OLD. NETWORK ANALYSIS TECHNIQUES 

by 
Lorenzo Freschet 
Product Manager 

HEWLETT-PACKARD COMPANY 
1400 Fountaingrove Pkwy. 
Santa Rosa, CA 95401 

Network Analyzers have been commonly used in the 

characterization of linear components such as filters, 

amplifiers, attenuators, switches, semiconductors, transmission 

lines and antennas over the RF and microwave frequency range. 

They measure the energy reflected from and transmitted through 

the device under test ( DUT). By analyzing the amplitude ratios 

and phase differences between incident and the reflected and 

transmitted waves, the complete impedance and transmission 

characteristics of the DUT can be determined. Network analysis 

techniques started with slotted lines and gain-phase voltmeters 

at CW frequencies, but became popular as swept frequency 

characterization came about. 

A network analyzer will always have four key parts: 

1. A swept frequency source that provides the stimulus to 

the DUT. 

2. A signal separation device that samples the incident, 

reflected, and transmitted signals to be measured. 

3. A reciever to measure the amplitude and phase of the 

separated signals. 

4. A display to show the data in rectilinear ( Cartesian), polar 

or Smith Chart format. 

See Figure 1. Network Analyzer Diagram 

More recent network analyzers combine these elements into 

integrated packages for better performance and add significant 

enhancements. The following measurement applications areas are 

used to illustrate these new capabilities. 

Filters 

The high performance RF systems being designed are placing 

significant requirements on filter measurement accuracy. 

One of the key elements is the frequency accuracy. Analog 

swept sources have great difficulty in measuring many modern 

filters ( e.g. crystal and SAW) both because of their frequency 

accuracy and residual FM. Synthesizer sources are required, but 

at the expense of speed since they step along at CW intervals. 

Other techniques use a frequency counter to help guarantee 

accurate frequency information. Now network analyzers 
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incorporate swept synthesizers which offer the convenience of 

analog sweep and the precision of synthesizers at the same time. 

SAW filter measurements are particularly difficult. Due to 

the different paths signals can take in the device, distortion in 

the frequency domain can occur which is very difficult to detect. 

These are called spurious time-domain responses. With their 

inverse Fourier transform ability, network analyzers can measure 

both the frequency and time-domain responses. 

See Figure 2. SAW Filter Measurement in Frequency 

and Time Domain 

Group delay measurement is often required to check for 

distortion. Previously, additional equipment was required that 

passed a modulated signal ( FM or AM) through the DUT. Not only 

was this technique cumbersome, but often of unsuitable accuracy 

and repeatability from system to system. Deviation from linear 

phase was rarely used as a distortion parameter since it was 

almost impossible to equalize out the linear component of phase 

by simple methods. Now 

built-in computer, they 

response more precisely 

that network anlyzers incorporate a 

can determine the DUT's group delay 

from the phase information. This 

technique is fast and utilizes the accuracy enhanced data for the 

most accurate and repeatable results. In addition, deviation 
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from linear phase is simple now with built-in electrical length 

control to balance virtually any length offset. 

See Figure 3. Group Delay and Deviation from Linear Phase 

Transistor 8-Parameter Measurements 

High frequency transistors are commonly used by RF engineers 

in their own designs. For the most part, they rely on 

manufacturers' measurements on an individual device. Typically, 

the set of S-parameter measurements are often incomplete leaving 

the user to measure his own. For these, the system measurement 

uncertainty can often be large. The errors due to imperfect 

couplers and non-ideal mismatches can add significantly. Using 

fixtures, adapters and cables only compounds the problem. Only 

by analyzing the errors and making worst-case assumptions does 

the designer know the uncertainties of his measurements. If 

these errors are large, they force him into designing with 

unnecessarily large safety margins. This can unnecessarily 

complicate things and also keep the end product from meeting its 

performance objectives. 

Previously, the only alternative was to reduce the 

measurement errors by obtaining better hardware and reducing the 

number of adapters and cables between the measurement instrument 

t---1L4 .5 e-à 
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and the device. Generally, this isn't enough. Tuners can be 

employed at a particular frequency, but not over the wide 

bandwidths needed. Only until automatic network analyzers, 

driven by computers, could these uncertainties be further 

reduced. They offered a calibration technique called vector 

accuracy enhancement which used external calibration standards 

(open, short, 

uncertainties 

data for very 

disadvantages 

computer, and 

load) to actually measure the measurement 

and vectorially subtract them from the measurement 

high accuracy. This was a popular technique with 

of requiring a programmable network analyzer, a 

quite slow measurements. 

Now complete vector accuracy enhancement techniques using 

short, open, and load calibration standards are built inside 

network analyzers to provide the low levels of uncertainty needed 

for the best device characterization. Once integrated inside, 

the measurement speed increased substantially allowing users the 

speed to see the measured parameters in real time. This 

technique also has the advantage of allowing very accurate 

measurements after adapters and in different connector types. 

See Figure 4. Transistor Measurement Before and After 

Accuracy Enhancement 

Antennae Measurements 
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When measuring antenna gain, match or patterns, extraneous 

or reflected signals can alter the data, giving erroneous 

results. This is why anechoic chambers usually are used to 

attenuate the unwanted signals. 

Modern network analyzers now have the ability to transform 

their frequency domain data into time domain reponses using the 

inverse Fourier transform. With this, the unwanted reflections 

can be viewed and analyzed. If a particular portion of the time 

domain is all that is desired, a GATING function can 

mathematically filter out the undesired signals in time. This 

gated response can then be transformed back and allow analysis of 

the measurement in the frequency domain with the effects of 

unwanted reflections removed. This technique often can give 

results comparable to those obtained in anechoic chambers. 

See Figure 5. Antenna Measurement in Frequency and Time Domain 

See Figure 6. Antenna Measurement After GATING Unwanted 

Signal in Time and Frequency Domain 

Fiber Optic Measurements 

Fiber optic media is commonly used to transmit high speed 



digital information. To characterize the transmission path and 

the components, pulse dispersion techniques using high speed 

pulse generators and high speed oscilloscopes are used. 

Now that network analyzers can mathematically transform 

measured frequency domain information into the time domain, the 

same network anlyzer can be used to quantify the dispersion of 

pulses. 

In summary, as the need for better network analysis by 

design engineers grows, so do the techniques available. Only 

recently have those techniques described here existed inside 

commercially-available network analyzers. They represent the 

latest steps in the steady improvement of measurement equipment 

to assist engineers with their design tasks. 
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A BROADBAND LUMPED ELEMENT VARIABLE ATTENUATOR  

by 

Dr. Rajeawari chattopadhyay I.R.L.N. Murthy E e pp. 
Chief Engineer Ex. Engineer Asst.Ex. Engineer 

 lesion R & D 
Indian Telephone Industries Limited 

Bangalore - INDIA. 

this function is shown in Fig.1 ( 6). AI is a voltage follower 

stage which maintains a constant voltage drop across the diodes. 

A2 and A3 form control voltage stages, which vary the currents 

through the diodes for changing the attenuation. 

Two important RF considerations in the realization of a 

A bridged-T variable attenuator was realized in the 1 MHz broadband variable attenuator are ( 1) the design of proper 

to 500 MHz band with an attenuation range of about 13dB and a 

minimum return loss of 21 dB. Due to its small size, broadband 

operation and good match at both the ports a bridged-I 

attenuator was chosen. 

In a bridged-I network ( Fig.l.a) the two variable resistors 

have to satisfy the following condition for a good match at both 

the ports : RI R2 = Zo , where Zo = characteristic impedance. 

PIN diodes can be used as current controlled variable resistors 

with resistance typically varying from 10 K ohms to 1 ohm above 

20 Hz. Since the forward current in a diode is an exponential 

function of the voltage drop across the diode, when PIN diodes 

are used in the bridged-I circuit the product It ill 2 will be an 

exponential function of ( V1+V 2 ) [ 11. 

11 111 2 = K1 eKT/ ( V1 + V2 ), 

where K1 is a constant. 

Hence for good match the sum of the voltage drops across 

'the diodes has to be held constant. The DC circuit achieving 
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layout to reduce parasitics ( 2) proper design of broadband DC to 

RF isolation elements. The attenuator was realized as per the 

layout shown in Fig.2 on a 31.25 mil thick Teflon fiberglass 

substrate with 50 ohms input and output microstrip lines. In 

this layout, the size of patches PI and P2 has been minimised to 

reduce parasitics. M/S. Salford Electronics Ltd., core types P 

and K10 were used to realize the low frequency ( 1 MHz to 150 

MHz) and high frequency ( 150 MHz to 500 MHz) chokes. One each 

of these high and low frequency chokes were used in series to 

obtain the broadband ( 1 MHz to 500 MHz) RF to DC islotion. 

Siemens type BA379 PIN diodes were used along with M/S. Johanson 

Chip capacitors and M/S. Pyrofilm 50 ohms chip resistors, to 

reduce the size. This attenuator had a minimum attenuation 

range of 0.8 dB to 11.8 dB with < 1.2 dB response over 1 MHz to 

500 MHz frequency range. It had a minimum return loss of 21 dB 

over the I MHz to 500 MHz band. The measured performance of the 

attenuator is given in Table 1. 



Tahle I. heasured Performance  of the E7idged-T Attenuator  

Freq. 
(MHz) 

I/L R/L I/L R/L I/L R/L 
(dB) ( dB) ( dB) ( dB) ( dB) ( dB) 

1 0.5 27 6.0 28 15.0 25 
50 0.5 27 6.0 28 15.0 25 

100 0.6 26 6.0 29 15.0 24 
150 0.6 26 6.0 30 14.9 24 
200 0.6 26 6.0 31 14.7 24 
250 0.6 25 6.0 34 14.7 23 
300 0.7 25 6.0 30 14.5 23 
350 0.7 25 6.1 29 14.4 23 
400 0.7 24 6.1 28 14.2 22 
450 0.7 24 6.1 28 14.0 21 
500 0.8 24 6.1 27 13.8 21 

Reference: ( I) Need a PIN diode attenuator ? R.S Viles 

Electronic Design, pp.100, Vol.25, No.7, 

March 29, 1977. 

( 1.21 
0 .1"/. 

P1 tI o 

1 IC, III). Bizior.rt) 

L L and L3 -OAF dNoket. 

th'e1 "f PEN bromi 

-3 erera•L vet. MGR 

'414 REp. VeLTIKIn 
R1 r RIP P 5o -a_ 

T AT rkitiAToR von' D C CONTROL CIOCLITQY 

S".74, 

Fren•l(e) EiRrine..1) -T yergA/oRK 

ci] 

rM 

Frey 1. R F czoteuti OF THE EIRT_Denfl, - T 

ATTG/JUATOR 

@ Nell OM MI MIR MIR Inn UM a U IIIIIII 1111111 



/lb BM Pm,' WEI Fos 11111111 UN VII 11141 WO IIIIII MO URI Mill all IIIIII Mil MIR SIM 

APPLICATION NOTES FOR 1Xff MIN ROTATED QUARTZ CRYSTALS 

Lynn C. Ileishman 
Applications Engineer 

PIF.7.0 CRYS1A1. COMPANY 
IOU " K" Street 
PI). Ras R19 

l'arlide. PA 171111 

SUMMARY 

Pleene'mirk: crystal resonators am used primarily for precise frequency 
remind mid liming The most frequently used piezoelectric niaterial is alpha 
quartz ' silicon diox it lel A quartz crystal acts as a stable mechanical resonator 
which. by its pieztegglectric behavior and high Q. determines the frequency 
generated in an oscillattn 'these bulk wave resonators am available in 
frequency ranges lettu approximately 1.11 Elie lo 51111 Mlle. 

For nearly half of a century two common crystelographic culls, called AT 
nui irr have been used extensively for most oscillator and filter applica. 
liuuiiq.'l'luu, electrical parameters and frequency vs temperature characteristics 
'If these cots am well known in the technical community. 

Regently however. the d lllll inance of the AT cut has been challenged by the 
newer doubly rotated crystal designs. especially in applications demanding 
precision frequency control. These doubly rotated designs am known as the 
rr and SC cuts. 
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While retaining the mom important advantages of the AT cul crystal, the 
doubly minted units have proven to be superior in many ways. The doubly 
rotated cuts show less sensitivity to shock, vibration, acceleration, thermal 
shock and thermal hysterisis. Less sensitivity to Processing and application 
vininbles such as elect nole and mounting stress, and, mom importantly, drive 
levels, have also given the doubly rotated cuts ot significant advantage over 
the Ar 
Many excellent papers with valuable dala have been presented in preceding 

years. but the dala was usually obtained f  small quantity experimental 
groups. The data contented in this paper is based on larger quantities of loll or 
  mils of each frequency listed. and comprise only cylindrical type cold 
weld enclosures 

VIBRATIONAL SENSITIVITY 

AIII gh several papers have previously reported on IIle various influences 
till vibrational sensitivity, much of this initial work was performed on crystal 
resonators enclosed in a crystal holder known as a "ceramic flatpack". 

All of the crystals used for this paper were sealed in one of three types of 
cold weld pm:insures: 11C-35/u. IIC-37/u or 11C•40/u. All of these enclosures 
utilize a four point mounting configuration spaced at 90 degrees. From pm-
v ions work, luis nuuuuuu,i luta method appears to he optimum and correlates well 
with previous data from government sponsored ceramic flatpacks. Also, the 
static measurements of "g-tipover" nit any given resonator typically correlate 
to less than I X 10 ../g lo ils vibrational sensitivity measurement. 

Vibrational sensitivity is a vector quantity in three dimensions. different in 
all axes. Measured differences can be as great as 10 to I. hut typically range 
from 2 X III" i0 I X lit ...1111•Se differences are principally due In Ille moment 

of inertia acting upon the elastic coefficients of the quarle. Consistency in 
vector direction appears lo have litlie correlation within a group. We have mil 
found process differences, other than mounting and resonator geometry. In 
have any appreciable effect nit sensitivity. 

'the quartz crystal resonator is. In reality, a mechanical device which, when 
mounted in a holier. is subject to mounting resonances. Further, oscillator 
design engineers must be aware of the possibility of resonances within the 
oscillator itself. Assmning no internal resonances within the crystal, the oscii. 
lane. or the system. the vibration gamma is flat up to 2000 Ile. 
Much of our data is provided in the brut of customer feedback. and is 

greatly appreciale.d for its value in comparison type measurements. Measure-
ment techniques vary considerably fmin user to user. and differences in resit'. 
lent gamma can arise dependent on whether the measurements were of the 
crystal itself, within an oscillator, or within a larger system. 

CALCULATION OF VIBRATIONAL SENSITIVITY GAMMA 
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V x' , + x'. + x 
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VIBRATIONAL SENSMVITY MEASUREMENTS 

FREQI IENCY/MODEff 1 IT r-srNsrrivrry 

i IC.35 1101DER TYPE: 
5 Mhz/Eundamental/S(' 3.9X 10 °./g +/- 1.11X111 '"/g 

fin Mliz/3rd Overtone/S: 3.5X 10 °Vg ¡ worst axis) 
80 MHz/3rd Overtone/SC .95X lelg leverage' 
95 MIlz/51h Overtone/SC 1.9 lo 7.7 X 10 "•/g 
100 Mlle/51h Overtone/SC 1.11 lo 5X 10 '/g 
100 MIlz/3n1 Overtone/SC 5 lo 8X 10 “Vg (worst axis) 
118 Mlle/5th Overtone/IT 3X 10 '"/! (worst axis) 
135 Mliz/5th Overtone/IT 5.5X 10 /g 

11C-37 HOLDER TYPE: 

5 MHz/Fundamental/SC .41X 10"/g 
10.0110 Mile/3rd Overtone/St : Measurements have ranged from 

3 lo (IX ga llllll lo, 

I.5X gauttuutuu 

11C.4111101.1WR TYPE: 

101100 MI leird Overtone/SC I.5X 10"/K 
5.11110 Mlle./3n1 Overtone/SC I.3X 10"/g 
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PHASE NOISE 

The doubly rotated cuts demonstrate still another ares of superiority when 
utilized in a precision oscillator phase noise and frequency stability, 

is well known that 110iSe originates not only in the oscillator circuit hut in 
quartz resonators undergoing excitation. Such " intrinsic" noise is believed to 
occur at various levels in all quartz resonators. While the mechanisms 
whereby this intrinsic phase noise Is generated have yet to be identified and 
cataingund in their entirety, it is known that resonator Q 'which is higher in 
the doubly rotated units) and frequency stability are inversely related in a 
statistical sense. 
The phase noise of a signal can be measured only by a system which has 

equal or better noise performance. Relatively little has been published on the 
comparative noise performance of the Al' cut vs doubly rotated negotiators ref 
similar fabriretion. due in part to the fact that most crystal manufacturers are 
not equipped to measure the those noise of quartz resonators. As a result. 
phase noise requirements appear on very few crystal drawings or specifica• 
Hons. However. the phase noise of crystal oscillators Is intrinsically deter-
mined by the performance of the resonator. Therefore, phase noise measure-
ments of the crystal oscillator circuits may be used In examine the phase mine 
performance of the crystals. 

'the close in phase noise of the crystal oscillator circuit is improved by the 
extremely high Q's developed in SC cut resonators. Also, the doubly rotated 
cuts may he operated. without damage or significant degradation. at substan-
tially hig- her power than the AT cut. thereby directly facilitating a correspond-
ing suppression of the white noise floor by approximately 01 dully. 
Typically AT cuts will exhibit Iba tendency to " mode hop" or ',milk up over 

Ille temperature vs frequency curve at drive levels in the aren of 2 Mw. How-
ever. SC cuts designed for rider .CP2 applications operate st R Mw. and have 
immensely added to radar sensitivity. 
Generally speaking for SC cut resonators. phase noise is to MI6 better 

than sitnilarly prepared AT cuts. An example of a superior SC rut crystal 
oscillator apnea. rs below. 

PHASE NOISE MEASUREMENT 

5M11Z. 3RD OVERTONE. IIC-40/11 1101.11ER TYPE: 

Hz FROM CARRIER NOISE. 1.F.VF.I. ldlicilzi 
132.5 

10 138.5 
20 141.5 
100 147.5 

LIMO 153.5 
10.000 159.5 
25010 160.5 

Figure 1 shows a comparison of measurements using 3rd overtone AT 1:1111% 
and a 5111 overtone AT cut At 100 Mlle with an average SC cut Arti nverlone 
performance curve. 

1.1gure 2 shows a phase noise comparison of several 3n1 overtone SC cut 
crystals with measurements made in different oscillators at different limes 
with crystals from different manufacturers. Ijmater than 10 d11117 diffeneice 
recurs Within the phase noise performante of the SC nit oscillators vs thal of 
the AT cut oscillators 



l'amclusions to be derived would inflitele a considerable differmice inoyril. 
lator design. cryslal design_ or boll,. 

AGING 

Aging %hobos on AI mid SC f ' professed using similar manufacluring 
techniques) Si111W litai lie Si: typically ages inlo ils final aging tale 5 to Ill 
lbw's fasier lisais Ihe AT Th., St: lypicielly exhibits all impo,vement of 2 or 3 
limes itt final aging ralo A 5.1111311z. 3ril Overtone St : cuis will typif Ally mach 
I X 111"./flay in less limn 14 days. 
A annul of Ill Ml ix. ird overtone SC cuts. her/ether with a group of similarly 

prepanol 111 Ml ix, 3rd quantum /units were suldocled lo nmeatefl fold shock 
experiments. Soak limes wore appmximalely III hours of - 31E.C. The AT culs 
showed Inoporowy changes in pads in and their subsequent aging rates 
were an order of magnilude poorer lhan   li, hie cold minks. The SC cuts 
however showed frequency shifts of pads in to' and 10'. astil the aging rain 
was tul impaimd. 

SHOR'r TERM STABILITY 

Ill Milztird Overtoon/SC- culfl ..- 37/11 Holder Type: 
5141 en, I %lability IX III" 

111M117/3rf I Ihrertone/SC-cul/11(:-40/u I bolder Type: 
I second slahililv 5X 10" 
I second sInbilily 5X 10 " 

(X)N(3.IISIONS 

14117.11 Crystal Company has been invesligating 'he advantages of doubly 
nanied cuts for mar, thin Inn years, and stir cessfully manufacturing these 
units for lhe pasi five years. The pmprielfery manufacluring and Irsling syn. 
lems developed Iry Mezo Crysial Company have virtually eliminaled Ihe pm. 
duclion problems 11111:0 asso.ciated with the doubly naaled cul cryslals. Over 
n.ipip doubly 'elided resonators llave heen fabricated If, date. exclusive of 
several lhouswod "blanks only" provided for cost lllll ers' final professing. 
The develop oil of the dmilely rotated culs has allowed Ihe frequency con. 

Ind industry lo expand its previous limitations hundredfold. The acceptance 
of 11115 " min," lechnology in lite RE world has been overwhelming We at 
1.107.11 CryS1141 Company are ioii,i,iilted conli llll i ll g the research and ad-
vatifemmil ihis le,:i logy. atol sharing our gained knowledge will, the 
lechnical coati llllll ity. 
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RF PLASTIC PACKAGE 

COMPARISON STUDY 

KAMIL GRESKO 

SOT 89 
/ TO-92 CASE 345 
CASE 29 MXR571 
MPSS71 

S07.23 
CASE 318 SOT- 143 
FAMIM571 CASE 318B-01 

Standard and Low Profile MRF5711 

Most manufacturers today are rapidly turning to use surface-mount components 

to utilize the full benefits of this relatively new technology. SMT's popularity has 

been accelerated by the development and availability of small outline semiconductor 

packages and device availability in these packages. Major manufacturers such as II3M, 

AT&T, GM and FORD are making signif icant investments in SMT. 

The advantages and disadvantages between SMT and other technologies are 

already well known. 

The objective of this article is to show the design engineers and other users some 

of the different aspects of SMT, make them aware of possible trade-offs and help 

them make the right decision. 

MOTOROLA INC.  

SEMICONDUCTOR PRODUCTS SECTOR Commonly cited advantages of SMT are: 

DECEMBER 1985 
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" Space savings allowing smaller PC boards and total system size reduction 

• Lower cost in high quantity 

• Increased automation capability and wide choice of automated production 

equipment 

• More reliable construction, better shock resistance and less sensitivity to 

vibrations 

• Better high-frequency operation due to shorter lead lengths and 

interconnections 



However, with decreased component and PC board size, an important factor 

which must be considered is thermal dissipation. Usually, the same die type is used in 

surface mounted devices as with conventional, "thru-hole" devices. The same bias 

conditions as used with the conventional devices will result in a higher die operating 

temperature for surface mount devices. 

Consequently, miniaturization leads to thermal concentration. 

Fig. I Constant temperature zones surrounding SOT-23 
transistor mounted on FR-5 PC board. Die 
temperature is 1500C. 
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The trade-off between the increase in component density and the 

concentration of thermal energy must be evaluated to avoid thermal collapse. Some 

of the most important information every design engineer needs to know is the thermal 

resistance of the package. The smaller the package is, the more important the die 

size consideration becomes. The following graphs, available in Motorola data sheets, 

describe thermal resistances for two different packages - SOT-23 and SOT-89. 

Ift iv 

C« MIA MUM NIS 

10V 

Fig. 2 Thermal resistance OJA 

1*-

100-

770 

t10. 
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s. MI•,SQuA.1 MIS 

Fig. 3 Thermal Resistance Ojc 

All these factors may have an influence on the choice of PCB material, number of layers, 

and the thickness of the BCB because OJA is influenced by PCB material, thickness, etc. 

The heat transfer from the die to the package, from the package to the PC board and then 

away from the board should be considered very cautiously in the design stage. 

e 
Me». ••• 11101 Ibit MIN 12:111 IMO Mil ens ram 
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Things to be considered before starting are: 

• Availability in a particular package. 

* Package electrical-thermal consideration, to guarantee electrical and 

thermal requirements. 

For example: If design of oscillator requires minimum f1 of 7.5Ghz the designer will 

probably refer to curve # 18, which meets the requirement at collector current of 

50mA. If Vce is 10V the device will require power dissipation of 500 mW, obviously 

SOT-23 or SOT- 143 are not suitable due to their power dissipation rating. The 

designer will have to chose between SOT-89 or TO-92 package. 

Regardless of previous application devices like # 12, 13, 14 curves will allow the 

designer to choose any package if electrical requirements are satisfied. Curve # 11 

shows that SOT-23 or SOT- 143 is the most suitable package because a minimum power 

dissipation is required. 
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Fig. 4 Electrical parameter f1 versus 
collector current lc 

Other factors besides placement system and soldering methods are post assembly 

cleaning, visual inspection and test availability. 

There are always a number of questions which must be answered in order to 

determine the optimal solution. 

The purpose of this comparison is to find out the relative differences in 

performance that a particular transistor exhibits when encapsulated in the TO-92, 

SOT-23, SOT-89 and SOT- 143 plastic packages. Package parasitic capacitances, lead 

frame construction and wire inductances are important factors in determining the 

ultimate application performance of the encapsulated transistor. 



Fig. 5 TO-92 Internal Construction Fig. 6 SOT-89 Internal Construction 
(Maximum die size 60 mil X 60 mil) (Maximum die size 60 mil X 60 mil) 
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Fig. 7 SOT-23 Internal Construction Fig. 8 SOT-143 Internal Construction 
(Maximum die size 30 mil X 30 mil) (Maximum die size 30 mil X 30 mil) 

PIISSIV•11110 

SIIIMICOOthItter 

CoIlecto. Lead 

Bonceng 

Yana 

Eh... Sod, 

frame 

toad 

Raw Lead 

Passfrated 

Semiconductor Chip 

Sage Lead 

Bonding 

Wire 

Epoxy Body 

Emitter 

Lead 

collector Lead 

580 

An RF NPN bipolar chip which has relatively high gain and low noise 

characteristics at RF frequencies was chosen for this investigation. In silicon NPN 

transistors are usually preferred, since the electron mobility is higher than mobility of 

holes. 

There were wafers selected from two different wafer lots and devices from each 

wafer were assembled in each of the four package. The intent was to obtain 

encapsulated transistors which were not only representative of the wafer line but 

which were similar enough that chip-to-chip variation was not a major question when 

the results were compared. 

After DC testing, these four package groups of ten devices each were 

subsequently used for RF measurements. 

RF transistors are represented by two-port networks and characterized by 

scattering, also known as S-parameters. S-parameters completely describe the 

behavior of two-port networks at RF and microwave frequencies. S-parameters are 

popular because they are easy to measure with modern Network Analyzers, their use in 

RF and microwave transistor amplifier design is conceptionally simple and they 

provide meaningful design information. All parameters mentioned in further 

consideration are measured in a 50 Ohm system, but a 75 Ohm system can be used as 

well. Of course, the values obtained using a 75 Ohm system measurement will not be 

identical to using a 50 Ohm system. It's up to the design engineer what measurement 

system serves his application. 

11111111 11111111 boil Mill BM WI Iltà. s=i1 • - 
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Statistical processed data can be used for more advanced CAD design. On the 

other hand, it is very important to keep the parameters consistent over a long period 

of time, to guarantee the proper operation of circuit which design was based on that 

information. The reason to keep parameters consistent is the fact that the size of 

SMT PCB's is getting smaller and less space is left for relatively expensive and space 

consuming adjustment components. 

Today's manufacturers, including Motorola, are implementing new process 

control methods to guarantee these parameters to full customer satisfaction. 

The S-parameters for a transistor are reflection and transmission coefficients 

describing the input and the output in terms of power. 

Transmission coefficients S12 and 521 are commonly called gains or 

attenuations. Reflection coefficients 511 and S22 relate to return loss, SWR and 

impedances. 

The S12 parameter is the reverse transmission coefficient. Increasing magnitude 

of S12 with frequency indicates negative gain or loss due to package parasitics. In 

other words, Si2 represents the output to input feedback of the transistor. 

The S21 parameter is the forward transmission coefficient. As the frequency 

increases the magnitude of 521 decreases which indicates a decrease of insertion gain. 

SIL parameter is the input reflection coefficient. As the magnitude of the 

reflection coefficient decreases the return loss and SWR improves. S11 indicates how 

well the input of a transistor matches to particular measurement system impedence. 

Si I measured in common emitter configuration is plotted in the reflection coefficient 

plane at specific bias conditions. 

522 is the output reflection coefficient. 522 is measured and plotted in the same 

manner as S II except the input and the output are interchanged. 

Many other parameters can be derived from S-parameters. Two figures of merit 

are commonly used by manufacturers to describe the transistor performance - Cut off 

frequency fT and maximum frequency of oscillation fmax. 

Cutoff frequency is the frequency where the short circuit gain h/e(us) 

approximates unity. The fT is related to physical structure of a transistor 

by delay time V ec, which represents the sum of four delays encountered 

sequentially by the carriers as the flow from the emitter to the collector. 

Decreasing the base thickness will increase the f T. 

The other possibility to increase f1 is narrowing the collector region. However, 

there is always corresponding decrease in breakdown voltage by decreasing the 

collector width. 

Therefore, every transistor is a result of compromise between high frequency 

operation and high breakdown voltage. The following formula is used to determine the 

frequency: 

-2 IS211  fm 
IT- (1-S1 X1+522XSI 2S21) 

S-parameters were obtained at measurement frequency fm usually 100 MHz or 1 GHz. 
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tmax - maximum frequency of oscillation. It is a frequency where the maximum 

available power gain of the transistor GAmax is equal to 1. GAmax is the 

maximum power gain that can be realized without external feedback. 

GAmax and fmax are measured by conjugately matching the source to the 

transistor input and the load to the transistor output impedance. 

GAmax - maximum available power gain. GAmax is actually the ratio between 

power available from network and power available from source and is higher 

than the transducer gain 152112 because of the matching conditions and 

stability factors. 

The following formula is used to determine GAmax from S-parameters: 

15211 (K 4.171f-i) GAmax= 
15 121 

A condition that a two-port network can be simultaneously matched with a 

positive real source and load is: 

K I or C e 1 

C = Linvill factor 

K = I + 1D12 ' 15 111 2 -152212 

215 12 5211 

Where D = 511 522 S12521 

Gumax - maximum unilateral power gain. Gumax is based on the magnitude of S21 

and the contributions of the conjugate matched networks to the input and output 

of the transistor. 

15211 2 

GUmax 

(1 - 15111 2) (1 - 15221 2) 

Where ll 1 and S22 I 

or in logarithmic form, 

1  

Gumax 10log 1 - 15111 2 + 10109 + 10109   
1 +22 12 

1 152112  

In all these unilateral assumptions, the S21 is set equal to zero, which makes the 

design procedure much simpler. 
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Three basic considerations are: 

• Gain equal Gumax regardless of noise figure 

Maximum possible gain at minimum NF 

• Design of an amplifier covering the frequency band with maximum gain and 

noise figure less than permissible by specification. 

11=1 EMI IL .1 MalL.dIhra4. ••• 
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The meaning of f-, fs, and fmax is illustrated in the following figure. The gain 

rolls off at the rate of 6dB/octave. 

cp 

G Amax 

I s 12 
I h 2 fe  

frequency fT 1S f max 

Figure 9 Frequency characteristics of 
2 GAmax,IS211 andlhiel 2 

Another parameter allowing qualitative comparison between Bipolar Junction 

Transistors (BJT) is the Noise Figure (NF). Expressed in dB, NF is a measure of the 

degradation in signal to noise ratio with passage of the signal through a given 

transistor. 
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Two sources of noise in a BJT are thermal noise and shot noise. 

Thermal noise is caused by the vibration of the carriers in the ohmic resistance 

of the emitter, base and collector, due to their finite temperature. Some of the 

vibrations have spectral content within the frequency band and contribute noise to the 

signal. 

Shot noise is a current dependent effect caused by the quantized and random 

nature of current flow. Current is not continuous but quantized being limited by the 

smallest unit of charge q r 1.6 X 10-19C. Particles of charge also flow with random 

spacing. Shot noise depends upon bias conditions. 

From all that has been mentioned to this point, it is evident that right starting 

material and actual chip design are the most significant factors determing the 

transistor performance. 

For better understanding of RF transistor characteristics it is necessary to use a 

model including all additional parasitic resistance, inductances and capacitances, 

which will depending on package, degrade the performance to a certain extent. 



e 

C.. 

C. 

C.. 

C.. 

Fig. 10 A BJT common emitter model including parasitics 

The resistance rbb, represents the base to emitter resistance. The Cb,e 

capacitance is due to the junction from base to emitter. Emitter resistance Re 

produces an inductive reactance across the base to emitter terminal, with increasing 

frequency, due to complex hfe(w). Since resistance associated with each region of 

transistor affect the various RC charging times, it is important to keep them to a 

minimum. Therefore, the metallization patterns contacting the emitter and base 

region must not present significant series resistance. There is always some contact 

resistance, but for simplicity will be left out of further consideration. 
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The package capacitance and wire inductance contributes most to coefficients 

variations at the higher frequencies. The meaning of the parasitic elements 

Lb, Le, Lc, Che and Cce is self-explanatory. 

All of them are package dependent and will be determined by: 

size of a package 

material used 

lead frame construction 

• lead frame material 

• bonding method 

• size of bonding wire 

The transistor input and output capacitances are figures of merit that are 

commonly used and are easy to measure. Capacitance is a function of either emitter-

base C;g, collector-base Cog, or collector-base with emitter AC wise shorted Ccg 

reverse voltages measured at I MHz. 

All of these parameters and measurement results are compared and evaluated 

for all the packages in the following graphs and tables. 

Lt. . L- aged L.11 L. NM IWO 11:11 1=111 
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FT VS. ic 

Current Gen-Bondwidth Product 

venue 

Collector Current 

1mEAs = 1 0 GHz 
VcE = 55 

10 20 30 40 50 60 TO 80 

lc. COLLECTOR CURRENT ImAl 20 

This graph shows the relationship between the current gain-bandwidth product 

end collector current (lc) @ VcE = 5.0V. The FT values are calculated from S-

parameters measured at 1.0 GHz. 

The graph shows that the SOT-23 and SOT- 143 packages have the highest FT 

values of all the package types and are essentially equal over the entire range of I. 

The curves are basically flat from 30 to 60 mA and have a value of approx. 7.8 GHz @ 

50mA. The slight "roll off" starts after IC reaches approximately 60 mA. 

The SOT-89 package shows an intermediate value of FT with a value of approx. 

7.2 GHz @ 50 mA. The curve "rolls off" or decreases in value with an increase in IC 

from 30 to 80 mA. The "roll off" is generally caused by the decrease of effective base 

thickness at higher current levels. 
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The TO-92 package shows the lowest value of FT as a function of ic with FT 

equal to 6 GHz at 50 mA. This is approximately 2 GHz down from the SOT-23 and 

SOT- 143 and approx. 1 GHz down from the SOT-89. The curve is flat from 30 to 80 

mA. No rolloff is seen with increasing lc, possibly due to package power handling 

capability. 

Gain at Noise Figure 
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Gain at Noise Figure and Noise 
Figure versus Frequency 

GNF VS- IC 

These curves show the relationship between the gain obtained at minimum noise 

figure (GNF) as a function of collector current (lc) measured at the frequencies of 500 

MHz and 1.0 GHz. In general, the curves show that the gain is flat for collector 

currents greater than 20 mA and that the gain at 500 MHz is obviously higher than the 

gain at 1.0 GHz for all packages. 

Considering the family of curves at 500 MHz, the SOT- 143 shows the highest 

gain with GNF equal to 19 dB @ 30 mA. The SOT-23 is next in value with a GNF of 17 

dB (c.;1 30 mA. The SOT-89 is next in value with a GNF of 15.5 dB @ 30 mA followed 

closely by the TO-92 which is just under 15 dB @ 30 mA. There is a 4 dB difference 

between the lowest curves TO-92/SOT-89 and the highest SOT- 143, with the 

intermediate curve SOT-23. 

At 1.0 GHz, SOT- 143 again shows the highest gain with a GNF of approx. 12.5 

dB @ 30 mA. SOT- 23 is the next highest in value with a GNF of approx. 11.5 dB @ 30 

rnA. Again, the TO-92 and SOT-89 have the lowest values of GNF with TO-92 equal to 

approx. 10 dB and SOT-89 equal to approx. 9.5 dB @ 30 mA. It is significant to note 

that the family of curves at 1.0 GHz are more "compressed" than at 500 MHz; there is 

a spread of only 2 dB between the lowest and highest valued curves at 1.0 GHz 

compared to the 5 dB spread at 500 MHz. 
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GNF VS. FREQUENCY AND NF VERSUS FREQUENCY 

Straight LINES in the graphs show the decrease in GNF with frequency for all 

four packages with the collector current fixed at 10 mA. 
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At this level of collector current, the SOT- 143 shows the highest value of GNF 

as a function of frequency although the SOT-23 is within approx. I dB of the SOT- 143 

over the range of frequencies measured to 1.5 GHz. The graph shows a value of 

approx. 12 dB for the SOT- 143 and approx. 11 dB for the SOT-23 @ 1.0 GHz. 

At frequencies less than 500 MHz, the TO-92 shows a slightly higher gain than 

the SOT-89. These packages reverse relative positions at frequencies greater than 500 

MHz with the TO-92 having a slightly lower gain than the SOT-89. At 1.0 GHz, the 

SOT-89 shows a value of approx. 10 db while the TO-92 shows a value of approx. 9 dB. 

Over the entire range of measured frequencies, all the curves are within a 3dB band. 

CURVES in graphs show the variation of noise figure NF with frequency for all 

four packages at a fixed value of collector current ( 10 m/0. The curves show the 

expected result that NF is basically flat for frequencies less than 500 MHz and 

increases steadily with frequency beyond 500 MHz. 

All four pacKage types are within a relatively narrow band of 0.2 dB or less over 

the measured range of frequencies. From all this it is evident that NF is determined 

by wafer process, resistivity of starting material, and à most likely not package 

dependent. 

4 

12 
11 
e 

Noise Figur• 

vertu, 

Collector Current 

lai TO-152 WWI lb) SOT-1111MX115711 

I 500M/4 

VŒ IV 

o to 30 40 SO 

Tc, COLLECTOR CURRENT INN 

le) SOT-23 IIIMBR1571 

o 

I SOWN 

Va IV 

so 

3 I I CNN 

VŒ S V 

4 

20 20 

IC. CURRENT IrnAl 

Ion 807.143 PARP5711 

—4 

40 50 

  ___ - 1 cist 

/2 I  

Vi 

o 

I  
O II OS SO 41 IS MI II 

t. CŒLECTOO COMM Ye t. COLLECTOR MINT lodO 

NF VS. lc 

These graphs show the variation of noise figure with collector current for all 

four packages at the two fixed frequencies of 500 MHz and 1.0 GHz. 
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This family of curves shows the expected decrease in NF with increasing lc at 

relatively low current levels (less than 5 mA), a minimum in the region of 5 to 10 mA, 

and a steady increase in NF with increasing lc greater than 10 mA. The curves also 

show the expected result that the transistor NF is higher at higher frequencies. 

At both frequencies measured, the SOT-89 package appears to have a slightly 

higher NF than the other packages. At a given frequency, the packages are within a 

'maximum of 0.2 dB of each other. 

At 500 MHz, the curves show a value of approx. 2 df3 with IC = 10 mA. For 50 

inA, the curves show a value of approx. 3 dr3 for all four packages. 

At 1.0 GHz, the curves show a value of approx. 2.6 dB with lc r 10 enA. For 50 

mA, the curves show a value of approx. 3.7 dB. 
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GA MAX VS. FREQUENCY 

Maximum available gain GAMAX is a gain which is calculated from S-

parameters. The defining equation is shown on the graph. The curves show the 

expected decrease in GAMAX with frequency. 

The SOT- 143 package shows the highest value of GAMAX over frequency. The 

curve shows a value of approx. 21 dB @ 500 MHz. 

The SOT-23 package shows the next highest GAMAX and appears to have a 

slightly greater slope than the SOT- 143. The curve shows a value of approx. 18 dB (d 

500 MHz. Over the frequency range actually measured ( 500 MHz to 2.0 GHz), the 

SOT- 23 is approximately 3 dB down from the SOT- 143. 

The TO-92 is the next curve down although it is very close to the SOT-89 curve. 

The curves are 0.8 dB apart. From the curves, the TO-92 has a GAMAX of approx. 

16.5 dB and the SOT-89 approx. 15.3 dB (d 500 MHz. The SOT- 23 is approx. 2.5 dB 

higher than the TO-92 and SOT-89 (d 500 MHz, and approx. 1.5 dB higher than the TO-

92 and SOT-89 at 2 Gliz. 
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Gumax VS. FREQUENCY 

Maximum unilateral power gain Gumax is slightly lower than maximum available 

gain GAmax. 

Formula defining Gumax is simpler compared to GAmax because it does not take 

stability factors into consideration. Compared tolS211 2 the unilateral gain is higher 

because input and output mismatches are taken into account deriving this number. 

Again, the package performance curves are in the same order as GAmax. 

SOT- 143 package shows the highest value of Gumax over frequency, and value of 

approximately 20 dB at 500 MHz. 

The next is SOT-23 with approximate value of 17.5 dB at 500 MHz followed by 

TO-92 16.5 dB and SOT-89 approximately 16 dB at 500 MHz. The curves are abut 4 dB 

apart. 
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15211 2 VS. FREQUENCY 

The insertion gain 15211 2 is a gain parameter calculated from the forward 

transmission coefficient S21 of the transistor. The quantity is less than GAMAX since 

the gain (or decrease in loss) of the transistor achieved by input and output matching is 

not considered. The graph shows the decrease of insertion gain with increasing 

frequency. 

All of the curves are approximately parallel which means that 15211 2 decreases 

at a constant rate with frequency for all four package types. The SOT- 143 shows 

the highest value of ¡ S21! 2 followed by SOT-23, TO-92, and SOT-89 in decreasing order. 

Considering the SOT- 143 curve as a reference, the SOT-23 is approx. 2 dB down, 

the TO-92 is approx. 2.4 dB down, and the SOT-89 is approx. 2.8 dB down. 
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DYNAMIC PARAMETERS SUMMARY 

Perim's« Conditions UnN 

Package 
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The next series of graphs are S-parameter plots for each of the four packages. 

The scattering parameters are plotted as functions of frequency for a collector 

current valué of 30 mA and a collector-emitter voltage of 5V. S-parameters for every 

package are listed in table form below the SMITH CHART and Polar Plot. 

In the discussion that follows, each of the four 5-parameters (S11, S22, S21 , S12) 

will be considered separately. 

This parameter is the input reflection coefficient of the transistor. This 

parameter, along with S22 which is the output reflection coefficient, can be plotted in 

the reflection coefficient plane as complex impedances known as a SMITH CHART. 

An examination of the SMITH CHARTS for all the packages shows that SOT-89 

and TO-92 have similar resistance components with a magnitude of 26 to 32 Ohms over 

the frequency range of 0.2 to 2 GHz. Both devices have capacitive reactance 

approximately equal in value for frequencies under 500 MHz. At 500 MHz and up, the 

reactance becomes inductive with the TO-92 increasing at a faster rate than SOT-89. 

At 2.0 GHz, the TO-92 has a inductive reactance of 46 Ohms while the SOT-89 has a 

reactance of 31 Ohms. 

The SOT-23 has a resistance of 21 to 22 Ohms from 200 MHz to 2.0 GHz. The 

SOT-23 has a capacitive reactance of 12.5 Ohms @ 200 MHz which decreases in 

magnitude with frequency becoming zero at just over 500 MHz. At higher frequencies, 

the inductive reactance of the input impedance increases to a value of 17 Ohms @ 

2.0 GFiz. 
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The SOT- 143 has the lowest value for the resistance of all the packages ranging 

in magnitude from 11.5 to 13.5 Ohms from 200 MHz to 2.0 GHz. The capacitive 

reactance with a value of 12 Ohms at 200 MHz decreases in magnitude to zero at just 

over 500 MHz. As the frequency increases the inductive reactance increases to a 

value of 18 Ohms @ 2.0 GHz. 

The differences in resistive portions of input impedance are very possibly due to 

bonding wire length (T0-92 vs. SOT-23). Since SOT- 143 uses two bonding wires for the 

emitter leads the resistive portion is even lower than the SOT-23. 

S22 

As mentioned previously, S22 is the output reflection coefficient which can be 

mapped on to the SMITH CHART as a complex impedance. 

The TO-92 has a resistance which decreases in value from 55 to 40 Ohms from 

200 MHz to 2.0 GHz. The reactance is capacitive at 200 MHz with a value of 28.5 

Ohms and decreases in magnitude reaching zero at just over 1.0 GHz. The reactance 

increases in inductance with frequency to a value of 22 Ohms @ 2.0 GHz. The TO-92 

is the only package of all the package types which shows a positive (inductive) 

reactance; all other packages remain capacitive to 2.0 GHz. 

The SOT-89 has a constant resistance component of approximately 50 Ohms from 

200 MHz to 500 MHz. Above 500 MHz, the resistance abruptly decreases in value with 

frequency reaching a value of 36.5 Ohms @ 2.0 GHz. The capacitive reactance is 23 

Ohms at 200 MHz and decreases in magnitude to 5.5 Ohms @ 2.0 GHz. 
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The output impedance of the SOT-23 has a resistance component which 

decreases in value from 45 Ohms @ 200 MHz to 41 Ohms @ 2.0 GHz. The reactance 

remains capacitive over the entire frequency range which changes in value from 25 

Ohms @ 100 MHz to 3 Ohms @ 2.0 GHz. 

The SOT- 143 has the lowest resistance of all four package types decreasing in 

value from 36 Ohms @ 200 MHz to 31.5 Ohms @ 2.0 GHz. The reactance component 

remains capacitive over the frequency range which change sin value from 27.5 Ohms @ 

100 MHz to 6 Ohms @ 2.0 GHz. 

S21 

The S2l parameter is the forward transmission coefficient of the transistor. The 

magnitude of S21 as mentioned before decreases with frequency at the rate of 6 dB 

per octave. 

The SOT- 143 package has the highest value for the magnitude of S21 over the 

entire frequency range. The SOT- 23 is next in value followed by the TO-92 with the 

SOT-89 having the lowest value. All the package types show the largest decrease in 

value from 200 MHz to 500 MHz. 

At 1500 MHz, all of the packages have a magnitude for S21 between 2 and 3. 

The SOT- 143 has highest value of 2.74 while the SOT-89 has the lowest value of 2.02. 

The SOT-23 has a value of 2.29 and the TO-92 a value of 2.11. 

At 2.0 GHz, the SOT- 143 is the only package with a magnitude for 521 greater 

than 2 ( 2.20). SOT- 23 shows a value of 1.84, followed by TO-92 with a value of 1.70. 

The SOT-89 is the lowest with a value of 1.62. 



The phase of S21 decreases for all packages with TO-92 showing the greatest 

overall change. It changes from 990 @ 200 MHz to 11 0 @ 2.0 GHz. The TO-92 phase 

angle is close in value to the SOT-89 for frequencies up to 500 MHz. Above 500 MHz, 

the phase angle for the TO-92 decreases faster than the SOT-89. Over the entire 

frequency range, the phase angles for the SOT-23 and the SOT- 143 packages stay close 

together in value. 
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The S12 parameter is the reverse transmission coefficient. Roughly speaking, 

Si2 represents the output to input feedback of the transistor. It is desirable to keep 

this low value at minimum. 

At 200 MHz, all packages show a similarity in magnitude for S12. The SOT- 143 

is the lowest with a value of 0.03 followed by SOT-23 which will have a value of 0.04. 

Both the TO-92 and SOT-89 have a magnitude of 0.05. 

As the frequency increases to 500 MHz, the magnitudes all increase and begin to 

diverge in value. Both TO-92 and SOT-89 increase to 0.11, while the SOT-23 increases 

to 0.09. The SOT- 143 remains the lowest in value with a magnitude of 0.05. 

Above 500 MHz, the SOT- 143 shows the smallest increase in magnitude going 

0.09 @ 1.0 Gliz to 0.16 @ 2.0 GHz. The SOT-23 shows the next smallest increase in 

magnitude going from 0.16 @ 1.0 GHz to 0.30 @ 2.0 GHz. The TO-92 and SOT-89 show 

the largest increase in magnitude of S21 from 1.0 to 2.0 Gliz. They also remain very 

close in value. Both packages go from 0.21 or 0.22 @ 1.0 GHz to 0.36 or 0.38 @ 2.0 

GHz, with the SOT-89 having the slightly larger magnitude. 
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Considering the phase of S21, both SOT- 23 and SOT- 143 show the pattern of 

going from an initial low value @ 200 MHz, increasing @ 1.0 GHz, and reaching a lower 

than the initial value @ 2.0 GHz. The phase of 521 goes from 540 @ 200 MHz to 620 @ 

1.0 GHz to 520 @ 2.0 GHz, for the SOT- 143. For the SOT-23, the phase goes from 680 

@ 200 MHz to 700 @ 1.0 GHz to 600 @ 2.0 GHz. 

The TO-92 and SOT-89 show a different pattern. Both packages show a steady 

decrease in value for the phase of S21 as frequency increases with the TO-92 showing 

the largest decrease of the two. For the SOT-89, the phase of S21 goes from 740 @ 200 

MHz to 660 @ 1.0 GHz to 490 @ 2.0 GHz. For the TO-92, the sequence is 750 @ 200 

MHz to 550 @ 1.0 GHz to 23° @ 2.0 GHz. 
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FORWARD,REVERSE TRANSMISSION 
COEFFICIENTS versus FREQUENCY 

VCE = 5 V, lc = 30 rnA 

COMMON EMITTER S-PARAMETERS 
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SOT 23 MMBR571 

INPUT/OUTPUT REFLECTION COEFFICIENTS 

versus FREQUENCY 

VCE = 5 V. lc = 30 mA 
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FORWARD/REVERSE TRANSMISSION 

COEFFICIENTS versus FREQUENCY 

VCE = 5 V, IC = 30 mA 

COMMON EMITTER S-PARAMETERS 
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1500 0.44 151 2.29 se 013 ss 0.11 - 144 
2000 0.44 136 1.84 48 0.30 00 0.10 - 157 

60 200 041 - 159 15.14 98 0.04 73 0.21 -90 
500 0.42 179 8.38 83 0.09 75 0.13 - 124 
1000 0.43 103 3.35 70 0.16 71 0.12 - 143 
1600 0.44 148 2.32 55 0.23 55 0.10 - 151 
2000 ' 0.45 131 1.&1 a 0.30 so 0.09 -163 
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SOT- 143 MRF 5711 

INPUT/OUTPUT REFLECTION COEFFICIENTS 

versus FREQUENCY 

VCE = 5 V. lc = 30 mA 

FORWARD REVERSE TRANSMISSION 

COEFFICIENTS versus FREQUENCY 

VCE = 5 V. 1C = 30 mA 

COMMON EMITTER S-PARAMETERS 
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These curves show the inverse relation of input capacitance Cib with emitter-

base voltage VBE. 

TO-92 has the highest input capacitance while SOT-89 has the lowest due to the 

position of E-B lead frame surfaces which are not facing each other directly as the 

TO-92. The SOT- 143 and the SOT-23 are intermediate in value with the SOT- 143 

having a greater value of Cib than SOT-23 at any given voltage. The lead frame 

surfaces are still facing each other, but there is less "common plates" area compared 

to TO-92, due to lead frame thickness. 

At 0.5, the TO-92 is approx. 3 pf, the SOT- 143 is approx. 2.6 pf, the SOT-23 is 

approx. 2.3 pi, and the SOT-89 is approx. 1.6 pf for Cib. 

Of all the curves, SOT-89 has the smallest slope changing only 0.5 pf from 0.5V 

to 3.0V. The SOT- 143 shows the greatest change in value of 1.2 pf from 0.5 to 3.0V. 

Both the TO-92 and SOT-23 show an approximate change of 1.0 pf from 0.5 to 3.0V. 
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This graph shows the inverse relation of output capacitance (Cob) with collector-

base voltage Vcb. 

The graph shows that the SOT-89 has the highest value of Cob and TO-92 has the 

lowest at a given value of Vcb. The SOT-23 and SOT- 143 show intermediate and 

essentially identical values of Cob. 

At 2V, the curves show the following values: for SOT-89, approx. 1.5 pf, for 

SOT-23 and SOT- 143, approx. 1.4 pf, for TO-92, approx. 1.1 pf. 

Considering the slopes of the curves, the TO-92 shows the least change in value 

of 0.3 pf from 2V to 8V. Both the SOT-23 and the SOT- 143 show the greatest change 

in value of 0.45 pf from 2V to 8V. The SOT-89 shows an intermediate decrease of 0.35 

pl. 

All the curves are within a 0.5 pf band. 
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This graph shows the inverse relation of feedback capacitance Ccb with 

collector-base voltage Vcb with emitter AC grounded using . 1 pf capacitor. 

The SOT-89 and SOT-23 curves are identical and show the highest value of Ccb 

of all the packages at any given value of Vcb. The SOT- 143 has the lowest valued Ccb 

curve while the TO-92 curve is intermediate in value. 

The SOT- 143 shows the greatest change in value of Ccb of 0.45 pf from 2 to 8V. 

The SOT-23 and SOT-89 packages show the least change of 0.35 pf. The TO-92 shows 

an intermediate change of 0.4 pf from 2V to 8V. 

All of the curves are within a 0.4 pf band. 

All of these parameters Cib, Cob, Ccb and slope differences are lead frame 

construction dependent. Refer to figures 5, 6, 7 and 8. 
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The most significant difference between the four package types is the gain 

performance. Both as a function of frequency and collector current, the SOT- 143 

shows the highest gain. The SOT-23 is next in gain performance. The SOT-89 and 

TO-92 packages show similar but lower gain performance than the SOT- 23. 

Generally, RF performance is package dependent and is determined by 

parameters mentioned before such as size of package, lead frame construction, etc. 

There are no significant differences in noise figure performance between the 

package types investigated. The variations measured between the different package 

types are small and lie within the range of variation that can be reasonably attributed 

to measurement error. 

The input and output capacitances Cib, Cob and Ccb will vary from package to 

package. These variations are primarily due to internal construction of the device. 

These parameters are easily measured making them useful for outgoing and incoming 

inspections. 

On the other hand S-parameters require a relatively complicated test setup and 

special fixturing. The S-parameters give the most comprehensive information of 

package differences most useful for designers. The results of these measurements can 

be used to calculate many other useful design parameters. 

L. - . . 1 
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In spite of the variations in gain noted, all tour packages show good RF 

performance. Other factors, aside from RF performance alone, such as power 

dissipation, cost, and board layout among others are undoubtedly relevant 

considerations when faced with the problem of determining which package type is best 

for a particular application. 
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similiar to passive repeaters used in microwave 
communications. 

RELIABLE OBSTRUCTED PATH COVERAGE DETERMINATION 

BY BRUCE V. ZIEMIENSEI 

MANAGER, ELECTRONICS Fr COMMUNICATIONS DIVISION 

CITY OF FRESNO, 

2101 G Street 

Fresno, California 93706 

January 30, 1986 

ABSTRACT 

When the VHF or UHF terminals of a proposed circuit are 

so widely separated that the line-of-sight communication is 
not possible, the presence of a Sharp, ridgelike obstruction 
between the terminals may improve the signal to the point 
where reliable communication is achieved. The strength of 

the received signal results from diffraction over the sharp 
obstacle, and varies with the signal frequency, the elevation 
of the circuit terminals, the location and elevation of the 
obstacle, and the shape of the obstacle peak. In many 
instances, the strength of the diffracted field exceeds the 

strength of a normal path field and has the added advantage 
of being essentially free from fading. 

This paper will assist in showing how to determine the 

best obstructed path coverage when this is a viable alternate 
means to free path communication. 

GENERAL CCMKENTS 

In the conventional use of VHF radio relay equipment, 
circuits have been considered satisfactory only when the path 
was unobstructed and stations were close enough, or 

sufficiently elevated, to be within radio line of eight. 
Under these conditions, both rente and reliability were 
thought to be at a maximum. However, experience indicates 
that satisfactory communication usually can take place over a 
range appreciably greater than the radio line of sight, and 
that both range and reliability may actually be extended by 
the existence of an elevated obstacle in the radio path, 
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In situations where a terrain feature, such as a sharp 
mountain ridge of sufficient elevation, lies between the 
transmitter and the receiver, improved signal 
levels--relatively free from fades--have been observed. This 

phenomenon is referred to as the knife-edge effect. Circuits 
near or beyond the radio line of eight can be categorized as 
follows: 

(1) The normal circuit; this may cover all types of 

intervening terrain, except no single terrain feature 
predominates. ( Figure 1A) 

(2) The obstructed circuit; one predominant terrain 

feature appears as the obstacle in the radio path. ( Figure 
1B) 

Techniques of predictions and computation have been 
developed for used on obstructed radio paths for distance up 

to approximately 300 miles. Many obvious advantages accrue 
from this extension of the normal 25 to 30 mile range--

(1) No intermediate relay points are necessary; 
thus requirements for equipment and operating personnel are 

reduced. 

(2) Installation and supply problems are alleviated 
because relatively inaccessible mountaintop locations need 

not be used. 

(3) High circuit reliablity can be relaized, since 
properly engineered obstacle gain paths show a much lower 

fade rate than comparable line of sight paths. 

(4) Operational dependability is increased, becuase 

fewer pieces of equipment are required. 

(5) Large numbers of completely independent 
circuits can be established over the same path. 

(6) Fewer frequencies are required for operation 
over long distances. 

(7) Decreased chance of interference results, 
because of the directional characteristics of propegational 
path. 
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PLANNING OBSTRUCTED PATHS 

The planning of an obstacle gain path necessarily 
entails detailed study of all intervening terrain. The 
planning and engineering of these paths is accomplished as 
follows: 

1. Locate the desired terminal areas on suitable 
topographic charts ( Use Geographic Quads 1E2 to start for 
long paths and 30, 15 or 7.5 min. for short paths). 

2. Draw a line between the two most desirable points 0.00AtautitocIncua 
selected for the transmitter and receiver locations. 
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'TOWNS MAO, 
ort -ce-s.G..à 
mom. 

3. Locate the highest point ( mountain peak or ridge 
line) in the intervening terrain. This high point should be 
as close as possible to the line drawn in 2 above. 

4. Draw path profiles along the lines that connect the 
high point selected and each of the two desired terminals. 
If the profile shows multiple obstacles, repeat steps 2 and 3 
above until, by slight shifts in the position of the 
terminals or by using other high points, only one obstacle 
intervenes between terminals. Then locate the tentative 
terminal sites. 

5. Determine the expected transmission lose of the path 
(Figure 2). 

6. From a tabulation of equipment characteristics, 
select an equipment combination that satisfies the service 
requirements as well as the propagational requirements given 
in 5 above. 

7. Make a radio signal strength survey in one terminal 
area. 

8. Choose a maximum signal location close to the 
proposed terminal site and experiment with different antenna 
heights to obtain the best signal strength. 

9. Install station equipment at the desired site. 

10. Repeat 8 and 9 above for other terminal. 

AAAAA FADING 
irSTIALS 111EYOND 
TME LuSO OT Won 

"1.. 
'1 •••••• 

I'GMAL 
ITEAlgtil STEADY DirfAACTED 

urcrigi oesTAcke 

FIG I, NORMAL d, OBSTRUCTED PATHS 

XMT 
ANT GAIN   

FEED LINE 
LOSS PATH Loss 

XMTR 
POWER 
DBW 

FIG2 PATH COMPONENTS 

600 

RCVR 
ANT GAIN 

FEED LINE 
LOSS 

SERNCSVR 

LEVEL 

L. L 1.4 Le 164 k4111.ill IMO 16.3 ••••••• 



- MIN BO MI MIR IMO 

PRELIMINARY PATH STUDIES 

On a topographic map, identify the areas between which 

communication is desired. This map should have an altitude 

contour interval of no more than 100 feet. In selecting the 

terminal areas, consider the accessibility of the site to 

reads, power sources, and telephone circuits. 

Determine whether a mountain peak or ridge exists 

between the two tentative terminal locations and whether or 

not it is of higher altitude than the surrounding terrain in 

the direction of the terminal areas. Several alternate 

terminal locations should be selected in the two terminal 
areas, such as sites A through F in Figure 3. If no such 

ridge or peak exists between any of the tentative sites, it 

may be necessary to install a relay station, and obstructed 

path cannot be used effectively. 

Draw a line between the two tentative site locations 

that appear to be the most desirable. For example, if sites 
B and E were both terminal or relay stations in existing 

communications networks then they would be the most desirable 

due to the availability of existing services and roadways. 

Draw lines from each terminal location through the peak or 

ridge which brings the line as near as possible to terminal 
sites tentatively selected at the other end of the circuit. 

In Figure 3, for example, a line from C to F or from A to D 

would not cross the ridge at its sharpest point, while lines 
from C to D and from A to F do cross the sharp ridge crest. 

Lines A to F. B to E, and C to D are appropriate tentative 

paths for this circuit. 

PROFILE PREPARATION 

After selecting the path that apparently fulfills the 

requirements, profile drawings should be made to check the 

path for obstructions between each terminal and the major 
obstacle. To allow for the normal refraction of radio waves 

by the atomsphere, these profiles should be drawn on a 4/3 

earth graphic scale. 

Figure 4 is a graphic scale for 4/3 earth radius. This 
scale can be used with overlay paper on paths extending up to 
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200 miles. Paths over 200 miles can be profiled in the same 
manner as tropospheric scatter paths. 

FIG 4 GRAPHIC SCALE 200MI 4/3 EARTH 
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Plot the profile for path B to E, Figure 3. This 
profile is shown in Figure 5. From this profile drawing, it 
is determined that the path from terminal site B to the 

obstacle is clear, but that the path from terminal site E to 
the obstacle is shielded by a slight rise some 10 miles to 
the west of terminal E, and that the antenna would have to be 
elevated approximately 200 feet to use this terminal 

location. To move the terminal away from the highway, the 10 
miles necessary for installation on the intervening rise 

would make the terminal site too inaccessible. Other paths 
should be investigated. 

Plot the profile for path A to F ( Figure 6). From this 
profile, it is determined that the path from A to the 
obstacle is clear, but that the path from terminal site F to 

the obstacle again is shielded by a continuation of the same 
rise that shielded terminal E. However, in this case, the 
rise is near the northwest branch of the highway, and the 
terminal can be located at point X along the straight line 
propagational path. 

If no possible terminal locations were acceptable along 
the straight line path across the obstacle, then terminals 
slightly to one side or the other could be selected; however, 

the closer they are to the straight line path, the better the 
results will be. In the example, tentative sites should be 
selected at points A and X ( Figures 3 and 6). 

In selecting terminal site locations for single obstacle 
paths, the terminal sites should not be located too close to 

the obstacle ( Figure 7A). Even though the profile shows only 

one obstacle, gently rounded obstacles ( Figure 7B) attenuate 
the signal more than do sharply defined obstacles. Multiple 
obstacle paths should be avoid if at all possible since their 
attenuation is much greater and their path prediction is 
extremely critical. In Figure 7C,thepath T to Q might 
possibly work, since the second obstacle is near grazing. 
But if the obstacle were only slightly higher, or the point Q 
were slightly lower, the path might not be usable. Where a 
choice of equally sharp obstacles of different heights is 
available, the lower obstacle usually produces less 
attenuation, and is to be preferred. 

The shape of the obstacle at right angles to the 

transmission path is unimportant, except that mountain peak 
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EXPECTED TRANSMISSION LOSS 

obstacles produce a more direct effect in the terminal area 
than do ridge obstacles. This effect is caused by the peak 
offering only one obstacle path, directly over the crest 
which is the sharpest point of the obstacle. However, a 

ridge may retain its curvature at the crest for a 
considerable distance, thus, the portion that produces the 
diffraction process is not critical as to position. 

The obstacle height is the height of the obstacle above 
the average altitude of the two terminal sites. For example, 
if one terminal site is situated at an altitude of 300 feet 
above sea level and other terminal site is at 500 feet above 
sea level, the average altitute of the terminals is 400 feet. 

If the obstacle height is 2,500 feet above sea level then the 
actual effective obstacle height is 2,100 feet 
(2,500-400=2,100 feet). 

Antenna tower heights must be such that the terminal to 
obstacle path has adequate clearance above the average 
terrain and the antenna must be above any heavy foreground 
foliage ( any obstruction within the first Fresnel Zone). The 

following points should be considered when selecting terminal 
sites: 

1. Neither terminal should be located closer to the 
obstacle than approximately two miles per 1,000 feet of 

obstacle height. 

2. If possible, avoid terminal to obstacle paths that 
are over water. 

3. Locate terminals at low points, unless a high 
elevation can be found that is shielded from any reflected 

paths ( Figure 8). The midpath height should not be 
excessive. 

4. Avoid any foreground obstacles, such as trees, 
buildings, steel towers, and guy wires. 

Antenna heights must be adjusted to provide free-space 
clearance between each terminal and the obstacle. This 
clearance is determined by considering the top of the main 
obstacle to be a broadband relay station. Then the path from 
each terminal to this relay station ( obstacle peak is 
considered in turn as a line of sight path in accordance with 
the criteria for determining free-space path clearance. 

After determining the obstacle height and path distance 
from the profile and contour maps, a perfromance estimate can 
be made for the proposed path. 

The operating frequency, obstacle height, and path 
length must be known to compute the estimated path loss. The 
nomogram in Figure 9 can be used to make this estimate. 

The nomogram ( Figure 9) is used in the following manner: 

1. Draw a line connecting the operating frequency on 
scale F with the path distance on scale D. 

2. Connect the point where this line crosses the 
unscaled line X with the obstacle height on scale H. 

3. Read the estimated path loss at the point where this 
second line intersects scale L. 

This estimated path loss then is compared with the 
maximum acceptable path loss of the proposed equipement. 

EQUIPMENT SELECTION 

Equipment requirements for obstacle gain paths are 
determined by computing the maximum allowable path loss of 
the particular type of equipment and comparing this result 
with the expected path lose. If the maximum allowable path 

loss for the equipment is larger than the expected path loss, 
the system is good and an operable circuit should result. 

The first step in computing the equipment capability is 
to findtherequired receiver input. The following formula is 
used to determine this factor: 

IR=ND+NF4FM+TQ 

IR= THE REQUIRED RECEIVER INPUT IN DB BELOW FREE SPACE; 

ND= THE EFFECTIVE NOISE INPUT DUE TO THE RECEIVER 
ACCEPTANCE BANDWITH IN DB; 

NF= THE RECEIVER NOISE FIGURE IN DB; AND 
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TQ= THE RECEIVER QUIETING THRESHOLD IN DB. 

Noise input. The effective noise input is directly 
related to the acceptance bandwidth of the receiver, and can 
be determined from the nomogram in Figure 10. The actual 
acceptance bandwidth of the receiver often is not specified, 
and must be approximated from data given in the equipment 
specifications or manual. 

For direct FM receivers, the effective acceptance 
bandwidth can be approximated by the formula: 

B=1.25(2M+2D) 

where: 

B= THE EFFECTIVE ACCEPTANCE BANDWIDTH; 

M= THE HIGHEST FREQUENCY OF THE MODULATING SIGNAL; AND 

1> THE MAXIMUM DEVIATION OF THE TRANSMITTER. 

The factor 1.25 in the formula adds 25 percent to the 
required minimum acceptance--this 25 percent is an 
approximation of the safety factor built into most receivers 
to allow for oscillator drift or other circuit variations 
during operation. 

In systems using PCM ( pulse code modulation) FM, the 
receiver acceptance bandwidth is computed by the following 
formula: 

B=2.5(M) 

where: 

W THE BANDWIDTH OF THE MODULATING SIGNAL. 

Noise Figure. A conservative noise Figure for most 
receivers is 12 dB. Other noise Figures can be found in the 
equipment manufacturer's manuals or specifications. 

Fade Margin. The system fade margin is an arbitrary 
Figure set by the results of many experiments and 
measurements on operational systems. Normal VHF and 
microwave paths usually require a fade margin of 
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approximately 20 dB. But the obstacle gain path exhibits 
relatively slight fading, and the necessary margin to protect 

against fading is only 10 dB. 

Quieting threshold. The quieting threshold represents 
the signal level which must be maintained to provide a usable 
signal over the incoming noise. For most receivers, the 
threshold indicates an allowance of 12 dB in this formula. 

For example a radio receiver has a required receiver 
input of -118.5 dB, computed as follows 

IB=ND+NF+FM+TQ 

—153.5+12+10+12 

=-118.5 dB. 

Equipment combinations. 

Various combinations of equipment in the system will 

have different values for the maximum allowable loss on the 
propagational path. The maximum allowable loss with any 
particular combination of equipment is computed by the 
following formula: 

LM-PT+GP - LX - 1R 

where; 

LM= the maximum allowable loss; 
PT= the transmitter power in dB referred to 1 watt 

(dBw); 
GP= the path antenna gain in dB; 
IR = the required receiver input in dB. 

Maximum transmission loss. The Maximum allowable 
transmission loss is the greatest value of attentuation that 
the particular equipment combinations must overcome to 
provide the system with a usable circuit. This value is 
compared with the estimated path loss to determine whether or 
not the computed equipment combination will provide 
sufficient gain to overcome the predicted path losses. 

Transmitter power. The transmitter power, referred to 1 
watt, may be obtained from the nomogram in Figure 11. As an 
example assume a transmitter with a nominal power output of 
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40 watts. The nomogram shows a value of 16 dBw for this 

power. If the nomogram does not cover the required power 
Figure, then the value must be computed by the following 
formula: 

PT=10log PW 

where: 

PT= the power gain in dBw; and 
PW= the maximum transmitter output power in watts. 

Path Antenna Gain. This expression in the basic formula 
combines the apparent gains of the transmitting and receiving 
antennas. For example, two yagi arrays one transmitting has 
a gain of 6 dB and one receiving has a gain of 9 dB; the path 
antenna gain is the sum of both antenna gains thus the path 
antenna gain is 15 dB in this case. 

Transmission line loss. The attenuation of the 
transmission line at each end of the system is computed in 
accordance with criteria given. The total of the losses in 
the transmitting and receiving transmission lines then is 
substituted for the factor LX in the formula. 

Required Receiver Input. The value of IR, as computed 
above, is substituted in this formula. Note that the 
computation in above results in a negative number of 
decibels, which must be subracted in the formula for maximum 
allowable loss. This entails a change of sign. 

SIGNAL STRENGTH SURVEY 

After the tentative transmission paths have been 
selected and the frequency of operation has been determined, 

a signal strength survey should be conducted on the sites. 

The exact location of the tentative terminal site must 

be determined in the field. If there are prominent landmarks 
such as road intersections, then the location of the exact 
site in simplified; otherwise, experience surveyors should 
locate the tentative site as accurately as possible from the 
Quads used. 

Determine the azimuth of the transmission path from one 

terminal location and install a temporary fixed station, with 
directional antenna at this site. This station is used to 
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transmit to mobile receiving equipment at the other site. 

Maximum transmitter power should be utlitized during this 
survey. 

The survey can be conducted on the exact or a relatively 
close frequency within 10 MHz to determine if the path as 
theorically determined exists. It has been my experience 
that in some cases ( especially marginal path to equipment 
gain ratio cases) a path does not exist although it should, 
and a different path does exist most likely to a different 
terminal site. 
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Spectral Shaping of Radio Frequency Waves 

by 
Jerry J. Norton 

RF Engineer 
Applied Automation, Inc. 
Bartlesville, OK 74004 

ABSTRACT 

This paper presents a method of spectrally shaping a Quadrature Phase 

Shift Keyed, OPSK, signal using baseband techniques applied to an RF signal. 

This method does not require the use 

expensive bandpass crystal filters. 

signal allowing the use of Class "C" 

of linear modulators or amplifiers or 

It results in a constant amplitude 

amplification without spectrum 

spreading, intermodulation distortion or intersymbol interference. This 

technique is presently used to transmit 140K bps of data in a 350F9 classi-

fication. ( 99% of the transmitted energy is contained in 350 kHz of 

bandwidth). This method is applicable to FSK and some forms of PSK when 

used for digital data transmission. 

1 
The theory and techniques described in this paper were developed by Martin 

H. Beauford and Jerry J. Norton for the OPSEIS* 8600 System with patents 

pending. For more information about this technology or the OPSEIS* 8600 

System contact Applied Automation, Inc., Geophysical Systems Division, 

Bartlesville, OK 74004. 

INTRODUCTION 

I. Any modulation ( changing the carrier) of a R.F. wave spreads the 

spectrum. 

2. The amount of spreading is a function of: 

a) the way the carrier is changed; ( type of modulation); 
b) how much the carrier is changed; ( amplitude of modulation); 
0 how fast the carrier is changed; ( frequency of modulation); 

3. Most regulatory agencies have limits on amount of spectrum spreading. 

4. Digital modulation, squarewaves, cause excessive spectrum spreading 

over what is needed to convey the information. 

5. Present methods of spectral shaping largely consist of: 

a) filtering the modulating waveform before modulating, ( baseband 
filtering) 

h) filtering the RF spectra after modulating. ( RF bandpass filtering) 

6. Both methods have serious drawbacks because of physical hardware limi-

tations when implementation is attempted. 

Presentation: 

A signal frequency signal with a constant amplitude is called a CN 

(continuous wave) signal. It occupies zero bandwidth and does not contain 

any time-variant Information.The only information that is carried by this 

signal is amplitude and frequency both of which are constant with respect to 

time ( by definition). Because the modulation varies the signal with respect 

to time additional frequencies are generated. 
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The amount that the spectrum is spread is a function of three 

variables. 

a) The way the carrier is changed, ( type of modulation), 
h) the amount the carrier is changed, ( the amplitude of modulation), 
e) the rate the carrier is changed, ( the frequency of modulation). 

Of these three, the rate at which the carrier is changed, or frequency 

of modulation has the greatest effect on the amount of spreading. If items 

a & b are held constant, the amount of bandwidth required is essentially 

directly proportional to the rate. 

Essentially, when a CW signal or carrier ( fc) is modulated with a 

single frequency ( fm), a pair of sidebands are generated. The frequencies 

of these sidebands are the carrier frequency plus and minus the modulating 

frequency ( fc + fm). Non-linear and/or exponential forms of modulation such 

as phase and frequency modulation generate additional sidebands at ( fc + 

Nfm) ( and sometimes others). N is an integer from 1 to infinity. 

A complex wave form consists of many frequencies of various amplitudes 

and phases all of which may be changing with respect to time. Modulating 

with a complex waveform generates many sidebands of varying amplitudes and 

frequencies. 

Digital modulation ( modulation with square waves) causes excessive 

spectrum spreading over what is needed to actually convey the information, 

primarily because the harmonics of the squarewave also generates sidebands. 
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Most regulatory agencies ( FCC for example) have limits on how much 

spectrum can be occupied and also some limits on spectral distribution. The 

FCC defines "occupied bandwidth" as the bandwidth which contains 99% of all 

the transmitted power. The reason for this definition is because the FCC is 

primarily concerned with adjacent channel interference, not how the user 

actually distributes energy within a given bandwidth ( Figure 1). This defi-

nition of bandwidth is obviously much wider than the 3 dB or 6 dB bandwidth 

described or used in most textbooks but occupied bandwidth is probably the 

most important specification that all of us are concerned with in any 

design. 

The spectral distribution of 

occupied bandwidth instead of the 

all factors and specifications is 

any signal must be evaluated in terms of 

"3 dB bandwidth". Therefore, analysis of 

necessary in order to determine the opti-

mum configuration for any given application. It is possible that in some 

applications, the amount of spectrum used is not a restriction; however, I 

have never ever experienced the luxury of unlimited bandwidth. Almost every 

application is somewhat bandwidth limited, that is a lot of information must 

be crammed in a relative narrow bandwidth. Other factors such as cost, 

complexity, error rate, acquisition time, etc., may prevent the most effi-

cient bandwidth technique from being employed. 

In many applications, a fixed data transfer rate is the primary con-

sideration. In simpler terms; the FCC has allocated " RW" bandwidth and I 

must cram " BPS" bits per second of data in that bandwidth. The ratio of 

BW/BPS is what might be called the "bandwidth efficiency factor". If this 
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factor is a relative large number, 6-10 or more, almost any form of modula-

tion will work. It is only when the factor becomes small that circuitry 

becomes complex. For small factors ( F < 3 ) it is necessary to perform 

some form of spectral shaping to meet FCC specifications. 

Figure 2 shows a carrier at 100 MHz, AM modulated 50% with a squarewave 

of 50 kHz representing 100K BPS data. Observe the occupied bandwidth. The 

first pair of sidebands contain all the information that is necessary. The 

additional sidebands are not necessary and only improve the shape of the 

received signal. If the square wave is passed through a simple RC low pass 

filter turning it into a triangular wave, we obtain Figure 3. Notice the 

reduction in occupied bandwidth by this simple shaping. Figure 4 shows 

modulation by a sinewave ( all harmonics removed). Note again the bandwidth 

reduction over the triangular waveform. 

Figures 5A, 58 and 5C show an FM modulation by the 50 kHz squarewave, 

triangular, and sinewave using a modulation index of 1.0 ( deviation divided 

by modulating frequency equals 1.0). Again note the bandwidth reduction by 

spectrally shaping the modulating waveform before applying it to the modula-

tor. 

Figure 6A shows a binary PSK modulated spectrum using same parameters 

as in Figure 3 ( AM) and Figure 5A ( FM). Note that the spreading of the 

spectrum is even worse for PSK than for either FM Or AM. Figure 68 shows 

how these sidebands don't fall off very much even at 5 MHz away; ( only about 

40 dB reduction). Obviously shaping the modulating waveform before modu-

lating would show a significant improvement in bandwidth reduction, but this 

technique requires a linear modulator. Distortion in the modulator will 

cause the spectrum to spread similar to the squarewave. Linear modulators 

are a "PAIN", because nothing is really linear. A linear modulator is only 

more linear than a non-linear modulator. Feedback around a modulator is 

sometimes used to improve the linearity. Therefore all " linear modulators" 

will cause more spectrum spreading than the expected amount. 

Another way to reduce spectrum spreading is to filter after modulating. 

Invariably this technique is more difficult to accomplish because: 

a) 
b) 
e) 

d) 

Very sharp cut-off filters are needed. 
They must be applied at the RF frequency. 
They introduce phase distortion ( phase is not linear over the pass 
band). 
They usually ring when an impulse is applied. ( They cause ampli-
tude distortion.) 

Let us now digress for a minute into some of the 'other' factors pre-

viously mentioned. Most of the time an error rate is specified at a given 

range, power level or who- knows- what, requiring the receiver to operate at 

the minimum signal level. In the application I will describe later this was 

the case. A certain receiver-sensitivity/error-rate specification along 

with a minimum data rate within a predetermined bandwidth had to be met, 

regardless of complexity or cost. In applications such as this one, PHASE 

MODULATION ( PM) gives the lowest error rate at a given signal level compared 

to other forms of modulation. 

But from the standpoint of occupied bandwidth or spectrum spreading, phase 

modulation is probably the worst form of modulation. Figures 7A & 78 show a 

phase modulated spectrum generated with clocked data from a pseudo- random 
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data generator ( repeating at 255 bits), instead of a 1/0/1/0/1/0 repeating 

pattern as in figure 6A & B. The first nulls occur at + clock ( or + BPS). 

All the needed information is contained in the main lobe ( between the first 

nulls). All the other lobes could be eliminated as they are not necessary 

to convey information. They waste power and clutter up the spectrum. It is 

easily seen from these pictures why PSK must have some form of spectral 

shaping to be acceptable to the FCC. 

Phase shift keying with binary digital data can use any angle of phase 

shift (+ x degrees from 0 degrees carrier). + 90' gives the lowest error 

rate because the carrier is at a null and all of the energy is in the side-

bands. It is also the worst spectrally and the most complex to demodulate 

for precisely the same reason. No carrier exists, and to accomplish demodu-

lation some form of a pseudo carrier must be generated. The name bi-phase 

PSK is often used to describe + 90' PSK modulation. 

Let us consider a different form of bandwidth compression. Assuming we 

have a serial stream of data being transmitted over an RF link, at " B" bits 

per second rate. Instead of transmitting these bits serially one at a time, 

suppose we take consecutive pairs of bits ( 1&2, 3&4, etc) and store that 

pair and examine the binary representation for that pair of bits or symbol 

which will be ( 00, 01, 10, 11), and then transmit this pair of bits or sym-

bol at one of four levels. 

In the case of AM it is one of four amplitude levels; for FM one of 

four frequencies; or for PSK one of four phases. Because the symbol rate is 

one half the bit rate, the bandwidth is reduced by a factor of two, there-

fore bandwidth compression. This technique can be extended to eight or 16 

or more levels although the complexity of the receiver to detect one of six-

teen levels makes it almost impossible to achieve reliable operation. I've 

heard of 16 level systems but I have never seen one and have no knowledge of 

how well they perform. 

Generally doubling the number of levels of bandwidth reduction results 

in a net loss of slightly greater than 3 decibels. Most articles explaining 

these techniques show the same error rate for OPSK as PSK but careful atten-

tion should be given to the scales. Note one scale is " Eb/No" or Energy per 

bit divided by noise power density. In a four- level system because the 

signal is two parallel bit streams, each stream has half the energy per bit 

as a single stream for the same RMS signal level; which is a 3 dB loss per 

bit. Just remember: Mother nature will not let you get something- for-

nothing. If the transmitter has 10 watts output, half the energy goes to 

each channel. 

A four level PSK is known as OPSK ( Ouadra Phase Shift Keying) and can 

transfer twice the amount of data in the same bandwidth as binary PSK. 

The penalties are: 

1. 3 dB loss in receiver sensitivity for the same error rate. 

2. Somewhat more complex and costly transmitter, 

3. Considerably more complex and costly receiver. 

Advantages are: 

1. Twice the data rate in the same bandwidth, or 

2. 1/2 the bandwidth for the same data rate. 
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Essentially QPSK is two ( orthogonal) bi-phase PSK signals occupying the 

same spectrum. Because the channels are orthogonal, their spectral envelo-

pes are identical for random data. Their nulls and peaks occur at the same 

frequencies. Therefore Figures 7A & B are the spectra for OPSK and binary 

PSK. A pseudo- random data pattern ( 255 bits long) is used as the modulating 

signal, with both channels clocked at the same rate. It is obvious that 

spectral shaping will be required in order to meet FCC specifications in 

most applications. 

Because they are orthogonal, the two channels ( called the I & Q chan-

nels) are independent. Different clock and data rates can be used in each 

channel, in which case spectrum will be different from Figure 7. If the 

clock and data rates in the I and Q channels are the same, the clock ( or 

data) phases can be different. This condition is called offset or staggered 

QPSK. Because the channels are independent and orthogonal, the spectrum for 

staggered ( or offset) QPSK is the same as for non- staggered QPSK. Typically 

the amount of stagger or offset is 1/2 bit period but the amount of stagger 

or offset doesn't affect the spectrum. Figure 8 shows a QPSK modulator used 

for either form. Figure 9 shows how the vector sums are generated. 

We will now make a comparison between standard QPSK and offset QPSK 

with step function changes in data and phase. In QPSK, the transmitted 

phase can be any one of four phases, 0', 90' 180' or 270'. The phase change 

between adjacent symbols can be any amount because both channels change at 

the same time. When both bits change at the same time the phase change is 

180'. When neither bit changes, there is no phase change and when only one 
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bit changes the phase change is either plus or minus 90 degrees. The 180' 

phase change is a problem. The fastest way to change the phase 180 degrees 

is to go through zero amplitude. A 180 degree phase change is really an 

amplitude change from +A to -A. As a result QPSK is considered a form of 

amplitude modulation. 

Normally QPSK phase shifts are 0', 90', 180' and 270' but some other 

systems advance the phase an additional small amount. However when used 

with RF links this technique can offset the center frequency which would 

make the FCC unhappy. 

This step function change in amplitude ( also 180' phase) causes all 

kinds of problems when passing through narrow band filters. The filters 

tends to ring changing both amplitude and phase. A phase change means the 

channels are not orthogonal which is interchannel interference. Also 

because of the amplitude changes, linear amplifiers are required to obtain 

high power levels. 

Offset QPSK (Figure 108) changes only one bit at a time, and therefore 

the phase change is either 0 or 90 degrees; never more. As a result the 

amplitude changes are less. A phase change ( or none) occurs at each 1/2 bit 

cell. Also note that the rate of change of phase is the same for either 

form of QPSK, that is the degrees per bit cell is always 180' or less and 

the spectrum for both is the same. These characteristics lead us to a 

better way of spectral shaping that has many advantages. 



modulated output is connected to a tracking PLL. The output from the VCO is 

the spectrally shaped output. The VCO in the PLL tracks the phase change 

from the QPSK modulator. The low pass tracking filter bandpass charac-

teristics are tailored, allowing the tracking oscillator to lag the phase 

change from the modulator, thus the rate of change of phase of the oscilla-

tor is carefully controlled to obtain the desired spectrum. The result of 

this PLL technique is somewhat similar to MSK ( minimum shift keying) except 

the phase vector is allowed to rotate more rapidly in that it has accelera-

tion and deceleration for each shift ( MSK has a constant rotational 

velocity). It must essentially be " stopped" each time a transition comes 

along. The phase then starts rotating; speeds up, and as it approaches the 

correct phase it slows down and stops before the next bit change occurs. If 

the RC time constants are adjusted to give the same rotation velocity as for 

MSK, ( it just gets there in time for the next change), intersymbol errors 

exist and the main lobe is widened considerably past the first nulls. 

Several problems had to be overcome before the oscillator would track 

at the desired rate without overshoot or too much lag. The first problem is 

the frequency vs phase response of the transistor amplifier. The transistor 

finally selected has an cutoff frequency of over 400 MHz. A high cutoff 

frequency allows a data rate of hundreds of kHz without excessive phase 

shift that would cause the tracking VCO to hunt. In the tracking mode the 

PLL acts somewhat similar to a first order loop, acquiring lock immediately 

on power up. The frequency response of a first order loop is a function of 

loop gain and as a result the loop gain affects the spectrum, and therefore 
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the gain must be held constant at the correct value for the filter parame-

ters chosen. Because a level change in either the reference or VCO output 

could cause phase detector gain variations; a saturating ( limiting) isola-

tion amplifier keeps the drive level to the phase detector constant. A tem-

perature and voltage compensated VCO along with regulated supply voltages 

and temperature compensated bias voltages are used to eliminate other 

possible sources of gain variations and undesirable frequency drift. 

Because all other circuit variations are eliminated, the loop filter 

becomes the determining factor in the spectral response. 

We found some very unusual characteristics to the loop filter. A 

second order loop filter ( figure 11A & R) was tried first. As the cut-off 

frequency was lowered, and damping decreased, the spectral response was 

improved. However, serious intersymbol and interchannel interference deve-

loped. It was found that in order not to have any interference, the main 

lobe ( between the first nulls could not be altered. Decreasing R2 had the 

greatest effect on spectrum and interference. It soon became apparent that 

the FCC specifications could not be met without excessive intersymbol and 

interchannel interference. Various other circuit modifications were tried 

with no avail until the question was asked " What is really needed in the 

loop". The answer is of course, reduced loop gain at some discrete frequen-

cies. A series L- R-C circuit from collector to base was tried and is the 

answer. 
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This L-R-C will put a notch in the frequency response reducing the gain 

at that specific frequency thereby putting a notch in the spectrum. It also 

turns out that several notches can be incorporated and they are all essen-

tially independent. After adding the notches, more rolloff at about 2-3 MHz 

was required so a single mall capacitor ( C2) was added between base and 

collector to further reduce gain at higher frequencies. Figure 13A shows 

the QPSK output at the intermediate frequency of 30 MHz with the maximum 

single RI- R2-C1 filtering usable without any interference ( altering the main 

lobe). Compare 13A against Figure 7A & B to note spectral improvement. 

Figure 138 is with C2 ( High Frequency rolloff) added. Note about 10 dB 

improvement over 13A at 2-3 MHz. 

In Figure 14A the horizontal scale of 1 MHz has been expanded to 500 

kHz/division to better observe the effects adding a notch. Figure 148 shows 

a single high frequency notch added at the 2nd lobe giving about a 10 dB 

reduction in the 2nd lobe. 

Figure 15 is the same as Figure 148 except the horizontal scale has 

been changed ( to 200 kHz/cm) to better observe the effects of the low fre-

quency notch. 

Figure 16A shows the notch for the 1st lobe added but tuned below the 

first lobe, actually into the main lobe. Note that the main lobe has been 

slightly widened and the first notches are deepened and spread out from 

Figure 15. When tuned to the lowest frequency, intersymbol and interchannel 

interference are generated. In Figure 168 the notch is tuned out near the 

2nd lobe reducing it more. The notch is sufficiently wide that it still 

reduces the 1st lobe somewhat. Lowering the frequency of the notch to the 

high side of the 1st lobe gives Figure 16C which is well within the FCC spe-

cifications. Actually Figure 15 just barely meets FCC specs but any 

variations in component values due to production tolerances could make some 

units not meet the FCC specifications. It was deemed necessary to incor-

porate the two notches in order that all production units would fully comply 

without any problems. Figure 17 shows the final shape compared to a clear 

carrier. Figure 18 shows a before- after picture of the spectrum reduction. 

This technique is a powerful technique in certain applications but is 

somewhat costly to implement. However, it is much cheaper than some other 

techniques such as the use of crystal filters. 

Figure 21 shows the VCO correction voltage during modulation with the 

two L-R-C circuits disconnected. When connected severe overshoot and 

ringing occur but the demodulated data has a lower error rate. 

Figure 22A shows decoded data with only the RC it C circuits added to 

the PLL to modify the spectrum. Adding the L- R-C notches adds ringing to 

the demodulated signal as shown in Figure 228. The error rate is actually 

improved slightly by adding the notches. 

The offset QPSK eye pattern is considerably diferent than the non-

offset QPSK. Because only 90 phase can be changed at any given time, the 

eye pattern is a square rotated 45' ( diamond) with the decision points mid-

point on each side ( Figure 19). Added noise ( poorer S/N ratio) simply 

smears out the decision points along with the whole pattern. As the noise 
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gets worse the whole eye starts filling in. No noise gives almost perfect 

square. The rounded corners are because of bandwidth limiting in the IF 

amplifier. Intersymbol interference can be detected because the decision 

points are not on the +45' axis. Differences in I & Q amplitudes must be 

resolved before intersymbol interference can be identified. 

Ringing causes small circles and loops around the decision points. 

Summary: 

The purpose of this presentation is to make others aware of some of the 

problems involved in system analysis and present one solution to excessive 

spectral spreading. Each system is different, and an analysis is required 

to correctly delineate all required system performance specifications before 

system design can be attempted. 

Some forms of modulation ( transmission of information) are more band-

width efficient than others. Some forms have lower error rates for the same 

signal to noise ratio than others. Error rate and bandwidth efficiency are 

not necessarily exclusive. However, when both are required system 

complexity and cost will increase. The amount of complexity, cost, error 

rate, bandwidth efficiency and path loss need to be evaluated and compromi-

ses must be made to optimize the system. The actual system configuration 

will be a result of the weight given to each parameter when the analysis is 

performed. 
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Various users will probably assign different weights to the parameters. 

Other parameters not mentioned previously will obviously include battery 

life ( power consumption), susceptibility to interference, aovernmental regu-

lations, number of channels, amount of data to be gathered and others. All 

of these must be taken into account during the evaluation phase. Often when 

an analysis is performed, during the analysis the user probably will change 

priorities or weights assigned to the parameters because much difficulty is 

experienced in assigning a dollar value to a parameter value. How much is a 

dB worth? 

The technique described herein allows a maximum data rate ()PSI< system 

to be implemented at lower cost, with a better error rate and with less 

occupied bandwidth than other better known techniques. It is not a cure-all 

and will probably not be the optimum technique in most applications. I hope 

this presentation has opened some new doors, given new insight or possibly 

been of benefit to some of the participants of this conference. 
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FIGURE 2 
100kHz/DIV AM MODULATION 50% 

SQUARE WAVE 50 kHz ( 100 KBP5) 

FIGURE 3 
AM MODULATION 50% 

TRIANGULAR WAVE 50 kHz ( 100 BPS shaped) 
100 kHz/DIV 

FIGURE 4 
AM MODULATION 50% 

SINEWAVE 50 kHz ( FULLY SHAPED) 
100 kHz/DIV 

FIGURE 5A 
FM MODULATION MODULATION INDEX = 1.0 

50 kHz SOUAREWAVE 
100 kHz/DIV 
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FIGURE 5R 
FM MODULATION ( M-1.0) 
50 kHz TRIANGULAR WAVE 

100 kHz/DIV 

FIGURE 5C 
FM MODULATION ( M=1.0) 

50 kHz SINEWAVE 100 kHz/'IV 
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FIGURE 6A 
BINARY PSK + 90° 50 kHz SQUARE WAVE 

100 kHz/DIV 

FIGURE 68 
SAME AS 7A EXCEPT 1 MHz/01V 

FIGURE 7A 
BINARY PSK + 90° 

2 MHz/DIV HORIZONTAL 
DATA RATE 170 KBPS 

FIGURE 7R 
BINARY PSK + 90° 

200 kHz/DIV 4071ZONTAL 
DATA RATE 170 KRPS 
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Refer to Figure 12 

FIGURE 13A 
Compare to Figure 7A & R 

FIGURE 13R 
ADDITION OF C2 REDUCTION OF 2-3 MHz TRACK 

FIGURE 14A 

FIGURE 1413 
SAME AS 14A EXCEPT 1 SERIES NOTCH ADDED 
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FIGURE 15 
SAME AS 14 EXCEPT SCALE CHANGE 

FIGURE 15A 
NOTCH 2 ADDED TO LOOP FILTER 



• 
FIGURE 169 

NOTCH TUNED TO HIGHEST FREQ. 

FIGURE 16C 
NOTCH TUNED TO REDUCE FIRST LORE 

FIGURE 17 
COMPARISON OF CLEAR CARRIER WITH SHAPED SPECTRUM 
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FIGURE 1E4 
AFTER USING SPECTRUM REDUCTION TECHNIQUE 

FIGURE 189 
WORE SPECTRUM REDUCTION TECHNIQUE 
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FIGURE 21 
VCO CORRECTION VOLTAGE 

FIGURE 22 (ONE CHANNFI 

*Data made a change in the other channel during this hit period ( pt). 
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BROADBAND HF ANTENNA TESTING 

by 
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Moray B. King 
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Provo, Utah 84601 

Abstract 

Evaluating HF ( 2-30 MHz) antenna performance has historically 
been a difficult test problem. In recent years computer modeled 
approximations have typically been substituted for test data, 
particularly to define an antenna pattern in terms of directivity 

and power gain under ideal conditions. These numerical approxi-
mations work well for developing a common reference frame to 
evaluate the relative performance of a majority of common antenna 
types ( monopole, dipole, eloper, vee, rhombic), but are less 
accurate predictors of how these antennas will perform when they 
interact with a real ground environment. It is well recognized 
that current numerical electromagnetic modeling programs are 
limited in their treatment of ground interactions in the HF 
region. Therefore, the relative comparison problem is very 
significant when buried or ground interactive antennas are 
addressed. In these special cases, antenna comparison by setting 
modeling conditions to an idealized ground can indicate unrealis-
tically high relative gain expectations for standard near surface 
antennas and overly pessimistic values for buried antennas. In 
fact, some modeling conditions will indicate that the buried 
antenna cannot work at all! 

To address the requirement of making accurate performance 
comparisons as well as providing design feedback, a broadband 
antenna test system ( BATS) was developed. The system, at its 
current stage of development, supports computer-controlled, 
integrated test protocols for the evaluation of all basic antenna 
parameters. The BATS particularly emphasizes pattern profiles, 
using swept frequency techniques employing fiber-optically 
isolated aerial platforms as well as single frequency helicopter 
towed beacons. Typically, 1 to 20 full-scale antennas can be 
measured simultaneously in a pattern test, and then compared to 
each other or reference standards to produce graphic plots in 
terms of dBr or traceable dBi. The system reduces the complete 
measurement period of an antenna from months to a few weeks and 
provides overall accuracy on the order of +/- 1 dB. 
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Figure 1 - The broadband antenna test system components are shown 
in the context of three basic antenna evaluation modes. 

A closed- loop, swept frequency mode drives an antenna under test 
and records its matching characteristics as a function of 
frequency. At one or more precisely located points, an electri-
cally small broadband antenna picks up the radiated field from 
the antenna under test and returns it to the test van via an 
analog fiber optic link. The field pickup is recorded in a 
manner that allows direct comparison with matching data. The 
acquisition instrument for a closed- loop test is either a 
spectrum analyzer with a tracking generator or a network analyzer 
with an s-parameter test set. 

The open-loop mode evaluates the pattern of an antenna under test 
by far field illumination at a series of discrete frequencies 
with a stable beacon transmitter having a well-defined polariza-
tion and pattern characteristic. This pattern measurement 
technique allows simultaneous evaluation of typically 20 full-
scale reference and test HF antennas in operationally realistic 
environments. The absolute power gain ( in dBi) of the antenna 
under test is tied to the predicted gain of a carefully con-
structed horizontal 1/2 wavelength dipole reference antenna. The 
dipole reference gain in the horizontal plane is transferred to a 
vertically polarized 1/4 wavelength monopole reference antenna by 
rotating the beacon axis 90 degrees and comparing the monopole 
versus the dipole signal levels ( adapted from FitzGerrell 1967). 

The open-loop mode also can be used to evaluate signals propa-
gated from distant communications stations. Comparisons can be 
made between antennas in terms of signal strength and signal-to-
noise ratio. If calibrated reference antennas are employed, 
comparisons of gain can be suggested from the data. Test 
antennas can be evaluated in both transmit and receive modes. 

Figure 2 - This is a test configuration and a typical raw data 
set for a closed- loop measurement mode with a 2- to 32-MHz 
sweep. The FWD and REV traces ( solid and short dash lines) 
represent the forward and reverse power levels detected by a dual 
directional coupler located near the feed point of the antenna 
under test. The SWR trace in the lower plot is calculated from 
the FWD and REV traces. The third trace ( broken line starting at 
5.50) is the field strength level received by a broadband, 
calibrated monopole antenna located 100 meters from the transmit-
ting test antenna's feed point. The monopole is located on the 
test antenna's main beam axis at ground level ( 0 degrees relative 
azimuth, 0 degrees elevation). 

The antenna under test is a 2-element, low- profile, rapid 
deployment, broadband tactical HF antenna occupying an area of 25 
x 200 feet with a maximum height of 2 feet above ground level. 
This particular antenna configuration has a usable bandwidth of 
over 30 MHz with an SWR of 2:1 or better. 
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A full correction to this data set accounts for the errors 
associated with cable losses, directional coupler calibration 
factors, and the broadband monopole response. In this example, 
the FWD trace corrections will produce a flat antenna input power 
level trace of about 18 dBm. The inflection points and slope of 
the FIELD trace will also change moderately. The value and units 
of FIELD will change significantly in converting to a corrected 
value in MBV/m. 

Figure 3 - These are typical flight paths for antenna pattern 
measurements. Three types of overlapping, cross- correlating 
flight paths are shown. The circular flight paths are flown at 
flight levels that obtain azimuth patterns for four elevation 
angles. The slant range from the beacon to the range finder is 
maintained greater than or equal to 1 km ( e.g., 2.3 km at 30 
degrees) and is then corrected to a 1- km reference sphere 
centered at the antenna under test. The correction process 
allows comparisons to other flight levels and paths for the same 
antenna or between different antennas. The vertical rise and 
descent columns are flown at three reference points to measure 
antenna elevation patterns from 0 to 40 degrees. The horizontal 
flyover paths are flown at a constant 1-km altitude above the 
ground. These paths complement the vertical column flights by 
providing pattern information from 30 degrees to 90 degrees 
(zenith). Each path is flown with from one to three polarization 
attitudes of the beacon to allow complete response characteriza-
tion ( e.g., azimuth flights are flown with vertical and horizon-
tal beacon attitudes). 

Figure 4 - The beacon that is suspended below the helicopter is 
shown along with its three standard flight attitudes. The beacon 
design is patterned after the "xeledop" concept developed by 
Stanford Research Institute ( Barnes 1965, Barker 1973). The 
pattern is that of an ideal elementary dipole, which allows 
correction of flight data amplitude as a function of beacon 
pattern positioning relative to each antenna under test. The 
beacon attitudes are described relative to the helicopter's 
flight path. Therefore, to measure an azimuth pattern with 
horizontal polarization, the beacon would be towed horizontally 
on azis (HOA) in a circular path. To obtain a continuation of a 
vertically polarized, vertical ascent elevation pattern, the 
overlapping flight path would be a flyover with an HOA beacon 
altitude. 

The beacon flight attitudes diagrammed in this figure are shown 
without a weight harness. In practice, a weight is suspended 
below the beacon to provide flight stability for towing 
velocities to in excess of 75 knots. 
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Figure 5 - This is a plot of the azimuth response at a 30-degree 
elevation angle of a horizontal dipole illuminated by a 6.17 MHz 
horizontally polarized beacon flown in a 2-km circle about the 
test site location. The 1/2-wavelength ( 75.8 feet) dipole is 
positioned 2/10 of a wavelength ( 31.9 feet at 6.17 MHz) above the 
center of a ground screen ( 120 x 148 feet), approximating an 
ideal reflecting surface. The predicted power gain for this 
antenna at 30 degrees is 3.95 dBi ( FitzGerrell 1967). The 
pattern approximates 3 dBi at a 90-degree azimuth ( interpolated 
value 4.5 dBi) and 5 dBi at a 270-degree azimuth ( interpolated 
value 5.5 dBi). The data set includes 163 samples with a point 
taken about every 2.3 degrees. Note the path overlap between the 
125- and 140-degree azimuth positions. 

Figure 6 - This figure is a complement to Figure 5. The 0-degree 
elevation position is the 90-degree azimuth point of Figure 5. 
The gain at a 30-degree elevation is 4 Mai toward the 90-degree 
azimuth point and 6 dBi toward the 270-degree point. These 
values are close to the Figure 5 values. 
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Figure 7 - This is a plot of the azimuth response pattern at a 
30-degree elevation angle for a 1/4 wavelength monopole con-
structed with 36 radials 100 feet long ( approximately 0.7 wave-
length at 6.17 MHz) and 36 radials 50 feet ( approximately 0.35 
wavelength). At 6 MHz, the surrounding soil had a conductivity 
on the order of 0.006 Siemens/meter and a dielectric constant of 
12 

Figure 8 - This is a plot of the elevation response pattern from 
0- to 40-degrees for a 1/4-wavelength monopole illuminated by a 
vertically polarized dipole beacon rising from the 180-degree 
azimuth position. This pattern suggests a response maximum of 
1 dBi over an elevation angle range of 20 to 40 degrees. This is 
in reasonable agreement with the Numerical Electromagnetic Code 
modeling predictions of Edward ( 1985). The measured value is 
about 1.5 dB lower than the maximum predicted gain for the 
optimum elevation angle of about 23 degrees. This plot is a 
complement to Figure 7 which outlines the monopole configuration 
and environment. 

Figure 9 - This is a plot of the vertically polarized azimuth 
response pattern at a 30-degree elevation angle for a 500- foot 
long vertical half-rhombic antenna. The rhombic is supported in 
the center by a 46- foot steel pole. This is a typical broadband 
tactical antenna with a 600-ohm balun feed and a 600-ohm resis-
tive termination. It is similar in construction to the antenna 
described in the Field Antenna Handbook ( ECAC, 1984, pp 57-58). 
The antenna has a 2-dBi power gain and a beamwidth of 27 degrees 
and a 14-dB front-to-back ratio. 

Figure 10 - This is a plot of the vertically polarized azimuth 
response pattern at a 30-degree elevation angle for an 8-element, 
low-profile, rapid deployment, broadband tactical antenna. This 
antenna is less than 2 feet high and is deployed in a 145 x 150 
foot area. This configuration has a 2-dBi power gain, a beam-
width of 25 degrees, and a 3-dB asymetry in its bidirectional 
pattern. Directional deployment can produce front-to-back ratios 
in excess of 10 dB. 

Figure 11 - This is a plot of the vertically polarized elevation 
response measured for an ascent column located at the 180-degree 
azimuth position. The peak power gain over a 0- to 40-degree 
elevation range is -2 dBi for this 35- foot monopole with a high 
performance tuner. 

Figure 12 - This is a plot of the vertically polarized elevation 
response acquired in the same test as the monopole of Figure 11. 
The power gain of this 8-element, low-profile antenna has been 
optimized by asymetric deployment to match the tuned monopole 
power gain within 1 dB from 0 to 20 degrees. From 20 degrees to 
90 degrees, it exceeds the monopole without a null and with a 
peak gain of - 1.5 dBi. 
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HOW TO BUILD SIMPLE 

AND NOT- SO- SIMPLE 

1E51 EQUIPMENT IN YOUR OWN LAB 

Byt Jis Weir 

VP Engineering, RST 

Sierra College Feculty 

ABSTRACT 

it RADIO SYSTEMS TECHNOLOGY 13281 GRASS VALLEY AVENUE 

GRASS VALLEY, CA 95945 

(916) 272-2203 123.3MHz 

Design data end test result. on 6 pieces or test equipment intended rot "home-brew" W measurements is given. 

Construction details and component sources ere provided for low-level crystal detectors, low-power signal "platers, 

resistive low-power VSMR bridges, microstrip medium-power Mgt bridges, R • jX mtere, end RF front-end noise 

generator.. 

INTROCMCTION 

It has not always been possible to go down to Joe's Used Equipment Emporio end buy e 9-outer or VSMR bridge that 

mould work at 200 MHz. In emitter of fact, before Rill and Dave got into the act, quite e few RF designers had to 

first design end build their own test equipment, end then use this home-loads geer to test their new products. 

It is oleo true that or any random group or RF engineers, over 30% will eme day Mein their own company. A new 

enterprise such se this is not alums flush with venture capital; et times it becomes e mutter of moment necessity 

to " roll your own" test peer. While not quite es pretty el store-boughten test equipment, these boxee have served 

their intended function in uy personal mammy for over 20 years. Although the photos ( for the most pert) show nice 

nest construction, you must remoter that these mirticuler boxes were constructed of may-to-obtein components end 

mmufectured for the photographs in this paper. The original pieces or goer would gladden the heert of those of you 

fond or webs epun by stoned spider.. 

Finally, to those or you offended by my admittedly simplistic end anachronistic concepts, I commend to you the wisdom 

of the philosopher who said, " those or us who do not reember the ways or the met ere surely condemned to repeat 

them." Those of you who have been eround this bueinese for • significant fraction or a century know full well that 

these designs are not new. 1 chili, neither invention, advancement or the Mete of the art, nor brilliant insights 

into these producte; I, like you, me a poor workaday sluggard trying to keep the company one step eheed of the wolf 

in IRS clothing. Enjoy. 

IW SIMPLE CRYS1AL DETECTOR 

Crystal detectors have been with um since that unknown experimenter first jobbed • chunk or leed sulfide ( gelene) 

with Junior's diaper pin and noted that ell of s sudden that his baby got rhythm. Further investigation showed thet 

if any semiconductor ( galena, germanium, silicon, gallium arsenide, selenium, etc.) wee alloyed either by pressure 

(catewhieker) or by diffusion, the resultant JUNCTION would pase current in one direction only, end thus make s very 

good amplitude or envelope detector. In the ensuing years, we have done little other than refine the manufacturing 

techniques of the crystal diode, and to this day, there is no better generelly available detector then the old 

faithful catewhisker germnium diode. 

Admittedly, you can't redly cell s crystal detector design that uses a diode available in the lute 1940's the 
cutting edge of technology. However, se e lab partner. I would consider this design es my most-used piece of test 

gem. Although the design sweets to be cut- end-dried, there ere s couple of subtleties that you ought to be on 

guard for. ( See Schemetic 1). AUTHOR'S NOTE -- 1N270 and IN34 are interchengeeble in all the designs in this paper. 

First, the input is terminated in 47 ohm in order to work in a 50 oh. system.. Yee, if you heve 51 ohme in the 

stockroom, that would be • better match, but Ilry compeny only keeps the 10% values on the shelf. Re sure that you use 

▪ carbon composition or carbon film resistor to keep the reactive pert of the resistor to • minimum. I think it is 

obvious that if you need any other input impedance, just change the resistor to soy velue you please. The intrinsic 

impedence looking into the unterminated input is not meesureble enmity; the best I can say is that it is above 5K 

ohm. ( the limits of my equipment.) 

the input coupling capacitor is s . 001 uF. If 1 had intended for this detector to be used mich above 150 MHz, I 

would have reduced this capacitor to 100 pf or so. Although et 150 MH@ the .001 is well Move it's self-resonant 

frequency, the input impedence or the diodes is so high (<5K ohm) that • little jX doesn't seem to sobe much 

difference. 

The diodes ere the eforementioned World Wm II design 1N34 ( or 11270) germanium perte. Yee, I've tried hot-carrier 

end Schottky barrier devices end I cannot get thee to de es low a level of detection es the good old germanium 

diodes. 

50 pi me used as the bypass capacitor simply to keep any self-resonance above 200 Mk. (A 50 pr disk ceramic with 3 

mm leads has • self-resonance et about 250 Rift.). BE CAUTIOUS of fooling with the 10K - 50 pf time eminent, this 

author grabbed what he thought me 50 pr (end whet turned out to be e miniature .005 vi) to make s detector end then 

spent DAYS trying to figure out why his AM transmitter wee both «din frequency sensitive end would not ¡modulate 

worth • hill of beam. 

Photo 1 Mom the old-reithrul open-board design. While somewhat primitive, this little rescel has been my bench 

companion for over 20 years. I will caution you, though, that this open-board construction bit me on the behind a 

couple of years ego. 1 wee working on a 20 mitt 125 MHz, transmitter, end had about 30 dB or podding between the 

transmitter output end this detector. One dey the modulation would look crisp end clean, und the next day the whole 

modulation envelope wee garbage. After redesigning the modulator, the output bendpees filter, the final steme feed 

network, the driver, end several miscellaneous stages, I noticed that simply repositioning the crystal detector made 

ell the difference in the world. Placing tinfoil ell mound the detector cleared up ell the distortion, The 

high-power RF Mege hod been redlining directly into the detector diode leads, end the phase of the directly radiated 

signal combining with the attenuated signal wee s function of hoe far the detector wee from the fines. Photo 2 

shows the solution to this little problem. (Ave question may be where to buy the braes tubing for the shield. Any 

hobby model shop worth their salt has • large 'election of thinmell braes tubing that will fit the IINC connectors et 

slip fit. 

This detector ten be built for lees then • dollar in component* for the open-reced version end lesa than three 

dollars for the closed-in version ( including connectors for the closed version). 

SIGNAL SPLITTER 

With most transmitter projects, I like to WM et the swept frequency response, the spectrel melyels ( for unwonted 

birdie products), end have s counter on the output in case I went to set s spot frequency. Without some sort of 

eplitter, 1 me forever mopping coax connectors from the transmitter output to me piece of test equipment or 

another. 

The type of eplitter I have found most useful is one that is matched et the input to 50 ohm end milts the signet 

equally between two outputs. I elm demand thet the outputs be isolated from one mother so that if 1 need to take 

one of the test inetrumente off the line for a quick check of some sort that It does not upset the other measurement. 

The third output I have round to be most useful le s -20 dB. coupling of the input for • frequency counter or 
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deviation meter. Usually, 1 have the tranemitte padded down to the .10 dBm level by the time it hit, this splitter, 

so power dissipation is not s real problem. 

Photo ) and Scheeetie 2 show the construction of a "Wilkinson" style hybrid splitter constructed from two pieces of 

75 ohm coaxial cable end one belencing resistor. The -20 dB. coupler is comprised of two resistors. 

As you can see from the test results on the eehematic, the coupling to the output ports le renewably constant over 

two octaves, but the Isolation and input VSWR is rather eherply tuned. The design center frequency of this 

perticuler splitter me 125 MHz., and both input return toes end output isolation remained within - 18 dB from 100 to 

150 MHz.. Since the - 20 dB port le resistive, you might expect it to remain fairly constant, and it doe so from 50 

to 250 MHz.. 

VSWR DETECIOR - LOW POWER 

This VSUR indicator hew seen yen work in our weep teeing of filters, first-cut antenna testing, end RF input 

matching. Although the resistive coupling limits the input power to • half s sett or so (due to the use of 

quarter-sett resistors), this little board has been in on the design of dozens of VHF antennae and amplifiers. ( See 

Photo 4). for those of you with a neatness fixation, Photo 5 shows the circuit built into s "Hobby Shack" minibox. 

The circuit design is given in Schematic 3, along with a performance graph. Using ell new parts, the bridge can be 

built for lees then • dollar in components end lase then 85 including connectors. 

Those of you familiar with the litersture on this bridge in the various radio emeteur handbooks may be a bit 

surprised et the resistor velues. Most of the articles in the handbooks use 50 ohm ( Al ohm) resistors throughout the 

bridges the velum presented on the schematic have evolved over the years as the beet compromise for open-short ratio 

end depth of null Moth a precision 50 ohs load. Once again, if you are using this bridge to make swept frequency 

measurements, the 100( - 50 pf time constant vets the upper audio frequency response limit. If you find the too much 

of your fine detail is emirs's; from the *weep response curve, either elm the generator sweep speed down or reduce 

this time constant. 

UST« DETECTOR - HIGH POWER 

When dealing with power amplifiers, it is nice to be ale to drive a couple of »Um into the input and cheek for 

mech. Aleo, it le quite helpful to be ible to take the 10 or 20 watts out of • power amplifier end check the VSWR 

of the seema or toed that you ere driving into. 

The VSWR detector damn in Photo 6 uses • miercerip directional eoupler design (celled a 'Monimetch" by same 

old-timers) that first saw the light of day as a coexist device made by inserting • thin piece of enameled magnet 

wire between the braid end center insulator of a piece of coaxial cable. Later refinements here allowed us to caed 

etched circuit board end micretrip techniques to achieve the seas results. See Photo 7. 

The circuit end etching deenelone shown on Schematic 4 Mould allow the claver engineer the capability or 

reproducing this bridge for his own use. The open-short ratio is remarkably good for a device es simple es this one, 

and the bridge has been used from 20 to ZOO MM. with excellent result'. Sine, the coupling between mein line end 

coupled line is on the order of 20 dB., there is very little loes in the min line, end the bridge will actually work 

doom to about e milleett (dependent e bit on frequency) in the mein line. Upper power limit is a function of the 

diode breakdom voltages using the specified 114270, I would feel uncomforteble with more than 100 netts at VHF in 

the mein line. Using the perte list given, this bridge can be built for less than 820, not including the coat to 

etch the pc board. 

R • jX BRIDGE ( RX M(TER) 

Although it is nice to know the input VSWR of your new design, there ere times when it muld be preferable to know 

the input Impedance es it actually exists et the frequency you actually intend to use it. For instance, perhaps the 
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data sheet does not cover the transistor you went to use in the mode you went to use it. You met then measure the 

device under sctual operating conditions to characterize end analyze the little rascal. Another use or the RI bridge 

is to meleed component values using actual teed lengths used in your circuit. You'd be surprised how many 

pleofersde a 100 pf. capacitor at 100 MHz. measures with helf-inch leeds ( it's darn near • short circuit). It is 

nice, siso, to be able to drive a hundred milliette or so of SW energy into e elms C amplifier transistor to be 

able to measure the input impedance under actual conditions. 

Met articles in the handbooks use either ser-surplue antenne tuning capacitors ( WW II, the le), or an unueuel 

"differential" capacitor made by the Heckeneec Capacitor and Store Door Compeny of Horse Cave, Kentucky -- it le only 

eveleble from Bill's Geroge end HI-Tek Component store in Esset Bumpoop, Tennessee., end then only on elternate 

Tuesdays. The one in this article uses one section of the RF tuning capacitor out of soy standard FM pocket redio. 

The resistive bridge is nothing more than our old friend the Wheatstone, with es much of the stray reactance es 

possible removed from the circuit by means of heavy ere bonding end the use of • braes ground plane behind the front 

of the chassis. See Photo 8 end Schematic 5. 

The reactance part or the bridge is also quite simples it is s parallel resonant circuit comprised of the 

aforementioned ri radio tuning capacitor end en inductor wound from Ole wire end tapped so the it could be 

switch-selected to various inductence velum. 

Once egein, most circuits of this type use • eensitive 50 uA meter as the null indicator. Not only are these meter. 

expensive, but if you happen to put in a little too much RF end the bridge le badly unbalanced, you now have your 

meter needle neatly wrapped around the peg of what wee your meter. I such prefer to use s garden-spec op-amp and 

limit the current out of the amplifier into • cheep 1 .A. meter to about 150% or full scale. It will still bang 

against the peg if overloeded, but it will not destroy itself in doing so. Not only that, but your sensitivity is 

about 10 timee greeter with the amplifier then with the straight meter. 

Calibration of the bridge is ether *temple. Input en RF signal at about one milleett et the lowest frequency for 

which full-ecele CCW rotation of the tuning capacitor (meximm capacitance) is nulleble at eme setting or the 

inductor. For this particular bridge, the frequency happens to be 30 MHz.. Null the sneer as best es possible end 

use carbon comp or cedeen film eeeee tore to calibre. the 500 oh» potentiometer. I heve celibretion merle from 10 

ohme to 2.2% ohm. Then take 20 pf. capacitors end celibrete the tuning capacitor. With the specified capacitor, 

you will be male to get make from 20 to 160 pi'. et )0 MHz.. 

To cas the bridge, simply input the desired RF signal end place the bridge tuning capacitor at mid-scale directly on 

one of the calibration marks. Tune the bridge potentiometer to infinity and adjust the inductor switch for beet 

null. Slightly adjust both timing capacitor end potentiometer for the deepest null obtainable. Then place the 

unknown toed across the toed terminals and adjust the capacitor end potentiometer for null. The resistive pert of 

the load is reed directly from the calibration marks of the potentiometer end the PARALLEL EQUIVALENT reactive part 

or the led is the DIFFERENCE between the starting point on the variable capacitor end the final null value. If you 

go clockwise, your load is that many picofereds capacitive, and if you go counterclockwise, the load is that 'any 

-picoreres" inductive. ( for those of you working wound digitel engineers, just start talking about inductance es 

being messured in picoferade and watch the strange looks on their feces.) 

The bridge rapidly loess accuracy Move 100 MHz.. This is due to the ether wide spacing of the front-panel 

componente ( see Photo 9) end the resultant parasitic inckeetence of the wires necessary to connect the components 

together. As this bridge wee meant for use on a 50 MHz. project, the frequency limitation wee net s great problem. 

If it over berme nec y to 1  the frequency range of the unit, t would probably do mey with the switched 

inductor ( the cause of molt of the peresitic inductance) and simply build • bridge for each frequency bend or 

interest. One fixed inductor with this capacitor ought to be able to cover an octave of useful range without s lot 

of treble. 

IF NOISE GENERAIOR 
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in the design of los-noise RF " front ends", the device or choice for final design tweaking is the good old Noise 

Figure Meter. This is e rather large and expensive instrument that uses a vacuum tube ( or e smell expensive 

instrument that uses a solid-state noise source) to produce en enact amount of broadband noise that may be used for 

en exact calculation or noise figure. The noise generator in this article will NOT give you an exact noise figure 

meaeurement, but will give you a method of tweaking your RI stage for beet noise performence. Given a very short 

equation and s couple of fairly easy measurements ( which you will have to take anyway for making up the 

specifications), the noise figure may be eselly eeleuleed. 

As those of us who thought we knew how to design power supplies round out, a diode in reverse breakdown ( i.e. a 

"zener") that is unbypessed for RF nukes a perfectly marvelous noise generetor. This noise generator makes use of 

the feet that • zener is wonderfully noisy and amplifies that noise in a wideband amplifier to produce about 15 del of 

"cares," noise. See photo 10 end Schematic 6. 

The old any to use one or these noise generators wee to set the volume control of the receiver under test to • 

reference level, input the excess noise »urea, end adjust the input amplifier conditions ( bias, tuning, input match, 

etc.) for best ratio of reference level to level with the excess noise input. The only problem was that with input 

changes, so changed the reference level, end thus it became en iterative sort of process -- set the reference, tune, 

set the reference, tune; set the reference... . got very old very quick. 

This generator, though, uses en audio Pecilletor to gate the noise source on end off. Now the engineer has the 

choice of viewing the output of his receiver on an oscilloscope and be able to look et the reference level and the 

excess noise level at the same time. Not only that, but by a judicious choice of gate frequency ( 1000 Hz.), the old 

standby "415" type of SWR indicator ( which le nothing more than e very nerromband 1000 Hz. meter calibrated in 

decibels) can be used as an indicator of beet noise figure. The entire noise generator le constructed on a mingle 

piece of wrap pc hoerd ( see Photo 11). 

Or course, this generator cannot be used for absolute noise- figure eseeurements, but by knowing the bandwidth of the 

receiver end the input signal to produce e given signal-to-noise ratio, the noise figure mey be easily calculated. 

CONCLUSION 

This paper wee meant mare es an introduction to the fledgling RF engineer into the wonderful world or making 

measurements on • shoestring then to the old-timer that has asen theee circuits being used for years. I do NOT 

begrudge the purveyors of kilobuck test equipnent the right to chuckle e bit et the homespun roughness of the cloth 

from which those test boxes were cut, but I would pent out that making end using equipment like this just whets the 

appetite to get your hands on a redly nice piece of gear. 

Not only that, but it's port of fun to see just how close 1 can come with one engineer using teckyseck ports to 8111 

end Deve's boxes that have hundreds of engineers using Mil-Spec pieces. You'd be eurprisedi try it, you'll like itl 
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new I The basic, elementary form of the detector. This is Old Faithful, I've replaced her input resistor a 

dozen times, her diodes more than once, and she just keeps on chugging. Building this detector on s PC board scrap 

makes repair mite simple end frequency response excellent pest 400 MHz. 

PHOTO 3. The splitter coax is shown rolled up to fit into the chassis. 

PHOTO 4. Ile innards of the howebrew VSWrt bridge. Once spain, the techniques nf huilding homehree circuits on scree 

PH(110 2. When the outside world interferes with the the detector, the only answer is to shield it. A nickel's worth CC boor) materisl sre illustrated. 

of breen prevents direct radiation into the diodes. 
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PHOIO S. If the hennrounterm want to see nerd, clean progress, then show them these circuite dolled up in 

ntore-hotmhten housing. 
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PHOIO 6. Dual meters on the faceplate make VSkIll meneurements e eingle knob task. 

PHOTO 7 The RF coupling linee on the beck of the chnesis ehow how the mirrnstrip design is implemented. the 39 ohm 

matching resistor is the central port of the photo. 
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P11010 9 the front panel of the Impedence Brirkqe shonen the brass ground plane below the RF front panel components. 

All RI ground connections are merle to thin breen plane. 

MODULAIION ON 

off glie 
CV NOISE ON 

PHOIO 10 he front panel of the Rf noise generator. Note that both continuous neine, m,d,10,1 nf'd nninm nff 
can be selected by the front panel switch. 

PHOTO 11 the home-brew circuit bnerd of the noise generator. Note that ell connections are made no short .8 

possible, and thet the scrap circuit board substrate is used to keep grnund lends es short ne possible. 
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DISTRIBUTED 2-20 GHz MONOLITHIC GaAs FET AMPLIFIER DESIGN 

by 
Gary G. Hawisher, EEsof Incorporated, Westlake Village, CA 

and 
Tim Aust, Hughes Aircraft Company, El Segundo, CA 

Introduction 

Distributed or traveling-wave amplifier designs have come into new light 

with the advent of HMIC technology [ I] [ 2] [ 3] [ 4]. The topology of a 

distributed amplifier, employing several active devices linked in a ladder 

structure, is practical and desirable to implement with FETs in GaAs PIKIC 

technology. When properly designed, the distributed amplifier will have a 

gain- bandwidth product which exceeds the gain- bandwidth product of the 

individual FET devices. Considering also that the coupling structure required 

to tie several FET devices together is broadband, leads to amplifier designs 

which exceed decade bandwidth. Now with GaAs foundries becoming more popular, 

MMIC design is within reach of many small companies that formerly could not 

enter the monolithic arena. 

Since tuning is generally limited on HMIC prototypes and the cost and 

time to build test circuits is high, the ability to accurately design and 

model the performance of a proposed monolithic design is vital. With highly 

accurate software now available on personal computers, many small companies 

can now afford the CAD tools available for circuit design which can greatly 
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0.91° 

46.6S1 

91S1 9131 
0.91 ° 

speed the design process, drastically reduce the cost of design, and improve 

circuit performance. 

The purpose of this paper is to demonstrate computer- aided design 

techniques with the design of a monolithic distributed amplifier. Although 

the amplifier described here has never been built, similar designs are being 

pursued by several major contractors. Touchstone (TM, EEsof Inc.) is used to 

perform the circuit analysis and optimization. 

basic Design 

The topology of the distributed amplifier ( Figure 1) consists of an 

input ( or gate) line, and an output (or drain) line, coupled together by 

several FET devices. 

91.fl in 91A 91 A 91 A 
0.91° 1.82° 1.82° 1.82° 

91 A 91A 91 A 
1.82 ° 1.82 ° 1.82° 0.91° 46.6n 

Figure 1. Basic topology of distributed amplifier showing final circuit 
values for 2 to 20 GHz amplifier 



The gate and drain lines form artificial transmission lines, each 

section loaded by parasitics of a FET device. This is the key to the success 

of the distributed amplifier. The capacitive parasitics of the FET on both 

the gate and drain side are absorbed into the low pass structure of the 

transmission lines. This allows a very broadband match into the FET as long 

as the cutoff frequency of the low pass line can be made sufficiently high. 

The lumped inductors which normally form the series elements of the low-pass 

line are implemented as electrically short microstrip transmission lines. For 

the distributed amplifier to function correctly, the gate and drain lines must 

have the same phase velocity. This assures summing of the signals at the 

output. Requiring that the gate and drain lines have the same cutoff 

frequency guarantees this. [ 2] 

The Constant-K Line  

The constant-k transmission line model is chosen as the basis for the 

gate and drain lines. This lumped ladder filter is composed of several LC 

sections as shown in Figure 2, and exhibits a constant characteristic 

impedance along the line. The simplified FET model is shown in Figure 3. 

L/2 L/2 

o Tc o 

Figure 2. A section of constant-K transmission line. 
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Cdg 
G D 

-F 
Cgs _VC 

R 1 

ids= 
gm Vc 

Rds 

Figure 3. Simplified FET model. 

Cds 

If the model is split into gate and drain sections, each section can be 

incorporated into the gate and drain lines as the shunt capacitive portion of 

a transmission line section. The characteristic impedance and cutoff 

frequency of the constant-k line are given by ( 1) and ( 2) for an ideal line. 

R — SQRT (L/C) (1) 

Fc — 1 / (PI*SQRT(L*C)) (2) 

The gate and drain lines will be lossy due to associated resistances of 

the FET. As mentioned before, the cutoff frequencies for the gate and drain 

lines should be the same, requiring that the LC product for the gate and drai 

lines be equal. 

••• • goad, "of 
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The FET Device  

In designing an amplifier, one of the most important aspects is device 

characterization. Generally, a test device is developed and S- parameters are 

measured. These S- parameters can be used directly in the computer design, or 

a device model can be developed which behaves like the measured device. It 

can be very useful to predict the performance of a hypothetical device which 

is modeled by an equivalent circuit linked to the fabrication process. 

Computer modeling is used effectively for modification of FET design to fit 

the circuit application. PI It is a major advantage in KMIC design to be 

able to tailor active devices to fit the application. 

This paper will not explore techniques for modification of the FET 

design to improve circuit performance except to estimate the effect of 

changing the gate width of the device. A realistic FET model is shown in 

Figure 4. 

This model is reported to match de- embedded S- parameters for a real 0.5 

x 250 micron FET over the 1 to 18 GHz range. [ 1] Changes in the electrical 

parameters due to changes in gate width are generally understood and can be 

estimated by simple equations. The computer model to generate S- parameters 

for an arbitrary gate width FET is shown in Figure 5. The equation capability 

of Touchstone (TM) is used to relate the device parameters to the gate width. 
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0.02pF 
G 2n 3n D 

0.24pF 

ill 

Figure 4. A realistic FET model. 

! Figure 5: This file is used to generate single gate and dual gate FET 
I parameters for arbitrary gate width FET devices. 
! For more information on model, see W. Kennan, N. K. Osbrink, " Distributed 
! amplifiers: Their time comes again" Part 2, Microwaves & RP, Dec 1984 

VAR 
GATE — 300 ! gate width of device 

EQN 
CM — 0.00014 * GATE ! width dependent device parameters 
Cgs — 0.00096 * GATE 
Ri — 250 / GATE 
Cdg — 0.00008 * GATE 
Rds — 62500 / GATE 
Rd — 750 / GATE 
Cds — 0.00024 * GATE 
Cdi — 0.00008 * GATE 

CET 
! basic FET model structure 
RES 1 2 R-2 
CAP 2 3 C"Cgs 



RES 3 4 R"Ri 

RES 4 6 R-2 
CAP 2 5 C"Cdg 

VCCS 2 5 3 4 M"GM A-0 R1-0 R2"Rds F-0 T-3 
DEF3P 1 5 6 FETMOD 

I single gate FET model 

FETMOD 1 2 3 
IND 3 0 L.-.04 

CAP 2 3 C"Cds 
RES 2 4 R"Rd 

DEF2P 1 4 FET1 FET300 1 name of FET sparameter file 
! dual gate FET model 
FETMOD 1 2 3 
IND 3 0 L-.04 

CAP 2 3 C"Cds 
RES 2 4 R"Rd 

FETMOD 3 5 4 
CAP 4 5 C"Cdi 
RES 5 6 R"Rd 
DEF2P 1 6 DFET I DFET 

OUT 

FET1 SPAR 
! DFET SPAR 
FREQ 

SWEEP 2 24 1 

Figure 5. Computer model which generates S- parameters for FET device. 

The simplified FET model is easily absorbed into the transmission lines, 

but does not consider feedback capacitance, which is a major contributor to 

performance degradation at high frequencies. The presumption here is that 

effective gate and drain capacitances for the realistic model still allow the 

desired gate and drain line performance. For some devices this may not be 

cure, and limited bandwidth may be required by the gain- bandwidth limitations 

of the matching network or to maintain stability of the amplifier. If this is 
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found to be true, an alternative device or design may be required to achieve 

the desired performance. 

One approach to improving the design is to incorporate dual gate FETs, 

with the second gate electrically grounded at RF frequencies. This 

combination behaves as a two- stage cascode device, which exhibits lower 

equivalent gate and drain capacitances, and thus extra bandwidth. [ I) The 

design approach will demonstrate the use of single gate FETs, then dual gate 

FETs will be substituted to illustrate the improvement. 

pbservations  

Understanding the factors influencing the performance of the design 

helps knowing what to expect as the circuit is modeled and analyzed. It also 

uncovers clues to improving the design. A close look at the theory of 

distributed amplifiers shows relationships involving time constants at the 

gate and drain of the FET. [ 2) These relationships indicate that frequency 

response of the amplifier is heavily influenced not only by the cutoff 

frequency of the gate and drain lines, but by the attenuation on the gate 

line. DC gain, on the other hand, is influenced by the Gm of the FET and 

attenuation on the drain line. There is also a relationship between optimum 

gate width and optimum number of FET devices used in the amplifier. [ 2] This 

could indicate that there is an optimum total gate periphery for a given 

distributed amplifier. 

um 
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The characteristics of the constant- k line deserve some thought also. 

For instance, the image impedance of the line is resistive below cutoff, and 

reactive above cutoff. Also, it is possible to maintain a constant cutoff 

frequency by holding the LC product of the line constant. These facts help in 

understanding how to tune the amplifier. 

Forming the Computer Model 

The first step in modeling the amplifier is to determine the equivalent 

shunt capacitance at the gate and drain of the FET for the desired operating 

conditions. This is easy to determine if the device is unilateral, or nearly 

so, since the equivalent capacitances can be read from the model directly. 

Most FETs are not unilateral because of the drain- gate feedback 

capacitance, and in fact this usually causes the device to be conditionally 

stable. The effective gate and drain capacitances for a non-unilateral device 

are modified by the "Miller effect, where the feedback capacitance is 

reflected into the gate and drain circuits for a particular load. 

When the PET is not unconditionally stable, it is a bit tricky since the 

equivalent capacitances cannot be determined from the simultaneous match 

conditions. In fact, the amplifier must be designed so that a deliberate 

mismatch occurs at the gate and drain in order to ensure stable operation. 

This limits the desired performance of the distributed amplifier since the 

equivalent capacitances cannot always be totally absorbed into the gate and 

drain lines. 

A look at the general stability of the 250 micron wide PET indicates 

some caution is in order. The device is conditionally stable at lower 

frequencies, but resistive terminations lie in the stable region on both the 

input and output planes. Using the computer to tune a rough matching circuit 

helps to visualize how the PET responds to various matching elements. Because 

of the difficulty in matching to the PET, full decade bandwidth will probably 

not be possible, at least not with good gain flatness. 

The tuning procedure allows a rough estimation of the equivalent 

capacitances at the gate and drain, 0.275 pF and 0.06 pF respectively. If the 

goal is a 2 to 20 CHz amplifier, the cutoff frequency of the gate and drain 

lines must be set higher than that, say to 24 GHz. 

To make the design simpler, two additional requirements are made. 

First, the image impedance of the gate and drain lines will be held near 50 

ohms to facilitate a broadband match to a standard load. 

Second, the series inductance of the lines is held constant, making all 

the lumped equivalent transmission lines the same impedance and length. This 

second restriction requires that the capacitances of the lines also be the 

same, so shunt capacitors of 0.215 pF must be added to the drains of the FETs. 

The inductance value of the constant-k line calculates to 0.625 nH. The 

inductors will actually be implemented as electrically short high impedance 

transmission lines, say 90 ohms, and the capacitors as electrically short low 

impedance transmission lines, say 50 ohms. Using the equations for a short 

and open circuited transmission line impedances, the electrical length of the 
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equivalent transmission lines is found to be 1.4 degrees at 1 GHz for the 50 

ohm lines and 2.5 degrees at 1 GHz for the 90 ohm lines. Linecalc (TM) is 

used to verify the reliability of the microstrip lines on 4 mil thick GaAs 

substrate. 

The rough design of a complete amplifier can be put together and 

optimized for the desired performance. Four FETs are arbitrarily included in 

the circuit. The optimization criteria are chosen to flatten gain to a 

reasonable value, maintain a match to 50 ohm source and load, and to require 

gain rolloff and reflection coefficients less than unity above the band of 

interest. The schematic for the optimized circuit file is shown if Figure 1. 

The final circuit file description is shown in Figure 6. 

Figure 6: This circuit file models a single gate PET distributed amplifier 
with 4 devices, with device parameters read from file FET250.S2P, 250 micron 

VAR 
L \ 0.91455 I length of constant-k half section inductor 
LEN \ 1.30722 ! length of drain capacitor 
ZI \ 91.05647 I impedance of constant-k inductance line 
RI \ 46.59919 1 terminating impedance of constant- k line 

EQN 
L2 — 
ZO — ZI 
R2 — RI 

CET 
TLIN 1 2 Z"ZI EL F-1 
S2PA 2 12 0 FET250 
TLIN 12 22 2-50 E"LEN F-1 
TLIN 21 22 Z"ZO EL F-1 
RES 21 0 R"R2 
TLIN 2 3 Z"ZI E"12 F-1 
S2PA 3 13 0 FET250 
TLIN 13 23 Z-50 E"LEN F-1 

2 * L 
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TLIN 22 23 Z"ZO E"12 F-1 
TLIN 3 4 Z"ZI E"L2 F-1 
S2PA 4 14 0 FET250 
TLIN 14 24 Z-50 E"LEN F-1 
TLIN 23 24 220 E"12 F-1 
TLIN 4 5 Z"ZI E"L2 F-1 
S2PA 5 15 0 FET250 
TLIN 15 25 Z-50 E"LEN F-1 
TLIN 24 25 Z"ZO E"12 F-1 
TLIN 5 6 Z"ZI EL F-1 
RES 6 0 R"R1 
TLIN 25 26 220 EL F-1 
DEF2P 1 26 AMP 

OUT 
AMP DB[S21] GR1 
AMP DB[S11] GR1A 
AMP DB[S22] CRIA 

FREQ 
SWEEP 2 24 1 

GRID 
GR1 0 10 1 
GR1A - 20 0 2 

OPT 
I in band optimization 
RANGE 2 20 
AMP DB[S11] < - 10 
AMP DB[S22] < - 10 
AMP D8[S21] — 7 

I out of band optimization 
RANGE 21 24 
AMP DB[S21] < 7 10 
AMP DB[S11] < 0 10 
AMP DB[S22] < 0 10 

Figure 6. Final circuit file description. 

Plots of the optimized results are shown in Figure 7, and a comparison 

with 3 and 5 FETs is shown in Figure 8. A comparison with 200 and 300 micron 

wide FETs shown in Figure 9. 
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0013211 

AMP 

10. 00 

O. MOO 

OD 0100 + 031:8111 

AMP AMP 

1103 F11110-012 24.20 

0. MO 

-10. 00 

-20. 00 

Figure 7. Single gate 2 to 20 GHz, 250 micron design, 4-FET amplifier results 

0100211 + 2013211 3E 0113211 

FETO FET4 FETE 

10. 00 

S. 000 

0. COCO 

1100 F1E0-042 2.020 24.00 

Figure 8. Three-, four-, and five-FET amplifier gain . 
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10.00 

5. 000 

o 03 C5211 + DB C321 « OB C5213 
AMP200 AMP250 41,300 

0.0000   

2.000 13.00 FRE0-41HZ 24.00 

Figure 9. 200, 250, and 300 micron FET amplifier gain. 

The overall bandwidth and gain flatness are indeed less than desirable. 

The total gain is low compared to what would be expected with a narrow band 

single state design, but this is normal for a distributed amplifier. The 

narrower bandwidth can be attributed to problems on the gate line. The gain 

and gain flatness can be attributed to problems on the drain line. There 

seems to be some tradeoff between improving the gate and drain lines. To 

achieve more reasonable gain flatness, the bandwidth is reduced to 2 to 14 GHz 

and the circuit is re- optimized. The results are shown in Figure 10. 



10. 00 

5.000 

0. 0000 

0 013C5211 
AMP 

DE11[522] DBCS113 
AMP AMP 

2.000 12.00 FRED-GHZ 24.00 

Figure 10. 2 to 14 GHz single gate amplifier results. 

0. 0000 

-10.00 

-20. DO 

In an attempt to improve both the gain and flatness, dual gate FET 

parameters are used in the design. The dual gate FET also has the advantage 

of gain control by adjusting the bias voltage on the second gate. The FET 

parameters are generated from an expansion of the single gate FET model into a 

two- stage cascode model. The gate width was reduced to 200 microns to make 

the device more stable. Since the overall gain and bandwidth were much 

better, the design goals were set to 9 dB gain and 2 to 24 GHz passband. The 

optimized results are shown in Figure 11. 

Ill DB IS211 
AMP 

12.00 

IL MO 

t5223 + 08 t5111 

AMP AMP 

0. 0000 
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 A \i  
0. 0000   -20. 00 
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Figure 11. Dual gate amplifier results. 

30.00 

What About Stability 

Stability is often a very difficult thing to prove. In order to 

properly prove stability on the amplifiers designed here, each interface of a 

FET to the gate and drain lines should be examined to determine the loads that 

each FET sees looking into the gate and drain lines. These loads can be 

plotted on the input and output planes for the FET to determine if they lie in 

stable regions. Looking at the amplifier response, the gain response and 

reflection coefficients at the input and output seem well-behaved, thus there 

is not firm reason to expect a near oscillating condition. There would be 

650 



OPIII Mal Pm Um Pm. Pull rug Pug Mill Pm Pool Pm! lime mg Mull "1111 "RI 

cause for worry if there was unusual gain peaking or reflection coefficients 

greater than 1 at the input or output. 

Conclusion 

A glimpse has been given into how an engineer can use computer tools to 

increase the speed of design and quality of circuitry. The techniques shown 

are applicable to state-of-the-art amplifier designs -- a mere taste of what 

the powerful tools available in computer- aided design can do for you. 
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